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DESIGN OF SUBWAVELENGTH TUNABLE AND STEER-
ABLE FABRY-PEROT/LEAKY WAVE ANTENNAS
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Department of Information Engineering
University of Pisa, Via Caruso 16, Pisa 56122, Italy

Abstract—The design of a thin tunable and steerable Fabry-Perot
antenna is presented. The subwavelength structure is analyzed
both by an efficient transmission line model and by full-wave
simulations. The tunable antenna consists of a low profile resonant
cavity made up of a Partially Reflecting Surface (PRS) placed in
close proximity of a tunable high-impedance surface. The active
ground plane is synthesized by loading the high-impedance surface
with varactor diodes. Such design allows both tuning the high-
gain operational frequency and obtaining a beam steering/shaping for
each resonant frequency. The transmission line model here presented
includes averaged analytical expressions for modelling the tunable
high-impedance surface and the partially reflecting surface. All the
theoretical speculations are verified by full-wave simulations on a finite
size structure.

1. INTRODUCTION

A Fabry-Perot antenna can be realized by placing a highly reflective
frequency selective surface at a proper distance from a ground plane.
The cavity, excited by a low gain antenna, converts an omnidirectional
field distribution into a highly directive one [1]. Such structure
is often addressed also as leaky wave antenna since its radiation
mechanism can be also interpreted in terms of leaky waves [2–4].
When the topic of metamaterial started to attract more attention,
this kind of antenna has been also interpreted as a lens based on
a zero permittivity superstrate [5, 6]. In the last ten years, many
authors analyzed the interesting properties of this antenna trying
to improve its efficiency, bandwidth and thickness. Regarding the
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thickness reduction, important improvements have been obtained. In
the case of a metallic ground plane, the cavity height equals λ/2 [7]. In
2005 Feresidis et al. presented a novel configuration where the electric
ground plane was replaced by an artificial magnetic conductor [8, 9].
This design calls for a cavity with a halved thickness with respect to
the original configuration. Such configuration was further improved
by exploiting a High-Impedance Surface (HIS) with a generic negative
phase response [10–12].

An interesting evolution of this structure is the transformation of
the antenna in a reconfigurable radiator. Indeed, the employment of
a tunable HIS [13, 14] in place of a static one allows the structure
operating for different frequencies [15]. In this configuration, the
employment of a tunable primary radiator could be necessary for
maintaining the impedance matching [16, 17]. According to the leaky
wave principles, a beam steering can also be obtained for every working
frequency by dynamically varying the phase response of the ground
plane (it determines a fictitious variation of the cavity height).

In this paper, a transmission line model (TL) [18] for analyzing the
radiation patterns is combined with an exhaustive analytical model for
high-impedance surfaces [19]. This analytical approach allows also to
consider the angular dependence of the HIS response in computing the
radiation pattern of the structure and the presence of active elements.

2. FORMULATION

The layout of the analyzed structure and its equivalent transmission
line circuit are shown in Fig. 1.

The antenna is analyzed by a transmission line approach in which
the source is assumed to be a horizontal infinitesimal electric dipole
inside the resonant Fabry-Perot cavity [20]. The original problem
of analyzing the far field radiation of the Hertzian dipole inside the
cavity is transformed into a scattering problem. Thus, the calculation
reduces to a calculation of the field in the position of the source dipole
due to an incident plane-wave. In the equivalent TL approach, this
corresponds to determining the voltage Vx in correspondence of the
dipole position. The voltage Vx is computed by solving the following
system of equations [18]:[

Vs − INRs

IN

]
=

[
A B
C D

] [
I0ZHIS

I0

]

[
Vx

Ix

]
=

[
A′ B′
C ′ D′

] [
I0ZHIS

I0

] (1)

where IN is the current in the N -th transmission line, Vs is the source
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Figure 1. (a) Layout of the analyzed structure and (b) equivalent
circuit.

voltage, Rs represents the free space impedance and A, B, C, D
constitute the chain matrix of the whole system. Such matrix can
be computed as product of the three matrices composing the system:

[
A B
C D

]
= [MPRS ] [M2] [M1] (2)

with

[Mn] =
[
cos (kzndn) jZcn sin (kzndn)
j sin(kzndn)

Zcn
cos (kzndn)

]
[MPRS ] =

[
1 0

1/ZPRS 1

]
(3)

where ZPRS represents the lumped impedance of the partially
reflecting surface (its expression is given below). The matrix A′, B′,
C ′, D′, representing the chain matrix of the transmission line between
the source and the load impedance ZHIS , is equal to M1. The voltage
can be computed both for TE and TM polarization by employing the
following relations:

kzn = k0

√
εrn − sin2 (ϑi)

ZTE
cn =

η0√
εrn − sin2 (ϑi)

, ZTM
cn =

η0

√
εrn − sin2 (ϑi)

εrn

RTE
s = ZTE

0 = η0/cos (ϑi), RTM
s = ZTM

0 = η0 cos (ϑi)

V TE
S = 1, V TM

S = V TE
S cos (ϑi)

(4)
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By solving the system in (1), the following equation for the voltage is
provided [18]:

Vx = Vs
A′ZHIS + B′

CZHISRS + DRS + AZHIS + B
(5)

Once computed the voltage for TE and TM polarization, the radiation
patterns can be obtained on both E plane and H plane by normalizing
the absolute value of the field magnitude to its maximum. The
expression of the field components in the two main planes are:

H-plane (φ = 90◦) : |Eφ| =
∣∣V TE

x

∣∣ ; E-plane (φ = 0◦) : |Eϑ| =
∣∣V TM

x

∣∣
(6)

The impedance of the partially reflecting surface, ZPRS , is not assumed
constant with the incident angle as in [20] but it is defined according
to the averaged boundary condition theory [21]. In this approach,
the impedance is derived assuming an average current on the plane
of the wires including the frequency selective surface. By applying
the Babinet theorem, the surface impedance of an array of patches
is obtained as well. These expressions are valid both for normal
and oblique incidence under the hypothesis of homogeneous array
(D < λ/3). In the present work, the PRS on the top of the cavity
consists of an inductive grid and its impedance reads [21]:

ZTE
PRS,grid = j ωµ0D

2π ln
(

1
sin(πw

2D )

)

ZTM
PRS,grid = j ωµ0D

2π

(
1− k0

keff

sin2(ϑi)
2

)
ln

(
1

sin(πw
2D )

) (7)

where keff = k0
√

εeff is the wave number of the incident wave vector
in the effective host medium, εeff = (εup + εdown)/2 represents the
effective permittivity of an equivalent uniform medium composed by
the two dielectrics surrounding the grid, D is the grid period, w is the
strip width and µ0, k0 are, respectively, the permeability and the wave
number in free space.

The load impedance in the equivalent circuit represents the surface
impedance of the high-impedance surface. Such impedance, computed
by the parallel connection between the impedance of the grounded
dielectric slab and the grid impedance of a patch array, reads [19]:

ZTE
HIS =

jωµ0
tan(kzdHIS )

kz

1−k2
0 (1+εrHIS ) P

π ln

(
1

sin
( πg

2P

)

)
tan(kzdHIS )

kz

(
1− sin2(ϑi)

1+εrHIS

) (8)
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ZTM
HIS =

jωµ0
tan(kzdHIS )

kz

(
1− sin2(ϑi)

εrHIS

)

1−k2
0 (1 + εrHIS ) P

π ln

(
1

sin
( πg

2P

)

)
tan(kzdHIS )

kz

(
1− sin2(ϑi)

εrHIS

) (9)

where P is the periodicity of the patch array, g is the gap width between
patches, εrHIS and dHIS are the permittivity and the thickness of the
dielectric slab composing the HIS, kz =

√
k2 − k2

t
is the propagation

constant along the normal of the slab and kt = k0 sin (ϑ) is the
transverse wavenumber.

The analysis of the tunable high-impedance surface is performed
by adding an additional lumped capacitor, in parallel with the
capacitance created by the patch array [14]. If we represent
the impedance of the capacitive patch array comprising the high-
impedance surface as a lumped capacitor (ZTE/TM

patch = 1/jωCpatch),
the introduction of the diode is done by placing the lumped element
impedance in parallel to the FSS impedance. As is well known, a
varactor diode can be represented as a series of a resistor and a
capacitor. The new capacitance of the patch array is well approximated
also by neglecting the presence of the series resistance (considering
realistic values below 10 Ω) of the diode:

CTE
patch active'Cvar+

Pε0 (1+εrHIS )
π

ln

(
1

sin
( πg

2P

)
)(

1− k0

keff

sin2 (ϑi)
2

)
(10)

CTM
patch active'Cvar +

Pε0 (1 + εrHIS )
π

ln

(
1

sin
( πg

2P

)
)

(11)

where Cvar represents the variable capacitance of the diode. The losses
of the varactor, taken into account by the series resistor Rvar, can be
included within the real part of the new patch array impedance as
follows:

RTE ,TM
patch active =

RvarC
2
var

R2
varC

2
varC

2
patch+(Cvar+Cpatch)2

' RvarC
2
var

(Cvar+Cpatch)2

(12)
The simplified equivalent circuit of the active capacitive FSS is
reported in Fig. 2. If the capacitance of the varactor is of the same
order of magnitude of the patch array capacitance, the effect of the
diode resistor as a series FSS resistance is equivalent to a resistor of
1/4 ·Rvar. At this stage, the losses of the high-impedance ground plane
can be studied as ones of a HIS composed by a resistive FSS [22].

In the full-wave simulations, these lumped varactors are connected
between all the neighbouring patches.
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Figure 2. Modelization of the patch array FSS loaded with varactors
which comprises the high-impedance ground plane.

3. TUNABLE AND STEERABLE ANTENNA DESIGN

By employing the active high-impedance surface it is possible to obtain
a tunable and steerable subwavelength cavity antenna. Indeed, the
operative frequency of the cavity can be approximately determined
through the ray optic analysis as:

f =
c

4hπ
[φR + ψR + 2nπ] , n = 0, 1, 2 . . . (13)

where h is the height of the cavity, ΦR is the phase reflection coefficient
of the PRS and ψR represents the phase reflection coefficient of the
artificial ground plane. By varying the reflection phase of the HIS, the
operating frequency of the cavity can be varied. Moreover, the cavity
height h results to be much smaller than a half wavelength since the
phase of the high-impedance surface assumes a generic negative value.

A change of the cavity height, by keeping constant the working
frequency, leads to a beam steering. This antenna, under the
assumption that the ground plane and the PRS behaves as a PEC
interface, can be seen as a leaky parallel-plate waveguide operating in
the n = 1 mode [20]. Considering that the phase of the ground plane
reflection can be changed by employing a HIS ground plane and the
phase of the PRS is not exactly equal to π, the radiation angle θ of the
antenna can be obtained as follows:

ϑ = cos−1

[
λ

4πh
(φR + ψR + 2nπ)

]
, n = 0, 1, 2 . . . (14)

In order to show the validity of these arguments, the formulas
previously presented are used for analyzing an example of a tunable
and steerable antenna.

A PRS has been designed as a planar inductive grid with a
periodicity of 22 mm and a strip width of 8mm. In order to get a
more reliable practical design, a supporting dielectric for the PRS
has been considered. The dielectric has a thickness of 3.2mm with
a relative permittivity equal to 2.55-j0.0048. The height of the cavity
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is equal to 13mm, which roughly corresponds to λ0/7 at the chosen
operating frequency of 3.4 GHz. The high-impedance surface consists
of a patch array printed on a grounded dielectric slab with the same
characteristics of the one supporting the PRS. The patch array is
characterized by a periodicity of 15 mm and a gap between the patches
of 1 mm. In Fig. 3, the reflection coefficient of the high-impedance
ground plane is computed as a function of the varactor capacitance.
The diode losses are considered by the series resistance Rvar with a
realistic value of 1 Ω. It has to be pointed out that the cavity does
not work in correspondence of the minima of the reflection amplitude
observed in Fig. 3(b) but it works for a frequency with a negative phase
response, namely after the resonance.
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Figure 3. (a) Reflection coefficient phase and (b) reflection coefficient
magnitude of the high-impedance ground plane as a function of the
varactor capacitance. The losses of the dielectric substrate and a diode
resistance of 1Ω have been considered in the calculation.

In Fig. 4, the radiation patterns of the structure are shown at the
operating frequency of 3.42 GHz, varying the diode capacitance. As
expected, this electronic variation leads to a fictitious variation of the
cavity height and a consequent steering of the beam. Moreover, this
active configuration can be used to change the operating frequency
of the antenna because, when the diodes polarization is changed, the
broadside operating frequency shifts towards lower values.

In Fig. 5, the directivity towards the broadside direction of the
antenna is shown for different polarizations of the active elements. This
figure shows that the variation of the capacitance value leads to a shift
of the maximum broadside directivity. Indeed, when the capacitance
value is increased, the reflection phase value of the high-impedance
surface at a given frequency decreases, leading to an equivalent higher
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Figure 4. Radiation patterns on the (a) E-pane and (b) H-plane at
3.42GHz obtained by varying diode capacitances.

Figure 5. Directivity towards the broadside direction by varying diode
capacitances.

cavity height. By employing realistic ranges of capacitance attainable
with commercial varicap diodes (i.e., 0.2 pF ÷ 1.6 pF), a wide range of
tunability of the structure is obtained. Indeed, the operation frequency
of the antenna spans an octave of bandwidth. The radiation patterns
in correspondence of the directivity maxima are pencil beam and the
beam steering can be obtained for every frequency by simply varying
the diode capacitance around the value that generates the broadside
pattern. The matching of the dipole antenna exciting the cavity over
all the frequency range can be obtained by exploiting the typical
sharp resonance generated by the resonance of the cavity on the input
impedance of the dipole [23, 24].

The transmission line model here described allows to analyze the
dependence of the radiation patterns on the angular stability of the HIS
and of the top PRS layer response. In Fig. 6, the radiation patterns on
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Figure 6. Radiation pattern of the antenna on E and H plane with
and without an angular stable impedance. The radiation pattern is
computed at 3.4GHz with a capacitance of the varactor equals to
0.2 pF.

the E and H plane are shown when the angular dependence of the PRS
impedances (both the grid impedance of the top layer and the patch
array impedance) and of the HIS impedance is considered or not. The
latter case is called PMC case since it assumes the HIS impedance
angular independent. When the angular dependence of the FSSs is
included in the model the radiation pattern of the antennas is more
directive than the other two cases. The angular dependence of the
grid array impedance is relevant on the E-plane since the impedance
of the grid is angular dependent for TM polarization only. The angular
dependence of the patch array impedance is instead relevant only on
H plane (see relation (10)). An angular independent capacitive FSS is
for instance an array of crosses [25, 26]. However, as it is evident from
Fig. 6(b), the angular dependence of the capacitive FSS comprising
the HIS has a weak influence on the H-plane radiation pattern since
the presence of the varicap, which is angular independent, attenuates
such dependency (see (10)).

4. FINITE SIZE ANTENNA

The analysis through the transmission line equivalent presented across
the paper is useful for understanding the radiation principles of the
structure but it is valid only for an infinite structure. As it is easy
to understand, the size of a real antenna is necessary finite and the
maximum gain of the structure depends on the aperture of the antenna.
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In this section, the analysis of a finite structure is accomplished by
a full-wave code, (Ansoft HFSS v.11). The parameters of the structure
are the ones mentioned in the previous section and the size of the
antenna is 33 cm × 33 cm × 1.9 cm. The aperture of the antenna is
roughly 3.5λ0 at 3.3 GHz but it corresponds to 2.2λ0 at 2 GHz. The
cavity height at the minimum operating frequency is roughly λ0/7 and
is smaller for lower frequencies.

The excitation of the cavity can be accomplished by a simple short
dipole, by a wideband elliptical dipole [27] or alternatively by a printed
patch antenna. It has to be pointed out that, if the polarization of the
diode is changed and the operating frequency of the cavity is lowered,
the dipole becomes much smaller than the original half-wavelength
dimension.
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Figure 7. Gain towards the broadside direction by varying diode
capacitances.

In Fig. 7, the maximum gain of the finite size antenna is reported
as a function of the diode capacitances. A good agreement with the TL
approach is observed with respect to the tuning range. The decrease of
the gain is due to the reduction of the antenna effective area when the
operating frequency is reduced. In Fig. 8, the radiation patterns on E
and H planes are reported for some of the directivity maxima. As it is
evident, at these frequencies, the antenna radiates towards broadside
direction. The radiation patterns in correspondence of the directivity
maxima are pencil beam.

The beam steering can be obtained in correspondence of every
frequency by simply varying the diode capacitance around the value
that generates the broadside pattern. In Fig. 9, the steering of the
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Figure 8. Radiation patters on (a) E-pane and (b) H-plane
in correspondence of the of the directivity maxima for different
capacitances.
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Figure 9. Radiation pattern at 3.3GHz on (a) E-plane and (b) H-
palne obtained by varying diode capacitances.

beam is shown at 3.3 GHz. As expected, by slightly varying the
value of the capacitor, the main beam is split in both planes giving
rise to a deep null towards the broadside direction. This property,
other than frequency reconfigurability, is applicable for synthesizing
smart antennas to Software Defined Radio (SDR) and Cognitive Radio
applications [28–30]. In SDR applications, from the antenna design
perspective, it is necessary to have a wideband coverage and a high
level of reconfigurability. In cognitive radio applications, it is often
assumed that the primary systems do not tolerate any interference from
the secondary systems, i.e., the interference temperature constraints
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Figure 10. (a) S11 of the short dipole antenna and (b) of the elliptical
dipole antenna as a function of the diode capacitance for the working
frequencies of the cavity.

(ITCs) are fixed to be zero. In this case, the constraints are called
null-shaping constraints [29].

Finally, the matching of the dipole antenna exciting the cavity is
discussed. In Fig. 10, the source matching across all the frequency
range is shown both in the case of a simple dipole of 44mm and
when the feeding source is a wideband elliptical dipole. The wideband
dipole is matched across the overall frequency range when employed
in freestanding case and it is characterized by a length of 60 mm and,
according to the design in [27], a ratio of minor to major axis of 150%.
In both cases the matching of the source is obtained since the Fabry-
Perot cavity determines a sharp transition on the input impedance of
the dipole at the resonance [23]. The use of the wideband dipole is
preferable since it allows obtaining a better matching as opposed to
the narrow band one. In order to reduce the mismatching losses of the
antenna, a printed patch antenna or alternatively, a tunable primary
radiator (e.g., tunable patch antenna) can be employed [16].

5. CONCLUSION

A tunable Fabry-Perot antenna, consisting of a dipole placed within
a subwavelength cavity formed by a tunable HIS ground plane and a
PRS superstrate has been analyzed using an equivalent transmission
line model. The use of an active HIS allows both tuning the frequency
of maximum broadside gain and obtaining a beam steering and
beam shaping for a fixed frequency. The results obtained by the
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equivalent transmission line model have been then verified by full-wave
simulations on a finite size antenna.
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