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Chapter 1: Introduction

The basic gm/lp-based design methodology for analog integrated circuits
introduced by Silveira, et al. in 1996 [1] is advanced in a 2017 book by Jespers and
Murmann [2]. It is emerging as an essential design technique as MOSFETSs scale to
7nm and beyond and the corresponding device models become ever more complex. For
example, the shrinking of the channel length introduces many short-channel effects
such as mobility degradation, drain-induced barrier lowering, etc. As a result, the
expected small-signal transconductance of the MOSFET derived from the large-signal
square-law model deviates significantly from simulation results (20-60%) [2]. As a
consequence, the classical analysis and design techniques based on the simple square-
law approximations are no longer adequate.

The gn/lp design flow is an empirical transistor sizing methodology that
employs Simulation Program with Integrated Circuits Emphasis (SPICE)-generated
lookup tables and plots [3]. It allows the designer to explore the space of performance
specifications such as small-signal voltage gain, transition frequency (fr), small-signal
transconductance (gm), power consumption, etc., in all of the possible saturation or non-
saturation (i.e., triode) operating regions (weak (i.e., subthreshold), moderate, and
strong inversion). This enables designers to quickly determine and compare first-pass
design choices and trade-offs when selecting transistor sizes. Moreover, the gm/lp-
based methodology provides good agreement with SPICE simulations.

The growing interest in gm/lp design techniques is demonstrated by many
recently published papers. For example, the systematic design and optimization of a
CMOS single-stage operational transconductance amplifier (OTA) using the gm/Ip
methodology was described by Sabry, et al. in 2018 [4], and related design automation
synthesis techniques were presented by Kumar, et al. in 2019 [5]. Of course, as CMOS
technology continues to scale to deep sub-micron minimum feature sizes (e.g., 7nm),
the total power supply voltage also scales down dramatically. Owing to minimum DC
bias voltage headroom and output voltage swing requirements, therefore, the use of
single-stage cascode OTA topologies is ever more restricted. These limitations can be
overcome using multiple gain-stage topologies such as the classical CMOS two-stage

OTA presented by Black, et al. [6]. Although the design of these low-voltage high-gain



topologies is arguably more difficult because frequency compensation is required to
guarantee closed-loop stability, the gm/Io methodology offers an easier and more
systematic exploration of the available design space which speeds synthesis.

Following this introductory chapter, Chapter 2 reviews both the gm/Ip prior art
and the CMOS two-stage OTA frequency compensation techniques. The gm/lp design
flow for a classical two-stage opamp with process, voltage and temperature (PVT)-
insensitive tracking Miller pole-splitting frequency compensation is detailed in Chapter
3 [6]. A key contribution of this work is the development of new SPICE-generated
lookup tables for sizing MOSFETSs operated in the triode region as needed with this
compensation technique. Chapter 4 explores the advantages and limitations of
subthreshold OTA designs and proposes device layout techniques that minimize critical
parasitic capacitances. Finally, Chapter 5 concludes this thesis.



Chapter 2: gm/lo Methodology and CMOS Two-stage OTA Frequency Compensation

2.1 gm/lp Design Methodology Prior Art
The gm/lp methodology disclosed by Silveira, et al. [1] enables the design of
CMOS analog integrated circuits such as operational amplifiers wherein the constituent
MOSFETSs can be operated in all possible regions from weak to strong inversion. The
method starts by considering the relationship between gm/lp and the normalized drain

current of the MOSFET, Ip/(WI/L), which can be expressed mathematically as
o ) ,ln[(’%

= —} 2.1)

Ip Vg

This normalization effectively means that gm/Ip is independent of the size (i.e.,
aspect ratio) of the transistor and therefore specifies a unique characteristic of the
NMOS and PMOS devices for each scaled technology node. In addition to being size
independent, the gm/Ip ratio is also a measure of the efficiency of converting DC drain
current to small-signal transconductance. As illustrated in Fig. 2.1, the highest values
of gm/lp are obtained with the transistors operating in weak inversion (i.e., the
subthreshold region) where Ip is an exponential function of Vgs. Conversely, gm/lo
decreases dramatically as the operating region moves from weak to moderate or strong
inversion where Ip is an approximately quadratic function of Vgs. Hence, biasing
transistors in the subthreshold region reduces power consumption because greater gm
is the obtained for the same DC bias current. Of course, this benefit trades off against
larger transistor sizes with greater parasitic capacitances. This tradeoff and layout
techniques to mitigate it are detailed in Chapter 4 which explores the practical
limitations of subthreshold two-stage OTA designs.

The gm/lp versus In/(W/L) graphs are useful design aids for determining the
initial sizing of the transistors for the various operating regions. A detailed design
example for the simple single-stage current-steering OTA of Fig. 2.2 is presented in [1]
for typical unity-gain frequency, load capacitor (C.), slew rate (SR), DC power
dissipation, etc., specifications. The gm/Ip ratio of the input pair is chosen near the
boundary between moderate and weak inversion which is near optimum for the low-

frequency voltage gain, unity-gain frequency, and unity-gain phase margin
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Fig. 2.1: Calculated and measured gm/lp vs. Io/(W/L) curves for both bulk and fully-
depleted silicon-on-insulator (SOI) [7] NMOS and PMQOS transistors (Fig. 1 from [1])

specifications. The gm/lp ratios for the current mirror and cascode transistors are
selected for strong inversion operation, primarily to save chip area. The transistor
channel lengths (L) ranged from 3um to 12um for the 3um SOl CMOS process. The
Early voltage factor which relates to the intrinsic output resistance in saturation is about

7V/um. The overall gm/lp design flow for this example is depicted in Fig. 2.3.

Fig. 2.2: The single-stage OTA designed using the gm/lo methodology (Fig. 2 in [1])
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2.2 Two-stage OTA Frequency Compensation

The two-stage OTA requires the addition of compensation circuitry in order to
guarantee closed-loop stability in the worst-case unity-gain closed-loop negative
feedback configuration. The simplest technique is Miller frequency compensation
wherein a compensation capacitor, Cc, is connected between the relatively high-
impedance output nodes of the first and second gain stages as shown in Fig. 2.4(a) [8].
It effectively creates dominant and non-dominant pole frequencies via the pole-splitting
mechanism.

The transfer function of the system is derived using the small-signal model of
Fig. 2.4(b) as
scc.

Vout(s) _ 9m19m6R1R2(1—gm6 2.2)
Vin(s) o SZR1R2(CCC1+C1CL+C1CC)+S(gm6R1R2CC+ Rz(CC+CL) + R1(C1+CC)) +1 '

It comprises two left-half plane (LHP) poles and one right-half plane (RHP) zero as
depicted in Fig. 2.5:

1
P/=———— P/ = -2 and 7, = Im¢ (2.3)
ImeR2R1Cc Cr Cc
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compensation via Cc (after Fig. 9 in [8]) and (b) a simple small-signal model

Im (s)

— : Without using capacitor

/\ /\ — : With Miller capacitor

Ims _ 1 1 1 _9mz
_C_L R,Cy, RiGy _gmszRlCC Ce Re (S)
—X% - - - )(, O
P’ P, Py Py Z

Fig. 2.5: Pole and zero locations of the two-stage OTA before and after frequency
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where P,’ and P," are the dominant and non-dominant pole locations, respectively,
after adding the Miller capacitor, Cc (Fig. 2.5). If the system only has two poles split
widely in frequency, its total phase shift at the unity-gain frequency is usually much
less than 180 degrees; i.e., it is stable. However, the simple Miller compensation not
only splits the two poles but also introduces a RHP zero which degrades closed-loop
stability by decreasing both the unity-gain phase and gain margins. Four different
design techniques have been proposed to mitigate the effects of the RHP zero while
maintaining the advantages of pole splitting compensation.

2.2.1 Cascode Feedback and Voltage Buffer Feedback Compensation Techniques

As mentioned above, the Miller compensation capacitor, Cc, creates a direct
path between the high-impedance output nodes of the first and second gain stages. The
resulting RHP zero caused by the direct coupling through Cc around the second stage
is explained as follows: At low frequencies, Cc approximates an open circuit so the
common-source second stage is inverting with a phase shift of -180°. At high
frequencies, however, Cc approaches a short circuit which effectively bypasses the
second stage and gives it a phase shift of 0°. Thus, with a negative feedback circuit
connected around the OTA, the overall negative feedback at low frequencies becomes
positive feedback at high frequencies due to the 180° total phase shift—the OTA
becomes unstable.

One technique that blocks feedforward through Cc but still keeps the feedback

current flow, C, %, from the second stage output back to the first stage output is

depicted in Fig. 2.6(a) [9]. M9 and M11 are biased at equal DC currents, grounded-gate
cascode device M10 connected between them provides a current steering path, and V,
functions as a virtual ground node [9][10]. As a result, the feedback compensation
current flows from the output of the second stage through Cc into the source of M10,
and then because M9 and M11 operate at constant DC currents, out of the drain of M10
into the output node of the first gain stage. The transfer function of the equivalent small-

signal model of Fig. 2.6(b) is found as:

Vout(s) _ Imi1gmeR1Rz (2.4)
Vin(s) SZR1R2C1(CC+ CL)+S(R1C1+ R2CC+ RzCL + gm(,RleCC) +1 '



P1 = _—1 and Pz = — gm6CC (25)

9meR2R1Cc C1(Cc+Cy)

As expected, the RHP zero is eliminated because feedforward through Cc is blocked.
The dominant pole frequency is unchanged but the non-dominant pole frequency is
increased because of the relatively small C; term in the denominator of P,. Thus, for
the same degree of unity-gain stability, an OTA compensated using the cascode

feedback technique can drive a larger load in accordance with (2.5).

Vdd

e,y EIE PRIV

M12

\Va Cc

Vl\ll :“yP " Vout

ML M2 im0 =
® F - L

i 'V'13j|J M3 |——||:M4<—F|zl — M L e I

-Vvdd
(a)
Vin o Vout
+
T 1 C.T RZ - CL
gmlvin Ry Ca C. —d:;ut ) ¢ gmevl
(b)

Fig. 2.6: (a) Cascode feedback frequency compensation technique (after Fig. 3(b)

in [9]) and (b) equivalent small-signal circuit model

A second technique that blocks feedforward through the compensation network
uses a uni-directional unity-gain buffer as shown in Fig. 2.7(a) [11]. Here transistor
M10 connected to Vour acts as a source follower; thus, the small-signal voltage V; at

the output of the buffer which drives Cc, is approximately equal to the feedback voltage,

Vour. By redrawing the small-signal circuit as in Fig. 2.7(b), the transfer function is:



vout(s) _ Imi19ImeR1R; (2.6)

Vin(s) SZR]_RzC]_(CC'l' CL)+S(R1 (CC + CL)+ RzCL + gm6R2R1CC) +1 '

where

P1 = — —1 and Pz = — gm6CC (27)
9meR2R1Cc CrL(Cc+C1)

Again, the RHP zero is eliminated. The main drawbacks of this technique are
increased power dissipation and decreased output voltage swing owing to the source-
follower stage. As compared to the simple Miller compensation of Fig. 2.4 in which
the highest output voltage swing is (Vdd - Vov-m7), the highest output voltage swing

using the voltage buffer is (Vdd - Vov-me - Vsg-m10) Which is less by Vsg-mio.

Vdd
:II M8 It M5 II:LII: M7
Va

:II M10 Vout

A e o

| Ref

MEE||——||: M4 <5|1 |—||I'V'6 1

(@)
Vin & . Vo
]
l :/ Vout
1 R2 - CL
Im1Vin Ry Tcl Ime V1
(b)

Fig. 2.7: (a) Indirect feedforward blocking using a unity-gain voltage buffer (after

Fig. 6 in [11]), and (b) the corresponding small-signal equivalent circuit
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2.2.2 Two-stage OTA with RC Frequency Compensation

Rather than adding power-hungry circuitry to eliminate the RHP zero, an
alternative series RC frequency compensation technique (Fig. 2.8(a)) can be used to
control its position so that it can be cancelled [6][10][12]. An important advantage of
this technique is no additional power consumption. The idea is illustrated via the

transfer functions derived from the small-signal model of Fig. 2.8(b):

c
Vout(s) _ Imi19meR1R2 [1—S(ﬁ —R.Cc )]

vin(s) asS3 +bS2 +cS +1 (2.8)
where

a= RyR,R.C,;C,C, (2.9)
b=R;R,(C,C, + CcCy+ C:C.) + R:C-(RCy + R,C) (2.10)
Using the dominant-pole approximation,

Pl ~ _ 1 ’ Pz ~ _ ImeCc ~ _9me and P3 ~ — 1 (212)

9ImeR2R1Cc C1C2+ CcC1+ CcC CL RcCq

7 = ——— (2.13)

1
Cc(= —Rg)
Ime

The zero frequency, Zi, can be controlled by adjusting Rc. Two possible
locations for Z; are of particular interest. First, with Rc = 1/gme, it is placed at infinity
and effectively eliminated. The system now has three poles (2.12) with the highest-
frequency pole, Ps, due to Rc; since Pz >> P; by design, the unity-gain phase margin is
determined primarily by P2. As a second (more attractive) option, the zero can be
moved from the RHP into the LHP and placed on top of P, which results in a pole-zero

cancellation. The required resistance is

Re = Setl (2.14)

9ImeCc

Comparing closed-loop stability in the two cases, the two-stage OTA is more
stable when P> is cancelled and the non-dominant pole Pz is placed above the unity-
gain frequency [6]. More specifically, when the RHP zero is placed at infinity, the
stability is determined by:
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Case I: P,>AvP; or Cc>Zm ¢,

m2

Conversely, if the RHP zero is moved into the LHP to cancel the second pole, the
stability follows from:

Case II: Ps>AvP; or Cc> /%C@
m2

If the target unity-gain bandwidth is the same in both cases, smaller Miller capacitance
means smaller gm: for Case Il than Case I. Thus, Case Il has several advantages
including lower power dissipation and smaller chip area.

vdd
g s M7
VNlHMl Vu A = vout
Rc Cc
|_Ref GD R1 M <—| =L C.
MEE“—‘—“: ve | [ RYE

III—D

'e) 'o) Vout

® <k T,V D SR,
gmlvin T _ gm6V1

-CL

(b)
Fig. 2.8: (a) Two-stage OTA with RC compensation, and (b) the corresponding small-

signal circuit equivalent circuit model [6][10][12]
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2.2.3 Opamp with Nulling Resistance RC Compensation

In an extension of the previous passive RC compensation technique, the
compensation resistance can be implemented using a MOSFET as disclosed by
Senderowicz, et al. [12]. More specifically, in the NMOS operational amplifier of Fig.
2.9, depletion-mode MOSFET M31 operates in the triode region and realizes a

compensation resistance of value:

Ririode = : (2.15)

W
xCox 7 (VDD—VDs-m18 = Ven)

Note however that since Ririoge depends on Vpp, any variation in Vpp changes the value
of Rc. It is also obvious that because of the direct connection to Vpp, this technique is
susceptible to power supply noise coupling into the sensitive signal path. Moreover,
variations in Vpp also create a frequency doublet with concomitant slow settling-time

due to the inexact pole-zero cancellation [13].

)

? Mz

Input “Level shify Single-ended Integrator Cuiput
Conversiaon

Fig. 2.9: NMOS depletion-load three-stage operational amplifier with active RC
compensation via M31 (Fig. 10 in [12])



13

2.2.4 Two-stage OTA with Nulling Resistor PVT-insensitive Compensation
A robust technique of frequency compensation using an active nulling resistor
that also provides PVT insensitivity is introduced by Black, et al. [6].

Vbp

. o

BIAS SECOND GAIN
ok - STAGE >
Fig. 2.10: Pole-zero PVT-tracking RC compensation and simplified DC bias circuitry
(after Fig. 7 in [6])

With reference to the two-stage CMOS OTA of Fig. 2.8, the compensation resistance
Rc is implemented using NMOS Ma in Fig. 2.10 biased in the triode region. Rather
than connecting the gate terminal to Vpp as in Fig. 2.9, however, Ma is DC biased by
diode-connected NMOS Mc in series with Vos. The bias circuitry is designed using
replication so that Vos = Ves me and Ves mc = Ves ma. Using simple square-law

derivations neglecting channel-length modulation, Ip and gm are expressed as

Ip = 202 2 (Vs — Vi,)? (2.16)
w
gm= \/2 “Ip  UxCox * T (2.17)

The necessary condition for pole-zero cancellation is

(). 1

CRCRE= in

IR

Where
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K = ms (2.19)

Imc

Since the pole-zero cancellation depends only on (W/L) ratios and a capacitance ratio,
this compensation method guarantees tracking of the ideally cancelled pole and zero
frequencies versus PVT variations. This technique has been used in the production of
billions of embedded CMOS two-stage opamps for more than four decades [6][14].
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Chapter 3: gm/Ip-based Design of a CMOS Two-stage OTA with PVT-insensitive
Nulling Resistor Frequency Compensation

3.1 MOSFET Triode-Region gm/lp Techniques [15]

The use of a MOSFET operated in the triode region to realize PV T-insensitive
RC frequency compensation is detailed in Chapter 2. With reference to Fig. 3.1, it is
achieved when the triode region small-signal conductance of M1. (g12) takes the same
form as the saturation region small-signal transconductance of Me (gms) [6]. PVT-
insensitivity is evident because the aspect ratio of M1> depends only on capacitance and
(WIL) ratios:

()= 10, G« &% @

This chapter extends the gm/Ip methodology to the design of MOSFETS operated in the

triode region for PVT-insensitive RC frequency compensation. For example, the two-
stage OTA of Fig. 3.1 shows the NMOS triode transistor M1> and its associated DC

bias circuitry used to realize R.

Vop

Ms
I e

I

iy

Tll: Mi; VN_II;Ml MZ:“—VP \:/’OUt

(‘D VG§ 11 V_GS 12.‘_|._(|3=C
| Ref M1o T CL
TII: Mio M3j|__| My + II: Me
VGS_ 10 Vese

l

Fig. 3.1: CMOS two-stage OTA with PVT-insensitive RC frequency compensation
wherein M2 operated in the triode region acts as the compensation resistance
(after Fig. 8(a) in [6])
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The small-signal conductance of triode transistor M12 which acts as the series

compensation conductance (i.e., 1/R12) is derived as

a1 d w Vps®
012 = TSS lvps=0 = s { Wy Cox (T)lz [(VGS = Vry)Vps — DZS ] } (3.2)
w
= Wy Cox (7)12 Voviz (3-3)
and Ri2 = g2t - ; (3.4)

hx Cox (), Vovaz
where Vov = Vs — Vi is the excess or overdrive voltage. From (3.3), gi2 depends on
design variables (W/L)12 and Voviz, where Vg1, = Viosio + Vesi1 - Vese (Fig. 3.1). For
PVT-insensitivity, Vgse = Vgs1o and Vgs12 = Vesit; thus, Voviz = Vovii. Egn. (3.3) is

normalized to conductance per unit width as

G12 C
—_— = Px Zox Vovlz (35)

With Vo2 = Voyi1, (3.5) can also be written as:

G12 C
—_— = Px Zox Vovll (36)

gm/lp decreases from weak to strong inversion (Fig. 3.2). In this design, all devices are
operated in moderate inversion with Vov = 0.1 V where gm/lp = 10 S/A for the NMOS
transistors. As a lower-power alternative design, however, the input pair, M:-M: (Fig.

3.1) may be operated in weak inversion with the optimum value of Vov (Chapter 4).

30 -

25 -

N
o
T

g, /I (S/A)
I

10

i L L L L 1 L
03 -02 -01 0 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8
Vo, V)

Fig. 3.2: NMOS gm/lp vs. Vov (180nm CMOS process)
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Thus, from (3.5), (3.6) and Fig. 3.2, there is a one-to-one correspondence between
G12/Wi2 and gm/lp. The SPICE plot of Griode/ W Vs. gm/lp for a practical range of L
values (Fig. 3.4) can be generated using identical NMOS devices biased as in Fig. 3.3.

T

M~ M
| | v
| 1 Ci)‘ 1] ol 0\
¢ V=01V
G5

Fig. 3.3. Bias circuits used to determine (via SPICE) the normalized NMOS small-

signal triode region conductance Gtriode/W VS. gm/lp (Fig. 5 from [15])

MN and MT are driven by gate bias voltage, Vs, which is swept from 0 to Vop
= 1.8V for the 180nm CMOS process. The drain bias of MN is set to Vpp/2 for
operation in saturation as in the standard gm/Ip lookup tables [1][2]. On the other hand,
the drain bias of MT (like M1 in Fig. 3.1) is set to 0 V in the triode region. The main
purpose of the SPICE simulations is to extract Gtriode VS. Vov for MT and gm/lp Vs. Vov
for MN. Because MN and MT have equal Vov values, the gm/lp values of MN and MT
are also the same as derived above. Finally, Girioge/ W VS. gm/lp for a range of L values

can be plotted as in Fig. 3.4.
3.2 Systematic Design of a Two-stage OTA using the Enhanced gm/Io Methodology

In accordance with standard practice, several calculations and assumptions are
made before beginning the gm/lpo design process. Typical target specifications are listed
in Table | for the prototype OTA in Fig. 3.1, and several performance parameters are

then calculated based on the specifications.
A. Low-frequency Small-signal VVoltage Gain

The overall low-frequency gain of the two-stage OTA is the product of the
voltage gains of the first and second stages:
Atotal = A1A? (3.7)

where
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400 l I
——L =600nm
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= 200 \
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© 100}
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0 l ‘ ‘ ‘ I
2 4 6 8 10 i b )
g / ID (S/IA)

Fig. 3.4: NMOS Gtrioge/ W Vs. gm/lIp over a typical range of L values (Fig. 6 from [15])

Design parameter Specification | Target with margin
Voltage Gain (dB) > 60 70
UGBW (MHz) > 50 70
Phase Margin (°) > 60 70
Input-referred Noise @ 10MHz (nV/VHz) <15 10
CL (pF) 5 5

Table 3.1. Target Design Specifications

_(gm/l ) m _(gm/l ) m
A1 = Gmi1(Torll T0s) = —2omi . ——2mi AIN] (3.8)

Toa| = A
_(gm/ID) . Ima 04_ 1P ” _(gm/ID)m4.

_(gm/ID) ] _(gm/ID)
Az = Gme(Tosll 107) = W * Im7To7| = A (gm/Tmé - Ap| (3.9)
| D) m7 | | D) m7

and A;p and Ay are the intrinsic voltage gains of the PMOS and NMOS devices.

B. Unity-gain Bandwidth (UGBW)

wy = Apotal Wp1

= 9 =27 UGBW (3.10)

c

where Cc is determined by the input-referred thermal noise specification (Table I).
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C. Unity-gain Phase Margin

The overall frequency response of the two-stage OTA of Fig. 3.1 comprises
three LHP poles and one zero. Ideally, the non-dominant pole, P,, is cancelled by Z,
after which the system has only two poles. Thus, P, is still the dominant pole but P; is

now the non-dominant pole which determines the unity-gain phase margin (PM):
Phase margin (PM) = 180 — tan~'(—%) — tan~1(=%) (3.11)
Wp1 Wp3
Since wpy << wy, tan‘l(:’—”) ~ 90", Thus, (3.11) can be approximated as
pl

Phase margin (PM) = 90° — tan~!(=%) (3.12)

(1)p3

For a specified value of PM, the location of w3 is

— Wy
Wp3 = an(eo— pm) (3.13)

Substitutin =_9ms__ in (3.13) gives
g wp3 C1(1+g—lc‘) ( )J
Ims _ Wy

Cy
C1 tan(90°— PM)

(1+Cc

) (3.14)

where C1 = Cyg—mz + Caa-ma + Cgg-me (Css—m12 is Neglected) is the total parasitic
capacitance at the output node of the first stage. Because these devices are all designed
to operate in saturation in moderate inversion, Cy,_use is the dominant component of

C1. Therefore, C; = C

99—Me Substituted in (3.14) gives:

frme = —22— = “u 1+ (3.15)

2nCgg-Me 2m-tan(90°— PM)

From (3.15), high fr is required for a large PM. Referring to Fig. 3.5 which plots fr vs.
gm/Ip for the NMOS devices, fr increases with shorter L values as is well known. Thus,
once gm/lp is determined, the final channel length of Me (Ls) is found from the PM

specification [16].
D. Input-referred Thermal Noise
The equivalent input-referred thermal noise power spectral density of the two-
stage OTA of Fig. 3.1 is
Su(f) = 2L |14 2] (3.16)

Imi

where y = 2/3 for Iong-channel transistors and is higher for submicron MOSFETS.



5 T T T T
——L =600nm
——L=700nm
———L =800nm
4 = 1
/L 600nm = monHin
~L =1000nm
——L =1100nm
5 B ——L =1200nm ||
=
e
at 2|
1,
0 | Il 1 1 1 Il 1 1 1 l Il 1 1 Il
1 2 3 4 5 6 7 8 9 10 11 12 13 14 15 16
g, /1, (SIA)

20

Fig. 3.5: NMOS ft vs. gm/lp for a range of L values. fr = 1.5 GHz at gm/lp =11 S/A

and L =700 nm (Fig. 7 in [15])
Using (3.10) with I,; = Iy, = Ip, Qives:

S.(f) = ¥ [1 + (fl]

wyCc (‘i_m)
D/q

3.2.1 Step-by-step gm/lp Design Flow for a Two-stage OTA [15]

Step 1: Specify Vov for all devices

(3.17)

Generally, Vov is determined by either the output voltage swing specification

or the region of operation as follows: weak (Vov < 0 V), moderate (0 < Vov < 0.2 V)

or strong inversion (Vov > 0.2 V) [1][2]. For simplicity in this design, all transistors

operate with Vov = 0.1 V. Hence, the corresponding g,,/Ip values are 11 S/A, and 10

S/A for the NMOS (Fig. 3.6) and PMOS (Fig. 3.7) devices, respectively.

Step 2: Determine the Compensation Capacitance, Cc

Cc is determined from the input-referred noise (3.17) and w, (3.10)

specifications. The desired thermal noise voltage spectral density is 10 nV/YHz with a

UGBW =70 MHz. These target values include practical margins in order to satisfy the

specifications over all possible PVT process corners. Finally, Cc = 1 pF for this design.
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Fig. 3.6: NMOS gn/lp vs. Vov. For all devices Vov = 0.1V and gm/lp = 11 S/A
(Fig. 3in [15])
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Fig. 3.7: PMOS gn/lIp vs. Vov. For all devices Vov = 0.1V and gm/lpo = 10 S/A
(Fig. 4 in [15])
Step 3: Find the PMOS and NMOS L Values
From Table 3.1, key targets are UGBW = 70 MHz and PM = 70°. PM = 70
also enables near-minimum small-signal settling time as depicted in Fig. 3.8 [17]. From

(3.15), PM = 70 requires fr = 1.15 GHz. Thus, Fig. 3.5 shows that at gm/Ip = 11 S/A,

o
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the NMOS length (L) should be L <800 nm. As described earlier, (3.15) assumes that
Cyg-me IS the dominant component of C1. To ensure a sufficient design margin, therefore,
the NMOS devices are designed with L =700 nm for f; =~ 1.5 GHz. The corresponding
intrinsic gain is A;y = 45 dB as shown in Fig. 3.9.

The PMOS length (L) is now chosen to meet the overall voltage gain
specification assuming the small-signal drain resistance r;; o L. The target total
voltage gain is Av = 70 dB. Initially, Av = 70 dB (3162 V/V) is (arbitrarily) divided
equally between the first (A1) and second (Az) stages with each at 35 dB (56 V/V). But,
the length of the NMOS (L = 700 nm) which corresponds to A;y = 45 dB (178 V/V)
has already been determined. Thus, A;, =39 dB (89 V/V) can be calculated using (3.7)
or A;p = 37dB (71 V/V) using (3.9). Since A;y > 35 dB gives some margin, the PMOS
L = 300 nm can be chosen which gives A;p = 38 dB (79 V/V) with gm/lp = 10 S/A as
shown in Fig. 3.10. Substituting A;y = 45 dB (178 V/V) with gm/lo =11 S/A and A;p
=38 dB (79 V/V) with gm/lo = 10 S/A in (3.8) and (3.9) gives A;prar = A1A, = [(53
V/V)(58 V/V)] = 3074 V/V = 70 dB.

60

m O
°‘\ Lk ay = 1000 V/V

f, =1000 HZ
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o
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o
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Fig. 3.8: Normalized small-signal settling time vs. unity-gain phase margin for a two-

stage OTA (Fig. 3 from [17])

Step 4: Determine the Small-signal Transconductances

The small-signal transconductance is calculated using (3.10), gm1—2 =0.44 mS
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with UGBW = 70 MHz. The transconductance of the second stage g,¢ iS determined

by the required cancellation of P, and Z,. By (somewhat arbitrarily) choosing w,, =

30 MHz, g6 = 0.94 mS is calculated from (2.12).

50 T . : . . .
L=1200nm\
45 fmm - —— -
40| I
) |
3 35+ | | ! ! |
=z I ——L =600nm
< ——L =700nm
30 I |——L=800nm |[]
I ——L =900nm
L I =L =1000nm | |
25
|l [—/——L=1100nm
—L =1200nm
20 1 1 1 Il 1 1 1 1 I 1 1 1 1
2 3 4 5 6 7 8 9 10 11 12 13 14 15 16
gm/ID(SlA)

Fig. 3.9: Intrinsic NMOS small-signal voltage gain Ain vs. gm/lp. Ain = 45 dB for
L =700 nm and gm/lp = 11 S/A (Fig. 8 in [15])
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Fig. 3.10: Intrinsic PMOS small-signal voltage gain A vs. gm/lp. Aip = 38 dB for
L =300 nm and gm/lp = 10 S/A (Fig. 9 in [15])
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Step 5: Sizing Transistors M1-Mzi»

The final PMOS WI/L ratios are found using the corresponding current density
plot in Fig. 3.11. It is assumed for this design (Fig. 3.1) that Ir,f = Ig = Iy = 20 PA.
Thus, from Fig. 3.11, I,/ W = 4 Alm with g,,,/ Ip = 10 S/A, and Wg = Wy = 5 pm.
Im1,2 = 0.44 mS requires I; = I, = 44 pA with Wy = W, = 11pm. I5 = 2I; = 88 pA so
Wy =22 pum. W is determined below.

The final NMOS W/L ratios are found from Fig. 3.12 where g,,,/ I, =11 SIA
and I,/ W =4 A/m. NMOS devices M,, and M,, are biased at I, =1;; = 20 JA s0
W0 = Wy; =5 um. NMOS simple current mirror devices M5 and M, are biased at I5
=1, =44 pA so W3 = W, =11 um. With g, = 0.94 mS, I, = 85 pA with Wy = 21.25
pm. For PMOS M, with I, = I, = 85 pA, W, = 21.25 um. M,, is sized using Fig. 3.13
and (2.14) which corresponds to R, = 6383 Q:

W12 = G1z (318)

GTriode
W12 gm _
(92 =11)

Therefore, W;, = 3 um. The final design values (I,,/ W = 4 A/m for M, - M;,) are
given in Table 3.2,

20

16

2 4 6 8 10 12 14 16
g, /1 (SIA)

Fig. 3.11: Normalized PMOS Ip/W vs. gm/Ip for a range of L values. Io/W =4 A/m
at gm/lo=10 S/A and L = 300 nm (Fig. 10 in [15])
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at gm/lo =11 S/A and L = 700 nm (Fig. 11 in [15])
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Fig. 3.13: Normalized NMOS Gtriode/ W VS. gm/lp for a range of L values. Grriode/ W =

52 1/Om at gm/lp =11 S/A with L =700 nm (Fig. 12 in [15])
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gm/lo (S/A) | Ip (MA) | Grriode/W (Q~1/ m) | W/L (um/um)

M, , (PMOS) 10 20 - 11/0.3

M; 4 (NMOS) 11 44 - 11/0.7

M; (PMOS) 10 88 - 22/0.3

M, (NMOS) 11 20 - 21.25/0.7

M, (PMOS) 10 44 - 21.25/0.3

Mg o (PMOS) 10 85 - 5/0.3
M1011 (NMOS) 11 85 - 5/0.7

M,, (NMOS) 11 - 52 3/0.7

Table 3.2. Nominal W and L Values for the 180 nm CMOS OTA of Fig. 3.1 [15]

3.3 SPICE Validation of the gm/Ip-based Design of a CMOS Two-stage OTA
with PVT-insensitive Nulling Resistor Frequency Compensation

The device sizes (Table 3.2) for the gm/Ip-based design of the 180 nm CMOS

two-stage OTA of Fig. 3.1 were determined assuming a nominal power supply voltage

(Vop = 1.8 V), room temperature (T = 27°C), and typical process parameters; i.e., the

TT2 “process corner” in Table 3.3.

Process Operating Voo Supply
Corner | Temperature | \/oltage (V)
(°C)
SS1 85 1.7
SS2 27 1.8
SS3 -40 1.9
TT1 85 1.7
TT2 27 1.8
TT3 -40 1.9
FF1 85 1.7
FF2 27 1.8
FF3 -40 1.9

Table 3.3. 180 nm CMOS Process Corners [15]
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SPICE simulations were used to validate the design. The open-loop voltage gain
and inverting phase shift responses of Fig. 3.14 predict a nominal low-frequency gain
of 68 dB, unity-gain bandwidth of 58.5 MHz, and unity-gain phase margin of 68°. Fig.
3.15 plots the input-referred voltage noise spectral density, which is 13.3 nV/[Hz]°® at
10 MHz. The closed-loop unity-gain frequency response is plotted in Fig. 3.16. All of
the target design specifications are met at the nominal TT2 process corner as validated
via SPICE (Table 3.4).
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Fig. 3.14: Open-loop frequency response at the TT2 process corner
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Fig. 3.15: Input-referred noise voltage spectral density vs. frequency



28

V (dB)

[ T T TTTI LU T T TTTI0] T T T TTT00 T T TTTI UL T T TTTT LU T T TTTI] T T 1T

6 9 10

104 10° 10
freq (Hz)

10 10 10 10

Fig. 3.16: Closed-loop unity-gain frequency response at the TT2 process corner

Specifications gz;lifs
DC Gain (dB) > 60 %
UGBW (MHz) > 50 265
PM (°) > €0 =
Input-referred noise
I
(nVAHz)
Cv (pF) > °
Cc (pF) ] &

Table 3.4. SPICE Simulation Results vs. Target Specifications at TT2 [15]

For high-volume production in industry applications, the final design should
also meet the target specifications of Table 3.1 over wide ranges of CMOS process
parameter values (i.e., slow (SS1, SS2, SS3), typical (TT1, TT2, TT3) and fast (FF1,
FF2, FF3)), temperatures, - 40°C < T < 85°C, and power supply voltages, 1.7 V < Vpp
< 1.8 V. Thus, extensive SPICE simulations are used to validate the final design over

the nine “process corners” listed in Table 3.3. The final SPICE simulations are
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summarized in Table. 3.5. MOSFET device performance is, of course, characterized
by a fundamental gain/bandwidth tradeoff. Thus, it is interesting to note that the margin
for UGBW is minimum for the slowest process corner SS1, whereas the margin for the
DC gain is minimum for the fastest process corner FF1. The final gm/Ip-based design

exceeds the target specifications over all nine of the 180 nm CMOS process corners.

Process | DC gain | UGBW | pp\ ©)
Corner (dB) (MHz)

Spec. > 60 > 50 > 60
SS1 67.6 53.3 68
SS2 69 56.7 68.7
SS3 71.8 66.4 69
TT1 66.4 56 67
TT2 68 58.5 68
TT3 70.3 67.5 69
FF1 65.6 59 66
FF2 67 61 67
FF3 69 69 68.2

Table 3.5. Two-stage OTA Performance vs. 180 nm CMOS Process Corners [15]



30

Chapter 4: gm/Ip-based Design of an Ultra-low-power CMOS Two-stage OTA with
PVT-insensitive Nulling Resistor Frequency Compensation
4.1 Overview of MOSFET Operation in Weak Inversion

The two-stage OTA of Fig. 3.1 was a critical analog IC building block in the
first CMOS PCM Filter chip introduced in 1980 [6][14]; it contributed to the paradigm
shift from analog to digital telephony worldwide. More than four decades later, and
after the production of tens of billions of units, it continues to play a key role in the
majority of modern commercial mixed-signal/RF IC products. For a typical design of
the OTA of Fig. 3.1, M1-Mu; are operated in the saturation region in moderate or strong
inversion whereas M2 is operated in the triode region to realize the resistance required
for frequency compensation. Based on “conventional wisdom” and for simplicity, Vov
= 0.1 V was chosen for all twelve MOSFETS in the design of Chapter 3.

The aim of this chapter is to extend the gm/lp-based synthesis techniques to the
optimum design of a low-voltage ultra-low-power OTA as required for biomedical
applications, for example. Rather than making an educated guess for Vov as before,
SPICE simulations are first used to plot a figure-of-merit defined as the product of gm/lp
(power efficiency) times fr (speed) vs. Vov as shown in Fig. 4.1 [2]. Clearly, the choice
for optimum speed/power performance is Vov = 0.15 V in the moderate inversion
region. In addition, tradeoffs are also considered for the operation of the M1-M2 input

pair in weak inversion for ultra-low-power applications.
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Fig. 4.1: gm/lp X fr vs. Vov [2]
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As CMOS technology continues to scale to deep sub-micron minimum feature
sizes with ever smaller power supply voltages, the minimum DC bias voltage headroom
requirements for the classical two-stage OTA of Fig. 3.1 render it unattractive.
Specifically, the DC bias circuitry requires Vop > (Ves-m10+ Ves-mi1 + Vsp-ma) = (2Vin
+ 3Vov) = 1.5 V. This limitation is mitigated using the alternative PV T-insensitive
Miller frequency compensation concept patented by Brehmer and Fisher in 1984 [18].
Although the idea was innovative, the proposed implementation in Fig. 1 of the patent
is not correct because an NMOS k’-generator bias circuit was used with a PMOS
common-source second gain stage—the ki’ and kp’ values do not cancel or track with
PVT variations. The design shown in Fig. 4.2 with true PVT-insensitive Miller
frequency compensation was described recently by Kuo, et al. [19], wherein the DC
bias circuitry requires Vop > (Vbps-m10+ Vsc-m9) = (Vin + 2Vov) = 0.75 V.

CMOS integrated circuits for biomedical sensors and other implanted devices
not only need to be ultra-small for portability but also ultra-low power to ensure long
lifetimes with physically small batteries and negligible heat damage to body tissue.
Thus, weak inversion operation should be exploited when practical. The next section

explores weak inversion operation for the M:-M: input-pair in Fig. 3.1 or Fig. 4.2.

Bias First Stage Second Stage

II:'VH

Compensation

—WW—Hf—_L

CL
' 1
B

i
Vss =

Fig. 4.2: CMOS two-stage OTA with low-voltage PV T-insensitive Miller frequency
compensation (Fig. 3 in [19])
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4.2 Comparison of gm/Ip-based Designs as the Input Pair of the CMOS Two-stage

OTA is Biased from Moderate to Weak Inversion

To investigate the design space for weak inversion operation, which is highly
desirable for ultra-low-power biomedical applications, for example, gm/lp-based
techniques are extended to redesign the two-stage OTA of Fig. 3.1 with the PMOS
input-pair, M1-M>, biased from moderate to weak inversion with Vov =0.1V, 0.05 V,
0V,-005V,-0.1V, -0.15V and -0.2 V, respectively As described above, all other
devices are biased at Vov = 0.15 V for all seven cases. As Vov of M1-M is decreased,
the corresponding PMOS gn/Ip value increases monotonically for a given L as
illustrated in Fig. 4.3. (Note: Same as Fig. 3.7 but with Vov = 0.15 V). This study
quantifies the tradeoff between power dissipation and chip area as Vov for the input

stage is varied from moderate to weak inversion.

g/l (SIA)

02 01 0 01 02 03 04 05 06
Vou (V)
ov

Fig. 4.3: PMOS gm/lp vs. Vov. For all PMOS devices except the input pair, M1-Ma,
Vov=0.15V and gn/lp =8 S/IA

The PMOS lengths (L) are determined from the voltage gain specification. As
shown in Fig. 4.4 (Note: Same as Figs. 3.7 and 3.10 but with Vov = 0.15 V), higher
gm/lp values correspond to higher voltage gains for a given L. For L = 300 nm, for
example, the voltage gain is minimum at gm/lo = 10 S/A where Vov = 0.1 V and
maximum at gm/lp = 27 S/A where Vov =-0.2 V. Thus, the same lengths (L = 300 nm)
are used for the PMOS input pair, M1-Mg, for all seven designs. The target design
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Fig. 4.4: Intrinsic PMOS small-signal voltage gain, Aip, vSs. gm/lp. Aip = 36 dB for
L= 300 nm and gm/lp = 8 S/A (Fig. 9 in [15])

specifications are identical to those in Table. 3.1. The NMQOS devices with Vov =
0.15 V correspond to gm/lo =9 S/A as shown in Fig. 4.5 (Note: Same as Figs. 3.6 and
3.9 but with Vov = 0.15 V).

The design flow follows the steps outlined in Chapter 3. Step 3 suggests f; =
1.2 GHz for PM = 70°. Thus, from Fig. 4.6 (Note: Same as Fig. 3.5 but with Vov =
0.15 V), the NMOS lengths should be less than 900 nm. Considering design margins,

the NMOS transistors are designed with L = 700 nm in all seven designs.
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Fig. 4.5: NMOS gn/Io Vs. Vov. For all NMOSFETS, Vov = 0.15 V and gu/lo = 9 S/A
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Fig. 4.6: NMOS fr vs. gm/lp for a range of L values. fr ~ 2 GHz at gn/lp=9 S/A
and L =700 nm

After the initial selection of the NMOS and PMOS device lengths, the total low-
frequency voltage gain should be rechecked. First, from Fig. 4.4, Ap = 36 dB, and from
Fig. 3.9 with gm/lp =9 S/A and L = 700 nm Ain = 43 dB. Next, Av is computed using
(3.8) and (3.9) for the worst-case condition with Vov = 0.1 V for the NMOS input pair,

Mi:-M2. Hence, the corresponding small-signal voltage gain is Av = AiAz
(54.6 VIV)(45.1 VIV) = 2462.2 VIV = 67.8 dB, which is comfortably above the Av

60 dB target specification. However, the target unity-gain phase margin specification

(PM = 60°) is unmet by surprisingly large amounts for deep subthreshold operation of
M1-M2 with Vov =-0.1V, -0.15 V and -0.2 V. The UGBW target was also missed at
Vov = -0.2 V. The practical tradeoff between power dissipation versus closed-loop

stability is detailed below.

4.3 SPICE Simulation Results for the gm/lp-based Designs as the Input Pair of the
CMOS Two-stage OTA is Biased from Moderate to Weak Inversion

The step-by-step gm/Ip design flow detailed in Chapter 3 was repeated to
synthesize the seven two-stage OTA designs with PMOS input-pair Vov values ranging
from 0.1 V (moderate inversion) to -0.2 V (deep weak inversion). SPICE simulations
were then used to determine the typical (TT2) performance parameters as summarized
in Table 4.1.
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Case I I I v | v | v | vl
Vov of M1-M; (V) 02 | -015| -01 |-005| 0 | 005 | 01
Gain (dB) 73 | 726 | 72 | 71 | 70 | 69 | 67

Unity-gain BW (MHz) | 29.3 | 44 | 566 | 62 | 615 | 62 | 59

Phase Margin (°) 14.6 33 55 66 722 | 7135 | 753

Input-referred noise

106 | 10.6 | 10.7 | 108 | 11.4 | 11.7 | 13
@ 10 MHz (nV/\Hz)

First-stage Power
o 0.06 | 0.07 | 0.07 | 0.09 | 0.1 | 0.13 | 0.15
Dissipation (mW)

Total Power Dissipation
(mW)

024 | 025 | 025 | 0.26 | 0.28 | 0.31 | 0.33

Cc (pF) 1 1 1 1 1 1 1

Table 4.1. SPICE Simulation Results vs. Vov of M1-M»

These astonishing results show extreme failures (highlighted in red) to meet the
PM specifications for Vov < -0.1 V. The main reason for the sharp reduction in PM is
that the assumption used in Step 3 in Chapter 3 that Cyg-ms is the dominant component
of C1 no longer holds as illustrated in Fig. 4.7. It is also clear from Fig. 4.7 that the
power savings for Vov < -0.1 V is relatively insignificant. More importantly, whereas
Cud-msa and Cgg-me remain relatively constant as Vov is decreased, Cdd-m1,2 becomes
dominant for Vov <-0.1 V with a concomitant dramatic increase in small-signal settling
time as predicted from Fig. 3.8. The key conclusion is that if small-signal settling time
of the OTA is a critical specification such as in some switched-capacitor circuit
applications, for example, operation in deep weak inversion should be avoided.
Although Fig. 4.7 depicts a serious limitation for deep weak inversion OTA
designs, some improvements in performance can be achieved by using non-standard
layout techniques for critical devices. For example, Cgdd-m1,2 comprises Cgg-m12 and
Cdb-m1,2. To a good approximation, Cgd-m1,2 IS constant for all three regions of operation:
Cgd-m1,2 = Coverlap W (4.1)
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Fig. 4.7: DC bias current of the PMOS input pair and the parasitic capacitance
components, Cgdd-m1,2, Cdd-m3.4 and Cyg-ms, that comprise C: at the output of the first

stage vs. Vov values in strong, moderate and weak inversion [20]

whereas Cab-m1,2 IS approximately given by [3]

AD-Cy PD-Cyjsw
VDB\MmJ VDB\Mjsw
(1+%p) (1+%5)

Cdb-m1,2 =

(4.2)

where AD and PD are the area and perimeter, respectively, of the drain diffusion. From
(4.1), Cgd-m1,2 is proportional to the width of the PMOS input pair, which follows from
the design value of Vov. From (4.2), however, Cgb-m1,2 depends on the AD and PD of
the input transistors M1-Mo>. Thus, if AD and PD are reduced, not by design, but through
layout, Cadd-m1,2 becomes a smaller contributor to the total parasitic capacitance, Ci.
Based on this observation, the AD and PD values for three different M:-M transistor
layouts with approximately equal W and L values are compared in Fig. 4.8 using
universal A layout rules with A = 90 nm for a 180 nm CMOS process.

Although the area (AS) and perimeter of the source (PS) are both significantly
increased compared to the conventional layout, the resulting large Css-m1,2 parasitic
capacitance has virtually no effect on the performance of interest because it is

connected to the common-source node of the input pair which is not in the signal path.
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Fig. 4.8: Three different layouts: (a) Standard, (b) multi-finger, and (c) u-shaped
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The standard, Fig. 4.8(a), and u-shaped, Fig. 4.8(c), layouts have W = 22 A,
whereas W = 21 X for the 3-finger layout in Fig. 4.8(b). L = 2 X in all cases. Note that
AD is reduced by nearly 4X from 132 A? (standard) to 84 A2 (3-finger) to 36 A% (u-
shaped) across the three layouts. Similarly, PD is reduced by almost 6X from 34 A
(standard) to 31 A (3-finger) to 6 A (u-shaped). These simple, but non-standard, layout
techniques do not cost any additional power dissipation or require any design

modifications, but PM performance is improved significantly as shown in Table 4.2.

Table 4.2. Comparative PM Results for the Three Layouts (Fig. 4.8) of M1-M>

Vovof Mi2(V) | -02 | -0.15 | -0.1 | 005 | O 005 | 0.1
Gain (dB) 73 | 728 | T2 71 70 69 67

Unity-gain BW
(MHz)

Phase margin (°) | 14.6 33 55 66 72.2 73.5 75.3

29.3 44 56.6 62 61.5 62 59

STANDARD

Vov of M1-2 (V) -0.2 -0.15 -0.1 -0.05 0 0.05 0.1

Gain (dB) 73 72.7 72 71 70 68.4 67
Unity-gain BW
(MH2) 33 475 58.6 63 60.6 61 58.3

Phase margin (°) | 14.5 36.5 58.7 68.4 73.5 74.6 75.8

THREE-FINGER SEGMENTED

VovofMia(V) |-02 [-015 |01 [-005 |o 005 |01
Gain (dB) 73 727 |72 71 70 69 67
Unity-gain BW | 5,5 | 49 507 |6434 |61.8 |625 |59
(MHz)

Phase margin (°) | 19 39.7 60.4 69 73.6 74.5 75.8

U-SHAPED



39

Chapter 5: Conclusions and Future Work

As CMOS technology scales relentlessly to deep sub-micron minimum features
sizes (e.g., < 10 nm) and uses three-dimensional FINFET devices, the conventional
analog circuit design techniques based on simple square-law approximations that have
persisted for more than four decades are no longer viable. More specifically, the
discrepancies between expected performance parameter values in such designs and
detailed SPICE simulations are approaching an order of magnitude.

The gm/lp-based design methodology, introduced by Silveira, et al. in 1996 [1],
introduced a graphical design approach using SPICE-generated lookup tables intended
to augment (and eventually replace) the conventional heuristic design approach based
on increasingly more inaccurate square-law approximations. Only in recent years with
the publication of a book on the subject by Jespers and Murmann in 2017 [2] has the
approach gained in popularity in the industry.

One goal of this thesis was to present a clear and convincing gm/lp-based
synthesis example of the most important CMOS two-stage OTA that has been in high-
volume production around the world since 1980 [6]. That design uses a MOSFET
operated in the triode region to realize the series frequency compensation resistance.
Another major goal was to introduce and include a SPICE-generated lookup table for
triode transistors into the gm/lp-based design flow. The performances of the synthesized
circuit was in good agreement with SPICE simulations over the full practical range of
CMOS process, voltage, and temperature variations.

It is well known that it is advantageous to operate some devices in weak
inversion for ultra-low-power applications. The second major goal of this thesis was to
investigate this second class of analog IC designs using the gm/lp-based design
methodology for the same two-stage OTA. The results illuminated a severe tradeoff in
power dissipation versus performance for these applications. Layout techniques were
proposed that ease this tradeoff.

Future work will involve the extension of the gm/Ip-based techniques to other
classes of analog integrated circuits. One example is the synthesis of CMOS ring
amplifiers that operate dynamically between strong, moderate and weak inversion.

Another area of interest is the synthesis of CMOS wideband analog circuits.
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