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1. Introduction

1.1. Background and Motivation

The investigation of high-speed radio-frequency (RF) transceivers becomes pop-
ular nowadays due to the increasing need for high-speed wireless data transfer.
These transceivers support multi-Gbps data rate which enables high-speed com-
munication and high-resolution radar applications. Based on the Shannon-Hart-
ley’s information theorem [1], one effective way to improve data rate (or
throughput) is to increase the signal bandwidth. Inherently, millimeter wave
(mm-wave) frequencies offer larger available signal bandwidth and are there-
fore attractive for high-speed transceivers. However, the high path loss of mm-
wave frequencies requires a transmitter (Tx) with high output power and a re-
ceiver (Rx) with high sensitivity; both are challenging in mm-wave frequency
circuit design. One effective way to compensate high path loss and improve the
signal to noise ratio (SNR) is to employ phased array techniques.

15 20 25 30 35 GHz

VSAT (Downlink) Radar Applications

Figure 1-1. Spectrum of main Ka-band applications
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The Ka-band usually refers to the frequency range from 26GHz to 40GHz. As
shown in Figure 1-1, typical Ka-band applications are downlink of VSAT! (Very-
Small-Aperture-Terminal), LMDS (Local Multipoint Distribution Service), and
radar applications, i.e. military radar and traffic radar for speed detection. More-
over, the P2P (Point-to-Point communication) applications with distributed
bands from 9GHz up to 40GHz partly locate at the Ka-band as well, e.g. the
wireless backhaul of base stations in cellular communication. Driven by the
high-performance requirements, the market for these applications is still domi-
nated by III-V compound technologies such as GaAs (Gallium arsenide), etc.
Compared to the silicon-based technologies, these compound solutions have
lower integration level thus have a higher cost. Meanwhile, the continuous
downscaling of silicon-based technologies, i.e. CMOS (Complementary Metal-
Oxide-Semiconductor) and BiCMOS (with also bipolar junction transistors), has
enabled to realize mm-wave integrated circuits (IC) in silicon using devices with
fr>200GHz, and minimum noise figures (NFuin) of less than 1.5dB [2]. Therefore,
an interesting research topic is how to realize these Ka-band RF ICs with com-
petitive performance using the silicon-based technology, which will reduce the
cost and increase integrated functionality.

To further improve the integration capability and reduce the cost, a generic RF
transceiver can be used to cover multi-bands from one application or cover
multi-applications. For instance, a single wideband receiver can be used to re-
ceive the different P2P bands at Ka-band instead of using multiple narrow-band
receivers. The reception of different bands can be realized by changing the local
oscillator (LO) frequency.

The target of this work is to explore and investigate the possibility of realizing a
wideband phased array receiver at Ka-band using silicon-based technologies
with competitive performance.

1.2. Problem Statement

Compared to III-V devices, silicon-based technologies have higher intrinsic NFumis,
higher substrate loss and larger parasitic capacitance to the substrate. As a result,
the problem statement of this thesis is:

1 The uplink of Ka-band VSAT is at 29-31GHz but the downlink locates at 18-22GHz.
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How to design wideband phased array receiver at Ka-band in silicon with com-
petitive RF performance.

Specifically, the whole problem statement can be divided into two parts:

1. How to design wideband LNAs in silicon with low noise figure at Ka-band.
2. How to design wideband true-time-delay (TTD) phase shifters with low in-
band delay error.

1.3. Aim of the Thesis

The thesis aims to carry on research in high performance mm-wave wideband
phased array receiver. More specifically, this thesis will aim at design method-
ologies and techniques that can help reduce the NF of the LNAs and improve
the delay flatness of the TTD phase shifters in silicon, and more specifically: BiC-
MOS.

1.4. Scope of the Thesis

This thesis will mainly focus on the front-end of a phased array receiver, which
consists primarily of an LNA and a TTD phase shifter. Different versions of
LNAs and phase shifters will be investigated and compared. Additionally, two
different LNA/TTD frontends will be discussed, i.e. a low power version and a
high power version, which could suit for applications with different power and
linearity requirements. In the end of the thesis, a multi-channel phased array
receiver will be discussed to provide a system level picture of this work.

1.5. Proposed Approach

To overcome the two main challenges discussed in Section 1.2, several ap-
proaches are proposed:
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A. From the circuit level:

- Different LNA topologies will be compared and analyzed, from which the
most proper topology of the given technology and frequency is selected. To op-
timize noise performance, different noise matching techniques will be investi-
gated during the LNA design. Finally, alternative LNAs will be designed with
different trade-offs between NF, gain, linearity, and power consumption.

- Explore delay variation (delay error) reduction techniques and prove the con-
cept by silicon.

- Different delay cells will be investigated. For each delay cell, the correlation
between delay variation and cut-off frequencies will be analyzed for different
types of delay cells.

- Investigate both active and passive TTD phase shifter architectures to make
comparison and suit for applications with different power and linearity require-
ments.

- The electromagnetic (EM) software will be extensively used to characterize
passive components at mm-wave frequencies.

B.  From the system level:

The characteristic and challenges of broadband phased array system will be in-
vestigated, including biasing, isolation between different channels, power dissi-
pation, and signal combining, etc.

1.6. Outline of the Thesis

The thesis is organized as follows. Chapter 2 presents the broadband phased ar-
ray concept, analysis of different TTD circuit cells, and the characteristic of the
technology that will be used in this work. Chapter 3 discusses three alternative
Ka-band LNAs and the noise matching techniques involved in the first stage
LNA design. In Chapter 4, a delay variation cancellation technique is proposed
and explained. With the delay variation reduction technique, an active TTD
phase shifter will be presented, which achieves 6.6% normalized delay variation
at 20-40 GHz. A high power 25-35 GHz TTD receiver frontend will be discussed
afterward by integrating the active TTD phase shifter with one of the proposed
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Ka-band LNAs. In order to suit for low power applications, Chapter 5 presents
a passive TTD phase shifter, which employs the proposed broadband matching
technique and achieves only 3.9% normalized delay variation at 10-50 GHz. By
integrating the passive TTD phase shifter and the proposed low power Ka-band
LNA, a 25-35 GHz TTD frontend with 22.4mW power consumption will be pre-
sented as well. In Chapter 6, a 2-by-2 TTD phased array receiver will be pre-
sented. The receiver includes low-power LNA, passive TTD phase shifter, RE
variable gain amplifier (VGA), power combiner and down-conversion mixer.
Chapter 7 concludes this thesis and gives directions for future work.
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2. Broadband Phased Array System

2.1. Phased Array Systems

A Phased array is an array of antenna elements acting as a single antenna, which
can adjust its effective radiation pattern to be reinforced in the desired direction
and suppressed in the undesired direction. Figure 2-1 shows the system diagram
of a typical one-dimensional 4-element all-RF phased array receiver frontend.
Each individual receiver element consists of an LNA, an RF phase shifter, and
an RF VGA, and can therefore independently change its relative amplitude and
phase response from the other receiver elements. By applying proper gain and
phase settings of each receive element, a receiver beam pattern can be generated
with the main beam in the direction of the desired signal and a null in the direc-
tion of the interference [3]. This behavior is called spatial selectivity and is real-
ized when all the four signal is combined, which in Figure 2-1 is achieved by the
RF combiner.

Especially in mm-wave frequencies, the high path loss usually results in a strin-
gent link budget and limits the communication distance. Fortunately, the phased
array technique helps to improve the effective single-to-noise ratio (SNR) at the
receiver side. This is achieved at the signal combiner, where the signal is added
coherently while the noise is added incoherently [4]. As a result, SNR of the sig-
nal can be improved by 10log(N) (dB).
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The phased array technique is also useful in transmitter designs where the PA
needs to deliver a large output power. Comparing an N-element phased array
transmitter to a single antenna transmitter, if each transmitter element has the
same radiation power, the saturation power (Ps:) of the PA in each transmitter
element is reduced by 10log(N), making the PA design less challenging. The total
transmitted power will be summed in the air at the desired direction, which im-
proves the power efficiency by avoiding a lossy power combiner on-chip.

VGA
Interference

———

P ST LNA VGA . .
> Combined RF signal

with spatial selectivity

VGA

—1 LNA VGA

RF Combiner

Figure 2-1. A typical all-RF one-dimensional 4-element phased array receiver frontend

Wavefront

0

_d-sinf

”””” d Y d VYV d V ¢
Ant4 Ant3 Ant2 Antl

Ph
o] [a] ] [a] Mg
‘ ‘ ‘ ‘ receiver
Sout(w)

Figure 2-2. Basic concept of a one-dimensional 4-element phased array receiver
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Figure 2-2 shows the basic concept of a one-dimension 4-element phased array
receiver, where d is the distance between two antenna elements, 6 is the angle of
the incoming signal, and 7 is the time delay between the received signal at two
adjacent antennas. With an equal distance d between antennas, r can be ex-
pressed as:

d-sind
’z':
c

@2.1)

where cis the speed of light in the air. Since in practice d is fixed once the antenna
array is fabricated, 7 is constant over the frequency. As a result, to coherently
add the signal at Sot node, each phased array receiver element has to provide a
so-called true-time-delay (TTD) to compensate for the frequency independent
time delay 7. Equation (2.1) can also be written in the form of a frequency de-
pendent phase shift:

_ 2nrd-sin@ (2.2)
A

Sig

¢ = a)sigz-

where wsig and Asigare the angular frequency and the wavelength of the incoming
signal, respectively. Note that wsi; does not necessarily equal to the frequency at
which the antenna is designed and fabricated. To distinguish the two, the an-
tenna operating frequency is denoted as wan. To prevent multiple main beams
[5], the spacing d is usually chosen close to half of the antenna wavelength, i.e. d
= 1ic/ want . As a result, (2.1) and (2.2) can be reformed as:

_z sin 4 2.3)
a)Ant
¢=rsind Dug (2.4)

Ant

As want is fixed once the antenna array is design and fabricated, the phase shift ¢
in (2.4) is a linear function of the signal frequency wsig. In a narrow band system,
however, it can be assumed that wsig & wan, with which (2.4) reduces into the
well-known equation:

¢=rsinf (2.5)
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Regarding phased array receiver architectures, there are several ways to com-
pensate the delay between adjacent antenna elements: RF phase shifting [6], IF
phase shifting [7], local oscillator (LO) phase shifting [8], and digital phase shift-
ing [9]. Among all of these solutions, RF phase shifting architecture repeats only
the RF components, i.e. LNA, phase shifter, RF VGA, in each channel and is
therefore the most compact architecture. The drawback of RF phase shifting is
the increased NF and nonlinearity introduced by the RF phase shifter. LO phase
shifting avoids degrading the RF performance by realizing the required delay in
the LO paths before feeding to the mixer of each channel. However, it requires
multiple mixers and an LO distribution network. Especially in mm-wave fre-
quencies, long distance LO routing may introduce undesired coupling between
different blocks and degrade the phase noise of the LO signal. When the delay
is implemented at a lower frequency, such as in IF and digital phase shifting
architecture, more design flexibility can be gained, e.g. applying signal pro-
cessing and different calibration algorithm. However, compared to RF and LO
phase shifting, even more blocks has to be integrated before signal combining,
adding significant power dissipation. Another important advantage of RF phase
shifting is the suppressing of strong interference by combing multi-channel sig-
nal in very early stage. Therefore, RF phase shifting greatly relaxes the linearity
requirement of the following receiver blocks. On the contrary, digital beamform-
ing requires high dynamic ADCs due to the existence of strong inference, which
is extremely power hungry.

2.2. Broadband Beamforming

As the signal bandwidth increases, the assumption wsig = wan does not hold an-
ymore and a TTD phase shifter is required. Figure 2-3 shows the comparison of
the phase response (Figure 2-3a) and delay responses (Figure 2-3b) between the
ideal TTD phase shifter (dash) and the classical phase shifter (solid). The ideal
TTD circuit exhibits a linear phase response and a constant delay response over
the frequency, which is in equivalent with (2.3) and (2.4). The classical phase
shifter, which provides constant phase shift over the frequency, can only approx-
imate the required delay near the center frequency fo. Assume the received signal
has a bandwidth from fuin to fax, the realized delay using a classical phase shifter
significantly varies over the frequency (see Figure 2-3b). As a result, the beam
angle of the receiver changes as a function of signal frequency (see Figure 2-4),
which is also called as beam squint phenomena [10]. For simplicity, it is assumed

10



2.2. BROADBAND BEAMFORMING

that the beam angle for the central frequency fo (denoted as 6p) is aligned with
the direction of the desired signal. The amount of beam angle offset is defined

as Oofser =1 Ofnin - Opnax| in degree (see Figure 2-4).

fmin f‘0 fmax

_ fn‘tin _f0 fmax .f

>
>

Classical PS

{

Classical PS
/-

Ideal TTD

/f
//

¢V

Ty

(2

Ideal TTD

(b)

Figure 2-3. Comparison of (a) phase response and (b) delay response between classical

phase shifter and ideal delay circuit

0 Deg

Desired beam angle 0/”

-90 Deg

Beam angle offset (Deg)

:| 6 - Hfmm ‘

fimax

+90 Deg

Figure 2-4. Beam squint phenomena due to large delay variation of the phase shifter
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Figure 2-5. Simulated beam pattern for a one-dimension 8-element phased array which
uses classical phase shifters (with a 30GHz antenna and 45-degree beam angle)
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To demonstrate the negative impacts of the beam squint on broadband beam-
forming, Figure 2-5 plot the beam pattern of a one-dimension 8-element phased
array using classical phase shifters. It is assumed that the antenna array is de-
signed at 30 GHz, i.e. fo=30 GHz and d = 5 mm, with the desired beam angle 6p
= +45 degree at 30 GHz. It can be seen that as the signal frequency changes from
25 GHz to 35 GHz, the beam angle varies from 37 to 59 degrees (ofet= 22°). Con-
sequently, if there is a strong inference from +55 degree direction, it will be
picked by the receiver with the maximum array gain.

Moreover, even without an interference issue, the SNR of the desired signal is
reduced due to the misalignment of the beam angle. For instance, both the 25
GHz the 35 GHz signal coming from +45 degree direction are attenuated by 1.7
dB. As the array size increases, the signal attenuation level mentioned above can
increase dramatically, e.g. 12.2 dB attenuation for a one-dimension 16-element
phased array receiver.

40- : : :
§ When desired beam angle Qfo =45°
D 30- ST
8 | ; 240
g 25+ § ° o
£ | a35
20 ; :
) : : o
2 i 30
< A5 a25°
IS E 3 o
8 10- z = 200 :
- 5 e B 815
5 : 010"
- z = . —a 50
0 ———F —— +i .
0.1 0.2 0.3 04 0.5

Fractional Signal Bandwidth

Figure 2-6. Resulted beam angle offset as a function of fractional signal bandwidth and
desired beam angle at central frequency fo
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Antenna element number N = 2

Resulted Signal Attenuation [dB]

035 04

0 005 01 015 02 025 03
Normalized Frequency Offset (Af/fo)

Figure 2-7. Resulted signal attenuation from beam squint as a function of frequency off-
set and array size N, assuming 6p = 45°

] | —130GHz

== =25GHz

Normalized Array Factor [dB]

-80 -60 -40 -20 0 20 40 60 80
Beam Angle [Deg]

Figure 2-8. Simulated beam pattern for a one-dimension 8-element phased array which
uses TTD phase shifters (with a 30GHz antenna and 45-degree beam angle)
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Consider a general phased array using classical phase shifters, the beam angle
offset and the resulted signal attenuation due to the frequency change depend
on the signal bandwidth, array size, and the desired beam angle, i.e. fp. Figure
2-6 plots the beam angle offset as a function of fractional signal bandwidth and
0p, where the fractional signal bandwidth is defined as | fux - fuinl/ fo (see Figure
2-4). The antenna array is assumed to be one-dimensional and has a uniform
antenna spacing equals to a half wavelength. It can be seen that beam squint
becomes more severe when the signal bandwidth becomes larger or a large beam
angle has to be achieved. Note that the result shown in Figure 2-6 is independent
of the array size. In another word, a 2-element and a 16-element phased arrays
result in the same beam angle offset.

To evaluate the impact of the beam squint on the degradation of signal SNR,
Figure 2-7 plots the resulted signal attenuation as a function of normalized fre-
quency offset and array size N (assuming 6p= 45°). The normalized frequency
offset is defined as |4f/ fol, where Af represents the difference between signal
frequency and the central frequency fo. Due to symmetry, the signal attenuation
at +Af is identical. As shown in Figure 2-7, with the same frequency offset, a
larger N results in a larger signal attenuation. This is as expected because a larger
array size leads to a narrower beam, making the signal attenuation more sensi-
tive to the frequency offset. Additionally, as N and frequency offset increases,
one or multiple nulls are generated at certain frequencies, indicating that the
signal at these frequencies will be completely blocked due to the beam squint.

All of these beam squint issues in broadband beamforming can be eliminated by
using TTD phase shifters. As shown in Figure 2-8, the main beam direction of a
TTD phased array receiver keeps constant as the desired angle of +45 degree for
different signal frequencies. As a result, there will be no signal attenuation or
beam angle offset for any array size and signal bandwidth. Depending on the
system speciation, i.e. array size, signal bandwidth, and maximal allowable sig-
nal attenuation, one can determine whether a TTD phase shifter or a classical
phase shifter should be used.

This work targets to design a phased array receiver frontend covering 25-35 GHz
frequency band, which results in more than 33% fractional bandwidth. As
shown in Figure 2-6 and Figure 2-7, performing such broadband beamforming
using classical phase shifters will result in severe beam squint, e.g. 22° beam off-
set and >10 dB signal attenuation (assume N = 8 and 0p = 45°). The beam squint
issue can be mitigated by adaptively changing the phase setting according to the

14
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incoming signal frequency. However, it will introduce additional feedback loops
and extra power for digital signal processing. Therefore, in the work, the pro-
posed broadband phased array receiver frontend employs TTD phase shifters
rather than classical phase shifters.

2.3. Basic Delay Circuits and Delay Variation
2.3.1. Different types of delay cells

There are several approaches towards the silicon integrated implementation of
delay cells. These time delay circuits can be mainly categorized into 2 groups:
LC-based and RC-based. Two typical examples of the LC-based delay cell are
the LC m-network [11] (C-L-C configuration) and the transmission line (TL) [12-
14]. Actually, a TL can be viewed as a distributed structure composed by many
small LC rt-networks. The RC-based delay cells can be implemented either by
RC low pass filters (LPF) or Gm-RC circuits [15-17]. Depending on amplitude re-
sponses versus frequency, the Gm-RC circuits can either be low-pass [17] or all-
pass [15, 16].

At lower frequencies, e.g. below 10 GHz, where the dimension of the inductors
are oversized, TTD circuits are usually implemented by RC or Gm-RC filters [15,
16]. Compared to the LC-based delay cells, these RC-delay cells are compact in
area and have less design complexity by avoiding the inductive components in
the design. However, one of the dominant drawbacks is the undesired trade-off
between insertion loss, power dissipation, and linearity. RC-delay cells are very
lossy, resulting in a high NF when used in a receiver. Adding Gm-cells for gain
compensation will increase the power dissipation and limits the linearity of the
overall TTD circuit. This issue is mitigated when realizing a TTD at high fre-
quencies, e.g. beyond 20 GHz, where the transmission line and LC-network can
be integrated with a reasonable footprint. Theoretically, the TL-based or LC-
based delay cells have no power dissipation, unlimited linearity performance,
and no additional loss except metal loss. However, the TTD performance of these
circuits can be severely impacted by undesired parasitic and magnetic coupling,
which are well-known issues at mm-wave frequencies.
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2.3.2. Definition of normalized delay variation

Compared to an ideal TTD response, the realized delay from a practical delay
circuit suffers from a certain fluctuation over the frequency. For simplicity, this
undesired fluctuation is denoted as delay variation (DV) in this thesis. As the
impact of the DV scales with the operating frequency, the normalized delay var-
iation (NDV) is important too. For a delay circuit which offers a fixed delay,
NDViix is defined as:

NDVyiy = [max(7(w)) — min(z(w))]/7e X 100% (2.6)

where 7(w) is the delay response of the delay cell versus frequency and 7, is its
nominal delay at low frequency (close to DC). For a complete TTD phase shifter
with a variable time delay, NDVps is defined as the worst case delay variation
for all delay settings in percentage of the total variable delay:

NDVps = max[max(t, ;) — min(ty ;)]/Ts0r X 100% (2.7)

where 7, _; is the delay response of phase shifter for each delay setting and 7,
is the total variable delay.

2.3.3. Delay variation versus cut-off frequency

There are various sources of the delay variation. Besides those related to practi-
cal issues, e.g. parasitics and impedance mismatch, a delay cell inherently pre-
sents DV when operating close to its cut-off frequency (wc). In this section, the
relation between DV and wc of the delay cells will be investigated. Since the dis-
tributed transmission line theoretically has an infinite cut-off frequency and no
DV, the analysis will be focused on two types of lumped delay cells, i.e. the LC
and Gm-RC delay cells.

Figure 2-9 shows the simplified LC delay cell and Gm-RC delay cell. For simpli-
fication of analysis, it is assumed that the LC network is matched both at the
source and the load to Ry = /L,4/2C,. The absolute phase delay for the two delay
cells can be written as:

__1 o1 @ 2-(w/wrc)®
T c(w) = —tan o 120/ (2.8)
1 )
Trc (a)) = - ;tan 1 w_RC (29)
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2.3. BASIC DELAY CIRCUITS AND DELAY VARIATION

where w; ¢ = 2nf;c = /2/(L4C,) and wge = 2nfge = 1/RzCy are the cut-off fre-
quencies of the two delay cells, respectively. The reason that 7, and 7. are neg-
ative values is because the delay cells perform a negative phase shift to the pass-
ing signal, i.e. making it slower than the original signal. It can be noted that when
the operating frequency is far below the cut-off frequencies, i.e. w < 2rf;c and
W K 27 fpe, (2.8) and (2.9) will be reduced into 7;¢(w) = 7,(0) = —m and
Tc(w) = TR¢(0) = —RpCp, with which the delay cells provide a constant TTD
over the frequency.

f, M v, IGm

J_ I—A J_ out J_ Vout
Vin IC A C AI Ro Vin CBI Rs
— — — — ) = —

Figure_2—9. Sirr:plified LC m-network (left) and Gm-RC cell (right

However, when the operation frequency approaches the cut-off frequency, delay
variation will be present. Figure 2-10 shows the simulated delay response of sin-
gle stage LC and Gm-RC delay cell from 0.1 GHz to 60 GHz. It can be seen that
with larger delay realized per cell, f;c and fzc drop and result in a larger delay
variation at high frequencies. Figure 2-11 shows the quantitative relation be-
tween the realized delay per cell, resulted cut-off frequencies, and the resulted
NDV. The NDV is calculated using definition in (2.6) assuming the operation
frequency is from DC to 60 GHz. The realized delay per cell is expressed in phase
shift at 30 GHz. It can be noted that by realizing the same amount of delay, fz¢
is only half of f;, making RC delay cell more vulnerable to the delay variation
at high frequencies. For instance, if both delay cells provide 20 degree phase shift
at 30 GHz, i.e. about 1.85 ps delay, fic is 85.9 GHz while f; is 171.9 GHz (Figure
2-10), As a result, according to Figure 2-11, the NDV from Gm-RC delay cell is
12.7% compared to only 2.3% for LC delay cell. One of the reason is that Gm-RC
delay cell has less poles than the LC delay cell hence the phase of the former
decreases slower than the latter as the frequency increases. As a result, to pro-
vide the same amount of phase shift (or delay), the Gm-RC delay cell must have
lower frequency pole than LC delay cell, resulting in lower cut-off frequency.
Since less delay per delay cell helps to minimize the DV, TTD circuits usually
employ a multistage architecture. By cascading N-stage uniform delay cells, each
delay cell only provides 1/N of the total delay, which increases the cut-off fre-
quency of each delay cell by a factor of N hence enables alow NDV up to a higher
frequency. The NDV of the overall TTD circuit, by definition, is as good as the
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NDYV of individual delay cell. However, as in practice more delay stages result
in larger area for LC delay cells, or higher power consumption for Gm-RC delay

cells, trade-offs must be made carefully.
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Figure 2-10. Simulated delay response of single stage LC and Gm-RC delay cell from 0.1

GHz to 60 GHz with different cut-off frequencies f; ¢ and f¢
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Figure 2-11. Simulated relation between the realized delay per delay cell, expressed in
phase shift at 30 GHz (Top) and the resulted in-band NDV up to 60 GHz (Bottom), both

plotted as a function of f;¢ and fgc.
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2.4. Technology and Passive Components
2.4.1. Technology Comparison

The recent development of SiGe BiCMOS technologies enables designing high-
performance mm-wave circuits and sub-systems. Compared to standard CMOS
technologies, the SiGe HBT devices achieves larger small signal gain with the
same power consumption. Additionally, SiGe HBT devices present lower 1/f
noise corner frequency and provide better frequency responses than standard
CMOS devices at the same technology node.

Compared to III-V semiconductor-based technologies, e.g. GaAs and InP, SiGe
BiCMOS technologies has a higher level of system integration and lower cost. In
addition, as SiGe BiCMOS technologies maintain compatibility of standard
CMOS manufacturing, the biasing and digital circuits which need to be imple-
mented by CMOS transistors can be fully integrated.

2.4.2. SiGe Technology

The Ka-band receiver front-end ICs will be realized using a 0.25 um SiGe:C BiC-
MOS technology with a peak fr/fuax of 216/177 GHz [2]. The current gain of the
low voltage NPN (LV-NPN) device is close to 2000 which almost eliminates the
base current shot noise and makes the device rather similar to a GaAs FET in
terms of noise performance. The NFuin of the LV-NPN device is approximately
0.35dB at 2 GHz and 1.4 dB at 30 GHz for a minimum emitter width of 0.3 um.
A high voltage NPN device (HV-NPN) with reasonable fris also available in this
technology, offering a collector-emitter breakdown voltage for the open base
(BVew) 0f 25 V.

The back-end in this technology has 2 thick top metal layers suitable for the re-
alization of high-performance inductors with large current handling. The pro-
cess also offers high-quality, high-density (5 fF/um?) Ta20s MIM capacitors with
low parasitics (less than 0.5% capacitance to substrate). Furthermore, a high-
ohmic substrate (200 O-cm) which reduces the effect of parasitic capacitances can
be combined with deep trench isolation (DTI) to further increase the substrate
resistance.
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2.4.3. Quality factor of passive components

The quality factor (Q-factor) of passive components e.g. inductors and capacitors,
has a significant impact on the RF circuit performance. The Q-factor degradation
of the passive components basically originates from two part: the metal resistive
loss and the coupling to the lossy substrate. The metal loss can be significantly
reduced by using a thick and wider metal at low frequency. At high frequencies,
however, the improvement is limited due to the skin effect. The coupling to the
lossy substrate consists of both capacitive coupling and magnetic coupling. This
can be improved by inserting an isolation layer between the passive circuits and
the lossy substrate. For instance, in CMOS technologies where the substrate is
relatively low-ohmic, a patterned metal shielding is usually used underneath the
inductors to improve Q-factor. The shielding, however, increases the parasitic
capacitance and limits the self-resonant frequency of the inductors.

The available high-ohmic substrate and DTI in the used technology significantly
reduces both coupling mechanisms to the substrate, which enables high Q-factor
passive circuits design without using a metal shielding. For instance, a single
metal layer 200 pH spiral inductor with single-ended excitation achieves a Q-
factor of 29 at 30 GHz with the self-resonant frequency above 90 GHz. A 500 fF
MIM capacitor achieves a Q-factor of 135 at 30 GHz. By stacking the 2 thick top
metals, the 50 Q) transmission line exhibits an insertion loss of 0.48 dB/mm at 30
GHz. If the 2 top metals are used to realize the primary and secondary windings
of a vertical transformer, a coupling factor of 0.75 can be achieved at 30 GHz.

0vV/2vV
10k
o I } I O
101% Dangling %101(
2V/0V 2V/0V
(a) (b)

Figure 2-12. Schematic of RF switches using (a) 0.25 um nMOS device and (b) 0.3 pm
LV-NPN (same for HV-NPN)
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Figure 2-13. Simulated on-state resistance, off-state capacitance, and current consumption
for nMOS switch, LV-NPN switch, and HV-NPN switch. The Vst of both LV- and HV-
NPN switches in on-state is fixed to 800 mV.

2.4.4. RF switches

To obtain low insertion loss in on-state and high isolation in off-state, the RF
switch needs a low on-resistance (Ror) and low off-state capacitance (Cof). Unfor-
tunately, for the same device with the same bias condition, the product of the
two parameters, i.e. RmxCofis more or less constant during device scaling. There-
fore, trade-offs must be made.

Within the technology, the RF switches can be realized in 3 ways, based on a 0.25
pm nMOS device, a 0.3 um LV-NPN device or a 0.3 um HV-NPN device. Figure
2-12 shows the schematic of nMOS and NPN device based series-switches. The
maximal supply voltage is assumed to be 2 V. The nMOS switch is configured
as Ve=2V, Vp/Vs=0V at ON state and Ve =0V, Vp/Vs =2V at OFF state. The
bulk node of the nMOS device is dangling, i.e. connected to the very high im-
pedance node, in order to isolate the parasitic capacitance from the global sub-
strate and improve the isolation of the switch at OFF state. To eliminate power
dissipation, the NPN-based switch is used between 2 AC-coupling capacitors,
i.e. Cac. As aresult, no collector current is consumed, making the proposed NPN
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switches similar to nMOS passive switches. There is, however, a small DC cur-
rent flowing from the base terminal to both emitter and collector terminals when
the switch is on. The amount of the base current depends on the base-emitter
voltage (Vse) of the device in on-state, which is set by the biasing resistor Rez and
Ree. Figure 2-13 shows the simulated Ro-Cof characteristic for the switch based
on nMOS device, LV-NPN device, and HV-NPN device. In the simulations, the
maximal supply voltage is assumed to be 2 V and the on-state Vst for both LV-
and HV-NPN switches are fixed to 800 mV during the scaling of the NPN de-
vices. With the biasing condition shown in Figure 2-12, the HV-NPN device as
RF switch presents the lowest product of RaCof. Therefore, all the switches used
in the discussed phase shifter and receiver front-end designs are based on the
HV-NPN switch shown in Figure 2-12b. Depending on the requirements in the
designs, Ronand Cof of the switches are adjusted by scaling the device and chang-
ing the on-state Vse. The current consumption per switch ranges from 3 to 50 pA.
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3. Ka-Band Low Noise Amplifier

Typical applications in Ka-band (26.5 GHz to 40 GHz) such as LMDS and broad-
cast VSAT require highly sensitive receivers to improve the communication dis-
tance and reliability. The NF of the receiver limits the receiver sensitivity thus
must be minimized. The low noise amplifier is the first circuit component in the
receiver chain. According to the Friis’ formula, the NF of the LNA, if ignoring
filters, dominates the overall receiver NF. Although LNA designs in III-V com-
pound technologies such as pHEMT GaAs can offer a low NF, the relatively
higher cost and lower integration capability has advocated for (fully) integrated
solutions in silicon-based technologies.

The recent breakthroughs in BICMOS/CMOS technologies with cut-off frequen-
cies (fr) better than 200 GHz have enabled the realization of silicon-based LNAs
at Ka-band frequencies using devices with a minimum noise figure (NFuin) below
1.5 dB. In this chapter, 3 alternative 0.25 um SiGe:C BiCMOS Ka-band LNAs are
presented which are capable of achieving less than 3 dB NF in the 30 GHz range.
These LNAs have different trade-offs between gain, bandwidth, power dissipa-
tion and linearity, in order to fit different application needs.

3.1. Input stage of the LNA

According to the Friis’ formula, the first stage of the LNA is the most critical
stage in determining the overall NF of the LNA. With given technology and op-
erating frequency, the noise performance can be optimized by choosing the most
suitable topology; choosing an optimum noise current density and proper noise
matching; and careful circuit implantation at layout level. These three aspects
will be discussed in the following sub-sections.
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3.1.1. Topology Comparison

Figure 3-1 shows 5 topology candidates that are commonly used as input stages
in LNAs and we need to explore their capability at mm-wave frequencies.

A. Common-base (CB)

One of the superior features of the CB structure (Figure 3-1a) is that it minimizes
the impact of the Miller capacitor, improving thereby the reverse isolation and
stability. In addition, the CB topology is widely used in ultra-wide-band (UWB)
LNA designs for its wideband input match. However, the input impedance of a
CB LNA is approximately 1/gm, with gn=40I. for a bipolar design. Having the
input impedance matched to 50 Ohms means that the collector current is approx-
imately Ic = 0.5 mA. First of all, such a small current consumption can hardly fit
the input 1dB compression point (input P14s) requirement of this work. Secondly,
according to the optimal noise current density (section 3.1.2) the corresponding
optimum emitter length is smaller than 1 um, which can hardly be fabricated in
practice. Even if the fabrication issue can be disregard, an LNA with such a small
transistor size will be very sensitive to process variations.

B.  Common emitter (CE) structure with degeneration

The CE topology is one of the most popular architecture choices in LNA designs
(Figure 3-1b). With the inductive emitter degeneration to provide the desired
real part of the input impedance, the input of the LNA can be easily matched to
50 Ohm. Due to the negative feedback, the NF and linearity performance are also
improved slightly compared to CE only without degeneration. The downside of
this architecture is that when the frequency increases, the CE LNA is vulnerable
to the Miller effect and hence has a degraded reverse isolation and stability per-
formance.

C. Voltage-voltage feedback structure

The usage of an integrated transformer provides extra freedom. As shown in
Figure 3-1c, by properly utilizing the mutual coupling between the degeneration
inductor Lag and load inductor Lo, the impact of miller capacitance Cic can be
removed [18]. This neutralization behavior improves gain and reverses isolation.
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Figure 3-1. Schematic of different LNA topologies (bias circuitry not shown).

To achieve this, the transformer need to satisfy the relation N/k = -Cr/Crc with the
assumption that k is close to 1, where N = /Ly /L. is the turn ratio of the trans-
former and k as the coupling coefficient between Lo and Lucg [18]. This require-
ment is more reasonable when the circuit was built in CMOS, where a typical
ratio of Cgs/Cea is 3 [18, 19], leading to a realistic solution of N =2.4, k = 0.8 [18].
For the low-noise bipolar device used in this work, however, a typical ratio of
Cue/Cec is about 12. Since the turn ratio of a transformer is limited for practical
consideration, a weak coupling is needed, e.g. k = 0.25, N = 3. With such a low
coupling factor, the assumptions for neutralization will not hold any more and
the benefits that can be gained from the feedback will be marginal [19]. In fact,
since the device has an fr of over 7 times of operating frequency, the negative
impact due to the Miller capacitor is rather limited, meaning that a good reverse
isolation can be achieved even without neutralization techniques.

D. Current feedback structure

Figure 3-1d shows the current feedback LNA (CF-LNA). The feedback is applied
via a transformer, consisting of weakly coupled inductors Lz and Lo, with a cou-
pling coefficient k. During the operation, the secondary inductance Lo senses the
current in the collector branch and feeds back a small current to the base node
via the primary inductance Ls. With an optimum combination of k, Lo, and Ls,
the LNA can be unilateral, improving gain and isolation [20]. However, it can be
shown that this topology at 30GHz has an instability risk for a large coupling
coefficient k, i.e. k > 0.5. For this reason, the value of k must be controlled within
a certain desired range, which requires intensive EM-simulations and increases
the design complexity. The advantage of this feedback, however, is limited to
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some extent due to the inherent good reverse isolation of the device, as has been
mentioned above.

E. Cascode structure

The cascode structure offers conditions for the achievement of high gain, good
isolation, input matching and low noise simultaneously (Figure 3-le). The
achieved available gain (G.) and reverse isolation help to minimize the impact of
following stages on the overall NF and Si: of the LNA, which is attractive in a
multi-stage LNA design. A potential drawback of the cascode architecture, on
top of the need for a higher supply voltage, is that the noise mismatch between
Q1 and Q: can degrade the total NF of the LNA. Hence, a noise matching network
may be necessary between the CB (Q:) and CE (Q:1) transistors.

Based on the discussion above, a cascode structure as the first stage has been
chosen, because it incorporates the advantages of both CB and CE topologies
and is easier to realize compared to solutions using transformer elements.

3.1.2. Noise matching
A. Optimum Noise Current Density

With a cascade input stage, the noise contribution from the input CE transistor
is dominating, therefore, must be minimized. Figure 3-2 shows the NFui, unit
current-gain frequency (f7), and maximum oscillation frequency (fuax) of the low
noise NPN device (with CE configuration) as a function of the collector current
density (Jc). It shows that the lowest NFmin at 30GHz is achieved with Jc=
2mA/pm?2 However, at a higher current density, e.g. J.= 4mA/um?, a higher
power gain can be obtained, due to higher fr and fuax. In practice, this is also
beneficial for minimizing overall LNA NF as it reduces the noise contribution
from the cascode CB transistor as well as the following stages of the LNA. For-
tunately, the NFuin responses shown in Figure 3-2 is almost flat with Jc from
ImA/um? to 4mA/um?. As a result, a compromise is achieved by choosing the
optimum noise current density Jowv = 3.8mA/um?, which results in an NFuin of
1.45 dB at 30GHz and fr better than 200 GHz.
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Figure 3-2. Simulated NFuin, fr, and fuax of the low noise NPN device (with CE
configuration) as a function of the collector current density Jc.
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Figure 3-3. (a) Schematic of a unit-size degenerated CE-LNA and (b) the transistor model
used for calculation.

B. Simultaneously noise and power matching

A good noise match is crucial in the LNA design as it minimizes the degradation
of the actual NF from NFuin. Meanwhile, the gain match or conjugate match at
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the input should also be fulfilled to maximize both Gr and Gs, which improve
the signal gain and minimize the noise contribution from the later stages. How-
ever, a trade-off exists between NF and the input return loss as the optimal noise
source impedance Z, is usually different from the source impedance Zs which
has a conjugate match with the input impedance of the LNA (Z;,). Hence, the
desired target is to make Z;, close to Z*,,, in which case the noise and gain match
can be simultaneously achieved. Mathematically, this is equivalent to minimize
the expression [21]:

*
Zin - Z opt

*
Zin + Z opt

3.1)

|Fin70[1t

In this work, two main parameters are optimized for minimizing (3.1), which are
the degeneration inductance Lag and the emitter length L., assuming minimum
emitter width is used. To derive the optimum relation between L. and Licg, both
Zin and Zopt in (3.1) have to be derived as a function of L, and Lae.

As shown in Figure 3-3a, where a unit-size (L. = 1 pm) inductively degenerated
common-emitter (CE) transistor is biased at the optimal noise current density
Jopv=3.8 mA/um?. Both the optimal noise source impedance and the input im-
pedance of the transistor can be derived, denoted as Z,, and Z;,, from its Y- or
Z-parameters [22] . Assuming ideal linear scaling of emitter length L., Zi» can be

written as:
_ 1 _lpm 212221
Zin = = Zing = =2 (24, — 222 (3.2)
Le Le Z22%Z10ad
with
Zijli,j=12 = Zijoli,j=1,2 T SLdeg (3.3)

where zjjij-1,2 are the Z-parameters of the unit-size transistor for which the
small-signal equivalent circuit is shown in Figure 3-3b, and Zia is the output
termination of the transistor, which can be approximated as 1/gn for cascade
structure. When Lge,Crew” is much smaller than 1 and g,/sCs much larger than 1,
Zop: becomes to:

1 um

Zopt = _eZoptO - SLdeg (3.4
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As a result, with each given transistor emitter length L., an optimum L, which
leads to a simultaneous noise and gain matching, can be found by solving;:

a|1—‘infupt 0 (3 5)
oL, '

deg

Based on the knowledge above, we start now to design the CE transistor from a
minimum size (W.= 0.3 pm, L.=1 um), and assume that the device is optimal
biased according to J,,w. The Z-parameters for the device can be extracted using
the small-signal model in Figure 3-3b and lead to Z,, is 1040+j660 at 30 GHz [22].
The optimum relation between Ls, and L. can now be derived by substituting
(3.1)-(3.4) in (3.5), and is plotted in Figure 3-4. Since each combination of L. and
Laeg in the figure minimizes (3.1), an extra design freedom can be obtained by
optimizing the value of L.. On one hand, the CE transistor needs to be scaled
and biased at a reasonably large collector current for input P1dB and IIP3 re-
quirements. On the other hand, as shown in the right axis of Figure 3-4, the real
part of the input impedance (Re(Zin)) is plotted as a function of different combi-
nations of L. and L, values, based on (3.2) and (3.4). For instance, the combina-
tion Lae=50 pH and L. = 20 um leads to Re(Zix) close to 50 Q). This will ease the
design of input matching network because only a small series inductance is re-
quired to transform Zi» to 50 Q. In practice, La, with such a small value needs to
be implemented with a customized transmission line and characterized in the
EM simulator, e.g. Agilent Momentum.

Figure 3-5 shows the simulated impedance transformation in the Smith chart,
providing a more intuitive way to demonstrate how simultaneous noise and
gain matching is achieved with the derived Lsg and L. values. Starting point are
Zopw and Zin, marked with the black crosses, which are the optimal noise source
impedance and the input impedance of the unit-size CE transistor, respectively.
By scaling L. up 20 times, both impedances decrease by 20 times, shown as tri-
angles in the figure. The added 50 pH degeneration inductor L, increases the
real part of the Z;, and decreases the imaginary part of the Z,,. Since (3.1) is min-
imized, Zoptand Z;, become almost conjugate to each other and are located on the
50 Ohm constant real impedance circle, shown by the squares in Figure 3-5. Fi-
nally, with a series inductor at the input, both the noise and gain matching can
be achieved for 50 Ohms source impedance.
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Figure 3-4. Different combinations of Laeg and Le that minimize 7in-opr and the corre-
sponding real part of the input impedance of the LNA.
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Figure 3-5.Transformation of Zsy and Zi» in the Smith chart by scaling the device and
adding a degenerated inductance.
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C. Noise matching between CE and CB transistors

Although the CE-transistor has provided a certain available power gain, the
noise from the CB-transistor in the cascode stage will degrade the overall NF.
Therefore, a proper noise matching is needed between the CE and CB transistors.
Denote the output impedance of the CE-transistor (Q1) as Zous and the optimal
noise source impedance of CB transistor (Q2) is Zy,2. A noise matching network,
located between the output of the CE-transistor and the input of the CB-transis-
tor, is supposed to transform Zou1 to Zoprz and makes the NF of transistor Q: equal
to the NFmin-02. As a result, the noise contribution of the CB-transistor to the over-
all NF is minimized.

As shown in Figure 3-6, Z,..: is plotted as a black square. By increasing the length
of 2, the corresponding Z,,., plotted as black crosses in the Smith chart, moves
to the lower impedance side. For the simplicity of the matching network, Q2 is
chosen to have a length of 40 um, at which Z,,; shares the same real part as Zu.
This means that the transformation from Z,.; to Z,, can easily be done with only
a series inductor of, in this case, 70 pH. Compared to the traditional cascode to-
pology, the proposed structure with noise matching between CB and CE tran-
sistors improves the overall NF by 0.15 dB at 30 GHz.

+1.0
Vec 0.15dB NF 05 'u 20
Improvement
22.8mA
Qz 402 ‘ +5.0
! ZoptZ ‘7;/ ~\

Match | —

o v¢f/
45} ‘o

W/L =0.3/20
Lyeg=50 pH 2.0
10

Figure 3-6. The design of noise matching network between CE and CB transistors.
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3.1.3. Design of passive components and floorplan

To reach low noise figures, passive components with high Q values are required.
The MIM capacitors provided by the technology offer a high-density capacitance
with a Q around 50 at 30 GHz, which hardly degrades the NF performance of
the LNA. The two remaining critical passive components are the integrated in-
ductors and the interconnect. To reduce the loss mechanism of the inductors due
to the substrate coupling, both metal shield and deep-trench-isolation (DTI)
layer are added underneath the inductors. The presence of the grounded metal
shield, however, introduces parallel parasitic capacitance and reduces the self-
resonance frequency of the inductors. Since these effects depend on the physical
layout and can hardly estimate precisely in the schematic, EM simulator (Agilent
Momentum) is used to characterize the inductors and long interconnections.

In addition to the passive circuits, a proper grounding strategy in the floorplan
and layout is required in order not to degrade the noise figure. Especially, single
ended circuits at mm-wave frequencies are sensitive to the parasitic inductance
from the grounding lines. In the proposed cascode LNA design, the parasitic
inductance will degrade the gain, input matching and stability performance
when presented at the emitter of the CE-transistor and the base from the CB-
transistor. To obtain a well-defined small signal ground, a global ground plane
is created around (with Metal-6) and beneath (with Metal-1) the complete circuit.
The low impedance of the metal significantly reduce the impact of grounding
inductance.

Finally, cross-talk due to undesired coupling might also negatively impact the
performance. One effective way to reduce cross-talk is to increase the physical
distance between the sensitive circuits, e.g. inductors from different stages. In
the end, EM-simulators is used again to validate the overall post-layout perfor-
mance of the circuit, which incorporate both the grounding and cross-talk effects.

3.2. Design I: A 2.1dB NF Single-Ended Ka-band LNA
3.2.1. Circuit Design

Figure 3-7 shows the schematic of the proposed single-ended Ka-band LNA. The
first cascode stage is implemented by following the design procedure in Section
3.1. For measurement purpose, a second CE stage is added to provide the 50 Q
output matching. Meanwhile, the second stage offers additional power gain.
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To ease the input matching, Lsg= 50 pH and L. = 20 um (for Q1) are chosen to
obtain Re(Zin) close to 50 Q. To reduce the base resistance, Q: is implemented
with multiple finger configuration, i.e. 8 fingers with 2.5 um per finger. Induc-
tors Lin, Lmia in combination with L; form the input matching network, which
tunes out the parasitic capacitance at the input node and transforms the 50 Q)
source impedance to the desired Zot. The size of Q: is selected to achieve the best
noise matching between Q: and Q:. The complete 1+ stage has a G, better than
10 dB, resulting a reasonable noise suppression of the 2nd stage. For instance,
with NFstaget = 2 dB and NFstage2 = 4dB, the NF of the complete LNA will be less
than 2.4 dB. The inter-stage matching is realized by Lo:, C11, and L1, providing a
reasonable noise and gain matching between the two stages. The second CE
stage has a larger transistor size to deliver more output power and to improve
output linearity. Inductor Lug represents the parasitic inductance between Qs
emitter and the real RF ground. At the output of LNA, the filter network L2z, Cz1
and C2 enhances the bandwidth, meanwhile providing a 50 Q output matching.

2.7V / 23mA

700pH

Lod 800fF 1.3V / 28mA
c11

Q2 700pH

0.3x2.5x16 } Lo2
L11 C22
I Lmld 70pH  150pH =
'-21 RF_out

L|n Q3 0.3x8.8x16
50pH
}I—deg } Laeg2
|

I 50pH 50pH

[ 0-3x2.5x8 _|: I
750p =

Figure 3-7. Proposed 2-stage LNA design, bias circuitry not shown.
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Figure 3-8. Die photo of the proposed Ka-band LNA.

Figure 3-8 shows the die photograph of the LNA. Instead of using spiral induc-
tors, all the inductors are realized by metal lines in order to achieve higher qual-
ity factor (Q-factor). Note that the inductance Luia is not obviously visible in the
die photo because it is small (70 pH) and implemented by the parasitic induct-
ance between Q1 and Q;, i.e. via inductance and interconnection wire inductance.
To verify the layout performance, EM software Agilent Momentum has been
used to simulate all the inductors, interconnects and bond pads. The total chip
area including bond pads is 1.0x0.7mm?. The input stage is biased at 23mA from
a 2.7V voltage supply. The output stage consumes 28mA from a 1.3V supply and
the total power consumption is 98mW.

3.2.2. Noise Parameter Measurement

Measurements have been performed on-wafer using a dedicated RF/mm-wave
probe station. The characterization of the LNA has been done at room tempera-
ture.

In order to characterize the noise performance of the proposed LNA, the noise
parameters are extracted using the Y-factor method in combination with a source
tuner. The four noise parameters are Fp,, I, and R, where Fp,;,, is the mini-
mum noise figure of the two port network, R, is the equivalent noise resistance
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and [}, is the optimal source reflection coefficient. By changing the source im-
pedance connected to the LNA, the NF of the LNA varies as given by the well-
known equation:

Rn |Fs_ropt|2

F=Fnin 4 GO n B rope?

(3.6)

where Z, is the characteristic impedance of the system, [ is the actual source
reflection coefficient connected to the LNA. Since the noise parameters cannot
be directly measured, a set of noise figure measurements with different I'; have
to be performed. Knowing that I, is a complex quantity, in principle only four
measurements are enough to obtain the three noise parameters. However, to get
a more reliable result, more measurements have been done. The basic noise fig-
ure measurement set-up is shown in Figure 3-9.

A B C D E Spectrum
‘ Corltrol ‘ ‘ ‘ ‘ Analyzer
Noise | | | | | Pre-amp/ j
Source T Tuner —:— Passive-| T DUT A Passwe—OT cable
346CK01
| FG F2G; ‘r| F3G; FoGs 1| Fs
ZTs l—‘sdut l—‘dout rE

Figure 3-9. The basic scheme of Ka-band noise figure measurement setup.
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Figure 3-10. Measured source impedance 4, for 18 different tuner positions, plotted in
the Smith chart.
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At the input, a 346CKO01 noise source from Agilent covers the whole Ka-band
and has an excess noise ratio of 12.8 dB at 30 GHz. A MPT6080 impedance tuner
from Focus is inserted in order to provide controllable source impedance for the
DUT. The Block labeled Passive-I includes passives such as connecters, de-cou-
pling capacitor, cable and input probe located between the tuner and the LNA
(referred as DUT). At the output of the DUT, the block labeled Passive-O consists
of the output probe and cable between the DUT and the input of the pre-ampli-
fier. The pre-amplifier levels up the noise power at node E and make it signifi-
cantly larger than the internal noise level of the spectrum analyzer.

As indicated in Figure 3-9, the input referred noise factor and available gain of
each block are denoted as Fi and Gi: (i = 1,2..,5). According to the Friis’ formula,
the total noise factor Fi is given by:

Fp—1 | F3—1 , Fu—1 Fs—1
+

Fooe = F1 +
Gy G1G2  G1G2G3  G1G2G3Gy

(3.7)
To characterize F; and G; of each block, separate calibration and measurement
have been performed over the frequency band 25-33 GHz. To begin with, the S-
parameters of the DUT are measured by using the calibrated vector network an-
alyzer (VNA), denoted as Sau. The calibration is made on-wafer with a standard
GSG calibration substrate, bringing the reference planes to C and D as shown in
Figure 3-9. Without changing the configuration of the probe station, the noise
source is calibrated with the spectrum analyzer to the reference plane E. Thus,
the noise of the output path is removed, i.e. F5=1. Note that this calibration only
holds when It is close to 0. In this measurement, due to the losses in network D-
E and small I'wwt achieved by the DUT, Ik is smaller than 0.1 over the band of
interest. Given 10 dB G, from the DUT, the error due to 't # 0 is negligible to the
overall NF. With the calibrated noise source, 18 NF measurements have been
performed with different tuner positions. The noise source is used in hot/cold
mode and the total noise factor Fisi-mea (i=1,2,...18) can be directly read from the
spectrum analyzer with a known ENR table. Since the characterization of pas-
sives networks B-C cannot be done directly, two one-port calibrations are done,
i.e. a coplanar short-open load (SOL) on-wafer calibration in reference plane C
and mechanical standard SOL calibration in reference plane B. The S-parameters
of the network B-C can then be calculated based on the data of two calibrations.
The calibration of network D-E can be done in the same way. Finally, the S-pa-
rameters of 18 tuner positions can be obtained by measure the tuner separately
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(see Figure 3-10). A good repeatability of the mapping between the tuner posi-
tions and achieved impedance is obtained by the tuner calibration.

With the data above, the noise parameters of DUT, Fyp, [, and R, can be
solved by equation (3.6) and (3.7). Since the equations are not linear, for each
frequency the optimal noise parameters are solved recursively based on the least
square approach. The residue square error (ER) is expressed as:

Ftoti-fit—Ftoti—
ERyop = N2, (ForL—ommety? (38)
toti—-mea
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Figure 3-11. Comparison between the measured and fitted NFwt1 of the system at
30GHz.
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Figure 3-12. Measured NF and NFmin of the proposed LNA, compared with the simu-
lated NF.
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Figure 3-13. Measured noise resistance of the proposed LNA.

where Fioti_meq and Fioi— gy are respectively the measured and fitted total noise
factor of the system for the i-th tuner position. By minimizing (3.8), the noise
parameters of the DUT can be determined. Figure 3-11 shows the comparison
between NFyti—mea and NFi—gir at 30 GHz. A good fit indicates that the calcu-
lated noise parameters are reliable. It can be seen that the 9t tuner position re-
sults in a larger NF, this is because the 9-th tuner position results in a large out-
put impedance, i.e. 353 + 240/ at the DUT input, which is very far away from 50
Q. As a result, the DUT have a much higher noise contribution. Figure 3-12 to
Figure 3-13 show the noise parameters of the proposed LNA from 25 GHz to 33
GHz. A minimum 2dB NF is achieved around 25-28 GHz, and the NF at 30 GHz
is 2.3 dB. Over the band of interest, NFni» and NF have a good fit, meaning that
the proposed LNA achieves a good noise matching. The measured NFs fit well
with the simulated NF up to 30 GHz. Above 30 GHz, the LNA presents a higher
NF than expected. This could be explained by the fact that the measured gain of
the LNA starts to drop quickly after 30 GHz (see Figure 3-14), e.g. at 33 GHz the
measured gain drops to 5dB while the simulated gain is around 11dB.

3.2.3. S-parameters, linearity, and large-signal measurements

The measured input return loss and transducer gain (Gr) are shown in Figure
3-14. The LNA has a measured peak Grof 12.8 dB at 27.6 GHz and 11.4 dB at 30
GHz. The 3dB-power bandwidth is from 25-31 GHz, covering the complete
LMDS bandwidth. The input return loss is better than 10 dB in a bandwidth
around the frequency of interest. The LNA is unconditionally stable from 18-40
GHz with a K-factor larger than 5.
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Figure 3-14. Measured S-parameters of proposed LNA.
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Figure 3-15. Measured Input 1dB compression point (left) and IIP3 (right) of the LNA

Figure 3-15 shows the large-signal behavior of the proposed LNA. The measured
input 1-dB compression point (input Pia) is -11 dBm at 30 GHz. A two-tone
measurement, with tones at 30 GHz and 30.1 GHz, reveals that the input 3*-rder
intercept point (IIP3) is -1.4 dBm and the OIP3 is +10 dBm, indicating a signal
gain of 11.4 dB, in line with the s-parameter measurement results.

3.3. DesignII: A 26dB Gain 2.2dB NF LNA with 10GHz Bandwidth

Although the single-ended LNA in design-I achieves a low NF, its relatively low
gain could be an issue when integrated into a complete system. Suppose the
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LNA is integrated with a passive RF phase shifter which presents 10 dB insertion
loss, the LNA should provide at least 20 dB gain in order to obtain a reasonable
frontend gain, e.g. 10 dB. Additionally, the LNA proposed in this section will
provide a single-to-differential (52D) conversion. The single-ended input ena-
bles it to interface with a single-ended antenna and eases the NF measurement,
i.e. most of noise sources are single-ended. The differential output enables to
design the following receiver blocks such as phase shifter, mixer in the differen-
tial form. Compared with single-ended circuits, the differential circuits provide
well-defined virtual signal ground, which helps avoid grounding issues such as
grounding inductance and undesired signal coupling through the ground plane.

2.5V/14mA 2.5V/23mA 1.2V/34mA

L, L;
90p 90p
—T
—
RF_out
Lc

Figure 3-16. Schematic of the 3-stage high gain LNA (biasing circuitry not shown).

3.3.1. Circuit Design

Figure 3-16 shows the schematic of the proposed 3-stage high gain LNA (HG-
LNA). The first stage of the LNA follows the procedure described in Section 3.1
to achieve low noise and good input impedance matching. Different from the
LNA in design-I, the input parallel inductance L: (see Figure 3-7) is removed to
minimize the loss of the input matching network. The function of L:in design-I
is to tune out the parasitic capacitance from the bondpad and series inductance
Lin (see Figure 3-16), which, if not turned out, will make Re(Zin) < Re(Z’in). Fortu-
nately, with this known effect, a smaller emitter size of Qs, i.e. Le=12.5 pm, can
be chosen to achieve Re(Z'in)> 50 Q. As a result, the overall Re(Zin) = 50 Q can be
obtained at the input node of the LNA using a single series inductor Li.. For op-
timum noise performance, device Q1 is biased at Ic1 =14 mA (Jopwv= 3.8 mA/um?),
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with which Q1 exhibits 1.4 dB NFuin at 30 GHz. The size of Q:is chosen to opti-
mize the noise matching between Q: and Q. Similar to design-I, Lumisis imple-
mented as parasitic inductance, i.e. via inductance and interconnection wire in-
ductance between Q1 and Q.

The second stage serves as a gain stage and performs the 52D conversion. In-
stead of an active current source, Luit is used as an RF choke to minimize the
voltage drop. Ideally, Lui is preferred to be as large as possible. However, in
practice large Lui results in large chip area and low self-resonance frequency.
Therefore, Lui is chosen moderately to be 650 pH, i.e. 122 jQ at 30 GHz. Com-
pared to the impedance seen from the emitter of Qs., i.e. 1/gms- <5 €, Lt is large
enough to minimize the leakage current through Lui. The load inductors L:and
Ls: are implemented as a single inductor with a center tap, connected to the sup-
ply voltage. The second stage is biased at Ic2 = 23 mA to make sure it does not
limit the overall ICP1as.

The last common emitter stage is mainly optimized for linearity performance
and facilitates the output matching to ease measurements. Suppose the complete
LNA is targeted to achieve 25 dB gain and an ICP of -15 dBm, the last stage has
to be designed to handle +10 dBm output power. To increase the power effi-
ciency, the knee voltage of Qs is minimized by choosing a large emitter size. As
a result, with 1.2V supply voltage and 34 mA DC biasing current, the last stage
achieves an output Pias above + 10dBm. The gain bandwidth of the LNA is con-
trolled by two high-pass networks, i.e. Li-Ci, L>-C2 and the output inductance Ls.
By introducing three zero’s below 30 GHz, the gain of the LNA is flattened over
10 GHz BW.

3.3.2. Measurement results

Figure 3-17 shows the die photo of the HG-LNA, which has a core area of 0.165
mm? (0.35 mmx0.47 mm). The small signal performance of the high power S2D
LNA is measured by performing a 3-port S-parameters measurement (ports con-
figuration shown in Figure 3-17), from which the 52D 2-port S-parameters are
derived. For NF and linearity measurements, an external hybrid is used to con-
vert the output into single ended.
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Figure 3-18. Measured gain and NF performance of the HG-LNA.

As shown in Figure 3-18, the measured LNA exhibits 26.4 dB flat gain around
30GHz with the -3dB gain bandwidth of 9.7 GHz from 24.3 to 34 GHz. The meas-
ured minimal in-band NF is 2.1 dB at 25 GHz and 2.5 dB at center frequency 29
GHz. Figure 3-19 shows the measured amplitude and phase imbalance at the
differential output. The two differential outputs (P2 and P3 in Figure 3-17) have
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a relative amplitude variation of less than 1dB and phase imbalance of less than
6 degrees (referred to ideal 180-degree phase difference).
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Figure 3-19. Measured magnitude and phase imbalance of the differential output.
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Figure 3-20. The measured return loss of the HG-LNA.
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A broadband input matching is achieved with the in-band input reflection coef-
ficient below -10 dB (Figure 3-20). Compared with the simulation, the measured
input impedance resonates at a lower frequency, i.e. 25 GHz instead of 34 GHz.
The frequency shift can be caused by the underestimation of the parasitic capac-
itance at the input, e.g. from the bond pad. In addition, since DTI is not included
in the EM software when characterizing the input inductor L, the actual value
of Li» can be larger than expected, resulting in a lower resonance frequency for
S11. The measured input Pias (output Pias) and I1IP3 (OIP3) of the LNA at 30 GHz
are -14.9 dBm (+10.5 dBm) and -5 dBm (+21.4 dBm) respectively at 134 mW
power dissipation (see Figure 3-21). The two tone frequency offset for IIP3 meas-
urement is 80 MHz.
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Figure 3-21. Measured IIP3/OIP3 and input Pias of HG-LNA at 30GHz.

3.4. DesignIll: A 20mW 2.6dB NF LNA with 10GHz Bandwidth

For some low power applications, a standalone LNA consuming more than 100
mW power could burden the power budget. Additionally, as a packaged silicon
chip has a maximal power (heat) handling capacity, the LNAs proposed in de-
sign-I and II will limit the maximal number of array elements that can be inte-
grated on one chip. Therefore, a relatively low-power LNA is proposed in this
section, which makes a trade-off between power consumption and linearity,
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while maintaining the other required specifications, such as NF, gain, and band-
width.

3.4.1. Circuit Design

Figure 3-22 shows the schematic of the proposed low-power LNA (LP-LNA).
The first two stages are inductively-degenerated cascode amplifiers, which are
optimized for low noise, large bandwidth, and enough gain. The third stage of
the LP-LNA is configured as common-collector (CC) stage, which offers almost
constant output impedance over frequencies, i.e. Zou=1/gms. This is important
when integrated together with a true-time-delay phase shifter, which needs to
see a broadband source impedance (Zou: of the LNA) to minimize its delay error.
We will elaborate on this point in Chapter 5. Instead of having 52D conversion
in an earlier stage, the LP-LNA performs the 52D conversion at the output using
a 1:1 transformer, resulting in a single-ended CC stage. This helps to reduce the
current consumption of the LNA, because with the same voltage swing deliv-
ered to the same loading, the single-ended CC stage consumes only half of the
DC current than using a differential CC stage. To further reduce current con-
sumption, one can increase the load impedance seen by the CC stage. This can
be achieved by using a high turn ratio transformer or an additional LC matching
network. However, these solutions introduce extra loss. Besides, the LC match-
ing network operates in a narrow band. Therefore, this does not fit in the wide-
band LNA design.
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-Op Zoutz]/gm)’
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Figure 3-22. Schematic of the 3-stage LP-LNA (biasing circuitry not shown).
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To reduce power consumption meanwhile keeping the first stage operate with a
reasonable current density for ft and noise performance, Q: is scaled down to
0.3x6 um?. The biasing current for Q: is chosen to be 3.5mA. Although the re-
sulted emitter current density Je=1.94 mA/um?2for Q: deviates from the optimum
noise current density, i.e. Jopw= 3.8 mA/um? (see Figure 3-2 and Section 3.1.2A),
the NFuin of Q1 only receives 0.15 dB penalty. In return, it halves the power con-
sumption of the first stage. The down-scaling of the first stage also leads to larger
values of Lin and Lieg compared to HG-LNA. To improve the Q-factor, both Lix
and Lucg are realized by stacking the top two thick metals. At 30 GHz, L: and C2
resonate with the parasitic capacitance at the collector of Q4 making Q« directly
loaded with the input impedance of the CC stage, i.e. approximately 150 Q. The
first two stages offer 20 dB gain at 30 GHz, meaning that Q« has to deliver 0 dBm
output power to maintain an overall ICP of -20 dBm. With 0 dBm power deliv-
ered to the 150 Q) load, the second stage needs to source RF current with the
magnitude of 3.7 mA. As a result, the second stage is biased at 4 mA to prevent
(s and Q: entering class-AB operation. Assume the transformer is ideal, the load
impedance of the output CC stage is 100 €3, which is 2/3 of the load impedance
of the second stage. As a result, by duplicating the RF voltage from the output
of the second stage, the CC stage has to handle 1.5 times of the RF current in the
second stage, i.e. 1.5%3.7 mA =5.6 mA. The last stage is therefore biased at 6 mA
for fully class-A operation. Similar to the HG-LNA, the gain bandwidth of the
LP-LNA is controlled by the inter-stage matching networks, i.e. Li-Luis-C1 and L2-
C2. Compared to only using a simple Li-Ci matching network, matching with Li-
Lui-C1 has more freedom for bandwidth control and results in more broadband
impedance transformation. Due to the imbalanced parasitic capacitance to the
substrate, the S2D transformer suffers from a certain common mode signal at the
differential output. This is compensated by the additional 30 fF capacitance
added between the negative output path and the ground path (Figure 3-22).

3.4.2. Ka-Band Low Noise Amplifier Measurement Results

Figure 3-23 shows the die photo of the LP-LNA, which has a core area of 0.2 mm?
(0.49 mmx0.41 mm). The LP-LNA is measured using the same setup as in HG-
LNA measurement. As shown in Figure 3-24, the LNA exhibits a peak gain of
25.3 dB at 31.5 GHz with the -3dB gain bandwidth of 10 GHz from 25 to 35 GHz.
The measured minimal in-band NF is 2.45 dB at 25 GHz and 2.7 dB at center
frequency 30.5 GHz.
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Figure 3-23. Die photo of the LP-LNA.
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Figure 3-24. Measured S-parameters and NF of the LP-LNA

The slightly increased NF compared to the HG-LNA in design-II is mainly due
to the extra loss of the input matching network. As shown in Figure 3-4, with
small device size, the input impedance of the LNA is far from 50 Q. As a result,
a large impedance transformation ratio is required for the input matching net-
work, which introduces more loss and increases the NF.
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Figure 3-25 shows the measured amplitude and phase imbalance of the differ-
ential output of the LP-LNA. The relative amplitude variation is less than 0.6
dB and the phase imbalance (referred to ideal 180-degree difference) is less
than 7 degree.

Phase imbalance Amplitude imbalance

0 I I 1 I 1 I I
25 26 27 28 29 30 31 32 33 34 35

Frequency (GHz)

Figure 3-25. Measured amplitude and phase imbalance at the LP-LNA differential out-
put.
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Figure 3-26. The measured return loss of the LP-LNA.
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Figure 3-27. Measured IIP3 and input Pias of the LP-LNA.

As shown in Figure 3-26, a broadband input matching is achieved with the in-
band input reflection coefficient below -10 dB. The complete LNA consumes 20.3
mW (13.5mA, 1.5 V). Figure 3-27 shows the measured linearity and large signal
performance of the LP-LNA over the entire gain bandwidth. The worst-case
measured input Pias (output Pias) and IIP3 (OIP3) of the LNA at 31 GHz are -22
dBm (+2.1 dBm) and -13.8 dBm (+11.3 dBm) respectively. The two tone frequency
offset for IIP3 measurement is 100 MHz.

3.5. Conclusion and discussion

Three alternative Ka-band LNAs have been realized using a 0.25 um SiGe:C BiC-
MOS process. Table 3-1 shows the benchmarking which compares the proposed
3 LNAs to other published Ka-band LNAs. It is seen that the proposed LNAs
have the best reported NF for silicon-based technologies.

Regarding the power dissipation, the proposed LNAs in Design-I and II have a
relatively large power consumption compared to the other designs, because
these 2 LNAs are supposed to be used in applications where high input P1dB is
required, e.g. with strong interferences that may desensitize the LNA. With a
certain gain requirement, a high output P1dB must be achieved. The LNA in [23]
achieves better ICP1dB with lower power dissipation but with lower gain (i.e.
lower OCP1dB) and higher NF. It is interesting to observe the trade-off between
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output P1dB and power consumption by comparing design-1I and IIL. It is seen
that the power consumption of the LNA in design-II is 6.6 times (about 8.2 dB)
of that in design-III, while its output P1dB (+10.5 dBm) is 8.3 dB higher than the
counterpart in design-III (+2.3 dBm), i.e. almost dB-to-dB trade-off. However,
this is not valid when comparing design-I and II, where the output P1dB of de-
sign-I is about 10 dB lower than in design-II but still has a comparable power
consumption. It reveals that the devices in design-I (especially in the output

stage), are not operating as efficient as in design-II and III

Table 3-1. Performance summary and the benchmarking with other Ka-band LNAs.
Peak | Minimum | Average
oty | (i | g | Gan | mnd | moand | GG | G | O
Designd | "2 | 2531 6 12.8 2.05 2.2 -11 -1.3 98
Design1l | "ZM™ | 243.34 | 9.7 | 264 2.1 2.4 -14.9 5 134
Design-i | O2MM | 25.35 | 10 | 253 2.45 2.7 22 | -13.8 | 203
[21] Olum | 30-37 | 7 | 235 2.6 2.8 28 | -195 | 11
23] o | 26-42 | 16 12 3.6 3.8 -7 NA | 41
[24] S| 21226 |5 | 152 2.7 3.1 NA | -54 7
[25] 02wm | 2531 | 6 | 104 6.4 6.6 NA | NA | 79
6] | g™ | 23-32 | 9 12 45 5.1 NA | 55 13
[27] GoEm 2330 | 7 | 145 1.75 1.8 NA | NA | 375
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4. Active True-Time-Delay Phase Shifter
and Receiver Frontend

4.1. Introduction

As discussed in Section 2.2, a true-time-delay (TTD) phase shifter is required in
order to perform broadband beamforming. Various TTD techniques have been
explored in the literature. Photonic TTD modules [28] and MEMS-based TTD
phase shifters [29] exhibit low delay variation (DV) over a large BW, low inser-
tion loss, and large total variable delay. However, these solutions are not suitable
for integrated and low-cost systems. Within the integrated TTD solutions,
switched transmission line (TL) [12-14] and switched LC-network [11] are most
commonly used techniques as they have low power dissipation and high linear-
ity. However, more than 10% normalized delay variation (NDV) over the BW
can be observed in these implementations. Besides, to achieve large total variable
delay, these techniques usually occupy a large chip area. There are also active
TTD solutions proposed based on RC or gm-RC filters [15, 16] which achieve
large variable delay within a small die area. Especially in [8], the resulted NDV
is less than 4%. However, these techniques are only explored at frequencies be-
low 10 GHz.

In this Chapter, a delay variation cancellation technique will be introduced, with
which the proposed active TTD phase shifter achieves a flat delay response over
20-40 GHz with only 6.6% NDV. To improve gain and suppress the overall NF,
a TTD frontend is also implemented by integrating a high gain LNA in front of
the TTD phase shifter.
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4.2. Delay Variation Cancellation Theory

Section 2.3.3 shows that the two types of the lumped delay cells, i.e. LC delay
cell and Gm-RC delay cell, can both be considered as low-pass filters (LPF), which
have limited cut-off frequency. As a result, the phase response of these lumped
delay cells can approximate the TTD up to a limited frequency, beyond which
delay variations (DV) will be present.

Fortunately, as shown in Figure 2-10, the delay patterns of the two types of delay
cells are opposite to each other. The delay of the Gm-RC delay cell compresses as
the frequency increases, while the delay of the matched LC nt-network offers an
expansion behavior. As a result, by cascading the two types of mechanism in a
proper way, the expansion and compression behavior can cancel each other and
a flat delay response will be achieved over a large frequency band. This mecha-
nism is called the DV-cancelling technique in the following discussion.

To demonstrate the impact of the DV cancellation, 3 different cases are evaluated.
As shown in Figure 4-1, these are respectively a single stage LC mt-network (a), a
single stage Gm-RC delay cell (b), and a combined structure by cascading the LC
and Gm-RC cells (c). Figure 4-2 shows their simulated delay responses. It can be
seen that although the original LC and Gm-RC delay cells present 13.8% and 21.8%
NDV, the cascaded structure internally cancels the individual NDV and the
overall NDV can be as low as 1.57% up to 60 GHz.
Vin I46fF 46fF

Vout
500

Yy ym
| o193pH [

Vin I46fF 46fF
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53.8fFJ— 500
)
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=

Vingm
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Figure 4-1. Simplified schematic of (a) single stage LC rt-network (b) single stage Gm-RC
cell and (c) cascaded LC and Gm-RC delay cells.
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Figure 4-2. Delay variation canceling: simulated delay response of the single stage LC
delay cell, single stage gm-RC delay cell, and the cascaded delay cells (with parameters
in Figure 4-1)

4.3. 20-40GHz Active True-Time-Delay Phase Shifter
4.3.1. Architecture

The proposed TTD phase shifter is targeted to achieve a total variable delay of
12 ps, i.e. the relative delay between two receiver channels will then range from
-12 ps to 12 ps. This enables a 2-element beam former with 5 mm antenna spacing
(30 GHz) to perform -45 to 45-degree beam scanning, enough for most Ka-band
applications. To reduce the NDV, the DV canceling technique is employed.

Figure 4-3 shows the block diagram of the proposed fully differential TTD phase
shifter (figure shows single-ended implementation for simplicity). To perform a
delay variation cancellation, the required delay is generated by cascading varac-
tor-loaded LC-networks with Gm-RC delay cells. The N-stage Gm-RC cells, each
with a fixed delay 7, and unit-gain, perform the coarse delay tuning. Switches
ki, k2... kv are acting as path selectors to control the coarse delay with a time step
Tp. Gm-RC cells that are bypassed by the switches are turned off to reduce power
consumption. Since the first Gm-RC cell has to be activated all the time, the N-
stage Gm-RC cells generate a variable delay (N-1)tp. The LC-delay cell, com-
posed by the M-stage cascaded LC m-networks, performs a continuous fine tun-
ing with a total variable delay of 75 (t; = 7p). As a result, the total continuously
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variable delay is 7 + (N — 1)7. As the Gm-RC cells are inductorless, the maxi-
mal variable delay of the proposed structure can be extended by cascading more
Gm-RC cells in a compact way. Signals from different channels are summed in
current domain at node RFout.

M-stage Fine Tuning ~ Tuning Range =T N-stage Coarse Tuning  Tuning Range = (N-1)%,

RF, M k.
F R e
= = D

RFour

Virtual Ground

Figure 4-3. Block diagram of the proposed differential TTD phase shifter (plotted
in single-ended form for simplicity)

1.5V-2.7V
Ve
I C Vo To next
} de i G-RC stage
HV-NPN
- switch
Ve »
o o

To output node

Figure 4-4. Schematic of Gm-Cells (bias not shown)
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I

R1 ZCB

Figure 4-5. Composition of R’C” at the output of Gm-cell

With a fixed total variable delay, increasing the number of stages cascaded in the
LC and Gm-RC cells, i.e. M and N, will reduce the implemented delay per stage.

54



4.3.20-40GHZz ACTIVE TRUE-TIME-DELAY PHASE SHIFTER

For the fine tuning part, it can help to reduce the gain variation and input im-
pedance variation over the delay tuning. For the coarse tuning part, as shown in
Figure 2-11, reducing implemented delay per stage can reduce NDV of Gm-RC
cells. However, larger N and M will result in larger chip area and power con-
sumption. A trade-off has been achieved by choosing M =3 and N = 3, which
yields 7p= 4 ps. As a result, with 7 > 4 ps, the phase shifter can perform 12 ps
continuous variable delay.

4.3.2. Gm-RC Cells Design

The Gm-cell is implemented by a common-base (CB) differential amplifier (Fig-
ure 4-4). RF chokes are realized by resistors R: and R: instead of inductors to
keep the structure compact. Each path-selecting switch k...~ in Figure 4-3 is im-
plemented as HV-NPN device with control voltage Vc (Figure 4-4). Capacitance
Cuc acts as a DC blocking capacitor. To generate 4 ps delay per stage, the equiv-
alent parallel resistance R’ and capacitance C' at the output node of Gm-cell
should satisfy R'C'=4ps. As shown in Figure 4-5, this R'C’ is mainly composed
out of the output capacitance of Gm cell (Cout), the load resistor (R:), series re-
sistance of switches (Ron) and the input impedance of next Gm-RC stage (Zcs). As
the load of the Gm cell is approximately equal to 1/Gwu, the gain of each Gm-RC
stage is close to unity. In reality, however, all kinds of lossy mechanism results
in 2-3 dB insertion loss per Gm-RC stage, resulting in large amplitude variation
over the coarse delay tuning. To mitigate this issue, the switches ki....~ in Figure
4-3 are sized differently, keeping the overall insertion loss constant over the
coarse delay settings.

Due to the CB structure, the input impedance of Gm-RC cells are low, i.e. <10 Q.
As a result, the Gm cells, which should operate in Class-A mode, have to be bi-
ased with a large DC current in order to maintain a high input Piss. To make a
flexible trade-off between power dissipation and linearity performance, the Gm-
RC cell is designed to be able to operate at a wide range of supply voltages, i.e.
from 1.5V to 2.7 V. As aresult, the overall TTD phase shifter can adjust its power
consumption depending on the linearity requirement of the application. When
operating at lower supply voltage, it is important to avoid Q: entering saturation
region. This is achieved by proportionally downscaling the biasing current of
the device, which reduces the voltage drop across R: and Rz. As the biasing cur-
rent changes, the Gm value of the device changes as well, which have an impact
on the gain and totally delay response. Fortunately, due to the proposed DV
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cancellation mechanism, the degradation of the overall TTD performance is mar-
ginal. Each differential Gm-RC stage in high power mode (2.7V) draws 27 mA,
and in low power mode (1.5 V) consumes 11 mA. Depending on the delay set-
tings, the biasing of the un-used Gm-RC cells can be turned off, i.e. by turning off
Vb in Figure 4-4, in order to save the power dissipation. The simulated worst-
case delay variations of the complete Gm-RC cells are 1.3 ps and 1.5 ps respec-
tively in high and low power modes over 20-40 GHz frequency band.

4.3.3. Design of LC delay cell

Figure 4-6 shows the implemented 3-stage LC fine tuning delay cells. As the Gm-
RC stage has a low input impedance (1/Gm), the LC cells are preferred to have a
low characteristic impedance (Zo) as well in order to ease the inter-stage imped-
ance matching. This results in a small inductance L: and a large varactor C,q, i.e.
Zo=,/L,/2C,,,. However, a too large varactor can give two issues. First, it intro-
duces large parasitic capacitances, which degrades the delay tuning ability.
Moreover, as the insertion loss of the varactor varies as its capacitance changes,
a larger varactor results in larger amplitude variation during fine delay tuning.
As a result, a trade-off has been made to have the single-ended Zo~ 24 Q. To
achieve 75 = 4 ps, L1 is designed to be 120 pH, and the single-ended capacitance
Car varies from 130 fF to 190 fF. This results in a continuous variable delay of 4.3
ps, covering the 4 ps coarse delay tuning step. As the 4.3 ps variable delay is
distributed into 3 stage, the characteristic impedance of the LC cells is only
slightly affected during the capacitance tuning, i.e. from 23 Q to 25 Q. This re-
duces the variation of the input impedance matching as well as the amplitude
variation over the fine delay tuning.

Zo=123-25Q
Cya= 130f~190f > 4.3ps At Zmrc= 69
Rs=240 L;=120p L;=120p L;=120p Ry b» Gm-RC

o~~~ YY) pﬁm m_

. . o c S cells

IN var val var var,

R
= VirtuaIGround - B )

Figure 4-6. Design of LC fine tuning stages
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Figure 4-7. Optimization of R. value to perform DV cancellation, the R. impedances are
based on single-ended values.

As the delay pattern of the LC m-network also depends on its load impedance,
Rt, shown in Figure 4-6, has to be optimized in order to get the best DV canceling
performance. As shown in the lower part of Figure 4-7, with different R. values
(based on single-ended values), the variable delay response of the LC fine tuning
stages part varies. With the known delay response of the Gm-RC cells (the worst
DV case), the overall variable delay response of the active TTD phase shifter can
be estimated (see the upper part of Figure 4-7). It can be seen that the best DV
cancellation can be achieved with a single-ended Rt value around 16 Q.

With CB configuration, the single-ended input impedance of a Gm-RC stage
(Zaomre) is about 1/Gm = 25mV/(Ic/2) = 50mV/Ic, where Ic is the biasing current of
a differential Gm-RC cell. Depending on different supply voltages, Ic ranges from
11 mA to 27 mA, resulting in Zemrc ranges from 1.9 Q to 4.5 Q. In reality, due to
the impact of R: and metal resistance, Zcurc is slightly larger, i.e.4.5-7 (). As a
result, to achieve the optimum R:=16 (), a 10 () series resistor Ru is added in
series with the Gm-RC cells.
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Figure 4-8. Die photos of (a) single channel active TTD phase shifter, and (b) two-
channel active TTD beamformer

4.3.4. Measurement Results

Figure 4-8 shows the die photos of the implemented single channel active TTD
phase shifter and two-channel active TTD beamformer. Both are fully differen-
tial circuits. The two channel version includes a passive combiner at the output,
as the output signal of the Gm-RC stage is already converted in the current do-
main. To simplify the measurement, the two channel version also includes an
active balun at the input of each channel in order to perform the S2D conversion.
The power dissipation (Puis) of the phase shifter depends on the value of the re-
alized delay. Denote Pp as the power consumed by each Gm-RC cell, then the
maximum Puiss of the 2-channel beamformer is 4Pp, i.e. with one channel activat-
ing three Gm-RC cells and the other channel turning on one Gm-RC cell. This
leads to an effective average Puiss per channel of 2Pp, which in high power mode
equals to 146 mW, i.e. 2x27 mAX2.7 V, and in low power mode is 33 mW, i.e.
2x1ImAX1.5 V.

S-parameters measurement of the single-channel phase shifter has been per-
formed with different supply voltages. With the supply voltage varying from 1.5
V to 2.7V, the realized phase shifter presents similar performance regarding S,
delay and gain variation. Taking Vcc=2.7 V as an example, Figure 4-9 shows the
measured relative delay response for different delay settings. To evaluate the
flatness of the achieved delay response, Figure 4-10 shows the fitted Gaussian
distribution function of the worst-case normalized delay variation (NDVes) over
13 circuit samples. The results show an average NDV of 0.77 ps (o < 60 fs)
within a 20 GHz frequency band, and of only 0.36 ps (o < 35 fs) withina 10 GHz
frequency band. As shown in Figure 4-11, the core of the phase shifter presents
an available gain G. of -10.5+0.9 dB dB at 30 GHz and almost constant input
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impedance, i.e. |S111<-15dB for all delay settings. The large signal performance
of the phase shifter, as expected, changes as a function of supply voltage, i.e.
power dissipation. As shown in Figure 4-12, the measured worst-case input Pidas
and IIP3 at 30GHz are +9.7 dBm and +18 dBm in high power mode and are +3.6
dBm and +13 dBm in low power mode.
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Figure 4-9.Relative delay response for different delay settings (Vcc=2.7 V).
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Figure 4-10. Fitted Gaussian distribution of worst-case delay variation over 13
samples within (a) 25-35GHz (b) 20-40GHz (Vcc =2.7 V).
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Figure 4-11. Measured available gain (left) and input return loss (right) of the active
TTD phase shifter over different delay settings (Vcc=2.7 V).
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Figure 4-12. Measured worst-case input Pias and IIP3 at 30GHz versus different power
supply.
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Figure 4-13. Normalized beam pattern of 2-channel beamformer

The two-channel TTD beamformer (Figure 4-8b) consists of two identical TTD
phase shifters as in the single-channel version. On-chip active baluns are used to
perform single-to-differential conversion from the two single-ended channel in-
puts. At the output, signals from two channels are summed in current domain
via a microstrip-line based passive combiner which also acts as a part of output
matching network. To evaluate the beam pattern of the 2-channel beamformer,
taking into account of the coupling between channels, a full 3 ports S-parameters
measurement is performed for different delay settings, i.e. single-ended port 1
and 2 for two channel input and differential port 3 at the output. Figure 4-13.
shows the normalized array pattern for the 2-channel beamformer for maximal
delay setting (in high power mode), which is synthesized from the measured 3-
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port S-parameters. It is seen that signals with 20GHz frequency difference sim-
ultaneously reach their optimum at a signal angle of 45° without obvious beam-
squinting.

2 stage HP-LNA+Buffer
I i : Gn-RC
cells

0.41mm

]
Trans-
former

1/gm 25Q

CC
1" and 2" stage of || 4——1_ E % @I
- 100Q
standalone LNA [ Buffer TTD-PS |
Stage 1:2

Figure 4-14 Die photo and architecture of the high power TTD receiver front-end (HG-
LNA/active TTD).

4.4. 25-35GHz High Power Phased Array Receiver Frontend
4.4.1. Architecture

Figure 4-14 shows the die photo and the architecture of the high power TTD
receiver front-end, which consists of the proposed HG-LNA (Design-II in Sec-
tion 3.3) and active TTD phase shifter. The complete front-end has a core area of
a core area of 0.31 mm? (0.76 mmx0.41 mm). To reduce the DV of the TTD phase
shifter, both the input and the output of the active TTD phase shifter need to be
terminated with frequency independent impedances, e.g. broadband real im-
pedances. At the input of the TTD, this is achieved by replacing the last CE stage
of the HG-LNA by a common-collector (CC) buffer stage. Although this modifi-
cation slightly reduces the gain of the LNA, it provides almost a constant source
impedance over the frequency for the TTD-PS, i.e. Zs =1/gmcc, where gmcc is the
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transconductance of the CC buffer stage. At the output of TTD, the output
matching network is implemented using a broadband 1:2 transformer.

2.5V/1.5V
Cou/gn=3ps ng
To next
Co”’:[ R=1/gn ‘\/Qb Bias3 GmRC stage
= P .
\Q_L-Bias2
RFi,
Biasl—liQm,-l To RFy, for
= combining

Figure 4-15. Improved implementation of the Gm-RC cells in front-end design for larger
realized delay per stage (plotted in single-ended form for simplicity).

To realize a 30 GHz 2x2 beamformer with a beam steering from -45 to 45 degree,
the active TTD phase shifter needs to provide 18 ps total variable delay, which
is 50% more compared to the 12 ps standalone version TTD phase shifter pre-
sented in Section 4.3. The total variable delay can be increased by either adding
extra Gm-RC cells, or realizing more delay per Gm-RC cell, i.e. a trade-off between
power dissipation and NDV. To relax the trade-off, an improved implementa-
tion of Gm-RC delay cell is proposed (Figure 4-15), where each Gm-RC stage re-
alizes 50% more delay, i.e. 6ps, meanwhile keeping a low NDV. As shown in
Figure 4-15, instead of using only one CB transistor per Gm-RC stage, two CB
transistors are stacked, i.e. Q. and Q». Together with the parasitic capacitance Cou
at the collector node, each device now acts as a sub- Gm-RC cell. As a result, the
implemented delay per sub- Gm-RC cell is only 3 ps, while the whole Gm-RC
stage still achieves 6 ps delay. Compared to the standalone version TTD phase
shifter where each Gm-RC cell implement 4 ps delay, the improved design results
in even better NDV. Transistor Qi acts as a current source, which can be
switched off to reduce power dissipation when the corresponding delay cell is
not activated.

62



4.4.25-35GHZz HIGH POWER PHASED ARRAY RECEIVER FRONTEND

As indicated in Section 4.3.2, the active TTD phase shifter can operate from 1.5
V to 2.5 V supply voltage to meet different linearity requirement. Additionally,
for lower input power level, the first 2 stages of HG-LNA can also operate with
lower supply voltage, i.e. 1.8 V, without too much NF degradation. As a result,
the complete front-end can operate in a dual power mode. Depending on the
coarse delay settings, the power dissipation of the complete front-end is 201-336
mW in high power mode and 94-127 mW in low-power mode.
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Figure 4-16. Measured S-parameters and NF of the high power receiver front-end (HG-
LNA/active TTD) in high power mode for different delay settings.

4.4.2. Measurement Results

The measured gain and NF performance of the front-end (HG-LNA/active TTD)
in high power mode are shown in Figure 4-16. With different delay settings, the
front-end presents 13.8+1.3 dB gain at 30GHz and an -3 dB BW of 10 GHz for the
average gain, i.e. from 24.4 GHz to 34.4 GHz. Within the bandwidth, the RMS
gain error is 0.6-1.1 dB. In low power mode, the gain drops to 12.3+2 dB at 30
GHz and the average gain BW reduces to 7.6 GHz. The measured NF of the front-
end at 30 GHz is 2.6-3.1 dB in high power mode and 3.4-4dB in low power mode.
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Due to good reverse isolation, i.e. Sz, the input return loss of the front-end is
dominated by the Si: of the HG-LNA and is better than -10 dB for all the delay
settings. Figure 4-17 shows the relative delay response for different delay set-
tings from 22 GHz to 37 GHz (high power mode). The TTD front-end offers 17.8
ps continuous variable delay with an in-band NDVers of 3.5%, i.e. 0.62 ps worst
case delay variation. The large signal and linearity performance of the front-end
are measured when the front-end reaches its peak gain, i.e. 17.2 dB at 32.5GHz
with the lowest delay setting. The measured input Pias and IIP3 are respectively
-15.8 dBm and -9 dBm in high power mode, and -18 dBm and -12dBm in low
power mode. The two tone frequency offset for IIP3 measurement is 80 MHz.
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Figure 4-17. Measured relative delay response and NDVrs of high power TTD receiver
front-end (HG-LNA/active TTD).

4.5. Conclusion and Discussion
4.5.1. Conclusion

A compact Ka-band active TTD phase shifter and a wideband TTD receiver
frontend have been realized using a 0.25 um SiGe:C BiCMOS process. With the
proposed delay-variation cancellation technique, the TTD phase shifter achieves
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a flat delay response from 20 GHz to 40 GHz with only 6.6% normalized delay
variation. A constant input impedance, i.e. 1Sul< -15dB, is maintained for all
delay settings within 20-40 GHz frequency band. The TTD receiver frontend pre-
sents 10 GHz gain BW and 15 GHz flat delay BW with only 3.5% normalized
delay variation.

Table 4-1. Benchmarking of the proposed standalone active and passive TTD phase
shifter with other fully integrated TTD phase shifter.

Tech- Freq. /:::pr ]1;/[ ?X' NDV* Pwr ICP,ss™" | Resolu- | Size™
nology | (GHz) | d];’) (ES"‘)Y %) | mW) | (dBm) | tion(ps) | (mm?)
Active 0.25um
TID | "ohT 2040 | 209 12 64 | 146 | +9.7 | Cont. | 0.1
(2.7V)
Active 0.25um
TTD | “oh™ | 2040 | £14 | 125 | 66 | 33 | +3.6 | Cont. | 0.1
(1.5V)
o | Ogdm s g 64 | ~l6 | 875 | NA 4 0.82
0.13pm
3] | “go | 3141 | NJA | 54 | NA | 104 | N/A 18 1.44
N4 | Sokn | 1540 | £2 42 | =20 | S 4 3 0.99
]| Skt | 115 | 43 25 | ~14 | 78 | NA 15 1.5
(5] | Sube | 125 | 04 | 550 | 36 | 90 | NA | Cont. | 007
e | SEm | 310 | =07 25 40 | 388 -1 Cont. | 0.23
0.13pm
301 | Vg™ | 5565 | N/A 16 | NA | 0 N/A 12| 035

7

“NDV: The worst case delay variation in percentage of total variable delay, values with ‘~" are esti-

mated from the given delay response
“For TTD phase shifter only
“* Estimated core size of TTD circuits only

Table 4-1 shows the benchmarking of the proposed standalone TTD phase
shifter (both active and passive TTD phase shifter) with other works in the liter-
ature. It can be seen that the proposed standalone active TTD phase shifter has
an improved performance regarding flat delay bandwidth, delay variation, gain
variation, delay resolution, and chip area. The only exception is the work in [15],
which implements the complete TTD circuit using Gm-RC all-pass filters, and
present only 3.5% NDV over 1-2.5 GHz BW. Meanwhile, due to the inductorless
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architecture, the chip area is greatly reduced. However, as [15] operates at a
much lower frequency, all the parasitic effects in the proposed designs are sig-
nificantly mitigated, making it easier to maintain the constant delay and ampli-
tude response. As the frequency goes up, the performance of the Gm-cell will
degrade, therefore the architecture in [15] will hardly be used at mm-wave fre-
quencies.

Table 4-2 shows the benchmarking of the proposed high power (HP-) frontends
with other works in the literature. It can be seen that the proposed two TTD
frontend has the best reported overall NF, linearity and TTD performance, i.e.
the smallest delay variation over the largest BW.

Table 4-2. Benchmarking of the proposed wideband TTD frontend with other fully inte-
grated TTD frontend.

HP-FE
[12] [13] (11 2.5V 1.5V
Min. NF (dB) N.A. 4.0* 2.9* 2.6 3.4
Avg. Gain (dB) ~10 ~12 9 13.8 12.3
Gain Err. (dB) +1 +15 +3 +1.3 12
Gain BW (GHz) 12 10 N/A 10.1 7.6
Delay BW™ (GHz) 1-15 30-40 1-15 22-37 22-37
Total Delay (ps) 64 54 225 17.8 18.3
NDVrs ~12% N.A. ~14% 3.5% 3%
Input P1ds (dBm) -23 N.A. N.A. -15.8 -18
Poc/channel (mW) 87.5 104 138 268.5 110.5
Resolution (ps) 4 18 15 Cont. Cont.
Size™ (mm?) >15 >1.4 >1.2 0.31

“ NF for LNA only

* Within which the delay variation is evaluated
“Estimated core size of one front-end channel

Mark with “~” is estimated from the measurement results

4.5.2. Limitation and Discussion

Regarding the DV canceling, theoretically, the LC delay cells can only be opti-
mized to cancel the DV for a specific setting of the Gm-RC stage. In other coarse
settings, the DV canceling is less effective. This is also the reason that the final
measurement results still present 6.6% NDV at 20-40 GHz frequency band. One
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can also foresee that with more Gm-RC stages and more coarse settings, the over-
all NDV will be further degraded.

In addition, although the total variable delay can be extended by adding the
compact Gm-RC cells, the power dissipation will be significantly increased. Ex-
cept for the direct increase of power consumption by including more active
stages, the added Gm-RC cells will result in more insertion loss of the overall
phase shifter. It will call for a larger gain from the LNA to keep a reasonable
frontend gain. Consequently, with a fixed overall input Pias, both the LNA and
the Gm-RC cells must increase their power consumption to handle the larger out-
put power at the output of the LNA.
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5. Passive True-Time-Delay Phase
Shifter and Receiver Frontend

5.1. Introduction

In the previous chapter, an active true-time-delay (TTD) phase shifter has been
realized, which combines Gm-RC and LC delay cells and achieves flat delay from
20 to 40GHz. However, to maintain a high input compression point (ICP), the
frontend with active TTD solution tends to have a large power dissipation,
which is not preferable in many low power applications. To relax the trade-off
between power dissipation and ICP, a passive TTD phase shifter solution is in-
vestigated and implemented in this chapter.

As the passive TTD phase shifter only contains passive components and
switches, the Gm-RC based DV canceling technique cannot be applied anymore.
As aresult, an alternative DV reduction technique — a broadband matching tech-
nique is proposed, which can be applied to a fully passive TTD architecture.
With the proposed broadband matching architecture, the presented standalone
passive TTD phase shifter achieves a flat delay response over 10-50GHz with
only 3.9% normalized delay variation (NDVes). The corresponding low power
TTD frontend is also implemented by integrating the previously discussed low-
power LNA (Design-III in Section 3.4).
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5.2. Broadband Matching Architecture

According to the delay response of two types of delay cells shown in Figure 2-10
and Figure 2-11, by realizing the same amount of delay per delay cell, the
matched LC m-network exhibits much lower NDV than the Gm-RC delay cell.
Therefore, if the LC delay cells can be used in broadband matched condition,
they can replace the Gm-RC stages in active TTD phase shifter for realizing coarse
delay tuning and achieve low DV without power dissipation.

Figure 5-1 demonstrates the delay performance of a matched LC delay cell. As
shown in Figure 5-1b-c, when achieving 2.77 ps, i.e. 30 degrees at 30 GHz, the
matched LC cell only presents about 5% NDV up to 60 GHz. Therefore, main-
taining broadband matched condition of an LC delay cell can be a solution to
design a low DV passive TTD phase shifter. For instance, a simplified passive
TTD phase shifter architecture can be implemented as shown in Figure 5-2,
where all the delay cells are realized with LC mt-network with a characteristic
impedance of Zo. The delay is discretely tuned by path selectors kiz,...n. To mini-
mize DV, each enabled LC cell has to see a broadband impedance that equals to
Zoat both source and load. However, due to all kinds of parasitic effects at a mm-
wave frequency, there are several challenges to maintain the broadband match-
ing condition of LC delay cells.

Zs=2, Zi=Z,

|
-] L - ,
Port 1 J_ i J_ Port 2 LA = ZOSLTLH/(()
Zo ICA C{[ Zy
(

Cp=tanb/Z w
a)

[—Lccel | ' — Delay of LC cell
---ldeal TTD| -2.75

y [ps]
o

Delay Variation ~5%

Phase Shift [deg]
Dela
©
(2]
[9,]

S0 eg. freq = 30GHz e.g. freq = 30GHz,
80" p=30° (= 2.77ps) 8=30° (= 2.77ps)
0 10 20 30 40 50 60 295 g

20 30 40 50 60
Frequency [GHZ] Frequency [GHz]
(b) (©)

Figure 5-1. Phase response and NDV of a broadband matched LC delay cell when
achieving 2.77 ps delay.
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kJI' kzl' ks k’”J
RF IN LC, Z LC,Z, |rA—|:|_...

o Z 7o Z|

Figure 5-2. Simplified architecture of a passive TTD phase shifter.
TL Path

RF OUT
l—| TL,Z, I—l—l TL, 7, |—l— . 0
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T, Delay cell Z.=2L/C, Z.=~2L/C,
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I I0 “Tod

When K; on When K of f

Figure 5-3. Proposed broadband matching based passive TTD architecture.

First of all, when the switches k1. are turned off, a certain parasitic capacitance
is present and loads the LC cells. Secondly, if not designed carefully, the disabled
LC cell can present parasitics at node A as well. Both the parasitic loading men-
tioned above result in frequency-dependent mismatching, leading to an in-
creased DV.

To solve these two issues, a broadband matching TTD architecture is proposed.
As shown in Figure 5-3, the N-stage discrete tuning delay network consists of
two paths and switches ki2...n as path selectors. The lower delay path consists of
LC delay cells, offering a much larger delay than the sections in the upper TL
path, which are coplanar waveguide (CPW) TLs and serve as interconnects be-
tween two discrete delay cells. As a result, a variable delay can be achieved by
activating different switches ki...~. Assume that the TTD phase shifter is termi-
nated by the broadband impedances Zs and Zr, (usually both are 50€2). The TLs
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in TL path will then have the characteristic impedance equal to Zr. The LC cells
in the delay path are implemented by LC mt-networks with switches Kz added in
both ground branches. By switching Kz on and off, the characteristic impedance
of the LC cell can be varied between Zs and Zc (illustrated in the lower part of
Figure 5-3), where Cr represents the parasitic capacitance of Kz when it is off.
Here it is assumed that Cr « Ci. To minimize undesired reflections, path T is
terminated with a resistance equal to Zc.

Figure 5-4 shows how broadband matching is achieved within the proposed ar-
chitecture. Assume that the m-th path selector kn is activated, then all the LC cells
before kn are switched to the Zs mode (with Kz in Figure 5-3 on) and those after
km are switched to the Zc mode (with Kz in Figure 5-3 off). Due to the matched
termination at the end of the LC path, Zic: is always equal to Zc, independent of
the delay settings. The source and load impedance seen by the m-th LC delay cell
can be derived as Zsw=Zs and Zrw=Zc//(Ron+ZL), where Ron is the on-resistance of
m-th switch Kn. As Zc>Zs, parameters Li, C: and Cr can be designed such that:

Zg=Zs=Z) (R, +Z,)=2,, (.1
With (5.1) satisfied, the LC delay cell is well matched to both source and load.
Note that this condition applies to all the other delay settings. Additionally, since
the characteristic impedance of a TL is frequency independent, the matching
condition in (5.1) is valid for a wide frequency range. As a result, with the pro-
posed architecture a flat delay response can be achieved over tens of GHz fre-

quency band.

TL, Z, |__| TL, Z,. |MUT
Lsm Zyiym K (Ron) I_EL

Zs
LC, Zs |-.‘..J-| LC, Zs LC, Zc F+--4 LC, Zc PMWA—
REIN m-th LC Zc
delay cell

2y

Figure 5-4. Broadband matching mechanism of the proposed TTD architecture.
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5.3. 10-50GHz Passive True-Time-Delay Phase Shifter
5.3.1. Architecture

The proposed TTD phase shifter is targeted to achieve 32ps continuous variable
delay, which enables a 4-element beam former with 5 mm antenna spacing to
perform a beam-squint free beam-steering from -40 to 40 degree in the 10-50 GHz
range. Figure 5-5 shows the block diagram of the fully differential TTD phase
shifter (plotted in single-ended only for simplicity). Coarse tuning and fine tun-
ing are combined to relax the trade-offs between the large total variable delay
and high tuning resolution. The coarse tuning part is based on the proposed
broadband matching architecture. With 7 LC delay cells cascaded, the coarse
tuning part provides 3 bits or 7 steps discrete delay tuning, with the tuning range
and tuning step of 28 ps and 4 ps, respectively. To cover the 4 ps step of the
discrete tuning, the fine tuning stages, based on variable-C LC mt-networks, offer
in total 4.4 ps continuous variable delay. All the switches in the design are im-
plemented using HV-NPN devices (see Figure 2-12). The base current of each
switch, depending on the switch locations, is only a few pA.

Z:=50 0 Tuning Range/Step = 28/4ps
— 4—| l—| L, 500 |—l—| TL, 500 FrTZ-E%lh—_—li_TL,SOQ RFOUT-gOQ
REIN| | G ; ki ko ks ks
50Q ). 4 X R,~=120Q
L L L L Y LC 50/120Q LC_50/120Q . LC_50/120Q o
Coc .

7 Stage 3 Bits Coarse Tuning

{Var C}
{Var C}
Var. C
{Var C}

Figure 5-5. Block diagram of proposed differential TTD phase shifter (plotted in single-
ended form for simplicity)

5.3.2. Design of the Coarse Tuning Part

To meet the broadband condition in (5.1), Zi, Ros, Zs and Zc values have to be
determined. According to the proposed architecture shown in Figure 5-3, Z.
should be equal to the load termination of the TTD phase shifter. To facilitate the
output matching, Z: is chosen to be 50 Q. Switches ki2...s are implemented with
small transistors in order to minimize the parasitic when they are off. Smaller
transistors as switches, however, results in a large on-resistances, i.e. Rox is 35 Q
at 30 GHz. As indicated in Figure 5-5, for a good Si: performance, the value of Zs
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should be equal to the nominal characteristic impedance of the fine tuning stage,
which finally should be equal to the source termination of the complete TTD
phase shifter. As a result, Zs is chosen to be 50 €) to ease the input matching.
With the known Zs, Ror and Zt, Zc can be calculated based on (5.1), being 120 Q.

With the broadband matching condition satisfied, the parameters of LC cell and
switch Kz can be derived, i.e. L1, C1, and Cr (see Figure 5-3). When the LC cell is
in Zs mode, the delay difference between one LC delay cell and CPW TL cell is 4
ps. As the dimension of the CPW TL in the layout results in 0.5 ps delay, each
LC delay cell has to offer 4.5 ps delay. Based on the value of Zc, Zs and required
delay time, parameters L1, Cz, and Cr, in LC delay cell can be calculated, i.e. 200
pH, 48 fF, and 8.3 fF, respectively. Note that these parameters in each stage may
shift within a certain range during the layout phase due to the parasitic of
switches k1.2...s and metal resistance along the LC delay path.

5.3.3. Design of the Fine Tuning Part

In order to reduce the characteristic impedance changes of the LC m-network,
the 4.4 ps variable delay is distributed over two LC stages, where each LC stage
varies the capacitance in a smaller range. However, the required variable delay
per stage still calls for a large size varactor, which would introduce large para-
sitic capacitance and reduce the tuning ability of each LC stage. Therefore, in-
stead of using varactor-only tuning, a hybrid tuning is employed, i.e. 3 bits dig-
itally controlled binary capacitor bank in parallel with an analog controlled va-
ractor (see Figure 5-6a). As a result, only a small varactor is required. With a
control voltage Vc from 0 V to 2.8 V, the varactor varies its capacitance from 14
to 27 {F (see Figure 5-6b), covering the 12 fF LSB of the capacitor bank.

.. 28
Positive

12f | 24f |[48f
¥ 14-27{F

L)L fed
ifO—Z.SV

12f [24f [48f

Capacitance [fF]

Negative

ve V]

(a) (b)

Figure 5-6. Implementations of (a) differential hybrid capacitance tuning and (b) varac-
tor characteristic
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Coarse Tuning

Figure 5-7. Die photo of the proposed passive TTD phase shifter.

5.3.4. Measurement Results

Figure 5-7 shows the die photo of the proposed fully differential passive TTD
phase shifter. The size of the core phase shifter is less than 0.22 mm?. The delay
of the TTD phase shifter is controlled by 6 bits digital signal, i.e. 3 bits coarse
tuning plus 3 bits fine tuning, and one analog signal, with a control voltage from
0 V to 2.8 V. To evaluate the small signal performance of the differential TTD
phase shifter, a 4 ports S-parameters measurement has been performed, from
which the 2 ports differential S-parameters are derived.

0

5 — = ——— == — —

-10

Relative Delay [ps]

1 1
10 15 20 25 30 35 40 45 50
Frequency [GHz]

Figure 5-8. Measured relative delay response for different settings.
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Figure 5-9. Measured normalized delay variation of each delay setting for 10-50GHz.
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Figure 5-10. Measured Sz1, Su and RMS gain variation of the TTD phase shifter.

Figure 5-8 shows the relative delay response for different delay settings from 10
GHz to 50 GHz. The total achieved variable delay is 32.8 ps, close to the design
target of 32 ps. To evaluate the flatness of the achieved delay response, Figure
5-9 shows the in-band NDV of each delay setting. The worst-case NDVes (de-
fined in equation (2.7)) is 3.9%. The degraded delay flatness below 10 GHz is
mainly caused by the series DC decoupling capacitance, e.g. Coc in Figure 5-5.
The flatness can be improved by using a larger capacitance, but that results in a
larger area.

Figure 5-10 shows the measured Szi, S11, and the RMS gain variation. The inser-
tion loss of the proposed TTD phase shifter is 15.5+1.3 dB at center frequency 30
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GHz, with the RMS gain variation less than 3dB from 10 GHz to 37 GHz. The
measured input reflection coefficient is well below -10dB up to 40GHz, and de-
graded to -8 dB at 50 GHz. The measured worst-case input Piss and IIP3 at
30GHz are +15.5 dBm and +24.7 dBm. Suppose the proposed TTD phase shifter
is used in a receiver with an input P14s specification of -20 dBm, a high gain LNA,
e.g. 521 > 30 dB, can be integrated in front the phase shifter to suppress the over-
all NF of the frontend (LNA+TTD) and result in a reasonable frontend gain, i.e.
15 dB.

Passive TTD

Fine Tuning
Stage

88

Coarse Tuning
Stage

[
Q
E
e

=
v
c
u

=

Figure 5-11. Die photo of the low power TTD receiver front-end (LP-LNA/passive
TTD).

5.4. 25-35GHz Low Power Phased Array Receiver Frontend
5.4.1. Circuit Design

To realize alow power receiver, the passive TTD phase shifter is integrated with
the LP-LNA (Design-III in Section 3.4). Figure 5-11 shows the die photo of the
low power TTD receiver front-end. The complete front-end has a core area of
0.48 mm? (1.05 mmx0.46 mm). Since the proposed LP-LNA has included the CC
stage (see Figure 3-22), no additional buffer stage is needed when connecting the
LNA and the passive phase shifter.

The presented standalone passive phase shifter, with a total variable delay of
32.8 ps, enables a 30 GHz 2x2 beamformer to perform a full range beam-scanning
from -90 degree to 90 degrees. However, in practice a scanning range from -60
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degree to 60 degrees would be enough for most of the Ka-band applications. As
a result, the total variable delay of the low power front-end has been reduced to
20.5 ps, which also reduces the loss and die area of the passive phase shifter. The
revised passive phase shifter has the same architecture as in the standalone ver-
sion but only has 3 discrete tuning stages, with each stage providing 5 ps fixed
delay. For fine tuning stages, 5.5 ps continuous variable delay is required to
cover the discrete delay step and fulfill 20.5 ps of the overall variable delay. The
tuning range of the fine tuning stages, compared with that in the standalone
phase shifter, is increased by 25 %. To include some extra margin, all the induc-
tors, capacitors, and varactors in fine tuning stages are up-scaled by 30%, result-
ing in 5.7 ps variable delay. As the ratio between inductance and capacitance is
not changed during scaling, the characteristic impedance maintains the same.

The delay of the TTD phase shifter is controlled by 5 bits digital signal, i.e. 2 bits
for 3 stages coarse tuning plus 3 bits fine tuning, and one analog signal. To be
compatible with the 1.5 V voltage supply of LP-LNA, the supply voltage for both
digital and analog control for the phase shifter is changed to 1.5 V as well. As in
standalone phase shifter design, the supply voltage is 2.8 V, the impact of chang-
ing supply voltage needs to be compensated. For all the NPN switches, the bias-
ing resistors are adjusted to keep the same on-state Ve as in standalone phase
shifter design. For the varactors, the size is further increased to compensate the
reduced tuning range. The simulated insertion loss of the revised passive phase
shifter ranges from 7 dB to 10 dB with different delay settings.

5.4.2. Measurement Results

The complete low power front-end (LP-LNA/passive TTD) consumes in total
22.4 mW (14 mA, 1.6 V, including the leakage current for switches and logic cir-
cuits). Figure 5-12 shows the measured gain and NF performance. With different
delay settings, the front-end presents 14.8+3 dB gain at 30 GHz and an -3 dB BW
of 11.5 GHz for the average gain, i.e. from 24 GHz to 35.5 GHz. Within the band-
width, the RMS gain error is 2.3-3.2 dB.

The measured amplitude variation is much larger than in simulation. As the
measured gain of the LP-LNA matches well with the simulation, we believe that
the gain variation discrepancy is mainly coming from the TTD circuit, caused by
the inaccurate RC extraction of the BJT switches, i.e. the loss of transistor inter-
connects are underestimated. This is confirmed by re-characterizing the transis-
tor interconnects using an EM simulator. As a result, each BJT switch including
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interconnects causes 0.2-0.6 dB more insertion loss than expected at on state. By
taking into account of this extra switch losses, the simulated gain variation is 5.7
dB at 30 GHz, which agrees well with the measurement result.
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Figure 5-12. Measured S-parameters and NF of the low power receiver front-end (LP-
LNA/passive TTD) for different delay settings.

The measured NF of the low power front-end at 30 GHz is 2.5-3.2 dB. The input
return loss of the front-end is almost identical to the Si: of the LP-LNA (see Fig-
ure 3-14) and is better than -10 dB for all the delay settings within the gain band-
width.

Figure 5-13 shows the relative delay response for different delay settings from
26 GHz to 40 GHz. The TTD front-end offers 22 ps continuous variable delay
with an in-band NDVrs of 5.4%, i.e. 1.2 ps worst case delay variation. Compared
with the standalone passive TTD circuit, the degraded NDVes is mainly due to
the impedance mismatch between the LNA and TTD, especially at frequencies
below 30 GHz. Although the output CC stage of the LNA provides a broadband
impedance, the transformer in parallel contributes a significant reactance at
lower frequencies. With such a frequency dependent source termination, the
TTD fine tuning stage results in an increased delay variation. From 30 GHz and
above, however, the transformer operates close to its self-resonance frequency.
As a result, the TTD circuit again sees a broadband source impedance and the
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delay variation reduces. As shown in Figure 5-13, if the TTD performance is eval-
uated from 30-40 GHz only, the measured NDVrs is reduced to 3.7 %, which is
comparable with the NDV of the standalone passive TTD circuit (see Figure 5-9).
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Figure 5-13. Measured relative delay response and NDVes of low power receiver front-
end (LP-LNA/passive TTD).
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Figure 5-14. Measured input P1dB and IIP3 of and NDVes of low power receiver front-
end (LP-LNA/passive TTD).

As shown in Figure 5-14, the worst-case measured input Pias and IIP3 of the low-
power frontend are -22.2 dBm and -14 dBm at 31 GHz, which is almost the same
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as the standalone LP-LNA (see Figure 3-24). This is because the passive TTD
phase shifter is highly linear (>20dBm IIP3) therefore the frontend linearity is
limited by the LP-LNA.

Table 5-1. Benchmarking of the proposed standalone active and passive TTD phase
shifter with other fully integrated TTD phase shifter.

Tech- | Freq. | AP gﬁ;‘y NDV' | Pwr | ICPu" | RO | g
Passive 0.25pum
s oowm | 10-50 | £1.3 | 328 | 39 | <1 | +155 | Cont. | 0.22
Active TTD | 0.25um
P oowm | 20-40 | 209 | 12 | 64 | 146 | +9.7 | Cont. | 0.1
Active TTD | 0.25pum
15V) 2onm | 20-40 | x4 | 125 | 66 | 33 +3.6 | Cont. | 0.1
[12] 008im |y gs | sl | 64 | ~16 | 875 | N/A 4 | 082
[30] O13mm | 5565 | NJA | 16 | NA | 0 N/A 12 | 035
SiGe
[13] O3um 3y 41 | N/A | 54 | NA | 104 | N/A 18 1.44
SiGe
0.13um 8.6-
[14] b | 1540 | #2 | 42 | >20 | 3 8 3 0.99
nip | SuE s | #3225 | <14 | 78 | NA | 1S | L5
[15] Oubm | 125 | 204 | 550 | 3.6 | 90 | NA | Cont | 007
[16] 08um | 310 | 07 | 25 | 40 | 388 -1 Cont. | 023
SiGe

’

“NDV: The worst case delay variation in percentage of total variable delay, values with ‘~" are esti-

mated from the given delay response
“For TTD phase shifter only
“* Estimated core size of TTD circuits only

5.5. Conclusion and Discussion
5.5.1. Conclusion and Benchmarking

A passive broadband TTD phase shifter and a wideband TTD receiver frontend
have been realized using a 0.25 pum SiGe:C BiCMOS process. With the proposed
broadband matching technique, the standalone passive TTD phase shifter
achieves a flat delay response from 10 GHz to 50 GHz with only 3.9% NDV. A
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constant input impedance, i.e. |S111< -10dB, is maintained for all delay settings
within 10-40 GHz frequency band. The TTD receiver frontend presents 11.5 GHz
gain BW and 14 GHz flat delay BW with only 5.4 % normalized delay variation.

Table 5-1 shows the benchmarking of the proposed standalone TTD phase
shifter (both active and passive TTD phase shifter) with other work in the litera-
ture. It can be seen that both of the proposed standalone TTD phase shifters have
an improved performance regarding flat delay bandwidth, delay variation, de-
lay resolution, and the chip area. The only exception is the work in [15], which
implements the complete TTD circuit using Gm-RC all-pass filters, and present
only 3.5% NDV over 1-2.5 GHz BW. Meanwhile, due to the inductorless archi-
tecture, the chip area is greatly reduced. However, as [15] operates at a much
lower frequency, all the parasitics issued in the proposed designs are signifi-
cantly mitigated, making it easier to maintain the constant delay and amplitude
response. As the frequency goes up, the performance of the Gm-cell will degrade,
making the architecture in [15] difficult to apply in mm-wave frequencies.

Table 5-2. Benchmarking of the proposed wideband TTD frontend with other fully inte-
grated TTD frontend.

HP-FE
[12] [13] [11] 25V 15V LP-FE
Min. NF (dB) N.A. 4.0* 2.9* 2.6 3.4 2.5
Avg. Gain (dB) ~10 ~12 9 13.8 12.3 14.8
Gain Err. (dB) +1 +1.5 +3 +1.3 +2 +3
Gain BW (GHz) 12 10 N/A 10.1 7.6 11.5
Delay BW™ (GHz) 1-15 30-40 1-15 22-37 22-37 26-40
Total Delay (ps) 64 54 225 17.8 18.3 22
NDVes ~12% N.A. ~14% 3.5% 3% 5.5%
Input P1as (dBm) -23 N.A. N.A. -15.8 -18 -22
Poc/channel (mW) 87.5 104 138 268.5 110.5 224
Resolution (ps) 4 18 15 Cont. Cont. Cont.
Size™ (mm?2) >1.5 >14 >1.2 0.31 0.48

“ NF for LNA only

* Within which the delay variation is evaluated
“*Estimated core size of one front-end channel

Mark with “~” is estimated from the measurement results
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Table 5-2 shows the benchmarking of both the proposed high power (HP-) and
low power (LP-) frontends with other work in the literature. It can be seen that
the two proposed TTD frontends have the best reported overall NF, linearity and
TTD performance, i.e. the smallest delay variation over the largest BW. Besides,
the low power front-end has the lowest power dissipation meanwhile maintain-
ing an acceptable ICP.

5.5.2. Discussion

Compared to the low power front-end, the high power front-end occupies less
chip area and has a better linearity performance. Especially for a system where
a larger total variable delay is needed, the high power front-end can cascade
more Gm-RC cells, which is much more compact than adding more LC delay cells
in the low power front-end. Besides, due to the high output impedance and high
reverse isolation of the active phase shifter, the high power front-end enables
multiple channels to combine at the output in the current domain without using
a bulky power combiner, e.g. Wilkinson combiner. However, as the Gm-RC cells
are loaded with very small impedance, i.e. 1/Gm < 5 ), they are poor in power
efficiency and need a large DC current to maintain the required ICP. As a result,
the high-power front-end including active TTD circuits consumes a significantly
higher power than the low-power front-end.

The low power front-end, eliminating the active Gm-cells in TTD circuits, is pre-
ferred in the low power system. It also enables more phased array elements to
be integrated on one chip without burdening the power budget. Additionally,
as the operating frequency continuously increase, the footprint of the passive
scales down and the performance of the Gm-cell degrades. As a result, the pro-
posed passive architecture may find more potential at higher frequencies.
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6. Ka-band 2x2 True-Time-Delay
Phased Array Receiver

6.1. Introduction

In order to apply the proposed low power TTD frontend (Chapter 5) in a phased
array receiver, a 2-by-2 TTD phased array receiver will be presented in this chap-
ter. It can be seen from Figure 5-12 that the low power TTD frontend (LNA+TTD)
presents more than 5 dB gain variation over different delay settings. Such a large
amplitude variation will change the array pattern and negatively impact the
beamforming directivity. As a result, each receiver channel needs an RF variable-
gain amplifier (VGA) to compensate for the gain variation. To ease the LO dis-
tribution and cancel out the interference from the undesired direction, the 4 RF
channels are combined before the signal down conversion, which will be
achieved by a high linear mixer.

The complete phased array receiver design aims to maintain the RF performance
of the standalone low power TTD frontend in Chapter 5, e.g. NF, TTD, ICP1as
performance. In addition, system level issues such as biasing, ground plane dis-
tribution, isolation between various channels, power dissipation, and signal
combining will be investigated.

6.2. Architecture

Figure 6-1 shows the proposed Ka-band 2x2 TTD phased array receiver, which
includes four RF frontends, a 4:1 power combiner and a down-conversion mixer
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followed by a buffer. The RF frontend consists of the low-power frontend dis-
cussed in Section 5.4 as well as a 3-bits RF VGA. Each RF frontend is able to
provide 20.5 ps variable delay and 6 dB variable gain. The RF frontend covers
25-35 GHz frequency band. With such a phased array receiver system, a beam-
squint free beam-steering with +/-60 degrees can be achieved by a 2-by-2 antenna
array with 5 mm spacing, which is enough for most Ka-band applications.

The four RF channels are combined using a 2-stage Wilkinson power combiner,
which provides a good isolation between different channels. The complete re-
ceiver employs a super-heterodyne architecture, with IF1 centered at 11 GHz and
IF2 centered at 1.75 GHz (L-band). The L-band is commonly used in VSAT and
P2P systems as the connection between the outdoor unit and the indoor unit.
This work mainly focuses on the circuits from RF to IF1 (Figure 6-1). The first
down-conversion is achieved by Mixer1, driven by an external LO1 from 14-23
GHz. The buffer followed is used for measurement purposes. The selected IF1=
11 GHz results in an RF image frequency ranging from 3-12 GHz. First, the image
frequency is far from the 25-35 GHz RF band thus will be significantly attenuated
by the frontend. Additionally, as the image does not overlap the L-band, a sim-
ple filter will be sufficient.

25G-35G 5 bits 3 bits 4:1 Wilkinson
+60 deg TTD ) variable Gain Combiner
RF; —fina T/T/D
LO;: 14-23 GHz
/
RF; —fina T/T/D
/ IF,
RF; —nA T/'/D Mixerl ~ 11GHz
ba
RF4; —LNA T/TI/D

Figure 6-1. Architecture of the designed 2x2 TTD phased array receiver.
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6.3. Design of VGA

6.3.1. Topology selection

The RF VGA is used after the TTD phase shifter. To avoid degrading the TTD
performance of the whole frontend, the VGA has to satisfy 2 conditions. First of
all, the input impedance of the VGA must be a frequency independent imped-
ance, e.g. a broadband resistive value. Otherwise, the TTD phase shifter with a
frequency-dependent loading will result in an increased delay variation. Sec-
ondly, the insertion phase of the VGA has to be kept constant over the gain set-
tings. This is to ensure that the gain settings can be performed without disturb-
ing the delay settings.

Figure 6-2 shows two VGA architectures that fulfill the design considerations
mentioned above. In Figure 6-2a, the amplitude variation is achieved by chang-
ing the attenuation level in front of a fixed-gain amplifier. To achieve a broad-
band input impedance of the VGA, the attenuator is implemented with compo-
nents with resistive impedance only, e.g. resistors and switches (when in ON-
state). Moreover, due to the limited isolation from the attenuator, any non-resis-
tive impedance at node B can be present at node A as well. As a result, the am-
plifier is also designed with a broadband input impedance. In the meanwhile,
the attenuator has to maintain a constant insertion phase for different attenua-
tion settings.

/7

A B
IN — Attenuation out
Broadband Broadband
Impedance Impedance
(a) (b)

Figure 6-2. Two possible VGA implementations: (a) attenuation based VGA (b) current
splitting based VGA.
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Figure 6-2b shows an alternative VGA with constant insertion phase over gain
settings, where the amplitude variation is realized by splitting the output signal
current [31]. By switching on and off the control voltage VC, the RF current gen-
erated by Q1is either steered to the output or to the AC ground, resulting in a 1-
bit VGA. As Q2+ and Q:- have the same size, the current steering operation has
little impact on the impedance at node A, i.e. 1/gm2, because the current flowing
through Q1 does not change. As a result, both the input impedance and the in-
sertion phase of the VGA maintain the same value as the gain is varied. The tun-
ing resolution can be increased by having multiple of these structures in parallel,
where each stage is scaled differently to provide a linear variable gain [6].

The two topologies, however, exhibit a different characteristic in noise and line-
arity performance. With an attenuator added at the input, the topology in Figure
6-2a presents a higher NF, mainly because the attenuator in practice has a mini-
mal insertion loss even with the lowest attenuation setting. However, at low gain
setting, the topology in Figure 6-2a has a much better input linearity than in Fig-
ure 6-2b, where the signal is attenuated at the output rather than at the input. In
this work, it is important to keep power dissipation low meanwhile maintaining
an acceptable input Pias. Therefore, the topology in Figure 6-2a is chosen.

6.3.2. Circuit Design

Figure 6-3 shows the proposed differential RF VGA. The attenuator is realized
with a tunable resistor network and the amplifier is implemented with a single-
stage CE amplifier. The input matching of the CE stage is implemented by a se-
ries capacitor Cin and a parallel inductor L, resulting in a broadband input im-
pedance, i.e. Zup =100 Q. Compared to classical series-L input matching, the
employed input matching network exhibits a high-pass characteristic, which
helps to flatten the gain response of the VGA. In addition, Cin serves as a DC
decoupling capacitor, which enables independent biasing of the tunable resistor
network and the CE stage. The output matching network consists of Lour and
Cour, with which the CE stage presents an output impedance of 200 Q at 30 GHz.
The CE amplifier provides a fixed transducer gain of 11.1 dB at 30 GHz and con-
sumes 7 mA from a 1.5 V supply voltage.
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1.5V/7TmA

485p 3 Lol 485p
70fF

L —
/ ppCou OUT
A 1pF 70fF
Il N
— Tunable Resistor L. ; "
IN G 0.3x4
p— 610 in
Network p | Qs Qu
’—P ’—P IpF
68 L 68
100Q2 Zumy=100Q P deg p
Variable IL = 6 dB S,; =10.8 dB

Figure 6-3. Schematic of the attenuation-based VGA.

Figure 6-4a shows the simplified model of the tunable resistor network, where
the insertion loss is discretely controlled by the switches K: and K. As mentioned
above, the attenuator is loaded with a broadband impedance Zamwy =100 Q. With
Kion and K:off, ideally, the resistor network has no insertion loss. When Kiis off
and Kzison, the network presents IL = 6 dB. In both cases, the attenuator presents
the same input impedance, i.e. Zin =100 €. In practice, Kiand Kz are implemented
as HV-NPN devices (Figure 2-12). In order to improve tuning resolution, the
tunable resistor network is finally realized as shown in Figure 6-4b. The HV-
NPN devices are used as variable resistors Rvc: and Rvcz, with the on-resistance
controlled by the variable voltage VC: and VC;, respectively. The on-resistance
and parasitic capacitance of the HV-NPN devices result in approximately 0.7 dB
extra loss around 30 GHz. To realize fine enough gain step, i.e. less than 1dB/step,
VC1 and VC: are controlled by 3-bits digital signal, resulting in 7 steps variable
IL from 0.7 dB to 6.7 dB, i.e. about 0.86 dB per step. In order to keep Zi» =100 Q
for all attenuation settings, Rvc: and Rvez have to be selected so that the overall
series resistance Rs and parallel Rr (see Figure 6-4b) satisfy 2Rs+ Rr//100=100 Q.
The base voltages VC: and VC:that are controlled by the 3-bits digital signal Aoz,
are generated as shown in Figure 6-5. As the switches are only used at DC, nMOS
switches are used to reduce the current consumption.
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Zp =100Q

IN ’ & R ouT IN
2
— 1000
—VV\—
’:N =1000

—\VVN— —
- Zamp =100Q
Zn=100Q p 600

(a) (b)
Figure 6-4. Implementation of the tunable resistor network: (a) simplified ideal model
(b) practical implementation.

VCC/2V

VC, Generator

vC
N 8, '
2 . . 7 Ay
A, 3 Bit Logic
A, Converter nMOS
1 8 Switch
To VG, Ground
Generator = Connection

Figure 6-5. Control circuits that generate VCi and VCo.
6.3.3. Simulation Results

As the VGA is not fabricated standalone, simulation results are shown in this
section instead of measurement results. Note that all the simulation results are
based on post-layout simulation, i.e. the active cells are RC-extracted and the
complete metal layers in the layout are characterized in EM software.

Figure 6-6 shows the simulated NF and gain of CE-stage, i.e. from node A to the
output (see Figure 6-3). The simulation is performed with a 100 Q input port and
a 200 Q output port. The CE stage has a transducer gain of 9.4-11.5 dB and an
NF of 3-4 dB within 25-35 GHz frequency band. The input and output return loss
are both better than -10dB over 25-35 GHz.
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Figure 6-6. Simulated gain and NF performance of CE-stage (PortZm = 100 €2, PortZour =
200 Q).
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Figure 6-7. Simulated S21 of the complete VGA with 3-bit gain settings (PortZin =100 Q,
PortZour = 200 Q).

Figure 6-7 show the simulated NF and gain of the complete VGA with 3-bit gain
settings. The transducer gain of the VGA can be varied by 6.2 dB from 4 dB to
10.2 dB at 30 GHz, with 7 uniform gain steps. The input and output impedance
of the VGA maintained almost constant with different gain settings, i.e. Su1 <-15
dB and S22 <-10 dB at 25-35 GHz. At the highest gain setting, the simulated NF
of the VGA is 4 dB at 30 GHz. Meanwhile, the simulated input Pias and IIP3 at
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30 GHz are -4 dBm and +7.5 dBm, respectively. At the lowest gain setting, as
expected, the VGA exhibits more orless 6.2 dB more NF than at high gain setting,
i.e. 10.2 dB at 30 GHz. In trade off, the input Piss and IIP3 are improved to +2.2
dBm and +13.7 dBm respectively at 30 GHz. The two tone frequency offset for
IIP3 simulation is 100 MHz. As indicated in Section 5.4.2, the low-power
LNA/TTD frontend has an output Pias and OIP3 of -5.2 dBm and +4 dBm at its
highest gain of 17.8 dB at 30 GHz (with 100€2 load). In this case the VGA will
operate in low gain setting (input Pias =+ 2.2 dBm, IIP3 =+13.7 dBm). As a result,
the input Piss and IIP3 of the whole RF chain are limited by the LNA/TTD
frontend, which eventually is limited by the low power LNA.

35¢

——— RMS relative phase error
S e Relative Phase error for
o5l L different gain settings ]
= 2+ Tl e - s T
@ ~— I
e \\\ ——— . ___ e
§ 15F \\
i \
o 1r. v <
(7] RSN RS
2 \‘:\\ \\\\ __,__—»:_:‘:‘c_
o 05p~~__ T S RS L
O“:::****;::’:EL';:: **************************************
05+ Tt IS ----ooIDIDZEEETTTTOOTTOC

25 26 27 28 29 30 31 32 33 34 35
Frequency (GHz)

Figure 6-8. The simulated relative phase error of the VGA for different gain settings.

As mentioned above, the VGA should have a constant insertion phase during
the gain settings. Figure 6-8 shows the relative insertion phase error over dif-
ferent gain settings. It can be seen that the RMS phase error of the VGA is less
than 1.5 degree over 25-35 GHz.
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6.4. Design of Mixer and Buffer
6.4.1. Circuit Design

Figure 6-9 shows the schematic of the differential mixer and voltage buffer. The
mixer employs a double-balanced structure to reduce LO and RF leakage into IF
output. To boost the linearity and input Pias of the mixer, the Gu stage is removed,
leaving only switching pairs to mix the signal. Additionally, a series resistor Rt
is added at the input to further improve the mixer linearity. The device sizes of
the switching pair, i.e. Qi-Qz, are chosen to make a trade-off between NF and
linearity. For a fixed LO power, a smaller switching device results in a larger LO
swing, reducing the equilibrium time and NF. However, for better linearity and
large signal performance, a larger device is preferred as it can handle a larger
biasing current and exhibit a lower knee voltage. Due to the low impedance of
the CB configuration, the input impedance of the mixer, even taking into account
of Ry, is only 18 ). The input impedance matching will be discussed in the next
section. To improve the linearity of the mixer, the voltage headroom must be
maximized. At the input, it is achieved by using a center-tapped inductor, i.e. L1,
to flow the tail current instead of using an active current source. Additionally,
the switching pairs Qi-Q2are implemented as HV-NPN devices, making it pos-
sible to bias the mixer with a 2 V voltage supply. The output LC tank, i.e L2 and
(2, has a resonant frequency at 11 GHz. The mixer in active mode consumes 46
mW power, i.e 23 mAx2 V. Note that the global voltage supply of the 2-by-2
phased array receiver will be 2V. As the RF frontend operates at 1.5V, extra RC
networks will be added between the RF frontends supply and the global voltage
supply. This helps to reduce the undesired signal coupling between different
receiver circuits through the power supplies.

The voltage buffer uses the super-emitter follower structure, which employs a
negative feedback structure to increase the input impedance, reduce the output
impedance and minimize the voltage error between the input and the output.
The linearity of the voltage buffer is limited by the output voltage headroom at
node X, which is finally determined by the knee voltage of Qs and Qsand the
supply voltage. Larger Q3-Qs size help reduces knee voltage and improve the
linearity, but also results in larger parasitic capacitance that limits the loop gain
and bandwidth. With a moderate trade-off, Q:-Qsare designed with 0.3 um x 4
um dimension, which results in 0.3 V knee voltage at 8.5 mA collector current.
Given the supply voltage of 2 V, the maximal available voltage headroom of the
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buffer is 1.4 Vpp (peak-to-peak voltage), resulting in approximately +4 dBm out-
put Pias with a 100 € differential load. To stabilize the voltage gain of the mixer,
a parallel load resistor Rc is added at the input of the buffer. Rc also reduces the
quality factor of the LC tank, increasing the BW of the IF signal. The complete
mixer and buffer consume 40 mA from a 2 V power supply.

2V /23mA 2V/17mA
G Lz% %Lz C, 15069 190p3 L3
800f [250p AAA 190p3 L
I\Q.3+

Qs
03x4] o5 " IF+
Lo, LO- Lo, X —

Ql- QZ+ Qz. 0.3x6 QA-

RF+ Rl ' 0.3x6 fir=11G

ANV
|_>RF' R1 L

Zin=18Q 4Q \AtAJ

frr=25G-35G >60p

Figure 6-9. Schematic of the differential mixer and voltage buffer
6.4.2. Simulation Results

Figure 6-10 shows the simulated conversion gain and single-side-band (SSB) NF
of the proposed mixer (including buffer). To cover 25-35 GHz RF frequencies at
the input, simulations are performed in 3 cases: a) fre= 23-27 GHz, fio= 14 GHz
b) fre=28-32 GHz, fio=19 GHz, and c) fer=33-37 GHz, fio= 24 GHz. For example,
in case (b) the incoming RF signal has a center frequency of 30 GHz and a signal
BW up to 4 GHz. The LO frequency is set to 19 GHz to generate an IF signal
centered at 11 GHz. In all cases, the mixer exhibits approximately -2 dB power
conversion gain, 5.2 dB voltage conversion gain, and a single side band NF
(NFsss) of 13 dB NF at the center frequency (fir=11 GHz). The difference between
the power conversion gain and the voltage conversion gain is more or less fixed
to 7.4 dB, which can be explained by the ratio between the input impedance and
the load impedance, i.e. 10xlog10(ZL/Ziv) = 10xlog10(100/18) = 7.2dB. The conver-
sion gain BW of the mixer is larger than 4 GHz.

Within the whole 25-35 input frequency band, the simulated input Pias of the
mixer is higher than +4.2 dBm and the simulated IIP3 is better than +13.5 dBm.
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Figure 6-10. Simulated voltage and power conversion gain and NF of the mixer (includ-
ing buffer) with 3 LO/RF frequency settings.
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Figure 6-11. Simulated input Pias and IIP3 of the mixer (including buffer) versus input
RF frequency, the LO frequency is adjusted to make fir = 11GHz.
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Figure 6-12. Design of 2-stage Wilkinson power combiner

6.5. Design of Power Combiner

To combine the 4 RF channels before the mixer, a power combiner is required. A
Wilkinson power combiner is used for its high isolation between different chan-
nels, which is crucial to minimize the degradation of TTD performance due to
the undesired coupling from the other channel.

6.5.1. Impedance transformation

The output impedance of the VGA is approximately 200 QO while the input im-
pedance of the mixer is only 18 Q. If not matched properly, given a large physical
distance between these blocks in the layout, a large power reflection can occur.
Fortunately, this issue can be significantly mitigated by a 2-stage Wilkinson com-
biner. As shown in Figure 6-12, the impedance level at node 4, B, and C are set
to 200 Q, 50 Q, and 18 Q to perform the broadband impedance matching. The
characteristic impedance of Ti, accordingly, equals to V2 X 200 x 50 ~ 140 Q.
Similarly, T> should has a characteristic impedance of V2 X 50 x 18 ~ 42 Q. The
whole Wilkinson combiner is fully differential. The differential transmission line
T: and T: are realized in top metal layer, i.e. M6, using coplanar waveguide
(GSSG configuration). The complete Wilkinson combiner occupies 1.8x0.5 mm?
chip area.
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6.6. MEASUREMENT RESULTS

6.5.2. Simulation Results

The 2-stage Wilkinson combiner is fully characterized in EM software Agilent
Momentum. The generated 5-port S-parameters dataset is simulated in the test-
bench shown in Figure 6-13a. As shown in Figure 6-13b, within the 25-35 GHz
frequency band, the insertion loss responses for 4 channels are almost identical
and equal to 2.5-3 dB. Both the input and output return loss are well below -10dB.
The insertion loss responses for 4 channels are almost identical. Note that due to
the power splitting nature, the simulated transducer gain for an individual chan-
nel, e.g. Ss1, is 6 dB worse than the real insertion loss [32]. The combiner also
achieves good isolation within 25-35 GHz between any of two channels, i.e. 5ij <
-25 dB, where i,j=1,2,3,4.

0 :,‘/vlnsertion loss for 4 channels (Ssx+ 6dB, X = 1,2,3,4)
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Figure 6-13. (a) Simulation setup (b) Simulated return loss, insertion loss and channel-
to-channel isolation for the designed 4:1 Wilkinson combiner.

6.6. Measurement Results

Figure 6-14 shows the die photo of the fabricated 2x2 phased array receiver, with
a total chip area of 2.6 mm x 2.6 mm. An on-chip SPI is used to control all the
delay and gain settings of the receiver, i.e. in total 32 bits. The core of the RF
frontend operates at 1.5 V supply, and extra RC network is added at the Vcc of
each RF circuit block to minimize the undesired coupling between different RF
circuits through Vee. This increases the external applied Vce of the RF frontends
to 1.8 V. In practice, a 2V global voltage supply will be used for the receiver,
which will directly supply the mixer/buffer and generate the 1.8V Vcc for the RF
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frontends using a regulator. As a result, the effective total power dissipation of
the 2x2 phased array receiver is 244 mW (2 V x 122 mA, i.e. 82 mA from the 4 RF
frontends and 40 mA from the mixer/buffer). During the measurement, the avail-
able power of the LO signal up to the LO pad is +5.2 dBm. The NF measurement
of the receiver could not be performed at the time the thesis was written, due to
the lack of the 11 GHz pre-amplifier, which is necessary to perform NF measure-
ment calibration. Moreover, by measuring one receiver channel at a time, the
Wilkinson combiner will introduce an extra 6 dB signal attenuation, which will
significantly increase the receiver NF. The simulation results indicate that the
double side band NF (NFbss) of the complete 2-by-2 receiver ranges from 3.2-4
dB over 25-34 GHz.

2.6mm LO/19GHz

RF1

- Mixer+
RF2 M ! Buffer

Wilkinson § =1
Combiner

IF1/11GHz

RF3

RF4

wuwg'g

FEREREREERREEER
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Figure 6-14. Die photo of the designed 2x2 TTD phased array receiver.
6.6.1. Conversion gain and input return loss

The conversion gain of the phased array receiver is measured using network an-
alyzer PNA-X using offset frequency function. Due to the limitation of the probe-
on measurement, only one receiver channel is measured at each time. The meas-
urement is performed at the highest gain setting of the VGA and the lowest in-
sertion delay of the TTD phase shifter (control code ‘00000"). Figure 6-15 shows
the measured single channel RF-IF: conversion gain of the receiver over different
IF1 and LO settings. Each solid curve in the figure is measured by applying a
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fixed LO frequency while sweeping the RF frequencies. From left to right, the
LO frequencies are set to 14-24 GHz with 1 GHz step per curve. As shown in the
figure, each solid curve more or less peaks at IF1 = 11 GHz and has an average -
3dB BW of 3 GHz. By connecting all the points where IF1=11 GHz, the dashed
curve shows the fixed-IF1 conversion gain of the single channel receiver.

25 LO = 19G

fixed LO and sweep RF/IF;

24 . — — — fixed IF; and sweep RF/LO
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Figure 6-15. Measured conversion gain as a function of input RF frequency: Solid: with
fixed LO and sweep RF and IF1; Dash: with fixed IF1 and sweep RF and LO.
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Figure 6-16. Measured fixed-IF Conversion gain for 4 channels.
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Figure 6-16 plots such fixed-IF1 conversion gain from 4 different channels. It can
be seen that the phased array receiver provides more than 18 dB conversion gain
to applications that locate at 25-35 GHz frequency range, and the gain variation
between different channels is less than 0.6 dB. Note that the gain shown in Figure
6-15 and Figure 6-16 is based on single channel measurement. If the 4 channels
are summed constructively, the array gain of the complete phased array receiver
will be 6 dB more, i.e. > 30 dB at 30 GHz.
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Figure 6-17. Measured phase and gain imbalance between two differential output.
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Figure 6-18. Measured Su performance over 4 different channels.
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Figure 6-17 shows the phase and gain imbalance at the differential IF1 output.
Over the 4 channels, the differential amplitude and phase imbalance are within
0.6 dB and 5 degrees, respectively. Figure 6-18 shows the measured input return
loss at 4 different RF channel inputs, which is better than 10 dB at 25-35 GHz
frequency band. In fact, due to the large isolation of the LNA, the input return
loss of the whole receiver is almost solely determined by the LNA. As a result,
the Su1 results shown in Figure 6-18 are almost unchanged over the different de-
lay, gain, and LO settings.

6.6.2. TTD performance

The on-chip SPI is found not working properly during the measurement. As a
result, the digital control signal for delay and gain settings could not be sent into
the circuit. Fortunately, for delay settings, the specific control bit from ‘0’ to ‘1’
could manually be flipped by applying laser cut at the specific inverter, i.e. de-
stroy the NMOS device of the inverter to make the output flip up to ‘1". The laser
cut operation, however, could not be undone and sometimes it fails because the
laser could also destroy the surrounding circuits. As a result, with limited circuit
samples, we could only measure 11 delay settings out of in total 5-bits 31-steps
delay settings. Figure 6-19 shows the relative delay responses of a single channel
receiver at 23-37 GHz. The measured total variable delay is 20.5 ps. The corre-
sponding control code for each delay setting is shown at the right side of the
figure.
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Figure 6-19. Measured relative delay of single channel receiver.
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Figure 6-20. Measured normalized delay variation of single channel receiver.
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Figure 6-21. Measured conversion gain over different delay setting.

To evaluate the flatness of the achieved delay response, Figure 6-20 shows the
normalized delay variation (NDVrs) for each delay settings, where 7 is the delay
setting index. The measured worst-case NDVrs of the proposed TTD phased ar-
ray receiver is 1.23 ps, i.e. 6% of the total achieved variable delay. The amplitude
variation due to different delay settings ranges from 4.5-6 dB within 25-35 GHz
(see Figure 6-21). The Larger delay setting results in lower conversion gain as
the signal has to travel through more lossy delay circuits, e.g. inductance, capac-
itance, and switches.

6.6.3. Gain Settings

The VGA settings, however, could not be easily set by laser cut. The logic control
circuits for gain settings are buried under the 2 top metal layers thus invisible
from the microscope. Moreover, the logics were put very compactly in the layout,
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making it difficult to locate the desired laser cutting point. Therefore, an alterna-
tive method is used, but with which only the highest and lowest gain settings
can be measured. The default VGA setting is the highest gain setting, where the
control voltage VC:1=2V and VC:2=0V in Figure 6-4. To achieve the lowest gain,
VC: is set to 2 V by laser-cutting the ground connection of the VC: generation

circuit (see Figure 6-5), and the Vi is set to 0 V by simply breaking the feeding
line of VC1 toward Rvci.

Measured Gain Settings

Conversion Gain (dB)

Low Gain Setting

12 | | 1 | | | 1 | |
25 26 27 28 29 30 31 32 33 34 35

Frequency (GHz)

Figure 6-22. Measured and expected conversion gain over different gain setting.

The measured and simulated conversion gain over different gain settings are
shown in Figure 6-22 (two solid curves are measured data, and the dash curves
are simulated gain responses). It can be seen that the measured two gain settings
(highest and lowest setting) agree well with the simulation. The measured vari-
able gain range of the VGA is 6.2 dB. As a result, by properly choosing VGA
settings for different TTD settings, the amplitude variation of the receiver should
be reduced within 1 dB.
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6.6.4. Isolation and spurs

The isolation between differential channels are measured by S-parameters Sj,
where i,j are corresponding to the channel number from 1 to 4 (see Figure 6-14).
As shown in Figure 6-23, the measured isolation between the non-adjacent chan-
nels is more than 38 dB from 20-40 GHz. The isolation between the adjacent
channels, however, is limited by the direct coupling through the two RF probes
thus could not be measured accurately. This can be verified by measuring only
the coupling between two floating probes with the same physical distance as two
adjacent channels. For instance, the solid line shown in Figure 6-23 is the meas-
ured Sz2sbut with both the probes floated in the air. It is shown that the coupling
of probes is as large as -25 dB near 30 GHz, which dominates the isolation be-
tween adjacent channels.

-20 T T T T T T
Probes Coupling

-25

-30

~y A

R

v JPANRY 7

_35L/\/1ﬁ/\/”‘\/~/\/‘-
NRLTY ~

. v
“\r ~ SN
~ RN
40+ ,/’,/fV V\\\"'Y"’\ N =D
o VSRS RPN
w h aLt N v [ AN y /,,/\,\
Y PIVAVEARSN Y < //J"v A N IvMN Al
45 VY AUV N A N0
o~ MRS
il YT Y
V\\J\ . ,J " 1\5.4\ A\ A ’ \ /
50F"7 v A \ W 2 / ~
- X "V\J** S ) v o 5 h
’ Yo a W v s .
NI Ay vy AN | \
550V \ N, \ - 1 VN B
Yoy

Si3, S24, S14 "

Isolation (dB)

-60 -

65 I | | I | | | | I
20 22 24 26 28 30 32 34 36 38 40

Frequency (GHz)

Figure 6-23. Measured channel to channel isolations of the 2-by-2 phased array receiver

6.6.5. Compression point and linearity performance

Figure 6-24 shows the measured input P1as and IIP3 of the single channel receiver
over the frequency (with the highest gain setting and the lowest insertion delay
setting). Within the 25-35 GHz frequency band, the measured worst-case input
P1as and IIP3 of the single channel receiver are -24 dBm and -16 dBm, respectively.
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The two tone frequency offset for IIP3 measurement is 100 MHz. As the meas-
urement is performed on one channel at a time, the receiver Pids and linearity
are limited by the RF frontend.
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Figure 6-24. Measured input Pias and IIP3 of the single channel receiver.
6.6.6. Spur and reverse isolation

During the single channel measurement, the largest spur at the output port lo-
cates at the LO frequency. With -30 dBm RF input power, the spur is -25 dBc
compared to the desired IF: signal. For instance, with frr = 30 GHz and fio = 19
GHz, before de-embedding out the 6dB extra loss of Wilkinson combiner, the IF:
signal (11GHz) at the output port is around -10.5 dBm and the LO spur is around
-35.5dBm. Compared with the input LO level, i.e. +5.2dBm, the double-balanced
mixer has an LO feedthrough rejection of more than 40dB. The IF:-RF isolation
is more than 60 dB.

6.7. Conclusion and Benchmarking
6.7.1. Conclusion

A 2-by-2 TTD phased array receiver has been realized using 0.25 pum SiGe:C BiC-
MOS process. The receiver presents 24dB peak conversion gain per channel and
30dB peak array gain. From 25 GHz to 35 GHz, each receiver channel provides
more than 18dB conversion gain, and can perform 5 bits 20.5ps variable delay
and 3 bits 6 dB variable gain. With such a phased array receiver system, a beam-
squint free beam-steering with +/-60 degrees can be achieved by a 2-by-2 antenna
array with 5 mm spacing, which is enough for most Ka-band applications. The
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measured worst-case delay variation of the receiver is 6% over 23-37 GHz. The
4.5-6 dB amplitude variation due to different delay settings can be compensated
by the VGA. A constant input impedance, i.e. 1S5111<-11 dB, is maintained for
all delay settings within 25-35 GHz frequency, and the in-band worst case input
Piss and IIP3 of the single channel receiver are -24dBm and -16dBm. The total
phased array receiver consumes 244 mW DC power and has a die area of 2.6x2.6
mm?.

6.7.2. Benchmarking

Table 6-1 shows the benchmark with other fully integrated TTD phased array
receiver and TTD frontends. The proposed work has an improved performance
regarding conversion gain, in-band NDVrs (delay variation in the percentage of
total variable delay), delay resolution and low power dissipation.

Table 6-1. The benchmarking with other TTD phased array receiver above 10 GHz

[12] [13] [11] This work
Average channel gain (dB) ~10 ~12 9 21
-3dB Gain BW (GHz) 1-13 | 3040 | N.A 25.5-32.5
Delay BW! (GHz) 1-15 | 30-40 | 1-15 23-37
Total delay (ps) 64 54 225 20.5
NDVrs(%) ~12 N.A. | ~14 6
Input Pids (dBm) -23 N.A. | N.A. -24
Poc per RF channel (mW) 87.5 104 138 37
Resolution (ps) 4 18 15 0.66
Area per channel? (mm?) >1.5 >14 | >1.2 0.48

! Within which the delay variation is evaluated
2Estimated core size of one channel RF frontend
Mark with “~” is estimated from the measurement results
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7.1. Conclusions

The recent development of BiCMOS technology enables designing high perfor-
mance phased array receiver building blocks, e.g. LNA and phase shifters.

Wideband phased array receivers not only meet the need for high-speed data
transfer but facilitate a generic solution for multi-applications operating in dif-
ferent frequencies. However, in order to avoid beam-squint effect, TTD phase
shifters are required, providing flat delay response over the operating frequen-
cies.

In this work, Chapter 1 briefly discussed the broadband phased array system
concept. Two types of delay circuit cells were analyzed, including the correlation
between their cut-off frequency and delay variation. Some key features of the
used BiCMOS technology were covered, including an active device, passives,
and RF switches.

In chapter 3, three alternative Ka-band LNAs has been realized using 0.25 pm
SiGe:C BiCMOS process. By using simultaneously noise and power matching as
well as the noise matching between CB and CE transistors, the proposed LNAs
achieve 2-2.5 dB NF at 30 GHz. Moreover, the high gain and low power LNAs
achieve more than 25 dB gain at 30 GHz while maintaining a -3dB gain band-
width around 10 GHz.

In chapter 4, a delay variation cancellation technique has been proposed, which
cancels the delay error by combining two types of delay cell, which have oppo-
site delay pattern over the operating frequencies. Based on the delay variation
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cancellation technique, a compact Ka-band active TTD phase shifter and a wide-
band TTD receiver frontend have been realized using 0.25 um SiGe:C BiCMOS
process. The TTD phase shifter achieves a flat delay response from 20 GHz to 40
GHz with only 6.6% normalized delay variation. A constant input impedance,
i.e. |S111<-15dB, is maintained for all delay settings within 20-40 GHz frequency
band. The TTD receiver frontend presents 10 GHz gain BW and 15 GHz flat de-
lay BW with only 3.5% normalized delay variation.

In chapter 5, an alternative delay variation reduction technique — broadband
matching technique has been proposed. Based on the broadband architecture, a
passive broadband TTD phase shifter and a wideband TTD receiver frontend
have been realized using 0.25 um SiGe:C BiCMOS process. The passive TTD
phase shifter achieves a flat delay response from 10 GHz to 50 GHz with only
3.9% NDV. A constant input impedance, i.e. |S111< -10dB, is maintained for all
delay settings within 10-40 GHz frequency band. The TTD receiver frontend pre-
sents 11.5 GHz gain BW and 14 GHz flat delay BW with only 5.4 % normalized
delay variation. Compared to other existing TTD work above 10 GHz, both of
the proposed standalone TTD phase shifters has an improved performance re-
garding flat delay bandwidth, delay variation, delay resolution, and the chip
area.

In chapter 6, a 2-by-2 TTD phased array receiver has been realized using 0.25 pm
SiGe:C BiCMOS process. The receiver presents 24dB peak conversion gain per
channel and 30dB peak array gain. Over 25-34 GHz, each receiver channel pro-
vides more than 20dB conversion gain, and can perform 5 bits 20.5ps variable
delay and 3 bits 6 dB variable gain. Within the bandwidth, the measured worst-
case delay variation of the receiver is 6%. A constant input impedance, i.e. |S111<
-11 dB, is maintained for all delay settings, and the in-band worst case input P1as
and IIP3 of the single channel receiver are -24dBm and -16dBm.

7.2. Future Work

This thesis presents building blocks for wideband TTD phased array receiver.
As future work, several remaining tasks and interesting issues can be studied
further:

e To demonstrate the wideband beamforming capability, the presented 2-by-2
TTD phase shifter needs to be packaged and connected with an antenna array.
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The expected measurement results should indicate that the optimum beam
angle does not change with the signal frequency of 25-35 GHz.

For research purposes, the biasing voltages and currents in this work are con-
trolled externally. In reality, however, dedicated biasing circuits need to be
included, which should be independent of the power supply, temperature
and process variation.

As discussed in Chapter 4 and 5, the TTD phase shifter could achieve less
than 5% normalized delay variation over 10-50 GHz. However, to achieve
32.8ps total variable delay, the phase shifter presents more than 15 dB inser-
tion loss. As the insertion loss will be scaled up with the total variable delay,
for a system with large array size, a lot of gain stage and power consumption
is needed to compensate for the TTD insertion loss. One interesting solution
for this scaling issue is to make the current 2-by-2 phased array frontend scal-
able as a module and realize the delay between different modules off-chip.
However, there are some challenges that need to be solved, e.g. the off-chip
delay also needs to be variable and synchronized with the on-chip delay set-
tings.

The TTD phase shifter can also be applied in phased array systems where a
large simultaneous signal bandwidth is required, e.g. pulse and imaging sys-
tem. These systems require a constant group delay over a large frequency
span, which can be fulfilled by the TTD phase shifters.
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Abstract

Integrated Millimeter-Wave Broadband Phased Array Receiver Frontend in
Silicon Technology

The investigation of high-speed radio-frequency (RF) transceivers becomes pop-
ular nowadays due to the increasing need for high-speed wireless data transfer.
Millimeter-waves frequency offers larger available signal bandwidth and is
therefore attractive for high-speed transceivers. However, the high path loss of
the mm-wave frequency requires a transmitter with high output power and a
receiver with high sensitivity, both are challenging in mm-wave frequency cir-
cuit design. One effective way to compensate high path loss and improve the
signal to noise ratio is to employ phased array techniques.

This thesis aims to carry on research in high performance wideband phased ar-
ray receiver at Ka-band. Compared to narrow-band receivers, wideband phased
array receivers allow covering of multiple bands without tuning, e.g. point-to-
point (P2P) communication with various bands between 7GHz and 40GHz. As
classical phase shifters can only be used to approximate the required delay in a
narrow bandwidth, true-time-delay (TTD) phase shifters with low delay error
are required to avoid beam-squint phenomenon. Moreover, to reduce the cost
and increase integrated functionality, silicon-based technology i.e. 0.25 pm SiGe:
CBiCMOS, has been used in this thesis. Compared to III-V devices, silicon-based
technologies have higher intrinsic noise, higher substrate loss and larger para-
sitic capacitance to the substrate. As a result, the main research challenge of this
thesis is how to design a wideband phased array receiver at Ka-band in silicon
with competitive RF performance. More specifically, the target is to design
wideband low noise amplifiers (LNA) in silicon with a low noise figure (NF) at
Ka-band and wideband TTD phase shifters with low in-band delay error.

From the circuit level, this thesis compares and analyze different mm-wave LNA
topologies. To optimize noise performance, different noise matching techniques
are investigated during the LNA design. Based on these investigations, three al-
ternative Ka-band LNAs has been realized. By using simultaneously noise and
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power matching as well as the noise matching between cascode transistors, the
proposed LNAs achieves 2-2.5dB NF at 30GHz. Moreover, the high gain and low
power LNAs achieve more than 25dB gain at 30GHz meanwhile maintain a -3dB
gain bandwidth around 10GHz.

For the TTD phase shifters, the thesis investigates different delay cells and for
each delay cell, the correlation between delay variation and cut-off frequencies
is derived. To reduce the in-band delay error of TTD phase shifters, the thesis
explores two different delay error reduction techniques. The first technique is
delay variation cancellation technique, which cancels the delay error by combin-
ing two types of the delay cell. Based on this technique, an active TTD phase
shifter is realized, which achieve a flat delay response from 20GHz to 40GHz
with only 6.6% normalized delay variation (NDV). The second technique is
broadband matching technique. Based on this technique, a passive broadband
TTD phase shifter is realized, which achieves a flat delay response from 10GHz
to 50GHz with only 3.9% NDV.

Moreover, the thesis integrates two alternative TTD frontends (LNA+TTD). The
high power frontend presents 10GHz gain bandwidth and 15GHz flat delay
bandwidth with 3.5% NDV. The low-power frontend, consuming only 2ImW
power, presents 11.5GHz gain bandwidth and 14 GHz flat delay bandwidth with
5.4% NDV. Compared with other existing TTD receiver frontends, the proposed
two TTD frontends have the best reported overall NF, linearity and TTD perfor-
mance, i.e. the smallest delay variation over the largest BW.

From the system level, the thesis realizes and characterizes a complete 2-by-2
phased array receiver, The system-level characteristic and challenges are inves-
tigated, including biasing, isolation between various channels, power dissipa-
tion, and signal combining, etc.
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