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Summary

Technologies for integrated millimeter-wave antennas

The recent release of the unlicensed 60 GHz band tackles the increasing demand
for more bandwidth in the wireless consumer electronics market. In order to meet
the cost requirements of this market, many research groups have worked towards
60 GHz front-end electronics in mainstream silicon technologies, i.e., CMOS and BiC-
MOS. However, the technology choice for suitable antennas has not been as unitary
and is controversially discussed. While there is a wide consensus that the antenna
should be integrated in the same package with the front-end integrated circuit (IC),
there are three main approaches on the realization. First, there is the Antenna-in-
Package approach, in which the antenna is implemented in the IC’s packaging tech-
nology. Second, there is the Antenna-on-Chip approach, in which the antenna is
directly implemented in the back-end of the IC. Finally, the third approach can be
considered as a hybrid of Antenna-on-Chip and Antenna-in-Package, in which the
feed-point of the antenna is implemented on-chip while the radiating element itself
is realized off-chip.

This thesis focuses on the clash between those three main integration strategies. Its
goal is to explore the challenges and potentials of each technology with respect to
millimeter-wave antenna integration. For this, integrated antenna concepts for the
60 GHz band are developed using mainstream technologies. This restriction is nec-
essary in order to achieve cost-effective solutions for the highly price-competitive
wireless consumer electronics market. The following technology choices are made:

1. Printed-circuit-board technology for the Antenna-in-Package concept.

2. NXP’s ”Qubic4” BiCMOS technology family for the Antenna-on-Chip concept.

3. Generic wire-bond technology for the hybrid solution.

xiii



xiv Summary

The Antenna-in-Package and Antenna-on-Chip concepts are designed using com-
mercially available electromagnetic simulation software. For the hybrid solution a
computationally efficient modeling approach is developed that supplements stan-
dard IC design tools towards the co-integration of such Bond-Wire-Antennas with
the IC. The simulation results of all three antenna concepts are verified by exper-
iments. Finally, the concepts are compared with respect to their cost, bandwidth,
radiation efficiency, directivity, yield, and possible application area. Based on this as-
sessment, it can be concluded that the major challenge for an in-package solution lies
in the design of a broad-band low-loss interconnect between the IC and the antenna
in order not to jeopardize the good overall performance. On-chip antennas on the
other hand suffer from severe dielectric loss unless advanced post-processing steps
are added or advanced packaging technologies are used. The Bond-Wire-Antenna
as a hybrid solution merges both advantages of the in-package and on-chip anten-
nas and achieves high radiation efficiency without the need for a low-loss chip-to-
package interconnect design. Moreover, standard IC packaging technologies can be
used, which makes this approach highly cost-effective. On the contrary, this concept
does not offer a high design flexibility and exhibits a radiation null in the broad-side
direction, which prohibits this antenna for certain applications.

Beside the main focus on integration technologies, a steerable antenna-array concept
based on the developed integrated millimeter-wave antenna concepts was devel-
oped that exhibits a high flexibility with respect to array size and polarization. For
the latter, special attention is paid to the axial ratio enhancement of circularly polar-
ized arrays that are steered off broad-side. Due to its flexibility, the proposed array
concept covers the full spectrum of mm-wave applications in the consumer electron-
ics sector.



Samenvatting

De recente vrijgave van de licentievrije 60 GHz-band pakt de toenemende vraag naar
meer bandbreedte in de draadloze consumentenelektronicamarkt aan. Om eisen met
betrekking tot kosten op deze markt te vervullen, hebben vele onderzoeksgroepen
gewerkt aan elektronica voor 60 GHz front-ends in heersende silicium technologieën,
dat wil zeggen, CMOS en BiCMOS. De technologiekeuze voor geschikte antennes
is echter niet zo eenduidig en wordt controversieel bediscussieerd. Hoewel er een
brede consensus is dat de antenne moet worden geı̈ntegreerd in hetzelfde package
als het front-end integrated circuit (IC), zijn er drie aanpakken voor de uitvoering.
Allereerst is er het Antenna-in-Package concept, waarbij de antenne is uitgevoerd
in de package-technologie van het IC. Bij het tweede concept, de Antenna-on-Chip,
wordt de antenne direct geı̈ntegreerd in het back-end van het IC. De derde aan-
pak kan worden beschouwd als een hybride van Antenna-on-Chip en Antenna-in-
Package, waarbij de voedingspunt van de antenne is uitgevoerd op de chip, terwijl
het stralende element zelf off-chip is uitgevoerd.

Dit proefschrift richt zich op de botsing tussen deze drie belangrijke integratiestra-
tegieën. Het doel is om de uitdagingen en mogelijkheden van elke technologie te
verkennen met betrekking tot millimeter-wave antenne-integratie. Hiervoor zijn
geı̈ntegreerde antenneconcepten voor de 60 GHz-band in heersende technologieën
ontwikkeld. Deze beperking is noodzakelijk om kosteneffectieve oplossingen voor
de zeer prijsgevoelige draadloze consumentenelektronicamarkt te realiseren. De vol-
gende technologiekeuzes zijn gemaakt:

1. Printed-circuit-board technologie voor het Antenna-in-Package concept.

2. De ”Qubic4”BiCMOS technologiestroom van NXP voor het Antenna-on-Chip
concept.

3. Generieke wire-bond technologie voor de hybride oplossing.

De Antenna-in-Package en Antenna-on-Chip concepten worden ontworpen met

xv



xvi Samenvatting

behulp van commerciële elektromagnetische simulatiesoftware. Voor de hybride
oplossing is een efficiënt model ontwikkeld, dat als aanvulling op standaard IC-
ontwerpsgereedschap kan dienen om deze Bond-Wire-Antenne’s met het IC samen
te integreren. De simulatieresultaten van alle drie de antennes zijn geverifieerd door
middel van experimenten. Tenslotte worden de concepten met elkaar vergeleken
met betrekking tot hun kosten, bandbreedte, stralingsefficiëntie, richtkarakteristiek,
productierendement en mogelijk toepassingsgebied. Op basis van deze evaluatie
kan worden geconcludeerd, dat de grootste uitdaging voor een in-package oplossing
het ontwerp van een breedbandige en verliesarme interconnect tussen het IC en de
antenne is. Aan de andere kant hebben on-chip antennes grote diëlektrische verlie-
zen, tenzij geavanceerde nabewerkingsstappen worden toegevoegd of geavanceerde
verpakkingstechnologieën worden gebruikt. De Bond-Wire-Antenna als hybride op-
lossing voegt de voordelen van de in-package en on-chip antennes samen en bereikt
een hoog stralingsrendement zonder grote verliezen tussen de chip en het IC. Bo-
vendien kunnen standaard IC-verpakkingstechnologieën worden gebruikt, hetgeen
deze aanpak zeer kosteneffectief maakt. Dit concept biedt echter geen grote ont-
werpflexibiliteit, waardoor deze antenne niet toegepast kan worden voor bepaalde
applicaties.

Naast de focus op integratietechnologieën, is er een stuurbaar concept voor een an-
tenne array uitgewerkt op basis van de ontwikkelde geı̈ntegreerde millimeter-wave
antenneconcepten. Dit array-concept beschikt over een grote flexibiliteit met betrek-
king tot de grootte van het array en de polarisatie. Voor circulair gepolariseerde
arrays wordt in het bijzonder aandacht besteed aan de verbetering van de elliptici-
teit voor gestuurde antennebundels. Door zijn flexibiliteit dekt dit array-concept het
volledige spectrum van mm-wave toepassingen in de consumentenelektronicasector
af.
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Chapter one

Introduction

1.1 Context and general background of the thesis

1.1.1 Societal context

The trend in the consumer electronics sector towards wireless products has led to
numerous advancements in our everyday lives. The existence of a wireless local area
network (WLAN) in a café, public building, or private home, for example, is often
taken for granted. Similarly, the use of satellite navigation using the global position-
ing system (GPS) to get to a destination has largely substituted the use of printed
maps. If none of the two options are available, one may still browse the internet for
an online-map on a smartphone, or call a friend using a hands-free headset that is
connected to a mobile phone via bluetooth. All those advancements, however, have
also led to a congested microwave frequency spectrum, i.e., below 30 GHz. Future
applications that require wireless high-data-rate communication in the Gb/s-range
can, therefore, not be accommodated for in this frequency range due to an insuffi-
cient amount of available bandwidth. Hence, the consumer electronics industry has
laid an eye on the millimeter-wave (mm-wave) spectrum, i.e., 30 GHz to 300 GHz.
Especially the unlicensed 60 GHz band with a large worldwide overlap seems an
attractive option here, see, for example, [1, 2].

1.1.2 Brief review of 60 GHz wireless communication

The interest of the wireless consumer electronics industry in mm-wave frequencies
is currently mainly focused on the 60 GHz band. Here, a large bandwidth of un-
licensed spectrum is available worldwide, with a large frequency overlap between

1



2 1 Introduction

different countries and regions1. In Europe, for example, the 60 GHz band covers
all frequencies from 57 GHz up to 66 GHz, i.e., a bandwidth of 9 GHz, for which
the European Telecommunications Standards Institute (ETSI) released a harmonized
European standard in early 2012, see [3]. A nice overview of the regulations in other
parts of the world can be found in [2].

Prior to those regulations, many researchers had already studied some possibilities
and challenges for the development of wireless consumer products operating around
60 GHz, see, for example, [1, 2, 4, 5, 6, 7, 8]. Various application scenarios were men-
tioned in this respect. The three top applications according to [4] are high defini-
tion (HD) video streaming, file transfer, and wireless Gigabit Ethernet. Here, HD
video streaming includes, for example, uncompressed video/audio streaming from
a portable media player, laptop, or personal data assistant (PDA) to a HD television
(HDTV) or projector. The file transfer scenario covers applications such as communi-
cation between a personal computer (PC) and a printer, a digital camera, or similar.
A further possible application mentioned is a ”kiosk in a store” that sells audio and
video contents by directly uploading the product to a customer’s portable device. In
addition, the authors of [5] also envision a replacement of wired connections inside
PCs by 60 GHz wireless interconnects.

In order for above stated applications to be successful, products have to be developed
that can compete on the highly cost-driven consumer electronics market. Hence,
from the technology perspective, standard low-cost fabrication processes are pre-
ferred. One of the early publications on the exploitation of the 60 GHz band for con-
sumer applications, [1], already briefly discusses technologies for wireless front-ends
in this respect. For the antenna in particular, an implementation into the semicon-
ductor technology is suggested in order to avoid significant interconnection losses.
For cost reasons, the author advises to use silicon-germanium based semiconductor
technologies. Nowadays, there indeed seems to be a wide consensus among 60 GHz
research groups that silicon- or silicon-germanium-based technologies, i.e., CMOS
or BiCMOS, should be used for the electronics of the wireless front-end. This is, for
example, also outlined by the authors of [6], published in 2009, who compare two dif-
ferent integration strategies for the antenna. They distinguish the Antenna-on-Chip
(AoC) solutions, i.e., (Bi-)CMOS integrated antennas, from the Antenna-in-Package
(AiP) solutions, i.e., antennas that are integrated in the package technology of the
integrated circuit (IC). From this comparison, they conclude that on-chip antennas
are less favorable than in-package antennas for 60 GHz applications. They support
their conclusion with the argument that AoCs only achieve radiation efficiencies of

1The reason for allocations of worldwide almost identical unlicensed frequency bands around
60 GHz is due to an additional 10-15 dB/km attenuation at those frequencies caused by atmospheric
oxygen. Therefore, 60 GHz communication is not suitable for communication distances larger than
2 km, see [1].



1.1 Context and general background of the thesis 3

less than 12 % unless non-mainstream processing steps are added, which would in-
crease the cost of the solution accordingly. In contrast, the authors of [5] claim only
a year later that AoCs offer the cheapest solution and suggest that more research
should be conducted in order to increase their gain values to meet those of their AiP
counterparts.

1.1.3 Motivation

With respect to 60 GHz antennas it is commonly accepted that the antenna should
be located as close as possible to the mm-wave front-end electronics in order to keep
interconnect losses at a minimum. Here, ’close’ refers to the electrical distance of
the antenna to the front-end IC, i.e., measured in terms of the operating wavelength.
The free space wavelength, λ0, at 60 GHz is 5 mm and, hence, the antenna should
preferably be inside the IC package. Such an antenna is called an integrated antenna
throughout this thesis. Moreover, since the considerations are limited to antennas for
the mm-wave range, such an antenna is more specifically called integrated mm-wave
antenna, whereas both expressions are interchangeable.

Although there is a wide consensus regarding the integration of the antennas, the
choice for the integration technology does not appear to be as unitary, as outlined in
the previous section. On one hand, one of the main reasons for this controversy can
be found in the vast variety of process technologies in the semiconductor industry.
Many ”classical” antenna engineers simply do not know or have no access to the full
spectrum of semiconductor processes and, as a consequence, cannot exploit their full
capabilities. Furthermore, IC processes have hardly ever been characterized with re-
spect to antenna parameters, which poses difficulties for a proper antenna design.
On the other hand, IC design engineers, who have good insights in various semi-
conductor process technologies, often do not have a very broad antenna-engineering
background and, therefore, might not always come up with as well-designed inte-
grated antenna solutions. An extreme example of such a questionable antenna de-
sign was published in [9], where an on-chip metallic patch over a ground plane is
simultaneously used as a high-Q resonator, for which typically low losses are de-
sired, and as an antenna, for which (radiation) loss and a low-Q behavior are key
characteristics.

As a consequence of this technologically complex field of engineering, in which strict
company confidentialities within the semiconductor industry pose additional diffi-
culties in obtaining a thorough overview, two main opinions have emerged in the
mm-wave society. First, there is the group of people that do not believe in a suc-
cess of the AoC approach. Their opinion is largely motivated by the problems with
the lossy silicon substrate and the associated low radiation efficiency. Furthermore,
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it is often argued that possible processing steps that would enhance the radiation
efficiency are non-standard and, therefore, too expensive. On the contrary, the sec-
ond major group is mostly searching for cost-effective alternative ways to improve
the radiation behavior of on-chip antennas rather than excluding this approach once
and for all. Their efforts are strongly supported by successfully integrated on-chip
antenna designs in the terahertz band (0.3 THz - 3 THz) at which the AoC approach
can be considered largely superior to the AiP approach, see, for example, [10].

The obvious question that arises from the above sketched controversy is the follow-
ing: ”Which integration technology will ultimately be the best choice for mm-wave
antennas in the consumer market?” For this, beside the two main integration ap-
proaches, a third concept can be distinguished and should also be taken into consid-
eration. This third approach can be understood as a hybrid between AiP and AoC
concept, which is further described in Chapter 3. Finally, another interesting ques-
tion that needs to be answered is that of the frequency limits of the concepts, i.e., ”at
what frequency range is the AiP, AoC, or hybrid solution superior to the other two
approaches?”

1.2 Objectives, research approach and outline

The objective of this thesis is to answer above raised questions based on mainstream
technologies. This is done in a unified approach by investigating the AiP, AoC, and
hybrid integration approach in an equal manner. The general outline of this thesis,
shown in Figure 1.1, adopts the structure of this research approach. First, a brief
review of the most important aspects of electromagnetic theory and antenna model-
ing is provided in Chapter 2. Antenna specifications for the 60 GHz band are then
derived in Chapter 3, where also an overview of typical state-of-the-art antenna con-
cepts for AiP, AoC, and hybrid solutions is given. Based on those studies, integrated
mm-wave antenna concepts were developed for each approach, which are presented
in Chapters 4 to 6. Here, since this study is focused on the effect of the integration
technology, basic antenna topologies were chosen for the investigations, i.e., dipole
and loop antennas. In Chapter 4, also the measurement setups that were used for the
characterization of the antenna prototypes are described. Since, eventually, antenna
arrays will be required for many mm-wave applications, respective considerations
in this direction are summarized in Chapter 7. Finally, a comparison of all three an-
tenna concepts with respect to their performance is provided in Chapter 8, where
also general conclusions and recommendations are drawn. Here, special emphasis is
also laid on the suitability of the concepts for the major application areas as identified
in [4, 5], i.e.,
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Figure 1.1. General outline of this thesis.
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a) HD video streaming and wireless Gigabit Ethernet,

b) file transfer,

c) wireless interconnects.

Note that the designated goal of this thesis is an assessment of those process tech-
nologies that are nowadays widely considered as standard for the consumer market.
Therefore, the drawn conclusions reflect the general requirements of this market and
exclude antenna designs in more advanced or more costly technologies. For exam-
ple, the considerations are limited to silicon-based IC technologies. There are, how-
ever, also research groups that focus on, for example, gallium-arsenide based IC pro-
cesses. Due to the typically much lower losses in those semiconductor substrates, on-
chip antennas with significantly higher efficiencies could be accomplished. Gallium-
arsenide is more expensive than silicon, however, and, therefore, those solutions are
generally considered as less competitive on the consumer electronics market.

1.3 Original contribution of the thesis

The work that is presented in this thesis contains the following original contributions
(listed by their order of appearance in the thesis):

• Correction of the formulas presented in [11] for the magnetostatic frill source,
see Chapter 2.

• Quantification of antenna gain requirements for the European 60 GHz-band,
see Chapter 3.

• Categorization of integrated mm-wave antenna concepts based on their inte-
gration technology, see Chapter 3.

• Review of typical state-of-the-art antenna concepts per category, see Chapter 3.

• Investigation of three integrated mm-wave antenna concepts in a unified ap-
proach, see Chapters 4 to 6.

• Contribution to mm-wave anechoic chamber design, see Chapter 4.

• Proposal of basic packaging concept for Antenna-on-chip concepts on thin sili-
con substrates, see Chapter 5.

• Antenna design for 60 GHz single-chip-radar in BiCMOS technology, see Chap-
ter 5.
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• Formulation and verification of computationally efficient model for the hybrid
antenna concept including mutual coupling, see Chapter 6 and 7.

• Unified yield analysis of the hybrid antenna concept for the entire mm-wave
band, see Chapter 6.

• Proposal of modular array concept for achieving flexible mm-wave front-end
solutions, see Chapter 7.

• Contribution to axial ratio enhancement algorithm for sequentially rotated an-
tenna arrays, see Chapter 7.



8



Chapter two

Electromagnetic theory and antenna
modeling

The multidisciplinary field of integrated mm-wave antennas caught the attention of
not only the antenna society but also, for example, of the solid-state circuits and elec-
tron devices societies. Since the latter two do not naturally deal directly with antenna
problems, it is meaningful to summarize some basic principles of antenna theory that
are essential for the understanding of the remainder of this thesis. For this, a brief
review of basic electromagnetic theory is first of all given in Section 2.1. Here, a
link is also made between a substrate’s electric resistivity, which is a commonly used
parameter in the semiconductor industry, and the material’s loss tangent, which is
used in general microwave engineering. Due to their importance for two of the three
developed integrated mm-wave antenna concepts, some basic properties of confined
substrate modes and their respective cut-off frequencies are also presented in this sec-
tion. An overview of the numerical methods that were used for the solution of elec-
tromagnetic problems throughout this thesis is then given in Section 2.2, followed by
a review of important antenna parameters in Section 2.3. Finally, the described the-
oretical foundations are put into practice by the derivation of a numerically efficient
model for a circular loop antenna in Section 2.4, which also plays a major role for the
modeling approach of the hybrid integrated antenna concept in Chapter 6.

9
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2.1 Electromagnetic fields in dielectric media

2.1.1 The Maxwell equations

The relation between electromagnetic fields and their electric and magnetic sources
is given by Maxwell’s equations,

∇×H(r) =
∂

∂t
D(r) +J (r) , (2.1)

∇× E(r) = − ∂

∂t
B(r)−M(r) , (2.2)

∇ ·D(r) = ρe(r) , (2.3)

∇ ·B(r) = 0 , (2.4)

with the magnetic field strength H(r), the electric field strength E(r), and the
electric-flux density and magnetic-flux density D(r) and B(r), respectively. Fur-
thermore, ρe(r) describes the electric charge density, J (r) the electric, and M(r)
the magnetic1 current densities, see, for example, [12]. The coordinate vector to the
observation point is denoted r. Assuming harmonic time dependence, i.e., all field
quantities are proportional to e jωt, where t is the time and ω the angular frequency,
(2.1) to (2.4) can be written as

∇×H(r) = jωD(r) + J(r) , (2.5)

∇× E(r) = − jωB(r)−M(r) , (2.6)

∇ ·D(r) = ρe(r) , (2.7)

∇ · B(r) = 0 . (2.8)

For homogeneous and isotropic media, the relation between the electric-flux density
and electric field strength as well as the relation between the magnetic-flux density
and the magnetic field strength is given by the following constitutive relations:

D(r) = εE(r) = ε0εrE(r) , (2.9)

B(r) = µH(r) = µ0µrH(r) , (2.10)

with ε0 = 8.85 · 10−12 As
Vm the permittivity and µ0 = 4π · 10−7 Vs

Am the permeability of
vacuum, respectively. The factors

εr = ε′r − jε′′r , (2.11)

µr = µ′r − jµ′′r (2.12)

1The magnetic current density is not a physical quantity, but is often introduced to simplify calcu-
lations.
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denote the relative permittivity and relative permeability of the medium with respect
to vacuum. Both factors are, therefore, dimensionless. In particular, for dielectric
media it holds thatµr = 1. In case of an infinite resistivity of the medium,εr” accounts
for polarization losses, i.e., damping of the vibrating dipole moments in the material,
see [13]. Instead of stating the imaginary value, however, material suppliers usually
characterize the losses of a dielectric by its loss tangent, defined as

tan(δ) =
ε′′r
ε′r

. (2.13)

2.1.2 Effect of finite electric resistivity

For a medium that exhibits an electric resistivity ρ, the electric-current density in
Equation (2.5) can be decomposed in two parts, i.e.,

J(r) = Jconduct.(r) + Jimposed(r) , (2.14)

see [12]. The first component is the conduction current density,

Jconduct.(r) =
E(r)
ρ

(2.15)

which describes the current due to an electric field strength acting on the conductive
medium. The other term in Equation (2.14), Jimposed(r), is the imposed current density
and represents a source term of the electromagnetic fields.

Equation (2.5) for homogeneous and isotropic media can be re-written with the aid
of Equations (2.9), (2.11), (2.14), and (2.15) to

∇×H(r) = jωε0

(
ε′r − jε′′r − j

1
ρωε0

)
E(r) + Jimposed . (2.16)

Hence, the electric resistivity contributes as ohmic losses to the imaginary part of the
relative permittivity, i.e.,

εr = ε
′
r − j

(
ε′′r +

1
ρωε0

)
= ε′r − jε̂′′r , (2.17)

and has the same effect as polarization losses. Since both loss mechanisms are in-
distinguishable, see [13], the loss tangent (2.13) for materials with finite resistivity is
given by

tan(δ) =
ε̂′′r
ε′r

=
ρωε0ε

′′
r + 1

ρωε0ε′r
. (2.18)

As an example, Figure 2.1 provides the relation between the resistivity of a doped
silicon substrate with ε′r = 11.9 and its resulting loss tangent at 60 GHz under the
assumption of low polarization losses, i.e., ε′′r ≈ 0.
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Figure 2.1. Relation between the resistivity, ρ, of a doped silicon substrate with
ε′r = 11.9 and its resulting loss tangent at 60 GHz (low polarization losses assumed,
i.e., ε′′r ≈ 0).

Finally, since the resistivity can be considered as part of the relative permittivity of a
medium, the term J(r) implies the imposed current density Jimposed(r) only through-
out the remainder of this thesis.

2.1.3 Vector potentials

As mentioned in [14], it is possible to calculate the electromagnetic fields directly
from the source term J(r), but it is often much simpler to calculate the fields from
auxiliary functions, known as vector potentials2. The two most commonly used vec-
tor potentials are the magnetic vector potential, A(r), and the electric vector poten-
tial, F(r). The following paragraph summarizes the derivation of the magnetic vector
potential under the assumption that only electric currents are present, i.e., M(r) = 0,
and that the medium is homogeneous and isotropic.

The magnetic field is solenoidal, i.e.,

∇ ·H(r) = 0 . (2.19)

Therefore, the magnetic field can be represented as the curl of a vector field,

H(r) = ∇×A(r) , (2.20)

2The author adds that ”although the electric and magnetic field intensities (E and H) represent
physically measurable quantities, among most engineers the potentials are strictly mathematical
tools.”
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with A(r) the magnetic vector potential. Using this result and Equation (2.10) in (2.6)
yields

∇× (E(r) + jωµA(r)) = 0 . (2.21)

This implies that the vector field, given by (E(r) + jωµA(r)), is irrotational and can
therefore be represented by the gradient of a scalar field Φ(r), i.e.,

E(r) + jωµA(r) = −∇Φ(r) . (2.22)

Using this result, Equation (2.20), and (2.9) in (2.5) results in

∇×∇×A(r)− k2A(r) = − jωε∇Φ(r) + J(r) , (2.23)

where k =ω
√
εµ is the wave number of the medium. This equation can be re-written

using the Laplace operator, defined as

∇2A(r) = ∇∇ ·A(r)−∇×∇×A(r) , (2.24)

to arrive at

∇2A(r) + k2A(r) = ∇ ( jωεΦ(r) +∇ ·A(r))− J(r) . (2.25)

The scalar function Φ(r) can be freely chosen and is set to satisfy

jωεΦ(r) = −∇ ·A(r) , (2.26)

in order to simplify Equation (2.25) to the vectorial Helmholtz-equation

∇2A(r) + k2A(r) = −J(r) . (2.27)

Equation (2.26) is known as the Lorentz gauge. It can be shown that the solution of
(2.27) is generally given by

A(r) =
1

4π

∫
V′

J(r′)
R(r− r′)

e− jkR(r−r′)dV ′ , (2.28)

in which r′ denotes the coordinate vector to a source point, V ′ the volume that
contains the source points, r the coordinate vector to an observation point, and
R(r− r′) = |r − r′| denotes the distance between source and observation point, see
also [14]. Note that the kernel of (2.28) exhibits a singularity at r = r′, which poses a
challenge for the exact evaluation of the integral. After the magnetic vector potential
is calculated, the magnetic field strength in an observation point can be computed by
Equation (2.20). The electric field strengths can be obtained from

E(r) =
1

jωε
(
k2A(r) +∇∇ ·A(r)

)
, (2.29)
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where Equation (2.26) was used in conjunction with Equation (2.22).

Similarly, the electric vector potential can be derived from the magnetic current dis-
tribution M(r). For this, only magnetic current densities are considered, i.e., J(r) = 0.
The result for the electric vector potential is then given by

F(r) =
1

4π

∫
V′

M(r′)
R(r− r′)

e− jkR(r−r′)dV ′ . (2.30)

From this, the electric and magnetic fields can be determined by equating

E(r) = −∇× F(r) (2.31)

and

H(r) =
1

jωµ
(
k2F(r) +∇∇ · F(r)

)
, (2.32)

respectively.

2.1.4 Confined substrate modes

Two of the three integrated mm-wave concepts that are presented in this thesis are
directly located on top of dielectric substrates. As explained in [12, 15], a dielec-
tric substrate can confine and guide electromagnetic energy. Since this mechanism
is often unwanted and can pose additional challenges to an antenna design, it is im-
portant to understand under what circumstances this can occur. As explained in [12],
the confinement of the electromagnetic energy inside an infinite substrate is due to
total reflections at its top and bottom surface. Those reflections result in a standing
wave pattern inside the substrate as shown in Figure 2.2(a). As known from basic
electromagnetic theory, a total reflection at a dielectric interface results in an evanes-
cent field on the opposite side of the interface, see, for example, [13]. Therefore, the
shown electric field strength in Figure 2.2(a) decays exponentially for z < −h and
z > 0. The amount of confined energy inside the slab depends on its thickness, h, its
permittivity, ε, as well as the permittivity of the surrounding medium, usually air.
The fields inside the substrate can be subdivided into two fundamentally different
field configurations, namely transverse-electric (TE) and transverse-magnetic (TM),
with transverse referring to the orientation of the electric and magnetic field vectors
with respect to the direction of propagation. For both cases, TE and TM propaga-
tion, several modes can exist in the substrate. The lower cut-off frequencies for those
modes are given by [15] as

fc =
n c0

2h
√
ε′r − 1

, n ∈ N0, (2.33)
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(b) TE1-mode in a grounded infinite dielectric
substrate.

Figure 2.2. Examples of electric field distributions inside infinite silicon substrates
of thickness h.

with n the mode number, c0 the speed of light in vacuum, h the thickness, and εr the
relative permittivity of the substrate. The modes are then named as TMn and TEn,
respectively. A striking characteristic of the TM0 and TE0 mode is that their cut-off
frequency is 0 Hz, i.e., they can always propagate.

Another important configuration that shall be considered here is the case in which
the substrate is covered with a metallic plate as shown for the lowest order TE-mode
in Figure 2.2(b). Here, the tangential electric field at the top surface has to be zero at
all times. The cut-off frequencies of this configuration are given by [15] as

fc =
n c0

4h
√
ε′r − 1

, (2.34)

with n = 0, 2, 4,. . . for the TM modes and n = 1, 3, 5,. . . for the TE modes. Hence, the
lowest-order TE mode has a non-zero cut-off frequency for this configuration.

2.2 Numerical computation

2.2.1 The method of moments

According to the explanation in Section 2.1.3, all electromagnetic fields in space that
originate from an electric or magnetic current distribution can be obtained from the
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vector potentials (2.28) and (2.30). Usually, however, the current densities of a con-
figuration are not known beforehand and have to be determined from the boundary
conditions of the problem. For example, in case of a thin metallic wire with M(r) = 0,
an electric-field integral-equation (EFIE) can be formulated that links the boundary
condition on the wire’s surface S to the unknown current distribution. Obviously, for
a perfectly conducting wire the sum of all tangential field components on the surface
has to be zero, i.e.,

n× [Escat.(r) + Einc.(r)] = 0 |r∈S , (2.35)

with n the unit normal vector on S , Einc.(r) the incident electric field, and Escat.(r) the
(scattered) electric field due to the electric current distribution on the wire, given by
(2.29). After substituting (2.29) in (2.35) and some mathematical manipulations, the
EFIE may be of the following form:

n× Einc.(r) =
∫

l′
K(r, r′) I(r′)dl′

∣∣∣∣
r∈S

, (2.36)

where K(r, r′) denotes the kernel of the integral. A concrete derivation of a EFIE in
the form of (2.36) is given in Section 2.4.1. Here, the focus is first of all laid on the
mathematical solution of such an equation.

In (2.36), the unknown current distribution, I(r′), is the argument of a linear oper-
ator rather than the inhomogeneity of the equation. Hence, the solution cannot be
obtained directly. In order to find an approximate solution of (2.36), the method of
moments (MoM) can be employed, see, for example, [16]. For this, the unknown
current distribution is expanded in a finite series of N known basis functions I1(r′)
to IN(r′) that approximate the exact current distribution according to

I(r′) ≈
N

∑
n=1
αn In(r′) , n = 1, 2, . . . N , (2.37)

in which the factorsαn are now the unknowns. Using the approximation (2.37) in the
EFIE (2.36) yields

n× Einc.(r) =
N

∑
n=1
αn

∫
l′

K(r, r′) In(r′)dl′
∣∣∣∣∣

r∈S

. (2.38)

In order to solve (2.38), both sides are weighed with a set of M pre-defined testing
functions, w1(r) to wM(r), to arrive at a system of M linear equations of the form

∫
l
wm(r)Etangential(r)dl =

N

∑
n=1
αn

∫
l
wm(r)

∫
l′

K(r, r′) In(r′) dl′dl

∣∣∣∣∣
r∈S

, (2.39)

Vm =
N

∑
n=1
αnZm,n , m = 1, 2, . . . M , (2.40)

[V] = [Z] [α] , (2.41)
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Figure 2.3. Sketch of a Yee-cell with its electromagnetic field arrangement.

which can be solved for the coefficients [α], if the MoM-matrix [Z] is nonsingular
and, thus, invertible. The approximate solution for the electric current density is
then given by (2.37), from which the electromagnetic fields can be calculated.

2.2.2 Finite-difference time-domain

An alternative to the MoM for obtaining the electromagnetic field distribution is the
finite-difference time-domain (FDTD) method. In this method, the Maxwell Equa-
tions (2.1) to (2.4) are solved directly in the time-domain, with all time derivatives
replaced by central differences, i.e.,

∂F (x, y, z, t)
∂t

→ ∆F (x, y, z, t)
∆t

=
F (x, y, z, t + ∆t

2 )−F (x, y, z, t− ∆t
2 )

∆t
, (2.42)

with F (x, y, z, t) an arbitrary time-dependent field quantity. Similarly, the spatial
derivatives are also replaced by central differences according to

∂F (x, y, z, t)
∂x

→ ∆F (x, y, z, t)
∆x

=
F (x + ∆x

2 , y, z, t)−F (x− ∆x
2 , y, z, t)

∆x
, (2.43)

∂F (x, y, z, t)
∂y

→ ∆F (x, y, z, t)
∆y

=
F (x, y + ∆y

2 , z, t)−F (x, y− ∆y
2 , z, t)

∆y
, (2.44)

∂F (x, y, z, t)
∂z

→ ∆F (x, y, z, t)
∆z

=
F (x, y, z + ∆z

2 , t)−F (x, y, z− ∆z
2 , t)

∆z
. (2.45)

For this, the entire computation domain is subdivided into rectangular cells, known
as Yee-cells. An example of such a cell is shown in Figure 2.3. The interaction be-
tween all field components is then determined for discrete time steps and involves
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only neighboring nodes. Therefore, this method is also referred to as a local method,
whereas the MoM is referred to as a global method since it directly takes into account
interactions between all segments/cells. Another important difference between the
two methods is that for FDTD an absorbing boundary condition is required at the
boundary of the calculation domain to mimic radiation into free space. On the con-
trary, radiation is inherently included in the MoM approach.

From this brief description, the FDTD method may appear very straightforward.
However, there are many criteria, for example, with respect to computational sta-
bility, that have to be met for a successful implementation. Therefore, for further
reading about this method it shall be referred to, for example, [17].

A commercially available EM solver that uses the FDTD method is Empire XCcel
from IMST GmbH, see [18]. Most of the simulation results that are presented in this
thesis were obtained with this program.

2.3 Antenna parameters

2.3.1 Field regions

The space around an antenna can be subdivided into three regions, see [14]. The
direct vicinity of the antenna, called the reactive near-field region, is electromag-
netically dominated by the reactive fields of the antenna. This region exists until
approximately 0.63

√
D3/λ0 from the antenna surface, where λ0 is the considered

wavelength and D is the largest dimension of the antenna. The region between this
boundary and up to a distance of approximately 2D2/λ0 is called the radiating near-
field or Fresnel region. Here, the radiating fields predominate, but the angular field
distribution depends on the distance from the antenna. As stated in [14], this region
may not exist for antennas whose largest dimension D is not large as compared to
the wavelength. The region beyond the 2D2/λ0-boundary is called the far-field or
Fraunhofer region at which the angular field distribution is essentially independent
of the distance from the antenna.

2.3.2 Input impedance and radiation efficiency

From a circuit point of view, an antenna can be described, just as any other load, by
means of an impedance3

Zant( f ) = Rant( f ) + jXant( f ) , (2.46)

3Note, however, that the following treatment is only valid for a single mode excitation.
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or, alternatively, as an admittance

Yant( f ) = Gant( f ) + jBant( f ) , (2.47)

where both the imaginary as well as the real part are a function of the frequency f .
From an electromagnetic perspective, the imaginary part of the antenna impedance
(or admittance) is determined by the reactive fields of the antenna and, thus, by
its near-field. The resistive part of the impedance can be split into two different
components,

Rant = Rrad + Rloss , (2.48)

with the radiation resistance Rrad and the loss resistance Rloss of the antenna. For a
loss mechanism in parallel, the admittance model can more easily be used, with

Gant = Grad + Gloss . (2.49)

Here, Rrad and Grad are associated with the power loss due to radiation and can,
therefore, be linked to the far-field of the antenna. Rloss and Gloss then describe the
conductor and dielectric losses inside the antenna.

Since antennas obviously exhibit undesired losses, the radiation efficiency of an an-
tenna, defined as the ratio of the radiated power to the input power, see [12], is a vital
performance parameter. From the lumped antenna models (2.46) and (2.47) in com-
bination with (2.48) and (2.49), respectively, the radiation efficiency of the antenna
can be calculated according to

ηrad =
Prad

Pin
=


Rrad

Rrad+Rloss
, or

Grad
Grad+Gloss

, respectively.
(2.50)

Note that Equations (2.50) exclude losses due to a mismatch between the source, for
example an amplifier, and the antenna. Therefore, the radiation efficiency is a circuit
independent parameter, which makes it an ideal figure of merit for the comparison
of antenna concepts in different technologies and with different input impedance
specifications. Hence, it plays an important role in the antenna concept chapters
4 to 6.

2.3.3 Gain, polarization, and radiation pattern

In most cases, a communication antenna is used to bridge larger distances. Therefore,
the radiation properties of an antenna as seen from its far-field are of major impor-
tance. For example, it is crucial to know the directional properties of an antenna, like
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Figure 2.4. Definition of spherical coordinates.

the amount of power radiated into each direction, i.e., with respect to θ and φ of a
spherical coordinate system as shown in Figure 2.4. For this, an isotropic radiator is
considered as starting point here. Such a (hypothetical) antenna radiates the same
amount of power in all directions. Thus, one can determine its radiation intensity U,
defined as the radiated power per unit solid angle4, simply by

U0 =
Prad

4π
. (2.51)

In the general case, however, the radiation intensity of an antenna is a function of
direction, i.e., U = f (θ,φ), for which the following relation always holds:∫ 2π

0

∫ π

0
U(θ,φ) sin(θ)dθdφ = Prad . (2.52)

Equation (2.52) simply states that the integration of the radiation intensity over all di-
rections is equal to the total radiated power. Usually, U(θ,φ) of a considered antenna
is described with respect to the isotropic radiator, i.e.,

D(θ,φ) =
U(θ,φ)

U0
=

4πU(θ,φ)
Prad

, (2.53)

where D is known as the directivity of the antenna. This relation, however, excludes
any antenna losses since only the radiated power is considered. In practice, one is
usually more interested in the amount of power that is radiated in a certain direction
with respect to the total input power. For this, the radiation efficiency, defined in
(2.50), can be used to obtain the gain of the antenna,

G(θ,φ) = ηrad
U(θ,φ)

U0
= ηradD(θ,φ) , (2.54)

4Note that, in particular, the radiation intensity is independent of the distance from the antenna.
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Figure 2.5. General polarization ellipse.

where it is assumed that the isotropic radiator does not exhibit any losses.

Another important far-field parameter is the polarization of an antenna, which is de-
fined as the polarization of its radiated wave along its direction of propagation. Here,
the polarization of an electromagnetic wave is further defined as the time-dependent
direction and relative magnitude of the electric-field vector. Since the polarization
of the radiated wave might vary with the observation direction, the polarization is
usually taken to be in the direction of maximum gain, see [14]. Note, however, that
although antennas are designed to radiate in a specified polarization, they always
also radiate a certain amount of power in the orthogonal polarization. The compo-
nent of the field that is radiated in the intended polarization is commonly referred to
as co-polarization component and the orthogonal component is then referred to as
cross-polarization component. A fundamental article on the possible different defi-
nitions of co- and cross-polarization was published by A.C. Ludwig in 1973, see [19].
In the outline of this thesis, however, both components coincide with either the θ
or φ direction of the observation coordinate system, respectively. They are denoted
accordingly, such that no further elaboration on this topic shall be undertaken here.

Moreover, in the far-field of an antenna, its radiated electromagnetic wave can be
split into two orthogonal components, which superimpose to a general polarization
ellipse as shown in Figure 2.5. For such an ellipse, the axial ratio (AR),

AR =
A
B

=
|Eθuθ + Eφuφ|max

|Eθuθ + Eφuφ|min
, (2.55)

can be defined, which indicates whether the wave is mainly linearly, elliptically, or
circularly polarized. For a perfectly linearly polarized antenna, for example, the axial
ratio (2.55) is infinite. For a perfectly circularly polarized antenna, the axial ratio is
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AR = 1. This case is of particular importance for the array considerations in Chap-
ter 7.

Finally, the radiation characteristics of an antenna as a function of space coordinates
are often represented in a plot, known as radiation pattern. If the gain of an antenna
is shown, one also denotes it as power pattern since it describes the radiated power
per unit solid angle. A power pattern could, however, also show the directivity or
radiation intensity and is, therefore, not uniquely defined. Therefore, throughout
this thesis the term gain pattern is used to indicate that the gain of the antenna is
shown. Furthermore, radiation patterns are often normalized with respect to its max-
imum value, which is then denoted as normalized radiation pattern. In this thesis,
these patterns are accordingly referred to as normalized gain patterns. Since the gain
can be independently determined for co-polarization and cross-polarization compo-
nents, the radiation patterns might show the results for one of the two polarizations
only. If nothing is mentioned, however, the gain pattern is taken to be the absolute
gain of the antenna in that direction. Furthermore, for linearly-polarized antennas
it is common practice to limit the patterns to their two principle planes, i.e., E-plane
and H-plane. In general, the E-plane is defined as the plane containing the electric
field vector and the direction of maximum radiation. The H-plane is defined accord-
ingly for the magnetic field vector and, since in the far-field the electric and magnetic
field vectors are orthogonal to each other, the H-plane is orthogonal to the E-plane.

2.3.4 Friis transmission equation

Figure 2.6 shows a sketch of a general wireless communication scenario between a
transmitter and a receiver. As known from Section 2.3.3, the transmitting antenna, in
general, radiates power into all directions. Hence, not all the radiated power can be
captured by the receiving antenna. The power density at the location of the receiving
antenna can be calculated by

W0 =
PinGt(θt,φt)

4πR2 , (2.56)

with Gt the gain of the transmitting antenna in the direction of the receiving antenna,
specified byθt andφt, and with R the distance between both antennas. The receiving
antenna captures the portion

Pr = Ar(θr,φr)W0 , (2.57)

of the radiated power. In (2.57) Ar(θr,φr) denotes the effective aperture of the receiv-
ing antenna in the direction of the transmitting antenna, which is related to its gain
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Figure 2.6. Free space wireless link between a transmitter (left) and a receiver (right)
located at a distance R.

according to5

Ar(θr,φr) = Gr(θr,φr)
λ2

0

4π
. (2.58)

Using this relation and substituting (2.57) into (2.56) yields

Pr

Pin
=

(
λ0

4πR

)2

Gt(θt,φt)Gr(θr,φr) , (2.59)

which is known as the Friis transmission equation. The term
(
λ0

4πR

)2
in (2.59) is called

the free-space path loss since it takes into account the losses in the wireless link due
to the spherical spreading of the radiated power.

2.4 Thin-wire circular loop antenna model

In this final section of Chapter 2, the theoretical foundations from the preceding sec-
tions are put into practice by a derivation of a computationally efficient model for a
circular loop antenna as shown in Figure 2.7. The modeling approach of the hybrid
integrated mm-wave antenna from Chapter 6 is then based on this basic model.

In the first instance, the antenna is excited by a voltage generator that produces the
voltage Vin at a frequency f across a small gap, see Figure 2.7. In order to determine
the resulting current distribution on the wire by a MoM approach, an integral equa-
tion is needed as explained in Section 2.2.1. The derivation of the used EFIE for this
antenna is, therefore, presented as the first step in Section 2.4.1. The MoM solution of
this equation is then given in Section 2.4.2 followed by a description of an enhanced
generator model in Section 2.4.3, which is used to reduce numerical instabilities and

5The derivation is presented in, e.g., [14].
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Figure 2.7. Definitions of full-loop antenna parameters according to [20].

achieve a convergent solution. Finally, a comparison of the antenna parameters ob-
tained with this MoM solution and the results from the commercial FDTD solver
Empire XCcel is given in Section 2.4.4 in order to prove the validity of the model.

2.4.1 Derivation of the integral equation

In order to arrive at an electromagnetic model for the thin-wire circular loop antenna,
the electric current density on the wire has to be determined. From this, all generated
electromagnetic fields can be computed with Equations (2.20) and (2.29), using the
magnetic vector potential given by (2.28). First, however, an equation is needed that
relates the current distribution on the wire to the impressed fields of the connected
voltage generator. This equation is given by (2.29) in conjunction with the boundary
condition that the tangential electric field has to be zero on the wire’s surface S , i.e.,

n× [Escat.(r) + Einc.(r)] = 0 |r∈S , (2.60)

with n the unit normal vector on the wire’s surface, Einc.(r) the electric field produced
by the voltage generator, and Escat.(r) the (scattered) electric field given by (2.29) due
to the electric current distribution on the wire. Since the wire is electrically thin, i.e.,
a� λ, it is sufficient to consider the tangential electric field inϕ-direction only, such
that (2.60) can be written as

−Einc.(r) · uϕ =
1

jωε
[
k2A(r) +∇∇ ·A(r)

]
· uϕ

∣∣∣∣
r∈S

. (2.61)

Furthermore, due to the thin wire assumption, the current can be considered to flow
on the central axis of the wire only. If the observation points remain on its surface,
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the distance between source and observation point in cylindrical coordinates,

R(r− r′) =
√

r2 + r′2 − 2rr′ cos(ϕ−ϕ′) + (z− z′)2 , (2.62)

can then be approximated by

R(r− r′) ≈ R(ϕ−ϕ′) =

√
4b2 sin2

(
ϕ−ϕ′

2

)
+ a2 , (2.63)

which is known as the thin-wire approximation. The inherent advantage of (2.63)
is the fact that the singularity of the kernel of Equation (2.28) is avoided here. This
simplification, however, comes at the price of obtaining an approximate solution of
the integral only.

The final form of the EFIE for the electric current distribution can now be formulated
by inserting the magnetic vector potential (2.28) together with the approximation
(2.63) in Equation (2.61). The ϕ-component of the magnetic vector potential on the
right-hand-side is then given by

A(r) · uϕ =
∫
ϕ′

I(ϕ′) uϕ′ · uϕ
e− jkR(r−r′)

4πR(r− r′)
b dϕ′ . (2.64)

Due to the assumed confinement of the current to the center of the wire, the volume
integral of (2.28) is reduced to a line integral here and the current density is replaced
with the current I(ϕ′). Using the representation of uϕ′ in observation coordinates,
i.e.,

uϕ′ = uϕ cos(ϕ−ϕ′) + ur sin(ϕ−ϕ′) , (2.65)

(2.64) can be re-written to

A(r) · uϕ =
∫
ϕ′

I(ϕ′) cos(ϕ−ϕ′) e− jkR(r−r′)

4πR(r− r′)
b dϕ′ . (2.66)

The second term in (2.61) can be developed in two steps. First, the divergence of the
vector potential can be expressed as

∇ ·A(r) =
∫
ϕ′

I(ϕ′)∇ ·
[

uϕ′
e− jkR(r−r′)

4πR(r− r′)

]
b dϕ′ , (2.67)

=
∫
ϕ′

I(ϕ′) (−∇′) ·
[

uϕ′
e− jkR(r−r′)

4πR(r− r′)

]
b dϕ′ , (2.68)

=
∫
ϕ′

I(ϕ′)
(
−1

b

)
∂

∂ϕ′
e− jkR(r−r′)

4πR(r− r′)
b dϕ′ . (2.69)

Here, the fact that the argument of the divergence is a function of (r − r′) is used
to re-write the divergence in terms of the source coordinates. Using the thin-wire
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approximation, however, the argument is actually a function of (ϕ−ϕ′) only and,
hence, (2.69) can be written as

∇ ·A(r) =
∫
ϕ′

I(ϕ′)
1
b

∂

∂ϕ

e− jkR(ϕ−ϕ′)

4πR(ϕ−ϕ′) b dϕ′ , (2.70)

where the relation ∂/∂ϕ′ = -∂/∂ϕ was used. As second step, theϕ-component of the
gradient of (2.70) has to be determined. The solution is straightforward and is given
by

(∇∇ ·A(r)) · uϕ =
∫
ϕ′

I(ϕ′)
1
b2

∂2

∂ϕ2

e− jkR(ϕ−ϕ′)

4πR(ϕ−ϕ′) b dϕ′ . (2.71)

Using (2.66) and (2.71) in (2.61), the EFIE is given by

−Einc.(ϕ) · uϕ =
η

jk

∫
ϕ′

[
k2 cos(ϕ−ϕ′) + 1

b2

∂2

∂ϕ2

]
I(ϕ′)

e− jkR(ϕ−ϕ′)

4πR(ϕ−ϕ′) b dϕ′ , (2.72)

with the free space impedance of the medium η =
√
µ/ε. Finally, all lengths param-

eters may be normalized with respect to the loop-radius6, i.e.,

b → 1 , (2.73)

a → a/b , (2.74)

k → kb , (2.75)

resulting in the normalized EFIE

b Einc.(ϕ) · uϕ =
jη
4π

∫
ϕ′

[
kb cos(ϕ−ϕ′) + 1

kb
∂2

∂ϕ2

]
e− jkbRb(ϕ−ϕ′)

Rb(ϕ−ϕ′)
I(ϕ′) dϕ′ , (2.76)

with the normalizedϕ-component of the incident electric field from the generator at
the observation point on the left-hand side and

Rb(ϕ−ϕ′) =
R(ϕ−ϕ′)

b
=

√
4 sin2

(
ϕ−ϕ′

2

)
+
( a

b

)2
, (2.77)

which is consistent with the EFIE used in [20]. With (2.76) an equation is obtained
that links the unknown current on the wire to the known boundary conditions. Nev-
ertheless, the drawback of this equation is that the unknown parameter is the ar-
gument of a linear operator and cannot be determined directly. As outlined in Sec-
tion 2.2.1, however, this kind of equation can be solved with the method of moments.
The exact procedure is explained in the next section.

6Note that, mathematically, this operation results in a multiplication with the factor b on both sides
of (2.72).
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2.4.2 Moment method solution for the electric current distribution

For the numerical evaluation of the EFIE (2.76) the method of moments can be used,
see Section 2.2.1. For this, the wire is subdivided into N equally sized segments on
which the pulse basis functions,

In(ϕ
′) =

{
1 , for (n− 1)∆ϕ <ϕ′ < n∆ϕ ,
0 , otherwise , (2.78)

with n = 1, 2, . . ., N and ∆ϕ = 2π/N, are defined. The number of testing functions is
chosen to be the same as the number of basis functions, i.e., M = N. Here, the testing
functions are dirac-delta functions, i.e.,

wm(ϕ) =
1
b
δ(ϕ−ϕm) , (2.79)

with m = 1, 2, . . ., M andϕm = (2m−1)∆ϕ
2 . The choice of pulse basis functions in com-

bination with dirac testing functions is also known as point-matching method. Ap-
plying the MoM with above basis and testing functions to Equation (2.76) yields an
equation similar to (2.39), i.e.,

b
∫
ϕ
δ(ϕ−ϕm) Einc.(ϕ) · uϕ dϕ =

jη
4π

N

∑
n=1
αn

∫
ϕ
δ(ϕ−ϕm)

∫ n∆ϕ

(n−1)∆ϕ
K(ϕ−ϕ′)dϕ′dϕ ,

(2.80)

which can be reduced to

Vm =
jη
4π

N

∑
n=1
αn

∫ n∆ϕ

(n−1)∆ϕ
K(ϕm −ϕ′)dϕ′ , m = 1, 2, . . . , M , (2.81)

with Vm = b Eϕ,inc.(ϕm) the normalized tangential component of the incident electric
field atϕ =ϕm and the kernel

K(ϕm −ϕ′) =
[

kb cos(ϕ−ϕ′) + 1
kb

∂2

∂ϕ2

]
e− jkbRb(ϕ−ϕ′)

Rb(ϕ−ϕ′)

∣∣∣∣
ϕ=ϕm

. (2.82)

With this, the first line of the MoM-matrix, [Z], is now given by

Z1,n =
jη
4π

∫ n∆ϕ

(n−1)∆ϕ
K(ϕ1 −ϕ′)dϕ′ , n = 1, . . . , N . (2.83)

Equation (2.83) represents the tangential electric field in the center of the first loop
segment for an uniform 1 A electric current on segment n. Due to the rotational
symmetry of the circular loop, the same tangential electric field will be achieved on
a different segment atϕm =ϕ1 + m∆ϕ, if a 1 A current is present on an accordingly
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m∆ϕ-shifted location. Therefore, the full MoM-matrix is of Töplitz form and, thus,
already given by

[Z] =


Z1,1 Z1,2 · · · Z1,N

Z1,2 Z1,1 · · · Z1,N−1
...

... . . . ...
Z1,N Z1,N−1 · · · Z1,1

 . (2.84)

Finally, the amplitudes of the approximate current distribution on the loop can be
calculated by

[α] = [Z]−1[V] , (2.85)

with the elements Vm of [V] given by

Vm =

{
Vin/∆ϕ , m = 1
0 , m 6= 1 (2.86)

for the chosen delta-gap voltage generator as source model.

2.4.3 Magnetostatic frill source

With the results from Sections 2.4.1 and 2.4.2 the antenna parameters as described in
Section 2.3 could now be calculated. There is, however, a difficulty with the numeri-
cal evaluation of the EFIE in combination with the used source model (2.86), i.e., the
delta gap voltage generator, which is outlined in this section.

The thin-wire approximation eliminates the source-point singularity of the EFIE by
smoothening the right-hand-side of (2.76). In case of a delta-gap voltage genera-
tor, however, the left hand side is a dirac-delta function at the source point and is,
thus, not smooth at all, which results in numerical instabilities. This problem is well-
known and a research subject on its own, see, e.g., [21, 22]. In the outline of this
thesis, the problem is largely suppressed by the use of a different feed model that
exhibits a similar smoothness as the right-hand-side of (2.76). For this, the magneto-
static frill source from [11] is used7, which is a simplified model of a coaxial antenna
feed. The feed-model together with its local coordinate system is shown in Figure 2.8
and consists of a single filamentary magnetic current M(r) = M0 uϕ̃ = -Vin uϕ̃ that
encircles the wire at a radius r̃1. The derivation of the electric vector potential for

7During the implementation of this source model, it turned out that there seems to be a misprint
in the cited reference. Therefore, the complete derivation of the used source model is provided in
Appendix A.
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Figure 2.8. Topview of the loop antenna with magnetostatic frill source.

such magnetic-current loop in its local coordinates is provided in Appendix A, Sec-
tion A.1. The result reads

Fϕ̃(r̃) =
M0Rm,1

2π r̃

{(
1− β

2
1

2

)
K(β1)− E(β1)

}
, (2.87)

in which the subscript ϕ̃ denotes the ϕ̃-component,

Rm,1 =
√

z̃2 + (r̃1 + r̃)2 , (2.88)

β1 =

√
4r̃1r̃

Rm,1
, (2.89)

and K(β1) and E(β1) are the complete elliptical integrals of the first and second
kind, respectively. The generated electric field can be calculated by using (2.87) in
(2.31). The detailed procedure is shown in Appendix A, Section A.2. The resulting
individual field components with respect to its local coordinate system are

Einc.(r̃) · uϕ̃ = 0 , (2.90)

Einc.(r̃) · ur̃ =
M0 z̃

2π r̃Rm,1

[
K(β1)−

r̃2
1 + r̃2 + z̃2

(r̃1 − r̃)2 + z̃2 E(β1)

]
, (2.91)

Einc.(r̃) · uz̃ =
−M0

2πRm,1

[
K(β1) +

r̃2
1 − r̃2 − z̃2

(r̃1 − r̃)2 + z̃2 E(β1)

]
. (2.92)

Note that the electric field strength is independent of ϕ̃. Furthermore, following the
recommendation in [11], the radius r̃1 =

√
3a is chosen here.

In order to fulfill the boundary conditions, the tangential electric field produced by
the magnetostatic frill source along the wire has to be determined for the left-hand-
side of the integral equation (2.76). For this, Equations (2.91) and (2.92) have to be
expressed in terms of the global coordinate system from Figure 2.7, using the rela-
tions

r̃ =

√
(1− cos(ϕ))2 +

( a
b

)2
, (2.93)

z̃ = sin(ϕ) . (2.94)
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Figure 2.9. Computed α1 at 60 GHz versus the number of used basis functions for
Vin = 1 V (a = 12.5 µm, b = 950 µm).

Here, the normalization with respect to the loop-radius b, as used in [20], is already
included. The tangential field component can now be determined by computing the
inner product of the total electric field strength, given by (2.90) to (2.92), and the
tangential unit vector along the wire, which is given by

uϕ(r) = ur̃ sin(ϕ) + uz̃ cos(ϕ) |ϕ̃=π . (2.95)

Therefore, the tangential electric field component is given by

Einc.(r) · uϕ(r) = Einc.(r) · ur̃ sin(ϕ) + Einc.(r) · uz̃ cos(ϕ) |ϕ̃=π , (2.96)

which can now be used in (2.76). Note that, in general, all components of the vector
[V] in (2.86) are now non-zero with smoothly decreasing magnitude for an increasing
distance away from the source.

Finally, the numerical stability of the solution and the optimal number of basis func-
tions shall be investigated. For this, the electric current amplitudeα1 on the feed seg-
ment is computed at 60 GHz for different number of loop-segments/basis-functions
and for a = 12.5 µm and b = 950 µm. The result is shown in Figure 2.9. The value α1

is chosen here since it is of particular importance for the calculation of essential an-
tenna parameters, like the input impedance. As shown in Figure 2.9,α1 converges to
an amplitude of approximately 2.3 ·10−3 and a phase of 129◦ at about N = 1000 and
remains stable at this value up to N = 2700. For larger numbers of basis functions
the solution becomes unstable again, which is seen to be a result of the thin-wire
approximation. Also provided in Figure 2.9 are the values for α1 when using the
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delta-gap voltage generator. From this, it becomes obvious that this source model
cannot be used for a reliable prediction of the antenna parameters since it shows no
convergence at all.

2.4.4 Comparison with a FDTD solver

In order to prove the validity of the derived antenna model, its solution for a loop
radius of 950 µm and wire thickness of 25 µm was compared to the solution obtained
with a FDTD solver. For this, the MoM model was implemented in Matlab, see [23],
and the FDTD solution was obtained with Empire XCcel. Figure 2.10 shows the in-
put impedance and the gain patterns in both principle planes as well as in the loop
plane for both models. The gain patterns are plotted in spherical coordinates here,
see Figure 2.4. Both computational models agree excellently with respect to each
other, although only 501 basis functions were used for the MoM implementation.
This value is well below the recommended minimum number of basis functions, see
Section 2.4.3. It was found, however, that for a further increase in the amount of
basis functions the improvement in the accuracy of the solution is far less signifi-
cant than the increase in computing time. Hence, 501 basis functions can be finally
recommended here as optimal choice for this particular example.
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Figure 2.10. Antenna parameters of a circular loop antenna with b = 950 µm and
a = 12.5 µm as obtained with the proposed MoM model and a FDTD model, respec-
tively.



Chapter three

Integrated millimeter-wave antennas:
State-of-the-art

As a starting point for the integrated mm-wave antenna concepts that were devel-
oped in the framework of this thesis, it is meaningful to first give a brief overview of
the state-of-the-art. For this, some general requirements of antennas for the 60 GHz
band are, firstly, summarized in Section 3.1 since these are common for all concepts.
Next, brief overviews of typical state-of-the-art AiP, AoC, and hybrid designs are
given in Sections 3.2 to 3.4. The findings of the state-of-the-art overviews then serve
as the motivation for the technology choices and antenna concepts that follow in
subsequent chapters.

3.1 Antenna requirements for 60 GHz communications

It was already pointed out in Chapter 1 that an integrated antenna is preferred at
mm-waves in order to keep the interconnect losses as low as possible. Furthermore,
since the preferred technology choices for mm-wave front-end ICs are CMOS and
BiCMOS with their typical differential amplifier topologies, antennas with a differ-
ential feed-structure are favored as well, see [7]. This allows to directly connect the
antenna to the amplifier without the need for a balanced-to-unbalanced converter
(balun), which would add extra losses to the system.

Furthermore, the antenna should exhibit a high, constant gain at a high radiation
efficiency over the entire frequency band, as pointed out in [2]. If this requirement
is not met, the overall signal-to-noise ratio (SNR) in the receiver is affected and, as a
consequence, the communication distance would be severely compromised and/or
the battery lifetime of portable devices unnecessarily shortened. Moreover, since

33
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high gain comes at a cost of a narrow beam-width, the antenna beam should be
automatically adjustable in its direction. Therefore, switched-beam or phased arrays
are typically suggested, see, for example, [2, 4, 5, 7, 8].

The antenna gain should be high; however, a motivated quantification of the gain
requirement is hardly ever stated in the literature. Hence, this issue shall briefly be
tackled here based on the Friis transmission equation (2.59), which relates the total
received power to the total input power of a radio link in free space. For this, the
worst case receiver sensitivity specification from IEEE standard 802.15.3c-2009, see
[24], is used as minimum acceptable receiver input power level, Pr. According to this
specification, a power level of at least -46 dBm is the minimum requirement1. For
the transmitter, the maximum equivalent isotropic radiated power (EIRP), which is
the product of transmit power and transmit antenna gain, is in Europe limited to a
maximum of 40 dBm, see [3]. Using this value and the worst case receiver sensitivity
from above in (2.59), the minimum required receive antenna gain for 60 GHz can
be determined to be Gr = 2 dBi for a communication distance of up to R = 10 m.
The respective system assumptions for this scenario are summarized as case #1 in
Table 3.1. Here, a single transmitter chip like the one published in [25] is assumed
that exhibits a maximum output power of PIC = 10 dBm (= Pin in (2.59) for this case).
As shown in the table, the resulting transmit antenna gain Gt has to be 30 dBi in
this case in order to achieve the maximum EIRP. Such high gain is difficult to achieve
with a single integrated antenna, however, which makes this system approach rather
impractical.

Another possibility of achieving a high EIRP is by increasing the transmit power2.
This could be done, for example, by building an array of antennas whereas every
antenna is fed by an individual transmitter chip. By this, the output powers of the
ICs are combined ”in the air”, as described in [4, 7]. Hence, the total transmit power
is then as high as Pin = NPIC, with N the total amount of antenna array elements. Fur-
thermore, this array approach leads to a larger overall antenna gain, with an overall
gain increase of approximately the same factor N. Using this approach and assum-
ing that the single antenna element of the array is a patch antenna, which typically
exhibits a gain of Gt,single = 6 dBi, and is fed by the same 10 dBm transmitter chip, the
total amount of transmit antennas has to be approximately 16, see case #2 in Table 3.1.

In order to reduce the transmit antenna array size, one can use another antenna ar-
ray of size M on the receiver side. When choosing M = N and assuming once again
that the single antenna elements exhibit a gain of 6 dBi on both sides, two 6-element

1This value is stated for a data rate of larger than 3 Gb/s in the Single Carrier Mode with
π/2 16-QAM modulation.

2Note that, besides the EIRP limitation, the maximum output power level might also be limited in
some countries and regions.
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arrays would easily satisfy the minimum input power requirement for a communi-
cation distance of up to R = 10 m, as shown as case #3 in Table 3.1. Note that in this
configuration the maximum EIRP does not even have to be fully exploited, such that
even larger distances can be reached by this approach.

For the file transfer at a ”kiosk in a store” and the wireless interconnect scenario,
much shorter communication distances R are required. For a file transfer applica-
tion, for example, a maximum distance of 1 m may already be sufficient. For this,
a small array could be implemented in the kiosk terminal and a single antenna in
the customer’s portable device. Using a 4-element patch-antenna array in the kiosk-
terminal, the receiver’s antenna gain can then be as low as -6 dBi, shown as case #4
in Table 3.1.

Case #5 shows a possible wireless interconnect scenario. Here, only a single an-
tenna is assumed on both sides of the radio link, which is a feasible assumption for a
chip-to-chip interconnect, for example. If also for this scenario a 1 m communication
distance is assumed, antennas with at least 6 dBi gain are acceptable.

Finally, irrespective of the application scenario, in order to be accepted on the wire-
less consumer market, the cost of the complete module and, thus, of the antenna
should be as low as possible, see [1, 2, 7]. For this, not only the materials and fabri-
cation processes should be low-cost, the solution should also be flexible in order to
cover as many application scenarios as possible in order to achieve high production
volumes.

Hence, in summary, an integrated mm-wave antenna for the 60 GHz range should
exhibit

• a small size and light weight,

• a differential/balanced antenna-feed,

• high radiation efficiency and gain over the entire bandwidth, e.g.,

≥ 6 dBi for general purpose antennas,

≥ −6 dBi for file transfers on the customer side,

• beam-forming capabilities,

• low-cost.
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Table 3.1. Possible antenna system configurations that satisfy the IEEE standard 802.15.3c-2009 ([24]) at 60 GHz using the
transmitter chip from [25] with an output power of PIC = 10 dBm.

case Gt,single Tx array Gt Pin = NPIC EIRP R
(
λ0

4πR

)2
Gr,single Rx array Gr Pr

# [dBi] size (N) [dBi] [dBm] [dBm] [m] [dB] [dBi] size (M) [dBi] [dBm]

1 30 1 30 10 40 10 -88 2 1 2 -46
2 6 16 18 22 40 10 -88 2 1 2 -46
3 6 6 13.8 17.8 31.6 10 -88 6 6 13.8 -42.6
4 6 4 12 16 28 1 -68 -6 1 -6 -46
5 6 1 6 10 16 1 -68 6 1 6 -46
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(a) Overmolded plastic-packages (OMP-
packages).

(b) High-power ceramic-packages.

Figure 3.1. Typical high frequency packages from NXP Semiconductors, see [26]
(courtesy of NXP).

3.2 Antenna-in-Package

3.2.1 Definition

An Antenna-in-Package is here defined as an antenna that is integrated in the pack-
aging technology of the IC. Furthermore, the antenna requires a physical intercon-
nect to the on-chip electronics, which can be clearly distinguished from the rest of
the antenna structure.

3.2.2 Review of typical IC packaging technologies

Before going into detail about state-of-the-art packaging technology concepts for fu-
ture mm-wave front-end modules, it is meaningful to first briefly review typical
IC packaging technologies of already existing high-frequency products. Figure 3.1
shows some typical examples of high-frequency IC packages from NXP Semicon-
ductors, see [26]. The most low-cost type is an overmolded plastic-package (OMP-
packages), of which examples are shown in Figure 3.1(a). In its essence, it consists of
a metallic lead-frame, on which the IC is placed. In order to connect the on-chip elec-
tronics to the lead-frame, standard low-cost wire-bond technology is usually used.
For frequencies in the higher microwave range, however, the chip is often also placed
up-side-down in order to connect the top-side of the chip directly to the leads of the
package. This kind of chip assembly is commonly known as flip-chip technique. Af-
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sub 3

sub 2

sub 1 IC

antenna (array)

vias

solder pads

(a) Open cavity with flip-chip mounted IC.

sub 3

sub 2

sub 1

IC

antenna (array)

vias

solder pads

(b) Closed cavity with flip-chip mounted IC.

Figure 3.2. Conceptual drawings of typical multilayer AiP concepts.

terwards, the chip is then overmolded with a plastic compound such that the chip
is protected from external hazards, like moisture, but the metallic leads are still ac-
cessible from the outside and can be used to solder the package onto a larger system
PCB.

For high power applications, ICs often produce too much heat in order to use plastic
as packaging material. Here, ceramic is used instead. Figure 3.1(b) shows two exam-
ples of such packages. Compared to plastic, ceramic packaging has the disadvantage
of being rather costly and is, therefore, only used if the design specifications cannot
be met otherwise.

3.2.3 State-of-the-art

Low-temperature co-fired ceramic packages

One of the most often reported packaging technologies for AiP designs is known as
low-temperature co-fired ceramics (LTCC), see [27]. Typical examples of AiP con-
cepts in this technology are, for example, published in [28, 29, 30]. As explained
in [29], LTCC is already a popular packaging technology in the high-frequency in-
dustry since it offers low-loss dielectrics, which can be easily stacked to create mul-
tiple metal layers for dense routing. Furthermore, open and closed cavities can be
created in the multilayer stack, which can be used for integrating the IC here, as
shown in Figure 3.2. Hence, using LTCC for the mm-wave range seems a natural
choice. And indeed, most reported AiP designs in this technology achieve excel-
lent performances. Some key results of references [28, 29, 30] are summarized in Ta-
ble 3.2. The stated radiation efficiencies, however, often exclude the insertion loss of
the chip-to-package interconnect, such that lower values can be expected in practice.
Furthermore, since LTCC is a ceramic packaging technology like the ones shown in
Figure 3.1(b), it is often considered as too costly for the consumer electronics market.
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Printed circuit board packages

In order to reduce the costs of a solution according to Figure 3.2, some research
groups have proposed to use the same multi-layer approach with less costly high
frequency circuit materials, like the RO3000-series and RO4000-series from Rogers
Corporation, see [31, 32], or liquid-crystal-polymer substrates, see, for example, [33].
Good examples of such designs can, for instance, be found in [34, 35] and a very re-
cently published AiP design that even uses a multilayer FR4-package, can be found
in [36]. An overview of the key figures of all three PCB-based designs are also sum-
marized in Table 3.2. From this, it is evident that these materials exhibit similar elec-
tric parameters to LTCC and that AiP designs in those technologies achieve compa-
rable performances. However, a problem with the alignment accuracy of multilayer
PCB substrates was presented in [37]. Although this does not appear to be a com-
monly experienced issue, this potential problem should be considered very seriously
since it might result in an insufficient yield in high volume production.
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Table 3.2. Overview of typical state-of-the-art Antenna-in-Package designs.

ref. package size feed interconnect impedance εr tan(δ) ηrad gain cost
technology [mm2] topology technology bandwidth [GHz] [%] [dBi] (relative)

[28] LTCC 100 single-ended wire-bond 6 @ 60 GHz 5.9 0.002 94 9.5 medium
[29] LTCC - single-ended flip-chip - 3.9 0.006 - 8 high
[30] LTCC 4.84 single-ended flip-chip 9 @ 60 GHz 5.8 0.004 - 6 high
[34] PCB - differential flip-chip 10 @ 60 GHz - - - 8 low
[35] PCB 16 differential flip-chip 9 @ 60 GHz 3.28-3.74 0.0018-0.0044 80 8 low
[36] PCB 54 single-ended - 9 @ 60 GHz 3.54-3.59 0.012 76 4.1 low
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Figure 3.3. Sketched cross-section of a typical silicon IC.

3.3 Antenna-on-Chip

3.3.1 Definition

Throughout this thesis, an Antenna-on-Chip is defined as an antenna that is inte-
grated in the back-end of an IC, i.e., using a monolithic on-chip metalization process.

3.3.2 Review of typical silicon IC technologies

In order to understand above definition of an AoC, it is necessary to know some ba-
sics about typical silicon IC processes3. Therefore, a sketched cross-section of such
an IC including typical material parameters is provided in Figure 3.3. At the bottom
it shows the core material of every CMOS and BiCMOS technology, namely the sili-
con substrate. On the top side of this usually about 750 µm thick (for state-of-the-art
high-frequency wafer sizes) silicon bulk, the active components are created by lo-
cally adding dopants into the silicon lattice. In the following process step, a stack of
silicon-dioxide layers is added on top of the active components. After each of those
layers, metal can be deposited in order to create traces for horizontal interconnects.

3Note that more specific details on individual (Bi-)CMOS processes are often provided in their,
usually confidential, design manuals.
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Moreover, vertical interconnects (vias) that connect these metal layers can be imple-
mented, as also indicated in Figure 3.3. Finally, the last metal layer (”metal 5” in the
figure) is covered by a thin passivation layer that protects the top metal traces from
external hazards, such as moisture. The complete stack of silicon-dioxide, metal, and
passivation layer is usually not more than 10 µm to 15 µm thick. Since it is created
in a ”back-end-of-line (BEOL) process”, this stack is often generally referred to as
BEOL or simply as back-end of the IC. Finally, as a standard post-processing step,
the silicon substrate can be ground down in order to reduce its thickness. A typical
minimum silicon thickness after grinding is 200 µm.

For high-frequency applications, passive components, like inductors, are often im-
plemented in the back-end. Since the whole silicon bulk is usually pre-doped, how-
ever, it exhibits a low substrate resistivity of typically 10 Ωcm to 20 Ωcm. Thus, the
losses in on-chip inductors are typically quite high, see also Section 2.1.2 on the rela-
tion between resistivity and loss tangent. Regardless of this drawback, pre-doping is
necessary in order to prevent problems with active device parasitics.

3.3.3 State-of-the-art

As outlined in the previous section, it is common in high frequency IC designs to
integrate passive components, like inductors, in the back-end. Hence, for frequen-
cies at which the wavelength is comparable to the size of a complete silicon chip, it
appears natural to also integrate the antenna here. The inherent advantage of this
approach is that the antenna can be directly connected to the amplifier without the
need for a mm-wave chip-to-off-chip interconnect. On one hand, this can minimize
interconnect losses, see [1]. On the other hand, similar as for on-chip inductors, the
low electric resistivity of the silicon substrate also introduces significant losses to
the antenna. Those dielectric losses even have a more severe impact on on-chip an-
tennas since, in contrast to inductors, their electric fields are not mainly concentrated
directly around the antenna but also penetrate deep into the silicon substrate. Hence,
the radiation efficiency and, consequently, the gain are significantly affected by this.
The on-chip Yagi-antenna in a 0.18 µm CMOS technology published in [38], for ex-
ample, only achieved a radiation efficiency of 10 % and a gain of -8 dBi. A sugges-
tion that is often brought up with respect to the lossy silicon substrate, is to shield it
from the antenna by implementing a metal plate in the lowest metal layer of the IC’s
back-end (”metal 1” in Figure 3.3). A popular antenna example that is commonly
mentioned in this regard is a patch antenna. As stated in [14], the distance between
patch and ground plane should be between 0.003 λ0 and 0.05 λ0 for this antenna type.
And although a back-end thickness of 15 µm is right at the lower edge of this range,
a significantly larger distance would be required in order to meet the bandwidth
and radiation efficiency demands of the 60 GHz band, as a study on a basic patch
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antenna configuration in [39] indicates. An interesting consideration of an on-chip
dipole with its resonance at 77 GHz, which is implemented in a 15µm thick back-end
with a ground plane in the lowest metal layer, is presented in [40]. Here, the authors
mainly focus on the radiation efficiency of the antenna. Their conclusion is that due
to the ohmic loss in the metal traces, the radiation efficiency of this configuration is as
low as 5 %. Even at higher frequencies, this approach seems to remain troublesome
since a 140 GHz slot antenna design with ground shield only achieved a maximum
gain of -2 dBi, see [41]. Finally, the use of frequency selective surfaces, including elec-
tromagnetic band-gap (EBG) structures and artificial magnetic conductors (AMC), as
proposed by [5], have been reported. Examples of such designs were published in
[42] and [43]. The 60 GHz antenna design on a 17.5 Ωcm silicon substrate from [42],
however, only achieved a radiation efficiency of 19.6 % and a maximum gain as low
as -2.1 dBi. The design presented in [43] does not specify any silicon paramaters, but
the reported maximum gain of -3.7 dBi indicates a similarly low efficiency.

It shall be pointed out here, however, that besides the radiation efficiency issue with
this antenna integration technology, all mentioned AoC designs achieved acceptable
performances as the key figures in Table 3.3 indicate. Note, however, that the broad
impedance bandwidth, for example, might also be caused by significant substrate
losses4.

Hence, achieving a satisfactory result in terms of bandwidth and radiation efficiency
in a standard CMOS or BiCMOS process appears to be a major challenge. However,
there are several techniques that can enhance the performance of an on-chip antenna.
Since they all require additional processing steps after the usual IC fabrication, those
techniques are commonly referred to as post-processing techniques. But although
those steps have proven to enhance the performance of on-chip antennas, the semi-
conductor industry is still reluctant to incorporate them into their standard portfo-
lio. A reason often given for this is the increase in fabrication costs and, therefore,
the worries of losing competitiveness on the market. Despite those worries, typical
post-processing techniques will be briefly summarized in the following, in order to
present all currently available, most important options here. For comparison, the key
parameters of all following antenna designs are also provided in Table 3.3.

4Just like for other resonant circuits, the impedance bandwidth of a resonant antenna is propor-
tional to the inverse of its quality factor.
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Table 3.3. Overview of typical state-of-the-art Antenna-on-Chip designs.

ref. ρ silicon post-proc. size feed impedance ηrad gain cost
[Ωcm] thickness [µm] technology [mm2] topology bandwidth [GHz] [%] [dBi] (relative)

[38] - - none 1.045 differential 10 @ 60 GHz 10 -8 low
[41] 12.5 275 none 0.72 single-ended 5 @ 140 GHz - -2 low
[42] 17.5 300 none 1.222 differential - 19.6 -2.1 low
[43] - - none 3.24 single-ended 71 @ 70 GHz - -3.7 low
[44] - 250 superstrate 0.702 single-ended 10 @ 95 GHz 44-62 0 - 2 medium
[45] 13.5 300 resonator 2.09 single-ended 3 @ 34.5 GHz 59 1.06 medium
[40] - 100 lense - differential - - 2 medium
[46] 20 250 lense - differential 100 @ 220 GHz 50 17.8 medium
[47] 11-70 300-400 micromach. 12.96-20.2 both - - 1 - 1.5 high
[48] - - MEMS - single-ended 12 @ 60 GHz 25 -6.75 high
[49] 10 - proton 0.83 single-ended 7 @ 46.5 - 6.4 high

implantation
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Superstrates, resonators, and lenses

One possible method to improve the off-chip radiation of an antenna is to add an
additional dielectric on top of the IC’s back-end. Possible options for this are a sim-
ple superstrate, a resonator, and a lense. A 90 GHz design using a superstrate, for
example, achieved a radiation efficiency of 44-62 %, see [44]. At nearly a third of that
frequency, a 35 GHz slot antenna design with metal shield in the lowest metal layer
of the back-end and dielectric resonator on top of the slot achieved an efficiency of
59 %, see [45]. On-chip antennas including lenses were, for example, presented in
[40, 46]. In both cases the lense was attached at the bottom of the chip. Hence,
the electromagnetic wave first has to penetrate the low resistive BiCMOS substrates.
Therefore, the 77 GHz antenna design from [40] only achieved a maximum gain of
2 dBi, which is rather low for a lense antenna. The design presented in [46], however,
achieved 17.8 dBi at 180 GHz with a stated radiation efficiency of 50 %.

Micromachining

Since the presence of lossy silicon is the core problem of the low radiation efficiencies
of on-chip antennas, a typically used post-processing method is to locally remove the
silicon substrate around the antenna. This technique is generally known as microma-
chining. One of the earlier works in this direction was published by Öjefors et al. in
[47]. According to this reference, a 30 GHz on-chip full-loop antenna achieved a gain
of 1.5 dBi. Unfortunately, an estimation of the radiation efficiency is not given, but
in comparison to the above mentioned 60 GHz results without any post-processing,
this gain indicates a rather good efficiency.

MEMS

Micro-electro-mechanical-systems (MEMS) are an up-to-date research topic on its
own in the microwave and mm-wave communities. Also for on-chip antennas this
technology offers promising possibilities. The authors of [48], for example, present
a MEMS-based on-chip monopole antenna that stands perpendicularly on top of the
IC. For this, the residual stress in a polymer based MEMS-process is used to create
warping in the polymer during curing, resulting in the desired upright orientation of
the monopole. Such an antenna configuration allows the implementation of a metal
plate in the back-end without sacrificing bandwidth or radiation efficiency. Unfortu-
nately, no simulated radiation efficiency or gain is given in the reference and no gain
pattern measurements are shown. From a transmission measurement between two
of those antennas, the authors estimated the efficiency to be 25 %. This value seems
rather low for this structure, however, which might be a result of the low signal-
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to-noise-ratio of the transmission measurement, which is presented in the reference.
Moreover, destructive interference with reflected waves from, for example, the probe
station may have affected the measurement and caused this low result. Hence, in
general, better efficiencies may be expected from such an antenna structure.

Proton implantation

Owing to the fact that the low radiation efficiency of on-chip antennas is mainly
due to the pre-doped and, thus, low resistive silicon substrate, one might seek for
a method to increase the resistivity in the vicinity of the antenna. One technique
that can be used to achieve this is known as proton implantation. Already in 2003
the authors of [49] showed that by locally increasing the resistivity from 10 Ωcm to
106 Ωcm, a gain of 4.2 dBi could be achieved for a 40 GHz printed monopole antenna,
which indicates an excellent efficiency. Also the achieved bandwidth of about 15 %
would be sufficient for operation in the 60 GHz band.

3.4 Hybrid integrated mm-wave antenna

3.4.1 Definition

An antenna that is integrated in the same package with the front-end IC, but is nei-
ther implemented in the packaging technology nor in the back-end of the chip, shall
here be referred to as hybrid integrated mm-wave antenna concept, or in short sim-
ply as hybrid concept.

3.4.2 State-of-the-art

Besides the AiP and AoC concept, several designs were published in recent years
that cannot be uniquely assigned to one of the two categories since the antenna is
neither integrated in the back-end of the IC nor in the IC packaging technology. One
of the first of those designs was published in [50]. Here, a dipole antenna on a fused
silica substrate was mounted half on-chip and half off-chip, such that the antenna
could be directly connected to the on-chip electronics, see Figure 3.4(a). The band-
width of this antenna concept covers the full 60 GHz band and the reported gain is
6 dBi to 8 dBi at a radiation efficiency of larger than 90 %, see Table 3.4. However, the
fabrication process appears to be rather complex. A slightly different antenna con-
cept was published three years later in [51]. Here, a patch antenna in standard PCB
technology was directly connected to the back-end of the IC by a flip-chip technique,
see Figure 3.4(b). By mounting a small PCB onto the chip rather than mounting the
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IC

metal plate

fused silica antenna

frame

antenna

(a) Sketch of the integrated antenna concept from [50].

IC

PCB

antenna

metal plate

(b) Sketch of the integrated
antenna concept from [51].

Figure 3.4. Examples of hybrid integrated mm-wave antenna concepts.

chip up-side-down onto a PCB, low-cost plastic packaging and bond-wire chip-to-
package interconnects could still be used. In the reference, the maximum achieved
radiation efficiency including flip-chip interconnect is given as 60 % to 72 %, which
results in a gain of 2 dBi to 3.5 dBi. Finally, even generic bond-wires can be used as
antennas as shown in references [52, 53], which was even patented, see [54]. While
in [52] the bond-wires are used as short monopoles (wire length of 0.144 λ0) and only
achieve a radiation efficiency of 15 % to 30 %, the authors of [53] use half-circular
bond-wires for building a Yagi-Uda array with a simulated efficiency of 74.6 % to
90 % and a maximum gain of 6 dBi to 8 dBi. Also here, all key figures are provided
in Table 3.4. From this, it can be concluded that hybrid integrated mm-wave antenna
concepts seem to be an attractive alternative to pure AiP or AoC concepts.
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Table 3.4. Overview of typical state-of-the-art hybrid integrated antenna designs.

ref. technology size feed impedance ηrad gain cost
complexity [mm2] topology bandwidth [GHz] [%] [dBi] (relative)

[50] high 12.6 differential 9 @ 60 GHz 90 6 - 8 high
[51] low - single-ended 9 @ 60 GHz 60-72 2 - 3.5 low
[52] very low 0.0036 single-ended 9 @ 60 GHz 15-30 -4 - 0.4 very low
[53] very low - single-ended 3 @ 40 GHz 51-84 6 - 8 very low
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3.5 Discussion

From the state-of-the-art overview in this chapter one can conclude that all three in-
tegration approaches can be used to design antennas that match the specifications of
the 60 GHz band. The AoC approach, however, falls behind the AiP and hybrid ap-
proach in terms of radiation efficiency and gain. AiP designs, on the other hand, may
not be able to compete with the AoC and hybrid approach in terms of cost due to their
normally rather complex multi-layer packaging structure. Moreover, AiP concepts
require an additional chip-to-off-chip interconnect that requires extra design effort
and introduces additional losses to the system. Therefore, the hybrid solution seems,
at first glance, the best solution here. However, for frequencies beyond 60 GHz the
structure size and fabrication accuracy of typical hybrid but also AiP technologies
might be insufficient. This problem does not exist for the AoC approach, which was
already very successfully tested in the terahertz band, see, for example, [10]. There-
fore, AoCs should not be completely excluded here yet. Finally, a striking advantage
of the AiP approach is its design flexibility and the fact that printed antenna struc-
tures can be used, which have been widely studied and successfully implemented in
the last decades.

Hence, instead of focusing on a single integration approach, all three options were
investigated in the outline of this thesis. For this, competitive antenna concepts for
each integration approach were developed. Those concepts are based on basic an-
tenna types in order to focus the consideration on the antenna performance with
respect to the integration technology rather than the antenna topology. The three
individual concepts for single antenna elements are presented in the three following
chapters, where special emphasize is placed on the radiation efficiency. The prob-
lem of achieving sufficiently high gain values and beam-steering are then tackled in
Chapter 7, which deals with considerations for antenna arrays.
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Chapter four

Antenna-in-Package concept1

4.1 Technology choice

In order to further investigate the AiP approach, an integrated mm-wave antenna
concept was developed based on the results of the literature study in Section 3.2. The
goal was to achieve a low-cost antenna solution that can be fabricated with standard
technologies and materials while being competitive with state-of-the-art AiP solu-
tions. In order to meet the cost constrains of the consumer market, it was decided
to base the concept on PCB technology. For this, RO4003C was chosen as substrate
material due its low permittivity, εr = 3.55, and low loss tangent, tan(δ) = 0.0027,
which are specified up to 40 GHz and 10 GHz, respectively, see [32]. Furthermore,
in order to minimize the fabrication costs and prevent possible tolerance problems
of multilayer structures as reported in [37], see Section 3.2, a single-substrate design
was targeted. With respect to the antenna type, a printed dipole was chosen since it
exhibits a differential feed structure and can easily be implemented on a single sub-
strate. However, due to the expected small feature size of the antenna, its bandwidth
should be sufficiently large to compensate typical process variations that may alter,
for example, the dipole length.

The following section describes the general AiP concept that was developed based on
above considerations. A detailed analysis of the antenna design and the simulation
results of a prototype are then presented in Section 4.2.2. Descriptions of the used
measurement setups are given in Section 4.3, followed by the measurement results
in Section 4.4. A short summary and conclusions with respect to state-of-the-art are
then presented in Section 4.5.

1The results presented in this chapter were published in [55].
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Figure 4.1. Conceptual drawing of the proposed mm-wave AiP design.

4.2 Design

4.2.1 General module concept

The general concept of the proposed AiP is depicted in Figure 4.1. It shows a printed
dipole antenna on a single-layer high frequency PCB that is directly connected to
an active front-end IC. The interconnect can be implemented as bond-wire transmis-
sion line, as reported in [56], or in flip-chip technology. The basic building blocks of
the active front-end are an amplifier, a mixer, and a local-oscillator (LO) including
phase-locked-loop (PLL). The DC-supply, clock signal for LO synchronization, and
the intermediate frequency (IF) path are connected to the PCB in standard technol-
ogy, i.e., using regular wire-bonds or flip-chip. In order to connect the module to
a larger system-PCB that contains the power management, the clock generator, and
the IF components of the wireless system, vias route to the bottom side of the PCB.
Here, due to the significantly lower frequencies of the IF band and the clock signal,
the physical connection to the system-PCB can be achieved using standard soldering
technology. Finally, the front-end IC and, if present, the bond-wires have to be pro-
tected from external hazards such as moisture and physical impact. For this, they can
be overmolded just like the high-frequency OMP-packages shown in Figure 3.1(a).
A possible plastic packaging technology that allows the antenna to be free of any
mold-compound is, for example, the cavity molding technology from Sencio BV, see
[57].
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Figure 4.2. Simulated input impedance of a 60 GHz printed dipole on an infinite,
grounded RO4003C substrate with a thickness of 0.508 mm (”dipole only”) and the
same dipole with a 2.3 mm coupled microstrip feed-line with optimized characteris-
tic impedance (”dipole + TL”).

4.2.2 Antenna design

The antenna design is based on the observation that the input impedance of a printed
dipole on top of a relatively thick grounded substrate exhibits a wide-band non-zero
real part as depicted in Figure 4.2. It shows the simulation results of a dipole with an
arm length of 0.92 mm on a 0.508 mm thick RO4003C substrate, i.e., with the cut-off
frequency of the TE1-mode at 92.5 GHz, see (2.34) and [32]. For the simulation, Em-
pire XCcel was used. Besides the direct radiation from the dipole, the reason for the
broad-band non-zero real part is seen to be a significant coupling of electromagnetic
energy into an unguided TE-mode that is steadily radiated while propagating away
from the dipole. This phenomenon is also described in [12, 15] and can generally
referred to as a leaky wave contribution. In order to match this dipole to a fixed
reference impedance over a broad frequency range, a coupled microstrip line can be
used as indicated in Figure 4.1. By adjusting its length and differential characteristic
impedance, the input impedance of the dipole can be closely matched to 100 Ω in the
entire 60 GHz band, see Figure 4.2. At a certain distance away from the dipole the
leaky wave contribution has decayed sufficiently such that also the top side of the
substrate can be metalized here without significantly disturbing the radiation mech-
anisms. Furthermore, the PCB can be truncated here and one arrives at the antenna
design shown in Figure 4.1.

Figure 4.3 shows a photograph of a manufactured prototype of this antenna design
together with its design parameters. Here, the metalized top-side of the RO4003C
laminate also serves as ground plane and heat-sink for the front-end IC. To assure
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Figure 4.3. Photograph of a fabricated antenna prototype.
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Figure 4.4. Simulated antenna parameters of the AiP prototype shown in Figure 4.3.

that no parallel plate modes will be excited, via-fences connect the upper and lower
metal plate around the dipole. Furthermore, the coupled microstrip lines are ex-
tended with a transmission line that allows the landing of a mm-wave measurement
probe with a pitch of 200 µm. Further details about the probes are given further be-
low in Section 4.3. The line length is chosen such that it exhibits a phase shift of 180◦

at 60 GHz. By this, the input impedance around 60 GHz is not significantly changed
while the possibility of coupling between antenna and probe-tip is reduced due to
the increased distance between them.

The simulation results of the input impedance, input reflection coefficient, and the
gain pattern in the principal planes for this prototype are shown in Figure 4.4. It
clearly shows a similar behavior in the 60 GHz band as the design without top-



56 4 Antenna-in-Package concept

metalization (cp. Figures 4.4(a) and 4.2). The obtained -10 dB bandwidth of this
antenna (with 60 GHz as reference frequency) exceeds 30 %. This alone, however,
does not prove the usability of the antenna for applications in the 60 GHz band.
For this, the radiation pattern should maintain a similar shape and gain throughout
the frequency band, see Section 3.1. From Figures 4.4(c) and 4.4(d), which show the
gain patterns of the antenna at four characteristic frequencies, it can be observed that
the basic pattern is indeed similar and the maximum gain ranges from 9.63 dBi at
57 GHz to 10.14 dBi at 66 GHz. Finally, the simulation results predict a radiation
efficiency of 93 % throughout the 60 GHz-band. As already mentioned in Chapter 3,
however, the chip-to-antenna interconnect has to be taken into account as well for a
fair comparison with the designs from Chapters 5 and 6. Here, the interconnect op-
tion from Infineon Technologies, published in [58], is used to estimate the resulting
overall radiation efficiency by

η(rad,AiP) ≈ |S21|2 η(rad,ant.) , (4.1)

where the two-port S-parameter |S21| = 0.928 (= -0.65 dB) is the stated best-case trans-
mission value in the reference and η(rad,ant.) is the efficiency as mentioned above. Us-
ing (4.1), the overall radiation efficiency of the AiP design described in this chapter
can be estimated to about 80 %.

4.3 Measurement setups

State-of-the-art commercial electromagnetic modeling tools exhibit a high degree of
accuracy. However, the underlying computational methods only approximate the
electromagnetic relations inside a given structure and the obtained results are, there-
fore, not exact. Furthermore, the computation is always based on a simplified model
of the exact physical constitution since the complexity of, for example, ”real-world”
materials is virtually impossible to accommodate in a practical amount of bits and
bytes. And although an extremely high degree of detail has proven not to be neces-
sary for many electromagnetic engineering problems in modern wireless communi-
cations for the consumer market, the outcome of modeling tools still has to be, and
will always have to be, verified by measurements. The main reason for this strict
necessity is the need to verify whether the model was set up correctly and covers a
sufficient level of details in order to include all characteristics of the structure under
investigation.

Since often the constitutive parameters of the used materials are not exactly known
at mm-wave frequencies, verification by measurements is of particular importance
for the antenna designs described throughout this thesis. More specifically, the input
impedance and far-field characteristics, represented by its gain, polarization, and ra-
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Figure 4.5. Photograph of a model 9000 probe station from Cascade Microtech, Inc.,
see [59].

diation pattern, are of interest. The radiation efficiency, for example, a key parameter
for the consideration of integrated mm-wave antennas as pointed out in Section 2.3.2,
can be derived from those parameters. Therefore, high performance measurement
setups for determining impedance and far-field quantities are fundamental. The re-
spective setups that were used for the characterization of the antennas presented
throughout this thesis are described in this section.

4.3.1 Input impedance

For determining the input impedance of an integrated mm-wave antenna, a generic
wafer-prober can be used, like the Model 9000 probe station from Cascade Microtech,
Inc., shown in Figure 4.5. It consists of a metallic chuck, on which the antenna-under-
test (AUT) can be placed. A built-in vacuum fixation avoids any movement of the
AUT such that a mm-wave measurement probe can easily be landed using the ad-
justable probe holders and the microscope that are also shown in the figure. The
measurement probe itself connects the antenna via a coaxial cable to an Agilent PNA
E8361A vector network analyzer (VNA), see [60], as depicted in the sketched mea-
surement setup provided in Figure 4.6. Various probe types with different pin con-
figurations on the antenna side are commercially available. For the characterization
of the antennas presented in this thesis, the Picoprobe Models 67A in ground-signal-
ground (GSG), ground-signal (GS), and signal-ground (SG) configuration were used,
see [61]. Their basic pin structure is illustrated in Figure 4.7. For each of those probes
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Figure 4.6. Sketch of the input-impedance measurement-setup.
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Figure 4.7. Illustration of probe tips in ground-signal-ground, ground-signal, and
signal-ground configuration, respectively.

a calibration substrate is available such that the input reflection coefficient, Γin, of the
AUT can be directly measured as seen from the probe tip’s position. If the reference
point is desired to be at a different location inside the AUT structure, for example, if
the feed-line should be excluded from the measurements, additional de-embedding
structures are required, see, for example, [62]. For the validation of the simulation
results presented throughout this thesis, however, the feed-lines were included in
the simulation setup rather than de-embedded from the measurements. By this ap-
proach, the impact of measurement uncertainties is reduced to a minimum since the
accuracy only depends on a single measurement. Finally, the input impedance of the
antenna can be determined by the following relation:

Zin =
1 + Γin

1− Γin
Z0 , (4.2)

where Z0 is the reference impedance of the measurement setup, i.e., 50 Ω for single-
ended measurements.

4.3.2 Radiation pattern

Unlike the input impedance of the AUT, its radiation pattern cannot be accurately
measured on a standard wafer prober. This has to do with the fact that the radia-
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Figure 4.8. Schematic drawing of the radiation pattern measurement setup.

tion pattern is measured in the far-field of the antenna where the measured signal
strength is generally lower than the one for impedance measurements. Therefore, re-
flections from nearby objects, even though they might be in the far-field of the AUT,
can cause a significant interference with the line-of-sight signal. In order to mini-
mize those undesired room reflections, the radiation pattern is usually measured in
an anechoic chamber. A schematic drawing of the measurement setup, used for the
radiation pattern measurements of the antennas presented in Chapters 4 and 6, is
provided in Figure 4.8. It shows the AUT on a plastic chuck inside a fully closed
anechoic chamber. Also here, a vacuum fixture keeps the antenna in position and
a Picoprobe Model 67A connects the AUT via a coaxial cable to the Agilent PNA
E8361A. Opposite the AUT, a standard gain horn (SGH) is mounted at the end of
a rectangular waveguide. This waveguide is fed through a gap in the outside wall
of the anechoic chamber and is attached to a movable arm that allows to change the
elevation and azimuth angle of the SGH with respect to the AUT. The gain horn itself
can be adjusted in height and, by means of rotation, its polarization can be aligned
with the expected co-polarization or cross-polarization of the AUT. Finally, a network
of coaxial cables and rectangular waveguides connects the SGH from the center of the
arm to the second port of the VNA. By this, the relative radiation pattern of the co-
and cross-polarization of the AUT can be measured by means of a transmission mea-
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(a) Photograph of the mm-wave anechoic chamber (chamber opened to
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(b) Screenshot of the control panel in ”probe-landing mode”.

Figure 4.9. Anechoic chamber for radiation pattern measurements.
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surement from port one to port two, or vice versa. In order to determine the gain of
the AUT, it can be replaced by a reference antenna with known gain. Afterwards, the
gain in dBi can be estimated by

GAUT,dBi = S21,AUT,dB − S21,ref.,dB + Gref.,dBi − S21,probe,dB − 10 log10(1− |S11,AUT|2) ,

(4.3)

with S21,AUT,dBi and S21,ref.,dB the transmission measurements of the AUT and known
reference antenna, respectively, Gref.,dBi the gain of the reference antenna,−S21,probe,dB

the insertion loss of the measurement probe and 10 log10(1− |S11,AUT|2) the relative
accepted power by the AUT.

A photograph of the measurement setup is provided in Figure 4.9(a). It shows the
opened anechoic chamber. The AUT, probe, and SGH are especially highlighted. Fur-
thermore, a control panel with touch screen is shown on the right hand side. From
here, the position of the movable arm as well as the height and orientation of SGH
can be adjusted. Also the VNA and probe landing is controlled using this interface.
For the latter, a camera can be mounted on top of the AUT. The video signal is then
displayed in a window in the control panel as shown on the top left in Figure 4.9(b).
In order to detect whether the probe has landed, the real-time measured input reflec-
tion coefficient of the AUT (port one in Figure 4.8) is shown in a window next to the
camera image. As soon as the probe is properly landed, this signal will drastically
change. By this, a well controlled and highly repeatable characterization of the AUT
can be assured.

4.4 Measurement results

Several samples of the AiP design shown in Figure 4.3 were manufactured and mea-
sured using the setups described in Section 4.3. A comparison between measured
and simulated input impedance and input reflection coefficient of a randomly picked
sample is depicted in Figures 4.10(a) and 4.10(b), respectively. The measurement was
carried out using a single-ended Picoprobe Model 67A-GS-200-DP in a GS configura-
tion. By landing the GS-probe on the signal lines, the antenna is excited in the desired
differential mode2. From Figures 4.10(a) and 4.10(b) a good agreement between sim-
ulation and measurement can be concluded.

A comparison between the simulated and measured normalized radiation pattern
at 60 GHz is provided for both principal planes in Figures 4.10(c) and 4.10(d). For

2It was verified by a simulation with Empire XCcel that the probe-tip itself does not radiate when
terminated in a matched load, i.e., no (significant) cable-currents are present.
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Figure 4.10. Comparison between measured and simulated antenna parameters of
the AiP prototype from Figure 4.3.

the simulations, a simplified model of the probe-tip that could not be covered with
absorbers was added to the model in Empire XCcel. This was necessary since even
reflections at the probe-tip significantly affect the overall radiation pattern, as can be
observed from Figure 4.11(a), which shows the normalized gain patterns for the case
with and without probe model in the φ = 0◦ plane at 60 GHz. However, slight devi-
ations between measurement and simulation remain, see Figures 4.10(c) and 4.10(d).
This is seen to be also caused by the presence of the probe since, although the probe
was largely covered with absorbers, reflections and refractions at its body cannot be
entirely avoided. Moreover, for measurements in theφ = 90◦ plane, the probe blocks
the line-of-sight for a substantial angular range, which explains the measured low
gain values for negative angles θ in Figure 4.10(d). Given these circumstances, the
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Figure 4.11. Influence of the probe-tip on the radiation pattern of the AiP prototype
and its resulting gain in broadside direction.

simulation results agree well with the measurements. For completeness, the radi-
ation patterns at 57 GHz, 64 GHz, and 66 GHz are provided in Figure B.1 in Ap-
pendix B, which show similarly good agreement.

In order to estimate whether the simulated efficiencies of the AiP prototype are
reasonable, its broadside gain (θ = 0◦) was determined with the method described
in the previous section. A comparison between those measurements and the val-
ues obtained from the simulations including the probe model are provided in Fig-
ure 4.11(b). The measured gain values deviate between 0.28 dB at 60 GHz and 1.53 dB
at 66 GHz from the simulated values. In view of the accuracy between simulated and
measured radiation patterns, see Figures 4.10(c) and 4.10(d), this agreement is con-
sidered to be acceptable.

Hence, above summarized results of the experiments provide sufficient evidence that
the used Empire-model is a valid representation of the prototype and includes all its
major characteristics.

Finally, in order to obtain a first glance at the yield of this antenna design in standard
PCB technology, six different samples from the manufactured batch were randomly
chosen and their input reflection coefficients were measured. Figure 4.12 summarizes
the results. All six samples show a very similar behavior that is considered to be
acceptable for consumer market applications. This first glance does not replace a
thorough yield investigation however since the measurement of six samples from
the same batch is hardly enough to derive statistical quantities from it.
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Figure 4.12. Input reflection coefficients of six randomly chosen antenna samples
(Z0 = 100 Ω).

4.5 Summary and conclusions

In this chapter, a AiP concept based on PCB technology is presented. The simula-
tion results, obtained with Empire XCcel and verified by measurements, are summa-
rized in Table 4.1. It can be concluded that the proposed concept can compete with
state-of-the-art AiP concepts in terms of size, radiation efficiency, and gain, see also
Table 3.2. The impedance bandwidth of over 30 %, which can easily compensate typ-
ical variations in modern PCB processes, is even outstanding. Moreover, the single
substrate-layer approach is seen to be superior to multi-layer approaches in terms
of yield in high volume production. The higher yield together with the anyway less
costly single-layer fabrication process give this approach also a possible advantage
in terms of costs. On the contrary, a drawback of this solution is seen to be the an-
tenna size in combination with the IC placement next to the antenna, which results
in less design flexibility for antenna arrays. Some ideas in this direction are therefore
presented in Chapter 7.

Regarding the suitability of this AiP concept for the three major application areas
stated in Chapter 1, this antenna is seen to be most adequate for HD video streaming,
wireless Gigabit Ethernet, and a ”kiosk in a store” type of file transfer applications.
The reasons for this conclusion lie in the antenna’s relatively large size, high radiation
efficiency, and associated high gain. Especially the relatively large devices for the
HD video streaming and wireless Gigabit Ethernet applications, like laptops and
televisions, provide sufficient space to implement this antenna concept as an array
that fulfills the gain requirements for communication of up to 10 m, see Table 3.1. For
the same reasons, the antenna is seen to be a suitable choice for the terminal side of
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Table 4.1. Key figures of the proposed AiP concept according to Table 3.2.

package technology PCB
size [mm2] 15

feed topology differential
interconnect tech. bond-wire/flip-chip

impedance bandwidth [GHz] > 18.5 @ 60 GHz
(Γin ≤ -10 dB)

εr 3.55 (@ 40 GHz)
tan(δ) 0.0027 (@ 10 GHz)
ηrad [%] 93 (excl. interconnect)

80 (incl. interconnect)
gain [dBi] 9.63 - 10.14

cost (relative) low

a ”kiosk in a store” scenario, see also Table 3.1 and the argumentation in Section 3.1.

Finally, it shall be pointed here that the radiation efficiency of the antenna could
not be confirmed directly. Here, the broadside gain measurement was used as an
indication for the validity of the simulation result. Hence, in order to measure the
efficiency in future experiments, it is recommended to extend the radiation pattern
setup from Section 4.3 to include full hemispherical scan capabilities. By this, the
total radiated power can be determined, such that the radiation efficiency can be
calculated directly using Equation (2.50).
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Chapter five

Antenna-on-Chip concept1

5.1 Technology choice

Based on the results of the literature study in Section 3.3, an AoC concept was de-
veloped in standard IC fabrication technology. For this, NXP’s BiCMOS process
Qubic4X was chosen as integration technology due to its relatively high substrate re-
sistivity of about 20 Ωcm, see [64]. Qubic4X features an approximately 10 µm thick
back-end with five metal layers, see also Figure 3.3. Moreover, NXP grinds down
their wafers to a minimum silicon thickness of 200 µm as a standard processing step.
Similar to the micromachining post-processing technique described in Section 3.3,
substrate thinning is used here to increase the radiation efficiency of the on-chip an-
tenna design. In contrast to micromachining, however, the used grinding process is
a standard technique in the semiconductor world and does not significantly increase
the fabrication costs. With respect to the antenna type, an on-chip dipole structure
was chosen since, just like for the AiP design from the preceding chapter, a basic dif-
ferential antenna topology is desired, see Section 3.1, that can be implemented in the
electrically thin back-end of the IC.

From the results of the literature study in Section 3.3, the radiation efficiency was
identified as the major bottle-neck for AoC designs. Therefore, the substrate loss
mechanism of an on-chip dipole antenna was extensively investigated in the outline
of this study. The results are summarized in the following section. Based on those
findings, a basic AoC concept was developed that exhibits a significantly higher ra-
diation efficiency as compared to similar state-of-the-art designs. This concept is de-
scribed in Section 5.2.2, where also simulation results of a prototype are presented.

1The results of this chapter were published in [56] and [63].
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Section 5.3 then presents a general packaging concept for the AoC design, which was
also used for the radiation pattern measurements of the AoC prototype. A summary
of all measurement results is given in Section 5.4. As a further prove of feasibility and
as an application example of on-chip antennas at 60 GHz, a complete radar including
antennas was integrated in a single Qubic4Xi chip in a research project together with
Omniradar, see [65]. Some initial measurement results of this demonstrator are given
in Section 5.5. Finally, conclusions and a comparison to state-of-the-art AoC designs
are presented in Section 5.6.

5.2 Design

5.2.1 Mode suppression in the silicon substrate

In general, any dielectric substrate can guide electromagnetic energy, as introduced
in Section 2.1.4. The cut-off frequencies of the individual modes can be calculated
from Equation (2.33). From this, the 0th order TE and TM mode can be determined to
have a 0 Hz cut-off frequency and, consequently, can always get excited. The amount
of energy that is launched in those modes by an antenna depends on the specific an-
tenna type, its location and orientation with respect to the substrate, but also on the
dielectric contrast between the substrate and the surrounding medium, usually air.
The larger the permittivity of the substrate material, the more energy is confined in
it. Since the real part of the dielectric constant of silicon, ε′r = 11.9, is rather large in
comparison with typical microwave materials, like RO4003 with ε′r = 3.55, this topic
requires special attention for a AoC design. This holds in particular for the doped
silicon of typical (Bi-)CMOS processes since a significant portion of that confined
electromagnetic energy will simply get dissipated into heat here. Furthermore, since
silicon chips are of finite size, the excited substrate waves get partly reflected and
partly radiated at the chip’s edges. The radiated part superimposes with the waves
that are directly radiated from the antenna and, hence, strongly affects the antenna’s
radiation pattern. Therefore, the exact overall pattern depends to a large extend on
the dimensions of the chip. Figure 5.1 illustrates this relation. It shows the simulated
gain patterns at 60 GHz of an integrated dipole antenna on BiCMOS chips of dif-
ferent dimensions d1×d2, see Figure 5.1(a). In order to reduce the amount of lossy
silicon around the dipoles, they were placed at a distance of 50 µm from the edge of
the silicon substrate, which has a thickness of 200 µm and an electric resistivity of
20 Ωcm. Also shown in the figure are the simulated radiation efficiencies for each
chip size. Since, generally, in a larger chip more energy is dissipated in the silicon
substrate before it gets radiated from the chip’s edge, a larger chip achieves a lower
efficiency.
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(a) Considered antenna integration scenario for analyzing the chip size
impact on the radiation characteristics.

(b) Gain pattern at 60 GHz forφ = 0 ◦. (c) Gain pattern at 60 GHz forφ = 90 ◦.

2×2 mm2 ηrad = 51.52 % 4×4 mm2 ηrad = 38.73 %
3×3 mm2 ηrad = 40.74 % 5×5 mm2 ηrad = 36.41 %

Figure 5.1. Considered antenna integration scenario and its simulated gain patterns
for different chip sizes.
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Figure 5.2. Cut-off frequency, fc, versus the thickness of a silicon substrate, h, ac-
cording to Equation (2.34).

In order to enhance the radiation properties of the on-chip dipole, a metal plate on
top of the silicon can be implemented. By this simple measure, the substrate can
be considered as a grounded dielectric slab, also known as surface waveguide, with
corresponding surface-waveguide modes, see Section 2.1.4. The cut-off frequencies
of its modes can be obtained from Equation (2.34). From this, the lowest-order TM-
mode (TM0-mode) can be determined to exhibit its cut-off frequency at 0 Hz, i.e., it
can still always get excited. The lowest-order TE-mode (TE1-mode), however, ex-
hibits a non-zero cut-off frequency. Hence, for frequencies below cut-off, all guided
TE-modes are suppressed. For a 60 GHz antenna design, for example, the thickness
of the silicon substrate needs to be below 350 µm in order to avoid the propagation
of TE-modes up to 66 GHz, as shown in Figure 5.2.

Figure 5.3 shows the radiation patterns and efficiencies of the on-chip dipole anten-
nas from Figure 5.1 when a rectangular metal plate is implemented at a distance of
650 µm from the dipole, see Figure 5.3(a). By this, the plate also acts as a reflector
with a length d1 while suppressing the TE-modes behind the reflecting edge. There-
fore, the design can be understood as a rudimentary on-chip Yagi-antenna, see [66].
Comparing the results presented in Figure 5.3 with the ones from Figure 5.1, it is
evident that the simulated radiation efficiencies are significantly improved. The ra-
diation pattern still changes with varying chip size, however, but the sensitivity of
its shape to the chip’s dimension is reduced. The remaining chip size dependence
might be caused by the TM0-mode or the varying reflector length d1.
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(a) Considered antenna integration scenario with metal plate for TE-
mode suppression.

(b) Gain pattern at 60 GHz forφ = 0 ◦. (c) Gain pattern at 60 GHz forφ = 90 ◦.

2×2 mm2 ηrad = 66.67 % 4×4 mm2 ηrad = 60.09 %
3×3 mm2 ηrad = 66.32 % 5×5 mm2 ηrad = 53.66 %

Figure 5.3. Improved radiation characteristics of the dipoles from Figure 5.1 by
implementing a metal plate in the lowest layer of the IC’s back-end.
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Figure 5.4. Final design parameters of the AoC prototype.

5.2.2 Antenna design

The metal-covered-substrate approach from Section 5.2.1 was used to design an on-
chip dipole antenna for the 60 GHz band using NXP’s BiCMOS process Qubic4X.
A photograph of a fabricated prototype is shown in Figure 5.4(a). Since an on-chip
antenna does not necessarily require any packaging of the IC, a conceptual design
was made for an unpackaged chip here. By this, the antenna performance solely
depends on the IC technology parameters and, therefore, package-independent con-
clusions can be drawn. Furthermore, since the on-chip implementation allows a di-
rect matching of antenna and amplifier, the reference impedance for the AoC was
chosen to Z0 = 35 Ω, which is based on the amplifier design from [67]. Moreover,
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(b) Input reflection coefficient (Z0 = 35 Ω).

(c) Gain pattern at 60 GHz forφ = 0 ◦. (d) Gain pattern at 60 GHz forφ = 90 ◦.

Figure 5.5. Simulated antenna parameters of the AoC prototype from Figure 5.4(a).

the metal plate for substrate mode suppression is implemented in the lowest layer of
the IC’s back-end. Hence, the on-chip interconnects for the front-end electronics can
be implemented on top of the metal plate, whereas cut-outs will then be required
for accessing the transistors as well as for on-chip inductors. The shown feed-line
that connects the dipole to the amplifier is based on those published in [68] with
a U-shaped ground plane. A detailed drawing with its dimensions is provided in
Figure 5.4(b). Its characteristic impedance is optimized in order to match the input
impedance of the dipole to the specified reference impedance.

The simulated antenna parameters of this prototype, obtained with Empire XCcel,
are summarized in Figure 5.5. The predicted input impedance, shown in Fig-
ure 5.5(a), is well matched to the specified reference of 35 Ω, see Figure 5.5(b). The
gain patterns forφ = 0◦ andφ = 90◦ are provided in Figures 5.5(c) and 5.5(d), respec-
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Figure 5.6. Simulated radiation efficiency at 60 GHz of the AoC design with respect
to its substrate resistivity.

tively. The maximum gain of this design lies between 0.96 dBi at 57 GHz and 1.47 dBi
at 66 GHz. These values are rather low for a dipole-based antenna, especially since
the on-chip metal plate reflects some of the radiated power and, thus, increases the
directivity of the overall structure. Since antenna gain and directivity are directly
related by the radiation efficiency of the antenna, see Equation (2.54), this already in-
dicates the expected lower efficiency of the on-chip antenna with respect to the AiP
design. And indeed, the simulated values for the AoC range from only 45 % to 60 %
throughout the 60 GHz-band.

The simulation results of this prototype show a significant improvement of this AoC
design in standard technologies with respect to similar state-of-the-art designs, see
Table 3.3. However, the radiation efficiency does not match the value of the AiP
design from Chapter 4, which is mainly related to the low resistivity of the silicon
substrate. Therefore, the question might be raised what substrate resistivity value
would be required in order to achieve a similar efficiency as the AiP design from the
previous chapter. Figure 5.6 shows the relation between the silicon’s resistivity and
the radiation efficiency of the prototype from Figure 5.4(a) at 60 GHz. It shows a gen-
eral 1/(1 + tan(δ)) relation between the efficiency and the resistivity, with tan(δ) as
defined in (2.18). Especially for large substrate resistivity values, however, the ohmic
losses in the back-end metalization result in a convergence of the efficiency towards
90 %. For very low substrate resistivities, the silicon substrate approaches the behav-
ior of a conductor. Thus, the radiation efficiency converges towards the value of a
dipole over a metal plate below the back-end. Moreover, from Figure 5.6 it is evident
that a substrate resistivity of at least 100 Ωcm is required to achieve a comparable
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radiation efficiency of this AoC design to the AiP concept from Chapter 4.

5.3 Basic package concept

The AoC concept from the preceding section does not use any packaging in order
to draw package independent conclusions for antennas in standard IC technolo-
gies. Such an antenna concept is conceivable, for example, for complete systems
on a single chip. However, in a general scenario the mm-wave ICs are mounted on a
larger system PCB where they also have to be interconnected to off-chip components.
Therefore, a package concept for the AoC design from Section 5.2.2 was developed
for this general case, which is presented in this section.

When the AoC concept with thinned silicon substrate from Section 5.2.2 is directly
placed on a larger system PCB, the antenna’s near-field will be influenced and, thus,
its input impedance will change. In an extreme case, the antenna could be so seri-
ously mismatched with respect to the on-chip amplifier that most of the impinging
power will get reflected at its interface. Hence, in order to achieve a robust AoC per-
formance that is independent of the choice of the system PCB’s material and thick-
ness, a package has to be designed that shields the antenna from the system PCB. In
general, the whole package has to be taken into consideration already in the antenna
design process since, just like the system PCB, the package also influences the near-
field of the antenna. The package presented in this section, however, was designed
to adjust the input impedance of the AoC from the preceding section towards the
reference impedance of the measurement equipment, i.e., 100 Ω, see Section 4.3.

The proposed basic package concept is shown in Figure 5.7. It consists of a
RO3003 substrate with a relative dielectric constant of ε′r = 3 and loss tangent of
tan(δ) = 0.0013, which are specified up to 40 GHz and 10 GHz, respectively, see
[31]. The bottom side of the substrate is entirely metalized in order to shield the an-
tenna from the system PCB and to achieve upward radiation. The top-side is also
metalized, whereas a sufficiently large area is left open around the dipole. Since
the input/output signals of the chip are at IF or even baseband level, the chip can
be easily connected to the top-side of the package by generic wire-bond technology.
The signals are then routed to the bottom-side of the substrate using vias, where the
interconnect to a system PCB can be accomplished in generic soldering technology,
see also Section 4.2. The thickness of the RO3003 substrate was chosen to 0.5 mm
in order to obtain an acceptable input impedance of the antenna with respect to the
measurement equipment, i.e., 100 Ω for differential measurements. By this, the in-
put impedance and input reflection coefficient as shown in Figures 5.8(a) and 5.8(b)
are achieved. The input match with respect to the differential system impedance of
100 Ω is better than -10 dB around 59 GHz and better than -6 dB throughout the
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Figure 5.7. Conceptual drawing of the proposed package.
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(b) Input reflection coefficient (Z0 = 100 Ω).

(c) Gain pattern at 60 GHz forφ = 0 ◦. (d) Gain pattern at 60 GHz forφ = 90 ◦.

Figure 5.8. Antenna parameters of the AoC design from Section 5.2.2 when mounted
on the PCB shown in Figure 5.7.
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whole 60 GHz band. The predicted gain patterns of this structure for φ = 0◦ and
φ = 90◦ are provided in Figures 5.8(c) and 5.8(d), respectively. Due to the electri-
cally large size of the RO3003 substrate, the pattern exhibits large gain variations in
the φ = 0 ◦ plane. Those ripples are a result of diffraction. The energy radiated to-
wards to the edges of the PCB gets diffracted there and superimposes with the direct
radiation from the on-chip antenna. Depending on the observation angle, the super-
imposed components can be in phase, resulting in a gain-peak for this angle, or they
can be in opposite phase, resulting in a gain-dip. The same diffraction mechanism
is also the cause of noticeable back-lobes in the gain pattern. Note that both effects,
strong gain ripples and a large back-side radiation, are normally undesired for an an-
tenna design. Therefore, EBG structures like the one presented in [69] may be used
to suppress those effects or a significantly smaller package has to be chosen to avoid
this problem. For a first prototype, however, a low package design complexity was
desired and its size was determined by handling considerations for production and
measurement purposes, such that those effects were accepted here. Finally, the radi-
ation efficiency of the AoC inside the measurement package was computed to range
from 36 % at 57 GHz to 57 % at 66 GHz, from which it can be concluded that the
package does not severely deteriorate the AoC performance.

5.4 Measurement results

For the verification of the simulation results from Section 5.2.2, a prototype was mea-
sured using the input impedance measurement setup that is described in Section 4.3.
The obtained results are presented in Section 5.4.1. The radiation pattern was then
measured with the radiation pattern measurement setup published in [70]. For this,
the chips were mounted on a package prototype from Section 5.3, whose design was
extended to allow the probe to land at a sufficient distance from the chip. A detailed
description of this package extension as well as the obtained measurement results
are provided in Section 5.4.2.

5.4.1 Input impedance

In order to determine the input impedance of the AoC prototype, some ICs were
glued in the center of PCBs as shown in Figure 5.9(a). The PCBs had a thickness of
1.6 mm and their permittivity was approximated to ε′r = 4.4. After calibration, the
measurements where then performed by landing a differential GSSG-probe with a
pin pitch of 200 µm directly on the bond-pads of the antenna, shown in Figure 5.4(a).
The GSSG-probe essentially consists of a GS-probe and a SG-probe, see Figure 4.7 in
Section 4.3, that are mounted together on the same body such that the signal pins
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(b) Input impedance of the prototype shown in (a).

Figure 5.9. Photograph and input impedance of a AoC prototype, which was glued
on a PCB for direct on-chip probing.

exhibit the desired pitch of 200 µm. In order to achieve a differential excitation of
the antenna, the individual probes were then connected to a magic-Tee, i.e., a balun,
which was used to split the unbalanced signal from the VNA into two signals with
equal amplitude but 180◦ phase difference with respect to each other. For deembed-
ding, three exact copies of the bond-pads with short, open, and load termination,
respectively, were measured. Those pad structures are also shown in the photograph
of the prototype, i.e., Figure 5.4(a). Their measured input reflection coefficients are
related to the input reflection coefficients of the termination according to

Γmeas.,short = S11,pads +
S12,padsS21,padsΓshort

1− S22,padsΓshort
, (5.1)

Γmeas.,open = S11,pads +
S12,padsS21,padsΓopen

1− S22,padsΓopen
, (5.2)

Γmeas.,load = S11,pads +
S12,padsS21,padsΓload

1− S22,padsΓload
, (5.3)

where the left-hand-side are the measured quantities. The right-hand-side consists
of the reflection coefficients of the short, open, and load termination, i.e., Γshort = -1,
Γopen = 1, and Γload = 0 , respectively, and the two-port S-parameters of the bond-pads.
From the three linearly independent Equations (5.1) to (5.3), the parameters S11,pads,
S22,pads, as well as the product S12,padsS21,pads can be determined. The input reflection
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coefficient ΓAUT of the on-chip antenna is then given by

ΓAUT =
ΓAUT+pads − S11,pads

S22,pads(Γmeas − S11,pads) + (S12,padsS21,pads)
, (5.4)

with ΓAUT+pads the measured input reflection coefficient of the prototype, i.e., includ-
ing the bond-pads. The input impedance of the antenna can now be calculated with
the aid of (4.2), see Section 4.3.

A comparison of the impedance obtained by this method with the results obtained
with Empire XCel is provided in Figure 5.9(b). From this, a frequency offset of about
3 GHz for the imaginary part and a magnitude offset of about 28 Ω (peak-to-peak) for
the real part becomes evident. There are several possible reasons for this deviation
with respect to the measurement setup. First of all, the chips were glued by hand,
such that they might not have been perfectly centered on the PCBs. Moreover, the
glue was neglected in the simulation and the permittivity of the PCBs, assumed to
be ε′r = 4.4, was not exactly known at 60 GHz. Furthermore, perfect short, open,
and load terminations were assumed in Equations (5.1) to (5.3) for deembedding the
probe-pads. For the short, however, a parasitic inductance is likely while the open
may exhibit a parasitic capacitance. Hence, those approximations are expected to
affect the accuracy of the measurement. Finally, due to the close proximity of antenna
and probe-tip, the possibility of mutual coupling between antenna and probe cannot
be excluded. In view of all those factors, the shown agreement between simulation
and measurement can be considered as acceptable here.

5.4.2 Radiation pattern

For the radiation pattern measurements of the AoC prototype, a chip was mounted
on a package prototype as described in Section 5.3. In order to reduce the impact of
the probe on the measurement results, the on-chip probe pads were connected to an
off-chip transmission line using standard wire-bond technology, see Figure 5.10(a).
By this, the probe could be landed at a sufficient distance away from the radiating
element. As described in [6], however, a bond-wire is commonly considered to be
a non-negligible inductance at mm-wave frequencies that significantly adds to the
overall impedance. Here, instead of adding the bond-wires as parasitic elements, an
alternative approach of creating a differential bond-wire transmission line was con-
sidered. For this, the chip had to be cut directly at the bond-pads that are connected
to the antenna. Figure 5.10(a) shows the truncated chip with the bond-wires in GSSG
configuration. In order to protect the wires from external hazards, they were over-
molded as shown in Figure 5.10(b). Moreover, in order to connect the chip to the
PCB without significantly altering the input impedance of the overall structure, the
bond-wire transmission line length was chosen to be 1.44 mm, which corresponds
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(a) Before adding glob-top.

(b) With glob-top over bond-wires.

Figure 5.10. Photograph of the AoC prototype when mounted on the package pro-
totype.

to half a guided wavelength at 60 GHz for the approximated relative permittivity
ε′r = 3 of the molding compound. On the PCB level, the bond-wires are connected to
a differential coplanar waveguide (CPW). Its dimensions were chosen to allow the
landing of a GSSG measurement-probe with a pin-pitch of 200 µm. Hence, the spac-
ing between each conductor was 100 µm with a signal line width of also 100 µm. The
characteristic impedance of this differential CPW is 130 Ω and, therefore, its length
was also designed to be half a guided wavelength at 60 GHz, i.e., 1.81 mm, in order
to transform the on-chip input impedance to the probe-tip with as little disturbance
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Figure 5.11. Comparison between measured and simulated antenna parameters of
the AoC prototype mounted on the package as shown in Figure 5.10(b).

as possible.

Figures 5.11(a) and 5.11(b) show a comparison between the simulated and measured
normalized gain patterns at 60 GHz of this prototype for both its principal planes.
The simulated patterns agree well with the measurements, which were performed
with the setup described in [70]. The deviations can be explained by the same reasons
as described in Section 4.4, which are mainly related to the presence of the mm-wave
probe. The patterns for 57 GHz, 64 GHz, and 66 GHz are again provided in Ap-
pendix B for completeness, see Figure B.2. Finally, the broadside gain of the antenna
was measured using the setup from Section 4.3 in combination with a GS-probe. Fig-
ure 5.11(c) provides those results in comparison with the gain values obtained from a
simulation with Empire XCcel. For the simulation, the same simplified probe model
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was included that was also used for the gain determination of the AiP prototype.
The simulated values deviate between 0.1 dB at 57 GHz and 7.1 dB at 64 GHz, which
is significantly larger than the results of the AiP concept. Since the simulated in-
put reflection coefficient also deviates from the measurements, see Figure 5.11(d),
the reason for this is seen to be an additional loss mechanism in the measurement
package that is not accounted for in the simulation setup. The soft RO3003 substrate,
for example, turned out to be disadvantageous for wire-bonding, such that only one
sample could be successfully fabricated. The deviations between simulated and mea-
sured gain might, therefore, be a result of a defective electrical connection between
the bond-wires and the transmission line on the PCB. Further causes for a deviation
between simulation and measurement are the negligence of the glue under the IC in
the simulation and the not exactly known and therefore approximated shape of the
bond-wires and the glob-top encapsulation.

Due to the acceptable agreement between simulated and measured input impedance
presented in Section 5.4.1 as well as the normalized gain patterns, the Empire-model
can still be concluded to be a good representation of the antenna. Similar to the AiP
concept presented in Chapter 4, however, the accurate verification of the radiation
efficiency remains an open task for future work.

5.5 Application example: Single-chip radar module

As a final prove of feasibility and as an application example for on-chip antennas in
standard BiCMOS technology, a complete 60 GHz radar system was implemented
in a single 200 µm thick Qubic4Xi-chip2. This section briefly summarizes the initial
results from this experiment.

The single-chip radar module is based on the frequency-modulated continuous-
wave (FMCW) radar chip from Omniradar, which was modified to also include the
antennas. Thanks to the use of on-chip antennas, the chip’s radar input and output
signals are reduced to the analog or digital baseband level, depending on the pro-
grammed settings, see [65]. A photograph of a fabricated chip prototype is shown
in Figure 5.12(a). It consists of a transmitter and two independent receivers. Here,
rather than using dipole antennas, monopoles were chosen as antenna types since
they require significantly less on-chip real-estate. The monopoles were designed to
exhibit their first resonance at 60 GHz. Using the inherent AoC advantage, the an-
tennas are directly connected to the amplifiers, with the on-chip electronics acting as
ground plane for the monopoles. Furthermore, in order to minimize the disturbance

2Just like Qubic4X, the silicon substrate of the Qubic4Xi process also exhibits an electric resistivity
of 20 Ωcm. Moreover, the back-ends of both processes are mainly identical.
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Figure 5.12. Photographs of the single-chip-radar module (courtesy of Omniradar).
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of the antenna’s near-field, a sufficiently large area was left un-metalized to both
sides of the antenna. Finally, the chip packaging was done according to the approach
presented in Section 5.3. Due to the problems with wire-bonding on RO3003, how-
ever, the substrate was substituted for RO4003. The chip was then electrically con-
nected to the top-side of the substrate by bond-wires, also shown in Figure 5.12(a).
On the PCB-level, a dense network of transmission lines routes the signals further
to the edge of the package where vias connect them to pads on its bottom side,
such that the module can be soldered to a larger system PCB. The area around the
monopoles on the top side of the RO4003 substrate was, again, left un-metalized. As
a last step, the whole single-chip radar module was overmolded with a plastic com-
pound, resulting in the packaged modules shown in Figure 5.12(b). The magnitude
of the resulting simulated S-parameters of the on-chip antennas are provided in Fig-
ure 5.12(c), showing an input match of better than -10 dB to the reference impedance
of Z0 = 50 Ω between 57.5 GHz and 63 GHz. The coupling between the antennas is
smaller than -15 dB. The simulated radiation efficiencies range from 30 % at 57 GHz
to 43 % at 66 GHz for the receive antennas and from 31 % at 57 GHz to 47 % at 66 GHz
for the transmit antenna. Hence, although a process was used that is nearly identical
to the one used for the packaged AoC prototype described in Section 5.3, the radi-
ation efficiencies are slightly lower for this radar module. The reasons for this are
seen to be the overmolded plastic compound as well as the different antenna topol-
ogy, which cannot be placed as close to the chip’s edge as the dipole from Section 5.3.

For initial test purposes, a single-chip radar-module, shown in Figure 5.12(b), was
mounted on a test-board together with the peripheral electronics for programming
and data signal processing3. The system was then set up in an anechoic chamber and
calibrated with a corner reflector with a radar-cross-section (RCS) of 1 m2, which was
positioned at a distance of 1 m from the radar module. For this, only one receiver was
used and the FMCW bandwidth was set to 4.9 GHz with approximately 59.5 GHz as
center frequency. The corner reflector was then replaced by a metallic sphere with
a radius of 13 cm. This setup is shown in Figure 5.13(a). With this configuration,
the RCS value of the sphere was determined to be approximately -13 dBsm, which is
given in decibels with respect to a 1 m2 target. This value is in line with the theoretical
cross section of the electrically large metallic sphere, which is (π132) cm2 correspond-
ing to -12.75 dBsm. Finally, since the signal strength and, thus, the maximum reliable
detection distance strongly depend on the antenna gain in the direction of the target,
the effective radar pattern was measured for the φ = 0◦ plane (see Figure 5.12(a)).
The normalized result is shown in Figure 5.13(b), which shows the average receive
signal strength over the whole FMCW bandwidth. From this, it is evident that the

3Note that also a metal structure was mounted on the top-side of the module that focuses the
antenna beams towards the broadside direction.
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(a) Radar test-setup inside anechoic chamber.

(b) Measured effective radar pattern of the radar-chip, ob-
tained with the setup shown in (a), for φ = 0◦ (normalized to
maximum value).

Figure 5.13. Radar test-setup and initial results of the single-chip-radar module
(courtesy of Omniradar).
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Table 5.1. Key figures of proposed AoC concept according to Table 3.3.

ρ [Ωcm] 20
silicon thickness [µm] 200
post-proc. technology none

size [mm2] 1.02 (Section 5.2.2)
< 0.5 (Section 5.5)

feed topology differential (Section 5.2.2)
single-ended (Section 5.5)

impedance bandwidth [GHz] > 14 @ 60 GHz (Section 5.2.2)
(Γin ≤ -10 dB) 5.5 @ 60 GHz (Section 5.5)

ηrad [%] 45 - 60 (Section 5.2.2)
30 - 47 (Section 5.5)

gain [dBi] 0.96 - 1.47 (Section 5.2.2)
cost (relative) low

maximum effective radar gain is achieved for an angle of about 6◦, which is seen to
be the result of the receive antenna offset in the x-direction, see Figure 5.12(a).

In conclusion, these initial measurement results indicate that the single-chip radar
module with on-chip antennas is working excellently. Since only standard and low-
cost materials and processes were used for the fabrication, this module is applicable
for mass-employment in, for example, short-range industrial applications. Therefore,
Omniradar is now further investigating this antenna technology for implementation
in some of their future products.

5.6 Summary and conclusions

In this chapter, a AoC concept in standard IC technology is proposed as well as an
application example presented. The simulation results of the prototypes were largely
confirmed by experiments and are summarized in Table 5.1. In comparison with
the state-of-the-art, see Table 3.3, it can be concluded that this approach achieves an
excellent performance with respect to other AoC designs without post-processing
technologies. Compared to reference designs in which post-processing techniques
were applied, the proposed approach achieves comparable results. However, since
only standard processes were used for the concept presented in this chapter, it is seen
to exhibit a clear cost advantage.

The results of the dipole antenna from Section 5.2.2 are for an unpackaged chip. A
packaged solution with this antenna type will most likely have a smaller bandwidth
and lower efficiency. The -10 dB bandwidth of the packaged on-chip monopole an-
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tenna presented in Section 5.5, for example, does not fulfill the European bandwidth
requirement of 9 GHz. Moreover, its single-ended feed topology does not meet the
specifications stated in Section 3.1. However, due to its low on-chip real-estate re-
quirement, this antenna type still remains an attractive possibility. This conclusion
is, for example, supported by the successful demonstration of the single-chip radar
module, which is presented in Section 5.5.

In view of the three major application areas stated in Chapter 1, this integration con-
cept is seen to be most suitable for the file transfer scenario. Here, the small size of
an AoC solution allows a dense integration in hand-held devices while its gain of
≥ 0.96 dBi is sufficiently large, see Table 3.1.



Chapter six

Hybrid concept1

6.1 Technology choice

After developing integrated antenna concepts for the AiP and AoC approach, which
are presented in Chapters 4 and 5, respectively, an antenna concept for the hybrid ap-
proach was developed based on the findings from the literature study in Section 3.4.
Here, wire-bond technology was chosen as integration platform due to its very low-
cost nature, its wide-spread availability in the semiconductor industry, and its ex-
pected high radiation efficiency. For this technology, no additional processing steps
are required since bond-wires are used for most IC products anyway. Moreover, even
small IC design houses often own or have access to wire-bonding facilities, which
makes this technology not only an ideal choice for high-volume products, but also
for first prototypes and low-volume test-series. Finally, state-of-the-art wire-bonders
offer a high degree of freedom with respect to the wire-shape and bond-heads for
various wire-diameters are available that can either bond aluminum, gold, or even
copper wires. However, so far mostly single-ended antennas were presented in this
technology. Although this is seen as a disadvantage for 60 GHz communications as
mentioned in Section 3.1, the vast amount of benefits of this technology permits to ac-
cept this draw-back. Therefore, for the following hybrid integrated antenna concept,
a single-ended circular half-loop antenna was chosen as basic antenna type. For the
wire material gold was chosen with a diameter of 25 µm since this is common stan-
dard for most high frequency IC products.

The following section presents a general concept of a mm-wave front-end module
with the proposed integrated antenna in hybrid technology. Since this concept is

1The results presented in this chapter were published in [71], [72], and [73].
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Figure 6.1. Conceptual drawing of the mm-wave front-end module with BWA.

also of interest for small IC design houses, a dedicated, computationally efficient
modeling tool is also presented here that supplements typical IC design tools and
can be integrated in the design flow process. Section 6.3 then summarizes the results
of a fabricated prototype, where special emphasize is placed on the construction of
a semi-circular bond-wire. Furthermore, the time-efficient antenna model from Sec-
tion 6.2 is used to conduct a unified yield analysis for this antenna concept in the
entire mm-wave band, which is given in Section 6.4. Finally, the chapter ends with
a short summary and conclusions with respect to state-of-the-art hybrid integrated
mm-wave antenna concepts.

6.2 Design and modeling approach

6.2.1 General module concept

A general concept of a mm-wave front-end module with the proposed hybrid inte-
grated antenna concept is depicted in Figure 6.1. It shows a V-band IC inside a high
frequency plastic package. The heat sink below the IC is extended on one side and
serves as ground plane for a semi-circular bond-wire-antenna (BWA). The antenna
originates on the chip and ends on the ground plane. The basic building blocks on
the IC are an amplifier, a mixer, and a LO including PLL. The DC-supply, clock sig-
nal for LO synchronization, and the IF-path are connected to the leads of the package
using bond-wires.
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image plane

Figure 6.2. Basic model of the BWA from Figure 6.1.

6.2.2 Antenna design and modeling approach

The BWA shown in Figure 6.1 is a semi-circular loop antenna. For a sufficiently
large ground plane, image theory can be applied to replace the ground plane by the
image of the bond-wire. Consequently, the BWA can be modeled as a circular loop
antenna as shown in Figure 6.2. Here, the effect of the plastic package is excluded
such that the surrounding environment can be assumed to be air only. Like for the
AoC design from Chapter 5, package independent conclusions can then be drawn by
this investigation approach2. Therefore, the computationally efficient loop antenna
model from Section 2.4 can now be employed to determine the antenna parameters
of the full loop. Afterwards, the antenna parameters of the BWA can be determined
from the full-loop antenna data as explained below.

Input impedance

In general, the input impedance of the semi-circular BWA, Zin, BWA, is related to the
input impedance of the circular full-loop antenna, Zin, loop, according to

Zin, BWA =
1
2

Zin, loop . (6.1)

This relation can be explained by the doubling of the driving voltage due to its image,
as illustrated in Figure 6.2. In the model from Section 2.4, this has to be accounted
for by using M(r) = 2M0 uϕ̃ = -2Vin uϕ̃ in the magnetostatic frill source model, see
Section 2.4.3.

Moreover, since the BWA in Figure 6.1 originates from a GSG bond-pad configura-
tion on the IC, its effect on the input impedance of the antenna has to be included in

2For some packages, e.g., the hollow plastic packages from [74], this modeling approach might
even already be sufficient.
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Figure 6.3. Equivalent circuit model of the BWA prototype (including feed-line and
bond-pads for probe landing).
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Figure 6.4. Illustration of the feed-line parameters.

the model as well. The impedance of the bond-pads can be well approximated by a
lossy capacitance, which is connected in parallel to the BWA as shown in Figure 6.3.
The capacitance value, Cpads, and its associated loss resistance, Rpads, are often pro-
vided in the design manual of the IC technology. If they are not given, they will have
to be determined for the correct characterization of the on-chip electronics anyway
since bond-pads are typically used as landing area for measurement probes, see also
Chapter 5. For the BWA design that is presented in this thesis, the capacitance and
resistance values were determined by simulating the impedance of the bond-pad
structure on top of a 200 µm thick silicon substrate with a resistivity of 20 Ωcm using
Empire XCcel. Figure 6.5 shows a comparison between this result and the lossy ca-
pacitance model for Cpads = 30 fF and Rpads = 300 Ω. From this, the lossy capacitance
model can be concluded to agree sufficiently well, such that it can be used as a good
approximation here.

Furthermore, for the targeted prototype, a 1.4 mm long CPW with bottom ground
plane was designed as on-chip feed-line for the BWA, see Figure 6.4. It is as also
shown in the circuit model representation in Figure 6.3. At its end, another GSG
bond-pad structure was connected in order to land a measurement probe here. In
the model, the feed-line can be accounted for by the transmission line impedance
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the simulation results of the bond-pad structure from Empire, subscript FDTD.

equation,

Z′in = Z0
Zin + Z0 tanh(γl)
Z0 + Zin tanh(γl)

, (6.2)

with Z0 the characteristic impedance of the CPW, Zin the combined impedance of
half-loop BWA and bond-pad parasitics, γ = α + j β the propagation constant of the
CPW mode with the attenuation constant α and the phase term β, and l the length
of the feed-line ([13]). Neglecting transmission line losses, i.e.,α = 0, the propagation
constant reduces to γ = jβ = jω

√
εr,eff
√
ε0µ0. Finally, Z0 and εr,eff can be calculated

with the following approximate formulas from [75]:

Z0 =
60π
√
εr,eff

1
K(κ̃)
K(κ̃′) +

K(κ̃1)
K(κ̃′1)

, (6.3)

εr,eff =
1 +ε′r

K(κ̃′)
K(κ̃)

K(κ̃1)
K(κ̃′1)

1 + K(κ̃′)
K(κ̃)

K(κ̃1)
K(κ̃′1)

, (6.4)

where K(κ̃) is again the complete elliptical integral of the first kind, ε′r the relative
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permittivity of the back-end dielectric, and

κ̃ = w/g , (6.5)

κ̃′ =
√

1− κ̃2 , (6.6)

κ̃1 =
tanh(πw

4h )

tanh(πg
4h )

, (6.7)

κ̃′1 =
√

1− κ̃2
1 , (6.8)

in which w = 18 µm is the signal line width, g = 48 µm is the distance between the
ground conductors, and h ≈ 10 µm is the thickness of the the back-end dielectric.

Using this modeling approach and assuming b = 0.933 mm for the loop radius,
the input impedance as shown in Figure 6.6(a) is predicted. The figure also shows
impedance of the BWA without the feed-line and bond-pads for probe-landing. Note
that the BWA is not matched to a specific reference impedance, like 50 Ω, here since
the direct on-chip feed-point allows for direct matching schemes to the amplifier.
Hence, rather than matching the antenna to a hypothetical reference impedance, spe-
cial emphasize is paid here to the validity and accuracy of the modeling approach.
Matching the antenna to a specific on-chip amplifier can then be done by a hybrid
approach, i.e., using this antenna model and a circuit level simulator for the ampli-
fier.

Radiation Properties

For an infinite ground plane underneath the semi-circular BWA, the shape of its ra-
diation pattern in the upper hemisphere is identical to the radiation pattern of the
loop antenna from Section 2.4, see Figures 6.6(b), 6.6(c), and 6.6(d). For the lower
hemisphere, the radiated fields are zero, however, since the ground plane reflects all
electromagnetic energy. This, in turn, also results in a 3 dB larger directivity in the
upper hemisphere as compared to the full-loop antenna, which results in a maxi-
mum directivity of 7.1 dBi. In the computational model, the 3 dB directivity increase
can be traced back to the mirrored magnetostatic frill source. Due to this doubling
of the magnetic current’s amplitude, the generated electric current distribution on
the lossless wire is twice as high as for the full-loop antenna from Section 2.4. This,
consequently, results in the shown 3 dB larger directivity. In order to calculate the
gain of the BWA, the directivity has to be multiplied by the radiation efficiency, see
Equation (2.54). The radiation efficiency can be estimated by Equation (2.50), i.e.,

ηrad =
Re
{

Z−1
in,BWA

}
Re
{

Z−1
in,BWA

}
+ R−1

pads

, (6.9)
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(c) Gain pattern at 60 GHz in H-plane (φ = 0◦).
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Figure 6.6. Antenna parameters of the BWA prototype from Figure 6.1 (w/o plastic
package) with b = 933 µm and a = 25 µm as obtained with the proposed model.
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Figure 6.7. Radiation efficiency for the BWA prototype shown in Figure 6.1 as pre-
dicted by Equation (6.9) in comparison with the result obtained with Empire XCcel.

with Zin,BWA and Rpads as defined in Figure 6.3. The resulting radiation efficiency,
calculated with (6.9), in comparison with the results obtained with Empire XCcel for
the prototype is provided in Figure 6.7. It shows a significant discrepancy between
both solutions, which is seen to be the result of the simplified bond-pad model. A
possible contribution of the bond-pads to the overall radiation mechanism is not
incorporated, for example. However, from the radiation efficiency approximation
(6.9), the radiation efficiency in the 60 GHz band can be obtained to range from 52 %
at 66 GHz to 78 % at 57 GHz. The maximum radiation efficiency of 81 % for this
loop radius is achieved at 54 GHz, indicating that the loop radius should be shorter
in order to shift the maximum value in the 60 GHz band. Moreover, using (6.9),
the predicted maximum gain at 60 GHz for the BWA is 5.5 dBi as also shown in
Figures 6.6(b), 6.6(c), and 6.6(d).

6.3 Fabrication and measurement results

6.3.1 Bond-wire shape

In Section 6.2 an efficient modeling approach for the semi-circular BWA from Fig-
ure 6.1 is presented. In practice, however, a semi-circular shape is not commonly
used, such that the wire-bonder parameters for this shape are not known before-
hand. Hence, the right settings have to be determined from an experiment. For
this, in cooperation with IMST GmbH, several wires with different bonder settings
were fabricated on 500 µm thick RO4003 substrates, see [32]. One of the prototypes
is shown in Figure 6.8. In all cases, one end of the bond-wire was connected to a
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Figure 6.8. Photograph of a fabricated semi-circular bond-wire on a large ground
plane.

3.6 mm long CPW while the other end was connected to a large ground plane. Note
that also the (optical) image of the wire is clearly visible in Figure 6.8. Since it was not
possible to visually inspect the exact shape of the fabricated wires, input impedance
measurements of all prototypes were performed with the setup described in Sec-
tion 4.3. The measurement results were compared with the simulation results for this
prototype using the modeling approach from Section 6.2.2. Since no bond-pads exist
in the prototype shown in Figure 6.8, the bond-pads were removed from the model
here. The feed-line parameters were adjusted to match the values of the fabricated
PCB-prototype, whereas a CPW length of 3.4 mm instead of 3.6 mm was chosen to
account for the effectively shorter distance between the BWA input and the probe-
tip. The measurement result of the best matching sample is provided in Figure 6.9.
The effective loop radius was found to be 800 µm to achieve this good agreement3,
which is in line with the distance between the two bond-points. Hence, the achieved
shape can be concluded to sufficiently approximate that of a semi-circle such that the
bonder settings for this shape can be used to build an on-chip prototype.

6.3.2 Prototype

The wire-bond settings found in the experiment from Section 6.3.1 were used to build
a prototype of the proposed hybrid integrated mm-wave antenna. A photograph of
one of the samples is provided in Figure 6.10. Again, the input impedances of the
prototypes were measured with the setup described in Section 4.3. A comparison be-
tween the measurement result of one of the samples and the prediction of the model
from Section 6.2.2 is provided in Fig. 6.11(a) and shows very good agreement. For

3Note that also here the losses in the CPW were omitted.
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Figure 6.10. Photograph of a fabricated prototype.
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Figure 6.11. Comparison between measured gain pattern and simulated directivity
of the prototype from Figure 6.8.
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the simulation model, the loop-radius was enlarged to include the elongated bond-
wire of approximately twice the chip height, which results in a loop circumference
increase of four times the chip height. The remaining deviation between model and
measurement can be partially explained by the simplifications that were made for
the model, i.e., perfectly semi-circular wire-shape, simplified bond-pad model, loss-
less metals, etc. Furthermore, unavoidable imperfections during the measurements,
for example, the presence of the probe close to the antenna, are seen to be another
cause for the deviation.

Furthermore, Figures 6.11(c) and 6.11(d) provide a comparison between the mea-
sured gain pattern of the BWA at 60 GHz and the simulated directivity of the respec-
tive co-polarization component in both its principal planes. Note that the gain cal-
culation was directly done during the radiation pattern measurement with the setup
described in Section 4.3 here, such that the results in the figures are not normalized.
Furthermore, the measurement was performed with a sample as shown in Figure 6.8
since the GSG-probe could not be adequately landed on the version with chip4. Since
the radiation pattern of both versions are expected to be very similar, however, this
measurement can still be used to verify the BWA-model. Moreover, by this approach
the gain and, therefore, the efficiency of an antenna in bond-wire technology can
be determined independent of the IC technology. The respective measurements for
57 GHz, 64 GHz, and 66 GHz can be found in Figure B.3 in Appendix B. In all cases,
the measured gain pattern follows the basic trend of the directivity pattern and ex-
hibits a similar magnitude. Therefore, the efficiency of this antenna can be concluded
to be very high, i.e., at least in the range of the AiP concept. Note, however, that also
during this measurement the presence of the probe caused perturbations in the pat-
tern, which is particularly noticeable in the θ = 90◦ plane. Furthermore, the finite
size of the ground plane underneath the BWA has an impact on the radiation pat-
tern since a part of the radiated energy gets diffracted at its edges and corners. In
order to include this effect in the proposed model, the uniform geometrical theory
of diffraction (UTD) was used, see [72]. Figure 6.11(b) shows the computed normal-
ized gain pattern of the BWA, where the UTD was used to include diffraction due
to the finiteness of the ground plane. Also shown in the figure is the corresponding
measurement result, which agrees excellently with the UTD solution.

Finally, from the results presented in this section, it can be concluded that the model
from Section 6.2 can be used for further investigations on the suitability of wire-bond
technology for the implementation of mm-wave antennas.

4With a further improvement of the setup that allows the probe-tips to be leveled by tilting the
probe, this problem can be solved.
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Figure 6.12. Simulated input reflection coefficients of a circular BWA with nominal
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respectively.

6.4 Yield analysis

6.4.1 Analysis

A concern that is often stated with respect to antennas in wire-bond technology is a
low yield due to an insufficient reproducibility of the wire-length, which is a result
of, for example, bond-head positioning tolerances. Hence, it has to be investigated to
what extend this concern is justified. For this, the time-efficient modeling approach
from Section 6.2 is used to explore the impact of typical wire-length tolerances on the
matching condition of the antenna throughout the mm-wave band. For this purpose,
BWAs with different resonant frequencies, f0, are designed that operate within the
mm-wave band. The specification for those antennas is defined as to exhibit an input
reflection coefficient, Γin, that stays below -10 dB with respect to a 75 Ω amplifier
in a 10 % bandwidth around the center frequency f0. For each nominal resonant
frequency, the wire-length is then varied in order to determine for which minimum
and maximum value, respectively, the specification is still fulfilled. As an example,
Figure 6.12 shows the input reflection coefficients of a BWA with f0 = 60 GHz for
its nominal wire-length, l0, minimum wire-length, lmin, and maximum wire-length,
lmax. The yield of the antenna with respect to the -10 dB bandwidth specification can
now be determined by calculating the likelihood that the wire-length stays within
the two boundary values lmin and lmax. Figure 6.13 illustrates the relation between
the probability density function (PDF) of the bond-wire-length and the yield of the
antenna. Here, it is assumed that the wire-length variation can be represented by
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Figure 6.13. Assumed PDF of the bond-wire-length, with l0 the nominal (mean)
value and lmin, lmax the minimum and maximum length that satisfy the -10 dB band-
width specification.

the Gaussian distribution with mean value µ = l0 and a bonder-specific standard
deviation σ . Hence, the yield Ψ can be calculated by

Ψ = G(lmax|l0,σ)− G(lmin|l0,σ)

=
1

σ
√

2π

[∫ lmax

−∞ e
−(l−l0)

2

2σ2 dl −
∫ lmin

−∞ e
−(l−l0)

2

2σ2 dl
]

, (6.10)

with G(Λ|µ,σ) the result of the cumulative distribution function (CDF) of the Gaus-
sian PDF for the length value Λ. Table 6.1 summarizes the yield values of the 60 GHz
example along with the results for designs with other resonant frequencies. The con-
sideration was done for two different standard deviations, i.e., a realistic value of
state-of-the-art bonders, 3σ1 = 25 µm, and a more pessimistic value, 3σ2 = 50 µm, re-
spectively.

6.4.2 Result discussion

Analyzing Table 6.1 it may be concluded that high volume wire-bond technology
with 3σ = 25 µm can be expected to achieve a sufficiently high yield, i.e., larger than
99.99 %, for designs of nearly up to 250 GHz. It decreases below 99 % at about
270 GHz, after which it drops below 75 % at 300 GHz. Dependent on the specific
bandwidth requirements of a desired application, however, wire-bond technology
might still be a suitable choice for antennas above 270 GHz. For a standard deviation
of 3σ = 50 µm a yield of more than 99 % can be expected for almost up to 200 GHz.

Since the circular loop-antenna’s directivity is rather insensitive to small lengths vari-
ations, see [14], those effects were excluded from this consideration. For applications
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Table 6.1. Summary of expected yield values for semi-circular BWAs in the mm-
wave band (Z0 = 75 Ω).

f0 l0 lmin lmax yield [%] yield [%]
[GHz] [mm] [mm] [mm] (3σ1 = 25 µm) (3σ2 = 50 µm)

30 5.498 5.438 5.557 ≥ 99.99 99.97
60 2.733 2.668 2.793 ≥ 99.99 99.97
100 1.665 1.605 1.725 ≥ 99.99 99.97
150 1.131 1.086 1.186 ≥ 99.99 99.61
200 0.864 0.824 0.909 ≥ 99.99 98.83
250 0.707 0.677 0.740 99.98 94.02
270 0.654 0.634 0.681 99.12 83.23
300 0.594 0.587 0.609 76.36 47.87

in the unlicensed 60 GHz band, for example, slight directivity fluctuations are not ex-
pected to result in any yield reduction since the exact radiation pattern will mainly be
influenced by the package of the final product, for example a mobile phone, anyway.

Finally, it should be mentioned that this consideration solely focuses on a circular
BWA with the impedance matching requirement of -10 dB in a 10 % bandwidth
around f0 and with respect to a 75 Ω reference impedance. For a different wire
shape, bandwidth requirement, and reference impedance the yield values might dif-
fer. Hence, a universal upper frequency limit for the usage of BWAs cannot be given
here. The results, however, clearly indicate that, in general, wire-bond technology
can be expected to achieve sufficient yield for high volume mm-wave antenna pro-
duction.

6.5 Summary and conclusions

In this chapter, a hybrid integrated mm-wave antenna concept in generic wire-bond
technology is presented. A prototype was designed with the aid of a dedicated,
computationally efficient modeling approach, which could be successfully verified
by measurements. A summary of the simulation results, obtained with this model,
is provided in Table 6.2. In comparison with the state-of-the-art, see Table 3.4, it
can be concluded that this approach achieves comparable key figures to the design
published in [53]. Due to its low on-chip real-estate requirement as well as low-cost
and wide-spread fabrication technology, this technology is seen to be a very attractive
alternative to state-of-the-art AiP and AoC concepts. Moreover, as also shown in this
chapter, the yield in high volume production can be expected to be comparable with
other concepts. However, the low design flexibility may not permit the use of this
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Table 6.2. Key figures of proposed hybrid concept according to Table 3.4.

technology complexity very low
size [mm2] 0.0064 (on-chip real-estate)

feed topology single-ended
impedance bandwidth [GHz] not specified

(Γin ≤ -10 dB)
ηrad [%] 52 - 78 (model from Section 6.2.2)

88 - 92 (Empire XCcel)
gain [dBi] approx. 7.1

cost (relative) very low

technology for some applications. Moreover, the effect of packaging on the antenna
performance still has to be investigated in the future.

Finally, this integration technology can be recommended for wireless interconnect
applications, see Chapter 1. Here, especially for wireless chip-to-chip or PCB-to-
PCB connections, the extremely low-cost nature of the wire-bond technology permits
a vast amount of these antennas inside a single consumer product. Furthermore,
the BWA achieves its gain maximum along the ground plane, which is for wireless
chip-to-chip links often the line-of-sight direction to the other communication nodes.
Moreover, its estimated gain meets the requirements stated in Table 3.1 for this sce-
nario, i.e., case #6.



Chapter seven

Antenna array considerations1

Antenna arrays are of particular interest in the mm-wave band since they offer high
antenna gain, which is, for example, necessary for communicating over the maxi-
mum targeted distance of 10 m at 60 GHz, see Chapter 3. For this, arrays with a fixed
amplitude and phase distribution are often considered in the literature. Especially for
mobile applications, however, the antenna array must exhibit the capability to align
its narrow beam in the direction of the strongest signal. Otherwise, the full capacity
and/or communication distance of the system can hardly ever be exploited. Hence,
an antenna array with beam-steering capability is imperative, see [2, 4, 5, 7, 8]. Such
a solution for linear and circular polarization based on the AiP concept from Chap-
ter 4 is presented in the following section. Furthermore, a method for improving
the axial ratio over the whole scan range of circularly polarized arrays is proposed
in Section 7.2. Finally, an extension of the computational model for the BWA from
Chapter 6 is introduced in Section 7.3 and conclusions regarding antenna arrays in
the mm-wave range are drawn in Section 7.4.

7.1 Modular array concept

With respect to beam-steerable antenna arrays, the authors of [7] propose to integrate
all array electronics in one single chip in order to minimize the total required chip
area as well as the differentiation between antenna branch properties. A complete
60 GHz receiver module with integrated antenna array that uses this kind of ap-
proach was published in [35]. Such a solution, however, is not very flexible since the
number of antenna elements and their arrangement is fixed. As a result, the range of

1The results presented in this chapter were published in [76], [77], and [78].

105



106 7 Antenna array considerations

IC

antenna

IC

antenna

IC

antenna

IC

antenna

� ref.
osc.

Figure 7.1. Conceptual drawing of the modular array approach.
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Figure 7.2. Conceptual drawing of the AiP design for use in a modular array.
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suitable applications is limited, which ultimately results in high costs for the module
due to low production volumes. In order to achieve a high flexibility that can target a
larger application range and, therefore, lower the costs by increasing the production
volume, a modular array concept is proposed here. A conceptual drawing of this ap-
proach is provided in Figure 7.1. It consists of mm-wave front-end modules like the
ones presented in Chapters 4 to 6. The desired overall array size and antenna element
arrangement is then composed out of several such modules. As shown in Figure 7.1,
a low-frequency reference oscillator for phase synchronization can be supplied to
the modules from an external source using a distribution network. On-chip phase
shifters and variable gain amplifiers can then be used to apply the desired amplitude
and phase distribution to each individual antenna element. As for the reference os-
cillator signal, the data signal can be distributed to the modules in IF, base-band, or
even digital domain.

7.1.1 Linearly polarized array

As a first example for the modular array concept, a variation of the AiP design from
Chapter 4 is used as basic array element. The considered module is shown in Fig-
ure 7.2. Its antenna dimensions are identical to the ones from Chapter 4. The PCB
had to be truncated, however, in order to be able to arrange the modules in the typ-
ical λ0/2 element spacing for rectangular arrays. As a result of this size reduction,
the antenna gain now ranges from 7 dBi to 7.5 dBi , which is 2.5 dBi lower than the
achieved gain for the design from Chapter 4. However, its input impedance, result-
ing input reflection coefficient, and gain pattern are still well within the acceptable
range for generic applications in the 60 GHz band, see Figure 7.3.

A linearly polarized array can now be built by arranging several modules of this type
as shown in Figure 7.4, which shows a 2×2 array with a spacing of λ0/2 between
the printed dipoles. As can be observed from Figure 7.5, the antennas are still well
matched in this configuration. Furthermore, the mutual coupling to neighboring
elements is -15 dB or lower, which is considered acceptable for this example. If all
modules are now transmitting simultaneously with the same amplitude and phase, a
combined gain of 11.4 dBi at 57 GHz to 12.7 dBi at 66 GHz is achieved. The resulting
overall gain pattern for this scenario is provided in Figure 7.6 along with the input
impedance and input reflection coefficient of a single element for this scenario.

Finally, if a time delay is applied to modules #1 and #3, the main beam can be steered
in the φ = 0◦ plane. Figure 7.7 shows the gain pattern for the scan angle θ0 = -15◦

along with the resulting input reflection coefficient for each antenna element. From
this, it can be observed that the input reflection coefficient for modules #1 and #3
exceed -10 dB for frequencies larger than 64 GHz, but remain below -8.5 dB such that
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Figure 7.3. Simulated antenna parameters of the antenna shown in Figure 7.2.

this can be considered as still acceptable here. Furthermore, the maximum achieved
gain values range from 11.4 dBi at 66 GHz to 12.2 dBi at 60 GHz here. Similarly, the
main beam can be steered in the φ = 90◦ plane by applying a time delay to modules
#1 and #2. Figure 7.8 shows the gain pattern and input reflection coefficients for a
-15◦ scan angle in this plane with a maximum achieved gain between 11.5 dBi at
57 GHz and 12.3 dBi at 66 GHz. Hence, by this method, a linearly polarized phased
array can be constructed that achieves a gain of at least 11 dBi over a scan range of
±15◦.

For achieving higher gain values, a larger array can be built in the same manner
by simply using more integrated mm-wave modules. Here, the particular module
choice in this example exhibits a limitation in this respect. Its size does namely not
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Figure 7.4. 2×2 linearly polarized antenna array consisting of integrated mm-wave
front-end modules as shown in Figure 7.2.
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Figure 7.5. Input impedance and S-parameters of the antenna array from Figure 7.4.
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Figure 7.6. Antenna parameters for the antenna array from Figure 7.4 for simulta-
neous excitation of all four elements with the same amplitude and phase.
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Figure 7.9. 2×2 antenna array that achieves circular polarization.

permit a λ0/2 spacing in y-direction, see Figure 7.2. However, a 2×N-array can eas-
ily be constructed, with N being any number of elements in x-direction. By this, a
high gain fan-beam can be generated that exhibits, for example, a large coverage in
elevation while being steerable in azimuth, or vice versa.

7.1.2 Circularly polarized array

As another example, the flexibility of the modular array approach is used to con-
struct a circularly polarized array with the same modules. Especially for handheld
devices, circular polarization can significantly increase the robustness of a wireless
communication link due to the line-of-sight nature of the communication channel at
60 GHz. Otherwise, linearly polarized solutions may require an accurate polariza-
tion alignment, which is not very practical to implement for portable applications.
An elegant way to create circular polarization with linearly polarized elements in
an array environment is by using the sequential rotation technique as introduced by
John Huang in 1986 [79]. Figure 7.9 shows the basic antenna arrangement for this
method. Here, circularly polarized radiation is achieved by applying proper phase
shifts to sequentially rotated linearly polarized antenna elements, as also illustrated
in the figure. Using this configuration for a transmitting array, a right-hand circu-
lar polarization is achieved. The S-parameters of the sequentially rotated integrated
antennas for an antenna spacing of λ0/2 and their input reflection coefficients for si-
multaneous excitation with the same amplitude for each antenna element are shown
in Figures 7.10(a) and 7.10(b), respectively. The overall gain pattern for the φ = 0◦

and φ = 90◦ planes are provided in Figure 7.10(c). The achieved maximum gain
was computed to range from 9.9 dBi to 10.6 dBi with a 3 dB beam-width of 42◦ at
60 GHz, i.e., the gain outside the ±21◦ range is at least 3 dB lower than the max-
imum gain. Furthermore, the axial ratio, defined in Equation (2.55), at 60 GHz of
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Figure 7.10. S-parameters of the antenna array shown in Figure 7.9 and its antenna
parameters for simultaneous excitation of all four elements with the same amplitude
and a phase-delay distribution as shown in the figure.
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this circularly polarized antenna array in the φ = 0◦ and φ = 90◦ planes is shown
in Figure 7.10(d). It shows that for θ = 0◦ practically perfect circular polarization is
achieved. The AR exceeds 3 dB for angles beyond ±19◦ and, hence, nearly the full
3 dB beam-width exhibits an acceptable degree of circular polarization. When the
beam is steered away from the broad-side direction (θ0 6= 0◦), however, the axial ra-
tio at the desired scan angle degrades, as can be seen from Figure 7.11. It shows the
gain pattern in the φ = 0◦ plane (Figure 7.11(b)) when the beam is steered towards
θ0 = -15◦. All elements are still well matched (Figure 7.11(a)) and a maximum gain of
9.2 dBi to 9.9 dBi is achieved. The simulated axial ratio at the scan angle, however,
is already degraded to 1 dB, see Figure 7.11(c), which is basically a result of the un-
equal gain patterns of the single mm-wave module in its φ = 0◦ and φ = 90◦ planes.
Hence, for even larger scan angles, this degradation can be expected to increase. A
method to improve the axial ratio over a wide scan range is presented in [76] and is
summarized in the following section.

7.2 Axial ratio enhancement for modular array concept

As shown in the previous section, the sequential rotation technique results in a degra-
dation of the axial ratio when applying beam-steering. The main reason for this is
the fact the gain pattern of each individual element is not the same in its φ = φ0 and
φ = φ0±90◦ planes. Therefore, in this section a method to compensate this effect is
proposed, which was also published in [76].

7.2.1 Sequential rotation technique for beam-steering

The basic idea to compensate the axial ratio degradation for beam-steering, is to pre-
measure or simulate the element patterns of each array element for both the co- and
cross polarization. For the φ = 0◦ plane, for example, the following general expres-
sions hold in the antenna’s far-field:

Etot
θ = a1E1,co

θ (θ) + a3E3,co
θ (θ) + a2E2,X

θ (θ) + a4E4,X
θ (θ) , (7.1)

Etot
φ = a1E1,X

φ (θ) + a3E3,X
φ (θ) + a2E2,co

φ (θ) + a4E4,co
φ (θ) , (7.2)

where Etot
θ and Etot

φ represent theθ- andφ-component of the total electric field, E1,co
θ is

the co-polarized component due to antenna element 1, and E2,X
θ is the cross-polarized

component due to element 2. A similar explanation holds for the other field compo-
nents. Note that it is assumed here that the required phase related to beam steering is
already included in the various field components. Furthermore, ai (with i = 1, 2, 3, 4)
represents the complex excitation of element i, excluding the phase associated with
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Figure 7.11. Antenna parameters of the antenna array shown in Figure 7.9 for a scan
angle of −15◦ in theφ = 0◦ plane.
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beam-steering. For sequentially rotated antennas, a3 = -a1 and a4 = -a2 is typically
chosen. Therefore, (7.1) and (7.2) can be simplified to

Etot
θ (θ) = a1(E1,co

θ (θ)− E3,co
θ (θ)) + a2(E2,X

θ (θ)− E4,X
θ (θ)) ,

= a1E1−3,co
θ (θ) + a2E2−4,X

θ (θ) , (7.3)

Etot
φ (θ) = a1(E1,X

φ (θ)− E3,X
φ (θ)) + a2(E2,co

φ (θ)− E4,co
φ (θ)) ,

= a1E1−3,X
φ (θ) + a2E2−4,co

φ (θ) , (7.4)

where the short-hand notation E1−3,co
θ (θ) is used for (E1,co

θ (θ)− E3,co
θ (θ)). The correc-

tion procedure is now based on solving the far-field components (7.3) and (7.4) for
optimal circular polarization at the required scan angle θ0. This is done by solving
the following set of linear equations:

Etot
θ (θ0) = a1E1−3,co

θ (θ0) + a2E2−4,X
θ (θ0) = 1 , (7.5)

Etot
φ (θ0) = a1E1−3,X

φ (θ0) + a2E2−4,co
φ (θ0) = j , (7.6)

in which the total field components have been normalized. Solving this set of linear
equations results in

a2(θ0) =
jE1−3,co
θ (θ0)− E2−4,X

φ (θ0)

E2−4,co
φ (θ0)E1−3,co

θ (θ0)− E1−3,X
φ (θ0)E2−4,X

θ (θ0)
, (7.7)

a1(θ0) =
1− a2(θ0)E2−4,X

θ (θ0)

E1−3,co
θ (θ0)

, (7.8)

which are the optimal complex excitation coefficients for obtaining perfect circular
polarization at the scan angle θ0. If a larger array has to be compensated, the same
calibration can be performed on a 2×2 sub-array level, using (7.7) and (7.8) for each
of the sub-arrays.

7.2.2 Experiment

Array design

In order to test this method, a 2×2 array of sequentially rotated dipoles was de-
signed. Figure 7.12 shows a photograph of the prototype. The dipole design is,
again, based on the antenna from Chapter 4. Here, however, it was printed on a
RO3003 substrate (thickness 0.5 mm) for this experiment, see [31]. For obtaining the
radiation pattern of a single element, one dipole was fed by a GSSG-probe via a dif-
ferential line. All other dipoles were matched via resistors into 100 Ω (specified up
to 20 GHz). Together with the long feed-lines of seven guided wavelengths and their
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Figure 7.12. Photograph of the fabricated 2×2 array consisting of sequentially ro-
tated dipoles.

associated loss, these elements can be considered as sufficiently matched. The mm-
wave antenna setup as described in [70] was then used to measure the normalized
gain pattern of the single element. The effect of the environment (e.g., the probe-
station) was reduced by employing time-gating. The measured gain patters of the
single element in its φ = 0◦ and φ = 90◦ planes are shown in Figure 7.13. Note that
the gain pattern for angles smaller than -40◦ in the φ = 90◦ plane is deteriorated due
to the probe that blocks the line-of-sight between AUT and the reference antenna.

Results

The measured axial ratio of the 2×2 array with and without calibration is shown in
Figure 7.14 for the case of scanning towards θ0 = 25◦. From this, it is apparent that
the AR is noticeably improved by applying the proposed calibration scheme and is
below 3 dB over a wide range around the scan angle. The required dynamic range
of the correction factors is within a ±3 dB range in this example. The frequency
dependence of the calibration factors was also investigated. It was found that the
AR is deteriorated with 2 dB for a frequency offset of 1 GHz as compared to the
calibration frequency. This corresponds to a bandwidth of approximately 3.2 %. An
initial study on amplitude and phase quantization effects was published in [77].
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shown in Figure 7.12 (normalized with respect to θ = 0◦).

Figure 7.14. Axial ratio with and without the proposed calibration scheme of the
antenna array from Figure 7.12 at 60 GHz and for a scan angle of 25◦ (the angular
range in which the ratio is smaller than 3 dB is highlighted).
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Figure 7.15. Conceptual drawing of the mm-wave front-end module with two inte-
grated BWAs.

7.3 Mutual coupling between bond-wire-antennas

The modular array concept and the sequential rotation technique, which were pre-
sented in Section 7.1 and 7.2, can be applied to the AiP concept from Chapter 4 and to
the AoC concept from Chapter 5. For the hybrid concept from Chapter 6, this method
is not as easily applicable since the antenna exhibits a gain minimum in the broadside
direction of the ground plane. However, this antenna type might still be of interest
for a multi-antenna system. As an example, Figure 7.15 shows a mm-wave front-end
module with two integrated BWAs that are separated by a distance d. Such a config-
uration could, for example, be used to achieve a larger maximum gain, as proposed
by the authors of [53], to exploit advantages due to antenna diversity, or simply to
integrate transmitter and receiver on the same IC. In any case, the two BWAs will in-
fluence each other’s radiation pattern and input impedance due to mutual coupling.
Therefore, the model from Section 6.2.2 is extended here, in order to determine the
changed current distribution on the wires for such a configuration.

7.3.1 Model extension

Due to the presence of a second antenna, the boundary condition (2.60) on each wire-
loop2 is now given by

n×
[
Escat.(r) + Einc.(r) + Ecoupl.(r)

]
= 0

∣∣
r∈S , (7.9)

2Note that the ground plane is again replaced by the image of the wires in the model.
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where Ecoupl.(r) was added to the equation to also account for the incident electric
field on the wire that originates from the other antenna. In analogy to the derivation
of the EFIE for a single loop, see Section 2.4.1, and assuming that both antennas are
identical, i.e., they have the same loop-radius and wire thickness, Equation (7.9) can
be formulated for BWA #1, see Figure 7.15, as

b Einc.(ϕ) · uϕ =
jη
4π

∫
ϕ′

Ka(ϕ−ϕ′)I1(ϕ
′)dϕ′ +

jη
4π

∫
ϕ′

Kd(ϕ−ϕ′)I2(ϕ
′)dϕ′ , (7.10)

with

Ka(ϕ−ϕ′) =

[
kb cos(ϕ−ϕ′) + 1

kb
∂2

∂ϕ2

]
e− jkbRb,a(ϕ−ϕ′)

Rb,a(ϕ−ϕ′)
, (7.11)

Kd(ϕ−ϕ′) =

[
kb cos(ϕ−ϕ′) + 1

kb
∂2

∂ϕ2

]
e− jkbRb,d(ϕ−ϕ′)

Rb,d(ϕ−ϕ′)
, (7.12)

in which Rb,a(ϕ−ϕ′) is identical to Rb(ϕ−ϕ′) as defined in Equation (2.77) and

Rb,d(ϕ−ϕ′) =

√
4 sin2

(
ϕ−ϕ′

2

)
+

(
d
b

)2

. (7.13)

In (7.10), the first integral on the right hand side describes the tangential electric field
in an observation point on BWA #1 that originates from the current distribution I1(ϕ′)

on the same antenna. This term is identical to the one used for the single loop BWA
from Chapter 4. The second integral in (7.10) describes the additional tangential elec-
tric field that originates from the current distribution I2(ϕ′) on the other antenna, i.e.,
BWA #2. Hence, this term represents the coupling mechanism. Since both loops are
assumed to be identical, the EFIE for the second loop is the same as (7.10), whereas
the current distributions I1(ϕ′) and I2(ϕ′) have to be interchanged.

The EFIE (7.10) and the corresponding EFIE of BWA #2 can be evaluated in the same
way as described in Section 2.4.2. The resulting MoM-matrix has the following form:

[Z̃] =
[ [

Z(1)
] [

Z(2)
][

Z(2)
] [

Z(1)
] ] , (7.14)

with
[
Z(1)

]
the MoM-matrix of the first integral in (7.10), which is identical to the

matrix [Z] for the single BWA, and
[
Z(2)

]
the MoM-matrix of the second integral in

(7.10), which can be evaluated in the same manner as shown in Section 2.4.2. The
amplitudes of the approximate current distribution [α(1)] and [α(2)] on BWA #1 and
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Figure 7.16. Photograph of the scaled prototype.

#2, respectively, are then given by

[α̃] = [Z̃]−1 [Ṽ] ,

[ [
α(1)

][
α(2)

] ] =

[ [
Z(1)

] [
Z(2)

][
Z(2)

] [
Z(1)

] ]−1
 [V(1)

][
V

(2)
]  ,

(7.15)

with
[
V

(1)
]

and
[
V

(2)
]

the excitation vectors due to the (magnetostatic frill) sources
at BWA #1 and #2, respectively.

7.3.2 Verification

In order to verify the model from the preceding section, the prototype shown in
Figure 7.16 was built. It consists of two copper wires with a wire-diameter of
2a = 0.6 mm. The wires were bent to exhibit a semi-circular shape with an approxi-
mate radius of b = 4 cm and were soldered onto a large copper ground-plane. One
end of each antenna was attached to a coaxial connector, such that a VNA can be
connected here. Moreover, an interchangeable middle section in the ground plane
allows the two antennas to be located at various distances d. For the measurements,
the interfaces between the individual ground-planes were covered with adhesive
copper-tape in order to achieve electrical continuity here. Figure 7.17 shows a com-
parison between the magnitudes of measured S-parameters of this prototype and
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Figure 7.17. Magnitude of S-parameters with respect to the reference impedance
Z0 = 50 Ω for different distances d, obtained with the model described in Sec-
tion 7.3.1, in comparison with the measurement results of the scaled prototype from
Figure 7.16.
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Figure 7.18. Simulated magnitude of the S-parameters for the BWA configura-
tion from Figure 7.15, with 2a = 25 µm and b = 870 µm, for different distances d
(Z0 = 75 Ω).

the results obtained with the model from the preceding section. A comparison be-
tween the measured and simulated phase terms for the shown cases is provided in
Appendix C. Since the cables that were used for the measurements were not phase-
stable, however, those plots are provided for completeness rather than for verifica-
tion purposes here. From the results shown in Figure 7.17, it can be concluded that,
besides a frequency offset of < 50 MHz, the results agree excellently. Since the fre-
quency offset is seen to be mainly caused by manufacturing tolerances, the model
can be concluded to be successfully verified.

7.3.3 60 GHz example

As shown in Section 7.3.2, the model from Section 7.3.1 can be used to predict the mu-
tual coupling between semi-circular loop-antennas over a large ground-plane. Since
the BWA configuration shown in Figure 7.15 can essentially be modeled as such a
configuration, see also Chapter 4, this model can also be used to predict the coupling
for this scenario throughout the mm-wave band. As an example, the magnitude of
the S-parameters (Z0 = 75 Ω) as well as the Z-parameters for two BWAs with a wire-
diameter 2a = 25 µm and a loop-radius b = 870 µm are provided in Figure 7.18 and
7.19, respectively.
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(a) d = 0.5 mm
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(b) d = 1.25 mm
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(c) d = 2.5 mm
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Figure 7.19. Simulated Z-parameters of the BWA configuration from Figure 7.15,
with 2a = 25 µm and b = 870 µm, for different distances d.
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7.4 Conclusions

In this chapter, a modular, scalable antenna array concept is proposed that exhibits
beam-steering capabilities and a high design flexibility. In particular, possible array
configurations for achieving linear and circular polarization were demonstrated and
tested by means of numerical simulations. Since the axial ratio for the proposed cir-
cularly polarized antenna array degrades for beams that are steered off broad-side,
however, a method was proposed that can compensate this effect. Finally, an exten-
sion of the BWA model from Section 6.2.2 was introduced that can be used to predict
the mutual coupling between parallel oriented BWAs. Especially a successful fabri-
cation and test of a modular array prototype at mm-waves as well as the verification
of the predicted BWA coupling shown in Figures 7.18 and 7.19 remain an open task
for future research.
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Chapter eight

Conclusions and recommendations

8.1 Conclusions

The goal of this thesis is to answer the question which of the three antenna integra-
tion technologies, i.e., AiP, AoC, or hybrid approach, is ultimately the best choice for
wireless consumer applications in the mm-wave band. For this, integration concepts
for each approach were developed based on state-of-the-art solutions. The proposed
concepts are individually presented in Chapters 4, 5, and 6, respectively. For each
concept, prototypes were manufactured and measured in order to verify their pro-
ducibility and simulated performance. Each of those concepts was concluded to be
feasible and highly competitive to respective state-of-the-art solutions. While de-
tailed conclusions for each integration concept are given in the individual chapters,
their simulated performances are used in this last chapter to come to a final con-
clusion, which is presented in the following section. Furthermore, conclusions with
respect to integrated mm-wave antenna modeling and measurements are presented
in Sections 8.1.2 and 8.1.3, respectively.

8.1.1 Technology choice

Table 8.1 provides the key figures of the individual antenna concepts with respect to
the 60 GHz antenna requirements from Chapter 3. From this overview, it becomes ev-
ident that the AiP and hybrid approach achieve the best radiation efficiency and one
might, therefore, regard them as better suited than the AoC approach. When com-
paring those two solutions with each other, the hybrid, consisting only of a bond-
wire, is expected to have a cost advantage over the AiP since standard packaging
can be used here. Moreover, the yield analysis presented in Section 6.4 indicates that
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Table 8.1. Overview of the integrated mm-wave antenna concepts from Chapters 4
to 6 with respect to the 60 GHz key requirements stated in Section 3.1.

concept size feed ηrad gain cost
[mm2] topology [%] [dBi] (relative)

AiP 15 differential 80 9.63 - 10.14 medium - high
(incl. interconnect)

AoC 1.02 differential 45 - 60 0.96 - 1.47 medium - high
AoC < 0.5 single-ended 30 - 47 - medium

Hybrid 2.56(a) single-ended 52 - 92 5.5 - 7.1 low
(model-dependent)

(a)The in-package antenna size was estimated as the square of the loop-diameter here, i.e., (2b)2.

BWAs are suitable for nearly the entire mm-wave band. And since typical PCB pro-
cesses do not exhibit a similar fabrication accuracy like wire-bonders, AiPs are not
expected to match the high yield performance of the hybrid at the upper end of the
mm-wave spectrum. On the contrary, the BWA exhibits a single-ended feed topol-
ogy and its design flexibility is limited to the choice of the wire thickness, length,
and shape. Therefore, especially at the lower and upper end of the spectrum, in-
package and on-chip antennas, respectively, might come into play again since they
offer a much higher design flexibility. Hence, a single low-cost integration technol-
ogy that is superior throughout the entire frequency band does not seem to emerge
from this consideration. Therefore, rather than trying to find the best compromise
of the three solutions, one should rather make use of the existing technology di-
versity and choose an approach that fits best to the given specifications of a target
application. For this, a general guideline with respect to the operating frequency is
provided in Figure 8.1, which is based on above considerations with respect to per-
formance and producibility of the individual antenna concepts. It shows that the AiP
approach is then considered to be the generally best suited technology for the lower
frequency range. At the upper end of the mm-wave spectrum, the AoC approach is
seen to be superior, which is also in line with the successful use of on-chip antennas
in the terahertz band, see, for example, [10]. The hybrid approach can then be under-
stood as a bridge-technology that comes into play when both other approaches turn
out to be insufficient.

The general recommendation from Figure 8.1 is a nice starting point for choosing
a suitable antenna technology. However, it does not state any general corner fre-
quencies at which one approach becomes superior to the others. For this, specific re-
quirements for the antenna would be necessary. Due to the vast amount of possible
applications throughout the mm-wave band, such definite transition points cannot
be given here. Furthermore, at a single frequency band with different application
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frequency

AiP hybrid AoC

Figure 8.1. General recommendation for antenna integration technologies in the
mm-wave band.

Table 8.2. Proposed technology choices for the three major application areas in the
60 GHz band, see Chapter 1.

concept application area

AiP HD video streaming and wireless Gigabit Ethernet,
file transfer (terminal side)

AoC file transfer (hand-held side)
Hybrid wireless interconnects

scenarios, even all three integration approaches may be a valid choice. As an exam-
ple for this, Table 8.2 shows the antenna concepts from Chapters 4 to 6 versus their
recommended application scenario for the 60 GHz band from Chapter 11. It clearly
shows a preference of a certain technology for a specific application. Note, how-
ever, that this does not mean that the other concepts are not feasible at all for those
applications.

Hence, as a final conclusion it can be stated that there is no single antenna integration
technology that meets the requirements of the consumer electronics market in the
entire mm-wave band. For the 60 GHz band in particular, however, it is advised here
to focus on the AiP approach since it offers the highest design freedom, excellent
antenna performances, and a potentially high yield.

1Detailed explanations why an antenna concept is particularly suited for the shown application
area are provided in the conclusions-sections of the respective antenna chapters.
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8.1.2 Antenna modeling

For the investigation of the integrated mm-wave antenna concepts as well as the de-
sign of their prototypes, extensive use of modeling tools was made. For this, mostly
the commercial tool Empire XCcel was used. Thanks to its FDTD-based approach
that can handle computationally large structures very efficiently, it has proven to be
excellently suited for such complex antenna systems. This statement is, for example,
supported by the high degree of agreement between the simulation and measure-
ment results.

Moreover, for the hybrid integrated mm-wave antenna concept from Chapter 6, a
dedicated, computationally efficient model was developed that is particularly suited
for statistical analyses. Furthermore, in order to compute the radiation pattern of an
antenna on a finite ground-plane, it was shown that the UTD can be used to incor-
porate the effect of diffraction at its edges and corners. For the prediction of mutual
coupling in a multi-antenna system, the modeling tool was extended to incorporate
the effect of a second antenna. In all cases, the results of the proposed model were
successfully verified by Empire XCcel or measurements. Therefore, this tool is seen
to be very useful as a low-cost supplement for IC design tools in IC or system design
houses that do not have access to commercial full-wave EM simulation software.

8.1.3 Millimeter-wave measurements

In the outline of this thesis, several prototypes were fabricated and measured in order
to validate their producibility and simulated performance. For the measurement of
the input impedance in particular, good agreements were achieved by the use of
a regular probe-station in combination with robust mm-wave probes, which were
landed at a sufficient distance away from the antennas. For this, the feed-lines of
the antennas had to be extended. In order to reduce the impact of measurement
uncertainties, those feed-lines were included in the simulation setup as well rather
than de-embedded from the measurements.

With respect to the radiation pattern measurements, good agreements were achieved
by, again, including all necessary details of the antenna prototype also in the simula-
tion setup. In some cases, even the probe-tip had to included. Moreover, a dedicated
setup, which is described in detail in Section 4.3, allowed the anechoic measurement
of normalized gain patterns of the AUTs. Here, special emphasize was placed on
the repeatability of the placement and probing of the AUT. Based on this setup, a
straightforward method to determine the antenna gain was proposed as well.

Finally, it was demonstrated in Section 4.4 that the differential antenna from Chap-
ter 4 can be characterized by a (single-ended) GS-probe without causing spurious
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radiation from the probe-tip or significant common-mode excitation.

8.2 Recommendations

8.2.1 Technology choice

In the outline of this thesis, the electric properties of the used materials were taken
from the respective datasheets of the material suppliers. However, those values are
usually not confirmed at 60 GHz. Therefore, they need to be properly characterized
in order to achieve a better prediction of the antenna concepts. Moreover, the proper-
ties of typical packaging materials, like molding compounds, have to be determined
as well. With this knowledge, suitable packaging concepts for the AoC and hybrid
approach can then be developed.

Another open task for the future is to determine the yield of the proposed integrated
antenna concepts. Although the input reflection coefficients of some AiP samples
were already measured and indicated a potentially high yield of this antenna design,
it does not prove the feasibility of this concept for high volume production yet. For
the AoC concept, the variations in the actual IC process may be very small, but in
combination with the die packaging the yield might be affected as well. Lastly, al-
though a first yield analysis of the BWA was conducted, a thorough investigation of
tolerances in the wire’s shape and the effect of packing have to be included as well.

The literature study for the AoC concept in Section 3.3 has shown that excellent
on-chip antennas can be fabricated when suitable post-processing steps are applied.
Therefore, the semiconductor industry is strongly encouraged here to investigate to
what extend such post-processing steps would be feasible to implement in their stan-
dard processing portfolio. Such an investigation is seen to be particularly valuable
since also other on-chip passive devices, like inductors, could greatly benefit from
such processes.

Finally, the feasibility of the modular antenna array concept, presented in Section 7.1,
needs to proven. For this, complete mm-wave front-end modules including antennas
need to be built. Those modules should then be used to construct several different
array configurations and sizes. For this, a suitable clock distribution network has to
be designed and the data signals from each individual front-end module need to be
combined as well. The latter could, for example, be done in the digital domain.
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8.2.2 Antenna modeling

With respect to the proposed BWA modeling approach, a thorough investigation of
the bond-pad model is advised since this is seen to be the cause of the deviation
between the radiation efficiency obtained with Empire XCcel and the model.

Furthermore, a mm-wave prototype of the mutual coupling experiment, presented
in Section 7.3, should be fabricated. The measurement results of this experiment can
then be used to gain further insights in the validity and boundaries of the proposed
modeling approach.

Lastly, the BWA-model from Chapter 4 and Section 7.3 is limited to semi-circular
wire-shapes. In order to increase the flexibility of the model and, thus, to provide
the antenna designer with more freedom, the model should be extended to arbitrary
wire shapes.

8.2.3 Millimeter-wave measurements

The conclusions, drawn in Section 8.1.1, are based on the findings and conclusions
of the previous chapters. Here, a strong emphasis is placed on the simulation re-
sults, which were mostly verified by measurements of fabricated prototypes. The
simulated radiation efficiency of the antenna concept could not be verified directly,
however. In order to be able to perform direct efficiency measurements, it is recom-
mended here to extend the radiation pattern measurement setup, described in Sec-
tion 4.3, to include complete hemispherical scans. By this, the total radiated power of
an antenna can be determined. Furthermore, the input power that is accepted by the
AUT has to be known for this, such that Equation (2.50) can be applied directly. This
input power can, for example, be measured with a power meter or by a measurement
of a reference antenna with known efficiency. For this, a standard gain horn could be
used, for which the radiation efficiency may be assumed to be 100 %. The resulting
accuracy of this assumption remains to be shown, however.

Furthermore, the radiation pattern of the on-chip BWA could not be measured since
the probe could not be adequately landed on the on-chip bond-pads. Therefore, the
radiation pattern measurement setup needs to be extended to allow the probe to be
tilted around its longitudinal axis.

Finally, as mentioned in Section 8.1.3, it was demonstrated that a differential antenna
can be characterized by a (single-ended) GS-probe. Using such a probe appears to be
easier since no balun is required. However, it remains to be investigated whether this
probe can be used for any differential antenna type or, if not, under what conditions
this method is a legitimate choice.



Appendix A

Derivation of the magnetostatic frill
source model

A.1 The electric vector potential

The electric vector potential due to an arbitrary magnetic current distribution M(r′)
is given by Equation (2.30). For a magnetostatic current loop

M(r′) = M0uϕ′ = const. (A.1)

that is concentric with the z-axis with radius r1 and lying in the xy-plane (z = 0),
(2.30) simplifies to

F(r) =
M0

4π

∫ 2π

0

cos(ϕ−ϕ′)uϕ + sin(ϕ−ϕ′)ur√
r2 + r2

1 − 2rr1 cos(ϕ−ϕ′) + z2
r1dϕ′ . (A.2)

The r-component of the vector potential

Fr(r) =
M0

4π

∫ 2π

0

r1 sin(ϕ−ϕ′)√
r2 + r2

1 − 2rr1 cos(ϕ−ϕ′) + z2
dϕ′ , (A.3)

=
M0

4π

[
−1

r

√
r2 + r2

1 − 2rr1 cos(ϕ−ϕ′) + z2

]2π

0
, (A.4)

= 0 , (A.5)

vanishes such that one is left with theϕ-component

Fϕ(r) =
M0

4π

∫ 2π

0

r1 cos(ϕ−ϕ′)√
r2 + r2

1 − 2rr1 cos(ϕ−ϕ′) + z2
dϕ′ , (A.6)
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which is not as straightforward to solve. However, since the magnetic current is con-
stant, the field radiated by the loop is not a function ofϕ and, thus, any observation
angle can be chosen [14]. Here,ϕ = π is chosen, which results in

Fϕ(r) =
M0

4πr

∫ 2π

0

rr1 cos(π −ϕ′)√
r2 + r2

1 − 2rr1 cos(π −ϕ′) + z2
dϕ′ , (A.7)

where the integrand was also multiplied by the factor r/r = 1. Furthermore, the
integration range can be halved according to

Fϕ(r) =
M0

4πr

∫ π

0

2rr1 − 2rr1[1 + cos(ϕ′)]√
r2 + r2

1 − 2rr1 + 2rr1[1 + cos(ϕ′)] + z2
dϕ′ . (A.8)

Here, the term 2rr1 - 2rr1 = 0 was added to the numerator and inside the square-root
in the denominator. Now, the following substitution:

ϕ′ = 2ψ′ , (A.9)

dϕ′ = 2dψ′ , (A.10)

can be applied, which leads to

Fϕ(r) = 2
M0

4πr

∫ π/2

0

2rr1 − 4rr1 cos2(ψ′)√
r2 + r2

1 − 2rr1 + 4rr1 cos2(ψ′) + z2
dψ′ , (A.11)

=
M0

2πr

∫ π/2

0

2rr1 − 4rr1[1− sin2(ψ′)]√
r2 + r2

1 − 2rr1 + 4rr1[1− sin2(ψ′)] + z2
dψ′ , (A.12)

=
M0

2πr

∫ π/2

0

−2rr1 + 4rr1 sin2(ψ′)√
r2 + r2

1 + 2rr1 − 4rr1 sin2(ψ′) + z2
dψ′ , (A.13)

=
M0

2πr

∫ π/2

0

−2rr1 + 4rr1 sin2(ψ′)√
(r + r1)2 + z2 − 4rr1 sin2(ψ′)

dψ′ . (A.14)

Now define

Rm,1 =
√
(r + r1)2 + z2 (A.15)

β1 =

√
4rr1

Rm,1
(A.16)
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to write

Fϕ(r) =
M0

2πr

∫ π/2

0

−R2
m,1β

2
1/2 + R2

m,1β
2
1 sin2(ψ′)√

R2
m,1 − R2

m,1β
2
1 sin2(ψ′)

dψ′ , (A.17)

=
M0Rm,1

2πr

∫ π/2

0

−β2
1/2 +β2

1 sin2(ψ′)√
1−β2

1 sin2(ψ′)
dψ′ , (A.18)

=
M0Rm,1

2πr

∫ π/2

0

1−β2
1/2− (1−β2

1 sin2(ψ′))√
1−β2

1 sin2(ψ′)
dψ′ , (A.19)

=
M0Rm,1

2πr

∫ π/2

0

1−β2
1/2√

1−β2
1 sin2(ψ′)

−
√

1−β2
1 sin2(ψ′)dψ′ , (A.20)

=
M0Rm,1

2πr

[(
1− β

2
1

2

)
K(β1)− E(β1)

]
, (A.21)

with K(β1) and E(β1) the complete elliptical integral of the first and second kind,
respectively, which is consistent with Equation (7) in [11] beside an additional factor
of 1/2π .

A.2 Generated electric fields

The electric fields that are generated by the magnetostatic frill source can now be
calculated by using (A.21) in (2.31), which yields

E(r) = −∇× F(r) =
∂Fϕ(r)

∂z
ur −

1
r

∂ (rFϕ(r))
∂r

uz ,

=
∂Fϕ(r)

∂z
ur −

1
r

Fϕ(r)uz −
∂Fϕ(r)

∂r
uz . (A.22)

In order to evaluate (A.22), the following derivatives are required:

∂Fϕ(r)
∂z
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M0

2πr
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1− β

2
1

2

)
K(β1)− E(β1)
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, (A.23)
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For re-writing Equation (A.23), the following set of derivatives is needed:

∂Rm,1

∂z
=

z
Rm,1

, (A.25)

∂β1

∂z
=
−zβ1

R2
m,1

, (A.26)

∂K(β1)
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∂K(β1)

∂β1

∂β1
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1)K(β1)
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1
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, (A.27)

∂E(β1)

∂z
=

∂E(β1)

∂β1

∂β1

∂z
= (E(β1)−K(β1))

−z
R2

m,1
. (A.28)

where the derivatives of the complete elliptic integrals from reference [80] have been
used1. Similarly, Equation (A.24) contains

∂

∂r

(
Rm,1

r

)
=

r(r + r1)− R2
m,1

Rm,1r2 , (A.29)
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Now, by simply inserting Equations (A.25) to (A.28) in (A.23), one obtains
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=
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K(β1)−
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1
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1)
E(β1)

}
, (A.35)

1Note that z = β2
1 is used in the reference and needs to be re-substituted. Furthermore, the results

have then to be multiplied by the factor ∂z/∂β1 = 2β1 in order to account for the different derivation
parameter.
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Inserting Equations (A.29) to (A.32) in (A.24) yields
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∂Fϕ(r)
∂r

=
M0

2πRm,1

{
K(β1)

[
1−

(
1− β

2
1

2

)
R2

m,1

r2

]
+

E(β1)

[
R2

m,1

r2 +
r2

1 − r2 − z2

(r− r1)2 + z2

]}
. (A.41)

Finally, the electric fields are then given by
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Comparing (A.43) to Equation (8a) and (A.46) to Equation (8b) in [11] shows that
there is a discrepancy of a factor of (-1/2) in both cases.
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Figure B.1. AiP from Chapter 4 (co-polarization).
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Figure B.2. AoC in measurement package from Chapter 5 (co-polarization).
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Figure B.3. BWA versus simplified model from Chapter 6 (co-polarization).
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Figure C.1. Phase angles of the S-parameters shown in Figure 7.17.
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