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Summary

Modern electronic equipment is more and more based on high-speed digital logic. Electrical
disturbances from outside the equipment may couple in, predominantly via the attached
cables. On the other hand, the high-speed signals inside the device leak partially to the
outside environment via the same cables. The relevant coupling mechanisms are analyzed
by electromagnetic compatibility (EMC) methods. The goal of the EMC research, described
in this thesis, is to study the coupling from a printed circuit board (PCB) to its cables and
the environment and to study the crosstalk on the board; by theoretical and experimental
methods. The calculations are compared with extensive measurements throughout the the-
sis. The linear electromagnetic couplings are described by a transfer impedance; the transfer
impedance links the disturbing currents and the voltages induced by those currents.

A common-mode (CM) current through a cable may couple into the equipment via the
transfer impedance of the connector. In this thesis a new, rapid, and sensitive workbench
setup is presented to determine the transfer impedance of connectors.

The generation of a CM current by the differential-mode (DM) circuits on a PCB can
also be described by a generalized transfer impedance. The CM circuit is formed by the
ground plane of the PCB, a large metallic plane in the vicinity of the PCB, and the cable
modeled as a 150 Ω impedance. The coupling or crosstalk from one DM circuit on a PCB
to another DM circuit is also given by a transfer impedance; the current distribution in the
ground plane is important for this coupling. For low frequencies, i.e. when resonances do
not show up, simple analytical expressions for the transfer impedances are given. These
expressions are valuable to estimate the EMC properties of PCB’s. The high-frequency
models are based on transmission-line (TL) theory; approximations for the TL parameters
considerably speed up the computations.

The rapid and efficient TL method with the analytical expressions can in principle be
incorporated into a PCB design program. Such a program should generate warnings when
a layout results in a too large CM current.
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Samenvatting

Moderne elektronische apparatuur bevat tegenwoordig steeds meer snelle digitale elektro-
nica. Elektrische storingen van buiten de apparatuur koppelen hoofdzakelijk via de kabels
in. Anderzijds zal een gedeelte van de snelle signalen binnen in het apparaat via dezelfde
kabels naar buiten koppelen. In het vakgebied elektromagnetische compatibiliteit (EMC)
worden de relevante koppelingsmechanismen geanalyseerd. Het EMC-onderzoek beschreven
in dit proefschrift heeft als doel de bestudering van de koppelingen tussen een printplaat
(Engels: Printed circuit board, PCB) en zijn omgeving enerzijds en de koppelingen op de
PCB zelf anderzijds. De analyse is gebaseerd op theorie en experimenten; de berekeningen
en de ontwikkelde modellen worden in dit proefschrift geverifieerd aan vele metingen. De
lineaire elektromagnetische koppelingen worden gegeven door een transferimpedantie. Deze
transferimpedantie geeft het verband tussen de stoorstromen en de gëınduceerde spanningen
veroorzaakt door deze stromen.

Een common-mode (CM) stroom door een kabel koppelt o.a. via de transferimpedantie
van de connector in. In dit proefschrift wordt een nieuwe, snelle en gevoelige meetopstelling
gegeven ter bepaling van de transferimpedantie van connectoren.

Signaalstromen door de sporen van differential-mode (DM) circuits op een PCB met een
continu aardvlak wekken via een gegeneraliseerde transferimpedantie een stoorstroom op
in het CM-circuit. Dit CM-circuit wordt gevormd door het aardvlak, een groot metalen
vlak in de nabijheid van de print en een kabel gemodelleerd als een 150 Ω impedantie.
De koppeling of overspraak van een DM-circuit op de print naar een ander DM-circuit
kan eveneens beschreven worden met een transferimpedantie; de stroomverdeling in het
aardvlak is zeer belangrijk voor deze overspraak. Eenvoudige analytische uitdrukkingen
voor de transferimpedanties worden gegeven en zijn geldig zolang geen resonantie-effecten
optreden. Dit houdt in dat deze uitdrukkingen geldig zijn voor lage frequenties en waardevol
zijn voor een schatting van de EMC eigenschappen van PCB’s. Berekeningen voor hoge
frequenties worden uitgevoerd m.b.v. een transmissielijn-model (TL); benaderingen voor de
TL parameters verhogen de snelheid van de berekeningen aanzienlijk.

De snelle en efficiënte TL methode met analytische uitdrukkingen kan in principe gëım-
plementeerd worden in een PCB ontwerp-programma. Het programma dient te waarschuwen
als een layout tot een te grote CM-stroom zal leiden.
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Chapter 1

Introduction

Electrical and electronic equipment generally emits electromagnetic (EM) fields and is sus-
ceptible to external fields. The goal of electromagnetic compatibility (EMC) is (i) to limit
the emission of the equipment which should not pollute the environment excessively and (ii)
to increase the immunity threshold of equipment. In short EMC should ensure the reliable
operation of equipment. According to the IEC (International Electrotechnical Commission),
EMC is defined by [IEC90, Section 161-01]

the ability of an equipment or system to function satisfactorily in its electromag-

netic environment without introducing intolerable electromagnetic disturbances

to anything in that environment.

Digital electronics and computers penetrate our society and our economy more and more.
The trend of increasing speed of computer hardware and of complexity of the software
seems to have begun in earnest. Unfortunately, the increasing speed of (digital) electronics
also results in more troublesome EM fields. Furthermore, the submicron technologies on
integrated circuits (IC’s) require a lower supply voltage of digital logic; approximately 1 Volt
in the near future [Dav95]. As a result the noise margin of digital logic decreases; the IC’s
become more susceptible to external disturbance.

To analyze the emission and immunity problems, some tests have been proposed which
more or less represent the actual EM environment. Since January 1996 all electrical equip-
ment put on the European market must satisfy statutory requirements [EEC89]; compliance
with the tests and associated standards is one way to meet these requirements. To overcome
the emission/immunity problem, a basic knowledge of EMC is necessary; for text books on
EMC see e.g. [Ott88, Goe92, Pau92a, Wil96]. These books also give a brief description of
the European [Wil96] and American [Pau92a] test methods and standards.

Earlier studies at the Eindhoven University of Technology focused on grounding struc-
tures and current flow [Laa87, Hou89, Laa93, Hel95]. The approach turned out to be suc-
cessful to overcome many practical EMC problems of different complexity and physical size,
e.g. from TV electronics to a nuclear plant.

The disturbance current flows in a closed loop (see also Fig. 1.1) and generates interfer-
ence voltages at the terminals of sensitive equipment. These terminals may be the signal
inputs of a device, as well as the power-supply input(s) or the signal outputs of that device.
The ratio of the interference voltage at a terminal and the disturbance current is denoted by
the term transfer impedance Zt; the fields are assumed weak enough to avoid non-linearity
effects. Essentially the method relies on a reduction of Zt. Note that the transfer impedance
remains meaningful at high frequencies if the disturbance current is considered at the right
location.
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The counterpart of the transfer impedance is the transfer admittance Yt defined as the
ratio of the current to a terminal caused by a disturbing voltage. For open structures such as
Printed Circuit Boards (PCB’s), Yt must be included in order to correctly describe capacitive
and thereby also resonance effects. We incorporate the current generated by the electrical
field into a total transfer impedance ZT (closely related to the effective transfer impedance
ZTE, see [Hal92]); again ZT is the ratio of the interference voltage at a terminal and the
disturbance current.

In this thesis we will apply the ZT concept to multilayer printed circuit boards with one
continuous ground plane GP. The tracks and the ground plane of the PCB’s in electronic
systems interconnect the devices or components on the board (see Fig. 1.1). The tracks
and the devices form closed loops for the signal currents, a fact which is forgotten by some
designers who assume that the currents through the tracks are dumped in a mysterious
‘ground’. In EMC terminology the closed signal loops are called the differential-mode (DM)
circuits. Cables between PCB’s or apparatus are primarily intended to transport DM signals.
However, each cable is also a part of a larger circuit which closes via the environment of
the PCB (parasitic capacitances in Fig. 1.1) or via ground leads; the large metallic plane
below GP in Fig. 1.1 is often a nearby cabinet panel, e.g. in a computer. The current in
this circuit is a net current through the cable, the common mode (CM) current in EMC
terms. Because of their length, the cables act as efficient antennas for the CM currents, often
producing more emission than the PCB itself. This fact is the basis of precompliance EMC
tests for emission and immunity; CM currents are measured or injected in cables attached
to apparatus or (sub)systems.

DM-circuit

CM-circuit

GP

Figure 1.1. Differential-mode (DM) and common-mode (CM) definition. The CM current path

closes via the ground plane (GP), the cable shield, the parasitic capacitances and the metallic

plane below GP.

In addition to the DM-CM and CM-DM coupling, the on board coupling or crosstalk is
important from a signal integrity point of view. The current distribution in the GP generated
by the DM current through a signal track gives fundamental insight in the crosstalk process
and can be used to find the DM-DM transfer impedance ZT (DM-DM).

Our main objective is to study the coupling from DM circuits to the CM circuit and
vice versa. The coupling from the tracks often dominates the one from the components. By
means of the CM-DM transfer impedance ZT (CM-DM) we find the voltage induced over a
sensitive terminal on the PCB as a result of the injected CM current. This CM current also
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flows through the shield of the connector attached to the cable. Therefore, the ZT of the
connector and the cable must also be considered, although for a good connector correctly
mounted on the board, the ZT (CM-DM) of the board will be greater than the ZT of that
connector.

In chapter 2 a new small and inexpensive workbench setup is given to measure the
transfer impedance of shielded connectors. Chapter 3 continues with the couplings from
a multilayer PCB to the environment and concentrates on the CM current caused by DM
currents through the tracks on the board. A practical rule-of-thumb will be given for the
maximum permissible CM current. The developed models and calculations are verified by
measurements. The crosstalk and the current distribution in the ground plane are studied in
Chapter 4; the theory is again verified by measurements. The investigations in this chapter
indicated the importance of the indirect DM to CM to DM coupling, i.e. a DM current
induces a current in the CM circuit formed by the GP and return path far away, this CM
current in turn induces a disturbing voltage in another DM circuit on the board. The models
of Chapters 3 and 4 are well suited for implementation already during the design phase of
a product. In Chapter 5 we describe briefly how a possible implementation could be done
in practice.

A major part of this thesis has been published earlier as EUT (Eindhoven University of
Technology) reports [Hor96a, Hor97a]. These reports showed the chronological progress of
the work. The two reports were later rewritten as two articles which have been submitted
to the IEEE Transactions on Electromagnetic Compatibility; Chapters 3 and 4 give these
papers where the numbering of sections etc. has been changed in order to conform to the
format of this thesis and where some text has been slightly changed. Chapter 2 presents
the research performed for Berg Electronics; the contents of this chapter has been accepted
for publication in the IEEE Transactions on Electromagnetic Compatibility.
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Chapter 2

A rapid method for measuring the transfer

impedance of connectors

Abstract

An inexpensive, simple, and sensitive workbench setup has been developed to de-

termine the transfer impedance ZT of shielded connectors. The injection current is

measured by an inductive sensor integrated in the setup. The induced voltage is deter-

mined by a spectrum/network analyzer. The overall sensitivity is 3 µΩ; the frequency

range is up to 1 GHz. No special calibration samples are needed. As a demonstration

the ZT is measured for both a coaxial tube with a small hole in the shield which pro-

vides a mutual inductance of 0.1 pH, and for some common connectors. Improvements

in the design of the shield of a telecommunication connector are presented.

2.1 Introduction

The quality of a shielded connector can be characterized by a transfer impedance ZT . See
Szentkuti [Sze92] for a short overview of the ZT concept applied to cables and connectors
and Halme [Hal92] for an overview of several methods in accordance with standardization
documents. Commonly used are the matched-triaxial method and the line-injection method,
see also [Hal92, Sze92]. These methods are not well suited to quickly judge improvements
in the prototype of a small high-frequency (HF) connector under development, since the
construction of the setup is time consuming. The primary incentive of this work was the
need for a rapid, simple, accurate, and sensitive method to judge changes in prototypes
of small shielded twin lead telecommunication connectors which can be stacked into large
arrays on printed circuit boards [Hor96c]; the requested upper frequency was 1 GHz.

Figure 2.1 shows a schematic side view and top view of our setup. A common-mode
current ICM is injected from the left into the shield of the connector under test (DUT). The
current path continues in a folded plate (1 mm brass) which acts as an inductive current
sensor (via the flux through the hatched surface), and returns via the brass base plate of
the setup.

In our setup both the common-mode current ICM over the connector shield and the
resulting differential-mode voltage VDM generated between the inner lead and the shield are
measured directly. The transfer impedance ZT follows from the relation

ZT =
VDM

ICM

. (2.1)

A patent for this method has been filed.
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-measuring cable
DUT

current
sensor

-measuring cable
brass plate

N-conn.

(RG214)
(1 mm thick)

h

SC

N-conn.

15 mm

movable

ICM

VDM

Vs

VDM

I

50

A

bd

l2

l1

(a)

(b)

termination
wire of sensor

Figure 2.1. a) Schematic side view of the setup; the horizontal and vertical dimensions

are not proportional for clearness. The current ICM generated by the tracking generator of a

spectrum/network analyzer, is injected at the left and flows through the shield of the connector

(device) under test (DUT); the generator is protected by the 50 Ω series resistor between two

N-connectors (see also Figs. 2.4 and 2.5). The injection current returns through the inductive

current sensor (flux in the hatched area) and the base plate. The inner conductor(s) of the DUT

is (are) shorted to the shield at the left (SC). A short coax cable with low ZT (e.g. semi-rigid)

carries the generated differential-mode signal VDM to the measuring equipment (see also the

perspective view in Fig. 2.4). The current sensor output Vs is also measured by the network

analyzer. b) Top view of the sensor, with dimensions b, d, l1, and l2.

The sensitivity of the current sensor can be calculated from the dimensions or can be directly
measured (Section 2.2); this has to be done only once. Test connectors are easily exchanged.
No matching impedances, or estimates of injection losses are required as in the triaxial or
line-injection method.

Due to the proximity of the base plate, the current distribution over the DUT is con-
centrated at the lower part of the shield; as in the line-injection method where the current
concentration is even more pronounced. In the triaxial setup the injected current is homo-
geneously distributed over the connector shield. However, even there a rectangular cross-
section of the DUT causes ICM to concentrate at the edges. The line-injection method and
the triaxial method can be regarded as extreme cases concerning their ICM distribution; the
method we propose is an intermediate case. The ZT ’s obtained by the three methods, or at
different orientations in a single setup, can be compared, but only with great care.

Our method measures directly ZT up to 1 GHz, if the total length between point A and
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the rightmost end of the current sensor is smaller than about 3 cm (see Fig. 2.1). For larger
lengths, higher frequencies or materials with larger relative permittivity εr, wavelength
effects become prominent (see also Section 2.3 at the end). At still higher frequencies
resonances show up [Hal88, Sze92]. To avoid these effects, the circuits for current and
voltage measurement must be terminated properly; Eicher and Boillot [Eic92] measured
ZT ’s of cables up to 20 GHz by means of the (matched) line-injection method. Nevertheless,
our method suits relative measurements very well since often improvements in the shield of
a connector can already be seen below 1 GHz, and will remain effective in the multi-GHz
range.

Details of the current measurement are discussed in Section 2.2. An EMC cabinet around
the setup reduces interference in the measuring equipment. A tube with a small hole [Hoe88,
Hoe91] demonstrates both the correct operation (Section 2.3) and the high sensitivity of a
few µΩ. Results for single or multi-pin connectors are shown in Section 2.4, in terms of
relative or absolute measurement of ZT .

All measurements were performed with an HP4396A spectrum/network analyzer with
two low-noise inputs (0.13 µV or -125 dBm at 10 Hz bandwidth), a reference input and a
tracking generator output (+20 dBm). For the calibration a 300 kHz-1.82 GHz S-parameter
set was used.

2.2 Current sensor and actual setup

The inductances in the circuit model of Fig. 2.2a represent the current sensor (flux area
hatched in Fig. 2.1a) with mutual inductance M

M ≈ µ0
l2h

b− d
ln

l2

l1 + d
b
(l2 − l1)

, (2.2)

in which h the height of the sensor (Fig. 2.1). The output impedance of the sensor, seen at
the N-connector, is a self inductance L. In the Z-representation [And67] of Fig. 2.2b the
impedances are Z21 = jωM and Z22 = jωL. The injected current follows from the relation

ICM =
R + jωL

jωMR
Vs, (2.3)

where Vs is the measured voltage from the sensor and R represents the 50 Ω characteristic
termination of the sensor cable at the network analyzer. The inductances M and L are
characteristics of the sensor only and have to be determined once. The impedance Z11 in
Fig. 2.2b depends on the layout of the injection circuit and includes the 50 Ω protection
resistor; Z11 does not influence the current measurement as it merely presents an additional
load to the generator.

A typical sensor had dimensions l1 = 5 mm, l2 = 15 mm, b = 50 mm, d = 10 mm, and
h = 4 mm (see Fig. 2.1). The impedances Z21 and Z22 were measured with an S-parameter
set (Fig. 2.3, see also [Hor96c]); for this measurement the 50 Ω protection resistor was
removed.

We obtained L = 5 nH and M = 1.56 nH, in good agreement with Eq. (2.2) which gave
M = 1.4 nH. For other current sensors, the maximum deviation in M was ±20 percent.

The length of the sensor is maximally 1.5 cm. If the total length of the DUT and the
sensor is less than approx. 3 cm, transmission-line (TL) effects can be neglected up to 1 GHz
in the CM circuit. The wave impedances of the connector and of the VDM -measuring cable
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Figure 2.2. a) Schematic diagram of the ZT measurement setup shown in Fig. 2.1. The

internal conductor is short circuited (SC) against the shield at injection side. The common-

mode current ICM is measured by means of a current sensor represented by the two coils.

The differential mode voltage VDM generated is measured directly. b) Z-representation of the

sensor.

(terminated into 50 Ω) are generally not matched. However, for a DUT of 1.5 cm length
with a standard dielectric such as teflon (εr = 2.25), TL effects can be neglected up to
1 GHz. This was verified by experiments. High εr materials may require a closer look.

We first tested the open setup of Fig. 2.1a without any test connector. The current
injection pin (A in Fig. 2.1a) was directly connected to the sensor. A short circuited DM-
measuring cable (double braid RG223) was also connected there. All cables between the
setup and the network analyzer were about 0.5 m long. With this open structure, the
injection current generated a CM current over the cables. The resulting DM voltage at
the network analyzer was mostly due to the transfer impedance of the input modules of
the analyzer. The overall ZT was dominantly inductive, equivalent to 0.4 pH or 2.5 mΩ at
1 GHz. This open setup still allows to test connectors with appreciable M .

To lower the ZT threshold, the setup was placed in a brass EMC box (Fig. 2.4); a com-
mercial steel lid was in good contact with the box. The shields of both the current injection
input and the VDM cable were connected to the box wall over 360o. This compromised the
flexibility in mounting samples of different length, but reduced the remaining coupling to
less than or equal to the noise level of the analyzer, corresponding to a |ZT | of 3 µΩ. A
ferrite ring around the VDM cable inside the box ensured correct operation of the current
sensor. A single ring (TR/TRCN-28-16-20) provided a sufficiently high impedance compared
to the current sensor over the whole spectral range. This was experimentally demonstrated
by a small inductive loop (5 mm × 10 mm) near the N-connector tube (Fig. 2.5) which
measured the current through the cable there. With a ferrite ring the current through the
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cable was less than -28 dB of the CM current through the tube. Without ring this ratio was
about -11 dB; even this resulted in an error of only 27 percent or -11 dB in the CM current
measurement.

As another solution which retains the full flexibility of sample mounting, one could install
a second ferrite ring around the injection connector and omit the 360o connection of the
cable shields. This was not investigated in full detail.

2.3 Test of the setup

We tested the setup in the EMC-box with a DUT made of a solid walled brass tube around
a central conductor, and a similar tube with one hole as in Fig. 2.4, or several holes in a row;
for a side view see Fig. 2.5. The characteristic impedance formed by the central conductor
and the inner tube-wall was 50 Ω. The tube parameters were: length lt = 3 cm, conductivity
σ = 1.43 · 107 Ω−1m−1, inner radius ri = 5 mm and wall thickness t about 100 µm which
slightly varied over the circumference due to machining problems. The single hole radius,
rh, varied between 0.5 and 2 mm. In this section we only consider the HF part of ZT , for
the low frequencies see [Hor96c].

The measured and calculated ZT ’s for a solid walled tube are given in Fig. 2.6. For a
homogeneous current distribution the ZT is given by [Kad59, Eq. (L.25)]

ZT = RDC
kt

sinh kt
, (2.4)

where RDC = lt/2πσrit is the d.c. resistance, k = (1 + j)/δ, and δ =
√

2/ωσµ0 the skin
depth. Measurement and calculation correspond well; |ZT |’s down to approx. 3 µΩ can be
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Figure 2.4. Perspective drawing of the sensor and tube with a hole as DUT in an EMC-box

(1 mm brass plate, dimensions 120 × 65 × 61 mm3); see Fig. 2.5 for a side view. The box is

closed by a standard galvanized steel lid with springs around the perimeter. The 50 Ω resistor is

placed between two standard N-connectors; the shields of these connectors were interconnected

by a short brass tube around the resistor. The shield of the VDM cable was also connected over

the full perimeter with the box. The ferrite ring around the cable provides a high impedance

for the common-mode current.

measured in a single spectral scan of the network analyzer.
In Fig. 2.6 we also present the transfer impedances of a tube with a rh = 0.5 mm hole at

position 1 (Fig. 2.5, hole down) and 2 (hole up). For high frequencies the inductive coupling
through the hole becomes dominant. Since the sensor presents a low impedance path for the
CM current, the electric field is small around the hole and we may neglect the capacitive
coupling. Kaden [Kad59, Eq. (H.188)] gives the mutual inductance Mh caused by a hole:

Mh =
µ0r

3
h

3π2r2
i

. (2.5)

Two corrections apply in our case:
a) The proximity of the base plane increases the magnetic field strength under the tube; this
results in a larger mutual coupling when the hole is at position 1, and a smaller coupling
at position 2. In case of a very wide base plane, neglecting the upright walls or lid, image
theory yields the exact field amplification A1 at position 1 [Ses71, Section 7.3]

A1 =
ht + ro
√

h2
t − r2

o

, (2.6)

where ht is the distance between the axis of the tube and the base (Fig. 2.5) and ro = ri + t
the outer radius of the tube. The field amplification factor equals A1 = 1.36 in our setup
with ht = 17 mm and ro ≈ 5.1 mm. The field attenuation at position 2 is the inverse of
this expression.
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Figure 2.5. Side view of the test connector (Fig. 2.4) in the EMC box. The VDM -measuring

cable (see also Fig. 2.1) is connected over its full perimeter to the outside of the box (point C);

the N-connector tube is connected to the cable. The inductive loop at the right side in the box

of length 5 mm and height 10 mm is terminated into an SMA connector at the outside.

b) For small radii rh, the finite wall thickness also reduces Mh. This so called ‘Kamin
dämpfung’ (chimney attenuation) is approximately given by [Kad59, Eq. (H.171)]

A2 ≈ e
−1.84 t

rh , (2.7)

valid for t/rh > 0.5. In a more detailed analysis, McDonald [Don72] obtained a reduction of
approximately 16 percent for the magnetic dipole moment which describes the field inside
the tube; or, A′

2 = 0.84A2. A wall thickness t = 0.12 mm results in A′
2 = 0.64 for a

1 mm hole (rh = 0.5 mm). For the 4 mm wide hole, Eq. (2.7) is not valid, and A′
2 can be

taken equal to unity. Summarized, the mutual inductance M1 = A′
2/A1 (hole down) and

M2 = A′
2A1 (hole up), in which A′

2 = 1 for the 4 mm wide hole.

Table 2.1. Measured (m) and calculated (c) mutual inductance for radii 0.5, 0.8, and 2 mm.

The positions 1 (hole down) and 2 (hole up) are indicated by subscript 1 and 2. The mutual

inductance Mh is given by Eq. (2.5), M1 = MhA′
2/A1, and M2 = MhA′

2A1, in which A′
2 = 1

for the 4 mm wide hole.

rh [mm]/ Mh [pH] M1 [pH] M2 [pH] M1/M2

t [mm] m c m c m c

0.5/0.12 0.20 0.18 0.15 0.08 0.08 2.2 1.85

0.8/0.12 0.84 0.97 0.72 0.48 0.39 2.0 1.85

2.0/0.15 13.05 17.50 17.75 7.96 9.60 2.3 1.85

Table 2.1 presents the mutual inductances Mh for both positions and different hole radii;
these values were obtained in the frequency range 100-300 MHz. All measured and calculated
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text.

M values agree to within 25 percent. The largest deviations occur for the smaller holes. In
our opinion this is mainly due to the uncertainty in A2.

Practical connectors have often much larger ZT ’s than those discussed up to now. There-
fore, we also tested the setup for a tube with three 4 mm wide holes facing down and three
4 mm wide holes facing up; the distances between the holes were 8 mm. The theoretical
inductive mutual coupling equals 82.05 pH (= 3 ·(M1 +M2) = 3 ·(17.75+9.6)); this coupling
is equivalent with a |ZT | of approx. 0.5 Ω at 1 GHz. The measured M was 85 pH, in a good
agreement with the calculation; no direct interaction between the holes was assumed.

At 1 GHz the measured ZT (hole up) is 6 dB lower than the calculated transfer impedance
(dotted straight lines in Fig. 2.6). Since the total length of our tube and connector is approx.
5 cm, TL effects showed up. In an analysis we represented the tube by a 3 cm long TL with
characteristic impedance Z0 = 60 arccosh(ht/ro) = 112 Ω terminated with a (estimated) self
inductance Ls ≈ 15 nH seen at point B (Fig. 2.5), the connection of the tube to the sensor;
the source was modeled by an ideal voltage generator with impedance 100 Ω (50 Ω of the
tracking generator in series with the 50 Ω protecting resistor). The current Is through Ls

was at 1 GHz 3 dB larger than the current half way the TL, at the hole.
Figure 2.6 also shows the calculated (- - -) ZT above 300 MHz corrected for the above

mentioned TL effect. In practical situations the inaccuracy in ZT due to this transmission-
line effect is negligible up to 1 GHz. Therefore, no further investigations were carried out
in order to describe the small differences (less than approx. 3 dB) between the theoretical
and measured ZT ’s.

The present setup measures transfer impedances down to 3 µΩ. This lower limit could
further be reduced by averaging multiple scans of the network analyzer, or by using a power
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amplifier which increases ICM . With the assumptions on the field attenuation stated above,
the high frequency M -couplings down to 0.1 pH are measured with 25 percent accuracy,
provided that TL effects are negligible.

2.4 Practical connectors

Our method is suited for relative measurement of ZT (see also [Dun90]) and for absolute
measurement. In this section we present results for relative measurements, as well as results
for common connectors, single- and multi-pin, and the effects of different mounting methods.

As already mentioned in the introduction, rapid relative measurements were the incentive
to develop our setup. Here we present as an example a prototype coaxial connector with a
switch in the receptacle; a hole was present in the shield of the plug. The cable fixed to the
plug had to be bent over a sharp angle, which caused a less dense braid at the outside bend
and a larger overall ZT of the combination cable, plug and receptacle. Guided by relative
measurements for ZT we improved the cable and plug. The results are presented in Fig. 2.7.
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Figure 2.7. ZT of coaxial connector with switch. For the abbreviations ‘OO’, ‘ON’, and ‘NN’

see the main text.

The fixed receptacle with switch was mounted on the current sensor. The plug consisted
of different samples and was connected to different coax cables of 30 mm length. ‘OO’ was
the reference sample, ‘ON’ had the same plug but a better coax cable, and finally ‘NN’ had
both better plug and coax cable compared to the reference sample. In the frequency range
10-500 MHz we obtained an improvement of 11 dB with respect to the reference sample
‘OO’. The d.c. resistance was only slightly reduced.

Transfer impedances of commercial SMA connectors are given in Fig. 2.8. The connectors
consisted of a plug which was soldered onto the semi-rigid VDM -measuring cable and a PCB
straight jack receptacle. The inner conductor of the receptacle was short circuited to its
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Figure 2.8. Measured ZT ’s of SMA connectors for a correct (c) and a poor (p) short circuit

between inner leads and shield.

shield either by a 0.1 mm thick copper plate or by the single copper layer of a PCB; the
thickness of the PCB was 1.5 mm. We deliberately used the PCB epoxy layer as standoff;
the four pins of the receptacle shield thus remained 1.5 mm long (see Figs. 2.8 and 2.9b).

The ZT of both assemblies differ by approx. two decades above 10 MHz. The correct and
compact assembly clearly shows skin effect; the high-frequency coupling increases by approx.
10 dB/decade, indicating the dominance of contact impedance between plug and receptacle.
The incorrectly mounted receptacle shows a slightly larger d.c. resistance of 1.3 mΩ and a
mutual inductance of 49 pH. In terms of quality, the correctly mounted connector ranges
between grade 1B (for semi-rigid and superscreened cables) and grade 2 (for double-braided
cables); for an overview of these grades see Fowler [Fow75, Fow94].

Transfer impedances of some commonly used connectors (N, BNC, and SMA) were pre-
sented by [Hal73, Fow75, Eic85, Fow92]. Figure 2.9 shows a few connectors we investigated.
In Fig. 2.10 the results for an N, SMA, BNC, C, UHF, and a 15-pins high-density D con-
nector with metal shell are shown; for the D connector all internal pins were connected
together at both sides. In all cases the current was injected on the receptacle whose shield
was shorted with the inner conductor(s) (SC in Fig. 2.1 and left sides of the connectors in
Fig. 2.9); the plug (right side in Fig. 2.9) was connected to the current sensor. For these
measurements a new EMC box with a length of 16 cm was build.

The N connector is the best over almost the entire frequency range as shown in [Hal73,
Fow75, Eic85, Fow92]. For high frequencies the N, SMA, and BNC are suitable; the C, UHF,
and D connector are less suited in disturbing environments, in particular the D connector
with an impedance of approx. 0.1 Ω at 100 MHz.

The ZT ’s of the N and SMA connectors depend on the fixing torque between plug and
receptacle; in our case both samples were fixed with a torque of approx. 0.9 Nm. For
example, Eicher [Eic85] showed approx. 60 dB ZT difference at 1 GHz for an N connector
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Figure 2.9. a) 15-pins high-density D connector (top), N connector (middle), and BNC (down).

b) SMA connector with receptacle mounted on a single-sided PCB; the plug was connected to

the current sensor.

pair fixed with 7 and 11.5 cmkp (approx. 0.7-1.15 Nm) torque. The ZT of the BNC connector
pair depends on the rotational angle between plug and jack; Eicher observed approx. 40 dB
difference between the best and worst case; our ZT corresponds to his best case. Fowler
[Fow75, Fow92] also found significant differences (more than one decade above 1 MHz) for a
bayonet connector with and without side strain. Other mechanisms which influence the ZT

of connectors are the construction of the shield, gaskets, and the backshell to cable shield
interfaces [Hoe88, Fow92].

The transfer impedance for a multiconductor cable depends weakly on the termination at
both sides; typically less than 3 dB, see e.g. [Hoe88, Dem92, Kas94, Kas96]. Dunwoody and
VanderHeyden [Dun90] also claimed such a relation for multi-pin connectors. Figure 2.11
shows results of different terminations for our 15-pins D connector: (1) all pins at both ends
connected to each other and shorted to the shield at the left side in Figs. 2.1 and 2.2, (2)
pin no. 5 shorted to the shield at the left side, VDM measured at pin 5 at the right side, all
other pins were left open, and (3) pin 8 shorted to the shield, all other opened.

The dips near 800 MHz in the measurements are caused by the difference in wave ve-
locities at the inside and outside of the D connector (see [Hal88, Sze92]); the length of the
connector was approx. 5 cm. The 3 dB variation reported in the earlier mentioned literature
is confirmed as long as resonance effects do not show up; the ZT is expected to have the
lowest value for pin no. 5 since it is near a corner. Although the ZT depends on the ter-
mination, the configuration with all pins shorted gives a good indication of the impedance
which is admissible in practice.
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2.5 Conclusions

A new method for measuring the transfer impedance of shielded connectors has been intro-
duced. The main advantage over existing methods is ease of mounting connectors in the
setup. The common-mode current ICM and the differential-mode voltage VDM generated
are measured directly; no injection loss measurement or estimation are necessary. For con-
nectors of maximum 3 cm length, transmission-line effects can be neglected; the 6 dB error
at 1 GHz is admissible for practical purposes.

The parameters of the current sensor are known by calculations or by measurements;
no calibration by a reference connector is needed. A tube with a well defined hole as test
connector demonstrated the absolute accuracy of the setup. The setup correctly measures
high-frequency transfer-impedances down to 0.1 pH. Measurements of a solid walled tube
demonstrated a sensitivity down to 3 µΩ in a single scan of the network analyzer.

Results of practical single-pin as well as multi-pin connectors have been presented.
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Chapter 3

Prediction of common-mode currents in cables

attached to a PCB by means of a transmission-line

approach

Abstract

Common-mode (CM) currents generated by circuits on a triple-layer printed circuit

board with a continuous ground plane have been studied by means of a transmission-

line (TL) model. The CM current flows through the attached cables; the CM emission

from these cables often dominates the direct radiation of the board. Several boards

with different complexity were studied in the frequency domain. For demonstration

purposes a board with modern digital electronics was developed. Measurements be-

tween 100 kHz – 1 GHz confirm the TL models.

3.1 Introduction

Modern multilayer printed circuit boards (PCB’s) for high-frequency (HF) analog and digital
electronics often contain large metallic land, sometimes full planes, which provide ground and
the d.c. power supply. The tracks and the ground plane (GP) linking the components form
many transmission lines (TL’s), one might call them in EMC terminology differential-mode
(DM) circuits (see Fig. 3.1). In the last decade the DM emission from PCB structures caused
by the DM (or signal) current was calculated [Kam88, Nak89, Gre90, Nak95, Hil96]. Cables
between PCB’s or apparatus are primarily intended to transport DM signals. However,
each cable is also a part of a larger circuit which closes via the environment of the PCB
or via ground leads. The current in this circuit is a net current through the cable, the
common-mode (CM) current in EMC terms. Because of their length, the cables often act
as efficient antennas for the CM currents, producing more emission than the PCB itself
as was predicted by Ott [Ott85] and verified afterwards by several other authors, see e.g.
[Sze89, Pau89, Doc93, Oei94, Hoc96, Ler96].

Practical experience from many contracts with industry inspired us to develop an adapted
test method in line with the precompliance method as proposed by Bersier [Ber83]. This
method concentrates on the conduction currents or common-mode (CM) currents on cables
connected to a multilayer printed circuit board (PCB); see also Fig. 3.2. Nowadays pre-
compliance tests even largely suffice to demonstrate conformity with the European EMC
requirements. The expensive and laborious full-compliance radiated emission and radiated
immunity tests are replaced by a rapid and a simple method. In this Chapter we theoretically
predict the CM current generated by a PCB for our precompliance setup; the connectors
(see also Chapter 2) and cables can be handled separately. The fast calculations allow us to
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DM-circuit

CM-circuit

GP

Figure 3.1. Differential-mode (DM) and common-mode (CM) definition. The CM current path

closes via the ground plane (GP), the parasitic capacitances and the metallic plane below GP.

judge changes in the CM current during the design stage of a product, avoiding expensive
redesigns after prototyping.

Our current based setup (Fig. 3.2) is closely related to Bergervoet’s et al. [Ber97] CM-
skeleton model. These authors model the PCB and all components by CM voltage-sources
at the edges of the PCB, which drive the CM current into each cable attached to the PCB.
Bergervoet et al. determined the sources and their internal impedances by measurements.
Alternatively, a program as Fasterix [Clo94] may calculate those parameters: an equivalent
network of the PCB and its components result from a full EM-wave analysis. Even for simple
PCB’s the calculation still takes many hours, a long time in the routing- and placement-stage
of a product.
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Figure 3.2. a) Setup for precompliance measurements with current injection through track 1

of the PCB shown in Fig. 3.3. The CM current is measured via the 150 Ω load consisting of

a 100 Ω resistor in series with the 50 Ω input impedance of the analyzer. The 100 Ω bridges

the gap g between the ground plane and brass plate B. b) The PCB is replaced by a voltage

source ZT I1; the CM impedance ZCM is formed by the ground plane (GP) of the PCB and by

a large metallic plate (see also Fig. 3.1) at some distance, e.g. a cabinet panel (CP).

We consider first a multilayer PCB (see Fig. 3.3) with a continuous ground plane (GP);
the signal- or differential-mode (DM) current in the tracks closes via the GP (see also
Fig. 3.1). Later on ground tracks will also be considered. The tracks and the CM circuit
are modeled as coupled transmission lines. In combination with analytical approximations
for the TL parameters, the TL approach strongly reduces the computational effort or the



3.1 Introduction 21

1

4

3

brass
plateGP

brass
plate

track

z

x

y

a)

I1

1

2

h
h
1
2

d

σ,GP( 0 0)εr

s

42

31

=-x =x ww

,µε

b)

VDM
A

B

2

b

,2
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section of the PCB.

computer hardware requirements. The comparison of the results with actual measurements
was encouraging, in spite of the large number of simplifications. A personal computer
calculates a typical configuration in a few minutes, depending on the complexity of the
board; see also Chapter 5.

The induction coefficients of the transmission lines were obtained from a two-dimensional
(2D) theoretical study of the model PCB in Fig. 3.3. The capacitive parameters of the TL’s
were also studied by this model PCB. A second metallic plate, e.g. a cabinet panel (CP),
was placed at some distance under the PCB (Fig. 3.2) to provide a well-defined path for the
CM current. This setup is similar to the one proposed by Bersier; the R0 = 150 Ω resistor in
Fig. 3.2 models the CM-radiation resistance of a cable at resonance. This resonant condition
may not occur at all frequencies in the DM signal, but will most probably do so at some
frequency for which the emission limits might then be exceeded. Coenen [Coe94] obtained
an average 150 Ω radiation resistance in the frequency range 150 kHz – 1 GHz for cables
which do not run directly over conductive surfaces or in cable trays or conduits. A transfer
impedance ZT = VCM/I1 can be defined, which relates a DM current (I1) injected in e.g.
track 1 to the equivalent voltage source at the edge of the PCB. For the setup of Fig. 3.2
the common-mode current ICM then equals VCM/(ZCM + 150). In the treatment of two-
dimensional structures it is more convenient to use also the transfer impedance Zt = VCM/I1`
per unit length (with small t as subscript). From the context and the subscript it will be
clear whether the total quantity or the quantity per unit length are used.

A good EMC criterion for emission is the 3 µA ‘rule of thumb’ limit [Goe92, Section 2.4.1])
based on test experiences: CM currents in any cable connected to the equipment may not
exceed 3 µA (see also Section 3.3). If an actual cable is attached to the PCB, the CM-
current distribution can in principle be calculated by an integral equation method. From
this CM-current distribution through the cable the far field can be established, see e.g.
Ramo [Ram94, Chapter 12] and Balanis [Bal97, Chapter 4].

The reciprocal situation, the immunity problem or CM-DM coupling, can also be handled
by the Bersier method. When an electromagnetic wave illuminates the cable (see [Tay92]
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and references added therein), a CM voltage-source at the edge of the PCB may be chosen to
replace the cable and the wave. In the Bulk Current Injection (BCI) technique [Car96, Tro96]
a current is directly injected. A CM current through the ground plane of the PCB then
induces disturbing voltages in the DM circuits. Again, direct coupling between wave and
DM circuits is often less important. Note the close relation with a transistor radio or mobile
telephone: the cable is now an antenna and the CM current the desired signal current.

The PCB’s studied (Fig. 3.3) have three layers [Hor96a, Hor96b, Hor97a, Hor97b, Hor97c].
A continuous copper ground plane (GP) of length ` = 20 cm has a conductivity σ =
5.8 · 107 Ω−1m−1 and thickness d = 30 µm; the width 2w varies between 5 and 15 cm.
Tracks of b = 1.5 mm width are placed at h1,2 = 1.5 mm above and below the GP. The
dielectric constant εr of the epoxy insulation is 4.7. Details of the measurements are given in
[Hor96a, Section VII]. The tracks run parallel to the length of the PCB; in later calculations
track 1 meanders over the surface. A DM current is injected at side A; the tracks terminate
into different impedances at end B. The CM circuit consists of the GP and a large brass
plate (cabinet panel CP in Figs. 3.2a and 3.4) under the PCB at the distance hCP = 1 cm.

Section 3.2 describes the CM to DM or Bersier coupling if resonant effects do not show
up. The inductive part of this coupling can be used for a first-order prediction of the
generated CM current (Section 3.3). Section 3.4 describes the transmission-line approach
for the DM to CM coupling. Results of the TL method for the simple PCB with parallel
tracks (Fig. 3.3), some more complicated meandering tracks, and ground tracks are shown
in Section 3.5. For demonstration purposes we developed two boards with HCT and HLL
digital logic, see Section 3.6. In Section 3.7 some additional coupling effects are discussed
which influence the calculations and measurements. Finally, Section 3.8 gives concluding
remarks.

3.2 Low-frequency CM to DM coupling

The DM circuits on a PCB may generate a CM current which flows along the cables con-
nected to the PCB. In the reciprocal setup, a CM current ICM flows through the GP; as
return path we imagine a second plane, for instance a cabinet panel (CP), under the GP
(Fig. 3.4). We investigate the CM current distribution over the GP and the resulting cou-
pling with the DM circuit, expressed as Zt per unit length. Sensing track 1 is placed at the
distance h1 = 1.5 mm above or below the GP. Several limiting situations can be considered:
the CP a) has a certain width 2p or b) is very large in the x-direction; the CP is c) nearby
(hCP/w � 1) or d) at a large distance from the GP (hCP/w → ∞).

In the experiments we used a brass plate as CP of thickness dp = 1.5 mm and width
2p = 20 cm. The sheet resistance of the copper GP is given by R2 = 1/σd; we reserve
this symbol for the GP. A similar expression holds for the brass CP with conductivity
1.43 · 107 Ω−1m−1 and thickness dp. In the calculations we may assume the thin-plate limit
for both GP and CP, i.e. both thicknesses approach zero while the sheet resistances are
kept at their actual values. The current distribution then follows from a set of coupled
Fredholm integral equations of the second kind. In Appendix D such an integral equation
for a thin wire above a single GP is given, which was solved by the method of moments
(MOM) [Har93]. The method can readily be applied to two or even more plates.

The MOM-calculated Zt between CM to DM circuits is presented in Fig. 3.5 for the
middle position (x ' 0) of the sensing track, with the CP at the distance of hCP = 1 cm. At
d.c. or low frequencies the sheet-current density in the GP is homogeneousKz = ICM/2w (in
A/m) and Zt = R2`/2w. Above the frequency fc = 2wd ' δ2 [Hel95] Kz(x = 0) decreases
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towards the high-frequency value ICM/πw [Kad59, p. 63]; δ =
√

2/ωµ0σ is the skin depth.
For the GP width chosen, the corresponding decrease in Zt by a factor 2/π barely shows up
because of the inductive behavior of Zt at high frequencies.

The mutual-inductance part of Zt, Ms can also be calculated by conformal mapping,
see Appendix A. We derived closed-form approximations for Ms(x, y)-values for the sensing
track 1 at various positions. Consider first a CP at large distance from the GP, i.e. hCP →
∞. The Ms-values for the track 1 at x = 0 and |x| = w are:

Ms(0, h1) =
µ0

2π
ln







h1

w
+

√

√

√

√1 +

(

h1

w

)2




 ' µ0

2π

h1

w
(3.1)

Ms(|x| = w, h1) ' µ0

2π

√

h1

w
. (3.2)

The approximated expressions for Ms present the lower and upper bound, which are ac-
curate to within 10 percent for the track at either side of the GP when h1/w < 0.9. The
approximated Ms in Eq. (3.1) is equivalent to Hubing’s partial mutual inductance [Hub94,
Eq. (21)] of a finite-width plane.

At high frequencies a nearby large CP (hCP/w � 1) compresses the H-field between
GP and CP, and reduces the field above the GP. Figure 3.6 shows the magnetic field lines
calculated by the MOM for low (10 Hz) and high frequencies (1 GHz) with hCP = 1 cm.
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Figure 3.6. Magnetic field pattern at low and at high frequency for a CM current through the

CP (2p = 20 cm) which returns via the GP (2w = 5 cm).

Because of the homogeneity of the field under the GP, a first approximation for Ms(x, y)
with sensing track at x = 0 and y = −h1 under the GP is:

Ms(0,−h1) ' µ0
h1

2w
, (3.3)

a factor π larger than Eq. (3.1) for the isolated PCB.
At other positions of the track 1 the Ms-values are more difficult to obtain. Love [Lov23]

gave the general Schwarz-Christoffel transformation, which involves elliptic functions; his
results were extended by Langton [Lan81] and Lin [Lin85]. This method only gives an



3.3 Conducted emission 25

implicit solution. For the position (x, y) = (0, h1) above the GP, the expansion of the
elliptic functions in Appendix A.1 results in

Ms ' µ0
K

K ′
1

K′

K
π − 2

h1

hCP

, (3.4)

with
K ′

K
=

w

hCP

[

1 +
hCP

πw

(

1 + ln
2πw

hCP

)

]

. (3.5)

For hCP/w � 1 we have

Ms(0, h1) ' µ0
h1hCP

πw2
(3.6)

which is a factor 2hCP/πw smaller than the Ms at the lower side of the GP, Eq. (3.3). For
the track 1 at the edge of the GP, |x| = w, we proceed in a different and approximate
way. When hCP � 2w, the other edge may be thought far away. The Ms near one edge
can then be derived from a simpler transformation which is often employed for the fringing
field of a parallel-plate capacitor [Ram94, Section 7.7]. The solution is still implicit (see
Appendix A.2), but involves only an exponential. When h1 � hCP , the first two terms in
the expansion of the exponential result in:

Ms(|x| = w, |y| = h1) '
µ0

2w

√

h1hCP

π
(3.7)

irrespective on which side of the GP track 1 is placed. Already for h1 ' hCP/10 higher-order
terms in the expansion become discernible. A numerical fit to the calculations resulted in a
correction term

∆Ms(|x| = w, y) ' µ0

2w
c1y (3.8)

with c1 ' −1/3, in which y is positive for positions above the GP. This ∆Ms restores the
actual asymmetry between upper and lower positions of the track 1; for a more elaborate fit
see Appendix A.2 and Fig. A.3. The variation of Ms(x, h1) and Ms(x,−h1) over the width
of a GP is shown in Fig. 3.7a, whereas Fig. 3.7b gives Ms as function of hCP/w for a few fixed
positions of the sensing track. For this GP size and position (2w = 5 cm, hCP = 1 cm) the
assumption hCP/w � 1 is not fulfilled, and the actual magnetic flux between GP and CP is
lower than assumed. The current distribution Kz(x) in the GP and the total flux between
GP and CP calculated by MOM agreed well with the analytical expression for parallel strips
given by Kuester and Chang [Kue80, Eq. (6)]. When track 1 is close to the GP, we can
correct the Ms-values given by Eqs. (3.3), (3.6), and (3.7) by the ratio of their total flux
Eq. (A.14) and the flux of the homogeneous field H = ICMhCP/2w; see Appendix A.2 at
the end. For our 5 cm wide GP at 1 cm above the cabinet panel we find a correction factor
of 0.67.

3.3 Conducted emission

A description of conducted emission can be based upon the transfer impedance Zt(CM-
DM)=Zt(DM-CM) of the previous section; the Bersier setup Fig. 3.2a is employed. The
current waveforms in the DM circuit are typical choices for a switched-mode power supply
and for several families of logic circuits (Fig. 3.8). We connect the GP at the left side to
the CP (Fig. 3.2); the DM track is shorted at the right side near the plate B. In this model
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we still neglect the propagation delays over the PCB; the induced CM voltage vCM(t) can
be imagined as a localized source between cable and GP which drives the cable as antenna.
The CM current iCM(t) through the cable at resonance is then given by vCM(t)/R0.

tf TH tr

T

∆ i ∆ i

tf tr

b)

* *

∆ if

r

a)

0

Figure 3.8. Typical current waveforms for a) switched-mode power supplies and TTL and ECL

digital circuits, b) for fast CMOS circuits.

The DM current waveforms in switched-mode power supplies or TTL and ECL (nowa-
days obsolete) digital circuits is approximated by the trapezoids in Fig. 3.8a. For CMOS
and similar circuits, the DM current resembles more a triangular shape (Fig. 3.8b). The
trapezoidal current iDM(t) of period T0 is expanded in the Fourier series

iDM(t) =
∞
∑

n=−∞
IDM
n ejnω0t, (3.9)

with ω0 = 2πf0 = 2π/T0. For tr = tf = τ the coefficients IDM
n are given by

IDM
n = ∆i

sin(nω0τ/2)

nω0τ/2

sin[nω0(TH + τ)/2]

nπ
. (3.10)

The transfer impedance per unit length Zt(DM-CM) can be approximated by (see also
Fig. 3.5)

Zt(ω) ' RGP + jωMs, (3.11)

with RGP the resistance of the ground plane. The induced voltage vCM(t) then follows from

vCM(t) =
∞
∑

n=−∞
V CM

n ejnω0t, (3.12)

with

V CM
n = Zt(nω0)I

DM
n . (3.13)

According to the EN55022 regulation, the maximum electric field strength should not
exceed 30 dBµV/m (at 10 m for class B equipment) in the frequency range 30-230 MHz.
This requires a CM current through the cable of less than approx. 3 µA, see e.g. Ott [Ott85]
or Goedbloed [Goe92, Section 2.4.1].

The fundamental frequency f0 determines the smallest harmonic number m in Eq. (3.9)
with mf0 ≤ 30 MHz, for which the EMC requirements should be met. The corresponding
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Table 3.1. Upper bounds for the maximal spectral components of iCM given by the r.h.s. of

Eq. (3.14). For the switched-mode power supply (SMPS) and ECL3 (or ECL-100K) digital logic,

the trapezoidal waveform (Fig. 3.8a) is used; a triangular shape form (Fig. 3.8b) is assumed for

CMOS and HLL logic. The mutual inductances Ms are calculated by MOM (Section 3.2).

max{|ICM
m |} in µA per length of PCB

2w = 5 cm 2w = 15 cm
TYPE

injection 1 injection 2 injection 1 injection 2
f0/τ/∆i

Ms = 4.8 nH/m Ms = 24.9 nH/m Ms = 0.6 nH/m Ms = 10.6 nH/m

SMPS
100 kHz/100 ns/1 A

1.4·100 7.0·100 2.0·10−1 3.0·100

ECL3 (ECL-100K)
230 MHz/1.3 ns/14.8 mA

4.6·102 2.4·103 5.8·100 1.0·103

CMOS
10 MHz/60 ns/4.2 mA

2.9·100 1.5·101 4.0·10−1 6.3·100

HLL (CMOS 3V)
230 MHz/1.5 ns/100 mA

5.4·103 2.8·104 6.8·102 1.2·104

spectral component of iCM(t) is ICM
m = V CM

m /R0 when the resistance term in Zt is neglected.
The upper bound for the amplitude of this spectral component is given by

|ICM
m | ≤ 4Ms ∆i

πmR0τ
, (3.14)

which holds for the waveform given in Fig. 3.8a. For the waveform given in Fig. 3.8b, τ
must be replaced by min{t∗r/2, t∗f/2} and ∆i by max{∆ir,∆if}.

In Table 3.1, |ICM
m | is given for a few families of digital circuits. As can be seen, the

3 µA limit for ECL3 and HLL digital logic requires extensive additional EMC measures. A
reduction of about 44 dB and 65 dB, respectively, should be obtained in case of our 0.2 m
long and 5 cm wide PCB, for instance by an extra ground plane or cabinet panel, smaller
distances between tracks and GP, filter connectors, etc.

3.4 Transmission-line approach

We now extend the description to include propagation effects. The four DM circuits and
the CM circuit are considered as a set of transmission lines (TL’s). The coupling between
the lines is described by the resistive and inductive transfer impedance and the capacitive
transfer admittance.

We regard the tracks over the GP as microstrip lines. The dominant transmission mode
is quasi-TEM: a TEM wave adapted to include the nonhomogeneous dielectric by modifying
the line capacitance, and the conductor losses by adding a series resistance. Gupta et al.
[Gup96] gave an overview of the vast literature published over the last decades. For con-
venience we repeat here Gupta’s expressions (Eq. (2.116)) for the characteristic impedance
Zm above a very wide GP:

Zm =















η
2π

√
εr,eff

ln
(

8h
b

+ 0.25 b
h

)

, b
h
≤ 1,

η√
εr,eff

{

b
h

+ 1.393 + 0.667 ln
(

b
h

+ 1.444
)}−1

, b
h
> 1,

(3.15)
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and

εr,eff =
εr + 1

2
+
εr − 1

2











(1 + 12h/b)−1/2 + 0.04(1 − b/h)2 , b
h
≤ 1,

(1 + 12h/b)−1/2 , b
h
> 1,

(3.16)

where η =
√

µ0/ε0 ' 120π Ω. The characteristic impedance Zm and the effective dielectric
constant εr,eff depend on εr and b/h. The finite size of the GP and the presence of the
dielectric increase Zm; the deviation is less than 3 percent when the track is more than 2b
from the edge, as was shown by Smith and Chang [Smi85].

When the damping is small we may also write Zm =
√

Ls/Cs. The self-inductance Ls

can be obtained from Ls = Z0m/c0, with Z0m the characteristic impedance of the microstrip
with the dielectric replaced by vacuum or εr,eff = 1, and c0 the velocity of light in vacuo.
For all tracks on our PCB’s we use the same Ls = 414 nH/m, calculated as if the GP were
of infinite extent. Inserting the proper value for εr,eff = 3.34, one finds for the capacitance
Cs = 88.9 pF/m and for Zm = 68 Ω.

The series impedance Zs for the track is Zs(ω) = RDC +Rs(ω) + jωLs, where RDC and
Rs(ω) are the d.c. and skin-effect resistances. Closed-form expressions for the skin-effect
resistance were first published by Pucel et al. [Puc68] in 1968, where they used Wheeler’s
incremental inductance rule. Recently Collin proposed expressions by means of conformal
mapping [Col92, Appendix III]. These values are somewhat higher than Pucel’s one; Collin
claims that his solution is in better agreement with experimental results [Col92, pp. 156-7].
For a microstrip structure with a finite-width GP (as in our case), Djordjević [Djo94] gives
other expressions for Rs(ω). The high-frequency current distribution in a microstrip line
and a rectangular strip is given in several papers by Faraji-Dana and Chow [Far90a, Far90b,
Far91]. In the calculations we used Collin’s value. However, for our experimental boards
we had to increase ad hoc the skin-effect resistance Rs(ω) for all frequencies by a factor
of five compared to Collin’s value, to obtain a good fit of the amplitude and the width of
the resonances, in the input impedance of the DM circuit and in the DM-CM coupling. A
detailed analysis [Hor97a, Section IIe] showed that this increase may indeed be caused by
the manufacturing process.

Figure 3.9 shows the four tracks (Fig. 3.3) as coupled microstrip lines TL1-TL4 with the
ground plane (GP) as reference; z = 0 corresponds with the side of plate A (near end) and
z = ` with the side B (far end). The TL5 describes the CM current through the GP with
return CP (Figs. 3.2 and 3.4). The 5 × 5 impedance matrix Z(ω) per unit length with GP
as reference is then given by

Z(ω) = Zd(ω) + Zt(ω), (3.17)

in which Zd=diag(Zs, Zs, Zs, Zs, ZCM) is the self-impedance diagonal matrix, Zt(ω) the

transfer impedance matrix with zeros on the diagonal, and ZCM =
√

LCM/CCM the proper
impedance of the CM circuit formed by GP and CP. The self inductance LCM of the CM
circuit may be taken from Kuester and Chang [Kue80] for large 2w/hCP . The capacitance
CCM in vacuum results from CCM ' 1/c20LCM . The 1.5 mm dielectric layer increases this
value by about 13 percent with hCP = 1 cm. The elements of Zt matrix between de DM and
CM circuits are given in Section 3.2. At high frequencies these matrix-elements are predom-
inantly given by the mutual inductances Ms discussed above. The off-diagonal elements of
Zt between the tracks will be extensively discussed in Chapter 4. Only the coupling between
tracks on the same side are relevant for the total DM-CM coupling: between 1 and 3 and
between 2 and 4. The coupling between tracks on opposite sides can be neglected.
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Figure 3.9. Transmission-line (TL1-TL4) model of the four-track PCB in Fig. 3.2; TL5

incorporates the DM-CM couplings as discussed in the text. The near side z = 0 corresponds

with the side of brass plate A, the far end z = ` with brass plate B. The terminating impedances

are discussed in the text.

As admittance matrix we have Y(ω) = jωC, where C is the 5 × 5 capacitance matrix.
It is more difficult to calculate the off-diagonal elements of the capacitance matrix because
the boundary conditions on the dielectric need to be accounted for. We followed a similar
numerical approach by Harrington [Har69] and Venkataraman [Ven85] for static electric
fields. For highest accuracy the discretization must be adapted; see Appendix B. In an
iterative procedure we calculated the absolute error in the tangential electric field, integrated
over each conductor element; for the dielectric boundaries we took the integrated absolute
error in the condition for the normal component of the electric field. The element sizes were
adjusted until an equipartition of the errors over the elements occurred. Again, the DM-DM
capacitive couplings become negligibly small, with the exception of those between the tracks
which are on the same side of the CP.

The DM-CM capacitive coupling coefficients must be calculated quite accurately. From
extensive calculations we derived analytical approximations which suffice in our TL model.
In order to limit the size of the matrices to be displayed here, suppose that only track 1
(Fig. 3.4) is present. The capacitance matrix then becomes

C =

[

Cs + C1−CP −C1−CP

−C1−CP CCM + C1−CP

]

. (3.18)

In vacuo the capacitance matrix C0 satisfies the well-known relation

LC0 =
1

c20
I2 (3.19)

with I2 the 2 × 2 identity matrix and

L =

[

Ls Ms

Ms LCM

]

, (3.20)
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the inductance matrix. We found the following approximate relation between C1−CP and
C1−CP,0, the capacitive coupling coefficients with and without dielectric

Ci−CP ' Ci−CP,0

εr,eff
1/4
. (3.21)

This procedure is tested for a wide range of parameters. For a maximum deviation of 25
percent between numerical results and approximate analytical expressions this parameter
range is: 1 ≤ εr ≤ 12, 0 ≤ x/2w ≤ 0.9, 0.5 ≤ b/h ≤ 3, 0.05 ≤ w/p ≤ 1 , and 0.1 ≤
2w/hCP ≤ 3. For practical dielectrics used for PCB’s, the error without the correction in
the denominator was larger than 50 percent.

With the full matrices Z(ω) and Y(ω) the response of the system of coupled transmission
lines can be calculated. Djordjević et al. [Djo87a] presented an overview of the methods to
solve the equations for the coupled lines with linear and non-linear load impedances, both
in the frequency and the time domain. We will first consider linear loads in the frequency
domain; this allows us to employ the modal expansion of Djordjević and Sarkar [Djo87b],
which is similar to the BLT-method [Bau78, Tes97].

3.5 Results for bare PCB’s

The next subsections show the TL results for boards with passive loads. First the simple
track problem of Fig. 3.3 will be addressed in Section 3.5.1, which is extended to more
complicated tracks as on practical PCB’s in Section 3.5.2. Finally some results for grounding
tracks instead of grounding planes are shown in Section 3.5.3.

3.5.1 Straight tracks

For the simple PCB of Fig. 3.3 in the Bersier setup (Fig. 3.2a), the current I1 is injected in
straight track 1 by a voltage-generator source Vg with impedance Zg = 50 Ω, see Fig. 3.9.
Other straight tracks were open-ended at the near end A, or ZAi = ∞ (i = 2, · · ·, 4). The far
end impedances ZBi (i = 1, · · ·, 4) are chosen either equal to the characteristic impedance
Zm = 68 Ω of the microstrip line, or zero, or very large (open circuit). The CM circuit is
short circuited at plate A, ZA5 = 0; the far-end impedance ZB5 was R0 = 150 Ω, a 100 Ω
resistor in series with the 50 Ω input impedance of the HP 4396A spectrum analyzer. The
measured voltage V (Fig. 3.2a) over the input impedance was converted to the CM current.
The 100 Ω resistor bridged a g = 1 cm gap between the GP and the brass plate B.

Figure 3.10 shows the measurements and the TL model results for the current transfers
ICM/I1 and ICM/I2, for injection into track 1 or 2. All four tracks were terminated into
68 Ω near brass plate B.

The measurements can also be described reasonably well by the simple model of Fig. 3.2b.

ICM

I1,2

=
ZT (ω)I1,2/150

I1,2

=
jωMs1,2

150
, (3.22)

since ZT (ω) ' jωMs1,2, with Ms1,2 the mutual inductance between CM and DM circuit; see
the dotted curve in Fig. 3.10.

Figure 3.11 shows the current transfers for the DM short-circuit case (ZBi = 0, i =
1, · · ·, 4) and DM open case: ZBi large, 1 MΩ in the calculations. The markers indicate
the resonant-frequencies frDM of the DM circuit, where the input-current I1,2 is minimal;
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Figure 3.10. Measured (—) and calculated (- - -) current transfer between DM and CM circuits

of the Bersier setup (Fig. 3.2a); the tracks are terminated at the far end of the PCB into their

characteristic impedances of 68 Ω. The approximation (3.22) is given by the dotted line.

see also Section 3.7. For the shorted case frDM = 200 and 600 MHz, and frDM = 400 and
800 MHz with open ends.

A comparison of Figures 3.10 and 3.11 shows the effect of the termination of the DM
circuit. In the latter Figure, the CM current becomes equal in magnitude or even larger
than the injected current I1,2 at the 1/4 and 3/4 λ DM resonances. This is more than a
decade larger compared to the Zm-terminated tracks of Fig. 3.10. In addition, the current
transfer may vary over 60 dB within an octave. Such current transfer may cause EMC
problems with modern MOS circuits, which usually have high input impedance and low
output impedance. One should avoid the excitation of the DM resonances by digital devices,
e.g. by providing appropriate damping. As an alternative, the coupling may be reduced by
applying a dielectric thinner than the 1.5 mm in this experiment.

The CM resonances are manifestly absent in the current transfer. The current and
voltage distributions along the CM circuit at resonance do not match those in the DM
circuit. In addition, the propagation velocity differs for both circuits; the wave velocity for
the CM circuit is slightly larger. The CM current shows deep dips due to the distributed
coupling via Ms and C1,CM . Such TL effects can also be discussed along the lines presented
earlier by Vance [Van78, pp. 147-150]. The frequency at which the dips occur depend on
the termination of the DM circuit, as is apparent from a comparison of Figs. 3.11a and b.

3.5.2 More complicated tracks

We now address more complicated tracks. Many experiments were carried out; for this
presentation we selected those which we consider to be a critical test of the TL method and
an indication of the limits of its applicability.

First we present the results on a PCB with a double bend in track 1 at half its way over
the GP (inset upper part of Fig. 3.12). The current I1 is again injected in track 1 (TL1)
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of the Bersier setup (Fig. 3.2a). The tracks are a) shorted and b) opened at the far end of the

PCB. The markers frDM show the resonant frequencies in the DM circuit.
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Figure 3.12. a) The measured (—) and calculated (- - -) current transfer |ICM/I1| between

the DM circuit of track 1 and the CM circuit. The current I1 is injected at side A (see also

Fig. 3.2). The inset shows bent track 1 and track 2 (—) on the upper layer of the PCB) and

tracks 3 and 4 (- - -) on the lower layer. All tracks are open ended end at side B. b) The same

current transfer with the tracks terminated into Zm = 68 Ω at end B.
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by a voltage source Vg with impedance Zg = 50 Ω. The other DM tracks are open ended
at the near end A. The CM termination impedance ZA5 is zero and ZB5 = R0 = 150 Ω.
Figure 3.12 shows the DM to CM current transfer with all tracks open ended to the GP near
the end B (ZBi = ∞, i = 1, · · ·, 4) or with the tracks terminated there into the characteristic
impedance (ZBi = 68 Ω, i = 1, · · ·, 4).

In the TL model, each of the parallel segments are described as in the previous Section,
with proper values for the off-diagonal elements in Z and Y. The short perpendicular part
a mainly acts as an intermediate DM delay line. The CM circuit under part a is modeled
as a TL section of the same length, with its inductance and capacitance modified such that
the speed of propagation is a factor 50 larger, but the characteristic impedance remains
constant. No magnetic coupling is expected between DM part a and the CM circuit. For
the capacitive coupling we adopted two models which gave similar results. Either the total
Ca−CM was evenly distributed over section a, or it was lumped in two halves at both ends
of section a. Implicitly we neglected the variation of Ca−CM over the length.

The thus adapted TL calculations agree quite well with the measurements. The 160 MHz
peak in the shorted case is the first quarter-wavelength resonance of track 1. The maximum
current transfer is smaller than encountered in the previous Section, but still reaches values
of about 0.2 for the open-ended tracks.
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Figure 3.13. The measured (—) and calculated (- - -) current transfer between the DM circuit

of track 1 and the CM circuit. The current I1 is injected at side A (see also Fig. 3.2). The

inset shows the meandering track 1 (—) on the upper layer of the PCB and tracks 3 and 4 (-

- -) on the lower layer. All tracks are terminated into Zm = 68 Ω at the far end B.

Figure 3.13 shows the current conversion of a second and much more complicated PCB.
Track 1 (e.g. a supply track) meandered over the upper surface as shown in the inset of
Fig. 3.13. The four perpendicular parts a up to d are again modeled as DM delay lines with
couplings to the CM circuit as described above. All tracks were terminated into Zm at B.
The general behavior of the current conversion as a function of frequency is still correctly
calculated.
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3.5.3 Ground track

We now consider a PCB where the ground plane is replaced by a ground track. On such a
PCB both the DM-DM and the DM-CM coupling are large. Nevertheless, such PCB’s can
be found in practical equipment, when for example low costs are important, or slow devices
are employed, or additional EMC measures reduce the coupling with other PCB’s and with
the environment.

The inset of Fig. 3.14 shows the cross section of a three-layer PCB with four DM tracks
(1, 2, 3 and 4) which are kept close to a ground track 5; all straight tracks were 20 cm long.
The characteristic impedance of track 1 and 3 is Zm1,3 = 426 Ω (referenced to track 5); that
of track 2 and 4 Zm2,4 = 102 Ω. As with the PCB’s discussed before, the near end A of the
exited tracks is terminated into the 50 Ω of the spectrum analyzer; the non-exited tracks,
except track 4, are open ended there. At the far end B, the DM tracks were terminated
into the different impedances toward ground track 5: ZB1,3 = 470 Ω and ZB2,4 = 100 Ω.
Tracks 4 and 5 were shorted to each other at both ends. In the Bersier setup this structure
was placed at hCP = 1 cm above the CP; the gap g was again 1 cm.
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Figure 3.14. Measured (—) and calculated (- - -) current transfer ICM/I1 for the 5 track

problem shown in the inset. The 2w = 10 cm wide PCB consisted of three DM tracks 1, 2,

and 3, and two grounding tracks 4 and 5; the upper tracks were s = 10 mm separated and all

tracks were of width b = 1.5 mm. Tracks 1 and 3 were terminated into 470 Ω resistors with

track 4, while track 2 was terminated into a 100 Ω resistor with track 5. The three resistors

were in the model paralleled with a stray capacitance of 1 pF at the far end B (see main text);

for comparison curve (· · ·) gives the current transfer with no stray capacitance. The grounding

tracks 4 and 5 were shorted at both ends.

Figure 3.14 shows the measured and calculated current transfer for excitation of track 1.
In the TL model track 5 was assumed as reference. The transfer at low frequencies f < 64 kHz
(not shown in Fig. 3.14) corresponds to the parallel resistance of tracks 4 and 5, which is
38 mΩ. The capacitive and inductive TL parameters were obtained by the MOM calcula-
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Figure 3.15. Top view of the HCT board with three D flip flops (FF’s) and a clock oscillator

(OSC). The solid lines indicate the tracks at the upper layer of the PCB, the dashed lines

those at the lower layer. Apart from the signal track three test tracks were incorporated. The

DM current is measured with inductive current sensors s. The supply voltage was regulated

by a stabilizer.

tions. Comparing the data shown with Fig. 3.10 one finds that the Ms-coupling is larger by
more than an order of magnitude. The high frequency coupling (f > 300 MHz) is about a
factor of 5 larger.

The dip at 500 MHz in the current transfer may be explained by a parasitic capacitance
of the terminating resistors. A parallel capacitance of 1 pF (obtained by fitting) changes the
current and voltage distribution in the DM circuit (ωRC = 1.6 at 500 MHz), and suffices
to essentially reproduce the dip. Other causes are discussed in Sections 3.7 and 3.8.

3.6 Demonstration boards with digital logic

Two demonstration boards were designed with three D flip-flops (HCT: 74HCT74 and
HLL: 74HL33534) driven by a clock oscillator. Flip-flops (FF’s) were preferred over gates,
since a FF is the simplest device with activity at other than the clock frequency. In Fig. 3.15
the HCT board is shown; the layout of the HLL board is similar. Each FF had its own branch
of the clock trace. This provided some complexity, but still kept the bookkeeping effort man-
ageable. The TTL compatible quartz crystal oscillators (OSC) had fundamental frequencies
f0 of 10 MHz, 20 MHz, 50 MHz, and 100 MHz (the last one only for the HLL board); a
translator T (74HL33244) placed near the oscillator on the HLL board transformed the 5 V
signal into a 3.3 V signal.

We measured the actual DM current delivered by the clock. An inductive sensor s was
placed at the position indicated; the mutual inductanceMsens with respect to the clock signal
track was 0.97 nH for the HCT print, and 0.29 nH for the HLL print. The sensor output
Vsens was integrated numerically: Im

DM = Vsens/jωMsens. The PCB was again mounted in
the Bersier setup of Fig. 3.2a, with the oscillator near side A. The external power was also
provided from side A. The on-board voltage stabilizer is indicated by ‘supply’ in Fig. 3.15;
high frequency decoupling capacitors were placed nearby the stabilizer and nearby each IC.
The CM current was measured at end B by the spectrum analyzer. The resolution and



38 3. Prediction of common-mode currents in cables attached to a PCB

frequency in MHz

0

-8

10
-6

C
M

I
i
n
A

10
-4

500 1000

Figure 3.16. Measured (—) and calculated (o) spectral component of the common-mode

current ICM in the Bersier setup for the HCT board with 50 MHz clock speed. The dashed

line shows the upper bound for a single straight track located at the mid position at the upper

side of the PCB; the experimental parameters used in Eq. (3.14) were Ms= 1.43 nH/m×0.2 m

= 0.29 nH, τ = 2.4 ns, and ∆i = 51 mA.

10
9

frequency in Hz

10
-4

10
8

10
-2

H

10
-1

10
-3(

ω
)

Figure 3.17. Measured transfer function H(ω) of the HCT board with 50 MHz oscillator (—)

and the calculated H(ω) for Cg = 0 pF (- - -) and Cg = 10 pF (· · ·).
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Table 3.2. Mean and maximum deviation between measured and calculated harmonics of f0

in the CM current for HCT and HLL boards; fm indicates the frequency where the maximum

deviation occurs. The frequency range considered was 10 MHz – 600 MHz.

HCT HLL
f0 [MHz]

mean [dB] max. [dB] fm [MHz] mean [dB] max. [dB] fm [MHz]

10 5.5 18.3 400 5.5 16.8 350

20 5.4 17.4 580 4.5 16.5 480

50 6.6 15.1 350 7.0 18.6 400

100 - - - 4.9 9.8 400

video bandwidth (RBW and VBW) of the analyzer were both 30 kHz and the frequency
span was 100 kHz – 1.82 GHz.

In the TL model the devices were simplified/linearized according to an IBIS (Input/output
Buffer Information System) model. The output impedances (Zg in Fig. 3.9) of the Thévenin
equivalent models for the oscillator and the translator T were 20 and 12 Ω, which provide
some damping of the DM circuit. The rise and fall times of the unloaded voltage source (Vg

in Fig. 3.9) were measured separately, about 2 ns for HCT and 1 ns for HLL. The input
impedance of the FF is a capacitance of Ci = 3.5 pF for both types of logic. The minor
nonlinearity of the capacitance, due to the Miller effect inside the IC’s, was neglected. We
preferred not to calculate the DM current from the available data for the IC’s, because of
the many implicit assumptions for the parameters. Still, our approach to determine the DM
current distribution involves several IC parameters.

In order to assess the current transfer, we first assumed a voltage source of 1 V at the
oscillator, and calculated the resulting DM current IDM,s seen by the current sensor s for a
large number of frequencies. Knowledge of IDM at one place suffices, since both forward and
backward waves are taken into account in the linearized TL model. We then determined the
transfer function H(ω) = ICM/IDM,s from the TL model and calculated the ICM through
the 150 Ω load from the measured IDM,s with the devices operating.

As an example, Fig. 3.16 shows the spectrum of ICM for the HCT board with a 50 MHz
clock. The measured current transfer |H(ω)| for the same clock speed (—) and the calculated
transfer function (- - -) are given in Fig. 3.17; the curve (· · ·) is discussed in Section 3.7.
Table 3.2 shows the average deviation in dB between the measured and calculated ICM , as
well as the maximum deviation which occurred near fm. The frequencies considered ranged
between 10 MHz – 600 MHz. The branches in the HCT board clearly reduce the amplitude
of the resonances in the current transfer, as is apparent when the H(ω) of Fig. 3.17 is
compared to the one for straight open ended tracks, Fig. 3.11b. The measured ICM reaches
values well over the 3 µA limit. Without additional EMC measures this PCB proper does
not comply with EMC regulations.

Measurements and calculations agree within 7 dB on the average. The maximum de-
viation, up to about 19 dB, is restricted to one or a few spectral components near the
frequency fm mentioned in the Table. We compared the experimental transfer functions for
one type of logic (HCT) but with different clock frequencies. Large and abrupt variations
in the measured |H(ω)| between subsequent harmonics were found near fm as in Fig. 3.17,
also at the lowest clock frequency. The calculated H(ω) were of course identical, since the
electronics remained essentially the same; this |H(ω)| also showed smaller resonances above
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fm. Where these resonances occurred, depended on many parameters, primarily on the dif-
ference in propagation speed in the DM and the CM circuit, and on the termination of the
DM circuit. The actual values of the inductive and capacitive DM-CM coupling coefficients
of the tracks were less decisive.

Since the FF’s act as dividers, subharmonics are present in the measured DM and CM
currents. We checked two possible coupling paths towards the CM circuit: a) directly from
the clock tracks, and b) from the supply track. For coupling a) we calculated the transfer
function between the clock track and the CM circuit, assuming a synchronous source for
the subharmonics at all FF’s. It turned out that this transfer is too small by an order
of magnitude to explain the measured subharmonics in ICM . As a consequence, the even
terms of the subharmonics do also not significantly influence the harmonic components.
Coupling b) was minimized by a careful placement of decoupling capacitors, as was verified
by separate measurement of the subharmonic content of the supply current. The small peaks
at f ' 160 MHz, 470 MHz and 950 MHz are signals from nearby communications. This was
verified by switching off the power to the PCB; the communication peaks remained. The
equipment was not placed in a shielded room.

Both effects, abrupt variations in |H(ω)| near fm and large subharmonic amplitudes in
ICM , may have a common origin in a local coupling at the devices. This coupling is not
included yet in the TL model based on the traces. For a passive component, a local off-
diagonal capacitance and a mutual inductance could be selected. Each active device will
act as a local series voltage source, and a parallel current source with respect to the CM
circuit. As a test, we placed a small copper electrostatic shield near FF2 and FF3, at the
edge of the GP. The variations in H(ω) near fm were reduced indeed. Also the measured
subharmonic amplitudes became smaller relative to the harmonics, certainly for the 10 and
20 MHz clock frequencies. A magnetic shield was not tested.

3.7 Additional coupling effects

We chose to present the TL model results as current transfer between the DM and CM
circuits. The DM circuits and the currents should in principle be known to the designer of
a practical PCB. In particular for fast digital electronics, the DM currents may be large.
The CM currents are the prime vehicle of interference, both in immunity and in emission.
In our Bersier approach we decided to interconnect GP and CP at the DM current input
side; the CM current is determined at the other end of the PCB. This allowed well-defined
closed current loops for both the DM and the CM circuit, and enabled us to measure the
CM currents in a direct way. As a consequence, the inductive/resistive DM-CM coupling
will already be important at low frequencies. Other choices for the CM circuit will result in
a different current transfer. For instance, one could leave the CM circuit open at both ends.
The capacitive coupling will then be more important than in our setup.

One should be careful when a CM current is injected in the same setup, in order to assess
the immunity of the DM circuits. The interference current at the inputs of devices is then
described by a different H(ω), which again depends strongly on the position of the tracks
and devices. This is no violation of reciprocity, which relates the current in one circuit to
a voltage in another. Both current transfers, from DM to CM and vice versa, are correctly
described in the TL method.

Experiments taught us that for smaller distances the parasitic capacitance Cg between
the GP and the brass plate B becomes important in two respects. First, the Cg is a path
for ICM parallel to the 150Ω resistor. Only the part through the resistor is actually seen by
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the spectrum analyzer. Second, Cg alters the impedance seen at the input of the CM circuit
at the connector in plate B. We calculated Cg in a 2D model for the gap; Fig. 3.18 shows
Cg for several situations. The dielectric layer on the PCB increases Cg, whereas the nearby
CP lowers Gg. For a 5 cm wide GP we found Cg equal to 3.5 pF in case of a 0.5 mm gap.
Measurements indicated an even larger value, Cg ' 10 pF, with only a slight dependence on
the gap size g if smaller than 1 mm; then ωR0Cg = 1 at 100 MHz. In Fig. 3.17 we presented
the calculated current transfer for the HCT board with Cg = 0 pF (- - -) and 10 pF (· · ·).
Our choice of the 1 cm gap at end B of the GP is a compromise in the experiments. A
larger gap would increase the local contribution of the 100 Ω resistor to the CM inductance.
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Figure 3.18. Calculated capacitance Cg for different configurations: (1) Ground plane GP at

a distance g from the vertical brass plate B of height 2 cm, no CP present. (2) The same as

(1) but with a 20 cm long CP at a distance hCP = 1 cm below GP. (3) PCB coated with a

dielectric εr = 4.7 at a distance g from plate B. (4) The coated PCB with plates CP and B.

A smaller direct capacitive coupling can also be expected between each DM track or the
devices and the brass plate B, certainly when the track is open ended. This has not been
studied in detail.

3.8 Concluding remarks

The proposed TL method estimates the equivalent sources for the common-mode current
on a cable connected to a PCB quite well. For complicated tracks the TL method starts to
deviate above approx. 400-500 MHz. For digital circuits, the first few harmonics dominate
the spectrum above 30 MHz, for which the current-injection or Bersier method is applicable.
At these frequencies, the TL method is particularly accurate.

Different methods exist to describe the EMC properties of a circuit. The simplest one is
the lumped-circuit model, which is particularly useful at low frequencies. Other advantages
are the familiarity of many designers with the model, its applicability to the DM circuits
proper, and the amount of insight which can be obtained from the model. If ground planes
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and conductors are split up into smaller parts, more involved models result, such as the
partial-element analysis proposed by Ruehli [Rue74] or the circuit analysis implemented in
Fasterix [Clo94]. Delay effects can also be incorporated into the models [Gar97]. If good
accuracy is required for the small DM-CM couplings, the constituent parts should be made
small, and the computation time increases dramatically.

Our main interest to investigate the merits and limitations of the TL method was the
wish to speed up the calculations, in particular when analytical expressions were available
for the relevant coupling coefficients. A full ICM or H(ω) spectrum for our demonstration
boards is now calculated in less than a minute on a modern PC. The TL method is then very
well suited for incorporation in a placement and routing process, to generate early warnings
when certain EMC requirements are likely to be violated. A more involved calculation can
always be carried out later.

We used the measured IDM in our TL model. One might prefer to also calculate the
DM currents. However, in practice devices may be available earlier than the required IBIS
models. In addition, interference sources which reside inside the devices such as processors,
are seldom presented in data sheets or files. One then has to resort to measurements anyway
[Ber97].

We expect that the TL method can be extended to even higher frequencies when three-
dimensional effects are addressed more accurately: local coupling at the devices and the
fringing fields at the border of the PCB. In principle the immunity of a PCB with respect
to interferences can also be determined by the TL method. The non-linearity of the devices
should then be adequately known.

When the harmonics generated by digital circuits nearly coincide with abrupt variations
in H(ω), large deviations may be found with respect to measurements. This is true for our
method, but also for any other calculation method. The TL method can be extended to
include local couplings by devices. Active devices require separate series CM voltage and
parallel CM current sources. It would be worthwhile to investigate whether an approach
similar to our TL model can also be found for an active device proper. This will certainly
be necessary for densely packed PCB’s, where the devices may contribute more than the
tracks.



Chapter 4

Crosstalk on a multilayer printed circuit board and

the current distribution

in the ground plane

Abstract

In multilayer printed circuit boards, a ground plane (GP) acts as return for the

current through the tracks. The current distribution in the ground plane (GP) has

been studied for a triple-layer printed circuit board (PCB). The continuous GP was the

middle layer; test tracks in the top and bottom layer were placed at various positions.

The crosstalk in terms of a transfer impedance Zt between tracks on opposite sides

of the GP is particularly sensitive to the current distribution in the GP. General

analytical expressions for Zt are given; the 2D-calculations rely on different models,

each adequate for a specific frequency range. EMC design rules for a proper PCB

layout and routing can be obtained. Rapid high-frequency calculations were based on

transmission-line (TL) models. The theory was checked by measurements. The TL

method gave good results for several boards with bends in the tracks up to 1 GHz.

4.1 Introduction

Multilayer printed circuit boards (PCB’s) are nowadays often used in modern high-speed
analog and digital electronic designs. The ground plane(s) and the lands which distribute
d.c. supply voltages extend over a major part of the different layers. The growing importance
of high-frequency (HF) power distribution and the associated delta-I noise on (multilayer)
PCB’s is reflected in the growing literature, see e.g. [Pau92b, Djo93, Fra94, Hub95, Can96,
Coe96, Osu97, Zut97]. The current in the ground plane (GP) may originate from three
sources. (1) The GP acts as return for a signal track; together with the electronic components
at the ends of the track, a closed signal loop or differential-mode (DM) circuit is formed. (2)
The GP carries the common-mode (CM) current which may arrive at the PCB via cables
connected to the PCB, see also Chapter 3. (3) An external perpendicular magnetic field and
electric field lines ending on the GP may induce circulating currents in the GP which cause
interference signals into DM circuits. The current distribution over the plane is important
for crosstalk between different signal circuits on the PCB, for sensitivity with respect to
external disturbances, and for generation of such disturbances [Ber94, Hoc97]; the latter
important CM current generation is reported in [Hor97a, Hor97b, Hor97c] and Chapter 3.

In the past, numerous crosstalk studies focused on two (or more) circuits on the same
side of a GP; see [Gra92] for a literature review. The GP in these studies is often assumed to
be of infinite size and a perfect conductor; this high-frequency limit is certainly relevant for
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modern high-speed digital electronics. However, there are many important low-frequency
applications such as transducers and amplifiers for slow signals like temperature, level and
positioning, electronics for audio and video, switched-mode power supplies etc. For such
low-speed and/or high-current situations, the finite size and the finite conductivity of the
GP have to be considered [Hor96a, Hor96b]. When the tracks are on opposite sides of
such a GP, the DM to DM crosstalk is then more sensitive to the current distribution (see
e.g. [Cer93, Swa90]) in the GP and behaves in a complicated way [Djo94] due to finite
conductivity.
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Figure 4.1. a) Four tracks on a triple layer PCB which is mounted between two brass plates A

and B. The tracks of width b and the GP are terminated at plate B into different impedances.

The current injected in track 1 on top returns through the ground plane (middle layer); the

voltage is measured between track 2 (lowest layer) and the ground plane. b) cross-section of

the PCB.

To the best of our knowledge no crosstalk studies are reported in literature dealing with
tracks on opposite sides of a GP of finite size and finite conductivity. Therefore, we carried
out a two-dimensional (2D) study based on potential theory on a model PCB which had a
single GP and at first parallel tracks (Fig. 4.1); later also meandering tracks were considered.

A current I1 injected in a track (for instance no. 1 in Fig. 4.1) returned via the GP.
The induced differential-mode (DM) voltage VDM at the near end of another circuit was
calculated and measured. All electronic components were replaced by short circuits between
tracks and the GP at the far end (brass plate B). The crosstalk was expressed by a general
transfer impedance Zt = VDM/I1` per unit length.

We present general analytical approximations for the Zt or the relevant parts thereof,
also for tracks located close to the edge of the PCB. In the 2D potential theory calculations
we emphasize first the coupling by the magnetic field. Later on electric fields are incor-
porated to describe resonances in the crosstalk due to the finite length ` of the structure.
At these frequencies the tracks are modeled as a set of coupled transmission lines. The
TL model allows the incorporation of various load models. A SPICE implementation could
also deal with non-linear device models. Most calculations were performed by combined
FORTRAN/MATLAB routines.

We present the coupling parameters e.g. as mutual inductance M between closed DM
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current loops with proper self inductances. In mathematical terms, our 2D magnetic vector
potential always goes to zero for large distances. This approach circumvents the introduction
of (partial) inductances which refer to infinite distances.

The spurious couplings require considerable accuracy in the calculations; therefore the
analytical and numerical results are compared to check consistency and accuracy. To retain
clarity of the paper, all mathematical details are deferred to appendices. In Section 4.2
we discuss a physical picture for the current distribution and the DM-DM crosstalk which
provides a simple way to understand the results for our PCB in Fig. 4.1. Section 4.3
describes the calculations and additional results. The proximity of a metal cabinet panel
(CP) influences the magnetic field and alters the DM to DM crosstalk; in Section 4.4 we
present a selection out of the many possible configurations. A signal track between two
ground planes and its coupling to another DM circuit outside these planes is studied in
Section 4.5. In Section 4.6 the TL model is introduced and the results are compared with
measurements. More complicated tracks terminated into different impedances are treated
in Section 4.7. The same TL model was extended to describe the conducted emission or
susceptibility of a PCB, which included a comparison with measurements on actual digital
logic, see Section 3.6 and [Hor97a, Hor97b, Hor97c].

In Sections 4.2–4.5, the finite width tracks are represented by filamentary wires; these
wires are then at the middle positions of the corresponding tracks. The actual tracks of
width b are taken into account in Sections 4.6 and 4.7, in order to incorporate the proper
self inductances and capacitances.

The experimental triple-layer PCB was 20 cm long and consisted of a single- and a
double-layer PCB firmly pressed against each other. The copper layer had conductivity
σ = 5.8 · 107 Ω−1m−1 and thickness d = 30 µm. Different GP’s of various widths were
studied. The 1.5 mm wide tracks were placed at h1,2 = 1.5 mm above and below the GP
(see Fig. 4.1). The epoxy layers had a dielectric constant εr of 4.7. The GP was connected
over the full width to the brass plates, which minimized end effects. Measurements between
10 Hz-100 kHz were carried out with an active current probe, sine-wave generator and lock-
in detector. Between 100 kHz and 1 GHz we used a network analyzer. Proper care was
taken to ensure the EMC quality of the measuring system: we only used SMA connectors
and double-braided RG223 cables. The measuring equipment was placed in a special EMC-
cabinet [Hou89].

4.2 Current Distribution and Zt

For a physical picture of the phenomena governing the per unit length transfer impedance
Zt, we consider the Zt(1-2) between filamentary tracks 1 and 2, for the moment centered
(x1,2 = 0) on the GP (2w = 5 cm), but at opposite sides. The origin of the coordinate
system is at the center of the upper surface of the GP. The current I1 is injected in track 1
and returns via the short circuit and the GP. The DM voltage VDM between track 2 and
the GP is determined at the sending end for the current. Faraday’s law for time harmonic
signals

∮

E · dl = −jωΦ yields

VDM =

b
∫

a

Ez(x,−d) dζ + jωΦ

= Ez(x,−d)`+ jωΦ

= ZtI1`, (4.1)
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where Φ is the flux through the rectangle a-b-c-d-a in Fig. 4.2. The electric field Ez(x,−d)
at the lower surface of the GP is related to the local current density by Jz(x,−d)/σ. The
2D assumption allows the simplifications as given in the second and third line of Eq. (4.1);
here Zt is the transfer impedance per unit length.
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Figure 4.2. The voltage VDM measured between c and b is determined by the Ez-field along

the line a-b and the flux through the area a-b-c-d-a.

The solid line in Fig. 4.3a shows the general behavior of Zt(1-2) for a thin GP without
skin effect; for calculations see Section 4.3. Figure 4.3b shows the absolute values of three
contributions to Zt: a) Ez(0,−d), and the flux between the GP and track 2 as b) jωΦ1 due
to the vacuum magnetic field of track 1, and c) jωΦGP due to the current density in the
GP. We can write the volume current density Jz as a sheet current density Kz

Kz(x) =
∫ 0

−d
Jz(x, y)dy, (4.2)

or simpler here: Kz(x) = dJz(x, y). Note that at low frequencies the variation of Jz(x, y)
with depth y in the GP may be neglected. The Ez is then proportional to Kz, according to
Ez(x,−d) = R2Kz(x), where R2 = 1/σd is the sheet resistance of the GP.

Below 1 kHz (region 1 in Fig. 4.3a) the current density Kz is also homogeneous in the
x-direction. The Zt is given by the d.c. resistance of the GP, Zt(ω = 0) = R2/2w or
11.5 mΩ/m for our PCB. The vacuum magnetic field due to the current in track 1 and the
current in the GP fully penetrate the GP (Fig. 4.4a). The flux contributions to Zt are still
negligible. Above 1 kHz the Jz concentrates under the track (Fig. 4.4b) in order to expel the
magnetic field out of the GP. The Ez contribution to Zt(1-2) increases. At 300 kHz (region
3) the current distribution in the GP in the vicinity of track 1 becomes nearly independent
of frequency. Its value tends to

Kz(x) = −I1
π

h1

x2 + h2
1

, (4.3)

analogous to the electrostatic surface charge distribution induced on the GP by a wire with
charge q per unit length, above that plane, see introductory text books on electromagnetics,
e.g. Ramo et al. [Ram94]. The Ez remains proportional to Kz. The change in Ez between
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Figure 4.3. a) General behavior of |Zt(1-2)| between track 1 and 2 with a 2w = 5 cm wide GP.

The curve 1-2-3-5 (—) is calculated by method of moments (Section 4.3.2). The curve 0-2-3-4

(−·−·−) shows |Zt(1-2)| for a very wide ground plane; the skin effect then lowers the |Zt(1-2)|
in region 4. The curves a, b and c are discussed in the text, Section 4.3, as is the cross-over

frequency fc = 2.9 kHz from Eq. (4.5). b) Contributions to |Zt(1-2)| from Eq.(4.1); Φ1 and

ΦGP represent the flux between track 2 and the GP due to the vacuum field of track 1 and of

the GP, respectively.
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region 1 and 3 is a factor 2w/πh1, i.e. a factor 10.6 for our PCB (see Fig. 4.3b). The
flux contributions lower the change in Zt. The total Zt is constant over nearly two decades
in frequency. Both flux contributions jωΦ1 and jωΦGP become similar in magnitude but
opposite in phase. The calculations in Section 4.3 show that the total flux Φ1+ΦGP decreases
with 1/ω, which results in the constant Zt of Eq. (4.13).
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Figure 4.4. Magnetic field lines and current distribution |Kz| in the ground plane (2w = 5 cm)

for three frequencies. Only at large distance of the GP the field lines assume the dipolar shape,

i.e. closed circles through the dipole. The marked field lines are the separatrices Az = 0

between the field lines, which at large distance close above or under the GP.

An analogous situation is the more familiar magnetic shielding by a long tube [Laa84]
against an external homogeneous axial magnetic field (Fig. 4.5). An external field He pro-
duces a flux through the tube Φe = µ0Heπr

2
t . In the tube wall a circulating current It

produces an opposing flux LtIt inside the tube. Here Lt = µ0πr
2
t /`t is the self inductance of

the tube regarded as a long single turn coil of length `t. The resistance of the tube for the
circulating current is Rt = 2πrt/dt`tσt, with dt the wall thickness and σt the conductivity.
We again assume here that the current is homogeneous over the wall thickness. Faraday’s
law then results in

RtIt = −jωΦe − jωLtIt. (4.4)

At low frequencies, ω � Rt/Lt the total flux inside the tube Φe + LtIt ' Φe because the
current It is low. At high frequencies the flux tends to zero as ΦeRt/(Rt + jωLt). A voltage
induced in a loop inside the tube becomes independent of frequency when the external field
He is kept constant, which implies that the induced current is almost constant. The cross-

over frequency is given by ωLt = Rt or rtdt = δ2. Here δ =
√

2/ωµ0σt is the skin depth for
the tube with µr = 1 because the flux inside the tube is involved rather than the flux in the
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Figure 4.5. Parameters for the tube analogon.

tube wall. The relation rtdt = δ2 also holds for the onset of shielding against a magnetic
field perpendicular to the tube axis [Kad59, p. 81].

Returning to our PCB we extend this analogon and estimate the cross-over frequency fc

between region 1 and 2 by the relation 2wd = δ2:

fc = R2/2πµ0w. (4.5)

This approximation is valid for the mid position x ' 0 of both tracks, as was verified
by numerical calculations. A more accurate estimate requires the solution of the implicit
equation R2 = |Zt| with Zt given by Eq. (4.12) in Section 4.3.1.

Above 10 MHz two effects become discernible. First the current density approaches
the HF limit under track 1 given by Eq. (4.3). The magnetic field through the GP is
strongly reduced. For an infinitely wide GP, the two flux contributions Φ1 and ΦGP would
become equal and opposite. However, because of the finite width some magnetic field lines
wrap around the GP (Fig. 4.4c). The flux between track 2 and the GP is then given
by the residual difference of the flux contributions which can be described by a frequency
independent mutual inductance M (region 5 and the curve c in Fig. 4.3a). From Kaden
[Kad59, p. 266] or Love [Lov23, Section 13] one has

M =
µ0

4π

h1h2

w2
, (4.6)

valid near x = 0 for both tracks. At the edges of the GP Kz(x) approaches the HF limit
near |x| = w:

Kz(x) ∝ 1/
√
w2 − x2, (4.7)

analogous to the edge effect for charge density on a plate. The magnetic field near the edges
is strong. However, the current density diverges only in thin strips near the edges of the
GP. Because of the small area involved, the flux through these strips is small. Only at high
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frequencies the resistance will then be overruled by induction, in our example at frequencies
larger than 30 MHz; the GP then behaves like an ideal conductor (σ → ∞).

Second, the skin effect alters the vertical current distribution in the GP. For an infinitely
wide GP with permeability µ = µrµ0 the high-frequency Zt is given by:

Zt = R2

kd

sinh kd

ht

π(x2 + h2
t )
, (4.8)

in which ht = h1 +h2 and k = (1+ j)/δ with δ =
√

2/ωµ0µrσ the skin depth. This behavior
is shown by the dot-dash line, region 3 and 4 in Fig. 4.3a, and by the curve b. For the 50 mm
wide GP of our example, the exponential decrease in Zt of Eq. (4.8) by the skin effect is
overruled by the increase due to the flux coupling around the GP. Observe that the Zt in
Eq. (4.8) depends only on the total distance ht between the tracks, the same result that
is found for the Zt between two circular coils separated by a large plate; see e.g. [Bal81]
and references added therein. The transfer impedance of a thin-walled tube [Sch34, Kad59],
considered as outer conductor of a coaxial system, decreases in an analogous fashion:

Zt = R0
kdt

sinh kdt

, (4.9)

where R0 is approximately the d.c. resistance of the tube per meter, and dt the wall thickness
of the tube. The current flows in the longitudinal direction through the tube wall; the current
distribution is axially symmetric. The additional x-dependence in Eq. (4.8) stems from the
distribution of the current over the GP. A similar exponential decrease also sets in at dt ' δ
for the shielding of the tube mentioned above [Kad59, pp. 292-295]. Some authors call the
current contraction under track 1 the lateral skin effect or just skin effect [Lip80]. In this
paper the vertical skin effect is meant when the term vertical is omitted.

Note that the perpendicular component H⊥ of the magnetic field at the surface of the GP
never vanishes exactly for a GP with finite conductivity. The y-component of ∇×E = −jωB

links the x-variation of the current density σEz to the H⊥. In region 3 (Fig. 4.3a) the
magnetic field penetrates the GP and leaves at the other side of the GP; in region 4 the
magnetic field H⊥ at the surface is guided through the skin. The penetration is more
pronounced where the variation of the current density is larger, i.e. near the edges and
under track 1 as discussed before.

4.3 Mathematical description

4.3.1 The half space and the infinite plate

In a first step consider the plane y = 0 limiting the lower half space (Fig. 4.6a) of material
with conductivity σ and magnetic permeability µ = µ0µr. The filamentary wire carrying
the injection current I1 is in the dielectric region (ε0, µ0) at a height h1 above the plane. The
distribution of the induced return current Jz(x, y) in the plane has already been calculated
by Carson [Car26] in 1926 for non-magnetic materials (µr = 1). He assumed a transverse
magnetic wave ∝ ejωt−γz propagating in the positive z-direction with a small propagation
constant |γ|.

Carson aimed at a telegraph wire several meters above soil with typical conductivity of
about 10−2 Ω−1m−1. Many authors [Ols74, Eft78, Wed78, Oly95] treated the transmission of
waves along wires above a dissipative medium; some use the full-wave analysis. For our PCB
Carson’s approach is apparently correct up to the GHz range because of the much smaller
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distances between tracks and GP and the high conductivity of copper. Appendix C.1 gives
the general steps of Carson’s derivation, which is slightly extended in order to incorporate
magnetic materials µr 6= 1; see also [Wis31].

In a second step consider the plate at y = 0 with thickness d and conductivity σ, still
of infinite extent in the x-direction (Fig. 4.6b). The injection wire is at the position (0, h1)
above the upper side of the plate; a sensing wire is at (x2,−h2) below the plate. In both
dielectric regions µr = 1 is assumed. Because of the finite conductivity, the magnetic field
penetrates the plate. An inductive coupling exists between the circuits at both sides of the
GP. In Appendix C.2, Carson’s calculation for the longitudinal current distribution Jz(x, y)
in the plate is extended to allow a finite thickness d of the plate (Eq. (C.13)) and to include
the magnetic field below the plate.

For a thin GP one may take the ‘thin plate limit’ d ↓ 0 and σ → ∞ while keeping the
sheet resistance R2 of the plate constant. The sheet current density Kz can be derived from
the volume current density Jz(x, y) in Eq. (C.13):

Kz(x) =
∫ 0

−d
Jz(x, y) dy = −jωµ0I1

2πR2

∫ ∞

0

cos(αx) e−αh1

α + jβ
dα, (4.10)
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in which β = ωµ0/2R2. Asymptotic expressions for Zt can also be derived in closed form.
After some algebra using Eq. (C.17), the transfer impedance for the sensing wire at (x2,−h2)
under the GP simplifies to

Zt =
jωµ0

2π

∞
∫

0

cos(αx2)e
−αht

α + jβ
dα, (4.11)

in which ht = h1 + h2. For low frequencies the small-argument expansion [Abr70] of the Ei
functions in Eq. (C.18) can be used, this yields

Zt =
1

4
ωµ0 − j

ωµ0

2π



ln
ωµ0(x

2
2 + h2

t )
1

2

2R2

+ γe



 , (4.12)

with γe = 0.57721 · · · being Euler’s constant. This Zt is the curve labeled a in Fig. 4.3a.
The high-frequency approximation of Eq. (4.11) reduces to

Zt = R2

ht

π(x2
2 + h2

t )
. (4.13)

This Zt value (region 3 and the curve b in Fig. 4.3a) does not explicitly depend on the
frequency. In Eq. (4.11) only the sum ht of the heights h1 and h2 occurs. Reciprocity only
requires that the Zt is symmetrical in h1 and h2. Remarkably the position of the thin GP
between the track does not influence this part of Zt.

In the thin-plate limit no skin effect is possible since d/δ goes to zero. To correctly
describe the skin effect we must consider a general thickness d and use the full equation
(C.17). The resulting Zt is displayed as curve 0-2-3-4 in Fig. 4.3a. Fortunately the expression
simplifies in the high-frequency limit to Eq. (4.8). The frequency fcs where the skin effect
becomes effective, can be calculated explicitly. Choose, by convention, the 3 dB point where
|Zt|2 obtained by Eq. (4.8) is halved with regard to the value of region 3 in Fig. 4.2 given
by Eq. (4.13). The transcendental equation

∣

∣

∣

∣

∣

sinh

[

(1 + j)
d

δ

]∣

∣

∣

∣

∣

= 2
d

δ
, (4.14)

has an numerically obtained solution d/δ ' 2.14. Thus the cut-off frequency fcs is given by

fcs '
2.25

πµ0σd2
, (4.15)

and is again independent of the heights h1 and h2. This frequency equals approx. 22 MHz
for our GP parameters given at the end of Section 4.1 used in calculating Zt in Fig. 4.3a.
In Fig. 4.3a the curve 0-2-3-4 shows the behavior of Zt as described in this Section. Good
agreement is shown in region 2 and 3 (Fig. 4.3a) between the analytical expressions and the
method of moments (MOM) calculations described in the next subsection. The deviations
at the low and the high-frequency end (region 1 and 5 in Fig. 4.3a) are due to the finite
width of the GP.

4.3.2 The strip of finite width

We now replace the infinite plate GP by a strip of width 2w (Fig. 4.6c). The injection
current I1 flows through the wire at the upper side of the strip and returns via the strip. We
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again consider the thin plate limit and calculate the sheet current density Kz(x). The width
2w is slightly less than the shortest wavelength under consideration. We use Faraday’s law
for two positions (x, 0) and (x∗, 0) on the strip:

Ez(x, 0) − Ez(x
∗, 0) = −jω {Az(x, 0) − Az(x

∗, 0)} (4.16)

in which the vector potential Az is due to the current I1 through the injection wire and to
the current Kz = Ez/R2 distributed over the strip, see Appendix D. Here we require that
I1 returns through the strip, or

w
∫

−w

Kz(x) dx = −I1. (4.17)
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Figure 4.7. DM to DM Zt calculated by MOM for one or both wires at the edge of a 50 mm

wide GP. The vertical distance between wires and GP is 1.5 mm. The straight line behavior

above 10 MHz corresponds to M -values of Fig. 4.8.

Equation (4.16) was solved by the method of moments [Har93]; for other methods see
Atkinson [Atk97]. Pulse functions as basis functions approximated Kz(x) over intervals of
the strip. Point matching (Dirac delta functions as testing functions) was used. The colloca-
tion points were at the middle of subsequent intervals. The vector-potential contribution due
to each interval was calculated analytically [Jas77]. To improve the accuracy with reduced
calculation effort, the discretization of the strip was non-uniform: a (x2 + h2

1)
−1 partition

beneath the injection wire and a fine constant mesh at the edges. The transfer impedance Zt

is then obtained by Eq. (4.1). The solid line in Fig. 4.3a is obtained by this MOM method.
The total number N of intervals was chosen such that the difference between the analytical
HF value of Zt (see next section) and the numerical one was less than 10 percent. This
required an accuracy in Az of about 10−4; see also Fig. 4.3b. Such accuracy is generally
needed in EMC calculations because one looks for spurious couplings close to the currents.
No attempts were made to obtain the ‘ideal mesh’ through rigorous error analysis.



54 4. Crosstalk on a multilayer PCB and the current distribution in the GP

For low frequencies the resistive contribution (Ez term in Eq. (4.1)) dominates the
magnetic-flux term, and Zt is constant. The cross-over frequency fc between region 1 and
2 was discussed in Section 4.2; the approximate expression based on the tube analogon is
given in Eq. (4.5). The flat region 3 agrees with the analytical expression Eq. (4.13) for Zt

presented before. At high frequencies the vector potential dominates the resistive term; the
l.h.s. of Eq. (4.16) can be neglected. As a result of the finite width, the transfer impedance
in Fig. 4.3 increases linearly with frequency for f > 30 MHz.

When both tracks are close to the edge, the current density concentrates more slowly
under track 1; the calculated Zt is shown in Fig. 4.7. At high frequency the MOM Zt is in
agreement with the analytical expression Eq. (4.20) discussed below.

4.3.3 Mutual inductance

For high frequencies the GP can be considered as a thin (d ↓ 0) ideal conductor (σ → ∞)
with a sheet current distributionKz. The magnetic field does not penetrate the GP anymore.
The magnetic field outside the GP can then be derived from a complex potential Ω which
can be obtained by means of conformal transformation. See for details Appendix A.3. The
current distribution on both surfaces of the strip results from [Kad59, pp. 56-58]

Kz(x) = −|ŷ × H| = −Re
dΩ∗

dz
, (4.18)

where Ω∗ is the conjugate of the complex potential Ω. For an arbitrary position of the
injection wire, the result of Eq. (4.18) is given by Love [Lov23]. For small height-to-width-
ratio h1/w and the injection wire near x = 0, his solution [Lov23, Section 13] can be
approximated by

Kz(x) ' −I1
π

[

h1

x2 + h2
1

+
h1

w
√
w2 − x2

]

, (4.19)

in which the contribution of Ω at the upper and the lower surface are added (see Fig. A.5).
The first term in the right-hand side is the same as the HF distribution for an infinitely thin
plate; compare with Eq. (4.3). The last term results from the edge effect.

The transfer impedance now becomes a frequency-independent mutual inductance M
which can be calculated by means of Eqs. (A.15), (A.17), (A.18), and (A.19) for any position
of the two wires. When h1,2 � w simple real-valued closed-form approximations exist. The
lowest M is given by Eq. (4.6) for both wires at x = 0 on opposite sides of the GP. An upper
bound occurs when both wires are at the same edge, |x| = w, but still on opposite sides of
the GP. For general h1 and h2:

M(|x| = w) ' µ0

4π
ln

[

1 +
2
√
h1h2

(h1 + h2)

]

, (4.20)

which attains a maximum value when h1 = h2: M2 = (µ0/4π) ln 2. Figure 4.8 shows a set of
M -curves for a GP of 2w = 5cm and both wires at the same distance h1,2 = 1.5 mm w.r.t.
to the GP, calculated from the full complex potential Ω of Eq. (A.18). For comparison we
included an M -curve for both wires on the same side of the GP, one of them placed at x = 0.

4.4 Influence of a nearby metallic plate on the DM-to-DM crosstalk

Many PCB’s are mounted in a cabinet, above a metal panel. A CM loop is then formed
by the GP and the cabinet panel (CP in Fig. 3.4) of width 2p. We describe the coupling
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between a DM loop on the PCB and the CM loop by a transfer impedance Zt; the impedance
of the CM loop is denoted by ZCM . Both impedances were calculated by MOM. A detailed
account was given in the previous chapter. Here we restrict the attention to the DM-to-DM
crosstalk, and we omit all cables.

We first assume that the cabinet panel (CP) is not connected to the GP; the CM loop
is an open circuit. When the cabinet panel now approaches the ground plane, the magnetic
field due to the DM circuit induces a circulating current in the CP even without a net
current flow in the CP. The DM-to-DM crosstalk depends on the position of the CP. For a
disconnected CP, Fig. 4.9a shows the Zt(1-2) at several hCP , with both tracks at mid GP
(x1 = x2 = 0). We again assumed h1 = h2 = 1.5 mm and 2w = 5 cm.

Of course the Zt at d.c. does not depend on the presence of the disconnected CP. At
mid frequencies, region 3 of Fig. 4.3a, the Zt is only reduced when track 2 is very close to
the CP. The Zt assumes the behavior of an isolated PCB already for distances hCP of 1 cm.
At high frequencies the field lines wrapping around the GP dominate the Zt. For smaller
distances hCP the H-field under the GP is compressed, which leads to higher M -values. The
homogeneity of the field improves, and the M -values for x2 = 0 and |x2| = w (lowest two
curves in Fig. 4.9b) converge. At hCP = 1.5 mm these M ’s are equal since both DM circuits
then capture all magnetic flux under the GP. The field lines at the edges (see e.g. Fig. 3.6)
show less curvature for smaller hCP , as is demonstrated by the lower M for the sensing track
above the GP.

We now connect the GP to the CP over their full width at both ends for instance by
the brass plates A and B in Fig. 4.1. A current I1 through track 1 generates a ICM in the
closed CM circuit by the transfer impedance Zt(1-CM), given by

I1Zt(1-CM) + ICMZCM = 0, with ZCM = RCM + jωLCM . (4.21)

The self inductance of the CM loop LCM , as well as the distribution of ICM over the GP
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and CP can be calculated by the MOM, which agreed with the analytical approximations
of Kuester and Chang [Kue80]. The RCM is the series resistance of GP and CP. The final
transfer impedance between the tracks 1 and 2 is denoted by Zt(1-2,c) where c indicates the
closed CM loop:

Zt(1-2,c) = Zt(1-2,o) −
Zt(1-CM)Zt(2-CM)

ZCM

(4.22)

with Zt(1-2,o) the transfer impedance in case of an open CM loop. Figure 4.10 shows
Zt(1-2,c), assuming a CP of 1.5 mm brass in which the skin effect is neglected, hCP = 1 cm,
h1 = h2 = 1.5 mm and 2w = 5 cm.

10
1

10
3

10
6

10
9

frequency in Hz

10
-4

10
0

10
2

Z
t

i
n

Ω
/
m

10
-2

hCP

Figure 4.10. The MOM results of the DM to DM Zt (—) when the CP (2p = 20 cm) is

connected to the GP (2w = 50 mm) at both ends; hCP = 1 cm. Also indicated are the Zt for

a disconnected CP (· · ·), as well as the expected behavior due to the skin effect and due to the

residual M -coupling (- - -).

Major changes occur at low frequencies; the small resistance RCP of the CP is parallel
to RGP of the GP, and Zt = RGPRCP/(RGP + RCP ). However, already at 100 Hz the Zt

rises. In order to estimate the cross-over frequency from Eq. (4.22), one may replace ZCM by
RCM +jωLCM and substitute both Zt(1-CM) and Zt(2-CM) by RGP . In first approximation
Zt(1-2,o) also equals RGP . The resulting cross-over frequency becomes LCM/2πRCP , which
for our setup is 230 Hz. It turned out that the small inductive component in Zt(1-2,o) was
mainly responsible for the lowering of the cross-over to about 100 Hz, as shown in Fig. 4.10.
The flat region 3 is extended to higher frequencies. The short-circuited CM loop reduces
the flux and decreases the M -coupling. The dotted lines indicate the residual M-coupling,
as well as the expected decrease due to the skin effect in the GP.

4.5 A DM track between two planes

In multilayer PCB’s the coupling of a signal track is reduced when the track is placed
between two planes, ground and/or power; assume the planes at y = ±hPP (Fig. 4.11).
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Figure 4.11. Parameters for a wire 1 between two planes of width 2w. The sensing wire 2

resides outside the two planes.

We first describe the Zt between a track on top of a very wide PCB and a track midway
between both planes at (x1, y1) = (0, 0) carrying a current I1. Assuming very wide GP’s and
filamentary wires for the tracks, the current distribution Kz in both planes can be calculated
as in Section 4.3, see Appendix C.3. The ‘thin-plate’ result is:

Kz(x) = −jωµ0I1
2πR2

∫ ∞

0

cos(αx) e−αhPP

α + jβ(1 + e−2αhPP )
dα, (4.23)

where again β = ωµ0/2R2. The high-frequency approximation of Kz becomes

Kz(x) = − I1
4h

sech
πx

2hPP

, (4.24)

which is a factor π/4 smaller than the current density at x = 0 with only one GP; compare
Eq. (4.3). The current density is also more concentrated near wire 1. For the ‘thin-plate’
Zt of a wire at (x2, h2) with h2 ≥ hPP we find

Zt =
jωµ0

2π

∫ ∞

0

cos(αx2) e−αh2

α + jβ(1 + e−2αhPP )
dα, (4.25)

which describes regions 0, 2, and 3 in Fig. 4.12. We include the skin effect (region 3 and 4
in Fig. 4.12) to obtain the high-frequency Zt:

Zt =
R2

π

kd

sinh kd

∫ ∞

0

cos(αx2) eα(d−h2)

1 + e−2αhPP
dα. (4.26)

The integral can be expressed in elementary Ψ-functions [Gra67, 3.541.6]. For (x2, y2) =
(0, 2hPP ) and d ↓ 0 the integral is simply (ln 2)/2hPP . In the flat region 3 Zt is a factor ln 2
smaller than the Zt with one GP, Eq. (4.8), at the equivalent position. However, because a
part of the current returns at the other side of wire 1, the reduction in Zt is less than 1/2
as could be expected intuitively.

When the injection wire is midway between the planes, the return current is shared
equally by both planes. For other y-position of the wire, the total current varies linearly
as −(hPP + y)I1/2hPP for the top and as −(hPP − y)I1/2hPP for the bottom plane at high
frequencies.



4.5 A DM track between two planes 59

10
1

frequency in Hz

Z
t

i
n

Ω
/
m

10
3

10
6

10
9

10
-4

10
-2

10
0

1

2
3

4

5

0
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The M -part in Zt is strongly reduced since both planes effectively confine the magnetic
field. An approximate procedure has been followed assuming that wire 1 and 2 are at some
distance |δx1| and |δx2| from the edge of the PCB; see Appendix A.6. For M one finds:

M =
µ0 δh2

2π

(

hPP

π|δx2|3
)

1

2

e
−π |δx1|

2hPP
− 1

2 , (4.27)

where δh2 is the vertical distance of wire 2 above the top plane. Since δx1 in the argument
of the exponential decreases M rapidly, only one edge is taken into account. In Fig. 4.13 we
compare Eq. (4.27) with the complex potential result of Eq. (A.25). When wire 1 is deeply
buried between both planes at large δx1, very low M -values result by Eq. (4.27) and other
effects may become dominant. Assume for instance that the planes provide of ground and
d.c. power; insufficient decoupling between the planes at the ends may cause a different
return current −( 1

2
± a)I1 through the top (+) and bottom (−) plane. The value of a has

to be estimated for an actual PCB; here we just assume any value 0 ≤ |a| ≤ 1
2
. In worst

case, no net return current flows through one of the planes.

4.6 High-frequency effects of the crosstalk

The previous sections focused on 2D effect for which it is convenient to use a Zt per unit
length. When resonances show up, the total transfer impedance ZT = VDM/I1 (with capital
T as subscript) is more useful. Therefore, from now on ZT will be considered. The current
I1 is now the injected current into track 1 near plate A (Fig. 4.1). As before, the voltage
VDM is measured at this sending end. The filamentary wires in the calculations are replaced
by the actual tracks of width b, as mentioned in the introduction.

4.6.1 Transmission-line description

The dominant mode in a microstrip line is quasi-TEM: a TEM wave adapted to include
a nonhomogeneous dielectric by modifying the line capacitance, and the conductor losses
by adding a series resistance. Gupta et al. [Gup96] give an overview of the vast literature
published over the last decades.

Figure 4.14 shows our four tracks as coupled microstrip lines TL1-TL4 with the ground
plane (GP) as reference; z = 0 corresponds with the side of plate A (near end) and z = `
with the side of plate B (far end). The TL5 describes the common-mode (CM) current
through the GP; its return is a nearby metallic plate or free space. It turned out that a
second-order coupling (DM-CM-DM) becomes important for small values of ZT between
tracks [Ber96]; we then had to include TL5. Details are presented in Section 4.6.4. Until
there, the DM-CM-DM coupling and hence TL5 can be neglected.

The voltage source Vg with impedance Zg injects a current I1 in circuit 1. The other
impedances depend on the actual situation studied, for instance, ZBi = 0, i = 1, · · ·, 4 for
the shorted situation at brass plate B (Fig. 4.1); other values will be discussed in Sections
4.6.3 and 4.6.4. The response of the system can be calculated from the impedance matrix
Z(ω) and admittance matrix Y(ω) per unit length. Djordjević et al. [Djo87a] presented an
overview of the methods to solve the equations for the coupled lines with linear and non-
linear load impedances, both in the frequency and the time domain. We will consider linear
loads in the frequency domain; this allows us to employ the modal expansion of Djordjević
and Sarkar [Djo87b], which is similar to the BLT-method [Bau78, Tes97].
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Figure 4.14. Transmission-line (TL1-TL4) model of the four-track PCB in Fig. 4.1; TL5

incorporates the DM-CM couplings as discussed in the text. The near side z = 0 corresponds

with the side of brass plate A, the far end z = ` with brass plate B. The terminating

impedances are discussed in the text.

4.6.2 TL parameters

Let us first consider a single track of width b at a height h on a dielectric above a GP of
infinite extent.

Characteristic impedance

The characteristic impedance Zm =
√

Ls/Cs of this microstrip line is given e.g. by Gupta et
al. [Gup96]; Ls and Cs are the self inductance and self capacitance of the track with respect
to the GP. For convenience we repeat here Gupta’s expressions (Eq. (2.116))

Zm =















η
2π

√
εr,eff

ln
(

8h
b

+ 0.25 b
h

)

, b
h
≤ 1,

η√
εr,eff

{

b
h

+ 1.393 + 0.667 ln
(

b
h

+ 1.444
)}−1

, b
h
> 1,

(4.28)

and

εr,eff =
εr + 1

2
+
εr − 1

2











(1 + 12h/b)−1/2 + 0.04(1 − b/h)2 , b
h
≤ 1,

(1 + 12h/b)−1/2 , b
h
> 1,

(4.29)

where η =
√

µ0/ε0 ' 120π Ω. The characteristic impedance Zm and the effective dielectric
constant εr,eff depend on εr and b/h. The finite size of GP and dielectric increases Zm;
the deviation is less than 3 percent when the track is farther than 2b from the edge, as was
shown by Smith and Chang [Smi85].
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The self inductance Ls can be obtained from Ls = Z0m/c0, with Z0m the characteristic
impedance of the microstrip with the dielectric replaced by vacuum or εr,eff = 1, and c0 the
velocity of light in vacuo. For all tracks on our PCB’s we use the same Ls = 414 nH/m,
calculated as if the GP were of infinite extent. The capacitance Cs = 88.9 pF/m may be
calculated from Ls and Zm with the proper value of εr,eff = 3.34 for the dielectric.

Series impedance

The series impedance Zs for the track is

Zs(ω) = RDC +Rs(ω) + jωLs, (4.30)

where RDC and Rs(ω) are the d.c. and skin-effect resistances. Closed-form expressions for
the skin-effect resistance were first published by Pucel et al. [Puc68] in 1968, where they
used Wheeler’s incremental inductance rule. Recently Collin proposed expressions by means
of conformal mapping [Col92, Appendix III]. These values are somewhat higher than Pucel’s
one; Collin claims that his solution is in better agreement with experimental results [Col92,
pp. 156-157]. For a microstrip structure with finite width GP (as in our case), Djordjević
[Djo94] gives other expressions for Rs(ω). The high-frequency current distribution in a
microstrip line and a rectangular strip is discussed in several papers by Faraji-Dana and
Chow [Far90a, Far90b, Far91]. Later on the choice for the skin-effect resistance will be
discussed.

Coupled tracks, off-diagonal elements

We now include the remaining tracks. The impedance matrix Z(ω) per unit length for our
problem (Fig. 4.1) is then given by

Z(ω) = Zs(ω)I4 + Zt(ω), (4.31)

in which I4 is a 4 × 4 identity matrix and Zt(ω) the transfer impedance matrix with zeros
on the diagonal as described in Sections 4.2 and 4.3.

The admittance matrix Y(ω) per unit length equals

Y(ω) = jωC, (4.32)

where C is the 4 × 4 capacitance matrix (see e.g. Van Bladel [Bla85, Section 4.6]). It
is more difficult to calculate the off-diagonal elements of the capacitance matrix because
the boundary conditions on the dielectric need to be accounted for. We followed a similar
numerical approach by Harrington [Har69] and Venkataraman [Ven85] for static electric
fields. For highest accuracy the discretization was adapted, see Appendix B. In an iterative
procedure we calculated the absolute error in the tangential electric field, integrated over
each conductor element; for the dielectric boundaries we took the integrated absolute error in
the condition for the normal component of the electric field. The element sizes were adjusted
until an equipartition of the errors over the elements occurred. From these calculations we
derived analytical approximations which suffice in our TL model and considerably speed up
the computations for a PCB.

For convenience, suppose that only tracks 1 and 2 (Fig. 4.1) are present. The capacitance
matrix then becomes

C =

[

Cs + C12 −C12

−C12 Cs + C12

]

. (4.33)
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In vacuo the capacitance matrix C0 satisfies the relation

LC0 =
1

c20
I2 (4.34)

with

L =

[

Ls M
M Ls

]

, (4.35)

the inductance matrix. We found the following approximate relation between C12 and C12,0,
the capacitive coupling coefficients with and without dielectric:

C12 '
C12,0√
εr,eff

, (4.36)

valid for h1 = h2 = h and b1 = b2 = b. This simple relation agrees with the accurate
numerical values to within 20 percent for tracks on the same or on different sides of the GP
over a wide range of parameters: 1 ≤ εr ≤ 12, 0.8 ≤ b/h ≤ 4, and 50 mm ≤ 2w ≤ 400 mm.
The numerical diagonal elements of C were in good agreement those given by Gupta’s
expressions (4.28) and (4.29).

4.6.3 Short-circuit case

All tracks are shorted against brass plate B (Fig. 4.1). Figure 4.15 shows the modules of the
measured and calculated transfer impedances between circuit 1 and 2 ZT (1-2) and 1 and 3
ZT (1-3).

In the experiment the injected current I1 and induced voltages VDMj (j = 2, 3, 4), are
all measured with an S-parameter setup [Hor96a, Section VII]. The sensing circuit j is
loaded by 50 Ω during the Sj1 measurements. When these S-parameters are transformed
into Z-parameters, the current Ij must be zero. Therefore, in our model (still without TL5)
the near-end impedances ZAj (j = 2, 3, 4) are all infinite; in the actual calculations 1 MΩ
impedances were used. The far-end impedances ZBi (i = 1, · · ·, 4) are chosen equal to zero.

Calculations and measurements agree very well. The peaks in |ZT | correspond to quarter
wavelength resonances: ` = (2n + 1)λ/4 with n = 0, 1, 2, .... Here λ is the wavelength
calculated with Eq. (4.29) and εr,eff = 3.34.

For our experimental boards we had to increase ad hoc the skin-effect resistance Rs(ω)
for all frequencies by a factor five compared to Collin’s value in order to fit the resonance
amplitudes and widths. A detailed analysis [Hor97a, Section IIe] showed that this increase
may be most probably attributed to the manufacturing process and surface roughness.

4.6.4 Characteristic-termination case

When all tracks at the far end are terminated into their characteristic impedance of 68 Ω,
the |ZT | will be strongly reduced above 100 MHz because the resonances are suppressed.
As already mentioned in Section 4.6.1, the DM-CM coupling modeled by TL5 must now be
incorporated.

For a free-standing PCB with no nearby conductor in parallel, the CM current returns
as a displacement current; the CM circuit is then difficult to describe in a 2D picture. We
assumed an inductive mutual coupling Ms given by Eq. (3.1) between the DM circuits 1, ···, 4
to the CM circuit. For the return of the common-mode current we chose a large cylinder
of radius R = 1 m. The mutual capacitance Cs∞ ' 0.2 pF/m from the DM tracks to this
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Figure 4.15. Measured (—) and calculated (- - -) transfer impedances |ZT (1-2)| and |ZT (1-3)|
for a 2w = 5 cm wide GP; the tracks are shorted against brass plate B. Tracks 1 and 2 are on

opposite sides at 5 mm from the middle line of the GP (2w = 5 cm); the x-distance between

track 1 and 3 is s = 10 mm. The measured reduction of |ZT (1-2)| at 20 MHz is due to the

skin effect in the GP.

cylinder was numerically calculated by means of the method given in Appendix B. The
self-inductance LCM and self-capacitance CCM of the CM circuit follow from expressions for
a strip 2w in a cylinder of radius R [Web65, Eq. (26.47)]

ZCM =

√

LCM

CCM

=
η

2π
ln

2R

w
, (4.37)

with η = 120π Ω; for our 5 cm wide PCB this impedance becomes approx. 260 Ω. Further,
we assumed ad hoc the near-end impedance ZA5 = 0 Ω and the far-end impedance ZB5 =
377 Ω, the free-space wave impedance.

The 5 × 5 L∗ and C∗ matrices become

L∗ =

















Ms

L Ms

Ms

Ms

Ms Ms Ms Ms LCM

















, (4.38)

and

C∗ =

















−Cs∞
C −Cs∞

−Cs∞
−Cs∞

−Cs∞ −Cs∞ −Cs∞ −Cs∞ CCM

















, (4.39)

with L and C the DM-DM matrices (Section 4.6.2); LCM = ZCM/c0 = 870 nH/m and
diag(L) = (Ls, Ls, Ls, Ls), Ls = 414 nH/m. Since the diagonal elements of C (' 90 pF/m)
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are much larger than Cs∞, the mutual capacitance Cs∞ is not added to these diagonal
elements.
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Figure 4.16. Measured (—) and calculated (- - -) transfer impedance |ZT (1-2)| with 68 Ω

termination; curve (· · ·) gives the calculated |ZT (1-2)| neglecting the indirect DM-CM-DM

coupling, i.e. without CM circuit or without TL5 in Fig. 4.14. For comparison we included

the measured |ZT | with a metallic plate at a distance of 5 cm from the PCB (− · − · −), see

main text.

In Fig. 4.16 the transfer impedance ZT (1-2) is given for a free standing PCB. Since we
are now mainly interested in the HF behavior, we only show the frequency range 10 MHz –
1 GHz. Measurements (—) and calculations (- - -) agree well. In the experiments brass
plate B was removed. The calculated ZT without CM circuit (TL5 in Fig. 4.14) is given by
curve (· · ·) for comparison.

A large brass plate was placed at a distance of approx. 5 cm parallel from the GP and
in contact with brass plate A. The CM circuit is now better defined. Curve (− · − · −)
is the measured ZT (1 − 2) for this situation. The nearby GP strongly reduces the mutual
inductance and the mutual capacitance between the tracks. The indirect coupling DM-CM-
DM now dominates ZT and therefore resonant peaks at approx. 300 MHz and 920 MHz
show up.

For frequencies larger than 200 MHz the ZT reaches a plateau of approx. 0.1 Ω. This
coupling is important for high-current circuits (e.g. switched-mode power supply, digital
circuits) together with low-noise circuits (e.g. operational amplifier). For example, a prop-
erly terminated ECL circuit with a fundamental current-amplitude of 14.8 mA at 230 MHz
(see Table 3.1) generates a DM voltage in the other circuit 2 of approx. 1.5 mV.

4.7 More complicated tracks

The results of the previous section encouraged us to extend the TL method to more com-
plicated tracks as on practical PCB’s. Here we present the results on a PCB with a bend in
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track 1 half way on the GP (PCB1 in Fig. 4.17) and a meandering track 1 (PCB2 in Fig. 4.17).
The short perpendicular part(s) a to d were included in the TL picture as intermediate delay
line(s); the CM circuit as described in the previous section was also included.
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Figure 4.17. Two demonstration boards, PCB1 and PCB2. Solid lines correspond to the upper

layer of the PCB; dashed lines to the lower layer. The GP is the middle layer, with width

2w = 10 cm and lengths 20.5 cm; the straight tracks are ` = 20 cm long.

Figure 4.18 shows the DM-DM transfer impedance ZT (1-2) with tracks shorted (s) or
terminated in 68 Ω (t). The CM circuit (TL5 in Fig. 4.14) is formed by the GP and a return
at large distance (Section 4.6.4), with only inductive couplings from the parallel tracks to
this return. The inductive coupling from the orthogonal track a to the return is disregarded.
The treatment is further the same as for the straight-track problem in Section 4.6.

The peak of ZT (1-2) at 160 MHz for the shorted tracks correspond with the quarter-
wavelength resonance of track 1 with total length `1 = 25 cm; the peak at 200 MHz with
the corresponding resonance of the sensing track 2 with length `2 = 20 cm. The ZT (1-2)
and ZT (1-3) results for the meandering track are shown in Fig. 4.19 (short-circuit case) and
Fig. 4.20 (characteristic-termination case).

Good agreement between measurements and calculations are obtained up to approx.
500 MHz. At higher frequencies additional parasitic couplings to the CM circuit become
more important; e.g. the capacitive coupling of the relative long orthogonal tracks a, · · ·, d
for PCB2. Nevertheless, the TL method gives good results when the tracks are on the same
side where the couplings are much larger [Pau92a, Chapter 10].
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Figure 4.18. Measured (—) and calculated (- - -) DM-DM transfer impedance |ZT (1-2)| for

PCB1 with shorted (s) and 68 Ω terminated (t) tracks.

4.8 Concluding remarks

The M -part in the DM to DM crosstalk shows a strong position dependence when one or
both tracks are near the edges of the GP. Both tracks at a distance 3h1 from the edge already
reduces the crosstalk by about one order of magnitude.

In our analysis we used 1.5 mm thick insulation. Many multilayer PCB have interlayer
insulations of 0.2 mm, and correspondingly smaller tracks and track distances. There is also
a tendency to reduce the copper-layer thickness. For such PCB’s the analytical expressions
for Zt are valuable and the derived guidelines can help a designer to obtain an a priori
estimate of the EMC properties of PCB’s. Moreover, the expressions may be implemented
in a PCB layout program to calculate or check ‘online’ violations of EMC rules; see also
Chapter 5.

Our rapid and efficient TL method is also suitable for generating warnings for violations
of EMC principles during the PCB design. A modern personal computer calculates different
configurations in a few minutes; track positioning, placement of decoupling capacitors etc.
could be optimized in a short time.

The TL method can be extended to even higher frequencies when three-dimensional
effects are addressed more accurately, e.g. the capacitive coupling of the orthogonal tracks.
The exact configuration of the CM circuit is also important for extension of the TL model,
but this CM circuit is hard to identify for practical situations.



68 4. Crosstalk on a multilayer PCB and the current distribution in the GP

10
7

10
-3

10
1

10
8

10
9

frequency in Hz

10
7

10
8

10
9

frequency in Hz

10
-1

Z
T
(
1
-
2
)

i
n

Ω

10
-3

10
1

10
-1

Z
T
(
1
-
3
)

i
n

Ω

Figure 4.19. Measured (—) and calculated (- - -) DM-DM transfer impedance |ZT (1-2)| and

|ZT (1-3)| for PCB2 with shorted tracks.
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Figure 4.20. Measured (—) and calculated (- - -) DM-DM transfer impedance |ZT (1-2)| and

|ZT (1-3)| for PCB2 with 68 Ω terminated tracks.
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Chapter 5

Implementation of EMC analysis

into a design phase

5.1 Introduction

The EMC analysis presented in the previous chapters is suitable for incorporation in the
PCB design phase of a product; a possible design-flow diagram is shown in Fig. 5.1. The
most important objective is to avoid the large feedback loop from the prototype to the
layout/placement process, since changes in the design after prototyping are expensive.

One option is to use cheap components, including the PCB itself, and to fix the EMC
problems after prototyping. The cost per unit product of the redesign in high-volume
electronics can be cheaper than the costs of the components. This approach is in general not
advisable, since in the near future a redesign with cheap components may not be possible
due to the increasing speed and complexity. Also, component variations can become a
problem when a chip must be replaced by a newer and faster type. The proposed design
flow in Fig. 5.1 is suitable for designing cost effective products, since the influence of the
PCB topology and components can be calculated before any actual product has been built.

An important part of the diagram is the common-mode current calculation. Most PCB
or chip designers concentrate on the radiated fields by the PCB itself, and omit the fields
radiated by the attached cables. Only a few designers nowadays calculate the CM current
by means of a full-wave analysis (FDTD or NEC) and to the best of our knowledge not by a
rapid transmission-line approach. Therefore, it would be advantageous from an EMC point
of view to incorporate our method into existing software.

In Section 5.2 we give a global description of the possible implementation as shown in
Fig. 5.1. Section 5.3 concentrates on the CM current prediction during the placement/layout
phase.

5.2 Global description

The design process starts with an idea (a)1, a functional design (b), and a functional simula-
tion (c). The functional design and functional simulation can be further subdivided into, for
example, modeling, requirement capture, validation, verification etc.; for more information
see e.g. [Put97]. These steps are more or less independent of the board technology. After
a successful functional simulation some initial choices have to be made (d), such as: PCB
topology (number of layers, VCC/GND layers), logic type (HCT etc.), cabinet (metal, plas-
tic), connector type etc. These choices are complex and depend on numerous factors. For

1The italic letters refer to the labeled blocks in the diagram
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example, the cost effectiveness is one of the most important figures in consumer electronics.
In general, the cheaper the components used (including board), the harder it becomes to
obtain good EMC quality.

The physical design phase involves the component placement and routing (e); see for
some placement and routing rules [Hen91]. The delays in the components and along the
tracks should not exceed certain limits, as can be verified by a signal-integrity analysis SIA
(g). It is advantageous to implement some EMC design rules and formulas (j) from the
previous chapters already at this stage; for further details see Section 5.3. In addition to
the SIA (g), also the CM current generation (f) must be considered, e.g. the CM current in
the Bersier setup discussed in Chapter 3; in the next section we discuss the implementation
of the current calculations during the routing process. The SIA and ICM -prediction can
be performed in parallel (blocks f and g). To achieve this one adds the CM circuit to the
coupled TLs (k) for the interconnects which are also needed in the SIA. Even without a
nearby plane the SIA must be extended with the DM-CM-DM conversion (l) as discussed
in Section 4.6.4. Only if the SIA gives no problems AND the emission (3 µA) and immunity
(10 mA) EMC requirements are fulfilled, an actual prototype can be considered. The limits
for the emission and the immunity are based on standard tests; more severe or less stringent
limits may be defined by the user if desirable. For frequencies where the EMC rules are
critical, a further full-wave analysis (i) could be performed. However, the feedback from
the time-consuming full-wave analysis (i) to the placement/routing process (e) is often not
necessary.

The last step in the design process is building and testing the prototype (h). Practical
experience shows that the product usually complies with the more elaborate regulatory EMC
requirements when the simpler precompliance EMC rules are fulfilled.

5.3 Placement and layout phase

During the placement and layout phase it is advantageous to predict the CM current gen-
erated by DM currents through signal tracks; later on we will treat the immunity problem.
Our proposed strategy for the emission problem is:

1. During routing estimate the CM current contribution generated by the DM current
through an individual straight track;

2. Calculate the spectrum of the CM current generated by a complete net and store this
spectrum for later use;

3. Add the stored spectra calculated of carefully selected bundles of transmission lines
(e.g. data lines, address lines etc.) in the previous item for the complete PCB, this
results in a worst-case CM current;

4. If this worst-case CM current is too high, calculate the design by the TL approach
using only the ‘hot’ nets from item 2.

These items are explained below.
(1) The conducted emission treated in Section 3.3 is suitable for a first estimation of

the CM current generation. For example, the digital waveform parameters of a DM current
through a straight track are known either from data sheets or from the functional simulation.
The mutual inductive coupling from any track to the CM circuit (Section 3.2) could be
monitored permanently during the routing of that track. If the track does not run in parallel
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with the CM circuit, it can be decomposed into a component parallel and a component
orthogonal to the circuit; the same idea as is done with calculating the Manhattan distance.
The upper boundary for the CM generated by the current is then estimated by Eq. (3.14).
If the 3 µA emission rule is exceeded, a warning and/or possible solutions should be given.

The possible solutions depend strongly on the PCB type used. For single sided PCB’s
the best solution is using slower logic or reducing the supply voltage (when possible). Double
sided PCB’s without ground planes could be improved by adding extra grounding tracks or
gridded grounds. With ground planes, the critical tracks should be moved to the middle of
the GP’s (Section 3.2); for multilayer PCB’s these tracks can be buried between two GP’s
(Section 4.5) resulting in a tremendous decrease in CM current generation.

(2) The current distribution in a completely routed signal net can be calculated via the TL
model, resulting in the prediction of the CM current. This is indicated by the bidirectional
dotted line in Fig. 5.1 between the placement/layout block e and the ICM prediction block
f . In principle the source(s) and load(s) are available from the functional design; if not, a
proper model should be selected from a library. The calculation (in the frequency or the
time domain) of the current through the net should be done in the background while the
PCB designer continue his work; the mutual interaction with other nets is neglected. The
spectrum of the calculated CM current generation is stored for future purposes. Of course,
if the CM current is too high a warning should be given. If the predicted CM current is
below the limit, the process restarts with item 1 for other signal nets.

(3) If the board design is finished, the worst-case CM current generation results from
the addition of the stored spectra of all routed signal nets. In this process bundles of
transmission lines belonging to a group, such as data lines and address lines, should be
considered in order to obtain a good guess. Apart from the total (worst-case) CM current,
this rapid approach also gives the individual contributions of the nets.

(4) When the worst-case current exceeds the emission limit, the total timing should be
taken into account. For this purpose only those nets which contribute the most to the CM
current should be taken into account; these ‘hot’ nets are stored into memory. Therefore,
time consuming calculations are avoided by minimizing the number of nets involved.

The current through supply nets could be treated in principle in the same manner. In
practice, the high-frequency current through supply tracks depends strongly on the decou-
pling capacitors near IC’s. Therefore, an estimation of the current through these tracks
should be made; the TL method and corresponding CM current prediction are then appli-
cable.

Up to now we concentrated on the emission problem. The reciprocal immunity problem
is similar. The injected current is converted via the Zt into disturbing voltages at the ends
of a net. During routing these generated voltages can be calculated. For too high disturbing
voltages a warning should be given.



Chapter 6

General conclusions

In practical cases disturbance currents or common-mode (CM) currents are often the main
cause for interference. These currents through conducting structures belonging to devices
generate interference voltages over sensitive terminals. The associated transfer impedance,
defined by the ratio of the induced voltage and the disturbance current, describes the EMC
quality of a device and turns out be an excellent parameter to search for EMC solutions.

A new, simple, inexpensive, and sensitive workbench setup has been developed to de-
termine the transfer impedance of shielded connectors. The main advantage over existing
methods is the ease of mounting connectors in the setup. The injection current is mea-
sured by an inductive sensor integrated in the setup. The parameters of the current sensor
can be calculated or measured. The transfer-impedance measurement does not require a
calibration by means of a reference connector. The overall sensitivity of the workbench is
3 µΩ. Transfer impedances down to 0.1 pH for connectors of maximum 3 cm length can be
measured correctly for frequencies up to 1 GHz. Longer connectors can also be measured
but at lower frequencies.

The common-mode currents generated by differential-mode (DM) circuits on a printed
circuit board (PCB) with a continuous ground plane (GP) have been studied by means of
a transmission-line (TL) model. These CM currents flow through the shields of attached
cables; the electromagnetic-field emission from these cables often dominates the direct radi-
ation from the board. The proposed method estimates the equivalent voltage source at the
edge of the PCB by means of the TL approach. The measured and calculated CM current
through an attached cable, modeled by a 150 Ω impedance, agreed quite well.

The on board couplings or crosstalk between two DM circuits on a triple layer PCB with
a continuous ground plane (GP) can also be expressed in terms of a transfer impedance.
The induced voltage source at one end of a track caused by a differential-mode (DM) cur-
rent through another track equals the transfer impedance times the disturbing DM current.
General analytical expressions for this transfer impedance have been derived from the cur-
rent distribution in the GP. The two-dimensional calculations for these expressions rely on
different models, each adequate for a specific frequency range. The TL method extends the
applicable range up to approx. 1 GHz, depending on the complexity of the board.

In both the CM-DM and the DM-DM couplings the high-frequency TL parameters are
given by approximated values, applicable for a wide range. The rapid and efficient TL
method with the analytical expressions is suitable for incorporation into a PCB design
program. Such program should generate warnings for violations of EMC principles during
the PCB design. The general analytical expressions are valuable to estimate the EMC
properties of PCB’s.
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Appendix A

Conformal mapping

In this Appendix the high-frequency coupling from a circuit on a PCB with a continuous
ground plane to another DM or CM circuit will be obtained by conformal mapping tech-
niques. Sections A.1 and A.2 refer to the DM to CM coupling discussed in Chapter 3, where
the PCB is placed above a metallic plane of infinite extent. The detailed derivation of the
HF crosstalk treated in Chapter 4 is given in Sections A.3–A.6.

A.1 Parallel plates

Suppose we have the parallel-plate system in the complex z–plane, see Fig. A.1a. The width
of the plates is 2w and their separation 2hCP . The transformation [Lov23]

z =
2K ′hCP

π

[

Z(s) +
πs

2KK ′

]

, (A.1)

maps the upper side with cuts ABC and EFG of the z–plane onto the interior of a rectangle
in the complex s = u+ jv–plane (Fig. A.1b); K is the complete elliptic integral of the first
kind of modulus k, K ′ the same integral with modulus k′ =

√
1 − k2, and Z(s) Jacobi’s

Zeta function (see [Abr70]). Note that Abramowitz [Abr70] uses the parameter m = k2 in
the definition of the integrals. This derivation remains the same for both definitions.

If hCP � w the quotient of the integrals is given by [Lov23, pp. 342]

K ′

K
=

w

hCP

[

1 +
hCP

πw

(

1 + ln
2πw

hCP

)

]

. (A.2)

Suppose now that the sensing wire resides near point G in the complex z–plane (Fig. A.1a),
say at z = hCP + h1, then its image resides at s = K − u+ jK ′. We assume that h1 and u
are small. When K ′/K � 1, the q-series [Abr70, Eq. (17.4.38)] of the Zeta function yields

Z(s) =
π

K

∞
∑

n=1

sin nπs
K

sinh nπK′

K

' 2π

K

∞
∑

n=1

e−nπ K′

K sin
nπs

K
(A.3)

The sine function in the summation simplifies for s = K − u+ jK ′ to

sin
nπs

K
' j

2
enπ K′

K e−jnπ K−u
K , (A.4)

where the trigonometric sine-summation rule and sinh p ' cosh p ' ep/2 (p = nπK ′/K �
1) have been used. Substitution of Eq. (A.4) into Eq. (A.3) yields

Z(K − u+ jK ′) ' − jπ

2K

[

1 + j tan
πu

2K

]

. (A.5)
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Figure A.1. The complex z = x+ jy and s = u+ jv–planes for the parallel plates BD and FH.

Substitution of z = hCP + h1 and s = K − u + jK ′ in Eq. (A.1) finally results in the
transcendental equation

hCP + h1 '
K ′

K
hCP

[

tan
πu

2K
+
K − u

K ′

]

. (A.6)

Because K ' π/2 and u � 1, the first-order approximation of the tangent can be used
(tan p ' p), and so

u ' 2K2

hCP (K ′π − 2K)
h1. (A.7)

The mutual inductance Ms then simply follows from

Ms = µ0
u

2K ′ ' µ0
K

K ′
1

K′

K
π − 2

h1

hCP

. (A.8)

With K ′/K ' w/hCP � 1 one obtains the result presented in Section 3.2, Eq. (3.6).

A.2 Approximate solution

A simpler but approximate derivation for the problem of the previous subsection can be
found when hCP � 2w. The transformation between z = x+ jy and s = u+ jv

z

z0

= es/s0 − s

s0

− 1 (A.9)

maps the strip 0 ≤ v ≤ πs0 in the s-plane on the z-plane with y > −πz0; s = 0 is mapped
onto z = 0 (Fig. A.2). The origin of the coordinate system is now on the left edge of the GP.
The image of the line v = jδ with δ ↓ 0 folds around the positive real axis in the z-plane.

In the s-plane we assume the parallel-plate transmission line of infinite extent in the
u-direction. A first approximation Φa of the flux per unit length between the plates is

Φa = µ0KzhCP , (A.10)
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Figure A.2. The complex z = x + jy and s = u + jv–plane for the fringing field effects of a

parallel plate system.

in which Kz is the sheet current density approximated by I/2w. The scaling factor s0 for
the flux function v in the s-plane is µ0KzhCP/π; the scaling factor z0 for the z-plane is
then hCP/π. When we expand the exponential in Eq. (A.9) to the second degree, the first
two terms cancel in the r.h.s. of Eq. (A.9). For a point jy near the edge of the PCB

v/s0 '
√

2|y|/z0 holds approximately. The resulting Ms is presented as Eq. (3.7). Higher-
order terms in the expansion soon become important. In Fig. A.3, we compare v from
Eq. (A.9) to the second-order expansion with and without an additional correction term ∆v
fitted over the range −1 < y/z0 < 1:

∆v/s0 =
2
∑

k=0

ck

(

y

z0

)k

with











c0 = +0.0023
c1 = −0.3336
c2 = +0.0568

(A.11)

where y is positive above the GP. This second-order fit in the least square sense is accurate
to within 0.004 for v/s0; if restricted to the linear term only to within 0.06. The markers
m1 and m2 on the horizontal axis in Fig. A.3 correspond to the height of the sensing wire;
the markers m1 and m2 in Fig. 3.7a correspond to the same heights.

For a point z = w + jh1 above the middle line of the PCB, s is near the positive real
axis; the exponential is the leading term in Eq. (A.9). One may then approximate the flux
function by

v ' Im log z = arctan
h1

w
' h1

w
. (A.12)

The magnetic-field lines between the GP and the CP forms closed loops around the GP.
The other edge of the PCB is taken into account by assuming that both edges contribute
independently. For the position z = w+ jh1 we multiply the flux function mentioned above
by a factor of 2. Application the scaling for s and z results in Eq. (3.6) given in the main
text, which was also obtained at the end of the Appendix A.1. For a point z = w − jh1

under the middle line of the PCB, s is close to the negative real axis; the exponential in
Eq. (A.9) can be neglected. One easily verifies that the resulting Ms is equal to the one
given in Eq. (3.3) of the main text.

In the comparison of the analytical values for Ms with the numerical and experimental
values for sensing track positions close to the GP, the approximation of the total flux Φ in
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Eq. (A.10) turned out to be too large even for small values of hCP/w. Better approximations
for Φ are given by Love [Lov23, Section 3] and Kuester and Chang [Kue80, Eq. (14)] which
are repeated here for convenience:

Φ ' µ0ICMhCP

2w

[

1 +
hCP

πw
ln

2πw

hCP

]−1

(Love) (A.13)

' µ0ICM

2

[

K[sech(πw/4hCP )]

2K[tanh(πw/4hCP )]
− h2

CP

2πw2
ln

(

1 +
4w2

ah2
CP

)]

(K&C), (A.14)

with K(k) being the complete elliptic integral and a = 2/ ln(4/π). In Fig. A.4 we compare
Eq. (A.10), (A.13) and (A.14); we used the last approximation for the Ms-curves in Fig. 3.7.

A.3 Joukowski transformation

Suppose that the injection and sensing wire locate at coordinates z1 resp. z2 in the complex
z = x+ jy–plane (Fig. A.5). The infinitely thin GP is located on the real axis −w < x < w.
The wire at z1 carries a current I1, the GP a current −I1. The Joukowski transformation
[Kob57, pp. 58-60] and its inverse

z

w
=

1

2
(t+

1

t
), t =

z

w
+

√

(

z

w

)2

− 1, (A.15)

map the outside of the GP in the z-plane and the outside of a unit circle in the complex
t-plane onto each other, see Fig. A.5.
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Figure A.5. a) The PCB structure of Fig. 4.1 is given in the complex z–plane by an infinitely

thin GP of width 2w located at the real x-axis. The tracks 1 and 2 are replaced by wires

located at the positions z1 and z2, respectively. b) The structure of a) transformed into the

t–plane by means of a Joukowski mapping. c) The complex t–plane of b) rotated into the

complex s–plane.

The square root in Eq. (A.15) is to be understood as principal value

√

p2 − 1 :=
∣

∣

∣p2 − 1
∣

∣

∣

1

2 ej(arg(p−1)+arg(p+1))/2, − π < arg(p± 1) ≤ π. (A.16)

This definition avoids the use of Riemann surfaces, because the upper/lower side of the GP is
mapped onto the upper/lower side of the circle by means of Eq. (A.15). The transformation

s = tej(π−α1), (A.17)

rotates the transform t1 (injection wire) onto the negative real axis of the s = u+ jv–plane,
with α1 being the principal value of the argument of t1. The gradient of the real part of
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the complex potential Ω(s) = X(s) + jΨ(s) gives the magnetic field H = ( ∂X
∂u
, ∂X

∂v
). The

imaginary part of the potential represents the flux function at position s. The unit circle
must be a flux tube. The required complex potential is the sum of the potential due to the
wire 1 at s1 and of the potential due to a current −I1 at the inverse point sinv

1 = −|t1|−1 of
the injection wire (Fig. A.5) [Kad59]

Ω(s) = −j I1
2π

[

log(s+ |t1|) − log(s+
1

|t1|
)

]

. (A.18)

The principal value of the complex logarithm is used. The line dipole of strength I(s1−sinv
1 )

is centered at s = (s1 + sinv
1 )/2. The mutual inductance M is equal to the difference in the

flux function between the transform of z2 and the unit circle

M =
Φ

I1
=
µ0

I1

[

Im Ω(s2) − Im Ω(ejφ2)
]

=
µ0

I1

[

Ψ(s2) − Ψ(ejφ2)
]

, (A.19)

where φ2 = arg(s2). The flux function on the circle is constant and is given by

Ψ(ejφ2) = − I1
2π

log |t1|. (A.20)

Generally explicit real, closed forms for the mutual inductance cannot be calculated by
means of Eqs. (A.15), (A.17), (A.18), and (A.19). Approximate analytical solutions for two
limiting cases are given in the main text. However, the elementary functions used in the
evaluation of M require little computational effort.

A.4 H-field lines for d.c.

A d.c. current I1 is homogeneously distributed over the GP. The complex potential, used
to plot the d.c. field in Fig. 4.4a, is obtained by integration of the logarithmic potential due
to the GP:

Ω(z) = −j I1
2π

[

log(z − z1) +
(z − z3) log(z − z3) − (z − z2) log(z − z2)

z3 − z2

+ 1

]

, (A.21)

in which z2,3 are the general end points of the GP. In our case z2 = −w and z3 = w. When
the injection wire at z1 is close to the midpoint of the GP, the field lines assume the dipolar
shape only at large distances |z|. The integral over the GP is identical to the expression
given by Jaswon [Jas77, Chapter 11].

A.5 CM current

For a high-frequency common-mode current ICM through a GP with its return far away, the
complex potential takes the form:

Ω(t) = −j ICM

2π
log t. (A.22)

For any position on the unit circle |t| = 1 and thus Im[Ω(t)] = 0. For M one obtains:

M =
Φ

ICM

=
µ0

ICM

[Im Ω(t1) − Im Ω(tc)] =
µ0

ICM

ln |t1|, (A.23)

in which tc is an arbitrary point on the unit circle.
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A.6 Track between two planes

In the z = x+ jy-plane (Fig. A.2) the origin is at the leftmost edge of the top plane; assume
the other plane at y = −2hPP which also extends into the positive real direction. The plane
y = −jhPP is a symmetry plane in which the injection wire 1 resides at x1 > 0. Wire 1
carries a current I1. The transformation Eq. (A.9) and Fig. A.2 can only be used for the
region y ≥ −jhPP , which suffices in our case. The scaling factor in Eq. (A.9) is z0 = hPP/π.
Sensing wire 2 is at z2 = x2 + jy2 above the top plane.

Assume now the injection wire 1 in the s-plane at the position s1 = u1 + jv1 between
two perfectly conducting planes at v = ±π. The complex potential Ω which describes the
H-field between the planes and which satisfies the boundary condition Im Ω = 0 at these
planes is:

Ω(s) =
−jµ0I1

2π
log

[

sinh[(s− s1)/4]

cosh[(s− s∗1)/4]

]

, (A.24)

with s∗1 being the complex conjugate of s1. If s1 is halfway between the planes, v1 = 0, and
Im Ω is symmetric with respect to the real axis.

For calculation of the mutual inductance, z1/z0 and z2/z0 are transformed by Eq. (A.9)
with s0 = 1. Both s1 and s2 are shifted over −jπ before substitution in Eq. (A.24). The
resulting M is shown in Fig. 4.13. A further simplification is possible when wire 1 is deeply
buried between the planes, i.e. x1 > hPP , and z2 is above the top plane. Then |s2 − s1|
is large and the argument of the logarithm in Eq. (A.24) is close to 1; the logarithm is
then approximately −2 e−(s2−s1)/2. The exponential in Eq. (A.9) can be neglected in the
transformation for z1. With these approximations M becomes

M(x1, z2) = −µ0

π
Im

[√

z0

z2

e−(x1+z0)/2z0

]

. (A.25)

This may be further simplified to Eq. (4.27) for the sensing wire at larger distances from
the edges; note that in the main text the z-coordinate system is shifted.
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Appendix B

Electrostatic potential theory and capacitance

Several approaches are possible for solving electromagnetic problems which involve perfectly
conducting metallic structures and dielectrics. When only homogeneous dielectrics occur,
the problem can be solved by means of equivalent sources; see Collin [Col91, Section 1.8]
for a comprehensive overview. In this Appendix we will solve two-dimensional (2D) elec-
trostatic problems. The small coupling capacitances involved are of main interest here.
The analytical treatment and the numerical implementation are discussed in the first two
subsections. Experiments show the importance of the discretization when the capacitances
involved are small (of the order of fF/m), therefore the third subsection is devoted to the dis-
cretization. Finally, a comparison is made between the numerical solution and the analytical
approximation (4.36) given in the main text.

B.1 Analytical treatment

Electrical potential problems for finite two-dimensional structures have been solved in the
past by several authors, see e.g. Harrington et al. [Har69], and more recently Venkataraman
et al. [Ven85]. In this subsection a mathematical foundation for the resulting integral
equations (IE’s) over the conductor and dielectric-to-dielectric interfaces is given; for this
and other methods see also [Atk97, Section 7.1]. In order to keep the derivation simple, i.e.
avoiding a lot of bookkeeping, a simple structure is considered (see Fig. B.1). An extension
to more complex structures is readily made.

Consider a two-dimensional dielectric body D+ with relative permittivity εr, which is
bounded by a simple smooth closed contour C = ∪Ck (see Fig. B.1); C1 and C3 are infinitely
thin ideal conductors and C2 and C4 dielectric boundaries. The unbounded exterior region
D− consists of a dielectric with relative permittivity εr0, e.g., vacuum. For convenience, we
denote the dielectric-dielectric interfaces by Cd = C2 ∪ C4.

The unit vector n denotes the outward unit normal to C, and C is travelled counter-
clockwise; the corresponding direction of the unit tangent u to C is shown in Fig. B.1. The
vector ρ denotes the position vector of the observation point (x, y) ∈ IR 2.

According to Harrington [Har69, Section 8.1], the potential at any point ρ ∈ IR 2 \C can
be represented by

Φ(ρ) =
∫

C

σT (ρ′)

2πε0

ln
K

|ρ− ρ′| ds =
∫

C

σT (ρ′)

2πε0

ln
1

|ρ− ρ′| ds+K ′
∫

C

σT (ρ′)

2πε0

ds, (B.1)

in which ρ′ ∈ C, s is the arc length along C, σT is the total real-valued single-layer density

The author is indebted to prof. dr. J. Boersma from the Department of Mathematics and Computing
Science, for carefully reading this appendix and the useful suggestions made.
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Figure B.1. Geometry of the problem.

and K > 1 is an arbitrary constant; therefore K ′ = lnK is also an arbitrary positive
constant. Since Φ(ρ) is harmonic for ρ ∈ IR 2 \C and regular at infinity, the potential must
be bounded for |ρ| → ∞. This condition can only be satisfied when the total charge equals
zero, i.e.

∫

C

σT (ρ′) ds = 0. (B.2)

The potential (B.1) of the single layer is continuous at all points on the curve C; see e.g.
Tikhonov and Samarskii [Tik90, Section IV.5]. Thus we are led to the integral equations

∫

C

σT (ρ′)

2πε0

ln
K

|ρ− ρ′| ds = V1, ρ ∈ C1, (B.3)

∫

C

σT (ρ′)

2πε0

ln
K

|ρ− ρ′| ds = V3, ρ ∈ C3, (B.4)

where V1 and V3 are the prescribed potentials at conductors C1 and C3, respectively.
The electric field E(ρ) is given by

E(ρ) = −∇Φ(ρ). (B.5)

The normal component of the electric flux density D must be continuous at the dielectric-
dielectric interface Cd, therefore

εrn · ∇Φ(ρ+) = εr0n · ∇Φ(ρ−), (B.6)

where ∇Φ(ρ±) = limδ↓0 ∇Φ(ρ∓ δn), and ρ ∈ Cd. Since n · ∇ equals the normal derivative,
the boundary condition (B.6) for ρ ∈ Cd yields [Tik90, Section IV.5]

εr

[

∂Φ(ρ)

∂n
+
σT (ρ)

2ε0

]

= εr0

[

∂Φ(ρ)

∂n
− σT (ρ)

2ε0

]

, ρ ∈ Cd, (B.7)
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with
∂Φ(ρ)

∂n
= −

∫

C

σT (ρ′)

2πε0

d

dn
ln |ρ− ρ′| ds =

∫

C

σT (ρ′)

2πε0

cosϕ

|ρ− ρ′| ds, ρ ∈ Cd, (B.8)

where ϕ is the angle between n and the direction from ρ to ρ′. Observe that the inte-
gral is proper since the limρ′→ρ cosϕ/|ρ− ρ′| exists. The resulting integral equation for an
observation point ρ ∈ Cd becomes

εr + εr0

2ε0

σT (ρ) +
εr − εr0

2πε0

∫

C

σT (ρ′)
cosϕ

|ρ− ρ′| ds = 0, ρ ∈ Cd. (B.9)

A frequently used method to solve the coupled IE’s (B.3), (B.4), and (B.9) is the method
of moments (MOM), see Harrington [Har69, Har93]. One of the simplest procedures expands
σT in a series of pulse functions; see the next subsection. Point matching for testing yields
a (non-singular) matrix equation from which σT follows.1

When the total single-layer density σT is known, the free-charge densities σF on the
conductors are obtained by [Ven85, Section III]

σF (ρ) =
εr + εr0

2
σT (ρ) +

εr − εr0

2π

∫

C

σT (ρ′)
cosϕ

|ρ− ρ′| ds, (B.10)

with ρ ∈ C1 and ρ ∈ C3 for conductors C1 and C3, respectively.
When conductor C1 is energized with potential V1 6= 0 and holding V3 = 0 at conductor

C3, the capacitance C13 between the conductors equals the quotient −Q3/V1 with

Q3 =
∫

C3

σF (ρ′) ds (B.11)

the total induced free-charge on conductor C3. In this case Q3 equals the total free-charge
−Q1 on conductor C1.

B.2 Numerical implementation

The numerical implementation is carried out in complex arithmetic. Let z = x + jy ∈ C
represent a point (x, y) ∈ IR 2 in space, and let u = ux + juy the complex representation of
the unit tangent vector u = (ux, uy) along C. The electric field E = (Ex, Ey) is denoted by
E = Ex + jEy in the complex domain.

Consider finite structures (as in Fig. B.1) in which the boundary consists of straight lines.
The structure consists of Nc conductors and Nd dielectric interfaces; Nc = Nd = 2 for the
structure given in Fig. B.1. The Nc conductors are subdivided into k straight-line segments
and the Nd dielectric interfaces are subdivided into n straight-line segments. The set Sc =
∪k

i=1Si contains the k conductor segments, whereas the set Sd = ∪kt

i=k+1Si, kt = k + n,
contains the n dielectric segments. The total boundary then equals S = Sc ∪ Sd = ∪kt

i=1Si.
A segment Sj (see Fig. B.2) with vertices {zj, zj+1} has length lj. We approximate the

actual single-layer density σT by a uniform single-layer density σTj on Sj. When the segment
Sj is travelled from zj to zj+1, the relative permittivity is denoted by εrl,j and εrr,j as the
left-hand and right-hand sides of Sj, respectively. The normal nj points to the right-hand
side of Sj (see Fig. B.2), in accordance with Fig. B.1.

1In the mathematical literature the MOM is called a (discrete) projection method and MOM with point
matching the collocation method [Atk97, Chap. 3].
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Figure B.2. Two line segments.

The complex potential ψ(z) at z ∈ C in 2D due to a line charge at z ′ 6= z is given by
ψ(z) = − log(z − z′)/2πε0 +K1 (K1 arbitrary positive). The potential ψi(z) at z due to a
constant single-layer density σT i along a segment Si with vertices {zi, zi+1} (see Fig. B.2)
equals for z /∈ Si [Har69, Section 3]

ψi(z) =
σT i

2πε0

1

ui

zi+1
∫

zi

log
K2

z − z′
dz′

=
σT i

2πε0

[

z − zi

ui

log
z − zi+1

z − zi

+ li

(

1 + log
K2

z − zi+1

)]

, (B.12)

with K2 > 1. This complex function is made single-valued by introducing a cut along Si.
For the electric field E at z /∈ Si we find

E(z)∗ = Ex(z) − jEy(z) = −dψi(z)

dz
= − σT i

2πε0

1

ui

log
(

z − zi+1

z − zi

)

, (B.13)

which is single-valued due to the cut along Si. The normal component En of the electric
field on a segment Sj 6= Si, becomes (see [Har69, Section 3])

En(z) = −Re

[

nj
dψi(z)

dz

]

= −Im

[

uj
dψi(z)

dz

]

, z ∈ Sj, i 6= j, (B.14)

with nj and uj = jnj the complex representations of the normal nj and tangent uj vectors
on segment Sj, respectively. For i = j we have,

En(z) = −Im

[

uj
dψj(z)

dz

]

= − σTj

2πε0

Im

[

log

(

z − zj+1

z − zj

)]

= ∓ σTj

2πε0

, z ∈ Sj ∈ S, (B.15)

in which the minus sign is taken for the normal electric field at the left-hand side of Sj and
the positive sign is taken for the right-hand side.

Let Ent,j denote the ‘total’ normal component of the electric field at segment Sj due to
the single-layer density σT i at segments Si, with i = 1, · · ·, kt, and i 6= j. By means of (B.14)
we have

Ent,j(z) = −
kt
∑

i=1

i6=j

Im

[

uj
dψi(z)

dz

]

, z ∈ Sj ∈ S. (B.16)
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The normal electric-field components at the left-hand and right-hand sides of Sj are denoted
by Enl,j and Enr,j , which become by means of (B.15)

Enl,j(z) = Ent,j(z) −
σTj

2ε0

and Enr,j(z) = Ent,j(z) +
σTj

2ε0

, (B.17)

with z ∈ Sj ∈ S.
Since the conductors are imbedded in dielectrics, the conductor segment Sj ∈ Sc is

contained in dielectrics. The total single-layer density σTj can be split into its free component
σFj and the bounded polarization component σBj. The normal component of the dielectric
flux density D is discontinuous over the conductor segment Sj and equals

σFj(z) = Dnr,r(z) −Dnl,r(z) = ε0εrr,jEnr,j(z) − ε0εrl,jEnl,j(z), z ∈ Sj ∈ Sc (B.18)

with Dnl,j and Dnr,j denoting the normal D-field components at the left-hand and right-
hand sides of Sj, respectively. Observe that (B.18) also holds at a dielectric-interface segment
Sj ∈ Sd because there σFj = 0. Substitution of (B.17) in (B.18) yields

σFj(z) = (εrr,j + εrl,j)
σTj

2
+ (εrr,j − εrl,j)ε0Ent,j(z), z ∈ Sj ∈ Sd. (B.19)

A matrix equation is obtained by using point matching; e.g. choose the midpoint z =
zmj = (zj + zj+1)/2 at every segment Sj, j = 1, · · ·, kt. The electrical potential should be
constant on the conductors. Let the potentials on the Nc conductors be denoted by Vp,
p = 1, · · ·, Nc. On the conductor segment Sj that is part of the conductor p, the potential is
given by Vsj = Vp. The complex potential due to a constant single-layer density σT i along
the segment Si ∈ S is given by (B.12). The real part of (B.12) yields the electrical potential,
which is continuous for z ∈ Si. One obtains

Re





kt
∑

i=1

ψi(zmj)



 = Vsj, j = 1, · · ·, k. (B.20)

This may be written as a matrix equation

ΨσT = Vs, (B.21)

with Ψ a k × kt matrix, σT = (σT1, · · ·, σTkt
)T , and Vs = (Vs1, · · ·, Vsk)

T .
Almost the same procedure can be used for the dielectric-interface segments Si ∈ Sd.

One obtains by means of (B.16), (B.19), and σFj = 0

(εrr,j + εrl,j)
σTj

2
+ (εrr,j − εrl,j)ε0Ent,j(zmj) = 0, j = k + 1, · · ·, kt. (B.22)

This system may be shortly written as

ΨdσT = 0, (B.23)

with Ψd a n× kt matrix representing (B.22) and 0 the n-zero vector.
The total matrix equation becomes

[

Ψ

Ψd

]

σT =

[

Vs

0

]

, (B.24)
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from which σT can be solved once the constant K2 in (B.12) is known. This constant
vanishes when the first row of the matrix equation (B.21) is subtracted from the other rows.
Since the total charge must be zero, this condition is forced explicitly by replacing the kt

elements of the first row of matrix Ψ by li, i = 1, · · ·, kt and the first element of Vs is made
zero; see [Ven85]. Note that conductor p belonging to the first row is now at zero potential,
therefore the potentials on the other conductors are relative to conductor p.

The free-charge density σF follows from (B.19). The free charge on a conductor p is the
sum of σFili over the conductor segments Si that belong to conductor p.

B.3 Discretization

The discretization2 method is applied to the three-layer PCB placed in vacuum (see Fig. B.3);
the dielectric boundaries are given by the dashed lines. Our main interest is the small
capacitive coupling C12 from track 1 to track 2; the self-capacitance C1 is also given. The
middle layer was a 2w = 10 cm wide ground plane GP. The tracks of width b = 1.5 mm
were located at a distance h1 = 1.5 mm above and h2 = 1.5 mm below the GP. The epoxy
layer (- - - in Fig. B.3) had a homogeneous dielectric permittivity εr = 4.7. The position of
both tracks resulted in a minimum coupling capacitance.

h
h
1
2

GPεr

2

1

x =-w x =wx =0

Figure B.3. Three layer PCB with an ideal ground plane (GP) of width 2w. The ideal tracks

of width b are located h1 and h2 above and below the GP, respectively.

We first consider the situation with the dielectric absent, i.e. only the conductors remain
in vacuum. Later the dielectric is added.

No dielectric present

Without dielectric a first-order approximation of C12 is given by Kaden [Kad59, Eq. (I.10)]

Ca
12 =

h1h2C1C2

4πε0w2
, (B.25)

in which C1, C2 are the self capacitances (see expression (4.28) in the main text with εr,eff =
1); for our situation C1 = C2 = 26.8 pF/m.

Numerically C12 and C1 were obtained by applying a potential V1 = 1 at track 1 with
V2 = VGP = 0. The induced free-charges Q2(< 0) on track 2 and QGP (< 0) on GP were
obtained by means of the method discussed at the end of the previous subsection. Then
C12 = −Q2/V1 and C1 = −QGP/V1.

2In mathematical literature an ‘optimal’ mesh is called a graded mesh. An error analysis of an IE with
weakly singular kernel on a piecewise smooth planar boundary C has been developed around the mid 80’s.
This analysis is carried out on Sobolev spaces and extensively uses functional analysis. The theory goes
beyond this text and the interested reader is referred to [Atk97, Chapters 7 and 8].
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Track 1, track 2, and the ground plane GP are divided into k1, k2, and k3 segments; the
total number of segments is denoted by kt = k1 +k2 +k3. In the homogeneous-discretization
case all segments belonging to the same conductor have equal lengths. The lengths of these
segments are not equal for the nonhomogeneous-discretization case, to be discussed below.

In Table B.1 the C12 and C1 sequences are given for a homogeneous (h) discretization.
The first-order analytical approximation (B.25) leads to Ca

12 = 5.81 fF/m. The numerical
C12-sequence seems to converge to the exact value when the number of segments is increased.
Observe also that the numerically and analytically obtained self-capacitance C1 agree within
3.5 percent.

Table B.1. Coupling capacitance C12 and self-capacitance C1 for the structure of Fig. B.3

without dielectric: results for a homogeneous (h) and a nonhomogeneous (nh) discretization

(see text). The number of segments used in track 1 (k1), track 2 (k2), and GP (k3) is denoted

by (k1, k2, k3; kt), with kt = k1 + k2 + k3 the total number of segments.

(k1, k2, k3; kt)

(10,10,50;70) (20,20,100;140) (20,20,200;240) (20,20,400;440) (20,20,800;840)

C12(h) in fF/m 52.76 16.73 6.91 5.72 5.57

C12(nh) in fF/m 5.46 5.58 5.59 5.63 5.63

C1(h) in pF/m 25.87 26.14 26.17 26.17 26.17

C1(nh) in pF/m 26.34 26.37 26.37 26.37 26.37

Another approach is a nonhomogeneous (nh) discretization with a fixed number of seg-
ments per conductor. Since the tangential electric field Etan of an ideal conductor is zero,
the error ηj at segment Sj, defined by:

ηj =
k
∑

i=1

∫

Sj

|Ej
tan,i| |dz|, (B.26)

is a measure for the deviation of the calculated tangential-field compared with the physical
‘zero-field’; Ej

tan,i denotes the numerically calculated tangential field at Sj due to a single-
layer density σFi along a segment Si.

In an iterative process the discretization is changed: the process starts with a homoge-
neous discretization. The next steps are: (1) The error ηj of segment Sj, j = 1, · · ·, kt is
determined by calculating the (real) potential at several additional points on each conductor
segment by using the complex potential. (2) The cumulative sum of ηj for the segments
Sj belonging to the same conductor is determined. (3) This cumulative sum is used to
redistribute the segments over the conductor where they belong to: a finer discretization
where the sum changes fast. The total number of segments per conductor is kept constant.
(4) The process iterates from step (1) until every segment Sj belonging to same conductor
contributes the same error ηj and the total error per conductor converges to within a certain
percentage; in the calculations 2 percent was used.

Table B.1 shows the calculated C12 and C1 for this nonhomogeneous case; the total error
of 2 percent per conductor was reached in 6 iterations. With relatively few segments (in
this case 70) the coupling capacitance C12 can be accurately calculated. The numerically
calculated self-capacitance C1 agrees within 2 percent compared to the analytically obtained
value of 26.8 pF/m.
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Dielectric present

The dielectric boundaries (- - -, Fig. B.3) and the conductors of the PCB structure are
divided into kt segments. Again, track 1, track 2, and the ground plane GP are divided
into k1, k2, and k3 segments. The remaining k = kt − k1 − k2 − k3 segments are dis-
tributed proportional to and equally spaced along the length of the eight straight dielec-
tric interfaces. In the homogeneous-discretization case all segments belonging to the same
dielectric-interface/conductor have equal lengths. The lengths of these segments varied for
the nonhomogeneous-discretization case.

First results showed a large variation of the normal electric field En along the dielectric
interfaces. Therefore, (B.19) is integrated over a dielectric-interface segment Sj ∈ Sd. By
means of

zj+1
∫

zj

En |dz| = −Im [ψi(zj+1) − ψi(zj)] , (B.27)

and σFj = 0 we have

(εrr,j + εrl,j)
σTj

2
lj − (εrr,j − εrl,j)ε0

kt
∑

i=1

i6=j

Im [ψi(zj+1) − ψi(zj)] = 0, j = k+ 1, · · ·, kt. (B.28)

Eq. (B.22) is replaced by (B.28) from which the elements of the new matrix Ψd follow.
Numerically C12 was obtained by applying a potential V1 = 1 at track 1 with V2 =

VGP = 0. The free-charge Q1(> 0) on track 1 and induced free-charges Q2(< 0, track 2)
and QGP (< 0, ground plane) were obtained by means of the method discussed at the end
of the previous subsection. Then C12 = −Q2/V1.

The self-capacitance C1 showed a weak dependance on the discretization as in the case
without dielectric (Table B.1). The numerical values agreed within 1.5 percent compared
to the analytical value of 88.9 pF/m (see expressions (4.28) and (4.29) in the main text).
Therefore, the C1-sequence is not given.

Table B.2. Capacitance C12 for the structure of Fig. B.3 with εr = 4.7; a homogeneous and

nonhomogeneous discretization was used. The number of segments used in track 1 (k1), track

2 (k2), and ground plane GP (k3) is denoted by (k1, k2, k3; kt), with kt the total number of

segments. The ratio of the total free-charge Q and the induced free-charge Q2 on conductor 2

is only calculated for the nonhomogeneous case.

C12 in fF/m

(k1, k2, k3; kt) (20,20,100;400) (20,20,200;700) (20,20,400;1250) (20,20,640;2000)

homogeneous 59.01 9.78 3.53 2.85

nonhomogeneous 2.76 2.70 2.69 2.68

Q/Q2 15.1 4.4 1.4 0.7

In Table B.2 the C12-sequence is given for a homogeneous discretization. The sequence
converges very slowly. On physical grounds the total free-charge must be zero for this isolated
system, but the numerically calculated free charge Q = Q1 + Q2 + QGP < 0 is larger than
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the machine precision; without dielectric Q was smaller than the machine precision. Also,
the numerical value of Q is of the same order as the induced free-charge Q2 on conductor 2,
which is used to obtain C12. Since the convergence of C12 in Table B.2 is slow and Q is of
the same order as Q2, we changed the discretization.

On a dielectric-interface segment Sj ∈ Sd the normal dielectric-flux density Dj
n,i due to

another segment Si must be continuous. The error ζj defined by

ζj =
1

ε0

∣

∣

∣

∣

∣

∣

∣

(εrr,j + εrl,j)
σTj

2
lj + (εrr,j − εrl,j)ε0

kt
∑

i=1

i6=j

∫

Sj

|Ej
n,i(z)| |dz|

∣

∣

∣

∣

∣

∣

∣

, (B.29)

is a measure for the mismatch of the normal dielectric-flux density along segment Sj ∈ Sd;
Ej

n,i denotes the normal electric-field calculated by (B.14) at the dielectric-interface segment
Sj due to a single-layer density along segment Si.

The iteration procedure for the PCB problem without dielectric can be used, in which
the error ηj over the conductor segments as well as the error ζj over the dielectric-interface
segments must be used. Table B.2 shows C12 for several segments used; the procedure
converged within 6 iterations. The ratio Q/Q2 (see Table B.2) decreases and becomes less
than 1 for kt ≈ 2000 segments. From this ratio sequence and the C12-sequence one can
conclude that the error is not made in Q2. If the error was made in Q2, then Q/Q2 ≥ 1.
Experiments showed that the largest error made is due to the insufficient approximation
of the 1/(x2 + h2

1) behavior of the charge density in the ground plane GP, rather than the
edge divergence. Therefore, C12 converges to the exact value. Note that approx. kt =
400 segments suffice for practical accuracy.

To get a reasonably accurate value of C12, the total number of segments, kt, must be
impractically large for a homogeneous discretization. The nonhomogeneous case needs much
less segments. Therefore, the memory requirement is much less demanding for the latter case:
2000 segments stored in double precision use approximately 30 MB, whereas 400 segments
need only approximately 1 MB. The nonhomogeneous-discretization algorithm can also be
used on ‘simple’ computers such as a PC. The process saves memory of the computer, rather
than CPU time.

The numerical values clearly show the importance of the discretization on the small
coupling capacitance. When both tracks are on the same side the capacitive coupling is of
the order pF/m. Also, when the cabinet panel (CP) is present (see Fig. 3.4 main text), the
capacitive coupling from a track to CP is again of the order pF/m. Numerical experiments
showed that for such ‘large’ values a homogeneous discretization is allowed.
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B.4 Numerical and approximate analytical solution

Consider the PCB structure shown in Fig. B.3. The parameters used were again 2w = 10 cm,
b = 1.5 mm, h1 = h2 = 1.5 mm, and εr = 4.7.

50

in mm

0

C
1
2
i
n
f
F
/
m

0 25

x

4

8

12

Figure B.4. Numerically (—) calculated coupling-capacitance C12(x) of track 1 to track 2 in

Fig. B.3. Track 1 was fixed at x = 0 while the positioning of track 2 was varied. Curve (- - -)

shows the analytical approximation (4.36) given in the main text.

Figure B.4 shows the numerically calculated C12(x) with track 1 fixed at x = 0 and the
positioning of track 2 varied. In this configuration the capacitance involved has the lowest
value. The analytical approximation (4.36) given in the main text is shown by curve (- - -).
Both agree within 20 percent.
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Fourier-transformation techniques

The derivation of the current distribution in a plane and a plate of infinite extent due to
a wire above that plane or plate is given in Sections C.1 and C.2 by means of Fourier-
transformation techniques. The results are discussed in Sections 4.2 and 4.3 of the main
text. Section C.3 gives the current-distribution solution for a thin wire between two wide
plates and is further discussed in Section 4.5.

C.1 Carson’s approach

A filamentary wire 1 is positioned at x = 0 in a dielectric region at the height h1 above
conductive ground which fills the lower halfspace y < 0 (Fig. 4.6a). The wire carries a current
wave I1 propagating as ejωt−γ|z| in the positive z-direction. The propagation constant γ is
taken small, as well as the displacement current in the ground. Then the equation

∇2Ez = jωµσEz (C.1)

holds for time-harmonic fields in the GP. Under the assumptions mentioned, Carson’s solu-
tion [Car26] of Eq. (C.1) is the Fourier cosine integral with respect to x

Ez(x, y) = −
∞
∫

0

F (α) cos(αx) ey
√

α2+jωµσ dα. (C.2)

The x and y-components of the magnetic field H in the ground stem from Maxwell’s equation
∇ × E = −jωµH, in which µ = µ0µr. Above ground the current I1 produces the familiar
r−1-field H1 and the current distribution Jz(x, y) = σEz(x, y) produces a magnetic field H2

with transverse components only. We expand both magnetic fields in Fourier cosine integrals
(x-components) and Fourier sine integrals (y-components):

H1x =
I1
2π

h1 − y

x2 + (h1 − y)2

=
I1
2π

∫ ∞

0
cos(αx) e−α(h1−y) dα,

H1y =
I1
2π

x

x2 + (h1 − y)2

=
I1
2π

∫ ∞

0
sin(αx) e−α(h1−y) dα, (C.3)
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H2x = +
∫ ∞

0
[φ(α) +

I1
2π

e−αh1 ] cos(αx) e−αy dα,

H2y = −
∫ ∞

0
[φ(α) +

I1
2π

e−αh1 ] sin(αx) e−αy dα. (C.4)

In these Fourier integrals the values of y are restricted to negative values for the argument
of the exponent, i.e. y < h1 in Eq. (C.3) and y > 0 in Eq. (C.4). The second term between
the square brackets in Eq. (C.4) represents the image current at y = −h1 which has been
added for convenience. The boundary conditions for the magnetic fields and inductions at
the plane y = 0 yields a linear system of equations, from which the unknown quantities
F (α) and φ(α) can be determined. The current distribution Jz(x, y) in the GP becomes

Jz(x, y) = −jωµσI1
π

∞
∫

0

cosαx

αµr +
√
α2 + jωµσ

e−αh1 ey
√

α2+jωµσ dα. (C.5)

For nonmagnetic materials (µr = 1) the integral Eq. (C.5) is the same as given by Carson
[Car26].

C.2 Ground plane of finite thickness

The GP is now a plate at −d < y < 0, still of infinite extent in the x-direction (Fig. 4.6b).
Develop the electric field Ez in the GP in a Fourier cosine integral with respect to x

Ez(x, y) = −
∞
∫

0

[

F+(α) ey
√

α2+jωµσ + F−(α) e−y
√

α2+jωµσ
]

cos(αx) dα. (C.6)

The expression for the magnetic fields H1 and H2 above the GP remains as above. The
magnetic field H in the GP again stems from the Maxwell equation ∇×E = −jωµH. Below
the GP we have to allow a magnetic field H3 which satisfies Laplace’s equation:

H3x =
∫ ∞

0
ψ(α) cos(αx)eαy dα,

H3y =
∫ ∞

0
ψ(α) sin(αx)eαy dα. (C.7)

The Fourier transforms of all these fields together with the boundary conditions at y = 0
and y = −d yield a set of linear equations, from which F+(α), F−(α), φ(α) and ψ(α) are
determined. We have

F+(α) = +
jωµI1
π

(αµr + ξ) e−αh1

D
(C.8)

F−(α) = −jωµI1
π

(αµr − ξ) e−αh1−2dξ

D
(C.9)

φ(α) = −I1
π

αµr e−αh1 {(αµr + ξ) − (αµr − ξ) e−2dξ}
D

(C.10)

ψ(α) = +
I1
π

2αµrξ eα(d−h1)−dξ

D
(C.11)

D = (αµr + ξ)2 − (αµr − ξ)2 e−2dξ (C.12)
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with ξ =
√
α2 + jωµσ. The current distribution in the GP becomes

Jz(x, y) = σEz(x, y)

= −j2ωµσI1
π

∞
∫

0

αµr sinh [(d+ y)ξ] + ξ cosh [(d+ y)ξ]

(αµr + ξ)2 − (αµr − ξ)2 e−2dξ
cos(αx) e−(αh1+dξ) dα.

(C.13)

In the limiting case d→ ∞, this equation reduces to Eq. (C.5) as it should. In the ‘thin-plate
limit’ we let d ↓ 0 while keeping the sheet resistance R2 = 1/σd constant. The resulting
sheet current density is Eq. (4.10). The Zt between the injection wire and a sensing wire
can be calculated according to Eq. (4.1) from the flux Φ(x) between the GP and the sensing
wire and the electric field at the surface Ez = Jz/σ close to the sensing wire; see Fig. 4.2. It
is more convenient to introduce a flux function or vector potential Az. We choose to write
the electric field Ez(x, y) in the material as −jωAz(x, y) and require that Az also correctly
describes the magnetic field outside the GP:

Az(x, y) = Adp
z (x, y) + µ0

∫ ∞

0
cos(αx)

φ(α)

−α e−αy dα (y > 0) (C.14)

with

Adp
z = −µ0I1

4π
ln
x2 + (y − h1)

2

x2 + (y + h1)2
(C.15)

and

Az(x, y) = µ0

∫ ∞

0
cos(αx)

ψ(α)

α
e+αy dα. (y < 0) (C.16)

The Adp
z is the vector potential for a dipole of two line currents ±I1 placed at y = ±h1.

Because of the applied boundary conditions for the magnetic fields, Az is continuous at both
surfaces of the GP. Because of the exponentials in y in Eqs. (C.14) and (C.16), the vector
potential vanishes at large distances; the current I1 fully returns through the GP. For Zt we
rewrite Eq. (4.1) as:

Zt = jωAz(xs, ys)/I1 (C.17)

where (xs, ys) is the position of the sensing wire. In the thin-plate limit the integrals in
Eqs. (C.14) and (C.16) reduce both to

∞
∫

0

cos(αx)e−αht

α + jβ
dα = −ejβht

2

[

eβxEi(−βx− jβht) + e−βxEi(βx− jβht)
]

, (C.18)

where β = µ0ω/2R2, Ei the exponential integral (see e.g. [Abr70]), and ht = h1 + h2, h2

the distance between sensing wire and GP; this ht should be used when wire 1 and 2 are on
the same side as well as on opposite sides. Bergervoet [Ber95] obtained a similar result by
a different method based on the method of moving images developed by Maxwell [Max00].
The line dipole Eq. (C.15) explains why the current density is sensed more directly by a
wire at the opposite side of the GP. This is also shown by the field plots in Fig. 4.4.

C.3 Injection wire between two plates

Suppose injection wire 1 is placed between two plates which are located at y = ±hPP and
which have a thickness d. Here we proceed via the vector potential as described in the
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previous section. The Fourier coefficients for Az are between both plates (−hPP < y < hPP

and µr = 1)

Az(α) =
µ0

α
[φ+(α) eαy + φ−(α) e−αy], (C.19)

outside both plates

Az(α) =



















µ0

α
ψ−(α) e−αy y > hPP + d

µ0

α
ψ+(α) eαy y < −(hPP + d)

(C.20)

and inside both plates
Az(α) = µ0[Fi+(α) eyξ + Fi−(α) e−yξ] (C.21)

with ξ =
√
α2 + jωµ0σ and i = 1, 2 for the upper and lower plate respectively. The source

term due to the current I1 through wire 1 at (0, y1) is

µ0I1
2πα

e−α|y−y1|. (C.22)

Continuity of Az and ∂Az/∂y at the four surfaces y = ±hPP and y = ±(hPP + d) results
in a set of equations. Of special interest are the solutions in the case where wire 1 is in the
middle between the plates (y1 = 0):

F1+(α) = F2−(α) = −I1
π

(α− ξ)ehPP (α−ξ)

D(α)
(C.23)

F2+(α) = F1−(α) = +
I1
π

(α+ ξ)ehPP (α+ξ)+2dξ

D(α)
(C.24)

ψ+(α) = ψ−(α) =
I1
π

2αξ eα(2hPP +d)+dξ

D(α)
(C.25)

φ+(α) = φ−(α) =
−jωµ0σ (e2dξ − 1)

D(α)
(C.26)

D(α) = e2αhPP [e2dξ(α + ξ)2 − (α− ξ)2] + jωµ0σ (e2dξ − 1). (C.27)

For the Zt at (xs, ys) above the top plate (ys ≥ hPP + d) we obtain

Zt(xs, ys) =
2jωµ0

π

∫ ∞

0

cos(αxs) eα(2hPP +d−ys)+dξ

D(α)
dα. (C.28)



Appendix D

Method of Moments

A current I1 flowing in the positive z-direction through a filamentary wire at r1 = (x1, h1)
(Fig. 4.6c) generates the vector potential at r = (x, y)

A(1)
z (r) = −µ0I1

2π
ln |r − r1|. (D.1)

The Kz(x) through the strip causes the potential

A(s)
z (r) = − µ0

2π

w
∫

−w

Kz(x
′) ln |r − r′| dx′, (D.2)

with r′ = (x′, 0) on the strip. The electric field is given by Ez(r) = −jω(A(1)
z (r)+A(s)

z (r))−
∇zV (r). The condition at the strip

Ez(x, 0) = Kz(x)R2 (D.3)

results in a Fredholm integral equation of the second kind

Kz(x) − λf

w
∫

−w

Kz(x
′) ln |x− x′| dx′ = f(x) + c, − w ≤ x ≤ w, (D.4)

where λf = jωµ0/2πR2, c = −∇zV/R2 and

f(x) = −jωA(1)
z (x, 0)/R2 (D.5)

the excitation function due to the wire. The width of the GP is here finite, in contrast to
Appendix C. Consequently the current through the GP is smaller than −I1 when c = 0.
The constraint

w
∫

−w

Kz(x) dx = −I1 (D.6)

requires that some Kz should be added which is a solution of Eq. (D.4) with f(x) = 0. For
an isolated PCB, reciprocity of Zt can be applied to show that c = −Zt(1-CM)I1/R2, in
which Zt(1-CM) is the transfer impedance between the DM circuit of wire 1 and GP on one
hand and the CM circuit formed by the GP and a far away CP on the other hand. Because
the reference position x∗ on the GP in Eq. (4.16) is chosen arbitrarily, Ez + jω(A(s)

z +A(1)
z )

is constant over the GP in the x-direction, as is ∇zV . When the difference of Eq. (D.4) is
taken for two positions x and x∗ on the GP, c is eliminated.
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The CM current distribution is a solution of Eqs. (D.4) and (D.6) with f(x) = 0. A
comparison with Eq. (A.22) shows that c is then equal to −I1 [1/2w + (jωµ0/2πR2) ln(2/w)]

Similar to Eq. (C.17) we can rewrite the Zt in Eq. (4.1) to

Zt = [jωAz(xs, ys) − cR2] /I1 (D.7)

where Az = A(s)
z + A(1)

z is the total vector potential taken at the sensing wire at (xs, ys).
Equation (D.4) with constraint Eq. (D.6) can also be solved analytically by expanding

Kz(x) and f(x) in a series of Chebyshev polynomials [But80]. The coefficients of the f(x) are
difficult to obtain, and closed-form expressions have only been found when the injection wire
resides at the middle position of the strip. The off-diagonal elements in the resulting infinite
matrix decrease slowly with the distance from the diagonal. The solution still requires
numerical inversion and truncation of the matrix.
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[Djo86] A. R. Djordjević, T. K. Sarkar, and R. F. Harrington, “Analysis of lossy transmission lines with
arbitrary nonlinear terminal networks,” IEEE Trans. Microwave Theory Tech., vol. MTT-34, no.
6, pp. 660-666, June 1986.
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[Kad59] H. Kaden, Wirbelströme und Schirmung in der Nachrichtentechnik, 2nd ed., Berlin: Springer,
1959.

[Kam88] Y. Kami and R. Sato, “Analysis of radiation characteristics of a finite-length transmission line
using a circuit-concept approach,” IEEE Trans. Electromagn. Compat., vol. EMC-30, no. 2, pp.
114-121, May 1988.

[Kas94] T. Kasdepke and J. K. ter Haseborg, “Multiconductor transmission line theory for shielded cables
under consideration of the environment,” Proc. EMC’94 Roma Int. Symp. Electromagn. Compat.
(Rome, Italy), vol. 1, Sept. 1994, pp. 257-262.

[Kas96] T. Kasdepke and J. K. ter Haseborg, “The influence of the line parameters on the coupling to
shielded multiconductor transmission lines,” in Proc. EMC’96 Roma Int. Symp. Electromagn.
Compat. (Rome, Italy), vol. 2, Sept. 1996, pp. 538-543.

[Kob57] H. Kober, Dictionary of Conformal Representations, 2nd ed., New York: Dover, 1957.

[Kue80] E. F. Kuester and D. C. Chang, “Closed-form expressions for the current or charge distribution
on parallel strips or microstrip,” IEEE Trans. Microwave Theory Tech., vol. MTT-28, no. 3, pp.
254-259, March 1980.

[Laa84] P. C. T. van der Laan, W. J. L. Jansen, and E. F. Steennis, “Design of shielded enclosures, in
particular for high-voltage laboratories,” Kema Sci. Tech. Rep., vol. 2, no. 11, pp. 101-111, 1984.

[Laa87] P. C. T. van der Laan, M. A. van Houten, and A. P. J. van Deursen, “Grounding philosophy,” in
Proc. 7th Int. Symp. Electromagn. Compat. (Zürich, Switzerland), March 1987, pp. 567-572.
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List of symbols

Symbol Unit Meaning

C — complex domain or complex number
IRm — mth dimensional real domain; m > 0
α1 rad principal value of the argument of t1
β 1/m constant in ‘thin plate limit’; β = ωµ0/2R2

γ 1/m propagation constant
γe — Euler’s constant; γe = 0.57721 · · ·
δ m skin depth; δ =

√

2/ωµ0σ

∆i A amplitude of trapezoidal-waveform current
∆if ,∆ir A amplitudes of triangular-waveform current
∆Ms H/m mutual-induction correction in CM-DM coupling
∆v — correction term
ε0 F/m dielectric permittivity; ε0 = 8.854187 · 10−12 = 1/µ0c

2
0

εr, εr0, εrl,i, εrr,i — relative dielectric constants
ζj V mismatch measure along dielectric segment Sj

η Ω free-wave impedance; η = 120π
ηj V mismatch measure along conductor segment
λ m wave length
λf 1/m parameter in Fredholm integral equation; λ = jωµ0/2πR2

µ H/m total permeability; µ = µ0µr

µ0 H/m permeability of vacuum; µ0 = 4π · 10−7

µr — relative permeability
ξ 1/m term in Fourier integrals; ξ =

√
α2 + jωµσ

ρ m position vector of the observation point (x, y) ∈ IR 2

ρ± m position vector inside (+)/outside (−) a 2D structure
σ, σt 1/Ωm conductivity; σ = 5.8 · 107 (copper) and σ = 1.43 · 107 (brass)
σF C/m free-charge density
σFi C/m uniform free-charge density of segement Si

σT C/m total single-layer charge-density
σT i C/m uniform single-layer charge-density of segment Si

τ s rise/fall time of current waveform
φ rad angular position in the complex domain
φ2 rad angular position of a transformed wire
φ(·), φ+(·), φ−(·) A expansion functions in the Fourier-integral integrand
ϕ rad angle
Φ,Φe Vs total flux through a surface bounded by a contour Γ
Φ1,Φa,ΦGP Vs/m flux per unit length
Φ(·) — complex potential
ψ(z) — complex potential at z ∈ C due to a line charge



108 List of symbols

ψi(z) — potential due to a constant single-layer density
along a segment Si

ψ(·), φ+(·), φ−(·) A expansion functions in vector potential Az

Ψ — Ψ-function
Ψ(·) — imaginary part of complex function Ω(·)
Ψ,Ψd — matrices of discretized boundary value problem
ω, ω0 rad/s angular frequencies
Ω(·) — complex potential
Ω∗(·) — conjugate complex potential Ω
∇zV — gradient in z-direction of the scalar function V
2D — two dimensional
3D — three dimensional
a — fraction of current returning through two ground planes
a — constant; a = 2/ ln(4/π)
a, · · ·, d — orthogonal tracks for PCB with bends
A1 — field amplification for tube above a large plate
A2, A

′
2 — ‘Kamin Dämpfung’ (chimney attenuation)

Az, A
(s)
z , A(1)

z Vs/m vector potential in z-direction; per unit length
b m dimension of current sensor
b, b1, b2 m widths of a PCB tracks
B — bounded set
c A/m constant in Fredholm equation; c = −∇zV/R2

c0 m/s velocity of light in vacuum; c0 = 2.997925 · 108

ci — ith coefficient in ∆v expansion
CM — Common Mode
CP — Cabinet Panel
C,Ck — (closed) countour in complex domain
Cg F/m gap capacitance
Ci F capacitance
C1, Cs F/m self capacitances of microstrip lines
C12, C12,0,
CCM F/m self capacitance of the CM circuit
C,C0,C

∗ F/m capacitance matrix
d m dimension of current sensor
d, dp, dt m thickness
DM — Differential Mode

Dj
n,i, Dnl,j, Dnr,j C/m normal electric flux density in C

D C/m electric flux density vector
E V/m 2D electric field E = (Ex, Ey) represented in C
Ei — exponential integral

En, Ent,j , E
j
n,i, V/m normal electrical field in C

Enl,i, Enr,i

Etan, E
j
tan,i V/m tagential electric field in C

Ex, Ey, Ez V/m x, y, and z component of E vector, respectively
E V/m 3D electric field strength; E = (Ex, Ey, Ez)
f, f0 Hz frequency
f0 Hz fundamental frequency of a periodic signal
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fc, fcs Hz cross-over frequencies
frDM , frCM Hz resonance frequency in DM and CM circuit
f(·) A/m excitation function in Fredholm equation
F, F+, F−, F1+, V/m expansion functions in the Fourier-integral integrand
F1−, F2+, F2−

g m gap distance
GP — Ground Plane
h m heigth of sensor
h, h1, h2 m heigth of track above GP
ht, hPP m heigth
hCP m heigth of ground plane above CP
He, H⊥ A/m magnetic field strength
H(·) — transfer function
H,H1,H2,H3 A/m 3D magnetic field strength
iCM A common-mode current in time domain
iDM A differential-mode current in time domain
I, Is, It A current
I1, I2, Iinj A injected current in a PCB track
ICM
m A nth expansion coefficient of the periodic CM current
Im
DM A measured current with current sensor s
IDM
n A nth expansion coefficient of the DM trapezoidal-

waveform current
ICM A common-mode current in frequency domain
IDM A differential-mode current
j — solution of the equation j2 + 1 = 0
Jz A/m2 current densisty in z direction
k 1/m damped wave-propagation constant in vacuum; k = (1 + j)/δ

k, k′ — moduli in elliptic integrals; k′ =
√

1 − k2

ki — segment number Si; i = 1 · · · kt

kt — total number of segments
K,K ′, K1, K2 — arbitrary positive constants
K(k), K(k′) — complete elliptic integrals of the first kind with

modulous k and k′, respectively
Kz A/m sheet current density in z direction
`, `t, li, lt m length
l1, l2 m dimensions of current sensor
L,Ls H inductance
Ls H/m self inductance of a microstrip line
LCM H/m self inductance of the CM circuit
L,L∗ H/m inductance matrices
m — parameter; m = k2

M H total mutual inductance
M1,M2,Mh H mutual inductances of a hole in a tube
Mc,Mg,Mm H/m mutual inductance of a track to a CM circuit
Mng,Ms,Mt

Msens H mutual inductance of sensor s
n — number of dielectric segments
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n, nj m complex representation of the normal n,nj vectors
n,nj m outward unit normal vector in C
N — total number of unknowns
Nc, Nd — number of conductor/dielectric segments
q,Q,Q1, Q2, QGP C/m charge; per unit length
rh, ri, ro m radius of circular structure
R Ω characteristic termination; R = 50 Ω
R m radius of a large cylinder
R0 Ω termination of CM circuit; R0 = 150 Ω
RCM Ω/m series resistance of GP and CP
RDC Ω d.c. resistance
RDC Ω/m d.c. resistance of the microstrip line
RGP Ω/m resistance of ground plane; per unit length
Rs Ω/m skin-effect resistance of the microstrip line
Rt Ω resistance of tube
R2 Ω sheet resistance; R2 = 1/σd
s m distance between two tracks
s — currents sensor on digital board
s, s0, s1, s

inv
1 , s2 — complex numbers

sij, Sij — S-parameters
Si m straight segment in C
t m thickness
t, t1 — complex numbers
tr, tf , t

∗
r, t

∗
f s rise and fall times of current waveforms

u — complex number
u, uj m complex representation of the normal u,uj vectors
v, v1 — complex numbers
vind V induced CM voltage in time domain
VCM V common-mode voltage
VDM , VDMj V differential-mode voltage
Vg, Vs, Vsj, Vsens V voltage
V1, V2, V3

x m cartesian coordinate
x1, x2 m x position of tracks
xs m x postion of sensing wire
x∗ m reference position
X(·) — real part of complex potential Ω(·)
y m cartesian coordinate
ys m y postion of sensing wire
Y 1/Ωm admittance matrix
Yt 1/Ωm transfer admittance
z m cartesian coordinate
z, z1, z2 — complex numbers
zi, zi+1 — corners in C of segment Si

zmi — collocation point at segment Si; zmi = (zi + zi+1)/2
Z Ω/m impedance matrix
Z(·) — Jacobi’s Zeta-function
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Z0 Ω characteristic impedance
Z0m Ω characteristic impedance of track above a wide plane
ZAi, ZBi Ω termination impedances
ZCM Ω total impedance of CM circuit
ZCM Ω/m impedance of CM circuit; per unit length
Zg Ω generator input-impedance
Zij Ω Z parameters
Zin Ω input impedance
Zm Ω characteristic impedance of microstrip line
Zs Ω/m series impedance of microstrip line
Zt Ω/m per unit length transfer impedance
Zt Ω/m Zt matrix with zeros on diagonal
Zt(1-2) Ω/m transfer impedance between circuits 1 and 2
Zt(1-2,c) Ω/m Zt between DM circuits 1 and 2 with closed CM circuit
Zt(1-2,o) Ω/m Zt between DM circuits 1 and 2 with opened CM circuit
Zt(CM-DM) Ω/m Zt between DM and CM circuit
Zt(DM-CM) Ω/m Zt between DM and CM circuit
Zt(i-CM) Ω/m transfer impedance between circuits i and CM
ZT Ω transfer impedance
ZT (i-j) Ω transfer impedance between circuits i and j; i 6= j
ZT (DM-CM) Ω ZT between DM and CM circuit
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STELLINGEN

behorende bij het proefschrift

Electromagnetic Compatibility and

Printed Circuit Boards

door

Frank B.M. van Horck

4 juni 1998



1. De stroomverdeling in een dun aardvlak van eindige breedte heeft een

gecompliceerd verloop voor hoge frequenties. Een onschuldig lijkende

benadering van deze stroomverdeling bij het berekenen van twee-dimen-

sionale velden blijkt te resulteren in significante afwijkingen in koppel-

ingsparameters.

D. M. Hockanson et al., “Quantifying EMI resulting from finite-

impedance reference planes,” IEEE Trans. Electromagn. Com-

pat., vol. EMC-39, no. 4, pp. 286-297, Nov. 1997.

2. De berekende resonanties in het differential-mode (DM) circuit moeten

goed overeenstemmen met de werkelijke resonanties, anders is het niet

zinvol om voor die frequenties de koppeling met de omgeving te bereke-

nen.

Dit proefschrift, hoofdstuk 3.

3. De uitspraak “radiation tests have even worse correlation to radiation

tests” door Szentkuti geeft treffend de grote invloed van bekabeling op

de totale straling van een apparaat weer.

Storingen van een apparaat meet men volgens de norm met een antenne

op 3, 10 of zelfs 30 m afstand. Een analogie: de automonteur kijkt met

een verrekijker onder de motorkap. Daarmee blijven de handen schoon

maar de problemen onopgelost.

B. Szentkuti, “Give up radiation testing in favour of conduction

testing!,” in Proc. 8th Int. Symp. Electromagn. Compat.

(Zürich, Switzerland), March 1989, pp. 221-226.

4. Aangezien stromen altijd in gesloten lussen lopen, is het fysisch gezien

onjuist om aan één geleider of één aardvlak een (partiële) zelfinductie

toe te kennen.

Dit proefschrift, hoofdstuk 3.

5. De huidige programmatuur voor EMC analyse tijdens de layout-fase van

een printplaat is te ingewikkeld voor praktische toepassingen.



6. Volgens Smolders zal het vakgebied Elektromagnetisme ook in de com-

putertechniek een steeds belangrijkere rol gaan spelen indien de trend

om steeds hogere klokfrequenties te gebruiken zich voortzet.

Niet alleen voor de hier bedoelde “signal integrity” maar ook zeker voor

de EMC van de bedoelde schakelingen is het essentieel om het vakge-

bied Elektromagnetisme te begrijpen en te kunnen toepassen, voor vele

frequenties.

Stelling 3 bij proefschrift van A. B. Smolders, Microstrip Phased-

Array Antennas: A Finite-Array Approach, Ph. D. thesis Eind-

hoven University of Technology, 1994.

7. De stortvloed van gereviseerde computerprogramma’s met nog meer

toeters en bellen lijkt niet te stoppen. De meeste gebruikers zitten

echter niet te wachten op de minder essentiële utilities met bijbehorende

fouten, wanneer de huidige versie van een programma met zijn bekende

onvolmaaktheden voldoet.

8. Ondanks de informatisering van onze huidige maatschappij zal het so-

ciale aspect van de samenleving belangrijk blijven.

9. Verdergaande flexibilisering van de arbeid zal een negatieve invloed

hebben op kennis-intensieve bedrijven.

10. De politiek staat te ver af van de burgers, aldus een veel gehoorde stelling

van politici. Een voorstel voor de oplossing van dit probleem is het dis-

trictenstelsel: 2/3 van de 150 tweede kamerleden worden verkozen uit

hun district en 1/3 van de leden via landelijke lijsten.

Dit voorstel zal waarschijnlijk niet veel effect hebben, gezien het laagtere-

cord van de opkomst voor de gemeenteraadsverkiezingen afgelopen maart.

J. A. van Schagen, “Het personele element in ons kiesstelsel

moet sterker,” NRC Handelsblad, 11 Maart 1998.

11. Fietsvriendelijke verkeerslichten (hoewel stoplichten meestal een beter

woord is) in steden zullen het gebruik van de fiets stimuleren.

12. Het IQ van een “meedenkende” kopieermachine heeft een verdacht lage

waarde: regelmatig neemt zo’n machine de onjuiste beslissing.
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