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ABSTRACT

DESIGN AND ADVANCED MODEL PREDICTIVE CONTROL OF WIDE BANDGAP
BASED POWER CONVERTERS

Waqar A. Khan, B.Sc, M.Sc.

Marquette University, 2023

The field of power electronics (PE) is experiencing a revolution by harnessing the superior
technical characteristics of wide-band gap (WBG) materials, namely Silicone Carbide
(SiC) and Gallium Nitride (GaN). Semiconductor active switches devised using WBG
materials enable high temperature operation at reduced footprint, offer higher blocking
voltages, and operate at much higher switching frequencies compared to conventional
Silicon (Si) based counterpart. These characteristics are highly desirable as they allow
converter designs for challenging applications such as more-electric-aircraft (MEA),
electric vehicle (EV) power train, and the like. This dissertation presents designs of a
WBG based power converters for a 1 MW, 1 MHz ultra-fast offboard EV charger, and 250
kW integrated modular motor drive (IMMD) for a MEA application. The goal of these
designs is to demonstrate the superior power density and efficiency that are achievable by
leveraging the power of SiC and GaN semiconductors.

Ultra-fast EV charging is expected to alleviate the challenge of ”range anxiety”,
which is currently hindering the mass adoption of EVs in automotive market. The power
converter design presented in the dissertation utilizes SiC MOSFETs embedded in a
topology that is a modification of the conventional three-level (3L) active neutral-point
clamped (ANPC) converter. A novel phase-shifted modulation scheme presented alongside
the design allows converter operation at switching frequency of 1 MHz, thereby
miniaturizing the grid-side filter to enhance the power density. IMMDs combine the power
electronic drive and the electric machine into a single unit, and thus is an efficient solution
to realize the electrification of aircraft. The IMMD design presented in the dissertation
uses GaN devices embedded in a stacked modular full-bridge converter topology to
individually drive each of the motor coils. Various issues and solutions, pertaining to
paralleling of GaN devices to meet the high current requirements are also addressed in the
thesis. Experimental prototypes of the SiC ultra-fast EV charger and GaN IMMD were
built, and the results confirm the efficacy of the proposed designs.

Model predictive control (MPC) is a nonlinear control technique that has been
widely investigated for various power electronic applications in the past decade. MPC
exploits the discrete nature of power converters to make control decisions using a cost
function. The controller offers various advantages over, e.g., linear PI controllers in terms
of fast dynamic response, identical performance at a reduced switching frequency, and ease
of applicability to MIMO applications. This dissertation also investigates MPC for key
power electronic applications, such as, grid-tied VSC with an LCL filter and multilevel
VSI with an LC filter. By implementing high performance MPC controllers on WBG
based power converters, it is possible to formulate designs capable of fast dynamic
tracking, high power operation at reduced THD, and increased power density.
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1

CHAPTER 1
INTRODUCTION

1.1 Background

Wide bandgap (WBG) semiconductors specifically, Silicon Carbide (SiC) and

Gallium Nitride (GaN) are at the forefront of a technological revolution in the field of

power electronics. The evolution of power electronics has always been driven by the need

towards more integrated systems, higher efficiency, and higher power density [8, 28]. Thus

far, the advancements were driven by utilizing Silicon (Si) power devices resulting in its

technological maturity in over half a century. However, conventional Si power devices have

been pushed to their limits regarding the blocking voltage, operation temperature, and

switching frequency (fsw). Currently, the higher commercially available Si Insulated Gate

Bipolar Junction Transistor (IGBT) is available with a blocking voltage of 6.5 kV, limited

switching frequency (<3 kHz) and maximum junction temperature limitation of 200

oC [29]. These unavoidable physical limits reduce the efficiency of power converters,

requires expensive cooling techniques and large passive components leading to increased

power losses with reduced power densities. Consequently, WBG semiconductor materials

intended to replace the conventional Si semiconductors have been the subject of intensive

research over the past three decades.

WBG semiconductors offer a plethora of advantages over Si semiconductor which

makes them highly attractive for power electronic applications. These materials are

capable of operation in high temperature environments as a result of lower intrinsic carrier

concentrations and higher thermal conductivity [30]. Among various WBG materials, SiC

(4-H polytype crystal) and GaN materials offer the best tradeoff between the

aforementioned desired characteristics of high blocking voltage, high switching frequency

and temperature operation. Therefore, further investigation will be limited to the study of

only these materials. When compared against the Si material, the key properties of the

WBG materials can be exhibited through the pentagram shown in Fig. 1.1. WBG

materials have a wide energy bandgap (>3 eV), which manifests itself in the form of a

large breakdown electric field (>3 MW/cm), approximately 10 times higher than
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Figure 1.1: Summary of Si, SiC, and GaN relevant material properties [5, 6].

Figure 1.2: Potential vs maturity comparison of existing semiconductor technologies [6].

silicon [6]. This property is crucial for obtaining large breakdown voltage, and thus high

voltage operation. Both the WBG materials have a higher saturation drift velocity than Si

with GaN dominating the competition. The property directly influences mobility in the

two-dimensional (2D) channel of a Field-Effect Transistor (FET), thus allowing higher

switching frequency operation. Finally, with regards to the thermal properties, both the

WBG materials exhibit significant advantages in terms of thermal conductivity and

melting point with SiC outmatching the competitors. SiC dies have the highest junction

temperature (between 150-200 oC), whereas Si and GaN are limited to at most 150 oC.

Fig. 1.2 summarizes the potential vs maturity level of the existing semiconductor

technologies. Si being the most mature, offers high reliability, lowest cost per device and
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Figure 1.3: SiC and GaN market revenue growth and market revenue forecast until 2025.

widely available design expertise; therefore, leading to the default choice in industrial

applications. However, as a result of the aforementioned limits, the maximum breakdown

voltage is limited at a given on-state resistance (Rds,on). SiC is close to achieving its full

potential in terms of device maturity. The benefits of high breakdown voltage and

operation at high temperature are its main selling features. For a given breakdown

voltage, the reduced die size of SiC compared to Si as a consequence of high breakdown

voltage, enables high switching frequency operation at a reduced switching loss. As of

today, certain issues hindering the widespread adoption remain, especially due to low

channel mobility and high density of interface traps [31]. GaN technology is still an

emerging, highly promising option, although considered as relatively immature compared

to the other two. The main selling features are high switching frequency (extending in the

MHz range) and resultantly lower system volume and cost. The drawback of GaN is that

the cost is higher than the competitors. Currently, only n-channel GaN HEMTs are

available, with active research being conducted on the development of p-channel devices.

Another indicator of technology maturity and adoption is the share of market

revenue. Fig. 1.3 shows a picture of the recent market assessment and predictions until

the year 2025. The SiC market revenue in 2020 was in single digit (7%), while the annual

growth of the market is expected to grow between 30∼50% from 2022 to 2025, exceeding 3

B$ in 2025. In 2020, SiC occupied only 2% of the power semiconductor market, and is

predicted to represent 10% by 2025. The predictions for GaN are even more steep, with a

limited revenue of 40 M$ in 2020, and is predicted to grow upto 680 M$ by 2025.
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Fig. 1.4 shows the market penetration of commercially available discrete WBG

power devices. The rating plot exhibits drain-source voltage (VDS) on the horizontal axis

with drain-source current (IDS) on the vertical axis at a junction temperature of 25 oC.

The SiC technology include the SiC Metal Oxide Field-Effect Transitor (MOSFET), SiC

Junction Field-Effect Transistor (SiC JFET) and the SiC Bipolar Junction Transistor (SiC

BJT). The ”normally-on” characteristic of SiC JFET makes it less attractive in certain

applications. The issue can be resolved with a cascode structure by adding a low voltage

n-channel Si MOSFET in series with a high voltage p-type SiC JFET. Consequently, high

temperature operation is limited due to the presence of low voltage MOSFET internal to

the package. The first commercially available SiC MOSFET was developed by CREE and

released in 2011. This technology targeted the 1.2 kV class which is the breaking point

between Si MOSFETs (including super junction MOSFET) and the Si IGBT. The SiC

MOSFET provides remarkable balance between switching and conduction losses for device

blocking voltages below 2.5 kV. The switching speeds of SiC BJTs are identical to SiC

MOSFETs owing to the absence of minority charge carriers in the drift region. The Rds,on

of BJTs are lower than SiC MOSFETs owing to the lack of a channel region. However,

the current driven characteristic makes it less attractive for high power applications.
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Figure 1.5: Example of cost analysis in an inverter using Si switches and SiC switches: (a)
PV solar inverter schematic; (b) Cost analysis comparison using data from [9].

As shown in Fig. 1.4, researchers have focused on the development of

hetero-junction high electron mobility transistors (HEMT) GaN technology, which are

”normally-on” devices. Since the preferred choice in power applications is ”normally-off”

characteristic, various approaches have been presented to develop ”normally-off” GaN

structures [32–34]. Currently, both of these ”normally-on” and ”normally-off” GaN

HEMTs are commercially available between drain-source voltage between 20-900 V range

with 1.2 kV HEMT technology still under development. Leading competitors in low

voltage (< 200V) range are Efficient Power Conversion (EPC) Inc., whereas MicroGaN,

GaNSystems, Transphorm dominate the 650-900 V class range.

As an example to demonstrate the efficacy of WBG devices over conventional Si

based topologies, we consider a DC-AC power converter designed to transfer energy from

photovoltaic (PV) panels to the AC grid [9]. The system parameters are given as: DC-link

voltage (VDC) = 600 V, line-line rms AC voltage = 400 Vrms, full load efficiency (η) = 98

%, maximum peak-peak current ripple (∆ipp) = 10% at maximum delivered power P =

17 kW. The system configuration is shown in Fig. 1.5a, where PV strings operating in

parallel are connected to the DC bus through independent boost converters working under

maximum power point tracking (MPPT) algorithm. The reference is a state-of-the-art

three level (3L) T-type converter realized with Si IGBTs, operating at a switching

frequency of fsw = 16 kHz with grid side inductance of Lfg = 2.5 mH to obtain the desired

aforementioned ∆ipp [35]. Under the same topology and ripple requirements, using fast

WBG devices allows to increase the switching frequency which proportionally decreases

the grid-side inductive filter. In addition, if the switching frequency is doubled, the
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converter topology can be changed from 3L to two level (2L) to maintain the desired

current ripple.

From point of view of device selection, the options considered are: Inifineon silicon

IGBTs (High-Speed 3 module, IDS = 80 A), or Inifineon SiC JFETs (IDS = 45 or 60 A) in

cascode configuration with an added n-channel MOSFET to obtain ”normally-off”

characteristics. Therefore, three different converter architectures can be formulated: 1) 3L

T-type converter with Si IGBTs; 2) 3L T-type converter with SiC JFETs (45 A); 3) 2L

VSC converter with SiC JFETs (60 A). SiC devices are smaller in size as well as intrinsic

capacitances, therefore can operate at 3× and 6× higher fsw (for 3L and 2L case,

respectively) compared to the Si case, without sacrificing on efficiency. It is intuitive to

understand that an increase fsw for the same ripple condition would allow a decrease in

AC side filter inductor, thus implying cost reductions. In addition, considering that SiC

devices produce reduced power loss compared to Si devices despite the higher switching

frequency, the equivalent heat flux of SiC devices would be less, thus allowing the

possibility to use to cheaper heatsinks and inverter housings.

The summary of the cost factors for all the aforementioned cases are shown in Fig.

1.5b. The costs of individual components such as the power module, magnetics and the

housing are normalized to the reference case of 3L T-type converter with Si IGBTs. It can

be seen that even though SiC devices cost twice as much as Si devices, the other costs

allow higher cost reduction, thereby allowing the total cost to reduce by almost 20%.

Based on the market forecasts, increase in the production volume of SiC devices would

reduce the cost of discrete devices in the future, thereby allowing additional savings in the

system design.

The aforementioned analysis confirms the implications of utilizing WBG for power

electronic applications. Higher efficiency, increased power density, reduced passive

component cost (translating to overall cost savings) are all main attributes that are

achievable by incorporating WBG semiconductors in the design process. The potential of

WBG semiconductors are just being exploited and the technology is predicted to have a

long lasting impact in the field of aerospace, power and communications systems.
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1.2 Dissertation Organization

This dissertation is based on three different project topics from author’s research

period at Marquette University. The first topic is based on development of a ”1 MW,

1MHz Ultra -Fast Electric Vehicle (EV) Charger” using SiC wideband gap semiconductor

devices, funded by Department of Energy (DOE) under ARPA-E CIRCUITS project. The

second project is based on development of a ”250 kW Surface Permanent Magnet (SPM)

Integrated Modular Motor Drive (IMMD) for More-Electric-Aircraft (MEA)” using GaN

wide bandgap semiconductor devices, funded by Department of Energy (DOE) under

ARPA-E ASCEND project. The third topic is pertaining to the development of advanced

model predictive control (MPC) techniques to be used in conjunction with the wide

bandgap based power converters.

Chapter 2 contains exhaustive literature review of existing ultra-fast EV chargers,

IMMDs for more-electric-aircraft, and the application of model predictive control

techniques in power electronics.

Chapter 3 discusses the development of a non-isolated 1 MW, 1 MHz Ultra-Fast

EV charger using SiC semiconductor technology.

Chapter 4 investigates the development of a GaN based 250 kW surface permanent

magnet mounted IMMD for more-electric-aircraft.

Chapter 5 discuss the development of a model predictive controller intended for a

grid-tied voltage sourced converter application.

Chapter 6 investigates a model predictive controller design for flying capacitor

multilevel converters intended to be used in a VSI application.

Chapter 7 contains the conclusions, contributions and future work.

Finally, appendix A and B contain supporting material for the content discussed in

this thesis.
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CHAPTER 2
REVIEW OF LITERATURE

2.1 State-of-the-Art Offboard AC-DC Electric Vehicle Chargers

2.1.1 Overview

Electrification of transportation is a viable solution to minimize the impact of

greenhouses gases on the environment. The internal combustion engine (ICE) based

transportation industry accounts for nearly 29% of harmful gas emissions in the U.S.,

which explains the collective interest from the government, industry and academia to

develop efficient electric vehicles (EVs) that are expected to significantly minimize the

dependence of fossil fuels [36, 37]. In 2020, the global EV stock exceeded the ten million

dollar mark with a striking increase of 43% from the previous year. The growth of EV

sales in the past decade is charted in Fig. 2.1a, which reveals the growing interest toward

the technology. The trend is expected to continue, with the sales of EVs expecting to rise

swiftly in the upcoming decade, growing from 3.1 M$ in 2020 to 14 M$ by 2025.

Despite the remarkable sales record, widespread adoption of EVs is still hindered

by several factors namely, economic, technical and policy barriers, short battery lifetime,

high battery costs, reliability issues, short driving range, long charge times, and a complex

charging infrastructure of which the rules and regulations are still under

development [38,39]. The battery cost of an EV accounts for nearly one-third of its total

price, and forms a substantial part of its total mass [40]. Therefore, scientific

advancements in battery technology to develop low cost, power dense batteries capable of

sustaining high temperature operation is one of the keystones to further widespread

adoption of EVs. Presently, Lithium (Li)-ion batteries form the state-of-the-art as it

provides the highest gravimetric energy density between 200-300 Wh/kg. As a result, the

price of Li-ion batteries have plummeted from 1100 $/kWh in 2010 to 137 $/kWh in 2020;

despite this, ICE based vehicles are still cheaper than EVs. It is predicted that owing to

the declining trend of the battery costs, the price difference between conventional ICE

based vehicles and EVs will only be 9% by 2030 [41,42].
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Figure 2.1: EV and charger sales chart in the past decade [10]: (a) Total EV (PHEV and
BEV) sales in the world. (b) Total publicly available EV chargers (i.e., slow chargers (<22
kW) and fast chargers (>22 kW)) in the world.

To resolve the challenge of short driving ranges due to battery capacity

limitations, researchers have focused towards the development of highly efficient, low loss

battery chargers to limit the ”range anxiety”. The exponential rise in number of publicly

available chargers for slow (<22 kW) and fast (>22 kW) charging within the past decade

is shown in Fig. 2.1b. The development of high power, DC fast and DC ultra-fast chargers

will allow EV charge times on the same scale as refueling of ICE based vehicles. Future

chargers are also expected to contain additional features that support peak load shaving,

load balancing, reactive power support, and integration of renewable energy resources

within the charge infrastructure [43]. The battery capacity within EVs is following a rising

trend, with the use of more energy dense and compact battery cells in each subsequent

revision of the vehicle. The trend also confirms the need for high power, fast chargers to

facilitate the higher battery capacities, particularly for the upcoming Class 8 semi-electric

vehicles [44]. The charge specifications including battery capacity, range as well as

connector specifications of top selling EVs are shown Table 2.1. Battery lifetime and

charging times are directly affected by the performance of the EV charger, therefore

development of highly efficient, power dense, reliable, low cost chargers is essential while

establishing a DC fast charging infrastructure.
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Figure 2.2: EV charging architecture including both offboard and onboard chargers [1]. The
abbreviation ”EVSE” defines the electric vehicle supply equipment.

2.1.2 State-of-the-art EV Chargers

Broadly speaking, EV charging can be classified into two main groups, i.e., AC

and DC charging. These groups can be further classified into various charging levels

depending on the power level. The EV charging classification along with their

characteristics are listed in Table 2.2, where as existing state-of-the-art chargers are listed

in Table 2.3. AC charging pertains to Level 1 and Level 2 charging consisting of onboard

chargers, whereas Level 3 and 4 include offboard DC chargers which are also known as DC

fast and DC ultra-fast charging stations. Level 1 is the slowest of them all, as it supports

low power level. It is performed at night in residential areas. This levels takes in 120/240

VAC as the input voltage and provides approximately 1.92 kW power to the battery. The

AC connection plug maybe a standard SAE J1772 connector [45]. Level 2 AC chargers

take in an input voltage between 208/240 VAC and provide a maximum power output of

20 kW. They are installed in residential and commercial areas such as offices, malls etc. In

US, AC connection plug is SAE J1772 Type-1 or proprietary Tesla connector, where as in

EU, IEC62196-2 Type-2 connector is used for charging [45,46]. Limited power rating and

prolonged charging times of Level 1 and 2 chargers have motivated the push towards Level

3 DC-fast chargers that are designed to handle power levels between 50-300 kW. At this

level, the output voltage varies between 300-800 V with charge times of existing EV

batteries within 30 minutes. Owing to high power ratings, the chargers are designed as

offboard chargers to reduce the vehicles weight. These chargers can be directly connected

to the vehicle battery by bypassing the onboard AC charger as shown in Fig. 2.2. In the
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Table 2.2: Charging station classifications [1].

Charging station Charger Power Charger power (kW) Protection Charging
type location supply level type time

Level 1 (AC)
Onboard

(Residential charging)
V = 120/230 VAC 1φ,

I = 12-16 A
1.44-1.92

Breaker in
cable

11-36 hrs
(16-50 kWh)

Level 2 (AC)
Onboard

(Residential charging
or workplace)

V = 208/240 VAC
1φ/Split phase,
I = 15-80 A

3.1-19.2
Pilot function and
breaker in cable

2-6 hrs
(16-30 kWh)

Level 3
(DC Fast)

Offboard
(Public charging)

V = 300-600 VDC,
Max I = 400 A

50-350
Monitoring and

communication b/w
charging station and EV

< 30 min
(20-50 kWh)

Level 4:
(Ultra-Fast DC)

Offboard
(Public charging)

V ≥ 800 VDC,
I ≥ 400 A

≥ 400

Monitoring and
communication b/w

charging station and EV,
Liquid cooling

≤ 10 min
(20-50 kWh)

US, CHAdeMo, CCS combo 1, and Tesla Supercharger are being used as connectors for

Level 3 charging, while in EU, the connectors employed are CHAdeMo, CCS combo 3 and

Tesla Supercharger [45, 46]. A big concern hindering the widespread adoption of EVs is

range anxiety among the users. To alleviate this issue and make EVs competitive with

conventional IC engine based technology, Level 4 or Ultra-fast DC charging has been

presented as a solution. These offboard chargers are designed to supply power > 400 kW

to fully charge existing EV batteries within 10 minutes [47, 48]. However, the substantial

amount of power flow between the grid and charger raises stability concerns which are

addressed in a later section. Additionally, connector cables carrying large currents (> 400

A) requires specialized cooling methods to avoid potential damage due to excessive

heating. To this end, more research needs to conducted on grid stability, charging cable,

EV battery thermal management and the charging infrastructure.
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(a)

(b)

Figure 2.3: Architecture of an offboard EV charging station [1]: (a) AC architecture; (b)
DC architecture. Protection circuitry is not shown.

2.1.3 EV Charging Architecture

EVs can be generally classified into three groups: 1) Hybrid electric vehicle

(HEVs); 2) Plug-in hybrid electric vehicle (PHEVs); 3) Battery electric vehicles (BEVs).

This review will focus on the BEV technology, that consumes only electrical power for

propulsion and charging process. Charging methods can be classified into inductive,

wireless and conductive charging. The former two are still in early stages of research and

not yet ready for large-scale deployment [49,50]. The review of chargers from this point on

onwards will investigate the converter technology utilizing the conductive charging

process. In general, the EV charging architecture can be divided into groups:

• AC Architecture:

The graphical representation of this structure is shown in Fig. 2.3a. In this design,

the 3φ AC bus operates at a line voltage of 250-480 VAC. Each charger unit consists of a
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Table 2.4: Comparison of DC and AC bus architectures [1].

Criteria DC AC
architecture architecture

Rating of AC-DC rectifier High Medium

Integration of energy resources Easy Complex

No. of conversion stages Low High

Efficiency High Low

Impacts from utility side Low High

Protection devices Complex Relatively easier

Control complexity Simple Complex

Cost Low High

AC-DC converter followed by a DC-DC converter connected to the EV battery. The

number of power stages is high, thereby leading to increased cost and complexity.

Currently, most of the fast and ultra-fast DC charging stations adopt this framework by

leveraging matured power electronics, protection circuitry, and AC power distribution

systems.

• DC Architecture:

The graphical representation of this structure is shown in Fig. 2.3b. In this

configuration, towards the grid-side there is a large central AC-DC converter connected to

the low-frequency transformer via a grid filter. Photovoltaic sources, energy storage

devices, along with the EVs are connected to the DC bus via DC-DC converters. This

structure allows more flexibility in terms of fault tolerance during grid-side fault events,

since DC sources can be tapped to regulate the power flow. Efficiency of this system is

higher than the AC architecture based design, since the number of AC-DC converters are

reduced. Furthermore, this design also simplifies the implementation of control method.

A comparison between the two architectures is shown in Table 2.4. In either of the

architectures, the AC-DC converter is the first power stage that boost the AC input line

voltage of 250-480 VAC to a DC voltage of 800 V and higher. To mitigate degradation in
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power quality on the grid-side due to harmonics, Power Factor Correction (PFC)

techniques are employed for control in these rectifiers. The PFC controller ensures that

the phase of of grid-side input currents are in phase with grid-side input voltages to obtain

a unity power factor operation. Sinusoidal input currents at low THD (<5%), bidirectional

power flow, high power factor, efficiency and power density along with reactive power

compensation, at a stable DC-link output voltage are desired characteristics of the AC-DC

converter. The DC-DC converter is the secondary power stage in either of the

architectures. The input voltage of the converter is the DC-link voltage, whereas the

output voltage varies between 100-1000 V, depending on the state-of-charge (SOC) of the

battery. These converters operate either using a constant current (CC) or constant voltage

(CV) profile to quickly charge the battery, while monitoring battery thermals,

simultaneously. Low output voltage ripple, stable wide output voltage regulation,

soft-switching operation, bidirectional power flow at high efficiency, power density and

switching frequency are the desired requirements of an optimal DC-DC converter.

2.1.4 State-of-the-art Front End AC-DC Converter Topologies

In this section, the technical details of several front-end AC-DC converter

topologies will be discussed. Based on their merits, these topologies are well suited for fast

EV charging. A technical comparison of all the discussed topologies is summarized in

Table 2.5.

2.1.4.1 3φ Buck Type Rectifier

The 3φ buck type rectifier (TPBuR) is an attractive choice for a front end AC-DC

as it offers the benefits of power factor correction, low current THD, high efficiency and

power density [51, 52]. TPBuR provides an inrush current free startup, phase leg

short-circuit protection, wider output voltage control range, and overcurrent protection in

comparison with 3φ boost type rectifiers. In addition, the input current can be controlled

without closing the control loop. Conventional six switch TPBuR consists of three-phase

legs and a freewheeling diode as shown in Fig. 2.4a. Authors in [53], presented an eight
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switch TPBuR that offers reduced semiconductor losses compared to conventional six

switch TPBuR. Since the voltage stress on the semiconductor components in a charging

application can be high, authors in [54] proposed to split the freewheeling diode into two

separate diodes connected in series with the input neutral-point connected to the common

node of the series devices. With this modifications, the switches block the phase voltages

of the system instead of the line-line voltages. An issue faced by TPBuR while operating

with high switching frequency is a result of the distributed parasitic capacitances between

the DC-link output and the system ground. These parasitic’s can lead to current

distortions especially at light loads. To alleviate this issue, authors in [55] presented a

modification on conventional six switch TPBuR topology that allows to circulates the high

frequency current internally. The modification suppress the HF harmonic current flow

towards the AC side which subsequently improves the grid current THD.

2.1.4.2 Swiss Rectifier

The three-phase Swiss rectifier (TPSR) is another modification of the TPBuR that

contains eight active switches and offers attractive benefits such as high efficiency

operation, lower conduction and switching loss, reduced common-mode noise compared to

the conventional six switch TPBuR converter [56]. A figure of the TPSR is shown in Fig.

2.4b. DC-DC converter control methods can be implemented in TPSR due to its control

structure. Therefore complex control techniques such SVM can be avoided, thus easing

the control design. Researchers have also presented interleaved versions of TPSRs that

facilitates high power operation, smaller current and voltage ripple, reduced filter

requirements and high reliability [57]. Modifications on conventional TPSR have been

presented in form of multilevel TPSRs, at the expense of increased control complexity [58].

In [59], authors presented an galvanically isolated full bridge TPSR topology capable of

zero voltage switching (ZVS) that improved the grid power quality and reliability of the

converter. A disadvantage of conventional TPSR is that it is only capable of

unidirectional power flow operation [56]. To achieve bidirectional power flow (necessary

for vehicle-to-grid operation), the conventional TPSR topology can be appended with

additional electrical components at the cost of increased control complexity [58, 60].
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(a) (b)

(c) (d)

Figure 2.4: State-of-the-art front end AC-DC converter topologies: (a) Three-phase buck
rectifier, (b) Swiss rectifier, (c) Vienna rectifier, (d) Three-phase boost rectifier.

2.1.4.3 Vienna Rectifier

The circuit topology of three-phase Vienna rectifier (TPVR) is illustrated in Fig.

2.4c. This topology consists of three grid-side boost inductors, six fast rectification diodes,

six active switches (two per phase), and two split DC-link capacitors. TPVR are widely

employed in high power applications as it offers a variety of benefits, such as high

efficiency, low THD, unity power factor operation, high power density and a simple control

method. In addition, the voltage stress on the active switches is half of the DC-link

resulting in reduced switching losses. A TPVR requires half of the grid-side boost

inductance compared to a conventional six switch 2L boost rectifier at the same rated

power, resulting in increased power density. A drawback of conventional TPVR is it only

allows unidirectional power flow. Researchers in [61], replaced the rectification diodes with

active switches to obtain bidirectional power flow functionality. This topology is also

known as three-phase three-level T-type rectifier. An interleaved TPVR was presented

in [62] that operates at 99.28% efficiency. Circulating currents generated by interleaving of

converters can be suppressed by proper design of coupling inductors. It has been found

that in TPVR, an upper switching frequency limitation of 250 kHz allows a better

compromise between power density and efficiency. Violation of this limit can results in
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degradation of grid-side power quality [63]. The control of TPVR has been investigated in

literature using various modulation techniques, such as carrier-based PWM [64],

SVM [65], and discontinuous PWM [66].

2.1.4.4 3φ Boost Type Rectifier

The three-phase boost rectifiers (TPBoR) are a good fit as front end AC-DC

converters due to its simple and robust structure, bidirectional operation capability,

continuous input current, wide output voltage control range, low current stress, and high

efficiency [63,67,68]. This converter topology is also known as six switch two-level voltage

sourced converter (VSC). A figure of the topology is shown in Fig. 2.4d. The converter

consists of three boost inductors, six active switches (two per phase) and an output

DC-link capacitors. Switching of active devices in each phase is executed in a

complimentary fashion. To increase the processed power, authors in [69] demonstrated

multiple TPBoR connected in parallel on the input as well as the output side without the

use of additional passive components. The circulating currents generated as a result of

parallel operation were suppressed using a zero-sequence current control approach.

The antiparallel diodes in TPBoR suffer from reverse recovery losses resulting in

an increase in switching loss of the MOSFETs. In [70], conventional TPBoR structure was

modified by adding an ultra-fast rail diode on the positive DC bus to eliminate the reverse

recovery losses of the MOSFETs. This topology allows soft switching and automatic step

up operation, while providing the added benefit of circumventing bridge shoot-through

problem. Soft-switching operation (zero voltage switching/zero current switching) of the

converter can be achieved by replacing the DC rail diode with an active switch and

additional passive components. It is worth mentioning that the aforementioned soft

switched TPBoR topologies are unidirectional in which the auxiliary switches still operate

under hard switching.
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2.1.5 Multilevel AC-DC Converter Topologies

Multilevel converters topologies are a popular choice in medium-high power

applications. These converters can generate multilevel staircase output voltage waveform

from from series connection of low voltage DC sources and capacitors using active

switches. These topologies are well suited for an AC-DC power stage of an EV application

due to their capability of delivering high power at high efficiency and power density.

Multilevel converters have the ability to generate staircase PWM waveform which achieves

a low THD, reduced dv/dt, smaller filter requirements, low EMI and reduced voltage

stress on the active switches compared to a conventional 2L-VSC. The most popular

multilevel architectures presented in literature are discussed below.

2.1.5.1 Cascaded H-bridge Multilevel Converter

A cascaded H-bridge (CHB) converter is a modification on the conventional full

bridge (FB) converter obtained by series and parallel connection of H-bridge cells as

shown in Fig. 2.5a [71,72]. The topology facilitates a high degree of modularity in which a

large number of switching states can be obtained by proper connection of cells. An added

benefit of this topology is fault-tolerant operation through which faulty cells can be

isolated to continue converter operation. In [73], a modular multilevel converter (MLC)

based charging station is proposed in which each FB cell is connected to series to utilize

high power for fast EV charging. The modulation methods implemented for control of

CHBs are sinusoidal PWM (SPWM) [74,75], SVM [76]. SVM is preferred as it better

utilizes redundant switching states, thereby reducing power loss. In addition, the

technique better utilizes the DC-link voltage, hence allowing the ability to operate at

maximum modulation index.

The components most likely to fail in power converters are the active switches.

Consequently, reliability is a major concern in this converter topology since the number of

active switches are high. Modulation methods such as, SVM better utilize redundant

switching states and therefore improve the reliability. In addition, fault detection and

bypassing faulty components in a short time interval (< 10 µs) are crucial to maintain
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(a) (b)

(c) (d)

Figure 2.5: State-of-the-art front end AC-DC converter topologies: (a) Three-phase cas-
caded H-bridge converter, (b) Three-phase six level FCMC, (c) Three-phase three-level
NPC converter, (d) Three-phase three-level active neutral-point clamped converter.

stable operation. Therefore, a large number of current and voltage sensors are required in

this converter which increases the cost and complexity.

2.1.5.2 Flying Capacitor Multilevel Converter

Flying capacitor multilevel converter (FCMC) is a variant of multilevel converters

in which the staircase output voltage waveform is generated by series connection and

disconnection of flying capacitors each at a different DC voltage level. A demerit of

modular multilevel converters is that the voltage ripple at the fundamental frequency on
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the grid side requires large energy storage element [77]. FCMC provides a solution to the

aforementioned issue, since smaller energy storage elements in the form of flying

capacitors are required as the switching frequency is increased. Another advantage of

FCMC, is that using Phase-shift PWM technique (PSPWM), the switching frequency on

the output switching node is n times switching frequency of the modulator, where n

represents the number of flying capacitors cells in the converter [78–81]. Therefore, FCMC

allows significant reduction in filter size at high switching frequencies. Although,

utilization of smaller inductors can cause current phase lead issues, which were solved by

using a feedforward control approach as reported in [82]. In [83], the authors presented a

three-phase six-level per phase FCMC design shown in Fig. 2.5b, for a front-end PFC

application which was reported to attain an efficiency of 97.5%. Similar to modular MLC

topology presented earlier, this topology also suffers from reduced reliability since the

number of active semiconductor switches are high. A method to detect open circuit faults

for FCMC was presented in [84,85].

2.1.5.3 Neutral-point Clamped Multilevel Converter

A three-level neutral-point clamped (NPC) converter is shown in Fig. 2.5c. In this

topology, a multilevel output is generated by splitting the DC bus capacitors into two

series capacitors connected together at the mid-point (neutral-point). Clamping of the

diodes allows to generate three distinct voltages, i.e., VDC/2, 0, -VDC/2 at the converter

output. The circuit topology has been widely investigated for medium voltage

applications owing to its several benefits such as, low dv/dt across the switch, input

current with low THD and reduction of common-mode (CM) noise [81]. Furthermore,

each switch is required to block only half the DC-link voltage, thereby allowing significant

reduction in the switching losses. In [86], researchers presented a DC charging

infrastructure with a centralized NPC connected to the MV grid on the AC side and

bipolar DC bus on the output side. The use of NPC in this application brings the

following benefits [87]: 1) Proposed structure reduces the step-down effort on the DC-DC

converters, 2) Increased reliability since a single DC-DC converter failure will not effect

other power stages, 3) Increased power capacity of the station as the DC-link capacitance
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is doubled. A drawback of using bipolar DC bus structure is that the DC link voltage

unbalancing is worsened by the randomized nature of EV charging (random arrival of

vehicles with different battery specifications). The issue can be resolved by the addition of

a redundant leg as in [87, 88], at the expense of increased capital cost.

Another problem pertaining to the use of NPC converter is asymmetrical

distribution of power loss among the active switches and the clamping diodes, which

translates to issues in the design of thermal management system [89]. Ultimately, the

upper switching frequency limit and the maximum phase current are limited by the losses

in the most stressed device of the converter. As a solution, active neutral-point clamped

(ANPC) converter topology has been presented which is a derivative of the conventional

NPC MLC. A 3L-ANPC converter topology is shown in Fig. 2.5d. In an ANPC converter,

the clamping diodes are replaced by active switches, thus allowing more redundant 0-level

switching states which can be leveraged to balance the losses in the devices. A

13L-paralleled modular SiC-based ANPC converter for a MW level ultra-fast EV charger

was presented in [21], which reported an efficiency of 99.3%. A drawback of the topology

is that increase in the number of switches increases the control complexity, particularly for

higher level ANPC converter topologies [90].
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2.1.6 Grid Impact Due To Fast Charging

Mass proliferation of DC fast and ultra-fast chargers without upgrades to the

existing grid infrastructure poses various critical issues to the grid pertaining to

overloading, grid-side power quality degradation, voltage deviations, instability, and

reliability issues. Fast chargers draw a substantial amount of power within a short time

instant which drastically reshapes the load curve. The situation worsens if multiple EVs

are connected to the same node on the electrical network (under charge

simultaneously) [100]. These load spikes might not be taken into account during load

scheduling which could overload the network. Integration of more renewable energy

resources, location planning, smart charging techniques, and EV scheduling have been

presented as solutions to cope with the peak demand efficiently [101–103]. Integration of

fast charging stations can also lead to various power quality issues such as voltage

fluctuations, harmonic distortion, and the generation of supraharmonics [104–108]. The

PWM modulated power electronic converter is responsible for the injection of unwanted

harmonics to the electric grid. For ABB Terra 53CJ charger, it was found that the average

current TDD is 11% in constant current (CC) mode, whereas it lies between 9-30% in

constant voltage (CV) mode [108]. The harmonic analysis is typically performed in the

frequency range below 2 kHz. Presently, the trend is to leverage the superior performance

of WBG semiconductor devices to increase the switching frequency in order to minimize

the size of passive components. It has been found that higher switching frequencies can

lead to the generation of supraharmonics between 2-150 kHz [105]. These unwanted

harmonics can result in additional heating of the components, lifetime degradation and

false tripping of protection circuitry. Impacts are even more severe for weak grids in which

the short-circuit ratio (X/R) of distribution network is low and impedance is high [106].

The aforementioned harmonics can be suppressed by proper design of front end AC-DC

converter and the input filter. In [107], the authors demonstrated that the increase in

charge power increases the voltage fluctuation on the bus as well. Deviation of bus voltage

beyond specified limits can lead to economic penalty. In [109], authors presented a charge

control method to alleviate the issues of voltage fluctuation and charge flicker. Grid
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stability is another major concern if the fast charger is not properly controlled. In [110],

the authors performed a stability test on IEEE 3-bus system, the results of which

demonstrated that a fast charger can indeed reduce grid stability. In [111], it was shown

that compared to CV charging mode, CC mode pushes the grid more towards the

unstable region. Integrating more renewable energy resources and energy storage devices

such as, flywheels etc., to help add ”virtual inertia” to the grid can help alleviate the

instability issues. The concept of vehicle-to-grid (V2G) is also under investigation by the

researchers. V2G technology allows to push the energy from the EV back to the grid and

it is anticipated to reduce the detrimental impacts of fast charging while providing various

merits such as, peak load shaving, active power regulation, reactive power support,

improving grid stability, voltage and frequency regulation and current harmonic

minimization [112].

2.1.7 Future Research Trends

DC ultra-fast charging owing to its many benefits can help normalize the adoption

of EVs in the transportation sector. However, this is not a trivial task as it requires

exhaustive research in protection devices, charging cable and its cooling techniques,

efficient power converter designs using WBG devices, advanced control techniques,

solid-state transformers, integration of renewable energy resources and energy storage

elements within the charger infrastructure. More research in the wireless charging also

needs to conducted as inductive or capacitive power transfer will allow to reduce the

charging times even more [113,114]. The grid following control schemes such as droop

control, real and reactive power control have been well investigated in the literature

however, grid forming control for charging stations is an emerging topic with a plethora of

open research opportunities available for examination [115]. Smart charging techniques

should be investigated in which the vehicle charge behavior is shaped based on the peak

demand, dynamic pricing, and the capability of renewable source generation [116,117]. On

the battery end, more attention is required for development of energy dense solid-state

batteries including cell and pack design, advanced battery management systems to

monitor the health of cells in real-time and the electrode/electrolyte stability [118].
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Researchers have also leveraged artificial intelligence tools as they provide a superior

performance in regards to EV charging load predictions, dynamic pricing and driving

range estimations [119,120]. To summarize, current trends indicate that the charging

infrastructure is moving towards a more digitized, smart grid compatible, intelligent, and

embedded framework capable of advanced communication.

2.1.8 Summary

1. This section has presented an overview of the state-of-the-art offboard fast and

ultra-fast electric vehicle chargers.

2. Different kinds of charging architectures were investigated by comparison of their

pros and cons.

3. State-of-the-art AC-DC converter topologies for offboard fast and ultra-fast charging

were investigated.

4. The impacts of fast charging on the electric grid and methods to resolve them were

also presented.

5. Finally, future research trends for fast and ultra-fast EV charging were examined.
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2.2 State-of-the-Art Integrated Modular Motor Drive for more-electric-aircraft

2.2.1 Overview

Similar to the efforts made towards electrification of ground transportation in the

recent decade, many researches have been focused towards electrification of aircraft giving

rise to the concept of a more-electric-aircraft (MEA) [121]. The latter goal is even more

demanding than the former, albeit with a similar intention, i.e., to reduce global carbon

emissions which account for nearly 2.6% of all fossil fuel derived CO2 emissions [122]. A

traditional aircraft is an incredibly complex structure involving systems that run on a

combination of different types of energy, including hydraulic, pneumatic, mechanical, and

electrical. The goal of MEA is to replace most of the systems utilizing non-electric power

to improve aircraft’s efficiency, reliability, while simultaneously reducing maintenance

costs and emissions.

Conventional commercial aircraft have a constant voltage and constant frequency

architecture (115 VAC/400 Hz) in which the generator is coupled to the main engine via a

mechanical drive that keeps the mechanical speed, and thus the electrical frequency

constant. Several crucial onboard systems such as deicing mechanism, main engine start

(MES), environment control system (ECS), and hydraulics and non-electric, therefore the

required power generation per engine is lower. The primary electrical energy consumption

loads are fans that circulate air through the cabins, TVs and entertainment systems,

lighting, avionics equipment, and galley loads (oven, coffee maker, refrigeration).

Additional electrical buses are obtained from stepping down the 115 VAC, 400 Hz bus to

28 VDC using transformer rectifier units (TRUs), which are futher stepped down to

obtain 5 and 3.3 VDC to power microprocessors, integrated circuits etc. In newer aircraft,

such as the Boeing 787 and Airbus A350/A380, this constant voltage and constant

frequency bus is being replaced with the constant voltage and variable frequency

architecture. In this case, the voltage is regulated at a constant 115 or 230 VAC, while the

frequency of the bus varies between 300-800 Hz depending upon the engine speed [123].

This new heading requires power conversion in many of the aforementioned loads

including motor drives, which emphasise the importance of power converters to efficiently
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Figure 2.6: Evolution of electrical power needs in commercial aircraft [11].

converter power from AC-DC and DC-AC. The evolution of electrical load consumption

over the years for the commercial aircraft are shown in Fig. 2.6. The move towards MEA

brings the advantage of generating and distributing efficiently power near the

point-of-loads (POLs). Protection circuitry in the form of solid-state power controllers

and contactors can be implemented near the POLs, thus eliminating the need for a

localized protection zone for the entire bus in the traditional aircraft architecture. This

brings the benefit of increasing the efficiency of distribution system, eliminating cost and

weight as transmission losses in bulky conductors are greatly reduced. The weight savings

also contribute to improved fuel efficiency, and thus a total lower cost.

Power electronic converters (PEC) can also find an important application in

varying onboard motors speed, which allows for optimum operation depending on the

load. Since for a desired power rating, the motors weight and volume decreases as the

speed is increased, high speed machines are preferred in aircraft. Permanent magnet (PM)

machines are attractive since the power density and efficiency is higher than induction

machines for a given power rating, at the expense of increase in cost due to the use of

permanent magnets [124]. Other systems where PECs can find applications are auxiliary

power units (APU), electric taxi, environment control systems, main engine start, and in

replacement of hydraulic systems with electromechanical actuators [121,125].
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Table 2.6: NASA future aircraft goals [2].

Year Noise LTO NOx Cruise NOx Energy
goal (dB) emission goal (%) emission goal (%) consumption (%)

2015 -32 -60 -55 -33

2020 -42 -75 -70 -50

2025 -52 -80 -80 -60

As mentioned in Section 1.1, WBG semiconductors devices are well suited for the

MEA application which requires device operation at high temperatures, high altitudes

equating to reduction in the breakdown voltage, and reduced footprint to save weight and

costs. SiC devices can effectively replace conventional Si architectures, due to lower

conduction and switching losses. Since, the current rating of GaN devices are still

relatively lower than SiC devices, they can find application in systems such as, actuators,

fans and low voltage/high current PECs.

Finally, the most important step towards complete electrification of aircraft is to

modify the propulsion system which conventionally has utilized jet engines. An example

towards this objective are the goals set by NASA for development of future generation

subsonic fixed wing aircraft to reduce: (1) Audible noise, (2) NOx emissions, (3) Fuel and

energy requirements [2]. A comparison of these goals up until the year 2025 are shown in

Table. 2.6. There are at least two architectures being consideration to meet these goals.

The first is a hybrid wing body (HWB) aircraft with a turboelectric distributed

propulsion (TeDP) system shown in Fig. 2.7a. In the second architecture, a gas electric

turbine engine and electric power sources provide combined power to drive propellers as

shown in Fig. 2.7b. The HWB with TeDP architecture uses two gas turbines engines with

large generators (22.4 MVA) to generate electricity. The electrical power is used to drive

fifteen 2-3 MW motors to propel the aircraft. To meet high power density targets,

superconducting motors and generators are envisioned for the concept. Power

transmission between the sources and the load is also expected to used super conducting

cables. Non-cryogenically cooled electric machines are also being investigated for hybrid



31

(a) (b)

Figure 2.7: Examples of hybrid propulsion systems: (a) N3-X hybrid wing body aircraft
with turboelectric distributed propulsion system [12]. (b) Generic more-electric-aircraft
architecture for hybrid gas electric propulsion aircraft.

gas and electric propulsion scheme [2]. Although, it is very difficult to achieve the high

efficiency (> 96%) and volumetric/power density targets for MW-class motors using

non-cryogenic cooling technology [126].

The U.S. Department of Energy (DOE) has also launched an ambitious research

program under the title of ”Aviation-class Synergistically Cooled Electric-motors with

iNtegrated Drives” (ASCEND) in 2019. The program is intended to investigate the

development of a innovative light weight and ultra-efficient electric motors with integrated

drives and thermal management systems to fully electrify 150-200 passenger commercial

aircraft such as the Boeing 737. The project has set a high benchmark to develop a fully

integrated all-electric powertrain (≥ 250 kW) at a power density of > 12 kW/kg with an

efficiency of > 93% [26,127–129]. On the machines side these ambitious targets will

require research into high energy density magnets, efficient motor topologies with fault

redundancies, innovative cooling approaches as well as development of lightweight and

high strength composite materials. From the drives perspective, the solution lies in the

development of integrated modular motor drives (IMMDs) using WBG semiconductors in

which the electric machine and the power converter are integrated into a single unit to

reduce the volume and weight of the complete system [3,13,130].
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2.2.2 Integrated Modular Motor Drives - Overview and Design Topologies

IMMDs can improve the power density by 10-20% and reduce the the overall

system cost of installation and maintenance by 30-40% [131]. They are attractive in a

MEA application because of the following benefits:

1. The elimination of long cables connecting the PEC to the electric machine

eliminates conduction losses, and transient overvoltages on motor insulation due to

high dv/dt as a result of pulse width modulation (PWM) scheme [132].

2. Direct connection of motor to the drive also improve the electromagnetic

compatibility of the system.

3. The PEC and the electric machine can be cooled using a shared mechanism,

resulting in costs savings and increase in power density.

4. Division of the PEC and the electric machine also divides the power processed by

individual modules, while facilitating integration and increasing modularity [133].

IMMDs can be classified based on the placement of the PEC with respect to the

machine housing and stator. The four main types of IMMDs are:

1. Axially housing mounted (AHM).

2. Axially stator mounted (ASM).

3. Radially housing mounted (RHM).

4. Radially stator mounted (RSM).

The illustrations of these configurations are shown in Fig. 2.8, whereas the physical

examples are shown in Fig. 2.9. In an AHM configuration, the PEC is mounted in a

separate enclosure in the axial direction [14], whereas in a RHM configuration, the PEC is

mounted in a separate enclosure on the outer periphery of the machine in the radial

direction [16]. The need for a separate housings for the PEC, increases the dimensions of

the machine in the axial and radial direction providing a sub-optimal power density. From

point of view of integration, these configurations are the simplest. Separate enclosures
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Figure 2.8: Illustration of various IMMD configurations [13]. (a) AHM configuration: (1)
Power converter modules, (2) End plate; (b) ASM configuration: (1) Housing, (2) Power
converter modules, (3) Shared cooling structure, (4) End plate; (c) RHM configuration:
(1) Power converter modules, (2) Stator, (3) Rotor, (4) Housing, (5) End plate; (d) RSM
configuration: (1) Housing, (2) Power converter modules, (3) Shared cooling structure, (4)
End plate.

between the PEC and the machine provides thermal shielding, while the modularization of

the drive is not required to fit on the curved surface of the motor. In the ASM and RSM

configurations, the PEC is mounted in the same enclosure as the motor in the axial and

radial direction on the stator of the machine [15,17]. These configurations provide more

compact integration of the drive with the machine, however the thermal management of

PEC is challenging due to the close proximity with the motor’s winding’s and the core.

The radially mounted configurations are preferred in high speed applications, where the

stack length is longer than stator diameter for low rotor inertia and tip speed (sausage

type motors) [3]. On the contrary, axial configurations are preferred in high torque
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(a) AHM IMMD. (b) ASM IMMD.

(c) RHM IMMD. (d) RSM IMMD.

Figure 2.9: Example design of various IMMD configurations. (a) AHM configuration: 30
kW Si MOSFET based IMMD [14]. (b) ASM configuration: 1.6 kW GaN based IMMD [15].
(c) RHM configuration: Siemens 60 kW SIVETEC MSA 3300 drive unit for EV traction
application [16]. (d) RSM configuration: 50 kW Si IGBT based IMMD [17].

applications in which the stator diameter is longer than the stack length (pancake type

motors).

A summary of various IMMD configurations proposed in the literature is given in

Table 2.7. Various manufacturers have claimed performance improvements in their IMMD

designs over their conventional motor drive systems. Siemens claimed a weight reduction

of 10-15% by elimination of heavy cables and reduction of housing materials [16]. The

cooling solution implemented creates a water barrier between the PEC and the machine,

thus decoupling the heat production of the two sources. Nidec noted a reduction in

volume and weight by 32% and 69%, respectively in their RHM IMMD design [145].
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Table 2.7: Summary of IMMDs in the literature [3].

IMMD Power rating Motor Inverter Device Machine Cooling Reference
Type (kW) type type technology phases

AHM

0.4 SPM 2L GaN 3 Air [134]

10.5 SPM 2L Si 3 Liquid [135]

30 SPM FB Si 6 Liquid [14]

55 IM 2L Segmented Si 3 Liquid [136]

60 SPM 2L SiC 3 Liquid [137]

290 SPM 2L Modular SiC 3 Liquid [138]

ASM

1.6 IM 2L Modular GaN 3 Air [15]

18 SPM 2L Modular Si 6 Liquid [133]

30 IM Matrix Si 3 Air [139]

67 SRM Asymm. HB Si 5 Liquid [140]

80 IPM 2L Modular SiC 3 Liquid [141]

90 IM 2L Modular Si 3 Liquid [17]

110 IPM 2L Modular SiC 5 Liquid [142]

RHM

22 SRM Asymm. HB SiC - Air [143]

24 SRM Asymm. HB Si 4 Liquid [144]

44 SRM Asymm. HB SiC 3 Liquid [145]

60 IM/SPM 2L Si 3 Liquid [16]

RSM

0.02 SPM 2L Si 3 Air [146]

50 SPM Full Bridge Si 6 Air [147]

50 SPM 2L Modular Si 3 Liquid [17]

Yasakawa has presented an all GaN based motor drive, which operates at high efficiency,

reduced heatsink requirements and audible noise compared to their conventional drive

systems [134]. In 2014, Misubshi Electric developed an AHM configuration IMMD using

SiC devices which led to 50% reduction in the size and has less than half the losses

compared to an existing Si based solution [137]. KSB group demonsrated a 22 kW

synchronous reluctance machine (SRM) based IMMD using SiC devices that allowed

volume reduction by almost 25% [143]. Researchers are now targeting ASM and RSM

topolgies to directly mount the PEC on the stator iron. These configurations will provide

a more seamless integration of the machine and PEC through modularization of the power

converter, thus allowing to fully optimize the power density. Modularization will allow
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Figure 2.10: Fault tolerant converter topologies realizable by the use of IMMDs: (a) Four
leg 3φ inverter, (b) Six leg inverter with single DC link, (c) Three 1φ inverters, (d) Cascaded
inverter with seperate DC-link.

interleaving of the PEC modules, thus allowing further reduction in DC-link requirements

by almost 50% [148]. Although, the challenge to deal with the thermal influence will

require sophisticated solutions [130,149].

2.2.3 Fault Tolerant Operation of IMMDs

A key benefit of modularization of a motor drive is fault tolerance, a characteristic

which is highly desired in a MEA application for obvious safety reasons. Fig. 2.10, shows

different fault tolerant converter topologies realizable with IMMDs [150]. The four leg

inverter topology has an additional phase leg connected to the neutral point of the

machine. The topology provides fault tolerance against single phase and single switch

open circuit faults. The efficacy of the topology is verified for a permanent magnet

machine in [151,152]. The six leg inverter consists of three full bridge converters

connected to the motor windings via the same DC bus as shown in Fig. 2.10b. This

topology can provide fault tolerant operation against a single phase short circuit fault and
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single switch open circuit fault as shown in [153] and [154], respectively. The six leg

inverter topology can be split and each phase can be connected to its own DC-link

forming the three single phase inverter topology shown in Fig. 2.10c. This converter

provides fault tolerance against a DC-link fault as well as single phase and single switch

open circuit faults. The same number of switches can be reconfigured to form the

cascaded three-phase inverter shown in Fig. 2.10d, with each phase being supplied

through its own DC-link. This topology also provides fault tolerance against a single

phase open circuit and single switch open circuit faults [150].

2.2.4 Technical Challenges Encountered in Realizing IMMDs

Low inductance high speed motors tend to be employed in MEA applications due

to reduced weight and volume. To meet the ripple current requirements, the switching

frequency of the converter should be high. However, fast switching of WBG

semiconductors results in significant EMI emissions. Therefore, to comply with the EMC

standards such as, IEC 61800-3 EMI reduction strategies need to be employed.

It has been found that the influence of high dv/dt on the conducted common mode

(CM) EMI is limited, while the influence of switching frequency is high [155]. In [156], a

conducted EMI performance of Si IGBT and SiC JFET based motor drive was performed.

The parasitic oscillations excited during switch transitions are higher for the SiC drive

resulting in a degraded EMI performance. The high switching frequency can even make

the design of CM chokes difficult. In [157], it was shown that the CM choke designed for a

SiC motor drive operating at 200 kHz of switching frequency is substantially larger in size

than the one design for drive operation at 20 kHz. To mitigate these issues, new filter

topologies and CM voltage cancellation techniques have been developed to allow high

frequency operation of WBG based motor drives [158].
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2.2.5 Summary

1. This chapter discusses the applications of power electronic converters onboard

commercial aircraft. The electrical demands have increased steadily alongside the

evolution of aircraft themselves.

2. WBG semiconductor based power converters are a key enabling technology to

practically realize more-electric-aircraft.

3. Next generation of all electric aircraft is deemed to replace jet engines with

propellers driven by highly efficient and power dense electric motors. To this end,

integrated modular motor drives are being investigated that combine the electric

machine and power electronic converter into a single unit to optimize the power and

volumetric density.

4. Various IMMD configurations were discussed, along with the a thorough literature

review on existing IMMD designs.

5. IMMD can be provide fault tolerant operation, a requirement crucial to the concept

of more-electric-aircraft.

6. Finally, technical challenges pertaining to the application of WBG based IMMD

were investigated.
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Figure 2.11: Generic industrial variable speed drive system [18].

2.3 Review of Model Predictive Control in Power Electronics

This section reviews the history, classification and applications of model predictive

control (MPC) in power electronics. The section first identifies state-of-the-art linear

control techniques widely adopted in the industry. Next, it presents the history and

problem definition of MPC pertaining to power electronic applications. A thorough

literature review is conducted to identify various MPC algorithms in the literature.

Finally, a case study is performed that solidifies the benefits of employing MPC over linear

controllers in power applications.

A generic diagram of an industrial variable speed drive system is shown in Fig.

2.11. The system consists of an optional step-down transformer on the grid side, an active

rectifier (passive rectifiers are also employed), a dc-link, an inverter, and a motor

connected to a load. For simplicity sake protection equipment, switch gear, cooling and

descriptions of the controller are omitted. The control of this industrial power electronic

system can be classified into groups, the grid side controller and the load-side controller.

Each individual controller can be subdivided into two cascaded control structures:

• On the grid-side, the outer control loop regulates the dc-link voltage and

manipulates the real power absorbed/injected from and to the electrical grid. The

inner control loop regulates the active and reactive power of the converter by

manipulation of three-phase converter voltages.

• On the motor side, the outer control loop regulates the machines speed through

manipulation of machine’s torque which acts as a reference to the inner control loop.

The inner control loop controls electromagnetic torque and machine’s magnetization

by applying converter voltages to the stator windings of the motor.
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Figure 2.12: State-of-the-art control and modulation schemes for high power converters and
industrial drives [18].

The voltage command to be applied to the machine’s windings are embedded into high

frequency gating signals through the process of modulation, e.g., carrier based pulse width

modulation (CB-PWM) or space vector modulation (SVM) [159]. Typically, a fast inner

control loop is desired for fast dynamic changes which is aligned to the rotating

orthogonal (dq) reference frame. On the motor’s side, the rotating reference frame is

either aligned with the stator or rotor flux linkage vector leading to the concept of

field-oriented control (FOC) [160]. On the grid side, the reference frame is oriented along

the direction of grid voltage vector, leading to the voltage-oriented control (VOC), or with

a virtual flux vector resulting in virtual-flux-oriented control [161].

Many researchers have replaced with inner control loops by hysteresis controllers,

thereby replacing the modulators with look-up tables (LUT), which directly determine the

inverter switch positions. Examples of this control structure are direct torque control

(DTC) for machine’s [162], and direct power control (DPC) for control of active/reactive

power flow in grid tied systems [163]. DTC and DPC approaches are provide quick

dynamic responses (similar to deadbeat controllers), at the expense of increased harmonic

distortions.

The third commonly employed approach is to use optimized pulse patterns

(OPPs), which produce the lowest harmonic distortion per switching frequency. In OPPs,

the optimized PWM patterns are calculated offline by minimizing a cost function subject

to constraints pertaining to the current distortions [164,165]. The outcome of the
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optimization is a set of optimal switch positions and switching angles over a fundamental

period. Since the reference tracking problem is difficult to solve using high bandwidth

controllers, commonly used approach is to use a slow inner control method such as volt

per frequency (V/f) control [166]. It is found that MPC combines the best attributes of

all the aforementioned control algorithms, i.e., it provides a fast dynamic response with

minimum distortion per switching losses. Fig. 2.12 is used to graphically summarize the

aforementioned control techniques.

2.3.1 Model Predictive Control

The theory of modern control was formulated in 1960s with emergence of Kalman

filter and linear quadratic regulator (LQR) [167,168]. The state-feedback control law in

the LQR is formulated by minimizing a cost function over an infinite prediction horizon,

subject to the evolution of a linear system model. As an application, MPC was first

successfully deployed in the 1970s to control nonlinear, MIMO constrained plants in the

process industry. Due to its versatility and flexibility, MPC was adopted in various other

industries including but not limited to food processing, aerospace and defence, metallurgy

and the automotive industry [169].

The technique was investigated in the field of power electronics in the early

1980s [170,171]. The very short time constant of power electronic control problems,

requires the use of short sampling intervals which were unavailable due to the inadequate

computational resources of the time. After a couple of decades of hiatus, the ever

increasing computational resources in form of powerful microprocessors, instigated a

revival of interest of MPC in power electronics in early 2000s [172–174]. Since then MPC

has been applied to a variety of power electronic control applications [4, 18, 175], such as,

control of synchronous motor drives, grid-tied converters, voltage source inverters (VSI),

modular multilevel converters (MMC) etc.
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2.3.2 Control Problem

Consider a generic power electronic system with the input vector u ∈ R
nu and the

output vector y ∈ R
ny , as shown in Fig. 2.13a, where nu and ny denotes the number of

input and output variables, respectively. Both vectors can contain integer as well as real

valued quantities. Physical constraints exist in the form of actuator limits on the input

vector u. The information of the state vector x ∈ R
nx of the system, where nx denotes the

number of states can be obtained via sensors or an additional observer. Components of x

that are unmeasurable such as the stator flux linkage in electric machines, or virtual grid

flux in grid connected systems can be reconstructed by using an observer. From here on,

the system input u is referred to as the manipulated variable while the system output y is

referred to as the controlled variable. The general control problem is to design a controller

that attains the following three objectives:

1. The system output y must be regulated along its reference y∗. This can be

accomplished by feeding back the output signal y comparing it with its reference y∗,

and manipulating the input u so that y tracks y∗ as accurately as possible.

2. Controller must guarantee stability.

3. Controller should meet system constraints.

The controller should meet the aforementioned control objectives in presence of model

uncertainties and external disturbances, thus indicating certain level of robustness. Two

types of control problems can be formulated in this regard.

• Indirect Model Predictive Control:

When a modulation stage exists in the control loop, the manipulated variable are

real valued and generally a voltage reference signal. This type of control problem is called

indirect model predictive control (IMPC). The switching phenomenon can be masked with

an averaging technique which helps avoid the use of integer variables during problem

formulation. Assuming a three-phase system (nu = 3), the vector of manipulated variable
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(a) (b)

Figure 2.13: Control structures in MPC [18, 19]: (a) Generic block diagram of a controller
regulating the system output y along its reference y∗ by manipulating the system input u.
The optional observer can provide information of estimated system state x. Indirect MPC
follows this control structure. (b) Control structure of direct MPC.

in case of IMPC is given as,

u =
[

ua, ub, uc

]T

∈ Uκ =
[

−1, 1

]3

⊂ R
3 (2.1)

A block diagram of this control scheme is shown in Fig. 2.13a.

• Direct Model Predictive Control:

When a modulation stage does not exist within the control structure, the

manipulated variables being integer variables directly correspond to the converter switch

positions. This type of control structure is known as direct model predictive control

(DMPC). In this structure averaging cannot be used, and the system model contains

integer variables during problem formulation. Assuming a three-phase system, the vector

of manipulated variable in case of DMPC is given as,

u =
[

ua, ub, uc

]T

∈ Uδ = Uδ × Uδ × Uδ = U3
δ ⊂ Z

3 (2.2)

where Uδ defines the integer subset of converter switch positions. A block diagram of this

control scheme is shown in Fig. 2.13b.

2.3.3 Modeling of the Plant

In MPC, an accurate dynamic model of the system to be controlled is required for

prediction of future behavior of system states. In continuous time domain, the dynamic
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evolution of the system can be represented by its state-space representation as,

dx(t)

dt
= f(x(t),u(t)) (2.3a)

y(t) = g(x(t),u(t)) (2.3b)

where f(⋆) : Rnx ×Uǫ → R
nx and g(⋆) : Rnx → R

ny in which ǫ ∈ {κ, δ} are the state

update and output functions, respectively. Equation (2.3a) is a nonlinear 1st order

continuous differential equation that dictates the evolution of state vector x over time

t ∈ R. The outputs y are a nonlinear function g(·, ·) of the state vector x and input vector

u.

In power electronics, variables relating to the energy storage elements of the

system, e.g., inductor current, or capacitor voltage etc. are chosen as state variables and

aggregated to the state vector x ∈ R
nx . In most cases, the modelled system in (2.3) is a

linear or a bilinear system. The continuous-time state space equation in the former case

can be given as,

dx(t)

dt
= Acx(t) +Bcu(t) (2.4a)

y(t) = Ccx(t) (2.4b)

where Ac ∈ R
nx×nx , Bc ∈ R

nx×nu , and Cc ∈ R
ny×nx are the plant, input and output

matrices, respectively. Depending on the application, these matrices can be time varying

or time-invariant.

The control can either be performed in synchronously rotating dq frame or

stationary αβ frame. These mappings are performed to achieve decoupling among the

loops, and reduce computations. For an arbitrary three-phase signal defined by ξabc =

[ξa, ξb, ξc]
T in the abc-frame, the mapping to the aforementioned two frames is given by,

K(φ) =
2

3






cosφ cos
(

φ− 2π
3

)

cos
(

φ+ 2π
3

)

− sinφ − sin
(

φ− 2π
3

)

− sin
(

φ+ 2π
3

)




 (2.5)
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where φ is the angle between direct axis of the rotating reference frame and a-axis of the

three-phase signal. If the angular speed of rotation of the dq reference frame is given by

ωr, the transformation of the three-phase signals is given by,

ξdq =
[

ξd ξq

]T

= K(φ)ξabc (2.6)

Since in the stationary reference frame ωr = 0, the transformation of the three-phase

signal to αβ frame is given by,

ξαβ =
[

ξα ξβ

]T

= K(0)ξabc (2.7)

Since MPC is implemented in the discrete-time domain, a linear continuous-time state

space system shown in (2.4) can be discretized assuming a constant sampling time Ts to

the following,

x(k + 1) = Φdx(k) + Γcu(k) (2.8a)

y(k) = Ccx(k) (2.8b)

where Φd ∈ R
nx×nx , Γc ∈ R

nx×nu are the discrete-time plant and input matrices,

respectively. The variable k ∈ N defines the discrete-time step. Various discretization

techniques such as, the Forward Euler, Backward Euler method or Exact discretization

etc. can be employed depending on the application (see Table 2.8). The first two

approaches are most favored when sampling time is in the order of ten’s of microsecond,

since they are computationally cheap. However, the accuracy of these methods

deteriorates as the sampling time is increased. On the contrary, Exact discretization

provides the most ideal representation of the continuous-time system, at the expense of

increased computational resources. However, this approach is only applicable to linear

time-invariant systems, such as the control of a grid-tied LCL filter or an LC filter in a

VSI application etc. For time varying systems, quasi-exact discretization methods provide

a good balance between computational resources and accuracy [4].
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Table 2.8: Discretization matrix using various discretization methods [4].

Discretization type x(k + 1) Φd Γc

Forward Euler ≈ Φdx(k) + Γcu(k) I+AcTs BcTs

Backward Euler ≈ Φdx(k) + Γcu(k + 1) (I+AcTs)
−1 (I+AcTs)

−1BcTs

Exact (ZOH) = Φdx(k) + Γcu(k) eAcTs A−1
c (eAcTs − I)Bc

2.3.4 MPC Problem Formulation and Optimization

The aim of the MPC is to generate an optimal sequence of manipulated variables

that lead to the most desired system behavior defined by an objective function called the

cost function (CF) within a finite time interval. To that end, the optimal sequence of

variables over a finite prediction horizon of Np ∈ N
+ is given as,

U (k) =
[

uT(k) uT(k + 1) · · · uT(k + Np − 1)

]T

∈ U (2.9)

where U ∈ U
Np
ǫ . It can be seen that using (2.8), the future behavior of the controlled

system can be predicted over the desired prediction horizon with U (k) and the present

state vector x(k).

The desired control objectives are translated into a cost function, which

incorporates the sequence of future states, manipulated variables and the outputs into a

positive scalar cost value. In other words, the impact on the system can be predicted via

the CF by assessing and comparing the effect of different sequence of manipulated

variables. At the end, MPC algorithm chooses the sequence of manipulated variables that

leads to minimum value of the CF. A general definition of the CF is given as,

J(x(k),U (k)) =

k+Np−1
∑

l=k

J†(x(l),u(l)) (2.10)

which is a summation of the stage costs J†(·, ·) over the finite prediction horizon Np. The

control objectives such as reference tracking, control effort (switching frequency) can be
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Table 2.9: Common cost function used for MPC in power electronics [4].

Cost function Features Reference

J1 = ‖ u(k)− u(k − 1) ‖1 Control effort penalization, 1-step horizon, l1-norm [176]

J2 = ‖ yerr ‖1 Output reference tracking (yerr = y∗ − y), l1-norm [173]

J3 = ‖ yerr ‖22 Output reference tracking, l2-norm [177]

J4 = ‖ yerr ‖2Q Multiple outputs (Q ≻ 0) reference tracking, l2-norm [178]

J5 = ‖ yerr ‖22 + l2-norm reference tracking

λu ‖ ∆u(k) ‖22 with control effort penalization (λu > 0) [179]

J6 =
∑k+Np−1

l=k ‖ ∆u(l) ‖1 Control effort penalization, Multistep horizon (Np > 1) [180]

J7 =
∑k+Np−1

l=k ‖ yerr ‖2Q + Multistep horizon, multioutput reference tracking

λu ‖ ∆u(l) ‖22 with l2-norm control penalization [181]

penalized through weighting factors associated with the stage costs. Some examples of

control objectives used in the literature are shown in Table 2.9.

During MPC problem formulation, explicit constraints can be applied on either

the control input or system states. These constraints are often referred to as hard or soft

constraints. Hard constraints pertain to the physical limitations of the power electronic

system (e.g., constraints on the control input shown in (2.1) and (2.2)) and thus cannot be

violated by nature. The latter constraints are usually applied on the system states, e.g.,

inductor current etc. and are intended as protection mechanism during transient or fault

conditions. These constraints ensure that the converter operates within the safety bounds.

The constraints can be violated, however it is the job of the designer to ensure the

violations are minimized. Incorporating these constraints within the MPC problem, the
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optimization problem required to be solved is given as,

U ∗(k) = arg minimize
︸ ︷︷ ︸

U (k)

J(x(k),U (k))

subject to x(l + 1) = Φdx(l) + Γcu(l)

y(l + 1) = g(x(l + 1))

u(l) ∈ U ǫ (2.11)

x(l + 1) ∈ X ⊆ R
nx

∀l = k, ..., k + Np − 1

Depending on the nature of the predictive controller, i.e., DMPC or IMPC, the

aforementioned optimization problem 2.11 is generally an integer problem (IP) [182], or a

convex quadratic programming (QP) [183]. The most easiest approach for IP problems is

the process of enumeration in which all possible converter states are evaluated to

determine the one that minimizes the cost function [173]. The computational

requirements for the process of enumeration quickly explodes in case of multistep

horizons, therefore approaches to minimize the average execution time, such as the sphere

decoding algorithm have been presented [18,184]. On the other hand, the QP problems

can be quickly solved with a variety of off-the-shelf QP solvers [185,186].

• Receding Horizon Control:

The solution to the optimization problem in (2.11), yields an open-loop optimal

sequence of manipulated variables U ∗(k) from time step k to k + Np − 1 as,

U ∗(k) =
[

u∗T(k) u∗T(k + 1) · · · u∗T(k + Np − 1)

]T

(2.12)

Applying U ∗(k) makes it prone to external disturbances and unmodeled effects. To

provide feedback to the system, only the first element of U ∗(k), i.e., u∗T(k) is applied to

the system at every time step. This policy is known as the receding horizon control and it

adds a high degree of robustness to the control algorithm. Consider an example case of a

reference tracking problem using DMPC as shown in Fig. 2.14. At every sampling instant,
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(a) Prediction horizon at time step k. (b) Prediction horizon at time step k + 1.

Figure 2.14: Receding horizon control for the prediction horizon Np = 5. The optimal
control sequence U ∗(k) is determined by the optimization algorithm. Out of the sequence
only the first element u∗(k) is applied at every sampling instant.

U ∗(k) is recomputed by the optimization algorithm, however only the first element is

applied.

2.3.5 Types of MPC in Power Electronics

As mentioned in Section 2.3.2, MPC can be divided into two main categories, i.e.,

DMPC or IMPC, depending on the presence of a modulator in the control structure. The

former does not include an explicit modulator, and the optimal control sequence in the

form of switching signals are directly applied to the system. In the latter, the optimal

control action in the form of a real valued duty cycle signal is fed into a CB-PWM

modulator to produce switching signals for the converter. Each of these categories can be

subdivided into smaller groups as shown in Fig. 2.15.

Direct MPC with reference tracking is also known as finite control set model

predictive control (FCSMPC). Presently, it is one of the most researched topics in

academia, owing to its variety of benefits, such as an intuitive design process, fast

transient response and simplistic implementation [173,177,187,188]. In this technique, the

goal is to achieve regulation of controlled variables along their reference trajectories

through direct manipulation of converter states. The technique, however quickly becomes

computationally intensive in case of multilevel converters and/or if the prediction horizon

is high (Np > 2) [4]. Direct MPC with hysteresis bounds utilize algorithms that include

hysteresis bounds on controlled variables, such as electromagnetic torque, stator currents

etc., in electric machines [170,189]. Various hysteresis bounds can be formulated that
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impact converter performance in terms of harmonic distortion or switching

losses [190,191]. DMPC with implicit modulators can be further divided into two

categories, i.e., MPC with variable switching time instants and MPC with programmed

PWM. The former includes algorithms that not only change the switch positions, but also

control the time instances of when the switching states are applied within the sampling

interval. The objective is to emulate the behavior of indirect MPC schemes that provide

deterministic switching losses and a constant switching frequency. This is performed by

calculating both the optimal switching states as well as the optimal duty cycle of those

states, simultaneously [192–194]. These techniques increase instances of switching, thereby

reducing the harmonic distortions in the controlled variables of interest. The latter

subgroup of DMPC includes algorithms that are integrated into programmed PWM

approaches, i.e., modulation methods that do not have a fixed modulation interval.

Programmed PWM approaches are implemented in form of Selective Harmonic

Elimination (SHE) [195], or Optimized Pulse Patterns (OPP) [164,165]. Based on given

optimization criteria, e.g., minimization of total harmonic distortion of a controlled

variable etc., the switching pattern and switching instants are calculated offline. An

advantage of these approaches is that they can achieve very low harmonic distortions at

low switching frequencies, which is particularly desirable in medium voltage applications.

On the offside, the dynamic response is slow and the methods lack the receding horizon

policy making them prone to robustness issues. In addition, the methods cannot

distinguish between the fundamental and ripple components, thus making observer design

non-trivial.

Indirect MPC algorithms employ a dedicated carrier based PWM, e.g., sinusoidal

PWM (SPWM) or space vector modulation (SVM) in the control loop [159]. This

category can be subdivided into two subgroups, depending on whether the problem is

formulated as a mixed integer quadratic programming ((M)IQP) or a (constrained or an

unconstrained) quadratic program (QP). In the former subgroup, the controller uses an

explicit MPC to solve the optimization problem. The (M)IQP problem is solved offline for

all possible states of the converter. The resulting state feedback back law is stored and

implemented in the form of LUTs [196], while branch-and-bound (BB) algorithms
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Figure 2.15: Classification of existing MPC methods for power electronic systems [19].

specifically, sphere decoding have also been used to determine solutions in real time [184].

Explicit MPC schemes show limitations when applied to applications containing high

matrix dimensions, since a large memory is required to store state feedback solution. The

second subgroup of IMPC, completely masks the switching nature of the power converter

by using averaging techniques during problem formulation. The problem can either be

cast as an unconstrained or a constrained optimization QP problem. Analytical solutions

can be found for the former, and implemented in the form of state feedback control law

either in real time or with LUTs [197,198]. The latter subgroup can be solved online using

(open source and commercial) off-the-shelf QP solvers [185,186]. Various optimization

algorithms have been employed in these solvers, namely, interior-point, active-set, gradient

based approaches as well alternating direction method of multipliers (ADMM). A review

of these solvers can be found in [199,200]. The key quantities that dictate the

performance of a solver are numerical accuracy and worst-case execution time. The latter

is dependent on the various factors such as, size of the state space matrices, number of

constraints, prediction horizon as well as the computational power of the hardware.
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2.3.6 Stability of MPC

MPC is a inherently nonlinear control technique based in time domain. Therefore,

conventional frequency domain analysis tool (e.g., Bode plot analysis etc) cannot be

employed to determine stability. Depending on the case study, the system model might

contain integer inputs (DPMC). The stability of such systems is essentially difficult to

analyze.

Several works have leveraged Lyapunov stability theory to prove the closed-loop

stability of indirect MPC [201,202]. These works follow complex mathematical derivations

to include a Lyapunov function within the cost function definition. The derivations have

been proven for indirect MPC schemes with CB-PWM, either formulated as QP [203] or

(M)IQP problems [204,205]. Assuming that the power electronic converter can be

modeled as a linear system with integer inputs, closed-loop stability can also be shown for

DMPC techniques as well [206,207]. Utilizing these works, [208] proved that the cost

function definitions using l1-norm are subject to potential instability, past a certain range

of control effort (λu) penalization. Under no penalization (λu = 0), the instability issues

can be avoided. In [209], the authors used statistical model checking tools, to verify the

behavior of DMPC techniques for various power electronic applications. The method,

however interesting and lacks necessary mathematical proof. As of today, stability of MPC

is still an open research topic with a growing interest among the academic community.

2.3.7 Robustness of MPC

In MPC, estimation of state vector for optimization is based on utilizing the

discrete-time state space model defined in (2.8). Any discrepancies or mismatches in plant

parameters, due to, e.g., temperature variations, component ageing etc., can lead to

inaccurate predictions and thus deterioration of control performance [175]. Although, it

has been shown that the receding horizon control policy makes MPC robust to changes in

parameter mismatches by as much as ±50% [210]. Several researchers have tackled this

issue by adding an explicit integrator action either to the cost function [187], or to the

state vector [211]. In a different direction but with the same objective, researchers have
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appended MPC algorithms with integral feedback observers, Luenberger observers,

(extended) Kalman filters to provide an integrating action to the outer loop [211–213].

Recently, the concept of model-free predictive control has been garnering attention from

researchers as well. This concept borrows tools from system identification theory in which

the system to be controlled is treated as a black box [214,215]. These approaches solely

rely on the measurements of the input and output signals (e.g., applied converter voltages,

current feedback, respectively) which are used in computationally demanding data fitting

algorithms to estimate the system states. Despite their high computation burden, these

approaches are attractive in applications where plant parameters tend to vary alot, e.g.,

control of plug-n-play highly anisotropic synchronous machines [215].

2.3.8 Advantages and Disadvantages of MPC over Linear Control

• Advantages:

1. In MIMO applications, the main control challenge is split into multiple ideally

decoupled SISO control problems. Linear PI controllers can then be designed for

each of the control loops based on the electrical time constants. In practice, these

loops interact with each other particularly during transient or fault conditions,

complicating the design and commissioning process. Unlike linear PI controllers,

MPC is a multi-variable control tool designed to handle MIMO systems with ease.

This is particularly suited for control of complex applications such as, VSI with

output LC filter or grid-tied converters with LCL filters. If operating with linear

controllers, these applications require additional control loops (active damping or

antiwindup) for stable operation. In comparison, no such loops are required in MPC

which considerably simplifies the design process.

2. Unlike linear controllers that are formulated in frequency domain, MPC is

formulated in time domain. This allows MPC to address nonlinear systems and

particularly switched nonlinear systems in a systematic way. The nonlinear behavior

can be easily incorporated into the MPC framework by using an internal dynamic

model.



54

3. Averaging is not required as implicit modulators can be created with the DMPC,

thus integrating the controller and the modulator into a single stage. This simplifies

the design process.

4. A vast body of work is available on MPC, since it has been widely applied in process

industry since the 1970s.

5. The use of a cost function allows to meet several conflicting control objectives,

simultaneously. These objectives can be prioritized according to user demands via

weighing factors. This is akin to incorporating multiple control modes with just a

single controller.

• Disadvantages:

1. MPC was originally formulated for process industry in which the sampling times are

high, thus giving a plethora of time to solve the optimization problem. In power

electronic and automotive applications, the sampling times are very short which

poses a significant challenge in terms of implementation of the controller.

2. MPC algorithms that compute the state feedback control law offline are

implemented online using LUTs. This technique is valid for trivial control problems

with low dimensionality but the parameter space quickly becomes overwhelming in

case of complex control problems in which the parameter space is high.

3. Solvers with fast computation time and convergence rates are necessary for shorter

sampling times inherent to the control of power electronic applications. As of today,

this area is still being actively researched.

2.3.9 Case Study: Performance Comparison of DMPC Against Linear Control

This section reviews a case study to reveal the efficacy of a model predictive

controller, specifically the DMPC with reference tracking (FCSMPC) against a linear PI

controller, with control performed in dq-frame [20,216]. The study involves a 2L-VSC

feeding a known RL load. The block diagram for both control schemes are shown in Fig.
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(a) (b)

Figure 2.16: Comparison of linear PI controller against DMPC [20]: (a) Block diagram of
synchronous PI controller with SVM. (b) Block diagram of DMPC operating in synchronous
reference frame.

2.16. The gains of the PI controller are tuned according the magnitude optimum criteria.

The DMPC cost function is implemented using an l1-norm with no switching frequency

limitation, i.e., λu = 0 (See J2 in Table 2.9). For a fair comparison, the sampling time of

the DMPC is selected to achieve an average switching frequency (̄fsw) close to switching

frequency of SVM modulator. To assess the performance of the controllers, we use the

index of weighted THD (WTHD), steady-state error (SSE) and the average switching

frequency. The definition of these indexes can be found in [20]. Fig. 2.17 exhibits the

simulation results by mapping the performance indexes against normalized reference

current for both the controllers. It can be seen that at low current references, the WTHD

of DMPC is almost ten times higher than the that of the linear controller. For current

references above 0.25 p.u., the WTHD is very close to that of the PI controller. The SSE

follows a similar pattern as the WTHD. For high current references, the SSE is almost

identical to that of the linear controller. Since DMPC is a variable switching frequency

scheme, the f̄sw changes with the current references. The poor performance of the DMPC

is a result of the very low f̄sw at low current references. For current references i∗ > 0.25

p.u., the steady-state performance of DMPC is similar to that of the linear controller,

however the f̄sw is noticeably reduced. This translates to reduced switching losses of the

power converter, and thus increased efficiency of the system.

To evaluate the transient response behavior of the controllers, a step change in

current reference is applied from i∗ = 0.1 → 0.85 p.u. at time t = 0.6s, the results for

which are shown in Fig. 2.18. For the DMPC, the distortion of the current waveform at
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Table 2.10: Transient performances of the controllers.

Parameters PI with SVM DMPC

Rise time (ms) 1.44 1.18
Settling time (ms) 2.18 1.47
Overshoot (%) - -

low current references is also visible. At high current references, the performance is similar

to that of the linear controller. The dynamic response of DMPC is faster than the linear

controller. The rise time and settling time for both the controller are listed in Table 2.10.

Compared to the linear controller, DMPC also shows superior decoupling capability

between the d and q-axis as well. Finally, Fig. 2.19 compares the transient current

waveforms in abc-frame during application of the step change in the reference. Linear PI

controller shows a sluggish response owing to the high deadtime requirements. These

results verify the superiority of the direct model predictive current controller over linear

PI controller with SVM in both steady-state and transient scenarios.
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(a)

(b)

(c)

Figure 2.17: Simulation results [20]: (a) Weighted THD. (b) Steady-state error. (c) Average
switching frequency.

2.3.10 Summary

1. This section provides an introduction on conventional control techniques applied in

industrial drives and power electronic converters.

2. Model predictive control is an effective non-linear control strategy that exploits the

discrete nature of power converters for regulation of controlled variables. After a

history of MPC in the field of power electronics, mathematical background is

provided to formulate a quadratic programming problem via a cost function.
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(a) (b)

Figure 2.18: Simulation results of transient response in dq frame: (a) d-axis. (b) q-axis.

Figure 2.19: Simulation results under transient response in abc-frame.

3. Various cost function definitions as well as different types of MPC applied in power

electronics are reviewed.

4. Stability and robustness of MPC are difficult to determine owing to the nonlinear

nature of the controller. This section reviews the research history on the

aforementioned qualitative measures of the controller.

5. Advantages and disadvantages of MPC against linear controllers are presented.

6. Finally, a case study is performed that shows the efficacy of DMPC against linear PI

control technique.
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CHAPTER 3
DESIGN OF 1MW, 1MHZ ULTRA-FAST EV CHARGER

3.1 Introduction

This chapter of the dissertation is based on the work that is published in IEEE

Transactions on Industrial Applications [21] by the author.

3.1.1 Topology of the Proposed Converter

The target metrics for the grid-connected converter are listed in Table 3.1. A

figure of the proposed paralleled-modular thirteen-level (13L) ANPC converter is shown in

Fig. 3.1. As shown in the figure, the proposed converter consist of nine three-level (3L)

ANPC cells with three 3L-ANPC per phase connected in parallel. All the nine cells are

identical in terms of structure and device utilization, leading to increased modularity of

the complete system. The inductors Lf are called leg inductors, whereas, Lg and Rg

denotes the grid-side inductor inductance and resistance, respectively. The measured

variables required for control are the grid-side line-line AC voltages vg,abc and the

converter-side currents ic,abc. Owing to the high voltage, current and switching frequency

requirements, all the utilized power devices in a 3L-ANPC cell are SiC

metal-oxide-semiconductor field-effect transistors (MOSFETs). This particular

semiconductor technology allows to minimize the total loss (conduction loss + switching

loss) in the proposed converter compared to other switch technologies available in the

same ratings. In addition, a novel modulation method is presented that also aims to

minimize the total loss over a fundamental time period (To = 1/fo).

As shown in Fig. 3.1, each phase of the proposed converter consist of a total of six

power devices commutating at a high-frequency of 333 kHz (highlighted with a red box),

while the remaining 12 power devices commutate at a grid frequency fg of 60 Hz

(highlighted with a green box) to achieve a 1 MHz switching frequency spectrum on the

AC-side. Each 3L-ANPC cell generates a 3L output voltage, i.e., VDC/2, 0, -VDC/2, each

phase of the converter produces a seven-level (7L) voltage, thus, the output line-line
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Table 3.1: Target converter specifications.

Parameter Value Parameters Value

Input AC grid line voltage (VLL) 480 Vrms Output DC voltage (VDC) 1 kV

Input AC grid frequency (fg) 60 Hz Output DC current (IDC) 1 kA

Input AC grid line current (IL) 1200 Arms Switching frequency (fsw) 1 MHz

Nominal power (Pin) 1 MW Target efficiency (η) ≥ 98%

Power factor (cosφ) 1 Power density ≥ 450 W/in3

Specific power density ≥ 11 kW/kg

voltage on the AC side has 13-levels. The main advantages of the proposed converter

topology are summarized as follow:

1. The HF power devices commutate only at 333 kHz to produce a switching frequency

spectrum equal to 1 MHz on the AC side. Therefore, the switching loss is

considerably decrease leading to increased efficiency of the system.

2. In each phase, only six power devices commutate at HF while the remaining devices

12 power devices commutate at low (grid) frequency. Therefore, the efficiency of the

converter is high.

3. The proposed converter generates a 7 level output voltage per phase and 13 level

line-line voltage. Therefore, the size of the input inductor (being indirectly

proportional to the number of voltage levels) is notably reduced leading to a more

compact and power dense design.

4. Owing to the use of ANPC technology, the operating voltages of the power devices

are only VDC/2. Hence, dv/dt of the power devices is significantly reduced. Thus,

the emitted EMI of the converter along with the required EMI filter values are also

decreased.

5. The proposed converter is composed of nine identical 3L-ANPC cells. In case a cell

is damaged, it can be swapped with an identical healthy cell to maintain operation.

This translates to a high modularity of the system.
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6. The load current is evenly distributed among all nine 3L-ANPC cells. Therefore, the

conduction losses are also evenly distributed among the cells.
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Figure 3.1: Proposed three-phase 13-level paralleled modular ANPC multilevel converter
for 1 MHz, 1MW EV charger [21]. Voltage sensed variables are indicated with blue lines
while the current sensed variables are indicated with orange lines.
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3.1.2 Phase-Shifted Pulse Width Modulation Scheme of the Proposed Con-
verter

The switching states of the 3L-ANPC cell are shown in Table 3.2, where x

indicates the index of each leg (x ∈ {L1, L2, L3}) in Fig. 3.1. Fig. 3.2 is provided as a

visual aid to evaluate the converter states shown in Table 3.2. As shown in the Table, the

following switches operate in complementary manner: S2-x = S̄1-x, S4-x = S̄3-x and S6-x =

S̄5-x with the overhead bar indicating the complementary operation. With respect to the

switching states, two main switching patterns have been presented for a 3L-ANPC

converter in the literature:

Pattern 1:

In this pattern, switches S1-x, S2-x, S5-x and S6-x switches operate at the switching

frequency, and S3-x and S4-x switches commutate at the grid-frequency [217–222]. The

pictorial description of this switching pattern is shown in Fig. 3.3a.

Pattern 2:

In this modulation scheme, only S3-x and S4-x operate at the switching frequency

while the switches S1-x, S2-x, S5-x and S6-x switches operate at the grid

frequency [223–225]. The pictorial description of this switching pattern is shown in Fig.

3.3b.

In comparison, pattern 1 has a shorter commutation loop compared to pattern 2,

translating to reduced overvoltages on power switches during switch commutation.

However, in pattern 1 four power switches operating at high switching frequency increases

the switching losses in the converter compared to pattern 2 in which only 2 power devices

operate at a higher switching frequency while the remaining commutate at fundamental

frequency. Therefore, in order to minimize the total losses in the converter pattern 2 is

further investigated in the study. In addition, employing the second switching pattern

allows a decoupled two-stage HF and LF modulation scheme in the 3L-ANPC converter in

which Si insulated gate bipolar transistor (IGBTs) can be employed for the DC-link side,

SiC MOSFETs for the grid-side HF switches. Currently, SiC MOSFETs modules in the

same voltage/current operation ranges as the IGBT modules are available with lower
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Rds,on and self-stray inductances which led to the use of SiC half-bridge modules for all

switch positions. This in turn added the additional benefit of increased modularity.
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Table 3.2: Switching states of the 3L-ANPC cell.

State Sx S1-x S2-x S3-x S4-x S5-x S6-x VPh-NP

1 +1 1 0 1 0 1 0 VDC/2

2 0 (U1) 0 1 1 0 0 1 0

3 0 (L1) 1 0 0 1 1 0 0

4 -1 0 1 0 1 0 1 -VDC/2

(a) State 1: Sx = 1. (b) State 2: Sx = 0 (U1).

(c) State 3: Sx = 0 (L1). (d) State 4: Sx = -1.

Figure 3.2: Four states of the 3L-ANPC cell. Power devices in ”ON” position are indicated
in red.
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(a) Switching pattern 1. (b) Switching pattern 2.

Figure 3.3: Switching patterns of a 3L-ANPC converter cell.

Figure 3.4: Switching pattern of each 3L-ANPC cell.

The proposed switching pattern is presented in Fig. 3.4. As shown in Fig. 3.4, the

LF switching signals to the MOSFETs (S1-x, S2-x) and (S5-x, S6-x) are generated by the
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zero-crossing detector as:

ZC =







1, Vref ≥ 0

0, Vref < 0

(3.1)

S1-x = S̄2-x = ZC (3.2)

S5-x = S̄6-x = ZC (3.3)

It can be seen that zero-crossing detector enables the switch combinations (S1-x, S2-x) and

(S5-x, S6-x) to operate at fundamental grid frequency fg = 60 Hz.

To generate the high frequency switching signals (S3-x, S4-x), the modified

reference signal presented below is utilized as,

Vref-mod =







Vref, Vref ≥ 0

1 + Vref, Vref < 0

(3.4)

As shown in Fig. 3.4, the modified reference signal defined in (3.4) intersects with HF

carrier signal (fsw = 333 kHz) to generate the switching signals S3-x = S̄4-x. The HF

switching function for each 3L-ANPC leg is defined as,

sLeg x =







1, if Vcarr,1 ≥ Vref,mod

0, if Vcarr,1 < Vref,mod

(3.5)

Once the switching pattern for a single 3L-ANPC cell has been established, the

switching pulses to the remaining two 3L-ANPC legs in a single phase of the proposed

converter is obtained by phase-shifting the HF carrier waveform by Ts/3 seconds or 2π/3

radians for leg 2 and 2Ts/3 or 4π/3 radians for leg 3. The strategy of phase-shifting the

carrier waveform is known as phase-shifted pulse width modulation (PSPWM) scheme and

has typically been employed for control of multilevel converters, such as the

flying-capacitor multilevel converter (FCMC) as it provides inherent balancing of the

flying capacitors [78–81]. The proposed switching pattern for a single-phase of the

proposed converter is shown in Fig. 3.5. The figure shows the modified reference voltage
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Figure 3.5: Switching pattern for a single-phase of the proposed converter.

Figure 3.6: Phase-shift in carrier waveforms for modulation three 3L-ANPC legs in a single-
phase of the proposed converter.

waveforms along with phase-shifted carriers of the three ANPC legs. As it can be seen in

the figure, the output phase voltage waveform is seven levels which is important outcome

of the proposed technique. A more detailed figure exhibiting the phase-shift within the

carriers is shown in Fig. 3.6.
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3.1.3 Closed-Form Expressions of the Switching Functions

The closed-form expressions for the switching functions of the three 3L-ANPC legs

using the proposed modulation scheme are presented in this section. Based on the 2-D

fourier series analysis performed in [159,226,227] for multilevel converters, the HF

switching functions for the legs are given as,

sLeg 1 =
1

2
A00

︸ ︷︷ ︸

DC offset

+
∞∑

n=1

{A0n cos(nωrt) +B0n sin(nωrt)}
︸ ︷︷ ︸

Fundamental & baseband harmonics

+
∞∑

m=1

{Am0 cos(mωst) +Bm0 sin(mωst)}
︸ ︷︷ ︸

Carrier harmonics

+
∞∑

m=1

±∞∑

n=±1

{Amn cos(mωst+ nωrt) +Bmn sin(mωst+ nωrt)}
︸ ︷︷ ︸

Sideband harmonics

(3.6)

sLeg 2 =
1

2
A00 +

∞∑

n=1

{A0n cos(nωrt) +B0n sin(nωrt)}

+

∞∑

m=1

{Am0 cos(mωst−
2mπ

3
) +Bm0 sin(mωst−

2mπ

3
)}

+

∞∑

m=1

±∞∑

n=±1

{Amn cos(mωst+ nωrt−
2mπ

3
)

+Bmn sin(mωst+ nωrt−
2mπ

3
)}

(3.7)

sLeg 3 =
1

2
A00 +

∞∑

n=1

{A0n cos(nωrt) +B0n sin(nωrt)}

+
∞∑

m=1

{Am0 cos(mωst−
4mπ

3
) +Bm0 sin(mωst−

4mπ

3
)}

+
∞∑

m=1

±∞∑

n=±1

{Amn cos(mωst+ nωrt−
4mπ

3
)

+Bmn sin(mωst+ nωrt−
4mπ

3
)}

(3.8)
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where ωr = 2πfg and ωs = 2πfsw are the reference and switching angular frequencies,

respectively. The Fourier coefficients in the aforementioned equations are given as,

Amn−Leg i =
1

2π2

∫ π

−π

∫ π

−π
sLeg i(x, y) cos(mx+ ny)dxdy (3.9)

Bmn−Leg i =
1

2π2

∫ π

−π

∫ π

−π
sLeg i(x, y) sin(mx+ ny)dxdy (3.10)

x = ωst+ θLeg i (3.11)

y = ωrt (3.12)

where i ∈ {1, 2, 3} and θLeg i is the phase-shift between the carrier signals of the leg i with

respect to leg 1. In (3.6)-(3.8), the first term represents the DC-offset, the second term

represents the fundamental and baseband harmonics, the third term represents the carrier

harmonics while the last term represents the sideband harmonics formed as a result of

interaction between the baseband and carrier harmonics. The total switching function of a

single-phase of the proposed converter is thus,

stotal =
1

3

3∑

i=1

sLeg i (3.13)

In addition, the difference switching signal between two legs of a single-phase is given as,

sdiff i =
1

2
{sLeg i+1 − sLeg i} (3.14)

Since the switching frequency of HF power devices is much higher than the fundamental

grid frequency, the Fourier series components of sLeg1, sLeg2 and sLeg3 can be separated

into different groups of harmonics. In (3.13), stotal represents the harmonics of a 7L

single-phase output voltage, whereas in (3.14), sdiff i denotes the current distribution

between the 3L-ANPC legs of a single-phase. In the frequency domain, the switching

functions are defined as SLeg 1(ω), SLeg 2(ω), SLeg 3(ω), Stotal(ω) and Sdiff(ω), where ω =

mωs + nωr ≥ 0.

By using the proposed modulation method, the harmonics of the switching

functions are classified into two classes. The 1st class, is related to the total switching
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function Stotal(ω) and contains the Fourier series components for m = 3k where k = 0, 1,

2 ... ∞. In this class, the difference switching signals Sdiff i(ω) are 0. Hence, in Stotal(ω)

the first and second switching harmonic clusters of the 3L-ANPC are cancelled out, and

Stotal(ω) contains the first switching harmonic cluster at 3fsw-Leg. If HF power devices in a

leg are commutated at fsw-Leg = 333 kHz, then the first switching harmonic cluster (fsw,1)

of the 7L output phase voltage will be shifted to fsw,1 = 1 MHz, thereby meeting the

desired switching frequency metric listed in Table 3.1.

The 2nd class of harmonics is related to the difference switching signal Sdiff i(ω)

and contains the Fourier series components for m = 3k + (l − 1) where k = 0, 1, 2 ... ∞

and l = 2, 3. In this class, the total switching function Stotal(ω) is 0. Therefore, this class

of harmonics contains switching harmonic clusters at fsw-Leg, 2fsw-Leg, 4fsw-Leg, 5fsw-Leg

and so on. As a result, the total switching function and the difference switching signals

are completely decoupled which can be expressed as,

|Stotal(ω)||Sdiff i(ω)| ≈ 0 (3.15)

3.1.4 Prevention of Circulating Currents among 3L-ANPC Legs

Circulating currents in interleaved converters is cause by imbalanced current

distribution among the paralleled connected legs [228–230]. Since the switching frequency

is much higher than the fundamental frequency, the average value of inductor current in

one switching period is used to analyze the causes of current imbalances between the legs.

Let I∗L represents the balanced average value of each leg current in one switching period.

Then, in the proposed converter topology, I∗L is determined as,

I∗L =
1

3

3∑

i=1

ILi (3.16)

where ILi is the average value of the ith leg current in one switching period. The average

value of the inductor current can be determined by integrating the instantaneous inductor
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current in the ith leg as,

ILi =

∫ t0+1/fsw-Leg

t0

iLi(t)dt (3.17)

where iLi(t) is the instantaneous value of the ith leg current. The duty cycle for the ith leg

is defined as,

dLi = d∗L +∆dL (3.18)

∆dL = dLi − d∗L (3.19)

where d∗L is the reference duty cycle which is equal for all the interleaved legs, dLi is the

duty cycle of the ith leg considering possible mismatch in the duty cycle calculation by the

modulator, and ∆dLi is the difference between the the duty cycle of the ith leg and the

reference duty cycle.

The average value of the ith leg voltage VLi with respect to the negative terminal

of the DC-link (VDC−) is given as,

VLi = dLiVDC (3.20)

By applying the Kirchoff Voltage Law (KVL) loop between the two interleaved legs, e.g.,

leg 1 and leg 2 we obtain,

IL1 =
1

sLf1 +Rf1

(

(VL2 − VL1) + (sLf2 +Rf2IL2)
)

(3.21)

where Rf1, Rf2 and Lf1, Lf2 are the resistances and inductances of inductors in leg 1 and 2,

respectively. Substituting (3.18) and (3.20) in (3.21) we obtain,

IL1 −
(sLf2 +Rf2)

(sLf1 +Rf1)
IL2 =

1

(sLf1 +Rf1)

(

(d∗L +∆dL2 − (d∗L +∆dL1))VDC

)

(3.22)
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With regards to the fact that mismatches in Rfi and Lfi are normally less than ≈ 5%, it

can be considered that
(sLf2 +Rf2)

(sLf1 +Rf1)
≈ 1. Hence, the aforementioned equation reduces to,

IL1 − IL2 =
1

(sLf1 +Rf1)

(

(∆dL2 −∆dL1)VDC

)

(3.23)

From (3.23), it can be inferred that the current imbalance between the two interleaved

converter legs depends on the following factors:

1. The inductance of the leg inductors Lf.

2. The series resistance of the leg inductors Rf.

3. Duty cycle deviation between the legs ∆dLi.

As shown in [228], variation in series resistance Rf by as much as 20% has a minimum

impact on current imbalance (3%). Variation in leg inductance Lf can be have a more

drastic effect then the variation in Rf. Considering a variation in Lf of 20%, can impact

current balancing by almost 17% as well. Therefore, the tolerances of the leg inductors

should be as tight as possible. However, the most severe impact on current imbalance is

caused by duty cycle deviation (∆dL2 −∆dL1). To overcome this issue, the following two

conditions should be satisfied:

1. The switching harmonic cluster and the sideband cluster should be completely

decoupled from the current ripple and current balancing frequency of the leg

inductor. As shown in (3.15), this condition is satisfied by employing the proposed

modulation method.

2. The duty cycle should be calculated and updated every 1/(3fsw-Leg). Unlike in

traditional modulation methods in which the duty cycle is updated every 1/fsw-Leg,

in the proposed modulation scheme, the duty cycle is updated three times as faster

than the switching frequency. The suggested oversampling technique for updating

the duty cycle value will ensure minimum duty cycle deviation and thus minimum

current circulation among the paralleled legs.



74

Figure 3.7: CREE SiC HT-3213 1200 V/1050 A half-bridge module (Not to scale). Legend:
1) Drain terminal; 2) Phase terminal; 3) Source terminal; 4) Gate drive inputs for high side
and low side FETs.

3.2 Power Loss Analysis

In this section, the losses of the proposed 3φ 13L paralleled modular ANPC

multilevel converter are evaluated. Characterization of losses in the semiconductor devices

is critical in predicting converter efficiency at various operating points. Typically,

manufacturers provide very minimal data pertaining to loss analysis in the device’s

datasheet to maximize market competitiveness. In practice, since the power converter

operate at a variety of different load conditions, it is important to characterize the

semi-conductor switches inhouse over a wide range of voltages, currents and temperatures

to accurately predict power converter performance over its entire operating range. The

loss analysis has been performed in MATLAB/Simulink environment. To determine the

total loss in the converter, the losses within a single half-bridge module needs to evaluated.

In the proposed converter, all power switch positions employ CREE HT-3213 1200 V/1050

A SiC half-bridge module. A figure of the half-bridge module is shown in Fig. 3.7. The

total loss within a SiC half-bridge is a summation of two individual loss components:

1. Conduction loss.

2. Switching loss.

The description of each of these losses are described in detail in the subsequent sections.
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Figure 3.8: Variation of device Rds,on in per unit against junction temperature Tj (
oC) for

CREE HT-3213 half-bridge module.

3.2.1 Conduction Losses

The conduction loss within a MOSFET is caused by the on-state resistance Rds,on

of the device. For SiC MOSFETs, the variation device Rds,on against junction

temperature of the device is fairly linear and is shown in Fig. 3.8 for the device under

consideration. The conduction loss of the MOSFET switch Pc,MOSFET(t) along with its

anti-parallel diode Pc,diode(t) is given as,

Pc,MOSFET(t) = i2DS(t)Rds,on (3.24)

Pc,diode(t) =
(

VD + iDS(t)RD

)

iDS(t) (3.25)

where iDS is the instantaneous drain-source current, VD is the forward voltage drop of the

diode, and RD is equivalent resistance of the anti-parallel diode. The conduction loss of

each power device package during a fundamental cycle fo is given as,

Pc,MOSFET =
1

To

∫ To

0
|iDS|2Rds,ondt

∣
∣
∣
∣
∣
(SW=1 AND iDS>0) OR (SW=1 AND iDS<0)

(3.26)

Pc,diode =
1

To

∫ To

0

(

VD + |iDS(t)|RD

)

|iDS(t)|dt
∣
∣
∣
∣
∣
(SW=0 AND iDS<0)

(3.27)

Pc = Pc,MOSFET + Pc,diode (3.28)

where To = 1/fo is the fundamental frequency time period, SW = 1 and SW = 0 define

the instances when the MOSFET is in ON and OFF state, respectively, and Pc is the total
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Table 3.3: Continuous loss analysis data obtained from datasheet of CREE 1200 V/1050 A
half-bridge module.

Parameter Value Test Conditions

Rds,on 1.33 mΩ VGS = 15 V, IDS = 900 A, Tj = 25oC

Rds,on 2.33 mΩ VGS = 15 V, IDS = 900 A, Tj = 175oC

VD 5 V VGS = -4 V, ISD = 900 A, Tj = 25oC

VD 4.4 V VGS = -4 V, ISD = 900 A, Tj = 175oC

conduction loss including both the conduction loss in the MOSFET and the anti-parallel

diode. The initial data required for conduction loss analysis of a single half-bridge module

is obtained from datasheet and is listed in Table 3.3.

3.2.2 Switching Losses

The switching losses of the device are a result of non-ideal properties of the

semi-conductor switch. The switching losses of a single MOSFET switch are evaluated

based on the energy losses during MOSFET turn-on and turn-off periods. In order to

determine the energy losses during MOSFET turn-on and turn-off events, the module

under consideration is characterized using double pulse test (DPT) scheme. The

schematic of the DPT setup is shown in Fig. 3.9, and the hardware prototype is shown in

Fig. 3.10. The voltage of the DPT was swept from 100 V to 1000 V in step of 100 V.

Similarly, the current was swept from 100 A to 1000 A in steps of 50 A. The gate driver

employed is CGD15HB62LP which was modified to produce VDD = +15V for gate turn-on

and VEE = -4V for gate turn-off. The PWM pulses to the hardware setup were generated

by Launchpad XL-TMS320F28379D DSP. A custom wound air-core inductor with an

inductance of LDPT = 20 µH and minimal interwinding capacitance was used a load.

In general, any delay between the measured voltage and switching current in the

DPT can lead to inaccurate measurement of the losses. Therefore, a co-axial ultra-low

inductance shunt resistor (W-2-0025-4FC) is used for current measurement and a high

bandwidth 800 MHz Tektronix TPP0850 single-ended voltage probe is used to measure

the drain-source voltage of the device under test. The experimental test were performed
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Figure 3.9: Schematic of the double pulse test setup.

at junction temperatures of Tj = 25oC and Tj = 175oC using gate resistance of RG = 0 Ω.

The results of the DPT in form of turn-on, turn-off and total energy loss under the

aforementioned range of voltages and currents are shown in Fig. 3.11. As it can be

observed, the energy of the switching losses increase with the increase in voltages, currents

and junction temperature.

The switching losses of the mth MOSFET power switch during turn-on (Eon) and

turn-off periods (Eoff) are given as,

Eon,m =

∫ ton

0
v(t)i(t)dt =

∫ ton

0

(
(Vsw,m

ton
t
)(

− I

ton
(t− ton)

)
)

dt

Eon,m =
Vsw,mIton

6
(3.29)

Eoff,m =

∫ toff

0
v(t)i(t)dt =

∫ toff

0

(
(Vsw,m

toff
t
)(

− I

toff
(t− toff)

)
)

dt

Eoff,m =
Vsw,mItoff

6
(3.30)

where ton and toff are the turn-on and turn-off time period of the powers switches. I is the

current through the power switch before switching instant, and Vsw,m is the OFF-state

blocking voltage on the power switch. The switching power loss which is equal to the sum

of all turn-on and turn-off energy losses in a fundamental cycle of the output voltage is

given as,

Pswt,MOSFET = fo

(
n∑

i=1

Eon +

n∑

i=1

Eoff

)

(3.31)

where n is the number of switching events in a one fundamental cycle of the output
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Figure 3.10: Double pulse experimental setup for evaluating switching losses of HT-3213
SiC module. Legend: 1) Gate driver; 2) DPT PCB busbar; 3) High current low induc-
tance current shunt; 4) LDPT; 5) Oscilloscope; 6) 800 MHz single-ended voltage probe; 7)
Launchpad XL-TMS320F28379D DSP.

voltage. If the reverse recovery energy in the diode is expressed as Err, the reverse

recovery losses of the anti-parallel diode can be calculated as,

Pswt,diode = fo

(
n∑

i=1

Err

)

(3.32)

The total switching loss in a power device is a summation of switching losses in the

MOSFET and the anti-parallel diode and is given as,

Pswt = Pswt,MOSFET + Pswt,diode (3.33)

With regards to (3.28) and (3.33), the total power loss of the proposed 13L paralleled

modular ANPC converter is a summation of conduction losses and switching losses of all

power devices in the current path at the same time. The total power loss can be expressed

as,

PTotal loss =
N∑

j=1

(Pc,m + Pswt,m) (3.34)
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where N is the total number of semiconductor switches in the converter. The total power

loss of the proposed paralleled modular ANPC multilevel converter operating at VDC = 1

kV, S = 1 MVA, and an effective switching frequency of 1 MHz is presented in Fig. 3.12.

Fig. 3.12a presents the power loss in one-phase of the converter and Fig. 3.12b shows the

total power loss in three-phases of the proposed multilevel converter. Based on the

presented simulation results, the total power loss of the proposed converter operating at

rated conditions is 7 kW. Therefore, the efficiency of the proposed 3φ paralleled modular

ANPC multilevel converter is,

Efficiency = η =
Total loss

Total power processed
=

7000

1000000
× 100 = 99.3% (3.35)
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Figure 3.11: 3-D energy loss maps determined via experimental testing at different junction
temperatures.
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(a) Turn-off loss at Tj = 25oC.

(b) Turn-off loss at Tj = 175oC.

Figure 3.12: Total power loss in the semiconductors of the proposed 13L paralleled modular
ANPC multilevel converter operating at VDC = 1 kV, S = 1 MVA and at an effective
switching frequency of 1 MHz. (a) Power loss of one phase of the converter; (b) Total power
loss in three phases of the converter.

3.3 Calculation of Grid-Side Inductor

Traditionally, an LCL filter is employed on the grid-side for applications above in

kW range as it provides a higher harmonic current attenuation of -60 dB/decade above

the resonance frequency. However, based on the high switching frequency spectrum of 1

MHz on the AC-side in this application, a simple inductive filter (L) is capable of meeting

the grid-codes dictated by IEEE-519 standards [231]. The design of the grid-inductor Lg is
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based on the desired output current ripple. Generally, the maximum allowable current

ripple is defined as 15% of the peak value of nominal current [232]. Therefore, the ripple

in the output current is give as,

∆IL =
(% of current ripple allowed

100

)√
2

S

VPhase
(3.36)

where S is the maximum apparent power and VPhase is the rms value of the phase output

voltage of the converter, respectively. The current ripple in the inductor is given as,

∆i =
VPWM

L
∆t (3.37)

where ∆i is the current ripple in the inductor, L is the grid-side inductor, VPWM is the

pulse voltage across the inductor and ∆t is the switching time. The latter two variables

are determined as,

∆t =
d

2fsw,1

(3.38)

VPWM =
VDC − VPhase

n− 1
(3.39)

where d is the PWM duty cycle, fsw,1 is the first switching harmonic cluster of the output

phase voltage and n is the number of voltage levels in the output phase voltage. Assuming

d =
VPhase

VDC
and substituting (3.38) and (3.39) in (3.37) we obtain,

∆i =

(VDC − VPhase

n− 1

)

L

VPhase

VDC

2fsw,1

(3.40)
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The output voltage at maximum inductor current is calculated as,

∂∆i

∂VPhase
= 0

∂

(
(VDC − VPhase

n− 1

)

L

VPhase

VDC

2fsw,1

)

∂VPhase
= 0 (3.41)

VPhase =
VDC

2
(3.42)

Substituting (3.42) in (3.40) we obtain,

(∆i)max =
VDC

8(n− 1)Lfsw,1

(3.43)

The output filter inductor is thus obtained as,

L =
VDC

8(n− 1)∆ILfsw,1

(3.44)

Assuming a ripple current of 15% on the grid-side, along with the design metrics

listed in the Table 3.1, (3.36) and (3.44) can be used to determine the grid-side inductance

as,

∆IL = 0.15
√
2

(

3
1× 106 W

9

)

277.1281 Vrms
= 255.15 A (3.45)

Lg =
1000 V

8(6)(255.15 A)(1× 106 Hz)
= 81.65 nH (3.46)

As a result of the high-switching frequency spectrum of 1 MHz on the grid-side, any

inductor with inductance Lg > 81.65 nH will be be sufficient to meet the grid codes for

the proposed converter prototype.

3.3.1 Sensitivity of Grid Side Inductance against Switching Frequency

This section evaluates the variation of grid-side inductance against first switching

harmonic cluster (fsw,1) assuming various ripple current values. The results of the
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Figure 3.13: Variation of grid inductance against first switching frequency harmonic for
various ripple current values.

parameter sweep are shown in Fig. 3.13. It can be seen that increase in the switching

frequency leads to a reduction in grid-side inductance as exhibited by (3.44). The increase

in Lg is also directly proportional to the increase in current ripple. By operating the

converter using a high switching frequency of fsw,1 = 1 MHz, the inductance of the

grid-side inductors can be reduced to the nano Henry range which significantly reduces

the size of the inductors as well. Therefore, the power density of the proposed converter

can be greatly improved.

3.4 Calculation of 3L-ANPC Leg Inductors

The inductance calculation for the leg inductor of a 3L-ANPC cell of the proposed

converter follows the same procedure mentioned in the prior section. Assuming a ripple

current of 8% with a first switching harmonic cluster of the cell voltage output at fsw,1 =

333 kHz, the inductance of the leg inductors is calculated as,

∆IL = 0.08
√
2

(1× 106 W

9

)

277.1281 Vrms
= 4.5361 A (3.47)

Lf =
1000 V

8(2)(4.5361 A)(333× 103 Hz)
= 41.37 µH (3.48)
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(a) (b)

Figure 3.14: Active neutral point clamped converter structures: (a) Five level; (b) Seven
level.

3.4.1 Sensitivity Analysis of the ANPC Converter Topologies

Higher level ANPC topologies such as the five level (5L) and seven level (7L)

ANPC converters offer reduction in the size of passive components compared to a

3L-ANPC. In addition, owing to the increase in number of levels in the converter voltage

output, the voltage THD is also reduced. Schematic diagrams of the 5L and 7L ANPC

converter are shown in Fig. 3.14a and Fig. 3.14b, respectively. These topologies can be

formulated by modification of the conventional 3L-ANPC converter by including

additional MOSFET switch pairs along with the flying capacitors. A qualitative

comparison (in terms of device count, cost, complexity, THD etc.) of the these higher level

ANPC topologies against the conventional 3L-ANPC is shown in Table. 3.4. Since the

passive component reduction in the proposed converter topology is accomplished by

modulating at a high switching frequency of 333 kHz as well as interleaving of the

converters in a phase leg, utilizing higher levels ANPC (as a basis for a unit cell) offers

little benefits in terms of improving the power density of the converter. Additionally, the

increase in active switching device count introduces PCB layout challenges, increases

cost/control complexity and reduces the reliability of the converter. Furthermore, as it

will be shown in the upcoming section 3.9, the THD of the 3L-ANPC unit cell converter
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Table 3.4: Qualitative comparison among various ANPC topologies.

ANPC No. of No. of Gate drivers Isolated Converter voltage Cost Complexity Reliability
levels active devices flying capacitors required power supplies THD

3 6 0 12 12 High Low Low High

5 8 1 16 16 Medium Medium Medium Medium

7 10 2 20 20 Low High High Low

output voltage (and thus the converter output current) is substantially low due to high

switching frequency operation. This characteristic of the proposed converter system also

makes the use of higher level ANPC topologies redundant. Therefore, a 3L-ANPC

topology was adopted as a basis for a unit cell for the proposed converter system.
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Figure 3.15: Gate driver of the optimized 3L-ANPC cell (Not to scale). Legend: 1) HS
optical fault out; 2) HS optical PWM in; 3) LS optical fault out; 4) LS optical PWM in;
5) UCC21750 gate driver [22]; 6) Desaturation protection circuitry; 7) Current buffer in
push-pull configuration; 8) Gate driver output ports; 9) Gate driver power in.

3.5 Design of High Power/High Frequency Gate-Driver

This section discusses the design of gate-driver PCB used to drive the optimized

3L-ANPC unit. A figure of the PCB is shown in Fig. 3.15 in which various onboard

components can be identified. The dimensions of the PCB are 4.34 x 2.635 x 1.26 in

(LxWxH). For increased noise immunity, optical receivers are used to bring the PWM

signals from the control board. Similarly, open-circuit and short-circuit faults local to the

half-bridge module are reported to the control board via optical transceivers. The gate

driver utilized is a single channel TI UCC21750 which provides a high common mode noise

immunity of 5.7 kVrms with internal desaturation protection and miller clamping [22].

The gate-driver outputs peak current of 10 A enough to drive the LF half-bridge modules

directly. However, for the module operating at high-frequency operation (333 kHz),

MJB44H11T4G and MJB45H11G current buffers are added at the secondary side of the

gate-driver in push-pull configuration to increase the SiC gate-drive currents [233].
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(a) LF power supply. (b) HF power supply.

Figure 3.16: Power supplies of the optimized 3L-ANPC cell: (a) Low-frequency power
supply. Legend: 1) +12 V DC input; 2) Murata MGJ6D121505WMC-R7 power supplies
[23]; 3) Power supply out. (b) High-frequency power supply. Legend: 1) +24 V DC input;
2) LM5035 half-bridge controller [24]; 3) Custom planar transformer; 4) Secondary side
rectification; 5) Power supply out.

3.6 Design of Gate Drive Power Supplies

The design of power supplies for LF and HF SiC modules are discussed here. The

dimensions of both the designed PCBs are approximately 4.34 x 2.635 x 0.47 in (LxWxH).

Detailed designs are given in the following sub-sections:

3.6.1 Low-Frequency Gate Drive Power Supply

As mentioned in the prior section, the LF SiC half-bridge modules commutate at

grid-frequency (60 Hz), therefore high isolation, low power off-the-shelf power supply

solutions with open-loop control can be used here. The solution implemented here is a 6W

MGJ6D121505WMC power supply from Murata that provides an isolation of 10.2 kV

between the primary and secondary side with three isolated voltages outputs, i.e., +15V

(VDD), -5V (VEE) and +5V (house keeping circuitry) [23]. Linear regulators are added

on the secondary side to tightly regulate the voltages at the corresponding values. A

figure of the designed low-frequency power supply PCB is shown in Fig. 3.16a.
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3.6.2 High-Frequency Gate Drive Power Supply

Since the HF module operates at 333 kHz, low power off-the-shelf power supply

solutions cannot be employed to supply the meet the high power requirements for

continuous operation of the SiC half-bridge converter. Therefore, a 40W custom PCB is

designed to supply the HF gate driver. The solution employs a half-bridge converter being

regulated by TI LM5035 half-bridge switching regulator that converts the +24V DC input

into bipolar square-wave high-frequency signal at 200 kHz to be applied to a planar

transformer. The planar transformer is designed in-house and provides a high galvanic

isolation with low magnetizing inductance of Lm < 50 µH. The open-loop isolated

multi-outputs of the planar transformer are fed into a diode bridge rectifiers and then LC

filters to remove HF switching harmonics. The outputs on the isolated side varies between

+18 to +15V for VDD and -6 to -3V for VEE depending of the switching frequency (0-333

kHz) of the HF SiC module. An additional +5V secondary output is tightly regulated by

a linear regulator for house-keeping circuitry. A figure of the designed low-frequency

power supply PCB is shown in Fig. 3.16b.

3.7 Optimal 3L-ANPC PCB Busbar Design

The designed 3L-ANPC cell of the proposed 1 MHz, 1 MW paralleled modular

ANPC converter is shown in Fig. 3.17 in which various onboard components including the

connection shanks, decoupling capacitors, LF and HF SiC modules can be identified. The

LF and HF gate-drive PCBs along with the associated power supplies sit on top of the

designed cell thus forming a vertical stack. The dimensions of the PCB busbar including

the onboard decoupling capacitors are 10.8 x 10.8 x 1.22 in (LxWxH) leading to a power

density of 0.8784 kW/in3. Incorporation of gate drive PCBs and the power supplies PCB

increases the height to 2.15 in providing a final power density of 0.498 kW/in3. In the

subsequent sections, the design of the unit cell will be discussed in detail.
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Figure 3.17: Optimized cell of the 1 MHz, 1MW-paralleled modular ANPC converter (Not
to scale). Legend: 1) VDC+ terminals; 2) GND terminals; 3) Neutral point terminals;
4) PHASE terminals; 5) Decoupling film capacitors [25]; 6) Low frequency HT-3213 SiC
modules; 7) HF HT-3213 SiC module; 8) Half-bridge input gate signals.

3.7.1 Optimal Layer Stack

The PCB busbar consist of 8 layers with 6 oz copper per layer. The PCB substrate

material is high temperature FR4 with a maximum temperature rating of 180oC. A

primary design objective that dictates the placement of nets within the PCB layer stack is

the power loop inductance. The loop inductance directly effects the voltage overshoots on

active switches during the commutation process via VDS = LloopdiDS/dt, where VDS is the

instantaneous drain-source voltage across the switch, Lloop is the power loop inductance

and iDS is the drain-source current. To minimize the power loop inductance it is necessary

to identify the commutation loops that are formed as a result of the modulation process.

The equivalent circuit and the corresponding commutation loops of one 3L-ANPC

leg of the proposed paralleled modular ANPC converter is shown in Fig. 3.18. For
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(a) (b)

Figure 3.18: Current commutation loops of the 3L-ANPC cell. (a) Current commutation
loop as a result of commutation between the HF switches during the positive and negative
half cycles. (b) Current commutation loop as a result of commutation between the LF
switches during the zero-crossing event of the fundamental waveform.

simplicity, the VDC+ and GND nodes are indicated with P and N, respectively where Ph

indicates the PHASE output. The LF active switches are shown in green color, while the

HF active switches are shown in red. Fig. 3.18 presents three main commutation loops

including the self-parasitic inductances that are formed as a results of the modulation

scheme. Fig. 3.18a shows the current commutation loop that are formed as a result of

commutation between HF active switches S3 and S4 during the positive and negative

half-cycles, namely, loop 1 and loop 2. Fig. 3.18b shows the LF commutation loop (loop

3) that is formed during the zero-crossing event of the fundamental waveform.

Minimization of loop inductance in loop 1 and 2 is more critical than loop 3, because the

larger loop inductance of loop 3 is encountered only during the zero-crossing of the

fundamental current waveform in which iDS ≈ 0, leading to VDS = LloopdiDS/dt ≈ 0. The

commutation loops of the converter includes the following components: Switching devices,

DC-link capacitors, and interconnecting busbar components. Loop 1 and 2 contains 4

active switches, a DC-link capacitor and 4 busbar component. Loop 3 consist of 4 active

switches, 2 DC-link capacitors, and 3 busbar components. Since loop 1 and loop 2 are
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identical, parasitic extraction for these loops will yield identical results. Therefore,

extraction will be conducted for loop 1 and 3 in the subsequent section.

The total loop inductance of each commutation loop is evaluated using theory of

partial inductances. According to the theory, each component of the loop can be

characterized by a self-partial inductance (SPI) and a mutal partial inductance (MPI).

The SPI of each busbar components is shown in Fig. 3.18, e.g., the SPI of current carrying

net from node P to drain of switch S1 is denoted by LP while the SPI of active switches is

denoted by LSS, respectively. Fig. 3.18 also exhibits the MPI between positive busbar P

and neutral point busbar NP under the designation MP-NP. Similarly, MNP-N denotes the

MPI between neutral point busbar NP and negative busbar N. Futhermore, MPI between

the switches and the capacitors with the remaining components exist, but are not shown

since the switches and capacitors are not modeled in this study for simplicity sake.

The loop inductance of each loop is a sum of the component’s SPI and MPIs

between the rest of the components. The MPI has an additive or subtractive impact of

the total loop inductance based on the direction of current flow between the modeled

components. If the current flow between the components in the loop is in the same

direction, their MPI is a positive value. Alternatively, the current flow is in the opposite

direction the MPI is a negative value and thus a subtractive effect on the total loop

inductance. A low loop inductance Lloop is obtained by minimizing the SPI of individual

components and maximizing the subtractive MPI between the components. The SPI of

particular components, i.e., SiC half-bridge modules and decoupling film capacitors largely

depends on the geometry and is hence fixed. The SPI of the bubar components (LP, LM1,

LM2, LNP, LN) can be manipulated and hence can be minimized through an optimized

design. A compact integration of components results in shorter paths for HF currents.

Another straightforward solution to maximize the subtractive MPI is through interleaving

of the busbar layers. The chosen optimal layer stack is shown in Fig. 3.19. This

configuration maximizes the negative MPI between busbar components in loops 1 and 2.

The current flowing in positive busbar component (VDC+) in layer 1 is returned to the

source in the opposite direction via layer 2 containing the neutral point net. A similar

case can be formulated for loop 2 in which the current flow from the neutral point net in
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Figure 3.19: Layer stack of the optimized 3L-ANPC cell.

layer 2 returns to the source via layer 3 (GND) in the opposite direction [234–236]. The

resulting copper layers of the optimized 3L-ANPC converter PCB busbar with nets layed

out according to Fig. 3.19 are shown in Fig. 3.20.
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(a) Layer 1. (b) Layer 2.

(c) Layer 3. (d) Layer 4.

(e) Layer 5. (f) Layer 6.

(g) Layer 7. (h) Layer 8.

Figure 3.20: Copper layers of the optimized 3L-ANPC cell.
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3.7.2 Stray Inductance Evaluation

The parasitic inductance extraction of the busbar components is achieved using

ANSYS Q3D FEM analysis software [237]. ANSYS Q3D performs two-dimensional (2-D)

and three-dimensional (3-D) quasi static electromagnetic field simulations to extract the

partial inductance and resistance of the busbar. The simulation is set up through proper

connections of current sources (1 A) and sinks on multiple nets to mirror the flow of

currents according to the commutation loops.

As mentioned in the prior subsection, loops 1 and 2 share identical components

during switch commutation. The simulations results show that the loop inductances of

loop 1 and 2 are similar, and therefore, the calculation procedure of one can be applied to

the other. The overall stray inductance of commutation loops 1, 2 and 3 are expressed:

LLoop,1 = LLoop,2 = LBB,1 + LC + 4LSS (3.49)

LLoop,3 = LBB,3 + 2LC + 4LSS (3.50)

where LBB,1 and LBB,3 are the overall stray inductances, including all SPI and MPI of the

busbar, excluding the effects of SiC active switches and HF DC-link capacitors. The

values of LBB,1 and LBB,3 are obtained directly from ANSYS Q3D software. The AC

inductance estimation in ANSYS Q3D is performed at a particular frequency known as

evaluation frequency feval which is determined by the fall time tf of the CREE 1200

V/1050 A SiC half-bridge module. For the module under consideration, feval is 8.6 MHz.

The stray inductance of the half-bridge module and the DC-link capacitors is obtained

from datasheet and is reported in Table 3.5. As shown in Fig. 3.18a, loop 1 consists of

four busbar components (N = 4): Positive busbar P, two middle busbars (M1 and M2),

and the neutral point busbar NP. Moreover, as shown in Fig. 3.18b, commutation loop 3

consist of three busbar components (N = 3): Positive busbar P, negative busbar N, and

the neutral point busbar NP. The SPI of busbar components is listed as the diagonal

entries Li,i, while the MPI are listed as off-diagonal entries Li,j in Table 3.6 and Table 3.7,

respectively where i and j are the row and column indexes of the tables. The net

inductance of each individual busbar component representing the contribution of that
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Table 3.5: SPI of the utilized components in one cell of the optimized 3L-ANPC converter
PCB busbar.

Component Variable Value (nH)

CREE 1200 V/1050 A half-bridge module LSS 3.75

DC-link capacitors (Ten in parallel) LC 1.5

component to the total loop inductance is expressed as:

Lt =
N∑

j=1

±Li,j (3.51)

The total inductance LBB,x where x ∈ {1, 3} is the sum of the component net inductances

Lt and is determined as,

LBB,x =
N∑

i=1

N∑

j=1

±Li,j (3.52)

Based on the data given in inductance matrices in Table 3.6 and Table 3.7, the busbar

inductances are determined to be LBB,1 = 9.85 nH and LBB,3 = 8.77 nH. Using these

values in (3.49) and (3.50) along with SPI of the components obtained from Table 3.5, the

total loop inductances are calculated to be LLoop,1 = 26.35 nH and LLoop,3 = 26.77 nH,

respectively.
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Table 3.6: AC partial inductance matrix for loop 1.

LBB,1(nH) P M1 M2 NP

P 0.70 -0.52 0.30 -0.48

M1 -0.52 3.35 -1.86 1.93

M2 0.30 -1.86 8.89 -4.05

NP -0.48 1.93 -4.05 6.26

Table 3.7: AC partial inductance matrix for loop 3.

LBB,3(nH) P N NP

P 0.72 -0.01 -0.25

N -0.01 0.77 -0.25

NP -0.25 -0.25 8.34

3.7.3 Current Density Evaluation and Thermal Analysis of 3L-ANPC Cell

Current density evaluation and thermal analysis of the designed PCB is performed

using ANSYS SIwave and ANSYS Icepak. ANSYS SIwave is a specialized platform to

determine power integrity, current distribution, and EMI analysis of HF electric circuits

whereas ANSYS Icepak is FEM based platform that is used for thermal analysis of the

components under a variety of cooling scenarios [238,239]. The designed optimal

3L-ANPC PCB busbar is first simulated in ANSYS SIwave to determine the current

densities throughout the PCB in all possible switching states. The current densities will in

turn reveal areas in the PCB where the current is expected to crowd, e.g., as a result of

bottleneck effect and create temperature hotspots. Sources and sinks are assigned to

mirror the current flow at rated test conditions based on the possible switching states that

are attained by the converter as listed in Table 3.2. The current densities for all switching

states based on the proposed modulation scheme are shown in Fig. 3.21. The average

current density at all switching states is approximately equal at a value of 1.67 A/mm2

and has a maximum value of 21.58 A/mm2 at the input terminals and SiC power device

terminals. Once the current densities are obtained via ANSYS SIwave they can be
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(a) State 1. (b) State 2.

(c) State 3. (d) State 4.

Figure 3.21: DC current density evaluation of the optimized 3L-ANPC converter cell using
ANSYS SIwave.

exported to ANSYS Icepak to simulate the temperature rise in the PCB. The designed

busbar is simulated in ANSYS Icepak assuming natural convection with default ambient

temperature of Tamb = 25oC. The temperature distribution map obtained from Icepak

simulations are shown in Fig. 3.22. The maximum temperature rise is about 109.5oC

which is below the absolute temperature rating of the PCB substrate (180oC).

3.8 Simulation Results

This section presents the simulation results of the proposed 13L paralleled

modular ANPC multilevel converter. Simulations are conducted in PLECS environment

using the proposed modulation method presented in Section 3.1.2.
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(a) State 1. (b) State 2.

(c) State 3. (d) State 4.

Figure 3.22: Temperature distribution maps obtained from ANSYS Icepak simulations for
the optimized 3L-ANPC converter cell.

3.9 Testing of a Single 3L-ANPC Leg

The testing of a single 3L ANPC leg is carried out according to the schematic

shown in Fig. 3.23. The inductance of the leg inductor is Lf = 42 µH, fundamental

frequency is fo = 60 Hz with switching frequency of the high frequency HB set to fsw =

333 kHz. The load is adjusted to achieve an RMS power transfer of 111 kW using RL =

1.2 Ω and LL = 0 mH. The waveforms obtained from the simulations are shown in Fig.

3.24. The figure shows the 3L converter output voltage (vLeg) at the top along with the

filtered load voltage (vLoad), load current (iLoad) is shown in the middle with instantaneous

and RMS load power at the bottom. FFT analysis conducted on vLeg waveform is shown
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Figure 3.23: Schematic for 3L-ANPC cell testing of the proposed converter topology.

Figure 3.24: Simulation results obtained from testing of 3L-ANPC leg.

X 60

Y 473.586 X 333360

Y 126.289

Figure 3.25: FFT analysis of the 3L-ANPC converter output voltage.

in Fig. 3.25. The THD of the converter output voltage is 58%, while the magnitude of the

first harmonic switching cluster (fsw,1) is 26% of the fundamental output voltage.
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Figure 3.26: Schematic for single-phase testing of the proposed converter topology.

3.10 Testing of a Single-Phase of the Converter

The testing of a single-phase of the converter is carried out using the schematic

shown in Fig. 3.26. Simulation parameters of the converters are unchanged from the

previous testing conditions. The load is adjusted to achieve an RMS power transfer of 333

kW for the entire phase with each leg processing rated power of 111 kW. The waveforms

obtained from the simulations are shown in Fig. 3.27. The figure shows three leg output

voltages (Plot 1-3), 7L-phase voltage (Plot 4) along with the fundamental component of

the 7L output phase voltage, load current (Plot 5) with instantaneous power and RMS

power of the load shown at the bottom (Plot 6). FFT analysis conducted on the 7L phase

output voltage is shown in Fig. 3.28. It can be observed that using the proposed

modulation scheme, the first and second switching harmonic clusters at 333 kHz and 666

kHz are removed, and the first switching harmonic cluster is shifted to the frequency of

fsw,1 = 1 MHz. Comparing Fig. 3.28 with Fig. 3.25, we can also observer that the

magnitude of the phase-neutral point voltage’s first switching harmonic cluster (25 V) is

1/5th of the magnitude of first switching harmonic cluster of the 3L-ANPC leg output

voltage (125 V).

3.11 Testing of Three-Phases of the Converter

The testing of a complete three-phase system is carried out using the schematic

shown in Fig. 3.29. The three-phase load is adjusted to achieve a RMS power transfer of 1
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Figure 3.27: Simulation results obtained from testing of 7L single-phase of the converter.

X 1000020

Y 25.323

X 60

Y 475.004

Figure 3.28: FFT analysis of the 7L converter phase output voltage.

MW with each phase processing 333 kW. The waveforms obtained from the simulations

are shown in Fig. 3.30. The figure shows a 13L line-line load voltage along with their

fundamental voltage components at the top, load current is shown in the middle while the

instantaneous and RMS power transfer is shown at the bottom. FFT analysis conducted

on the 7L phase output voltage is shown in Fig. 3.31. Again, it can be observed that the

first and second switching harmonic clusters at 333 kHz and 666 kHz are removed, and the

first switching harmonic cluster is shifted to the frequency of fsw,1 = 1 MHz. The

magnitude of the first switching harmonic cluster remains unchanged compared to the Fig.

3.28.
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Figure 3.29: Schematic for three-phase testing of the proposed converter topology.

Figure 3.30: Simulation results obtained from testing of 13L three-phase of the converter.

X 60

Y 822.729

X 999780

Y 25.8895

Figure 3.31: FFT analysis of the 13L converter line-line output voltage.
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Figure 3.32: Downscale single-phase 7L ANPC converter test setup (Not to scale). Legend:
1) 3L-ANPC converter cell; 2) 7L single-phase of the proposed converter; 3) Leg inductor
from Würth Elektronik with inductance of Lf = 42 µH; 4) DC-electrolytic capacitor PCB.

3.12 Experimental Results

This sections evaluates the performance of the proposed multilevel converter

through experimental testing. The testing is performed in three phases: In the 1st phase,

the feasibility and viability of the proposed converter and the modulation scheme is tested

via a 50 kW downscale ANPC setup. In the 2nd phase, a single optimized cell of the

proposed ANPC converter is tested at rated conditions. In the final 3rd phase,

experimental testing is performed by connecting three optimized cells in parallel to form a

single-phase of the EV charger. The details of these phases are presented in the

subsequent sections.

3.12.1 Experimental Testing of Single-Phase 7L Downscale 50 kW ANPC Con-
verter Setup

A figure of a single-phase 7L 50 kW downscale experimental setup of the proposed

paralleled modular ANPC converter is shown in Fig. 3.32. The schematic for the test is

shown in Fig. 3.26. The converter is composed of SiC based three 3L-ANPC converter

connected in parallel to form a single phase of the proposed converter. The active switches

employed are 1200 V/55 A CREE C2M0040120 SiC MOSFETs [240].

The DC-link voltage is set to VDC = 1 kV, fundamental frequency is set to fo =

60 Hz, the leg inductor is Lf = 42 µH, the switching frequency of HF SiC half-bridge is set
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Figure 3.33: Experimental results of the proposed paralleled modular ANPC multilevel
converter for first switching harmonic cluster of phase-neutral voltage at fsw,1 = 450 kHz
with VDC = 1 kV, fo = 60 Hz and P = 30 kW. Leg voltages (Ch1, Ch2, Ch3: 150 V/div),
phase voltage (Ch4: 150 V/div), leg currents (Ch5, Ch6, Ch7: 5 A/div), load current (Ch8:
10 A/div), Math1: one leg voltage FFT analysis (Vertical: 200 V/div; Horizontal: 100
kHz/div), and Math2: output voltage FFT analysis (Vertical: 50 V/div; Horizontal: 200
kHz/div).

to fsw = 150 kHz translating to the first switching frequency harmonic cluster of

phase-neutral voltage at fsw,1 = 450 kHz, while the load (RL, LL) is adjusted to achieve a

power transfer of P = 30 kW. The experimental test results under the aforementioned

operating conditions are shown in Fig. 3.33. The figure shows 3L-ANPC leg voltages

(Ch1, Ch2, Ch3), 7L phase-neutral voltage (Ch4), 3L-ANPC leg currents (Ch5, Ch6,

Ch7), load current (Ch8), 3L-ANPC leg voltage FFT analysis (Math1), and 7L

phase-neutral voltage (output voltage) FFT analysis (Math2).

As shown in Fig. 3.33, since the switching frequency of the HF leg voltages is set

to 150 kHz, the first switching frequency harmonic cluster can be observed at fsw,1 = 150

kHz and has a magnitude of 200 V as shown in the FFT analysis of the leg voltage

waveform (Math1). Consequently, the first switching harmonic cluster of the

phase-neutral voltage can be observed at fsw,1 = 450 kHz (Math2) with a magnitude of 35

V. Moreover, the output voltage has seven levels and the magnitude of phase-neutral fsw,1

is decreased by the factor of six compared to the fsw,1 of leg voltages. As a result of

reduction in magnitude of phase-neutral voltage fsw,1 using the proposed modulation
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Figure 3.34: Experimental results of the proposed paralleled modular ANPC multilevel
converter for first switching harmonic cluster of phase-neutral voltage at fsw,1 = 1 MHz
with VDC = 1 kV, fo = 60 Hz and P = 30 kW. Leg voltages (Ch1, Ch2, Ch3: 150 V/div),
phase voltage (Ch4: 150 V/div), leg currents (Ch5, Ch6, Ch7: 5 A/div), load current (Ch8:
10 A/div), Math1: one leg voltage FFT analysis (Vertical: 200 V/div; Horizontal: 100
kHz/div), and Math2: output voltage FFT analysis (Vertical: 50 V/div; Horizontal: 500
kHz/div).

scheme, the emitted EMI is considerably decreased in the proposed converter topology. In

addition, as shown in Ch5, Ch6 and Ch7 in Fig. 3.33, the 3L-ANPC leg currents are equal

proving that the load current in Ch8 is distributed evenly among the three 3L-ANPC legs.

In the next test, the switching frequency of SiC HF half-bridge modules in the

three 3L-ANPC legs is modified to fsw = 333 kHz while the remaining operating

conditions are unchanged from the previous test. The results for this experimental test are

shown in Fig. 3.34. The first switching harmonic cluster for the 3L-ANPC leg voltages is

now shifted to fsw,1 = 333 kHz as shown in Math1 and has a magnitude of 200 V.

Consequently, the first switching harmonic cluster for the 7L output phase-neutral voltage

is shifted to fsw,1 = 1 MHz as shown in Math2 and has a value of 35 V. The results

confirm that magnitude of the phase-neutral output voltage is decreased by factor of 6

leading to reduction in the emitted EMI by the converter. The THD of the 3L leg voltages

is 54.74%, and the magnitude of the first switching harmonic cluster is 40% of the

fundamental output voltage. The THD of the seven level output voltage is 19.32%, and

the magnitude of the first switching harmonic cluster is only 7% of the fundamental
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output voltage. The results also confirm that the first and second switching harmonic

clusters are cancelled out by using the proposed modulation technique, and the first

switching harmonic cluster is shifted to 1 MHz. It can also be seen that the load current is

purely sinusoidal (Ch8) and is equally distributed among the three 3L-ANPC legs (Ch5,

Ch6, Ch7) of the single-phase system. By comparing the results in Fig. 3.33 and Fig.

3.34, it can be seen that only the current ripples of the legs vary by changing the

switching frequency. In Fig. 3.34, the current ripple is noticeably reduced by increasing

the switching frequency to 333 kHz. As a result, it is possible to reduce the leg inductors

and the grid-side filter inductors even more to improve the power density.
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Figure 3.35: Optimized 125 kW 3L-ANPC leg of the proposed converter. Legend: 1) 8-layer
6 oz optimized PCB; 2) High voltage decoupling capacitors; 3) Optical gate-driver; 4) Low
frequency gate-drive power supply; 5) High frequency gate-drive power supply; 6) Heatsink;
7) PHASE terminals.

3.12.2 Experimental Testing of a Fullscale Optimized 3L-ANPC Converter
Cell

A figure of the optimized 3L-ANPC converter cell along with the associated

gate-drivers and power supplies is shown in Fig. 3.35. The HT-3213 half-bridge SiC

modules are mounted on the heatink and connected to the PCB busbar through mounting

screws. The test schematic is shown in Fig. 3.23.

The DC-link voltage is set to VDC = 1 kV, the fundamental frequency is fo = 600

Hz, the switching frequency is fsw = 170 kHz, the inductance of the leg inductor is Lf = 7

µH while the load (RL, LL) is adjusted to achieve a power transfer of P = 125 kW. The

experimental test results under these conditions are shown in Fig. 3.36. The figure shows
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the DC-bus voltage (Ch1), load voltage (Ch2), load current (Ch4), and the instantaneous

load power (Math1). Owing to the high current output and open-loop control of the

converter, the neutral-point voltage fluctuates which is reflected in the phase output

voltage waveform in Fig. 3.36. However, the phase current output is sinusoidal with a rms

value of 307 Arms. The power processed during a fundamental cycle is 125 kW which is

12 % higher than the rated power of the optimized 3L-ANPC converter cell. To evaluate

the maximum voltage overshoot on the power devices, Fig. 3.37 shows a zoomed in view

of the aforementioned waveforms during peak value of load current. As it can be seen, the

maximum voltage overshoot on the HF switch S3 is 30 V above the rated value which

corresponds to only 7% overshoot at a device voltage of 500 V. The low overshoot during

high-current conditions verify the performance and efficacy of the optimal PCB busbar

design and optimized layer-stack presented in Section. 3.7 in which the goal was to

achieve a minimum power loop inductance for both the high-frequency and low-frequency

loops. The FFT analysis conducted on the phase voltage output is presented in Fig. 3.38.

The figures shows the first switching frequency cluster fsw,1 at 170 kHz with a magnitude

of 93 V while the magnitude of the fundamental voltage is 441 V, respectively.
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Figure 3.36: Experimental results of the optimized 3L-ANPC leg at VDC = 1 kV, fo = 600
Hz, fsw = 170 kHz and P = 125 kW. DC-bus voltage (Ch1: 150 V/div), leg voltage (Ch2:
150 V/div), leg current (Ch4: 150 A/div), load power (Math1: 30 kW/div).

Figure 3.37: Zoomed in view of the experimental results of the optimized 3L-ANPC leg at
VDC = 1 kV, fo = 600 Hz, fsw = 170 kHz and P = 125 kW. Maximum voltage overshoot on
the HF power devices S3 is only 30V. DC-bus voltage (Ch1: 150 V/div), leg voltage (Ch2:
150 V/div), leg current (Ch4: 150 A/div), load power (Math1: 30 kW/div).
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Figure 3.38: FFT analysis of the leg voltage (Ch2) for optimized 3L-ANPC converter cell.

3.12.3 Experimental Testing of Fullscale Single-Phase 7L ANPC Converter
Setup

In this section, a single-phase of the proposed EV charger is tested by parallel

combination of three optimized 3L-ANPC cells as shown in Fig. 3.39. The schematic for

the test setup is shown in Fig. 3.26.

The DC-link voltage is set to 1 kV, the fundamental frequency is fo = 600 Hz, the

leg inductor is set to Lf = 7 µH, the switching frequency is set to the rated value of fsw =

333 kHz translating to the first switching harmonic cluster of phase-neutral voltage at

fsw,1 = 1 MHz, while the load (RL, LL) is adjusted to achieve an active power transfer of

P = 105 kW. The experimental test results are under these conditions are shown in Fig.

3.40. The figure shows the DC-bus voltage (Ch1), leg voltages (Ch2, Ch3, Ch4), leg

currents (Ch6, Ch7, Ch8), phase current (Ch5), instantaneous load power (Math2: 50

kW/div). In accordance with the results presented in Section. 3.12.1, the 3L output

voltage of each ANPC leg has a first switching harmonic cluster at fsw,1 = 333 kHz, As

confirmed in Section. 3.12.1, the phase-neutral voltage will have seven levels with first

harmonic switching cluster at frequency of fsw,1 = 1MHz. Since the air-core leg inductors

(Lf) were constructed inhouse, differences in inductances due to tolerances leads to

unequal current sharing among the converter legs [228]. This can be rectified by exporting

the inductor construction to a manufacturer which reduce the inductance variation and

ensure uniformity.
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Figure 3.39: Fullscale single-phase 7L ANPC converter test setup. Legend: 1) 3L-ANPC
converter cell 1; 2) 3L-ANPC converter cell 2; 3) 3L-ANPC converter cell 3; 4) Oscilloscope;
5) Custom air-core leg inductor with inductance of Lf = 7 µH.

Figure 3.40: Experimental results of the proposed paralleled modular ANPC multilevel
converter for first switching harmonic cluster of phase-neutral voltage at fsw,1 = 1 MHz
with VDC = 1 kV, fo = 600 Hz and P = 105 kW. DC-bus voltage (Ch1: 200 V/div),
leg voltages (Ch2, Ch3, Ch4: 200 V/div), leg currents (Ch6, Ch7, Ch8: 50 A/div), phase
current (Ch5: 100 A/div), instantaneous load power (Math2: 50 kW/div).
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Table 3.8: Comparison of target against achieved metrics.

Power Density (W/in3) Specific Power Density (kW/kg)

Target >450 >11

Achieved 945 21.03

3.13 Comparison of Metrics

This section compares the design metrics of the proposed converter against the

target metrics listed in Table 3.1. The comparison is carried out using metrics such as the

power density (W/in3) and specific power density (kW/kg), including the proposed

converters gate-driver, power-supplies, PCB busbars, leg inductors but excluding the

cooling components such as heatsink and the heat exchanger. Table 3.8 presents a

comparison between the target metrics and the achieved metrics. The table concludes that

the presented converter design not only achieves the target design metrics but surpasses

them by two folds.

3.14 Conclusion

This chapter discusses the design of a SiC based 13 level

active-neutral-point-clamped (ANPC) converter for a non-isolated 1 MW, 1 MHz

ultra-fast DC fast charger for an electric vehicle (EV) charging application. The proposed

converter topology utilizes the concept of voltage division, current division, and frequency

division to meet demanding target metrics. A novel modulation method is proposed that

allows interleaving of three 3L-ANPC converters per phase to achieve a switching

frequency spectrum of 1 MHz on the AC-side. In addition, interleaving also allows to

divide the current equally among the three converter legs to balance the thermal losses in

the system. The proposed converter topology is first verified at reduced power levels via a

single phase downscale test setup. A full scale prototype is then built keeping into account

optimization of power loop inductances through interleaving of the PCB busbar layers.

Estimated current densities as well as the temperature rise on the PCB busbar are

evaluated through ANSYS SIwave and Icepak environment. The full scale prototype was
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then verified by experimental testing at rated load conditions to evaluate performance

metric such as, the voltage overshoot during switch commutation. The approaches

presented to optimize multiple loop inductance limit the voltage overshoot on the active

switches to just 7% of the rated bus voltage. Finally, it is found that the presented

converter topology not only meets the target design metrics, but exceeds them by

two-folds.

3.15 Summary

• A topology 13L paralleled modular ANPC multilevel converter was presented for a

grid-connected 1 MW, 1 MHz switching frequency EV charger.

• A modulation method was discussed for the proposed converter that only requires

two power devices switching at a higher frequency of 333 kHz while the remaining

power devices switch at switch at fundamental grid frequency of 60 Hz, thereby

resulting in reduction of switching losses of the converter.

• The proposed modulation method is based on phase-shifting the carrier waveforms

of each 3L-ANPC legs in a single-phase of the converter. Phase shifting results in

interleaving of the legs through which 3L-ANPC leg performs current sharing.

• Causes of circulating currents in interleaved converters were discussed and solutions

to ensure equal current sharing and minimal circulating currents were presented.

• Simulation results were presented that verify that efficacy of the proposed converter

design.

• Design of a fullscale 125 kW 3L-ANPC leg PCB busbar was presented.

Minimization of power loop inductances was performed through optimal placement

of NETs and HF decoupling capacitors. The loop inductance was evaluated via

ANSYS Q3D while current density maps and temperature rise within the PCB

busbar were determined using ANSYS SIwave and ANSYS Icepak.

• The design of HF gate-driver and HF power supplies were presented.
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• The proposed converter design along with the modulation scheme were verified in

hardware through downscale testing of a single-phase of the converter.

• Experimental tests were conducted on a full-scale 3L-ANPC prototype at rated test

conditions to verify the optimized 3L-ANPC cell design. Finally, three fullscale

3L-ANPC cells were paralleled to form a single-phase of the proposed converter for

experimental evaluation. The presented converter design exceeds the target metrics

required from the converter.
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CHAPTER 4
DESIGN OF 250 KW INTEGRATED MODULAR MOTOR DRIVE

4.1 Introduction

This chapter of the dissertation is based on the work that is published in IEEE

Transportation Electrification Conference 2022 [26], and IEEE Workshop on Wide

Bandgap Power Devices & Applications 2022 [127].

4.2 Topology

The complete structure of the 250 kW 3φ GaN-based integrated modular motor

drive (IMMD) mounted directly on the stator of a surface permanent magnet (SPM)

motor is shown in Fig. 4.1a. The stator is comprised of a total of 18 coils, in which six

coils are connected in series to form a single phase. A double coil pair is driven by a GaN

full-bridge converter thus leading to a total of 18 individual drive modules in 3 phases.

Fig. 4.1b shows a zoomed in view of a single drive module comprising of 3 individual

PCBs with identical dimensions, a cooling interface and a motor segment. The PCB

stackup from outwards to inwards consist of: 1) Local communication board (Top); 2)

Decoupling capacitor PCB (Middle); 3) GaN full-bridge converter (Bottom).

The GaN FETs on the bottom PCB are oriented towards the direction of the

heatsink which forms a part of the cooling jacket, lying between the PCBs and the motor

coils. A singular cooling jacket is used to extract heat from both the motor coils and the

GaN active switches, simultaneously. The motor coils are directly connected to the GaN

PCB, thereby eliminating conduction losses which would otherwise incur in the connection

cables. The lack of connection cables also mitigates the adverse reflected wave

phenomenon which would otherwise cause large voltage spikes leading to motor winding

insulation damage [241]. The DC capacitor PCB utilizes multilayer ceramic capacitor

(MLCC) technology and is used to stabilize the input DC voltage while providing the

ripple current to the GaN PCB. The communication PCB is used to provide sensing,

control and PWMs to drive the local drive module.
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Table 4.1: Nominal system parameters at rated conditions.

Parameters Value Parameters Value

DC-link voltage (VDC) 1 kV Coil resistance (Rs) 46 mΩ

Coil current (Icoil) 268.12 Arms Coil inductance (Ls) 137 µH

Rated power (Prated) 250 kW PM flux (λpm) 60.6 mWb

Rated fundamental frequency (fo,rated) 1.25 kHz Switching frequency (fsw) 20 kHz

Power Factor (cosφ) 0.8 Target efficiency (η) ≥ 98%

Max switch junction temperature (Tj) 125oC

The complete topology of the drive system is shown in Fig. 4.2. Six individual

drive modules are connected in series and thus share an equivalent motor’s current per

phase. Motor’s back emf per phase is therefore a summation of emf produced by

individual coils in any phase. The series stacking of drive modules divides the total

DC-bus voltage to VDC/6 or equivalently the local DC-bus voltage seen by a drive module

is 166 V. Three modules in three phases share a common DC-capacitor bank as shown in

Fig. 4.2. This configuration leads to twice the fundamental frequency (2ωo) harmonic

ripple cancellation on the DC-bus which would otherwise appear in a single phase

full-bridge converter configuration. The sensed variables for control are all DC capacitor

voltages, along with phase currents. The distributed control regulates the DC capacitor

voltages of individual modules actively and maintains them at VDC/6 for stable operation.

Nominal system parameters of the drive at rated conditions are listed in Table 4.1.

Based on the symmetry and modularity of the drive system, the design of a single drive

module is studied in this thesis.
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(a)

(b)

Figure 4.1: (a) Complete view of the axially stator iron-mounted integrated modular motor
drive. (b) 1/18th drive module: 1) Communication board; 2) DC capacitor board; 3) GaN
PCB; 4) GaN heatsink; 5) Additively manufactured motor coils;
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Figure 4.2: Topology of the 250 kW IMMD system [26].
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4.3 Switch Selection Criteria based on Figure-of-merit

Selection of active switches was dictated by a qualitative figure-of-merit (FOM).

The FOM is an analytical tool used to compare devices based on their specifications. The

ultimate goal is to choose a switch with lowest possible losses. In [242], Anderson et al.

specified that a FOM can be obtained from device parameters that influence the

semiconductor conduction and switching losses in the form of device’s on-state resistance

Rds,on and output capacitance Coss. The FOM is given as,

FOM =
1

√
Rds,onCoss

(4.1)

The higher the FOM in (4.1), the better the switch is in terms of its performance. A pool

of candidate switches were considered that utilized both conventional Si and GaN

technologies. The most optimal switch was determined to be EPC2034C as it provided

the highest FOM of 0.0107 [26,243].

A thermal model of the switch obtained from the manufacturer was used to

simulate the device conduction and switching losses at rated operating conditions listed in

Table 4.1. Simulations were conducted by sweeping the number of paralleled devices per

switch position Npar required to meet coil current rating with device’s ambient thermal

resistance Rsa as an additional swept parameter. Any device with Npar-Rsa combination

that violates the efficiency (η) limit and/or junction temperature (Tj) limit listed in Table

4.1 are automatically discarded. Through simulations it was found that for 8 EPC2034C

GaN FETs per switch position (Npar = 8) of the full-bridge satisfy the desired current and

efficiency requirements for heatsink-ambient thermal resistance of Rsa < 0.2 oC.

4.4 Design of 16-Layer GaN PCB Busbar

A rendered picture of the GaN based single-phase full bridge is shown in Fig. 4.3.

The PCB comprises of two physically symmetric half-bridge converters on each side. The

board is 2.4 mm in thickness with 2 oz copper per layer. The dimensions are 2.92 x 2.26 x

0.08 in (LxWxH), leading to a peak power density of 26.13 kW/in3 with a gravimetric

power density of 3.713 kW/gm. Fig. 4.3a shows the top side view of the GaN board in
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(a) Rendering of the 16-layer GaN PCB. (Not to
scale)

(b) Zoomed in view. (Not to scale)

Figure 4.3: Rendering of the 16-layer optimized GaN PCB: a) High side GaNs are shown
in shaded red; Low side GaNs are shown in shaded green; The decoupling capacitors are
shown in shaded magenta; Current sensor is shown in green box while the associated gate
drive circuitry is shown in the yellow box; b) Zoomed in view of the power poles: The gate
drive loop is shown in blue while the power loop is shown in black.

which various components can be identified. Active GaN switches (EPC2034C) can be

seen as discrete components in blue, the gate driver circuitry utilizing the TI 200V

LMG1210 gate driver is shown in the yellow box, and a non-invasive hall effect based

current sensor (ACS37612) used for phase current measurement is enclosed in the solid

green box.
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Figure 4.4: Layer stackup of the full-bridge converter.

4.4.1 Optimal Layer Stack

The layer stackup of the 16-layer GaN based full-bridge converter is shown in Fig.

4.4. A primary design objective is to minimize the voltage overshoots during the switch

commutation process. Three main contributors that dictate the voltage overshoots are:

1. Power loop inductance

2. Gate loop inductance

3. Common source inductance

The high-frequency power loop inductance Lloop is the inductance comprising parasitic

inductance from the positive terminal of the HF decoupling capacitor, through the top

and bottom device, ground plane, and back to the decoupling capacitor. The chip-scale

package of the eGaN FETs eliminates any inductance within the package leaving the

aforementioned parameters as the main contributors. Each of the aforementioned

inductances and steps taken to minimize them will be discussed in the following

subsections.

Power Loop Inductance:

The high-frequency power loop inductance Lloop is the inductance comprising

parasitic inductance from the positive terminal of the HF decoupling capacitor, through
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Figure 4.5: High frequency current commutation loop in a half-bridge.

the top and bottom device, ground plane, and back to the decoupling capacitor. This

inductance adversely affects the switching speed as well as induces voltage overshoot

during the commutation process through VDS = LloopdiDS/dt, where iDS is instantaneous

drain-source current during the commutation process [244]. To minimize the power loop

inductance, the HF decoupling capacitors are placed close to the drain of the High Side

(HS) FET. The Low Side (LS) FET is placed beside the high side FET, thus, forming a

power pole. PCB vias connect the ground of the HF decoupling capacitors to the LS

source terminal, where the dielectric thickness is kept as small as possible (dictated by the

PCB manufacturer) to maximize mutual flux cancellation [245]. As a result, the first layer

consists of both the signal nets and VDC+ with GND occupying layer 2 as shown in Fig.

4.4. In addition, the bottom layer or layer 16 is reserved for signal routing with the

adjacent layer 15 reserved for GND. Following these optimal layout guidelines in Fig. 4.3a,

the high side FETs are shown with a shaded red box, the low side FETs are shown with

the green box, while, the decoupling capacitors are shown in the shaded magenta box.

The HF commutation loop and parasitic inductances for a half bridge is shown in

Fig. 4.5. The commutation loop contains 2 GaN switches (shown in green color), HF

dc-link capacitors, and 3 interconnecting busbars components. The total loop inductance

of the HF loop is evaluated using theory of partial inductances. Each component in the
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loop is characterized by its Self Partial Inductance (SPI) and a Mutual Partial Inductance

(MPI), e.g., the SPI of interconnecting busbar between the HF capacitor and drain of the

HS FET is represented by LP, while the MPI between busbar component LP and LN is

represented by MP-N. The HF capacitors and GaN switches are not modeled in this study.

For sake of convenience, their SPI’s are assumed to be 0.1 nH each, i.e., LC = 0.1 nH and

LSS = 0.1 nH.

The parasitic inductances of the busbar components are extracted using ANSYS

Q3D FEM software. The simulation is setup (via 1A current injection) by assigning

sources and sinks in the busbar geometry to mirror the HF current flow according to the

commutation loop. The overall loop inductances is given by,

LLoop = LBB + LC + 2LSS (4.2)

where LBB is the parasitic inductance of the busbar to be estimated by Q3D software and

includes the effect of all SPI’s and MPI’s of the busbar, excluding the dc-link caps and

active switches. The inductance estimation is carried out at a particular frequency called

the evaluation frequency (feval = 1/2πtf), where tf is the fall time of the GaN switch. The

fall time for the FET under consideration (EPC2034C) is calculated to be 10 ns, thus,

giving feval = 15.9 MHz [246]. At feval, the parasitic inductance of the busbar is evaluated

to be LBB = 0.39 nH, thus, giving a total loop inductance of LLoop = 0.7 nH.

Gate Loop Inductance:

The gate loop inductance is determined by the proximity of the gate driver relative

to the position of the power poles as well as the mutual inductance between the GO and

RETURN paths of the gate drive currents. To minimize this inductance, the gate driver

must be located as close as possible to the switches, with the return path of the gate

currents lying in the adjacent layer to the go path gate current layer.

Common Source Inductance:

The common source inductance Lcs is the inductance shared by the drain-source

power current path and the gate drive loop [247]. Minimization of this inductance is

critical as it adversely impacts the switching speed of the devices. As this inductance
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increases, the effective gate drive voltage and gate drive currents are effectively reduced,

leading to longer switching transitions and thus increased switching losses. To minimize

this inductance added by the PCB layout, it is essential to minimize the interaction

between the HF power loop and the gate driver loop. This is accomplished in the

following two ways: 1) The nets carrying the gate drive signals to FETs are placed away

from Layers 1 and 2 (carrying HF power loop currents). In the design under

consideration, Layer 8 and Layer 9 are chosen as the go paths for HS and LS gate currents

with Layer 7 (PHASE) and Layer 10 (GND) nets forming the return paths for the gate

currents, respectively; 2) The direction of the gate drive currents should be orthogonal to

the main power loop currents. This is accomplished by orthogonal placement of gate drive

resistances with respect to the decoupling capacitors as shown in Fig. 4.3b.

4.4.2 Gate Drive Layout

As mentioned in the prior section, the distance of the gate driver with respect to

the switches should be as small and equal as possible to minimize the gate loop inductance.

To that end, the most suitable layout geometry is a circle with the gate driver located at

the origin and GaN switches equally distributed along the circumference. However,

because of limited space on the PCB this cannot be accomplished. Therefore, the chosen

geometry that best respects the space constraints is that of a rectangle with the gate

driver located at its center on the top layer. The gate drive signal routes for HS and LS

switches are then descended to their respective layers through vias as shown in Fig. 4.6a

and Fig. 4.6b, respectively. The position of all HS and LS active switches are marked with

Hm and Lm where m ∈ {1..8}. The go and return paths for the gate drive currents along

with layer number are indicated on the right as well. A drawback of the chosen geometry

is the unoptimal placement of the switches with respect to the gate driver. If the routing

to individual gate drive resistances is performed by direct connection from the gate driver

(thus leading to the minimum length of the gate drive nets), it can lead to uncoordinated

turn-on and turn-off events during switching as the gate nets length will be unequal. This

can lead to unequal current sharing among the GaN devices, and temperature hot spots

resulting in device failure. To mitigate this issue, the nets are curved in such a way that
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(a) High-side gate drive signal routing. (b) Low-side gate drive signal routing.

Figure 4.6: Layout of the gate drive signals. High-side FETs are indicated with purple,
while low-side FETs are shown in green. LMG1210 gate driver is shown in blue.

the total net length for all active switches are approximately equal. For the case under

study, the average length of the net from the HS common gate drive node to HS gate drive

resistors is 17.458 mm and from LS common gate drive node to LS gate drive resistors is

14.434 mm, respectively. An additional practice to reduce gate loop inductance is to

choose the gate signal track width as wide as permissible by the layout. In this design, a

width of 20 mil provided acceptable results. Finally, to reduce the oscillations during

turn-on and turn-off events, gate resistors of RG = 4.7 Ω were used for all discrete FETs.

To determine the efficacy of the adopted layout practices, experimental results

were carried out by measuring the gate drive signals at the gate node of FETs. The LS

measurement was carried out by Tektronix TPP1000 1 GHz probes, while the HS

measurements were carried out (with respect to PHASE output) using Tektronix

TMDP0200 200 MHz differential probes at VDC = 0V. The results for both the HS turn-on

and turn-off and LS turn-on and turn-off are shown in Fig. 4.7. The figures exhibit a

critically damped turn-on and turn-off transitions with gate signals of all 8 FETs well

matched, lying on top of each other. If all the discrete switches were made from the same

GaN wafer by the manufacturer, they will share a common gate threshold voltage and

thus will exhibit simultaneous turn-on and turn-off using the presented layout guidelines.
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(d) Low-side turn-off.

Figure 4.7: Turn-on and turn-off waveforms for high-side and low-side switches at VDC =
0V.

4.4.3 Current Sense Design

Current sensing is required for closed-loop operation and for the protection of the

converter. The following options were considered: 1) Direct resistive measurement; 2)

Invasive hall effect sensing; 3) Non-invasive coreless hall effect sensing. Based on the

current rating, the resistive measurement will require multiple current sense resistors to be

connected in parallel. The sense resistors will incur additional loss and will require

cooling. In addition, dedicated circuity will be required for signal conditioning and

isolation. Invasive hall effect sensing can be accomplished by dedicated current sense ICs

such as ACS773 [248]. These devices act as transducers converting input current into a

proportional voltage through a fixed gain. The current flows into the device through bulky

terminals (designed to handle high currents) which generates a magnetic field that the

Hall IC converts into a voltage. The devices however are substantial in size relative to the

limited board space available and therefore were rejected in favor of the subsequent

technology.



128

(a)

0 50 100 150 200 250 300
2

3

4

5

(b)

Figure 4.8: (a) Experimental test results: ACS37612 output voltage (Ch2: 2 V/div),
PHASE current (Ch4: 500 A/div) (b) Peak output voltage of current sensor against phase
current.

Non-invasive coreless differential hall effect sensors such as ACS37612 are designed

to be implemented in applications requiring measurement in hundreds of amps [249]. The

sensors lack external field concentrator cores and thus are substantially smaller in size

compared to the prior technology, favoring the application under study. Current flowing

through a busbar or a PCB trace underneath the sensor generates a magnetic field that is

sensed by linear Hall IC and converted into a proportional voltage, thus eliminating the

need for additional signal conditioning circuitry. The sensitivity of the sensor is fixed but

sensor gain is variable and depends on the PCB layout underneath the chip. A design tool

provided by the manufacturer can be used to estimate the gain based on the track layout.

Experimental tests were conducted to verify the sensor gain by connecting the

PHASE of a half-bridge to a California Instruments BP-30-1-480 AC source. The output

of the current sensor in the form of voltage was measured by TPP1000 1Ghz probe, while

the results were captured on Tektronix MDO3034 oscilloscope. Experimental waveforms

at Irms = 226 Arms are shown in Fig. 4.8a, while Fig. 4.8b shows a plot of peak sensor

output voltage against injected PHASE current. The gain of the sensor remains linear

throughout the test range and is determined to be 6.7 mV/A. The sensor output is

saturated to its peak limit at a test current of Irms = 260 Arms, thus limiting the

operation to 97% of the rated coil current. This can be rectified in subsequent prototype

versions by widening the current conduction path placed below the hall effect current

sensor (equivalent to reducing the sensor gain).
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Figure 4.9: Front view of the communication board (Not to scale). Legend: 1)
TPS40322RHBR Two-phase buck regulator; 2) JTAG port; 3) TMS320F280049C DSP;
4) OPA340 op-amp; 5) 16-pin ribbon cable connector.

4.5 Communication Board Design

This section discusses the design of the local communication (comm) board. The

front view of the comm board with individual parts highlighted is shown in Fig. 4.9. The

board provides voltage regulation to the associated circuitry, PWM signals to the GaN

board as well sensing and signal conditioning of ADC signals required for closed-loop

operation of a single module. The +12V input to the comm board is stepped down to

generate +5V required for current sensor and +3.3V required for operation of the DSP via

a two-phase switching regulator (TPS40322RHBR). The DSP employed is TI

TMS320F280049C which provides PWM signals to the GaN PCB buffered through a level

shifter. Additionally, the feedback signals in the form of DC-bus voltage, phase current

and on-board temperature measurement are read by 16-bit ADC after filtering through

OPA340NA/K operational amplifiers. Communication between the modules for

decentralized control is performed by the fast serial interface (FSI) module available in TI

DSPs.
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(a) Front view. (Not to scale)

(b) Back view. (Not to scale)

Figure 4.10: 16-Layer modular GaN full-bridge converter PCB. Legend: 1) EPC2034C; 2)
Decoupling capacitors; 3) LMG1210 gate driver; 4) ACS37612 current sensor; 5) Temper-
ature sensor; 6) Right half-bridge PHASE output; 7) Left half-bridge PHASE output; 8)
VDC+; 9) GND; 10) Bootstrap diode; 11) Connector.
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Figure 4.11: Schematic of the double pulse test setup.

4.6 Experimental Verification

The front and back view of the designed 16-layer GaN full-bridge converter is

shown in Fig. 4.10 in which various onboard components can be identified. To verify the

effectiveness of the proposed design, experimental results were conducted to determine the

voltage overshoot during the commutation process and steady-state performance of the

converter.

4.6.1 Double Pulse Test Results

To evaluate the overshoot via experimental tests, double pulse tests (DPT) were

conducted on the prototype GaN PCB. The gating signals were generated from TI

TMS320F28379D DSP. The schematic layout of the DPT is shown in Fig. 4.11. Due to

the symmetric layout, the DPT test results of both the HBs are identical. The inductance

of the test inductor is set to LDPT = 20.7 µH. The waveforms were captured on Tektronix

1 GHz/6.25 GS/s MSO58 oscilloscope with Tektronix TIVH08 800 MHz optically isolated

voltage probe for high-side switch drain-source voltage measurement and Tektronix

TCP0150 20 MHz current probe for measurement of the test inductor current. The

experimental waveforms captured at VDC = 130 V and iL = 200 A is shown in Fig. 4.12.

The figure shows paralleled HS switches drain-source voltage on the top and instantaneous

inductor current on the bottom. The turn-off and turn-on waveforms of the high-side

switches are shown in Fig. 4.13a and Fig. 4.13c with the zoomed in view shown in Fig.

4.13b and Fig. 4.13d, respectively. It can be seen that overshoot during the turn-off

process is 140 V, only 10 V higher than the DC bus voltage. Similarly, the undershoot
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Figure 4.12: Experimental double pulse test results at VDC = 130 V, iL = 200 A.

(a) High-side turn-off. (b) Zoomed in.

(c) High-side turn-on. (d) Zoomed in.

Figure 4.13: Turn-off and turn-on waveforms for high-side switches at VDC = 130V, iL =
200 A.

during the turn-on process is -10V as well. The results indicate that the voltage overshoot

during the commutation process is ≈ 7.8% above the test voltage.



133

Figure 4.14: Schematic of the half-bridge continuous test setup.

4.6.2 Continuous Test Results

Continuous testing of the converter was performed to evaluate the steady-state

performance of the converter. A singular half-bridge was tested by connection of a test

inductor between the PHASE and the neutral-point formed by splitting the

DC-electrolytic capacitor bank as shown in Fig. 4.14. This configuration is equivalent to a

full-bridge converter operating with bipolar PWM with the difference being that in the

half-bridge each switch carries double the current per fundamental period compared to

switches in a full-bridge configuration.

To ensure that the junction temperature of the GaN switches remain within the

desired temperature limit of Tj < 125oC, a heatsink was machined to remove the heat

generated by conduction and switching losses. A CAD modeling of the GaN PCB

mounted on the finned heatsink is shown in Fig. 4.15a. The heatsink is machined in such

a way that the extruded surface of the heatsink sits on top of the GaN switches. Fig.

4.15b shows the GaN PCB mounted on heatsink with the DC capacitor PCB sitting atop

at a distance dictated by the stand-offs. VDC+, GND and PHASE terminals are accessed

through copper busbars as shown in Fig. 4.15b. The thermal interface material (TIM)

used between heatsink and GaN PCB should have high thermal conductivity and high

electrical insulation coefficient. The TIM employed is TG-A1780 from t-Global

Technology that provides a high thermal conductivity coefficient of 17.8 W/mK with a

high dielectric breakdown voltage of ≥4 kV/mm. A picture of the experimental test setup

is shown in Fig. 4.15c.
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The inductance of the test inductor is set to LTest = 33 µH which is only 25%

lower than per module coil inductance of 2Lcoil/6 = 45.65 µH. The DC-link voltage is set

to 80V which is equivalent to 48% of the rated DC-link voltage. The experimental

waveforms obtained from continuous testing are shown in Fig. 4.16. The total DC-link

voltage VDC is shown in Ch1, the DC-link voltages of HS and LS electrolytic capacitors

are shown in Ch2 and Ch3, the current from the local decoupling capacitor PCB to the

GaN PCB measured via rogowski coils is shown in Ch8, the load voltage VL is shown in

Ch3, the LS and HS drain-source voltages (V LO
DS , V HI

DS) are shown in Ch5 and Ch6 while

Math1 shows the ripple current supplied by decoupling capacitor PCB obtained by

subtracting Ch4 from Ch8. The voltage overshoot during the commutation process is

reported to be 16V at VDC = 80V which corresponds to 20% of overshoot. The

temperature of the GaN PCB reported from the thermocouples is 35oC for the higher

FET group (away from the direction of PHASE terminals) and 32oC for the lower FET

group (towards the direction of PHASE terminals). Uneven temperature distribution can

be attributed to the fact that group of FETs toward the PHASE terminals will remain

cooler as the copper terminals act as sinks to the heat flow.
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(a) (b)

(c)

Figure 4.15: Experimental setup used for continuous testing: (a) CAD modeling of heatsink
mounted on GaN PCB. (b) Picture of the heatsink mounted on top of the GaN PCB:
1) Fan; 2) Finned heatsink; 3) Thermal interface material; 4) GaN PCB; 5) Decoupling
capacitor PCB; 6) PEEK plastic; 7) VDC+; 8) GND; 9) PHASE. (c) Experimental setup:
1) Heatsink mounted GaN setup; 2) Communication PCB; 3) Tektronix MSO58 oscilloscope;
4) Electrolytic DC capacitor bank. (Load inductor is not shown)



136

Figure 4.16: Experimental results obtained from continuous testing of the 16-layer GaN
half-bridge converter. VDC (Ch1: 15 V/div), V HI

DC (Ch2: 15 V/div), V LO
DC (Ch7: 15 V/div),

Current from decoupling capacitor PCB to GaN PCB (Ch:8 125 A/div), iL (Ch4: 45
A/div), VL (Ch3: 15 V/div), V LO

DS (Ch5: 15 V/div), V HI
DS (Ch6: 15 V/div), Ripple current

from decoupling capacitor PCB to GaN PCB (Math1: 100 A/div).

4.7 Comparison of Metrics

This section compares the design metrics of the proposed converter against the

target metrics. The comparison is carried out using metrics such as the specific power

density (kW/kg) and the efficiency of a single converter module. The components

included in power density calculation are the PCB busbar, DC-link capacitors (inc. PCB),

the communication PCB as well as the copper connecting bars. The cooling components

such as heatsink and the heat exchanger are excluded from the calculations. Table 4.2

presents a comparison between the target metrics and the achieved metrics. From the

table, it can be concluded that the proposed converter design was able to surpass the

stringent target metrics.

4.8 Conclusion

This chapter discusses the design of a GaN based axially stator mounted

integrated modular motor drive for a 250 kW surface permanent magnet motor for a

more-electric-aircraft application. Modular topology of the converter allows to drive motor
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Table 4.2: Comparison of target against achieved metrics.

Specific Power Density (kW/kg) Efficiency (%)

Target >45 >98

Achieved 69.4 98.8

coil pairs individually via a GaN based full bridge converter, thereby allowing fault

tolerant operation. The design of a single GaN based full bridge includes switch selection

based on the figure-of-merit, determination of heatsink-ambient thermal resistance

required for cooling of the device, number of paralleled switches to meet the rated current

requirements, and the physical design of GaN PCB busbar. A multilayer PCB structure

allows interleaving of copper layers to minimize the curcial loop inductances, i.e., power

loop, gate loop and the common source inductance, simultaneously. To synchronize the

turn-on and turn-off of eight parallel FETs per switch position, optimal gate-drive layout

guidelines are presented. To meet the stringent power density requirement, a discussion on

the selection of the leg current sensor is carried out which reveals that the non-invasive

coreless differential sensing is the appropriate choice for the application under study.

Finally, the designed prototype is verified by double pulse testing as well continuous

testing at reduced power levels (≈ 50%). Experimental tests reveal that the transient

overshoot on switches during commutation and the temperature rise on the PCBs are

within acceptable design limits. Furthermore, the proposed converter design was able to

meet the strict target power density and efficiency limits.

4.9 Summary

• The design of a high current, high power density GaN based axially stator mounted

integrated modular motor drive (IMMD) for a 250 kW surface permanent magnet

mounted motor was discussed in this chapter. Use of GaN power devices allows to

meet the extreme power density requirements (> 13 kW/kg), which is of crucial

importance in realize the concept of more-electric-aircraft.
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• Design process for GaN based motor drive includes the switch selection process

using figure-of-merit (FOM), determination of heatsink-ambient thermal resistance

required for cooling of the device, determination of number of paralleled switches to

meet the rated current requirements, and the physical design of GaN PCB busbar.

• The high current requirement of 270 Arms per switch position was accomplished by

paralleling eight GaN switches per switch position. Proper layout of gate-drive

signals was presented to ensure current sharing and simultaneous turn-on and

turn-off of multiple paralleled power devices. Experimental tests were performed

that verify the simultaneous turn-on and turn-off of all power devices.

• Minimization of power loop inductance, gate-loop inductance and common source

inductance is essential to minimize the voltage overshoot on power devices during

switch commutation. The aforementioned targets were accomplished by optimal

layout of nets in the PCB layer stack that maximizes the mutual flux cancellation

among the parasitic inductances in the power loop. Parasitic inductance extraction

was performed using ANSYS Q3D environment and verified through double pulse

testing.

• The selection of current sensor is essential to meet the target power density. The

design procedure of a coreless hall effect based differential current sensor was

discussed that leads to minimum sensor foot print. The sensor design was verified

experimentally.

• The power converter was tested continuously in a half-bridge configuration to

determine the temperature rise of the GaN devices. Experimental results verify the

efficacy of the proposed design.
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CHAPTER 5
MODEL PREDICTIVE CONTROL OF GRID-TIED CONVERTERS

5.1 Introduction

This chapter of the dissertation is based on the work that is published in IEEE

Access journal [197] and IEEE Energy Conversion Congress and Exposition (ECCE)

2022 [250] by the author.

5.2 System Modeling

The control scheme of a 2L-VSC with an output LCL filter tied to a 3φ grid is

shown in Fig. 5.1. The converter side inductance is denoted by Lfc, filter capacitance is

denoted by Cf, the grid-side inductance is denoted by Lfg. Assuming an inductive grid, the

external grid inductance is denoted by Lg. Note that Lg is typically unknown and depend

on the short circuit ratio at the point-of-common coupling (PCC). In natural abc-frame,

the converter-side currents, filter capacitor voltages, grid-side currents and grid voltages at

PCC are denoted by ic,abc, vf,abc, ig,abc, and vg,abc respectively. The latter two variables

are measured for control purposes. The control is performed in orthogonal αβ frame, in

which the complex space vectors are indicated with boldface symbols with an overhead

bar (e.g., the converter-side current īc = icα + jicβ). Additionally, matrices incorporating

complex space vectors are indicated with bold symbols (e.g., the continuous-time state

space vector xc). The grid angle information θg, and the grid frequency ωg required for

grid synchronization is extracted via a PLL using the grid voltages vg,abc [251].
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Figure 5.1: Grid-tied 2L-VSC with an output LCL filter. Different blocks of indirect model
predictive controller are indicated in green. The ”Grid Sync” block generates Line-Neutral
grid voltages using Line-Line grid voltage and grid angle via coordinate transformation.
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Figure 5.2: Space vector circiut of the grid-connected LCL filter in stationary αβ coordi-
nates. External grid inductance Lg is assumed unknown.

5.3 Continuous-Time Modeling of LCL Filter

In this section, the continuous-time state-space model of the system is derived via

differential equations of the LCL filter. The converter-side current īc, filter capacitor

voltage v̄f and the grid-side current īg are chosen as the state variables. The converter

voltages are denoted by v̄c. The space vector circuit model of the LCL filter in stationary

αβ coordinates is shown in Fig. 5.2. Note that for simplification of closed-form

expressions, the resistance of the filter components are not taken into account, which also

describes the worst-case condition in terms of resonance damping. The differential

equations of the LCL filter in continuous-time domain are,

dīc(t)

dt
= − 1

Lfc
v̄f(t) +

1

Lfc
v̄c(t) (5.1)

dv̄f(t)

dt
=

1

Cf
īc(t)−

1

Cf
īg(t) (5.2)

dīg(t)

dt
=

1

(Lfg + Lg)
v̄f(t)−

1

(Lfg + Lg)
v̄g(t) (5.3)

Assuming a purely stiff grid, the external grid inductance (Lg) is set equal to 0 to futher

the modeling process. The assumption dictates the worst-case condition in terms of

controller performance as the grid inductance is assumed unknown. Additionally, the time

variable t associated with the state-variables is dropped for simplification purposes. The

continuous-time state-space model of the LCL filter can be derived from aforementioned
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equations as,

d
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v̄g (5.4)

īg =
[

0 0 1

]

︸ ︷︷ ︸

Cc

xc (5.5)

where xc = [̄ic, v̄f, īg]
T is the continuous-time state space vector.

5.4 Exact Discrete-Time Modeling of LCL Filter

The discrete-time model of the LCL filter is developed using the exact discretization

approach. The sampling of the grid-side currents, and grid voltages is synchronized with

the switching of the converter, i.e., the sampling frequency fs equals the switching

frequency fsw. The filter parameters, grid voltage, and the converter voltage v̄c(t) is

assumed to be held constant within the sampling interval Ts = 1/fs. Under these

assumptions the discrete-time model of the system is given as,

xd(k + 1) = Φdxd(k) + Γcv̄c(k) + Γgv̄g(k) (5.6)

īg(k) = Ccxd(k) (5.7)

where k is the discrete-time index and xd(k) = [̄ic(k), v̄f(k), īg(k)]
T is the discrete-time

state-space vector. The definition of discrete-time system matrices are given as,

Φd = eAcTs =









Φd11 Φd12 Φd13

Φd21 Φd22 Φd23

Φd31 Φd32 Φd33









(5.8a)

Γc =

∫
Ts

0
eAcτBcdτ =

[

Γc1, Γc2, Γc3

]T

(5.8b)

Γg =

∫
Ts

0
eAcτBgdτ =

[

Γg1, Γg2, Γg3

]T

(5.8c)
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5.5 Multi-objective Continuous Control Set Model Predictive Controller

Higher order filters such as the LCL filter are inherently prone to resonance, as a

result of coupling dynamics among filter components. The current harmonics at the

resonance frequency could be excited, e.g., by step changes in current references and/or

external disturbances, which in extreme cases could result in instability. It has been

shown that model predictive controllers can inherently provide active damping to the

system if the following conditions are satisfied: 1) Full state-feedback information is

available through either measurements or observer; 2) Proper selection of weighting

factors; 3) A large enough prediction horizon [252].

5.5.1 Cost Function Definitions

The primary control objective is reference tracking of grid current īg, which

directly translates to a higher level control objective of regulating active/reactive power

absorbed or delivered to the grid. The CF component that quadratically penalizes the

error between reference and measured system output can be considered as,

J1(k) = wig((i
∗
gα(k + 1)− igα(k + 1))2 + (i∗gβ(k + 1)− igβ(k + 1)))2 (5.9)

where i∗gα, i
∗
gβ are the references for grid-side current tracking in stationary reference frame

and wig is the weighting factor associated with the tracking of īg. To ensure stability, the

CF allows capacitor voltages and converter-side currents to be tracked as well. Their

respective CFs components are given as,

J2(k) = wvf((v
∗
fα(k + 1)− vfα(k + 1))2 + (v∗fβ(k + 1)− vfβ(k + 1)))2 (5.10)

J3(k) = wic((i
∗
cα(k + 1)− icα(k + 1))2 + (i∗cβ(k + 1)− icβ(k + 1)))2 (5.11)

where v∗fα, v
∗
fβ , i

∗
cα, i

∗
cβ are the references for filter capacitor voltages and converter-side

currents. Additionally, wvf and wic are the WFs associated with tracking of v̄f and īc

respectively. The WFs penalize the tracking error of the controlled variables. Equations
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(5.9), (5.10) and (5.11) can be combined as,

J(k) = J3(k) + J2(k) + J1(k)

J(k) = [x∗
d(k + 1)− xd(k + 1)]TW [x∗

d(k + 1)− xd(k + 1)] (5.12)

where x∗
d = [̄i∗c , v̄

∗
f , ī

∗
g] and W = diag[wic, wvf, wig] is a positive semi-definite matrix

containing WFs as its diagonal entries.

5.5.2 Optimal Control Law Generation

An indirect deadbeat MPC controller can be formulated by substituting (5.6) in

(5.12) and taking the derivative of (5.12) with respect to v̄c and setting it equal to 0.

J(k) = [x∗
d(k + 1)−Φdxd(k) + Γcv̄c(k) + Γgv̄g(k)]

T

W [x∗
d(k + 1)−Φdxd(k) + Γcv̄c(k) + Γgv̄g(k)]

(5.13)

dJ(k)

dv̄c(k)
= 0 =

d

dv̄c(k)

[

[x∗
d(k + 1)−Φdxd(k) + Γcv̄c(k) + Γgv̄g(k)]

T

W [x∗
d(k + 1)−Φdxd(k) + Γcv̄c(k) + Γgv̄g(k)]

]
(5.14)

The unconstrained control law generated from solving the mathematical formulation is

given as,

v̄c,unc(k) = (ΓT
c WΓc)

−1ΓT
c W [x∗

d(k + 1)−Φdxd(k)− Γgv̄g(k)] (5.15)

If the maximum permissible voltage limit generated by the modulator is given by V lim,

the unconstrained control law given above can be scaled as,

v̄∗
c (k) =







v̄c,unc(k), |v̄c,unc(k)| ≤ V lim

v̄c,unc(k)

|v̄c,unc(k)|
V lim, |v̄c,unc(k)| > V lim

(5.16)

where |v̄c,unc(k)| =
√

v2c,unc,α(k) + v2c,unc,β(k).
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5.5.3 Reference Generation

In case the MPC controlled converter is preceded by a diode rectifier or an active

rectifier, typically employed in wind or solar power conversion applications, the DC-link

capacitor voltages are regulated by a PI controller tuned via symmetrical optimum

criteria [253]. The output of the PI controller regulating the DC bus is active power

reference P ∗ while the reactive power reference Q∗ is set to 0 to achieve unity power

factor. The references for grid current can then be determined from the active and

reactive power references as,

i∗gα =
2

3

P ∗vg,α(k) +Q∗vg,β(k)

v2g,α(k) + v2g,β(k)
(5.17a)

i∗gβ =
2

3

P ∗vg,β(k)−Q∗vg,α(k)

v2g,α(k) + v2g,β(k)
(5.17b)

The references for v̄f(k) and īc(k) can be obtained from internal modelling of the LCL

filter as,

v̄∗
f (k) = v̄g(k) + (jωgLfg)ī

∗
g(k) (5.18)

ī∗c(k) = ī∗g(k) + (jωgCf)v̄
∗
f (k) (5.19)

5.5.4 Closed-Loop State Space Formulation

The closed-loop dynamics of the system can be evaluated by replacing (5.15) in

(5.6),

xd(k + 1) = Φxd(k) + Γccī
∗
g(k) + Γgcv̄g(k) (5.20)

where

Φ = [I3×3 − Γc(Γ
T
c WΓc)

−1ΓT
c W ]Φd (5.21)

Γcc = Γc(Γ
T
c WΓc)

−1ΓT
c WT (5.22)

Γgc = Γg + Γc(Γ
T
c WΓc)

−1ΓT
c W (R− Γg) (5.23)



146

where T = [1− ω2
gLfgCf, jωgLfg, 1]

T and R = [jωgCf, 1, 0]
T. It is to be noted that (5.20) is

obtained, by rewriting the references of v̄∗
f and ī∗c defined in (5.18) and (5.19) in terms of

ī∗g.

5.5.5 Delay Compensation

The stability of the model predictive closed-loop system is dependent on the

prediction horizon Np. Longer prediction horizons (Np > 1) greatly improve the

closed-loop control, performance metric such as the current THD and the stability of the

system. If the sampling time Ts is in the order of tens of microsecond, using two step

ahead prediction (Np = 2) provides significant performance improvement over one sample

ahead predictions (Np = 1) as the computational delay inherent to the use of digital signal

processors as well additional delays (gate driver delay etc) are well compensated.

Additionally, researches have shown that prediction horizons longer than 2 provide

negligible performance improvement over Np = 2 in case the sampling frequency is in tens

of microseconds [18].

Under this premise the cost function defined in (5.12) and the control law defined

in (5.15) is modified to,

J(k) = [x∗
d(k + 2)− xd(k + 2)]TW [x∗

d(k + 2)− xd(k + 2)] (5.24)

v̄c,unc(k + 1) = (ΓT
c WΓc)

−1ΓT
c W [x∗

d(k + 2)−Φdxd(k + 1)− Γgv̄g(k + 1)] (5.25)

5.5.6 Vector Angle Reference Extrapolation

The most important requirement of an MPC controller is fast and accurate

reference tracking. When sampling time Ts is sufficiently small (Ts < 20µs), the tracking

error ei obtained without extrapolation is identical to the one obtained with the use of

extrapolation. Therefore, extrapolation of reference is unnecessary in the case the when

switching frequency is considerable higher than the fundamental frequency of the variable

under control. However, when the model predictive controller works at higher sampling

times (equivalent to reduced sampling and switching frequencies) which are typical in high
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Figure 5.3: Extrapolation of an arbitrary 3φ reference signal with a step change in magni-
tude from 0.5 p.u. to 1 p.u. at t = 25 ms using Ts = 500 µs and ω∗ = 2π50 rad/s. (Top)
Reference signals in abc-frame; (Middle) α-axis signal along with extrapolated signals at Np

= 1 and Np = 2; (Bottom) β-axis signal along with extrapolated signals at Np = 1 and Np

= 2.

power applications (in the range of hundreds of kWs), extrapolation of references can

minimize the tracking error.

In three-phase control applications where the reference control variables are

generated by an outer control loop (such as the VOC or FOC), vector angle extrapolation

(VAE) can be employed [4]. The process of VAE follows the following steps:

1. Reference variables in natural abc-frame or synchronously rotating dq-frame are first

converted to stationary αβ-frame.

2. Variables are then transformed into polar coordinates (rejθ) from Cartesian

coordinates (x+ jy).

3. Discrete phase shift equal to ω∗NpTs is then added to the phase angle of the

reference variable (θ) to enable extrapolation where ω∗ defines the angular frequency

of the signal.
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For an arbitrary reference signal x∗(k) the extrapolation to desired prediction

horizon of Np is given as,

x∗(k + Np) = X∗(k)ej(θ+ω∗NpTs) (5.26)

where X∗(k) denotes the signal amplitude and θ is the instantaneous angle of rotation.

The extrapolation of a reference signals to Np = 1 and Np = 2 using Ts = 500 µs, ω∗ =

2π50 rad/s for a step change in magnitude from X∗ = 0.5 → 1 p.u. is shown in Fig. 5.3.

5.5.7 Full-Order Luenberger Observer Design

In order to implement the optimal control law defined in (5.15), the information of

discrete state matrix xd(k) = [̄ic(k), v̄f(k), īg(k)]
T (and thus the state-variables) needs to

be known. The state-variables can be sensed directly or in order to reduce the system cost

can be estimated via an observer. The latter solution is implemented here via a full-order

Luenberger observer [254]. In addition, the observer inherently provides state-estimation

at time step (k+1) required for implementation of the optimal control law. The separation

principle is applied which states that the observer and the controller can be designed

independently. The state observer is given as,

x̂d(k + 1) = Φdx̂d(k) + Γcv̄c(k) + Γgv̄g(k) +Ko(īg(k)− ˆ̄ig(k)) (5.27)

ˆ̄ig(k) = Ccx̂d(k) (5.28)

where x̂d(k) = [̂̄ic, ˆ̄vf,
ˆ̄ig]

T is the estimated observer discrete state matrix and Ko =

[k̄o1, k̄o2, k̄o3]
T is the observer gain matrix. Defining x̃d(k) = xd(k) - x̂d(k) as the

estimated-error of the observer, the dynamics of the estimated-error are given as,

x̃d(k + 1) = (Φd −KoCc)x̃d(k) (5.29)

The characteristic polynomial of the estimation-error dynamics is,

do(z) = det(zI−Φd +KoCc) (5.30)
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and the desired characteristic polynomial is given as,

do(z) = (z − βo1)(z − βo2)(z − βo3) (5.31)

The dynamic response of the observer is dictated by the eigenvalues of the closed-loop

system (Φd - KoCc). Observer gains can be tuned via pole-placement approach in which

the location of the poles dictate the robustness and dynamic performance of the system.

Poles toward the origin of the z-plane generate a faster response at increased sensitivity to

noise and vice versa. Guidelines for placement of observer poles are provided in Section.

5.7.

5.6 Tuning of Weighting Factors by Direct Pole-Placement Approach

In this section, the weighting factors of the CF defined in (5.12) will be derived as

a function of discrete-time system parameters Φd, Γc, Γg and desired closed-loop pole

locations linked via closed-form expressions. The presented expressions allow tuning of

MPC controller gains irrespective of the LCL design, and variation in plant parameters.

Assuming the grid disturbance v̄g(k) = 0 in (5.20), the transfer function from

reference grid current ī∗g(k) to measured grid current īg(k) is given as,

Gc(z) =
n(z)

d(z)
= Cc(zI3×3 −Φ)−1Γcc (5.32)

The closed-loop poles of system that determine the system stability, and transient response

are obtained from the characteristic polynomial of the aforementioned equations as,

d(z) = det(zI3×3 −Φ) (5.33)

Let the desired closed-loop characteristic polynomial be,

d(z) = (z − β1)(z − β2)(z − β3) (5.34)

d(z) = z3 + a2z
2 + a1z + a0 (5.35)
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where βi (i = 1, 2, 3) are the desired closed-loop pole locations in z-domain. The

coefficients as function of pole locations are given as,

a2 = −(β1 + β2 + β3) (5.36a)

a1 = (β1β2 + β2β3 + β1β3) (5.36b)

a0 = −β1β2β3 (5.36c)

Now, the analytical expressions of WFs in terms of discrete-time plant parameters and

desired pole locations βi will be derived by expanding (5.33) as,

d(z) = z3 +m2z
2 +m1z +m0 (5.37)

where the coefficients are,

m2 = f0 + δ(f1wic + f2wvf + f3wig) (5.38a)

m1 = g0 + δ(g1wic + g2wvf + g3wig) (5.38b)

m0 = h0 + δ(h1wic + h2wvf + h3wig) (5.38c)

δ = (wicΓ
2
c1 + wvfΓ

2
c2 + wigΓ

2
c3)

−1 (5.39)

f0 = −(Φd11 +Φd22 +Φd33)

g0 = Φd11Φd22 − Φd12Φd21 +Φd11Φd33 − Φd13Φd31 +Φd22Φd33 − Φd23Φd32

h0 = Φd11Φd23Φd32 − Φd11Φd22Φd33 +Φd12Φd21Φd33 − Φd12Φd23Φd31

− Φd13Φd21Φd32 +Φd13Φd22Φd31

(5.40)

f1 = Φd11Γ
2
c1 +Φd12Γc1Γc2 +Φd13Γc1Γc3
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g1 = (−Φd11Φd22 +Φd12Φd21 − Φd11Φd33 +Φd13Φd31)Γ
2
c1

+ Γc1Γc3(Φd12Φd23 − Φd13Φd22) + Γc1Γc2(Φd13Φd32 − Φd12Φd33)

h1 = −h0Γ
2
c1 (5.41)

f2 = Φd22Γ
2
c2 +Φd21Γc1Γc2 +Φd23Γc2Γc3

g2 = (−Φd11Φd22 +Φd12Φd21 − Φd22Φd33 +Φd23Φd32)Γ
2
c2

+ Γc2Γc3(Φd13Φd21 − Φd11Φd23) + Γc1Γc2(Φd23Φd31 − Φd21Φd33)

h2 = −h0Γ
2
c2 (5.42)

f3 = Φd33Γ
2
c3 +Φd31Γc1Γc3 +Φd32Γc2Γc3

g3 = (−Φd11Φd33 +Φd13Φd31 − Φd22Φd33 +Φd23Φd32)Γ
2
c3

+ Γc2Γc3(Φd12Φd31 − Φd11Φd32) + Γc1Γc3(Φd21Φd32 − Φd22Φd31)

h3 = −h0Γ
2
c3 (5.43)

Equating (5.36a)-(5.36c) with (5.38a)-(5.38c) respectively we obtain,

s2wic + s1wvf + s0wig = 0 (5.44a)

t2wic + t1wvf + t0wig = 0 (5.44b)

u2wic + u1wvf + u0wig = 0 (5.44c)

where the coefficients are,

s2 = f1 + Γ2
c1(f0 − a2), t2 = g1 + Γ2

c1(g0 − a1),u2 = h1 + Γ2
c1(h0 − a0) (5.45)

s1 = f2 + Γ2
c2(f0 − a2), t1 = g2 + Γ2

c2(g0 − a1),u1 = h2 + Γ2
c2(h0 − a0) (5.46)

s0 = f3 + Γ2
c3(f0 − a2), t0 = g3 + Γ2

c3(g0 − a1),u0 = h3 + Γ2
c3(h0 − a0) (5.47)
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Equations (5.44a)-(5.44c) form a system of three linear equations which can be written in

matrix form as,









s2 s1 s0

t2 t1 t0

u2 u1 u0









︸ ︷︷ ︸

M









wic

wvf

wig









︸ ︷︷ ︸

W

=









0

0

0









(5.48)

5.6.1 Guidelines for Pole-Placement of Controller

Direct pole-placement approach grants the designer freedom to place the poles

arbitrarily in the z-domain. However, following the presented guidelines will ensure that

the control effort is within the acceptable limits. It is typical to first define the desired

pole locations in the continuous-time domain and then map them to discrete-time domain

via the transformation z = esTs . To that end, the polynomials defining the delay and

resonant dynamics of the system are given in continuous-time domain as,

(s+ αd)
︸ ︷︷ ︸

Delay Pole

(s2 + 2ζrωrs+ ω2
r )

︸ ︷︷ ︸

Resonant dynamics

(5.49)

In order to ease the calculations and remove one degree of freedom from the problem at

hand, either the WF associated with regulation of converter-side current (wic) or WF

associated with regulation of grid-side current (wig) can be set to 1. Under this condition,

the delay pole in discrete-time domain (β1) is mapped to the origin or 0. The magnitude

of resonance damping is dependent on damping ratio ζr, while the frequency of resonant

poles is set by ωr. The natural frequency ωr should be kept between 2πfs/10 - 2πfs/5.

Higher bandwidths will result in the controller being more susceptible to measurement

noise and external disturbances. The damping ratio is set between ζr = 0.707,..,1, in order

to provide large enough damping to avoid resonance. The discrete-time pole locations are

then given by,

β2,3 = e(−ζr±j
√

1−ζ2r )ωrTs (5.50)
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Start

Determine filter parameters: Lfc, Cf, Lfg

Compute discrete-time matrices:
Φd, Γc and Γg using (5.8a)-(5.8c)

Select ωr and ζr according to guide-
lines presented in Section 5.6.1

Determine discrete-time pole loca-
tions β2,3 using (5.50) with β1 = 0

Calculate pole locations ax where
x ∈ {1, 2, 3} using (5.36a)-(5.36c)

Case I?

Determine
W1 from
(5.51b)

Determine
W2 from
(5.52b)

Stop

YES NO

Figure 5.4: Flowchart of weighting factor calculation.

Once the pole locations have been specified in discrete-time domain, the WFs can be

determined by modifying (5.48) to one of the following two forms depending on if whether

wic or wig is set to 1 as,

� Case I: wig = 1




s2 s1

t2 t1





︸ ︷︷ ︸

M1




wic

wvf





︸ ︷︷ ︸

W1

=




−s0

−t0





︸ ︷︷ ︸

N1

(5.51a)

W1 = M−1
1 N1 (5.51b)
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Table 5.1: Nominal System Parameters

Parameters Value Parameters Value

v̂g,a
√

2/3 250 V (1 p.u.) Lfc 3.5 mH (0.1055 p.u.)

îg,a
√
2 11.5 A (1 p.u.) Cf 10 µF (0.0471 p.u.)

VDC 410 V (≈ 2 p.u.) Lfg 2.3 mH (0.0693 p.u.)

ωo 2π 60 rad/s (1 p.u.) ωp 2π 1350 rad/s (22 p.u.)

fsw 10 kHz (166.66 p.u.) Ts 1/fsw = 100 µs

Table 5.2: Definition of base values of the per unit system.

Base quantity Base value

Voltage VB =
√

2/3VR

Current IB =
√
2IR

Angular frequency ωB = ωo

Resistance, reactance, impedance ZB = VB/IB

Inductance LB = ZB/ωB

Capacitance CB = 1/(ωBZB)

Apparent power SB = 3/2VBIB

� Case II: wic = 1




s1 s0

t1 t0





︸ ︷︷ ︸

M2




wvf

wig





︸ ︷︷ ︸

W2

=




−s2

−t2





︸ ︷︷ ︸

N2

(5.52a)

W2 = M−1
2 N2 (5.52b)

A flowchart to determine the optimal WFs for either of the aforementioned cases is

shown in Fig. 5.4. It is to be noted that the choice of setting either wic or wig to 1 is

entirely user dependent. Two sets of WFs obtained by either (5.51b) or (5.52b), result in

the identical control performance for a given value of ωr and ζr.
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Figure 5.5: Variation of weighting factors against resonant bandwidth with wig set to 1 at
fs = 10 kHz: (Top) wic; (Bottom) wvf.
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Figure 5.6: Variation of weighting factors against resonant bandwidth with wic set to 1 at
fs = 10 kHz: (Top) wvf; (Bottom) wig.

5.6.2 Variation against Resonant Bandwidth ωr

This section examines the variation of WFs against the resonant bandwidth ωr of

the controller. The parameters of the LCL plant used to calculate the WFs are listed in

Table 5.1. Base values ares converted into their per unit equivalents using Table 5.2. The

filter parameters are calculated according to the criteria presented in [255].

The resonant bandwidth ωr is varied from 0 to fs/2 (Nyquist limit), for four values

of damping ratios ζr = [0.7 ,0.8, 0.9, 1]. The WFs can be calculated according to two

cases as mentioned in the prior subsection. For Case I, wig is set to 1, the variation of

remaining two WFs (wic, wvf) for four damping ratios are shown in Fig. 5.5. It can be

seen that, for bandwidths below the resonance frequency (ωp) of the LCL filter, both wic
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and wvf have negative values and become increasingly negative as the bandwidth

approaches ωp. Conversely, for bandwidths higher than the resonance frequency of filter,

these WFs attain positive values. A magnitude reversal of WFs from negative to positive

can be seen around the vicinity of ωp, which can be attributed to resonance phenomenon

of LCL filter. Next, we will consider Case II in which wic = 1. The variation of remaining

two WFs (wvf, wig) against ωr for four damping ratios are shown in Fig. 5.6. For ωr below

ωp, wig is negative for all values of ζr, while wvf remains positive. For ωr higher than ωp,

wig is positive and increases as controller bandwidth approaches the upper maximum limit

of fs/2 as dictated by the Nyquist criteria. It can be seen that it is preferable to use Case

II, since the WFs exhibit a logarithmic increase with ωr, and do not suffer from the

phenomenon of magnitude reversal as in Case I.

5.6.3 Variation against Sampling Time Ts

The evolution of WFs with the controller bandwidth is dependent on the sampling

time Ts as well. Only Case II (wic = 1), is considered since the variation of WFs with ωr

is more prominent than Case I. In the first analysis, the sampling frequency is decreased

from its rated value to half the rated value (fs = 5 kHz), the results for which are shown in

Fig. 5.7. It can be seen that compared to Fig. 5.6, envelope of evolution for both wvf and

wig remains unchanged, while the magnitude of WFs is decreased. Next, the sampling

frequency is increased to fs = 15 kHz from the rated value of fs = 10 kHz, the results for

which are shown in Fig. 5.8. Similar to the first case, the envelope of evolution remains

the same, however, the magnitude of the WFs is now increased. Note that the Nyquist

limit of controller bandwidth being dependent on the sampling time is varied both in Fig.

5.7 and Fig. 5.8.

5.7 Guidelines for Pole-Placement of Observer

Guidelines for pole-placement of the observer follows similar procedure as the

controller. The discrete-time poles of the observer defined in (5.31) are mapped through

its continuous-time counterpart (s+αod)(s
2 + 2ζorωor + ω2

or). The real pole αod of observer
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Figure 5.7: Variation of weighting factors against resonant bandwidth with wic set to 1 at
fs = 5 kHz: (Top) wvf; (Bottom) wig.
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Figure 5.8: Variation of weighting factors against resonant bandwidth with wic set to 1 at
fs = 15 kHz: (Top) wvf; (Bottom) wig.

determining the dominant dynamics is placed at infinity or equivalently mapped to 0 (βo1

= 0) in the discrete-time domain. The discrete-time complex conjugate poles (βo2, βo2)

determined via ζor and ωor are placed twice as fast as the resonant poles of the controller.

Therefore, providing guidelines for tuning of the observer as αod = ∞ with ωor = 2ωr and

damping ratio ζor = 0.707...1.

5.8 Hardware-in-the-loop Verification

In order to verify the validity of the closed-form expressions, HIL simulations are

conducted by deploying the plant model (consisting of 2L-VSC, LCL filter and the 3φ

electrical grid) on PLECS RTBOX 3 with a discretization step size of TP
s = 6 µs, while
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Table 5.3: Optimal Control Parameters

Observer Controller

Parameters Value Parameters Value

αod 0 αd 0

ωor 2ωr (rad/s) ωr 2π1485 (rad/s)

ζor 0.707 ζr 1

the controller is implemented on TI TMS320F28379D DSP (Clock frequency: 200 MHz)

with a Ts = 100 µs as shown in Fig. 5.9. A 1 GHz/6.25 GS/s Tektronix MSO58

oscilloscope is used to measure experimental waveforms from the RTBOX 3 with

Tektronix 1 GHz TPP1000 voltage probes. The LCL filter parameters are listed in Table

5.1, with the bode plot for open loop response of the LCL filter shown in Fig. 5.10. A

resonance peak can be observed at the filter resonance frequency ωp. The open loop poles

of the LCL filter in z-domain are shown in Fig. 5.11 in blue. In order to test the efficacy

of the current controller individually, the dc-link is modeled as a stiff voltage source. The

control parameters used to tune the observer gains are listed in Table 5.3.
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Figure 5.9: Hardware-in-the-loop test bench realized in the laboratory by PLECS RTBOX3
and TI TMS320F28379D DSP.
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Figure 5.10: Open loop frequency response of the LCL filter. (Top) Magnitude plot; (Bot-
tom) Phase plot.
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Figure 5.11: Pole-zero map: Open loop poles are shown in blue, closed-loop poles calculated
using non-optimal WFsW1 = diag[0.09, 0.002, 1] are shown in black (ζr = 0.6), while closed-
loop poles calculated by optimal WFs W opt = diag[0.13438,0.00420,1] are shown in red (ζr
= 1).

5.8.1 Steady-State Test Results

In order to test the steady-state performance of the controller under rated load

conditions, initially the WFs are calculated by trial and error approach. To achieve unity

power factor operation, the references for reactive power transfer is set to 0 (Q∗ = 0).

According to Case I defined in Section 5.6.1, the WF to regulate the grid-side current is

set to 1. The selected WFs W1 = diag[0.09, 0.002, 1] lead to a bandwidth of ωr = 2π1485

rad/s (24.7 p.u.) with a non-ideal damping ratio of ζr = 0.6. The poles obtained from

selection of these WF are shown in black in Fig. 5.11. The steady-state simulation results

obtained by the selection of these WFs are shown in Fig. 5.12. The figure shows in

abc-frame the grid voltages, grid-side currents, active and reactive power delivered to the

grid. The THD of the grid-side currents is 1.5% at rated power. It can be seen that the

grid currents are in phase in with grid voltages leading to unity power factor operation.

The placement of the closed-loop poles can be optimized by moving the poles

towards region of increased damping. The bandwidth of the resonant pole pair is kept

unchanged at ωr = 2π1485 rad/s, while the damping ratio is now set to ζr = 1. If Case I is

considered, the WFs can be calculated according to the procedure presented in Fig. 5.4.

The optimal WFs are found to be W opt = diag[0.13438, 0.00420, 1]. Since the effect of
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Figure 5.12: Steady-state results at rated test conditions using W1 = diag(0.09, 0.002, 1).
Grid voltages (Ch1, Ch3, Ch7: 50 V/div) , grid-side currents (Ch5, Ch6, Ch8: 5 A/div),
active power (Ch4: 715 W/div), and reactive power (Ch2: 715 VAR/div).

increased damping ratio will be visible during the transient conditions, the steady state

results of the system will remain unchanged, and look identical to Fig. 5.12. The poles

obtained from selection of W opt are shown in red with a double pole pair on the real-axis

in Fig. 5.11. It is intuitive to understand that a resonant double pole pair on the real axis

should provide increased damping, and consequently, increased stability of the control

loop. It can also be seen that, it is not straightforward to arrive at W opt via trial and

error procedure. Additionally, W opt being a function of plant parameters, will vary from

one LCL design to another. Since the plant parameter tend to change over time due to,

e.g., ageing and degradation, W opt will require re-tuning in order to maintain the desired

closed-loop response. It is evident that using the presented closed-form expressions and

guidelines, desired closed-loop response can be obtained independent of the LCL design,

and variation in plant parameters.

5.8.2 Transient Test Results

In this section, the dynamic behavior of the controller is analyzed using

non-optimal W1 and W opt. Initially, W opt are used and a step in P ∗ is applied from 0.5

p.u. to 1 p.u. at time t = 0 s, as shown in Fig. 5.13. The plot on the top shows the

measured grid voltages in abc-frame, grid-side currents in abc-frame, along with

instantaneous active and reactive powers at the bottom.
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Figure 5.13: Transient results using W opt with step in active power from P ∗ = 0.5 p.u.
to P ∗ = 1 p.u.: (Top) Measured grid-side currents along with references in αβ frame.
(Bottom) Instantaneous active and reactive power along with references.

In order to compare the differences in transient performance using non-optimal

W1 and optimal W opt WFs, HIL simulations are conducted considering four different

scenarios: 1) Step in P ∗ from 0.5 p.u. to 1 p.u. with Q∗ = 0; 2) Step in P ∗ from 1 p.u. to

0.5 p.u. with Q∗ = 0; 3) Step in Q∗ from 0.5 p.u. to 1 p.u. with P ∗ = 0; 4) Step in Q∗

from 1 p.u. to 0.5 p.u. with P ∗ = 0. The results for four cases under consideration are

shown in Fig. 5.14, with P/Q resulting from W1 shown in red, and P/Q determined from

W opt shown in black. It can be seen that for all cases, the bandwidth of the step response

remains unchanged, regardless if W1 or W opt is used. However, the oscillations in active

and reactive powers during the transients are clearly more damped in the case where WFs

were calculated using ζr = 1 or W opt, thus, proving the efficacy of the proposed method.

Since, the presented approach limits the overvoltages and/or overcurrents during

transients, hardware damage to the components can be avoided (limited), thus, increasing

the lifetime of the system.
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(a)

(b)

(c)

(d)

Figure 5.14: Transient performance comparison of optimal W opt against non optimal W1

under four scenarios: (a) Step in P ∗ from 0.5 p.u. to 1 p.u. with Q∗ = 0; (b) Step in P ∗

from 1 p.u. to 0.5 p.u. with Q∗ = 0; (c) Step in Q∗ from 0.5 p.u. to 1 p.u. with P ∗ = 0;
(d) Step in Q∗ from 1 p.u. to 0.5 p.u. with P ∗ = 0.
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Table 5.4: Grid current THD variation against Lg

Lg

100 µH 800 µH 1.6 mH 2.4 mH 3.2 mH

īg THD (%) 1.57 1.64 1.73 1.93 4

5.8.3 Performance Under Grid Inductance Variation

Stability and performance of grid-connected converters interfaced via an LCL filter

is subject to degradation under weak grid condition and background harmonics [256]. A

sliding discrete Fourier transform (SDFT) approach was proposed in [257], to mitigate the

effects of distorted and unbalanced grid conditions, however, the effect of external grid

inductance variation was not studied. In this section, the performance of the predictive

controller is evaluated under the influence of varying grid impedance. Assuming a purely

stiff grid (Lg = 0), the controller is tuned using W opt. Steady-state results at rated active

power (in AFE mode) for the grid-side currents under stiff (Lg = 100 µH), and weak grid

(Lg = 3.2 mH) conditions are shown in Fig. 5.15a and Fig. 5.15b, respectively.

Additionally, the FFT analysis conducted on aforementioned waveforms is shown in Fig.

5.15c. It can be seen that even under severely weak grid conditions, the controller

maintains stability, at the cost of increased current THD. The grid current THD for a

range of Lg values is shown in Table 5.4. It can be seen that for a wide range of Lg

variation, grid-side currents THD remain within the acceptable limits.

The root loci plots of the closed-loop system under the aforementioned grid

impedance variation values are shown in Fig. 5.16. Fig. 5.16a is obtained using W1

(non-optimal WFs), while Fig. 5.16b exhibits root loci obtained using W opt (optimal

WFs). The poles resulting from using Lg = 100 µH are shown in blue, while the poles

obtained from using Lg = 3.2 mH are shown in orange. The movement of the poles as a

result of Lg variation are indicated with arrows. From Fig. 5.16a it can be seen that as Lg

is increased, the resonant poles move towards the real axis indicating increased damping

of the closed-loop system. Comparatively in Fig. 5.16b, the resonant poles are already

well damped, lying on the real axis. However, due to grid-side inductance mismatch, a

double pole pair is no longer formed, and the poles are seen split apart on the real axis.
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(a) Lg = 100 µH

(b) Lg = 3.2 mH

(c)

Figure 5.15: Steady state results for īg under: (a) Lg = 100 µH; (b) Lg = 3.2 mH; (c) FFT
analysis.

As Lg is increased, the resonant pole pair move further away from each other while

keeping the maximum damping ratio ζr of 1. The root loci plots confirm the

aforementioned steady-state results that as Lg is varied, the system remains stable,

however the steady-state performance suffers from an increased THD.

In the aforementioned analysis, the continuous-time modeling of the filter is

performed by assuming a purely stiff grid or equivalently Lg = 0. This represents the

worst case condition in terms of WF determination as the grid inductance is assumed

unknown. Even under this scenario, the controller exhibits strong robustness to grid

mismatch as the THD of the grid-side currents remain within acceptable limits (< 2%) up
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Table 5.5: Grid current THD variation against Lg for various cases discussed in Section
V-C

Controller Param. Plant Param.

Lfg (mH) ˆ̄Lg (mH) L
′

fg (mH) Lg (mH) īg THD (%)

Case 1 2.3 1.0 3.3 1.0 1.31

Case 2 2.3 1.0 3.3 0.5 1.32

Case 3 2.3 1.0 3.3 1.5 1.37

Case 4 2.3 0 2.3 1.0 1.68

until Lg = 2.4 mH as shown in Table 5.4. If Lg is estimated via an embedded estimation

algorithm such as the one presented in [258], the grid-side inductance can be modified to

include the effect of estimated inductance as L
′

fg = Lfg + ˆ̄Lg where ˆ̄Lg is the estimated

grid inductance in the controller. Assuming ˆ̄Lg = 1 mH, the modified grid-side inductance

L
′

fg = 3.3 mH is used to recalculate the WFs considering ωr = 2π1485 rad/s and ζr = 1

using Case I resulting in W ∗ = diag[0.04138, 0.00129, 1]. The controller uses modified

grid-side inductance L
′

fg for reference generation and observer implementation as well. The

following cases are formulated for analysis:

1. Case 1: Plant grid inductance is equal to estimated controller grid inductance, i.e.,

Lg = 1 mH.

2. Case 2: Plant grid inductance is 50% less than its nominal value, i.e., Lg = 0.5 mH.

3. Case 3: Plant grid inductance is 50% more than its nominal value, i.e., Lg = 1.5 mH.

4. Case 4: The WFs are modified back to W opt thus neglecting the effect of external

grid inductance whereas the plant grid inductance is set equal to 1 mH.

HIL simulations are conducted by applying a step change in power reference from P ∗ =

0.5 p.u. to 1 p.u. for the aforementioned cases, the results for which are shown in Fig.

5.17. For comparison, Fig. 5.18 is provided that overlays these results on top of each

other. Additionally, the THD of the grid-side currents are measured in steady-state at

rated power reference (in AFE mode) which are shown in Table 5.5.
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Figure 5.16: (a) Root locus plot using non-optimal W1. Poles shown in blue are resulting
from Lg = 100 µH, while the poles in orange are resultant of using Lg = 3.2 mH. (b) Root
locus plot using optimal W opt. Poles shown in blue are resulting from Lg = 100 µH, while
the poles in orange are resultant of using Lg = 3.2 mH. The trajectory of poles as Lg is
varied is indicated with arrows. Zeros lying outside of unit circle on negative real axis are
not shown.
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(a) Case 1

(b) Case 2

(c) Case 3

(d) Case 4

Figure 5.17: Transient performance during grid inductance mismatch. Grid voltages (Ch1,
Ch3, Ch7: 50 V/div), grid-side currents (Ch5, Ch6, Ch8: 5 A/div), active power (Ch4: 715
W/div), and reactive power (Ch2: 715 VAR/div).
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Figure 5.18: Transient performance under step change in active power from P ∗ = 0.5 p.u.
to P ∗ = 1 p.u. for cases discussed in Section 5.8.3

.

The following statements can be inferred from these results: First, variation in Lg

has an negligible impact on the transient performance of the controller as shown in Fig.

5.18. Second, comparison of cases 1-3 in Table 5.5 indicates that the variation in external

grid inductance from its nominal value of Lg = 1 mH does not significantly impact the

grid-side current THD indicating robustness. Third, in case 4 where the external grid

inductance is not incorporated in the controller, the THD of the grid-side currents is

increased in comparison to cases 1-3.

5.8.4 Performance Under Variation in Resonant Bandwidth

To test the effects of variation in resonant bandwidth, HIL simulations were

performed by tuning the WFs with four different values of ωr = 2πfs [1/5, 1/10, 1/15,

1/20] assuming ζr = 1 for all cases. During re-tuning of the controller, the bandwidth of

the observer was held constant at ωor = 2×2πfs/5 and ζor = 0.707. Performance of the

controller was evaluated under both the steady-state and transient conditions. From the

steady-state tests conducted at rated test conditions, it is found that the THD of the

grid-side current increases as the resonant bandwidth is decreased as shown in Fig. 5.19.

It is evident that THD is minimized if the resonant bandwidth is kept between ωr =

2πfs/10 - 2πfs/5, therefore, providing guidelines for tuning of this controller.
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Figure 5.19: Variation of īg THD against resonant bandwidth ωr for ζr = 1 at rated test
conditions (AFE mode).

5.8.5 Performance Under Weighting Factor Mismatch

This section evaluates the effects of weighting factor mismatch in the controller.

Optimal WFs W opt calculated in subsection 5.8.1 are used as a benchmark. The WFs are

increased and decreased by 20 % from the optimal values thus providing the

over-estimated case of W2 = diag[0.16125, 0.00504, 1] and under-estimated case of W3 =

diag[0.10750, 0.00336, 1]. The transient results for step change in active power reference

from 0.5 p.u. to 1 p.u. are shown in Fig. 5.20 for all the aforementioned cases. The figure

depicts igα, igβ along with the instantaneous active power delivered to the grid. It can be

seen that mismatch in the WFs has a negligible effect on the steady-state performance of

the controller. However, the transient performance is slightly affected as the non-optimal

placement of closed-loop poles can impact the damping of the closed-loop system.

5.9 Conclusion

This chapter discusses a generalized analytical tuning procedure for a continuous

control set (indirect) model predictive controller for voltage sourced converters (VSCs)

connected to the grid via an LCL filter. Tuning factors act as control gains that shape the

steady-state and dynamic response of the closed-loop system. The control law is

formulated by taking the derivative of the cost function with respect to the converter

voltages in stationary reference frame. Once the closed-loop dynamics of the system are

obtained, analytical equations are derived that relate the discrete-time LCL plant
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(a) igα

(b) igβ

(c) Instantaneous active power

Figure 5.20: Transient results under step change in active power for weighting factors
mismatch in the controller.

parameters with desired closed-loop poles of the system in the z-domain. Compared to

empirical/artificial intelligence based tuning techniques, the presented method provides

fast and accurate tuning of weighing factors with the option of offline or online

applicability. The control approach is verified through hardware-in-the-loop (HIL)

simulations by deploying the plant (including the converter, LCL filter and the grid) on

PLECS RTBOX3 and the controller on an external TI DSP. It is found that the controller

performance is susceptible to placement of the resonant pole pair. Therefore, tuning

guidelines are provided that satisfy the requirements of fast dynamic response, accurate

steady-state performance and minimum grid current distortions. The presented controller
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exhibits robustness and stability under wide range of grid inductance variation. As such,

it can be applied for control of VSCs under weak grid conditions such as in microgrid

applications.

5.10 Summary

• Model predictive control simplifies the control loop design for multi-input

multi-output systems such as the LCL filter by taking into account multiple control

objectives such as reference tracking of voltages/currents within a cost function.

Minimization of the cost function yields the optimal converter voltage vector to be

applied to the PWM modulator. The weighting factors act as tuning gains that

shape the response of the controller. Weighting factors are usually determined by

trial-and-error procedure which is tedious, time consuming and requires multiple

simulation iterations.

• A weighting factor tuning procedure for continuous control set model predictive

controlled grid-tied converters with an output LCL filter was presented in this

chapter. The tuning procedure is based on derivation of analytical closed-form

expressions developed in discrete-time domain that directly relate discrete-time LCL

plant parameters to closed-loop pole locations in z-domain. The method can be

implemented either online or offline and provides accurate, fast tuning of weighing

factors, thereby eliminating the need to run multiple simulations.

• Through hardware-in-the-loop (HIL) simulations it is found that the control

performance is susceptible to the placement of resonant poles. Tuning guidelines are

provided in this chapter for optimal placement of closed-loop poles with an aim to

minimize the grid current THD.

• Optimal placement of the poles minimizes the voltage and current overshoots during

transient conditions, thereby extending the lifetime of converter components.
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• It was shown that the presented tuning approach is stable under a wide range of grid

inductance variation, therefore, it can be applied for control of voltage source

converters under weak grid conditions such as in microgrid applications.

• Through HIL verification, it was found that the presented approach is stable under

weighting factor mismatch upto 20%, thereby, proving the robustness of the control

system.
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CHAPTER 6
FINITE CONTROL SET MODEL PREDICTIVE CONTROL OF

MULTILEVEL VOLTAGE SOURCE CONVERTERS

6.1 Introduction

This chapter of the dissertation is based on the work that is published in IEEE

Applied Power Electronics Conference and Exposition (APEC) 2021 [213] by the author.

6.2 Conventional 5L-Flying Capacitor Multilevel Converter

The finite control set modulated model predictive control (FCSM2PC) scheme of

5L-FCMC converter is shown in Fig. 6.1. The figure shows a single-phase 5L-FCMC

connected to an LC fiter with the inductance Lf and capacitance Cf. The angular

resonance frequency of LC filter is denoted by ωp = 1/
√
LfCf. The converter voltage

output is denoted by vc, the current through the inductor is denoted by ic, the voltage

across the filter capacitor is denoted by vf, the current through the filter capacitor is

denoted by if while the load current is denoted by io respectively. The load current io

could be linear/non-linear or a mix of both depending on the load conditions. The figure

also depicts the control blocks of the FCSM2PC controller. The sensed variables used for

control are shown in red and include the DC-link voltage VDC and filter capacitor voltage

vf. Note that the filter capacitor is connected across the neutral-point (NP), formed by

splitting the DC-link as shown in Fig. 6.1.
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Figure 6.1: Single-phase 5L-FCMC converter with finite control set-modulated model pre-
dictive controller (FCSM2PC). Sampled variables are shown in red.
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6.3 Continuous-Time Modeling of LC Filter

In this section, the state-space continuous-time model of the LC filter is derived

from the differential equations of the LC filter. A lossless filter (parasitic resistances of the

filter components are neglected) is assumed as it pertains to the worst case scenario in

terms of resonance damping. The differential equations of the filter in continuous-time

domain are given as,

dvf(t)

dt
=

1

Cf
ic(t)−

1

Cf
io(t) (6.1)

dic(t)

dt
= − 1

Lf
vf(t) +

1

Lf
vc(t) (6.2)

where ic(t) = if(t) + io(t) (6.3)

Neglecting the time variable t and assuming that the continuous-time state vector is

selected as xc =
[

vf, ic

]T

the state-space equations are,

dxc

dt
=




0 1

Cf

− 1
Lf

0





︸ ︷︷ ︸

Ac

xc +




0

1
Lf





︸ ︷︷ ︸

Bc

vc +




− 1

Cf

0





︸ ︷︷ ︸

Bg

io (6.4)

vf =
[

1 0

]

︸ ︷︷ ︸

Cc

xc (6.5)

6.4 Exact Discrete-Time Modeling of LC Filter

A hold-equivalent discrete-time model of the LC filter can be derived by exact

discretization of continuous-time state-space equations defined in (6.4) and (6.5). The

sampling frequency fs is equal to the switching frequency fsw of the converter and the filter

parameters, load current io as well as the applied converter voltage vc are assumed

constant within the sampling period Ts = 1/fs. The exact discrete-time model of the
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converter is given as,

xd(k + 1) = Φdxd(k) + Γcvc(k) + Γgio(k) (6.6)

vf(k) = Ccxd(k) (6.7)

where ic(k) = if(k) + io(k) (6.8)

where xd(k) =
[

vf(k), ic(k)

]T

is the discrete-time state vector and k is the discrete-time

index. The closed-form definition of system matrices are given as,

Φd = eAcTs =




Φd11 Φd12

Φd21 Φd22



 =






cos(ωpTs)
sin(ωpTs)

ωpCf

−ωpCf sin(ωpTs) cos(ωpTs)




 (6.9a)

Γc =

∫
Ts

0
eAcτBcdτ =




Γc1

Γc2



 =






1− cos(ωpTs)

sin(ωpTs)

ωpLf




 (6.9b)

Γg =

∫
Ts

0
eAcτBgdτ =




Γg1

Γg2



 =






−sin(ωpTs)

ωpCf

1− cos(ωpTs)




 (6.9c)

6.4.1 Current-Sensorless Discrete-Time Model

It can be seen from (6.6) that prediction of capacitor voltages to instant (k+1)

requires information of capacitor voltage vf(k), converter current ic(k) and the load

current io(k). Load current io(k) acts a disturbance is the state-space model and is

typically unknown in a VSI application. It can be sensed at the cost of additional current

sensor or in order to reduce the system cost can be estimated via an observer [173,259].

Using only vf(k) without sensing either the ic(k) or io(k), it is not possible to design a

single current observer to observe the two currents. To alleviate this issue, the dynamic

model can be reconstructed by converting both the inductor current and load current in

terms of capacitor current if(k).

In order to make the control completely current-sensorless, the discrete-time model

presented in (6.6) can be modified to remove the dependence on the load current [259].

From the closed-form expressions presented above it can be seen that Φd12 = - Γg1.
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Replacing the modification in (6.6) gives,

vf(k + 1) = Φd11vf(k) + Φd12if(k) + Γc1vc(k) (6.10)

where if(k) = ic(k)− io(k) is the capacitor current.

It can be deduced from (6.10) that for prediction of capacitor voltage vf to instant

(k+1), the measurement of ic(k) and measurement/estimation of io(k) can be eliminated

by only measuring the capacitor current if(k). The model simplification results in the

following benefits:

1. Reduced number of sensors.

2. Reduced computational complexity.

It is to be noted that since (6.10) is an exact simplification of (6.6), the predictive precision

and performance of the original system is retained. The aforementioned current-sensorless

model can be also be derived from dynamics of the capacitor and LC filter as,

dvf
dt

=
1

Cf
ic (6.11)

dif
dt

=
dic
dt

− dio
dt

(6.12)

If the sampling time is chosen much smaller than the load current dynamics, the load

current can be assumed constant, i.e.,
dio
dt

= 0. Hence the (6.12) reduces to,

dif
dt

=
dic
dt

=
1

Lf
(vc − vf) (6.13)

The continuous-time dynamics of the reconstructed model are expressed as,

dxe

dt
=




0 1

Cf

− 1
Lf

0





︸ ︷︷ ︸

Ac

xe +




0

1
Lf





︸ ︷︷ ︸

Bc

vc (6.14)

vf =
[

1 0

]

︸ ︷︷ ︸

Cc

xe
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where xe =
[

vf, if

]T

is modified continuous-time state-vector. Note that the plant matrices

are identical to the ones in (6.4). Therefore, discrete-time system matrices obtained via

exact discretization of (6.14) will also be identical to the one in unmodified discrete-time

LC filter model (6.9a) and (6.9b) as,

xm(k + 1) = Φdxm(k) + Γcvc(k) (6.15)

vf(k) = Ccxm(k) (6.16)

where xm(k) =
[

vf(k), if(k)

]T

is the modified discrete-time state vector. It can be deduced

from (6.15) by rewriting the state variables in terms of xm(k), the dependence of the io(k)

in prediction of vf(k + 1) can be eliminated, thereby making it possible to design a

capacitor current observer by only sensing the capacitor voltage.

6.4.2 Full Order Luenberger Observer Design

In this section, a full-order luenberger observer is designed to estimate the

discrete-time state-vector xm(k). The dynamics of the observer are given as,

x̂m(k + 1) = Φdx̂m(k) + Γcvc(k) +Ko(vf(k)− v̂f(k)) (6.17)

where Ko =
[

ko1,ko2

]T

is the observer gain matrix. The characteristic polynomial of the

estimation-error dynamics is,

d(z) = det(zI2×2 −Φd +KoCc) (6.18)

and the desired characteristic polynomial is given as,

d(z) = (z − β1)(z − β2) (6.19)

d(z) = z2 − (β1 + β2)z + β1β2 (6.20)
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where β1, β2 are the desired closed-loop pole locations. The determinant given in (6.18)

can be expressed as,

d(z) = z2 + (ko2 − Φd11 − Φd22)z + (ko1Φd21 +Φd11Φd22 − ko2Φd11 − Φd12Φd21) (6.21)

Equating (6.21) with (6.20) we obtain the following closed-form expressions that directly

relate the observer gains with system parameters and desired closed-loop pole locations,

ko1 =
Φd11(Φd11 − β1 − β2) + Φd12Φd21 + β1β2

Φd21
(6.22)

ko2 = Φd11 +Φd22 − β1 − β2

6.4.3 Guidelines for Pole-Placement

The placement of closed-loop observer poles can be accomplished with direct pole

placement using the aforementioned closed-form expressions. Observer pole location are

first specified in continuous-time domain and then mapped to discrete-time domain via

mapping z = esTs . The dynamics of the observer in continuous-time domain are expressed

as (s2 + 2ζorωor + ω2
or), where ωor defines the angular radian frequency and ζor defines the

damping ratio. The discrete-time root locations are then found by the transformation: β1,

β2 = exp((−ζor ± j
√

1− ζ2or)ωorTs).

A deadbeat observer can be designed by setting ωor = ∞ and ζor = 1. Such

measures leads to an observer that provides the fastest possible tracking, however the

performance is subject to degradation due to system noise. To obtain a good performance

between dynamic response and noise rejection capability, the damping ratio is set between

ζor = 0.707...1, while the radian frequency ωor defining the observer bandwidth should be

set at least twice as high as the resonance frequency ωp of the LC filter, i.e., ωor = 2ωp.
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6.5 Finite Control Set Model Predictive Control of FCMC

6.5.1 Conventional Current-Mode Control

This section discusses the implementation of a finite control model predictive

control (FCSMPC) or direct MPC on flying capacitor multilevel converters. Direct MPC

(DMPC) is a powerful digital control technique that offers several advantages that make it

suitable for optimal control of multilevel converters. Lezana et al., in [260] presented the

first implementation of DMPC on a 3φ 4L-FCMC where the primary objective was the

current control of an RL-load. To generate a multilevel output, the regulation of the flying

capacitors voltages was performed by quadratic penalization of error terms within the cost

function (CF). For a 5L-FCMC presented in Fig. 6.1 the equivalent cost function is given

as,

J(k) = (i∗c(k + 1)− ic(k + 1))2 +W1(v
∗
f2(k + 1)− vf2(k + 1))2

+W2(v
∗
f3(k + 1)− vf3(k + 1))2 +W3(v

∗
f4(k + 1)− vf4(k + 1))2

(6.23)

where (*) above the respective variable denotes their references and W1, W2 and W3 are

the weighting factors associated with regulation of flying capacitor voltages. The

prediction of flying capacitor voltages are obtained from trapezoidal discretization of

capacitor dynamics as,

vf2(k + 1) = vf2(k) +
Ts

2C2
(ic(k + 1) + ic(k))(S1a(k)− S2a(k)) (6.24)

vf3(k + 1) = vf3(k) +
Ts

2C3
(ic(k + 1) + ic(k))(S2a(k)− S3a(k)) (6.25)

vf4(k + 1) = vf4(k) +
Ts

2C4
(ic(k + 1) + ic(k))(S3a(k)− S4a(k)) (6.26)

Sxa where x ∈ {1, 2, 3, 4} denotes the switching states of the FCMC that are iterated upon

by the FCSMPC algorithm to detect the state that minimizes the CF in (6.23). This

particular state is then applied for an entire sampling period Ts at the end of the

computation cycle.
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It can be seen that the conventional current control of a 5L-FCMC requires at

least 4 sensors for operation, namely, 1 current sensor for measurement of ic and 3 voltage

sensors for regulation of flying capacitor’s C2, C3 and C4. As the number of flying

capacitor cells increase, the number of voltage sensors required for implementation of

FCSMPC increase as well there by increasing the system cost.

6.5.2 Delay Compensation

In order to improve the closed-loop performance of the model predictive control

system, a two step-ahead delay compensation scheme (Np = 2) presented in [261] is

adopted here. Under this premise, the cost function defined in (6.23) is modified to,

J(k) = (i∗c(k + 2)− ic(k + 2))2 +W1(v
∗
f2(k + 2)− vf2(k + 2))2

+W2(v
∗
f3(k + 2)− vf3(k + 2))2 +W3(v

∗
f4(k + 2)− vf4(k + 2))2

(6.27)

Comparing (6.27) to (6.23), we can see that cost function optimization is now performed

at time instant (k + 2) instead of (k + 1). The optimal converter voltage to be applied to

the converter at the end of calculation step k is thus vc(k + 1) instead of vc(k).

6.5.3 Reference Extrapolation

Two-step ahead delay compensation scheme requires extrapolation of filter voltage

reference to time instant (k + 2) as well. For extrapolation of single phase sinusoidal

signals, Langrange extrapolation can be used as described in [4]. The method estimates

the future values of control variables on the basis of past and present sampled values.

One-step ahead and two-step ahead extrapolation functions for an arbitrary signal x∗(k)

are given as,

x∗(k + 1) = 4x∗(k)− 6x∗(k − 1) + 4x∗(k − 2)− x∗(k − 3) (6.28)

x∗(k + 2) = 10x∗(k)− 20x∗(k − 1) + 15x∗(k − 2)− 4x∗(k − 3) (6.29)
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Figure 6.2: Extrapolation of an sinusoidal 1φ reference signal with a step change in magni-
tude from 0.5 p.u. to 1 p.u. at t = 25 ms using Ts = 500 µs and ω∗ = 2π50 rad/s.

The extrapolation a sinusoidal reference signal to Np = 1 and Np = 2 using Ts =

500 µs, ω∗ = 2π50 rad/s for a step change in magnitude from 0.5 p.u. to 1 p.u. is shown

in Fig. 6.2. As it can be seen in Fig. 6.2, the method generates unnecessary spikes during

step change in reference control variable. These spikes can lead to high dv/dt in the

converter output voltage. If high performance is desired, the voltage angle extrapolation

method discussed in Section 5.5.6 for 3φ systems can be implemented, in which a-phase

extrapolated signals can be isolated for implementation in 1φ systems.

6.5.4 Voltage-Mode Control

This work builds upon the work presented in [260] by proposing a voltage-mode

control of a 5L-FCMC for a VSI application utilizing the FCSMPC framework. The

primary control objective is sinusoidal regulation of filter capacitor voltages regardless of

the load current profile. The CF is given as,

J(k) = (v∗f (k + 1)− vf(k + 1))2 +W1(v
∗
c2(k + 1)− vc2(k + 1))2

+W2(v
∗
c3(k + 1)− vc3(k + 1))2 +W3(v

∗
c4(k + 1)− vc4(k + 1))2

(6.30)

As described in Section 6.5.1, prediction of flying capacitor voltages to instant

(k + 1) requires knowledge of converter output current ic(k). Therefore, in comparison to

current-control of FCMC, the voltage-mode FCSMPC control of 5L-FCMC converter

requires an additional voltage sensor for sensing vf(k) thus bringing the total to 5. The
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Table 6.1: Switching states of a 5L-FCMC with output converter voltage matrix.

State
Switching States

vc,MAT
S1a S2a S3a S4a

0 1 1 1 1 0.5VDC

1 0 0 0 0 -0.5VDC

2

1 1 1 0

0.25VDC
1 1 0 1

1 0 1 1

0 1 1 1

3

1 0 0 0

−0.25VDC
0 1 0 0

0 0 1 0

0 0 0 1

4

1 1 0 0

0

1 0 0 1

0 1 0 1

0 1 1 0

0 0 1 1

1 0 1 0

work presented in the subsequent section aims to minimize the number of sensors required

for operation.

6.6 Modulated Voltage-Mode Predictive Controller

If the goal is to operate the converter with minimum sensors (just a single voltage

sensor sensing vf(k) with no additional current sensors), then conventional FCSMPC

algorithm cannot be utilized to guarantee the balancing flying capacitor voltages and

consequently generate a multilevel converter output. This works proposes a control

algorithm for voltage-mode control of a 5L-FCMC with minimum sensors which

guarantees inherent balancing of flying capacitors while retaining the benefits of

conventional FCSMPC such as fast and accurate tracking of reference.
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A flowchart of the finite control set - modulated model predictive control

(FCSM2PC) algorithm is presented in Fig. 6.3. The controller combines the inherently

discrete and simplistic nature of FCSMPC with estimation dynamics of state-space full

order observer presented in Section 6.4.2. The algorithm iterates through all possible

discrete converter output voltages defined in Table 6.1. The output of the control

algorithm is the predicted capacitor voltage v̂f(k + 2) that minimizes the cost function

defined in (6.31). The predicted capacitor voltage v̂f(k+ 2) is then applied to a phase-shift

pulse width modulator (PSPWM) [78–81]. The use of the modulator guarantees natural

balancing of the flying capacitors and thus a 5L converter output voltage. Adopting

one-step ahead delay compensation, the cost function defined in (6.30) simplifies to the

following,

J(k) = (v∗f (k + 2)− v̂f(k + 2))2 (6.31)

The detailed steps for implementation of Fig. 6.3 are as follow,

Step 1. Compute the system matrices Φd and Γc using the presented closed-form

expressions in (6.9a) and (6.9b). Compute the observer gains using the presented

guidelines in (6.22).

Step 2. Sample the filter voltage vf(k).

Step 3. Estimate the state-vector x̂m(k + 1) using x̂m(k), vc(k) and vf(k) via observer in

(6.15).

Step 4. Initialize the optimal cost function variable Jop = ∞.

Step 5. A for loop iterates through all possible candidate switching vectors that can be

generated by the 5L-FCMC as defined in Table 6.1.

Step 6. Iterate through the possible switching vectors by assigning them to vc(k + 1).

Step 7. Compute the state vector x̂m(k + 2) using x̂m(k + 1) and vc(k + 1) in (6.15).

Step 8. Extrapolate the reference converter voltage to instant (k + 2). Evaluate the cost

function J(k) in (6.31).
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Step 9. Compare the evaluated cost function J(k) with Jop.

Step 10. If J(k) < Jop. Save Jop = J(k) and v̂f(k + 2).

Step 11. Check to see if all possible switching vectors have been evaluated.

Step 12. If all candidate vectors have been evaluated, exit the loop. Apply v̂f(k + 2) to the

phase shift pulse width modulator.
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Compute Φd and Γc in (6.9a),
(6.9b) and Ko in (6.22)

Sample vf(k)

Estimate x̂m(k + 1) in (6.15)

Set Jop = ∞

for i = 0 : size(vc,MAT)

Compute vc(k + 1) = vc,MAT(i)

Estimate x̂m(k + 2) in (6.15)
with x̂m(k + 1) and vc(k + 1)

J(k) = (v∗f (k + 2) − v̂f(k + 2))2

if (J(k) < Jop)

Save
Jop = J(k), iop = i, v̂f(k + 2)

if (i == size(vc,MAT))

Apply v̂f(k + 2) to
PSPWM Modulator

{1}

{2}

{3}

{4}

{5}

{6}

{7}

{8}

{9}

Yes

{10}

{11}
No

Yes

{12}

Figure 6.3: Flowchart of modulated voltage-mode FCSMPC control algorithm.
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Figure 6.4: A 10kW GaN based 5L-FCMC prototype [27]. 650V 60 Arms GS66516T GaN
devices (GaN Systems) are mounted on insulated metal substrate (IMS) board on the
bottom with gate drive circuitry, and flying capacitors on standard PCB on the top.

6.7 Experimental Verification

In order to test the efficacy of the proposed FCSM2PC controller, experimental

tests were conducted on a GaN based 10 kW 5L-FCMC shown in Fig. 6.4. GaN switches

(GS66516T) from GaN Systems rated at 650V/60A were utilized with modulation and

control being performed by TMS320F28379D DSP from Texas Instruments [262,263]. The

sampling frequency is set equal to the switching frequency, i.e., fs = fsw. A 100 mΩ power

resistor was connected in series between Cf and neutral-point formed by splitting the

DC-bank via two electrolytic capacitors. Unless stated otherwise, the converter was tested

at peak modulation index of m = 0.95 for all test conditions. The nominal system

parameter adopted for testing are shown in Table 6.2. Base values are converted into per

unit equivalents using Table 5.2. Using the resonance frequency ωp listed in Table 6.2,

observer gains were tuned according to the guidelines presented in Section 6.4.2.

6.7.1 Steady-State Test Results Under Resistive-Inductive Load

In this test, the output of the LC filter was connected to an linear RL load with

RL = 10 Ω and LL = 1 mH to achieve a rated output power transfer Po = 1 kW. The

schematic diagram of the test is shown in Fig. 6.5a. Fig. 6.6 shows the converter output

voltage vc in blue, filter capacitor voltage vf in red and load current io in black.

Additionally, FFT conducted on vf is shown at the bottom. The filter voltage and load
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Table 6.2: Nominal System Parameters

Parameters Value Parameters Value

vf
√
2 70 V (1 p.u.) Lf 20 µH (0.0019 p.u.)

io
√
2 12 A (1 p.u.) Cf 50 µF (0.0740 p.u.)

VDC 200 V (2 p.u.) ωp 2π 5000 rad/s

ωo 2π 60 rad/s [C1 C2 C3 C4] [1.9 1.8 1.7 1.4] µF

fsw 100 kHz Ts 1/fsw = 10 µs

(a) (b)

Figure 6.5: (a) Schematic diagram of linear RL load test; (b) Schematic diagram of non-
linear RLC load test.

current THD are 3.14% and 1.68%, respectively. It can be seen that using the PSPWM,

the voltages of the flying capacitors are well balanced resulting in a 5L-staircase waveform

in the converter output voltage. From the FFT analysis it can be seen that harmonics

around the fundamental frequency fo are well suppressed resulting in a sinusoidal load

voltage.

6.7.2 Steady-State Test Results Under Non-Linear Load

In this section, the converter is tested under non-linear load conditions. A 1φ

diode bridge is connected between output of the filter capacitor and neutral-point of the

DC electrolytic capacitors. The output of the diode rectifier feeds an RLC circuit as

shown in Fig. 6.5b. The parameters of the RLC circuit are adjusted to obtain peak

non-linear load current of ≈ 0.4 p.u. Fig. 6.7 illustrates the steady-state performance of

the converter in which filter voltage waveform is shown in red and load current is shown in

black. The THD of the load current is 127%, while the THD of the filter voltage is now
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Figure 6.6: Experimental Results: (a) Steady-state response of the converter under RL load
at modulation index of m = 0.95. (Top) 5L converter output voltage vc is shown in blue.
Filter capacitor voltage vf is shown in Red; (Bottom) Load current io; (b) FFT analysis of
vf.

increased to 3.3%. The experimental results reveal that the controller is able to maintain

sinusoidal filter voltage even under highly non-linear load conditions.

6.7.3 Transient Test Results

To test the dynamic performance of the controller under transient conditions, the

converter is connected to a linear RL load. The load resistance is adjusted to achieve a

step change in load current from io = 6 Apk (0.5 p.u.) to io = 12 Apk (1 p.u.) at time t =

20 ms, the results for which are shown in Fig. 6.8. The figure shows filter capacitor voltage
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Figure 6.7: Experimental Results: Steady-state performance of the converter under non-
linear load at modulation index of m = 0.95.

vf at the top and load current at the bottom. A step down in load current from 1 p.u. to

0.5 p.u. is then applied at ≈ t = 100 ms. It can be seen that owing to the high bandwidth

of the voltage controller due to the underlying predictive control framework, the filter

capacitor voltage shows negligible distortion during transient load conditions. The

controller adapts to the change immediately with no over/under shoot in the filter voltage.

6.7.4 Performance Under Variation in Controller Parameter Mismatch

A crucial requirement of the predictive controller is to display adaptability and

robustness to parameter variation. Often times modeled plant parameter, vary from their

nominal values due to unaccounted effects such as, saturation, ageing etc. Among the

passive components, capacitors are especially susceptible as their values could change by

almost 50% towards the end of the life cycle. A robust controller should be able to

maintain operation with acceptable performance under these unforeseen events.

In this section, the performance of the controller is evaluated by introducing model

mismatches in the controller discrete-time state-space matrices defined in (6.9a)-(6.9b).

The controller plant parameters are denoted by an overhead symbol (∧) above the

variables, i.e., L̂f and Ĉf. First, model mismatch in introduced in the filter inductance by
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Figure 6.8: Experimental Results: Converter performance under linear load step at modu-
lation index of m = 0.95.

under and over-estimating the inductance values by 30% below and above the nominal

value defined in Table 6.2, while Ĉf is kept constant. The results for this case are shown in

Fig. 6.9a which displays the filter voltage at the top and load current at the bottom. In

the next case, the controller filter capacitance Ĉf is under and over-estimated by 30%,

while the estimated filter inductance L̂f is kept at its nominal value. The results for this

case are shown in Fig. 6.9b. Under all cases of parameter mismatch, the THD of the filter

voltage and load current is similar to the case where plant parameter are modelled

accurately. From these results, it can be inferred that variation in estimated plant

parameters does not significantly impact the closed-loop performance of the controller

indicating robustness.

6.7.5 Performance Under Variation Resonant Bandwidth ωp

Experimental results indicate that the controller performance is sensitive to the

design the LC filter, particularly to the selection of resonance frequency ωp. Typically, the

inductance of the filter is designed to meet a certain current ripple requirement while the

capacitance of the filter is dictated by allowable reactive power flow at rated load

conditions [264]. The use of PSPWM scheme results in the 1st switching frequency
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Figure 6.9: Experimental Results: (a) Performance of the controller under variation in L̂f

with Ĉf = Cf: (Top) vf. (Bottom) io; (b) Performance of the controller under variation in
Ĉf with L̂f = Lf: (Top) vf. (Bottom) io;
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Figure 6.10: Experimental Results: Effect of varying ωp on the filter voltage vf.

harmonic cluster to appear at N times fsw, i.e., fsw,1 = nfsw where n is the no. of levels in

the converter output voltage. For the adopted fsw listed in Table. 6.2, this typically

results in Lf in the range of ten’s of µH. The filter inductance is also limited by the fact

that it is more expensive to use a larger Lf as the resistive losses increase with the increase

in the number of turns. Once current ripple requirement is met by choosing an Lf, the

resonance frequency is set by an appropriate selection of filter capacitor Cf resulting in ωp

typically in the kHz range.

The results of filter voltage vf for various selection of ωp under steady-state linear

load conditions are shown in Fig. 6.10. The filter inductance is kept constant at its

nominal value, while the capacitance is varied to obtain modified resonance frequencies

higher (ω+
p ) and lower (ω−

p ) than the original ωp. The variation in filter capacitance is also

modeled in the controller (Ĉf) as well. As shown in Fig. 6.10, the vf waveform is more

distorted for the case of higher ωp, i.e., ω
+
p . The observer’s bandwidth is dependent on the

ωp and an increase in ωp leads to the observer becoming more sensitive to measurement

noise. Consequently, the distortion in vf and io are increased as well. On the other hand, a

reduction in ωp results in a more sinusoidal vf with reduced noise particularly at the peak

of the modulation as shown in Fig. 6.10. Table 6.3 compares the THD in vf and io for the

cases under evaluation. In case of ω+
p , the THD in vf and io are almost doubled from the

nominal values, while in case of ω−
p the THD is reduced by half. It can be inferred that

the controller performance is highly dependent on observer sensitivity and thus in turn the

filter parameters. As a result, filter components must be chosen appropriately to meet the

application specifications.
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Table 6.3: Evaluation of THD under variation of ωp.

Resonance Frequency vf THD (%) io THD (%)

ω+
p = 1.4ωp 5.94 2.29

ω∗
p = 1.0ωp 3.06 1.68

ω−
p = 0.6ωp 1.46 1.32

Table 6.4: Pros and cons of FCSM2PC over conventional voltage-mode FCSMPC.

Algorithm
Sensors required Switching No. of states Over-current

Voltage sensor Current sensor frequency checked protection

Conventional FCSMPC 4 1 Variable 16 Inherent

FCSM2PC 1 0 Fixed 5 ×

6.7.6 Comparison Against Conventional FCSMPC

The comparison against conventional FCSMPC is carried out by decreasing the

sampling time to fs = 60 kHz (to provide enough time to check all possible converter

states), while the filter parameters employed are given in Table 6.2. The cost function in

case of FCSMPC is given as,

J(k) =(v∗f (k + 2)− vf(k + 2))2 + λ1(v
∗
c2(k)− vc2(k + 2))2

+ λ2(v
∗
c3(k)− vc3(k + 2))2 + λ3(v

∗
c4(k)− vc4(k + 2))2

(6.32)

where λ1, λ2 and λ3 are WFs which accomplish the balancing of flying

capacitors [260]. The results for steady-state operation of the converter driving a 0.5 p.u.

RL load for both the controllers are shown Fig. 6.11. The top figures in both cases show

the converter output voltage (vc) along with the filter capacitor voltage (vf), middle

figures shows the load current (io), while the bottom figures shows the flying capacitor

voltages. It can be seen that the performance of the FCSMPC controller is unsatisfactory

as a consequence of distorted converter output voltage. A stable staircase 5L output

voltage waveform is not generated in this case. Simulation results indicate that increasing

the sampling frequency stabilizes the converter performance, however the converter only
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switches between the 0.5VDC and -0.5VDC states. This is undesirable since it converts a

5L converter into a 2L converter. The cause of this phenomenon is subject to futher

investigation. In comparison, the presented sensorless FCSM2PC algorithm maintains a

5L converter output voltage, while exhibiting stable control performance even under

reduced sampling frequencies.

The table presented in Table 6.4 compares the pros and cons of conventional

voltage-mode FCSMPC with the presented approach. Using FCSM2PC, the number of

sensors required for operation are reduced to just 1. Additionally, owing to the use of the

modulator, the switching frequency of the converter is fixed. This eases the filter design as

an over conservative filter is not required to cover the entire operation range [186]. The

presented controller is also computationally efficient as the number of states checked per

sampling instant is reduced from 16 to 5. The reduction in checked states allows the use of

even shorter sampling time Ts thus improving the filter voltage and current THD. A

drawback of the presented approach is the lack of over-current protection within the MPC

framework. In conventional FCSMPC, since converter current is sensed over-current

limitation can be directly applied by a non-linear saturation block within the cost

function [4]. Such limitation is not possible within FCSM2PC, therefore current limitation

methods such as the one presented in [265] can be used to achieve protection.

6.8 Conclusion

This chapter discusses the formulation of a modulated finite control set model

predictive controller for a single phase 5L flying capacitor multilevel converter (FCMC)

intended to be used as a uninterruptible power supply (UPS). UPS are equipped with a

load side LC filter, in which the control objective is the sinusoidal regulation of filter

capacitor voltage regardless of the load current profile. Implementation of finite control

set model predictive controller to FCMC requires regulation of flying capacitor (FC)

voltages, thereby increasing the system cost due to additional voltage sensors. To alleviate

this issue, the presented control approach incorporates a phase shifted PWM modulator

(PSPWM) in the voltage control loop which inherently guarantees the regulation of FC

voltages to their respective values and results in cost savings. To minimize the system
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Figure 6.11: Experimental results: (a) Operation with FCSMPC controller. (b) Operation
with sensorless FCSM2PC controller. (Top) vc, vf; (Middle) io; (Bottom) Flying capacitor
voltages.

costs even further, current sensing is accomplished by using a full order Luenberger

observer which reduces the sensor requirements to just a single voltage sensor.

Experimental results show that the presented controller maintains high bandwidth

performance under load transients and maintains a sinusoidal voltage profile under highly

non-linear load currents. Comparison with the conventional finite control set model

predictive controller exhibits that the aforementioned controller fails to generate a

multilevel converter output, whereas the presented controller guarantees generation of

multilevel output waveform under varying load conditions.

6.9 Summary

• Voltage source inverters with an output LC filter as an essential component that

form uninterruptible power supplies (UPS) with an aim to high-quality sinusoidal

voltages to critical loads. To increase the power density, the size of the output

passive filter can be reduced by using multilevel converters, e.g., flying capacitor

multilevel converters, and by increasing the switching frequency through the use of

wide-band gap semiconductor devices. However, the control of FCMC converter is
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not trivial and requires additional voltage sensors to regulate the flying capacitor

voltages to maintain multilevel operation.

• As a solution, this chapter has presented a continuous control set model predictive

controller for a five level FCMC that provides fast dynamic response with accurate

reference tracking that only requires a single voltage sensor at the output, thereby

considerably reducing the system cost.

• The proposed controller is tested experimentally against linear and non-linear loads,

and is able to maintain acceptable THD in the filter output voltage.

• Experimental results indicate that conventional finite control set model predictive

control is unable to generate a multilevel output voltage under voltage-mode control,

whereas the proposed controller ensures a stair care five level output voltage.
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CHAPTER 7
CONCLUSIONS, CONTRIBUTIONS AND FUTURE WORK

7.1 Conclusions and Contributions

Wide-band gap (WBG) semiconductor, i.e., SiC and GaN materials can help

realize power converter designs that are incredibly power dense, able to operate at high

junction temperatures, high switching frequency (> 200 kHz), reduced conduction and

switching losses compared to converter designed using conventional Si semiconductor

technology. These power converter designs can find usage in various demanding

applications, such as electric vehicle (EV) power train, more-electric-aircraft (MEA), high

power medical equipment, renewable energy conversion, fast and ultra-fast EV chargers.

The recent decade has seen remarkable strides made towards the electrification of

transportation; a demanding goal to reduce global carbon emissions and hinder global

warming. To this end, several manufacturers, such as Tesla, Audi, Ford etc., have poured

substantial resources to develop efficient EVs for personal, as well as commercial use.

Despite their many advantages over conventional ICE based automotive, widespread EV

adoption is hindered by the fact that limited driving range of EV can cause ”range

anxiety” among the users. A solution to the aforementioned problem, is a vast network of

ultra-fast EV chargers that will reduce the charge times of existing EVs to less than 10

minutes, and thus facilitate a ”refueling” experience similar to one encountered when

driving ICE based automotive. To this end, this dissertation covers the state-of-the-art

power converter topologies presented in the literature, for fast and ultra-fast EV charging

infrastructures. Multilevel converter topologies such as the active neutral-point clamped

(ANPC) converter are well suited for this application owing to their inherent benefits.

Therefore, a part of this dissertation has focused on realizing a WBG based

bidirectional power converter for an offboard ultra-fast EV charger using SiC WBG

technology. The research project is funded by ARPA-E CIRCUITS program under the

title, ”Development of a 1 MW, 1 MHz AC-DC ultra-fast EV charger”. The topology of

the converter presented is a modification of the conventional 3L-ANPC converter in which

three 3L-ANPC cells (each cell is switched at 333 kHz of switching frequency and designed
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to process rated power of 125 kW) are interleaved to increase the rated power per phase

to 333 kW. A three-phase system is thus capable of delivering 1 MW of total power to the

DC port at 1 kV and 1 kA. A novel modulation technique (based on PSPWM) presented

alongside the converter topology allows to shift the first harmonic switching cluster of

converter output voltage to 1 MHz on the AC-side, thereby allowing substantial

miniaturization of the grid-filter size. SiC switches are much faster than conventional Si

semiconductors, therefore optimizing the power loop inductance is crucial to minimize the

overshoots on SiC MOSFETs during transient conditions. The research presented in this

dissertation addresses this problem by providing a thorough review on various high

frequency (HF) commutation loops encountered, when modulating a 3L-ANPC topology.

The nets within a commutation loop are interleaved to maximize the effect of ”cancelling”

mutual inductance, which leads to a reduction in overall power loop inductance.

Experimental results indicate that by adopting the presented guidelines, the maximum

overshoot on the active switches is limited to < 7% at rated load conditions. The

presented converter design achieves a high efficiency of 99.3% at full load. It also provides

an active power density of 945 W/in3, a metric higher than the target of 450 W/in3.

WBG semiconductor technology has also made possible to realize the concept of a

more-electric-aircraft (MEA). Electrification of aircraft is an even more demanding

application than automotive owing to more stringent space and weight constraints, high

altitude operation, lower ambient temperatures (≈ -50 oC at an elevation of 40,000 ft), and

the exposure of onboard equipment to cosmic radiations. A solution to achieve complete

electric propulsion of the aircraft is the development of Integrated Modular Motor Drives

(IMMDs), a concept which combines the electric machine and power electronics into a

single unit, thereby reducing the weight and volume of the complete system.

First, a thorough survey is conducted on existing IMMD topologies presented in

the literature. The dissertation then focuses on the development of a 250 kW IMMD for a

surface mounted permanent magnet machine using GaN WBG semiconductor technology.

An axially stator-mounted IMMD topology is selected since it provides the highest power

density metric at the expense of increased complexity of the thermal management system.

The research project is funded by ARPA-E ASCEND program under the title, ”High
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Power Density Motor Equipped with Additively Manufactured Windings Integrated with

Advanced Cooling and Modular Integrated Power Electronics”. The converter topology

chosen is that of a stacked modular full bridge (FB) converter driving each coil of the

motor individually. Series connection of converters per phase allows division of the total

DC-link voltage, hence each converter processes only a fraction of the total DC-link

voltage. The feature allows the use of low voltage, high current GaN semiconductors with

small footprint to meet the stringent power density requirement. In addition, modular

structure of the converter allows increased flexibility to operate in fault tolerant

conditions. The dissertation presents the design of a single FB converter module to drive

a single coil of the machine. In order to meet the high current requirement, eight discrete

GaN FETs need to paralleled per switch position. The research presented offers design

guidelines taken to ensure simultaneous turn-on and turn-off of switches to obtain

balanced current sharing in static and dynamic operating conditions. Design guidelines

are also provided to optimize the power loop inductance (minimize overshoots on

switches), and for optimal selection of onboard current sensor. An experimental prototype

of the converter module was built that exceeded the desired power density requirement of

14 kW/in3. Experimental results verify the simultaneous turn-on and turn-off of paralleled

switches, where as voltage overshoot on the GaN switches is limited to just < 8 %.

Recent advances in the computation power of embedded systems have allowed the

application of computationally demanding control techniques such as Model predictive

control (MPC) in the field of power electronics. MPC is a non-linear multi-objective

controller that offers several advantages over linear PI controllers such as, ease of control

in MIMO applications, fast dynamic response, identical control performance at reduced

switching frequency (translating to increased efficiency and overload capability of the

system) and such. The second part of the dissertation investigates the state-of-the-art

MPC controllers presented in the literature. Two MPC control approaches were then

presented in the dissertation for crucial power electronic applications. The first

application is that of a grid-tied VSC with an LCL filter, widely used in medium-high

power renewable energy application and as active front-end for motor drives. The

presented controller maintains high control bandwidth, active damping of resonance, fixed
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switching frequency operation, stable operation under a wide range of grid inductance

variation, with minimum current/voltage overshoots during transient conditions. The

effectiveness of control is verified by hardware-in-the-loop (HIL) simulations by deploying

the controller on an external DSP. The second application is that of a 5L-flying capacitor

multilevel converter (FCMC) acting as a VSI with an output LC filter. The presented

controller exploits an explicit PSPWM modulator for fixed switching frequency operation

and inherent flying capacitor voltage balancing, while the MPC framework guarantees a

high bandwidth response, active damping of the filter and fast tracking of reference

voltage. Furthermore, incorporation of a full-order Luenberger observer allows to reduce

the number of sensors to just a single voltage sensor. Comparison of experimental results

against a conventional direct model predictive controller (DMPC) revealed that the

conventional DMPC requires 5 sensors in total, and does not generate a multilevel

converter voltage output when operating in voltage control mode. On the contrary, the

presented controller only requires a single voltage sensor (resulting in cost savings) due to

incorporation of a full-order Luenberger observer, and guarantees a stable 5L converter

voltage output in all load conditions (linear and non-linear). For improved reliability,

multiple voltage sensors can be connected in parallel to provide redundancy and fault

tolerance.

It can be concluded that integrating advanced MPC control techniques with WBG

based power converters can bring forth a new generation of high performance miniaturized

converter designs that will replace complex inefficient structures that run on a

combination of different types of energy, such as hydraulic, pneumatic etc. Furthermore, it

will enable to realization of complex applications that were deemed infeasible by

conventional Si based power converters.
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7.2 My Topic Related Publications

Journals:

1. A Generalized Analytical Tuning Approach for Model Predictive Controlled

Grid-Tied Converters Under Wide Range of Grid Inductance Variation.

2. A New Configuration of Paralleled Modular ANPC Multilevel Converter Controlled

by an Improved Modulation Method for 1MHz, 1MW EV Charger.

Conferences:

1. Limited States Multi-Objective Direct Model Predictive Control of a Grid-Tied

3L-Active Neutral Point Clamped Converter with an LCL Filter.

2. Tuning of Weighing Factors by Direct Pole-Placement for Model Predictive Current

Controlled Grid-Tied Converters with LCL Filter.

3. Design of High Current, High Power Density GaN Based Motor Drive for All

Electric Aircraft Application.

4. Electrothermal Design of a GaN-Based Axially Stator Iron-Mounted Fully

Integrated Modular Motor Drive.

5. State-Space based Current-Sensorless Finite Control Set-Modulated Model

Predictive Control for a 5L-Flying Capacitor Multilevel Converter.

6. Finite Control Set-Modulated Model Predictive Control for a 5L-Flying Capacitor

Multilevel Converter.

7. An optimized phase shifted PWM for flying capacitor multilevel converter.
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APPENDIX A
ACRONYMS AND TERMINOLOGY

A ampere

AC alternating current

ADC analog-to-digital conversion

ADMM alternating direction method of multipliers

AFE active front end

AHM axially housing mounted

ANPC active neutral-point-clamped

APU auxiliary power unit

ARPA-E Advanced Research Projects Agency–Energy

ASD adjustable speed drive

ASM axially stator mounted

ASCEND Aviation-Class Synergistically Cooled Electric-motors with iNtegrated Drives

BB branch-and-bound

BEV battery electric vehicle

BJT bipolar junction transistor

CAD computer aided design

CB-PWM carrier based pulse-width-modulation

CIRCUITS Creating Innovative and Reliable Circuits Using Inventive Topologies and
Semiconductors

CHB cascaded H-bridge

CM common-mode

CMI common-mode current

CMV common-mode voltage

DC direct current

DER distributed energy resource

DG distributed generation

di/dt instantaneous change in current per unit time
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DM differential-mode

DMPC direct model predictive control

DOE U.S. Department of Energy

DPC direct power control

DPT double pulse test

DSP digital signal processor

DTC direct torque control

DUT device under test

dv/dt instantaneous change in voltage per unit time

ECS environment control system

EMC electromagnetic compliance

EMI electromagnetic interference

ESR equivalent series resistance

EV electric vehicle

FB full bridge

FCMC flying capacitor multilevel converter

FCSMPC finite control set model predictive control

FCSM2PC finite control set modulated model predictive control

FET field-effect transistor

FFT Fast Fourier Transform

FOC field oriented control

FOM figure-of-merit

FSI fast serial interface

GaN gallium nitride

GHz giga hertz

GTO gate-turn-off thyristor

HB half bridge

HEV hybrid electric vehicle

HEMT high-electron-mobility transistor
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HF high frequency

HIL hardware-in-the-loop

HV high-voltage

HVDC high voltage direct current

HWB hybrid wing body

ICE internal combustion engine

IEC International Electrotechnical Commission

IEEE Institute of Electrical and Electronic Engineers

IGBT insulated gate bipolar transistor

IMMD integrated modular motor drive

IMPC indirect model predictive control

IMS insulated metal substrate

IP integer problem

JFET junction field-effect transistor

kV kilo-volts

kVA kilo-volt Ampere

KVL Kirchhoff’s Voltage Law

kW kilowatt

kWh kilowatt-hour

LC inductive-capacitive

LCL inductive-capacitive-inductive

LF low frequency

LQR linear quadratic regulator

LUT look-up table

LV low-voltage

MEA more-electric-aircraft

MES main engine start

MIMO multi-input multi-output

(M)IQP mixed integer quadratic programming
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MLC multilevel converter

MLCC multilayer ceramic capacitor

MMC modular multilevel converter

MOSFET metal-oxide semiconductor field-effect transistor

MPI mutual partial inductance

MPC model predictive control

MPPT maximum power point tracking

MVA mega-volt Ampere

MV medium-voltage

MHz mega hertz

MW megawatt

NASA National Aeronautics and Space Administration

NP neutral-point

NPC neutral-point-clamped

NREL National Renewable Energy Laboratory

OPP optimized pulse pattern

PCB printed circuit board

PCC point-of-common coupling

PE power electronics

PEC power electronic converter

PFC power factor correction

PHEV plug-in hybrid electric vehicle

PI proportional-integral

PM permanent magnet

POL point-of-load

PV photovoltaic

PWM pulse-width-modulation

PSPWM phase-shift pulse-width-modulation

QP quadratic programming
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RC resistive-capacitive

RHM radially housing mounted

RL resistive-inductive

RMS root mean square

RSM radially stator mounted

SDFT sliding discrete Fourier Transform

SHE selective harmonic elimination

SISO single-input single-output

Si silicon

SiC silicon-carbide

SPI self partial inductance

SPM surface permanent magnet

SPWM sinusoidal pulse-width-modulation

SRM synchronous reluctance machine

SSE stead-state error

SVM space vector pulse-width-modulation

TeDP turboelectric distributed propulsion

THD total harmonic distortion

TI Texas Instruments

TIM thermal interface material

TPBoR three-phase boost rectifier

TPBuR three-phase buck rectifier

TPSR three-phase swiss rectifier

TPVR three-phase vienna rectifier

TRU transformer rectifier unit

UPS uninterruptible power supply

US United States of America

V volt

VAE voltage angle extrapolation
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VAR volt-ampere reactive

VOC voltage oriented control

VSC voltage-source converter

VSI voltage-source inverter

V2G vehicle-to-grid

W watt

WBG wide band-gap

WTHD weighted total harmonic distortion

ZCS zero current switching

ZVS zero voltage switching
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APPENDIX B
SPECIFICATION AND DESIGNS OF PROTOTYPES

B.1 50 kW Downscale 3L-ANPC Test Setup

A picture of the single-phase 50 kW downscale 3L-ANPC test setup is shown in

Fig. B.1. The setup consist of 18 discrete 1200V/60A CREE C2M0025120D SiC

MOSFETs mounted on the heatsink beneath the power PCB shown in red. The DC-link

PCB busbar consists of 28 CDE SLPX electrolytic capacitors rated at 400V, 820 µF each.

Fig. B.1 also shows high current leg inductors from Würth Elektronik used for

interleaving of the 3L-ANPC converters legs.

Figure B.1: Downscale single-phase 7L ANPC converter test setup (Not to scale). Legend:
1) 3L-ANPC converter cell; 2) 7L single-phase of the proposed converter; 3) Leg inductor
from Würth Elektronik with inductance of Lf = 42 µH; 4) DC-electrolytic capacitor PCB.

B.2 125 kW Full scale 3L-ANPC Test Setup

A figure of the full scale optimized 125 kW 3L-ANPC is shown in Fig. B.2. The

figure shows the low-frequency and high-frequency power supplies along with the

associated gate drivers. The 6 layer, 8 oz per layer PCB busbar designed using ANSYS

Q3D is also shown in the figure. The converter utilizes CREE SiC HT-3213 1200 V/1050

A half-bridge modules mounted directly on the heatsink beneath the PCB busbar.



232

Figure B.2: Optimized 125 kW 3L-ANPC leg of the proposed converter. Legend: 1) 8-layer
6 oz optimized PCB; 2) High voltage decoupling capacitors; 3) Optical gate-driver; 4) Low
frequency gate-drive power supply; 5) High frequency gate-drive power supply; 6) Heatsink;
7) PHASE terminals.

B.3 Full scale 3L-ANPC Gate Driver and Power Supplies

The low-frequency and high-frequency power supplies used to drive the

low-frequency and high-frequency gate drivers of the 125 kW 3L-ANPC converter are

shown in Fig. B.3a and Fig. B.3b, respectively. The low-frequency power supply utilizes a

6W Murata MGJ6D121505WMC-R7 power supply, while the high-frequency power supply

uses a custom 40W half-bridge solution with an inhouse planar transformer for isolation.

Fig. B.3c shows a figure of the optically isolated gate driver (for both HF and LF

half-bridge modules) utilizing TI UCC27150 high isolation single-channel gate driver

optimized to drive SiC MOSFETs.

B.4 Control Card

A dedicated control board is designed to drive the optically isolated gate drivers

for each of the 3L-ANPC converter legs. A figure of the 4 layer/2 oz per layer control

board is shown in Fig. B.4, in which various onboard components can be identified. The

board consists of 72 optical transceivers for PWM outputs and 54 optical receivers for

RTD sensing and fault inputs. In addition, the board contains filtering circuity for

off-board current sensors, and on-board voltage sensors in the form of LEM LV 25-P.
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(a) LF power supply. (b) HF power supply. (c) Gate driver of the opti-
mized 3L-ANPC cell.

Figure B.3: (a) Low-frequency power supply; (b) High-frequency power supply; (c) Gate
driver of the optimized 3L-ANPC cell.

Figure B.4: Control card (Top view): 1) Optical receiver; 2) Optical transceiver; 3) Isolation
circuitry; 4) TMDSCNCD28388D control card.

Control and modulation for each phase is performed by TI TMDSCNCD28388D control

card. Three control cards are connected in parallel and synced through a Fast Serial

Interface (FSI) connection for regulation of the complete three phase system.
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(a) Front view. (b) Back view.

Figure B.5: 16-Layer modular GaN full-bridge converter PCB. Legend: 1) EPC2034C; 2)
Decoupling capacitors; 3) LMG1210 gate driver; 4) ACS37612 current sensor; 5) Temper-
ature sensor; 6) Right half-bridge PHASE output; 7) Left half-bridge PHASE output; 8)
VDC+; 9) GND; 10) Bootstrap diode; 11) Connector.

B.5 14 kW GaN Full-Bridge Test Setup

The front and back view of the 14 kW, 16 layer/2 oz per layer GaN PCB busbar is

shown in Fig. B.5. Various on-onboard components can be identified including 32

EPC2034C GaNFETs, ceramic decoupling capacitors, LMG1210 gate driver and

ACS37612 current sensor.

B.6 14 kW IMMD Communication PCB

The PWM signal generation, ADC sampling for control and protection of

individual motor coils is performed through the communication PCB shown in Fig. B.6.

The +12V DC input voltage is converted into +3.3 and +5 DC output voltages (via

two-phase buck regulator) to drive the on-board microcontroller, and the current sensor

mounted on the GaN PCB. The local on-board microcontroller is a 32-bit TI

TMS320F280049C DSP that performs control, PWM generation and communication with

the master processor.

B.7 10 kW GaN FCMC Test Setup

A figure of the GaN based 10 kW 5L flying capacitor multilevel converter is shown

in Fig. B.7. The converter utilizes 650V 60 Arms GS66516T GaNFETs from GaN
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Figure B.6: Front view of the communication board. Legend: 1) TPS40322RHBR Two-
phase buck regulator; 2) JTAG port; 3) TMS320F280049C DSP; 4) OPA340 op-amp; 5)
16-pin ribbon cable connector.

Figure B.7: A 10 kW GaN based 5L-FCMC prototype [27]. 650V 60 Arms GS66516T
GaN devices (GaN Systems) are mounted on insulated metal substrate (IMS) board on the
bottom with gate drive circuitry, and flying capacitors on standard PCB on the top.

Systems, mounted directly on the single-sided insulated metal substrate (IMS) board

shown in white. The green PCB on the top contains ceramic flying capacitors and

gate-drive circuitry. The gate drive signals are then brought down from the top PCB to

the IMS board via low profile connectors. Such a configuration allows better extraction of

heat from switching devices as the IMS PCB can be directly mounted on a heatsink.

B.8 Breakout Board

The PWM signals to drive the aforementioned GaN FCMC converter are provided

by the breakout board shown in Fig. B.8. The board consists of six on-board LV 25-P
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Figure B.8: Breakout board (Top view): 1) LV 25-P voltage sensor; 2) ACS7301 current
sensor; 3) Optical receiver; 4) Optical transceiver; 5) TI LAUNCHXL-F28379D development
kit.

voltage sensors, six ACS7301 current sensors, 8 ePWM outputs, and 8 optical inputs for

fault detection. Signal conditioning circuitry for isolated RS-232 connection is also present

on the PCB.
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Figure C.1: Tektronix MSO58 oscilloscope.

Figure C.2: Tektronix DPO5054B oscilloscope.

APPENDIX C
EQUIPMENT SPECIFICATIONS FOR EXPERIMENTAL VALIDATION

C.1 Oscilloscope

Tektronix MSO58 oscilloscope was used to perform most of the experimental tests

in this dissertation. The maximum sample rate of this oscilloscope is 6.25 GS/s with a

maximum bandwidth of 1 GHz. The scope has the ability to process data from eight

channels simultaneously.

Another oscilloscope used for test measurements is the Tektronix DPO5054B

oscilloscope. It possess a maximum sample rate of 5 GS/s with a bandwidth of 500 MHz.

The scope has the ability to process data from four channels, simultaneously.
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Figure C.3: Tektronix TPP0850 high bandwidth (800 MHz) single-ended voltage probe.

C.2 Voltage Measurement Probes

C.2.1 Single-Ended Probes

A high voltage single-ended probe are used for voltage measurements for signals

referenced to ground. An example of such a probe is Tektronix TPP0850 shown in Fig.

C.3. This probe was used to measure the drain-source voltage of low side power device

during characterization of CREE HT-3213 SiC half-bridge module in Chapter 3. These

probes have low input capacitance (< 4 pF) to ensure that the probe’s loading effect on

the measured circuit is minimal. An additional reason to use this probe is the low delay

time, which becomes an important variable when determining the switching losses of the

SiC MOSFETs. Using a low bandwidth probe will cause substantial errors during

calculation of switching losses as the delay times of the probe are close to the switching

times of the power device.

C.2.2 Differential Ended Probes

High voltage differential ended probes are used for differential measurement of

signals where none of the signals lie at ground potential. These probes can measure

signals in the kV ranges. They typically posses large common mode rejection (CMMR)
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Figure C.4: Tektronix THDP0200 high bandwidth (200 MHz) high voltage (1.5 kV)
differential-ended voltage probe.

capability which makes them suited for non-ground reference, isolated or floating

measurements. Three different models of differential probes were used to record

waveforms in this dissertation: THDP0100, THDP0200 and TMDP0200. A figure of the

THDP0200 probe is shown in Fig. C.4. The specifications of these probes are:

• Maximum of 200 MHz bandwidth

• Up to 6000 V differential (DC + peak AC)

• Up to 2300 V common (RMS)

C.2.3 Differential Ended Optically Isolated Probe

The Tektronix TIVH08 IsoVu high voltage voltage differential probe provides

complete isolation from the oscilloscope by using fiber optics. The probe uses an

electro-optic sensor that converts the electrical signal from the sensor tip cables to an

optical signal, which electrically isolates the device-under-test from the oscilloscope. The

sensor head, which connects to the test point, has complete electrical isolation and is

powered over the optical fiber as well. The probe posses a bandwidth of 800 MHz with an
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Figure C.5: TIVH08 IsoVu high voltage differential optically isolated probe.

ability to measure voltages up to ±2500 V(DC + peak AC). IsoVu is an ideal solution to

make following measurements:

• Differential measurements in the following conditions:

⋄ Complete galvanic isolation is required.

⋄ High common mode voltage.

⋄ High frequency common mode interference.

• Measurements in high EMI environments.

C.3 Current Measurement Probes

C.3.1 Rogowski Coil

A Rogowski coil, named after Walter Rogowski, is an electrical device for

measuring alternating current (AC) or high-speed current pulses. It consist of a helical

coil of wire with the lead from one returning through the center of the coil to the other

end so that both terminals are at the same end of the coil. The entire assembly is then

wrapped around the straight conductor whose current is to be measured. There is not

metal (iron) core. The winding density, the diameter of the coil and rigidity of the
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Figure C.6: PEM CWT Mini regowski coil for AC current measurement.

winding are critical for preserving immunity to external fields and low sensitivity to the

positioning of the measured conductor. Since the voltage that is induced in the coil is

proportional to the derivative of current in the straight conductor, the output of Rogowski

coil is usually connected to an electrical integrator circuit to provide an output signal that

is proportional the current [266].

Six different Rogowski coils from PEM were used for current measurements

throughout the dissertation:

• LFR 03 3

• CWTUM 1B

• CWTUM 03 B

• CWTMUM 06 B

• CWTMini 3B

• CWTMini HF15B



242

Figure C.7: TCP0150 current probe for AC and DC current measurement.

Figure C.8: W-2-0025-4FC low inductance current shunt for SiC loss characterization.

C.3.2 Current Probe Clamp

Current probe clamp have the capability to measure both AC/DC and AC only

current signals in a non-contact manner. The bandwidth of these probes are upto 120

MHz with current ranges from µA to 2000 A. Tektronix TCP0150 current probe is used

for current measurement throughout this dissertation and is shown in Fig. C.7. The

bandwidth of this probe is 20 MHz and has the capability to measure currents upto 150

Arms.

C.3.3 Shunt Resistor for Current Measurement

sad
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Figure C.9: PLECS RTBox 3 with LaunchPad-XL breakout board used for hardware-in-
the-loop testing.

C.4 Hardware-in-the-loop test setup

C.4.1 PLECS RTBox 3

Hardware-in-the-loop tests are conducted by deploying the plant including the

converter on PLECS RTBox 3 as shown in Fig. C.9. The controller could be either be

deployed on an external LaunchPad interface using TI LAUNCHXL-F28379D

development kit or on external ControlCard interface using TMDSCNCD28379D DSP

shown in Fig. C.10.
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(a) LaunchPad Interface

(b) ControlCard Interface

Figure C.10: PLECS RTBox 3 external interfaces.
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