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ABSTRACT 

This dissertation focuses on the design and implementation of lithium 

niobate (LiNbO3) radiofrequency microelectromechanical (RF-MEMS) oscillators 

for internet-of-things (IoT), 5G and beyond. The dissertation focuses on solving 

two main problems found nowadays in most of  the published works: the narrow 

tuning range and the low operating frequency (sub 3 GHz) acoustic oscillators 

currently deliver. The work introduced here enables wideband voltage-controlled 

MEMS oscillators (VCMOs) needed for emerging applications in IoT. Moreover, 

it enables multi-GHz (above 8 GHz) RF-MEMS oscillators through harnessing 

overmode resonances for 5G and beyond. LiNbO3 resonators characterized by high 

quality factor (Q), high electromechanical coupling (kt
2), and high figure-of-merit 

(FoMRES= Q kt
2) are crucial for building the envisioned high-performance 

oscillators. Those oscillators can be enabled with lower power consumption, wider 

tuning ranges, and a higher frequency of oscillation when compared to other state-

of-the-art (SoA) RF-MEMS oscillators. 

Tackling the tuning range issue, the first VCMO based on the heterogeneous 

integration of a high Q LiNbO3 RF-MEMS resonator and complementary metal 

oxide semiconductor (CMOS) is demonstrated in this dissertation. A LiNbO3 

resonator array with a series resonance of  171.1 MHz, a Q of 410, and a kt
2 of 

12.7% is adopted, while the TSMC 65 nm RF LP CMOS technology is used to 

implement the active circuitry with an active area of 220×70 µm2. Frequency 

tuning of the VCMO is achieved by programming a binary-weighted digital 

capacitor bank and a varactor that are both connected in series to the resonator. The 

measured best phase noise performances of the VCMO are -72 and -153 dBc/Hz at 
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1 kHz and 10 MHz offsets from 178.23 and 175.83 MHz carriers, respectively. The 

VCMO consumes a direct current (DC) of 60 µA from a 1.2 V supply while 

realizing a tuning range of 2.4 MHz (~ 1.4% tuning range). Such VCMOs can be 

applied to enable ultralow-power, low phase noise, and wideband RF synthesis for 

emerging applications in IoT. Moreover, the first VCMO based on LiNbO3 lateral 

overtone bulk acoustic resonator (LOBAR) is demonstrated in this dissertation. The 

LOBAR excites over 30 resonant modes in the range of 100 to 800 MHz with a 

frequency spacing of 20 MHz. The VCMO consists of a LOBAR in a closed-loop 

with two amplification stages and a varactor-embedded tunable LC tank. By the 

bias voltage applied to the varactor, the tank can be tuned to change the closed-loop 

gain and phase responses of the oscillator so that the Barkhausen’s conditions are 

satisfied for the targeted resonant mode. The tank is designed to allow the proposed 

VCMO to lock to any of the ten overtones ranging from 300 to 500 MHz. These 

ten tones are characterized by average Qs of 2100, kt
2 of 1.5%, FoMRES of 31.5 

enabling low phase noise, and low-power oscillators crucial for IoT. Owing to the 

high Qs of the LiNbO3 LOBAR, the measured VCMO shows a close-in phase noise 

of -100 dBc/Hz at 1 kHz offset from a 300 MHz carrier and a noise floor of -153 

dBc/Hz while consuming 9 mW. With further optimization, this VCMO can lead 

to direct RF synthesis for ultra-low-power transceivers in multi-mode IoT nodes.  

Tackling the multi-GHz operation problem, the first Ku-band RF-MEMS 

oscillator utilizing a third antisymmetric overtone (A3) in a LiNbO3 resonator is 

presented in the dissertation. Quarter-wave resonators are used to satisfy the 

Barkhausen’s oscillation conditions for the 3rd overtone while suppressing the 

fundamental and higher-order resonances. The oscillator achieves measured phase 

noise of -70 and -111 dBc/Hz at 1 kHz and 100 kHz offsets from a 12.9 GHz carrier 

while consuming 20 mW of dc power. The oscillator achieves a FoMOSC of 200 dB 

at 100 kHz offset. The achieved oscillation frequency is the highest reported to date 

for a MEMS oscillator. In addition, this dissertation introduces the first X-band RF-

MEMS oscillator built using CMOS technology. The oscillator consists of an 

acoustic resonator in a closed loop with cascaded RF tuned amplifiers (TAs) built 

on TSMC RF GP 65 nm CMOS. The TAs bandpass response, set by on-chip 
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inductors, satisfies Barkhausen's oscillation conditions for A3 only. Two circuit 

variations are implemented. The first is an 8.6 GHz standalone oscillator with a 

source-follower buffer for direct 50 Ω-based measurements. The second is an 

oscillator-divider chain using an on-chip 3-stage divide-by-2 frequency divider for 

a ~1.1 GHz output. The standalone oscillator achieves measured phase noise of -

56, -113, and -135 dBc/Hz at 1 kHz, 100 kHz, and 1 MHz offsets from an 8.6 GHz 

output while consuming 10.2 mW of dc power. The oscillator also attains a FoMOSC 

of 201.6 dB at 100 kHz offset, surpassing the SoA electromagnetic (EM) and RF-

MEMS based oscillators. The oscillator-divider chain produces a phase noise of -

69.4 and -147 dBc/Hz at 1 kHz and 1 MHz offsets from a 1075 MHz output while 

consuming 12 mW of dc power. Its phase noise performance also surpasses the 

SoA L-band phase locked loops (PLLs). The demonstrated performance shows the 

strong potential of microwave acoustic oscillators for 5G frequency synthesis and 

beyond. This work will enable low-power 5G transceivers featuring high speed, 

high sensitivity, and high selectivity in small form factors. 
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CHAPTER 1: INTRODUCTION 

This chapter begins with an overview of the radiofrequency 

microelectromechanical systems (RF-MEMS) market, devices, and applications. 

The focus then shifts to the study of oscillators based on RF-MEMS resonators. 

The motivation behind this dissertation is then discussed, and some design 

specifications for oscillators in general are discussed with an eye towards their 

different wireless applications. The chapter then gives an overview of acoustic 

resonators, their specifications enabling high-performance RF-MEMS oscillators, 

and the state-of-the-art (SoA) RF-MEMS resonators for both single and overtone 

resonances. We later focus on a class of resonators known as lithium niobate 

(LiNbO3) MEMS resonators which are the holy grail of all the oscillator designs 

presented here. Finally, the chapter concludes with an outline of the rest of the 

dissertation. 

1.1 MEMS MARKET OVERVIEW 

Diverse products are envisioned to satisfy consumer needs in many different 

sectors from telecom to automotive, healthcare, and industrial applications. The 

automotive industry is always searching for more safety measures, hence pressure 

sensors for tires and accelerometers are in continuous development. The healthcare 
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industry is always looking for more efficient modes of diagnosis and treatment, and 

hence implantable tiny devices for drug delivery, to-go medical tests, and other 

smart devices are under constant improvement. Nowadays, what is envisioned is 

far from just collecting data from our surroundings, but to efficiently process these 

data, take decisions and mass communicate them through billions of wirelessly 

powered devices. MEMS devices can help in achieving this goal, with their ability 

to sense and actuate different phenomena like temperature, pressure, chemicals, 

light, movement, etc.  

Different varieties of MEMS sensors and their applications can be found in 

[1]-[3]. A smartphone nowadays includes essential MEMS devices like gyroscopes, 

accelerometers, pressure and humidity sensors, and compasses. From the pool of 

applications, this dissertation focuses on RF-MEMS devices and systems that serve 

the telecom industry. RF-MEMS devices can be divided to RF filters, resonators, 

varactors, and switches. Of particular interest are cellular applications such as 5G, 

and other low-power wirelessly powered applications like Internet-of-Things (IoT). 

A forecast for the MEMS industry till 2023 predicts a compounded annual growth 

rate (CAGR) of 21% in the RF-MEMS sector, surpassing the growth expectations 

for other MEMS sectors [1]. This is mainly due to the increase in demand for RF-

MEMS as a solution to many existing issues in the telecommunications industry. 

RF-MEMS (filters, duplexers, switches, varactors) and oscillators (based on RF-

MEMS resonators) are both boosting the MEMS market in CAGR and value. 
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1.2 MOTIVATION AND PROBLEM STATEMENT 

RF synthesizers are the heartbeat of any wireless transceiver. Generating 

frequency-stable wideband RF carriers consumes a significant portion of the power 

budget for battery-powered devices [4]. Therefore, miniature, low-power, low 

phase noise, and wide tuning range RF synthesizers are becoming highly desirable 

for battery-powered transceivers. 

To synthesize spectrally pure RF signals, one can adopt either indirect 

synthesis based on phase-locked loops (PLLs) [5], [6] or directly constructing 

signals digitally for the follow-on digital to analog conversion (DAC) [7], [8]. PLLs 

based on off-chip quartz oscillators (XOs) are the SoA for producing RF carriers 

with superior close-in phase noise. However, their large footprint, low frequency 

of operation, and limited frequency tunability hinder their adoption for IoT [9], 

[10]. On the other hand, direct digital synthesizers provide fast settling time, fine 

frequency resolution, and small area. Yet their high noise floor, large power 

consumption, and spurious nature are challenging for any battery powered IoT 

transceiver.  

One practical method to reduce the size and power consumption of voltage-

controlled oscillators (VCOs), while boosting the spectral purity of the synthesized 

signal, is to replace the conventional LC tanks with high quality factor (Q) MEMS 

or acoustic resonators that can be closely integrated with ICs, unfortunately 

forgoing the great tuning range that comes with silicon LC tanks (~ 20%). To this 

end, Chapter 2 focuses on building microwatts sub-GHz voltage-controlled MEMS 

oscillators (VCMOs) with wide tuning ranges. The chapter reports on the design of 
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a VCMO based on a LiNbO3 RF-MEMS resonator that is integrated with a 65 nm 

CMOS chip [11]. The chapter serves to understand the limitations of the core block 

to build the more exotic systems discussed in Chapter 3. 

As an alternative approach to both PLLs and digital methods of synthesizing 

carriers, direct RF synthesis based on piezoelectric acoustic/MEMS is emerging for 

multi-mode IoT systems due to its potential to deliver low-power, low phase noise, 

and ultrawide tuning range. Hence, Chapter 3 focuses on building a direct RF 

synthesizer based on wideband multi resonances VCMO. This wideband VCMO 

relies on a single acoustic resonator, hence enabling a free XO, and a free PLL 

synthesizer for IoT. The chapter reports on the design of a LiNbO3 overtone VCMO 

exploiting multiple overtones in a single resonator, suited for multi-mode IoT nodes 

[12].  

The above-mentioned projects focus on enabling wideband MEMS 

oscillators for sub-GHz frequencies and understanding where LiNbO3 VCMOs fit 

within the SoA technologies. Currently, the sub-3 GHz frequency bands are too 

congested to meet the ever-increasing data rates and communication speeds 

demanded by many cellular users. The call for higher bandwidths and speeds has 

pushed the 5G radios toward mm-wave frequencies such as 26/28 GHz and 37-43.5 

GHz. Apart from larger bandwidth, 5G wireless transceivers are expected to feature 

higher sensitivity and selectivity while producing longer battery life, all in small 

form factors. To achieve all the above seamlessly, the heartbeat of the transceiver—

namely the frequency synthesizer—must be revolutionized on architecture, circuit, 

and device levels. Local oscillator (LO) noise directly adds to the transceiver noise 
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figure (NF) and worsens the sensitivity while any spurs on LO considerably 

exacerbate the selectivity. To relax the requirements on the sensitivity and 

selectivity of the RF front-end for 5G, the synthesizer phase noise has to be reduced 

via a non-conventional way. One key challenge in implementing high-performance 

chip-scale synthesizers for 5G beyond 6 GHz lies in the lack of high-performance 

miniature resonators that can enable signal generation with minimal phase noise 

and power consumption.  

To this end, the second part of the dissertation focuses on implementing 

multi-GHz LiNbO3 oscillators with frequencies of oscillation above 8 GHz. This 

can be achieved through harnessing overmode resonances in the LiNbO3 thin-film, 

hence enabling high-performance RF synthesizers for 5G and beyond. Chapter 4 

proposes the first Ku-band RF-MEMS oscillator [13], while Chapter 5 proposes the 

first L/X dual-band RF-MEMS synthesizer on a CMOS platform [14]. Both the X 

and Ku band oscillators excite the third antisymmetric overtone (A3) in a LiNbO3 

resonator while suppressing the fundamental resonance. The reported performance 

shows the strong potential of acoustic microwave oscillators to revolutionize the 

5G frequency synthesis. Their main strength lies in offering small form factor and 

long battery life solutions with competitive phase noise results compared to other 

EM oscillators.  

The phenomenal performance of these oscillators owes to the 

groundbreaking figure-of-merit (FOMRES) of the LiNbO3 resonators, as will be 

discussed throughout the dissertation.  
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Fig. 1.1. Main VCMO specifications, P stands for project.  

1.3 SPECIFICATIONS  

 VCMO Specifications 

The main VCMO specifications for wireless communications [15] are 

shown in Fig. 1.1 and are described below. Power consumption, frequency of 

oscillation, tuning range, and phase noise are the main targeted specs in this 

dissertation. As shown in the figure, different projects included in different chapters 

target different specifications.  

The first project (P1), described in Chapter 2, focuses mainly on power 

consumption, and on tuning range needed for ultralow-power IoT nodes. The 

second project (P2), described in Chapter 3, focuses on tuning range, form factor, 

and phase noise to enable free XO and free PLL synthesizers. The third and the 

fourth projects (P3,4), described in Chapters 4 and 5, focus on pushing the 

frequency of oscillation and exploring acoustic oscillators above 8 GHz. 

1.3.1.1 Non-deterministic Frequency Stability: Phase Noise 

Ideally, the frequency spectrum of a single resonance oscillator should 

contain just a single impulse frequency. In reality, the frequency of any oscillator 

shows short-term frequency fluctuation and hence a broadening of the frequency 
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spectrum, which is called phase noise. Phase noise is the ratio of the power in 1 Hz 

bandwidth, a frequency 𝑓𝑚 away from the carrier, to the power in the carrier itself. 

Phase noise negatively affects wireless communications. The close-to-

carrier noise adds directly to the system noise figure by adding noise inside the 

system bandwidth, while the far-from-carrier noise weakens the ability of a receiver 

to attenuate undesired adjacent channel signals. Both should be reduced in a good 

oscillator design. The ratio of single-sideband phase noise density to carrier power 

can be modeled by the first-order linear time-invariant (LTI) classical model shown 

below [16]-[18].  

𝐿(𝑓𝑚) = 10 log10 [
𝐾𝑇𝐹

2𝑃𝑜
(1 +

𝑓𝑐
𝑓𝑚
) (1 +

1

𝑓𝑚2
(
𝑓𝑜
2𝑄𝐿

)
2

)] (1.1) 

where K is Boltzmann’s constant, T is the temperature, F is the oscillator noise 

factor, Po is the oscillation power, fc is the flicker noise corner frequency, fm is the 

offset frequency, fo is the oscillation frequency, and Ql is the loaded quality factor 

of the resonator. Here, fo is assumed to be equal to the resonant frequency fs for a 

high Q resonance.  

Fig. 1.2 shows the four major causes of noise: the up-converted 1/f noise 

(flicker FM noise with fm
-3 slope), the thermal FM noise (with fm

-2 slope), the flicker 

phase noise (with fm
-1 slope), and the thermal noise floor with constant power 

spectral density (PSD). For high Q oscillators such as RF-MEMS oscillators, fo/2Q 

is usually a lower frequency than fc for most of the transistor technologies and MHz 
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carrier frequencies, resulting in masking the fm
-2 region in the phase noise profile 

[17]. 

 
Fig. 1.2. Phase perturbation (Sϴ) and phase noise L(fm) profiles for high Q and low Q oscillators 

[11]. 

Each region of the phase noise curve brings different design challenges. For 

the noise floor, we want to dissipate as much power as possible in the resonator as 

long as it operates in the linear regime (larger Po leads to lower far-out phase noise 

in contrast). Pumping more current in the resonator usually means higher dc power 

consumption of the oscillator. The oscillator core must be designed to remain in 

low-noise operation (low noise factor F) for the design point of the resonator. In 

the close-to-carrier region, the main factor in determining the phase noise of the 

oscillator is the loaded Q of the resonator QL. The phase noise in this region is 

mainly due to the up conversion of 1/f flicker noise of the amplifier. The oscillator 

core bias point, the bias circuit design, and the transistor flicker noise are all 
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significant contributors to the oscillator noise. Finally, the phase noise in the 

intermediate region is ruled by the up conversion of the thermal noise.   

1.3.1.2 Power Dissipation 

The application sets restrictions on power consumption. For example, IoT 

prefers an ultralow-power node with very long battery life. However, a certain 

amount of power consumption is required to generate enough gain inside the 

VCMO loop to sustain oscillations. Moreover, the signal power should be large 

enough to have a large SNR and hence low phase noise, leading to the well-known 

tradeoff between phase noise and power consumption. 

1.3.1.3 Tuning Range 

Tuning range is a very important metric for any frequency synthesizer. For 

many cellular standards, a range of continuous or discrete frequencies needs to be 

generated, rather than just a single carrier. Such tuning range supports multiple 

bands or multiple standards and different user channels.  

1.3.1.4 Frequency Continuity: Spurious Modes 

Intrinsic eigenmodes and mechanical stresses result in multiple spurious 

modes that approach and, in many cases, cross the fundamental frequency resulting 

in dropped packets, loss of GPS lock, and cellular signal errors. 

1.3.1.5 Long-Term Frequency Stability 

In the increasingly popular field of wireless communications, the available 

frequency spectrum is becoming very limited. Regulatory agencies have imposed 
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tight restrictions on bandwidth and frequency stability. These requirements vary 

throughout the spectrum following the intended applications. Factors affecting the 

frequency stability of an oscillator include variations in voltage, time, and 

temperature. Specifications for frequency stability are expressed as the amount of 

the divergence from the nominal operating frequency, usually in terms of a 

percentage or in parts per million (ppm). This spec will not be addressed in the 

dissertation. Other metrics may include startup time, aging, cost, and ruggedness. 

1.3.1.6 Figure-of-Merit of an Oscillator 

Two FoMs are defined for a fair comparison to the literature:   

𝐹𝑜𝑀𝑂𝑆𝐶 = − 𝐿(∆𝑓 ) +  20 𝑙𝑜𝑔 (
𝑓𝑜
 𝑓𝑚
) −  10 𝑙𝑜𝑔 (

𝑃𝐷𝐶
1 𝑚𝑊

 ) (1.2) 

𝐹𝑜𝑀𝑇 =  𝐹𝑜𝑀 + 20 𝑙𝑜𝑔 (
𝐹𝑇𝑅

10
) (1.3) 

where FoMOSC is the oscillator figure of merit, FoMT is the tuning range-based 

figure of merit, Pdc is the oscillator dc power consumption, L(∆f ) is the phase noise 

measured at an offset fm from a carrier fo, and FTR is the fractional tuning range. 

 RF-MEMS Resonator Specifications 

Fig. 1.3 shows the main VCMO targeted specifications (in blue) and the 

resonator specifications (in orange) needed to achieve the oscillator requirements. 

High Q is an important metric to achieve superior close-in phase noise and lower 

power consumption, while the electromechanical coupling (kt
2, the ratio of the 

stored mechanical energy to the stored electrical energy in a resonator) is an 

important specification for wideband VCMOs. Multiplication of both metrics gives  
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Fig. 1.3. RF-MEMS resonator requirements. 

the FoMRES (Q kt
2). High FoMRES is crucial for superior close-in and far-out phase 

noise, lower power consumption, and wide tuning ranges. Also, high FoMRES is a 

key enabler for direct RF synthesis, as will be discussed in Chapter 3, and for 

enabling microwave/mm-wave oscillations, as will be shown in Chapters 4 and 5. 

Detailed analysis of these metrics and how to extract them from the performance 

of a resonator is given below. In summary, high FoM resonators enable the 

following topics addressed in this dissertation:   

1. Microwatts sub-GHz VCMOs with wide tuning ranges  

2. Direct RF synthesis based on wideband multi resonances VCMOs 

3. L/X and Ku-bands low phase noise frequency synthesis 

To represent the RF-MEMS or the acoustic resonator in VCMO circuitry 

and model its performance for a set of specifications, the acoustic device is modeled  
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Fig. 1.4. Frequency response of an acoustic resonator with resonance around 170 MHz. MBVD 

model is shown in the inset. 

using the modified Butterworth–Van Dyke (MBVD) model shown in Fig. 1.4, 

which is well known as the equivalent circuit for acoustic resonators in the electrical 

domain. The MBVD model consists of a motional arm and a static arm. The 

motional arm consists of a motional resistance (Rm), motional inductance (Lm), and 

motional capacitance (Cm). Rm represents the energy dissipation in a resonator while 

Lm and Cm represent the interchangeable mechanical energy storage in a resonator. 

These equivalent parameters can be expressed as [19]: 

𝑅𝑚 =
1

10
𝑌11(𝑓𝑠)
20

=
𝜋2

8

1

2𝜋𝑓𝑠𝐶𝑜

1

𝑄𝑘𝑡
2 (1.4) 

𝐿𝑚 =
𝜋2

8

1

(2𝜋𝑓𝑠)2𝐶𝑜

1

𝑘𝑡
2 (1.5) 
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𝐶𝑚 =
8

𝜋2
𝐶𝑜𝑘𝑡

2 (1.6) 

These three parameters in series form the motional arm with a motional impedance 

Zm given as: 

𝑍𝑚 = 𝑅𝑚 + 𝑗𝜔𝐿𝑚 +
1

𝑗𝜔𝐶𝑚
 (1.7) 

which can also be expressed as a function of frequency pulling p=(ω-ωs)/ωs acted 

on the resonator by the circuit.  

𝑍𝑚 ≈ 𝑅𝑚 + 𝑗
2𝑝

𝜔𝐶𝑚
 (1.8) 

where p is the relative amount of frequency pulling that is above the series resonant 

angular frequency ωs of the resonator [20]. The magnitude of the second term of 

(1.8) is called the effective inductive reactance (ωLe). Solving for the resonance, 

where Zm is real, the series resonance frequency fs can be calculated as:  

𝑓𝑠 =
1

2𝜋√𝐿𝑚𝐶𝑚
 (1.9) 

and the Q at fs is defined as: 

𝑄 =
1

𝑅𝑚
√
𝐿𝑚
𝐶𝑚
   =

𝜔𝑚𝐿𝑚
𝑅𝑚

 (1.10) 

The electrical energy storage in a resonator is in the static capacitance (Co) between 

the IDEs. Hence, the anti-resonance frequency fp can be defined as:  
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𝑓𝑝 = 𝑓𝑠√1 +
𝐶𝑚
𝐶𝑜

 (1.11) 

From (1.9) and (1.11), kt
2 can be extracted as: 

𝑘𝑡
2 ≈

𝜋2

4
(
𝑓𝑝 − 𝑓𝑠

𝑓𝑝
) (1.12) 

These equations are part of the quantitative basis for our earlier emphasis 

that high kt
2, high Q, and high FoM are essential for achieving high tuning range, 

low phase noise, and low power consumption—all concurrently. The correlation 

between tuning range and kt
2 will be explained in Chapter 2. Because a smaller Rm 

leads a smaller impedance at series resonance, less gain is required for loss 

compensation in the oscillator, leading to a lower noise floor. Hence, a resonator 

should be designed with a large FoMRES and sufficient Co at the design frequency. 

The latter requirement on Co, along with achieving a spurious-free response over 

the targeted tuning range, will be also discussed in Chapter 2.  

The FoM of a resonator is collectively determined by the piezoelectric and 

acoustic properties of the comprising materials, device design, and fabrication 

process. The material properties set the ultimate limits on the maximum kt
2 and Q 

that can be achieved, while an optimized design and fabrication process allows the 

measured response to approach the limits as closely as possible.   
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1.4 STATE-OF-THE-ART MEMS RESONATORS/OSCILLATORS 

 Single Resonances  

RF-MEMS resonators based on either electrostatic or piezoelectric 

transduction have been investigated in the last decade for the purpose of enabling 

high-performance oscillators. For instance, oscillators based on capacitive 

resonators have been reported with very high Q values (>40,000), which are the 

key for attaining a good close-in phase noise performance [21]-[25]. However, they 

exhibit a large motional resistance Rm in the range of several kΩ due to their limited 

kt
2. This limited coupling negatively affects the phase noise floor and significantly 

reduces the oscillator maximum tuning range. Although recent work has shown a 

motional resistance Rm less than 1 kΩ [24] by enhancing kt
2, high dc polarization 

voltages, vacuum operation, and ultra-small gap spacing between the electrodes are 

required, particularly for the very high frequency (VHF) and ultra-high frequency 

(UHF) ranges. More importantly, Rm close to kΩ in these works is still large for 

interfacing with the low-power RF circuitry. Only recently have researchers 

succeeded at reducing the Rm of capacitive resonators to 54 Ω at 60 MHz [25] via 

a complicated fabrication process. Nonetheless, the coupling factor reported is only 

1.62%, which is not best suited to implement VCMOs with large frequency tuning 

ranges.  

As an alternative, resonators based on piezoelectric transduction such as 

thin-film bulk acoustic wave resonators (FBARs) [26]-[33] and surface acoustic 

wave resonators (SAWs) [34], [35] have been studied for enabling wideband 

VCMOs [30]-[31]. SAW resonators are characterized by their high kt
2 of 10%.  
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Nonetheless, they have moderate Q and limited scalability to higher frequencies 

(over 2 GHz) because of the energy leakage to the substrate and the comparatively 

low acoustic velocity, respectively. On the other hand, FBARs, which typically 

feature a kt
2 of 6.5%, have been successfully employed to enable low phase noise 

VCMOs with wider tuning ranges. However, their thickness-mode vibrations make 

it challenging to integrate multi-frequency resonators on the same substrate. 

Consequently, it is difficult to attain an even wider tuning range via switching in 

different resonators [36]. 

To overcome the lack of on-wafer frequency diversity while attaining low 

Rm and high tuning range, the resonant MEMS research community has been 

focusing on developing devices with lithographically definable resonant 

frequencies via exploiting several high kt
2 acoustic modes that are also sensitive to 

the lateral dimensions of the resonator. Different piezoelectric materials, including 

aluminum nitride (AlN) [36]-[38], AlN-on-Si [39]-[42], AlN-on-silica [43], 

gallium nitride [44], [45], lead zirconate titanate (PZT) [46], and zinc oxide-on-

silicon (ZnO-on-Si) [47], have been investigated for a category of devices dubbed 

as contour mode resonators (CMRs) or laterally vibrating resonators (LVRs). 

Among these materials, PZT features the highest kt
2. However, the moderate 

Q and high loss tangent of PZT LVRs are nonideal for implementing low phase 

noise oscillators [48]. Alternatively, reactively sputtered AlN has been successfully 

used to build high Q CMRs. VCMOs based on AlN CMRs have been reported with 

power consumption of 47 µW [37] and 6.9 mW [38]. However, their small 

electromechanical coupling (kt
2 < 2%) limits their tuning ranges to 611 ppm and 
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1500 ppm at center frequencies of 204 and 1500 MHz, respectively. Fig. 1.5 

summarizes the main SoA acoustic resonator technologies with their pros and cons. 

 
Fig. 1.5. State-of-the-art RF-MEMS resonators. 

 
Fig. 1.6. Lithium niobate contour mode resonator. 

To further advance LVRs with the simultaneously higher kt
2 and Q desired 

by the next-generation radio frequency synthesizers and filters, LiNbO3 LVRs were 

recently studied and have shown great potential for enabling low phase noise 

wideband VCMOs due to their unique capability to attain simultaneously high Q 

(>1000) and high kt
2 (>20%) [49]-[60]. Their high Q can ensure low phase noise 

performance while their large kt
2 permits wideband VCMOs. However, there has 

been no study on implementing high-performance VCMOs to harness the high FoM 
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of LiNbO3 LVRs. Fig. 1.6 lists the several advantages of LiNbO3 in enabling high-

performance oscillators when compared to the other technologies shown in Fig. 1.5. 

 Multi Resonances   

Unfortunately, LVRs to date are typically designed to produce a single 

resonance, thus limiting the tuning range of  an oscillator to about 1.4% [60]. 

Although switching between many LVRs within an oscillator can extend the range 

[61]-[64], such an approach is prone to fabrication yield issues and higher costs. 

On the other hand, using a single resonator with multi resonances can help to reduce 

parallelism without sacrificing performance. For this reason, researchers have 

explored dual-mode MEMS resonators [65], [66] and, more recently, lateral 

overtone bulk acoustic resonators (LOBARs) leveraging the equally spaced 

harmonics in the LiNbO3 thin-film cavity. In contrast to its predecessors—namely, 

high overtone bulk acoustic resonators (HBARs) [67]-[71] and LOBARs based on 

AlN [72]-[75]—LiNbO3 LOBARs [76]-[78] have shown much higher FoMs for 

multiple equally-spaced resonances, surpassing the SoA. Hence, overmoding a 

LiNbO3 LVR can give rise to a more advanced direct RF synthesis. 

1.5 LITHIUM NIOBATE RF-MEMS RESONATORS 

 

LiNbO3 is a piezoelectric material that only recently became available in a 

thin-film form with single-crystal quality owing to crystal ion slicing technology 

[79], [80]. The access to LiNbO3 thin films has created new possibilities for 

building high Q chip-scale acoustic resonators and filters needed in RF wireless 

transceivers. Apart from its piezoelectricity, LiNbO3 is an anisotropic material that 
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supports the propagation of several acoustic modes with varying degrees of 

electromechanical coupling in the X, Y, and Z cut planes. Among these cuts, X-cut 

is normally chosen for building LVRs as it allows the propagation of the lateral S0 

[49], [50], [55] and SH0 [51], [53] modes at RF with a large kt
2. Apart from X-cut 

LiNbO3, Z-cut LiNbO3 has also attracted major interest as it offers large kt
2 for A1 

modes at super-high frequencies (SHF) and promising Qs [56], [81]. Fig. 1.7 shows 

the different acoustic mode shapes discussed. LiNbO3 resonators used in P1 and P2, 

described in Chapters 2 and 3 respectively, excite shear horizontal modes. 

Antisymmetric modes are excited in the resonators that are used in P3 and P4, 

described in Chapters 4 and 5, for multi-GHz operation. 

 
Fig. 1.7. Different acoustic modes. Courtesy of Ruochen Lu. 

1.6 DISSERTATION ORGANIZATION 

The dissertation is organized as follows: Chapter 2 discusses building a 

tunable low-power oscillator based on high Q LiNbO3 RF MEMS resonators and 

65 nm CMOS. Chapter 3 focuses on building a wideband oscillator exploiting 

multiple resonances in overtone LiNbO3 RF-MEMS resonator. Chapter 4 focuses 

on building a Ku-band pierce oscillator utilizing the third antisymteric overtone in 
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a LiNbO3 RF MEMS resonator. Chapter 5 discuses building a dual L/X-band RF-

MEMS oscillator using 65 nm CMOS. Finally, Chapter 6 summarizes the work 

done and proposes some future work and directions for the dissertation.  
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PART I: WIDEBAND RF-MEMS OSCILLATORS 
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CHAPTER 2: A TUNABLE LOW-POWER OSCILLATOR 

BASED ON HIGH Q LITHIUM NIOBATE MEMS 

RESONATORS AND 65 nm CMOS 

 

2.1 INTRODUCTION 

This chapter focuses on our first project, microwatts sub-GHz VCMOs with 

wide tuning ranges. It reports on the design of a VCMO based on a LiNbO3 

resonator that is integrated with a 65 nm CMOS chip. The chapter presents a 

comprehensive guide to co-design piezoelectric RF-MEMS resonators and CMOS 

for enabling VCMOs that harness the best benefits out of both platforms. The 

analysis, focusing on understanding the different tradeoffs between tuning range, 

power consumption, gain and phase noise, is generic to any kind of piezoelectric 

resonator and specific for Colpitts VCMOs. As a result of this study, a VCMO 

based on the heterogeneous integration of a high Q LiNbO3 resonator and CMOS 

has been demonstrated. A LiNbO3 resonator array with a series resonance of  171.1 

MHz, a Q of 410, and an electromechanically coupling factor of 12.7% is adopted, 

while the TSMC 65 nm RF LP CMOS technology is used to implement the 

feedback and tuning circuitry with an active area of 220×70 µm2. The frequency 

tuning of the VCMO is achieved by programming a binary-weighted digital 
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capacitor bank and a varactor that are both connected in series to the resonator. The 

measured best phase noise performances of the VCMO are -72 and -153 dBc/Hz at 

1 kHz and 10 MHz offsets from 178.23 and 175.83 MHz carriers, respectively. The 

VCMO consumes a DC of 60 µA from a 1.2 V supply while realizing a tuning 

range of 2.4 MHz (~ 1.4% tuning range), thereby approaching the 3-3.5% tuning 

range required for accessing many allocated Industrial, Scientific and Medical 

(ISM) frequency bands [32]. Such VCMOs can be applied to enable ultralow-

power, low phase noise, and wideband RF signal synthesis for emerging 

applications in IoT.  

The rest of the chapter is organized as follows: Section 2.2 first discusses 

the design of a LiNbO3 resonator in the context of using it later to implement a 

VCMO for IoT applications. Section 2.3 then focuses on the design and simulated 

performance of our VCMO. Section 2.4 reports on the measurement results. 

Finally, Section 2.5 summarizes the chapter. 

2.2 LITHIUM NIOBATE RESONATORS FOR LOW-POWER IoT  

 SH0 LiNbO3 Arrayed RF-MEMS Resonators 

As discussed in Chapter 1, large kt
2 is crucial for achieving a significant 

potential tuning range of frequency, while a high FoM is essential for low phase 

noise and low power consumption of VCMOs required in low-power wireless 

transceivers. Therefore, we focus on the SH0 mode resonators oriented −10° to −Y 

axis in X-cut LiNbO3 in this chapter since they have been demonstrated with the 

largest kt
2 and the highest FoM among all types of LVRs [52]. 
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Fig. 2.1. (a) Schematic of an SH0 LiNbO3 LVR array used in this study. (b) MBVD model for the 

resonator [11]. 

The schematic of the LiNbO3 device used in this dissertation is shown in 

Fig. 2.1(a). Different from a conventional LVR, the device in Fig. 2.1(a) consists 

of a LiNbO3 LVR array made of identical resonators. Each resonator in the array is 

formed by a pair of interdigitated electrodes (IDEs) on top of a suspended LiNbO3 

plate. Provided that the resonators in the array are truly identical, the array 

electrically behaves the same as a larger resonator that has the same resonant 

frequency as each comprising resonator [55]. The reasons for using an array, 

instead of a single LVR, will be explained in Section 2.2.3. For each LVR in the 

array, the pair of IDEs is alternatingly connected to signal and ground, prompting 

a time-varying E-field in the film. Through the high piezoelectric coupling 

coefficients of LiNbO3, E-field launches SH0 mode acoustic waves along both the 

longitudinal and transverse directions, and forms standing waves at the resonances 

of various orders due to the reflections at the boundaries of the cavity. The intended 

series resonant frequency of the resonator, fs, is set by the IDE pitch (Wp) and 

overall length of the resonator (L) as given in (2.1).  
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𝑓𝑠 = 𝑣√
1

(2𝑊𝑝)2
+

1

(2𝐿)2
≈

𝑣

2𝑊𝑝
 (2.1) 

where 𝑣 is the acoustic wave phase velocity. Multiple resonant frequencies on the 

same substrate can be achieved by choosing various LVR pitches and lengths, thus 

enabling on-wafer frequency diversity.  

To enable a VCMO with low power consumption, low phase noise, and 

high tuning range, the resonator is designed to aim for a FoMRES more than 75 with 

Q larger than 500 and kt
2 greater than 15%. To achieve an Rm of 50 Ω at fs of 170 

MHz, the Co is set to 0.3 pF. These values will be used to analyze the tuning 

mechanism in the next subsection. 

 Frequency Tuning Mechanism  

With access to a high FoM resonator, the next challenge in implementing a 

high-performance VCMO is to tune its frequency. To achieve a wide tuning range 

without punishing trade-offs is particularly difficult because there are no effective 

ways to significantly change the series and anti-resonances of a MEMS resonator. 

Several mechanisms have been explored, such as capacitive tuning [82] and thermal 

tuning [83]. However, these techniques either consume significant power or 

provide very limited tuning ranges. They are only beneficial for environmental 

corrections or frequency stabilization of a frequency reference oscillator.  

Tuning a resonator via electric boundary reconfiguration [84] has been 

investigated for LiNbO3 LVRs and showed a tuning range of 3%. However, the 

resonator Q drops greatly in tuning, which degrades the phase noise profile of the 
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envisioned VCMO. Instead of tuning a single resonator, another method to gain 

wide coverage of the RF spectrum could be done by networking a bank of 

monolithic fixed-frequency MEMS resonators in an electrically programmable 

matrix in which RF switches are used for frequency selection [61]-[63]. The major 

limitation of this system, in addition to not being continuous in frequency tuning, 

is the need for many resonators which inadvertently increases the form factor and 

the cost of the transceiver.  

 
Fig. 2.2. Simulated resonance tuning using a series varactor Cv with decreasing capacitance values 

[11]. 

As shown in Fig. 2.2, the approach in this dissertation is to use a high kt
2 

LiNbO3 resonator in combination with a high Q varactor. As the capacitance of the 
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varactor is tuned, the resonance of the tank is also tuned. The tank here refers to the 

combination of the resonator and the varactor. A series connection results in the 

tuning of the series resonance fs of the tank, while a parallel connection leads to the 

tuning of the anti-resonance fp of the tank. In both cases, the tuned resonance moves 

closer to the other resonance.  

Series tuning changes the series-resonant frequency of the tank with 

minimal effect on the tank loaded quality factor (QT) [40], which is given as 

follows: 

𝑄𝑇 ≈
𝑄𝑟𝑒𝑠

1 +
1

𝜔𝑄𝑣𝐶𝑣𝑅𝑚

= 
𝑅𝑚

𝑅𝑚 + 𝑅𝑠
𝑄𝑟𝑒𝑠 (2.2) 

where Qv is the varactor quality factor, Cv is the varactor capacitance, Rs is the series 

resistance of the varactor, and Qres is the unloaded Q of the resonator. The tuned 

tank series resonance is given by: 

𝑓𝑡 = 𝑓𝑠√(1 +
𝐶𝑚

𝐶𝑜 + 𝐶𝑣
) (2.3) 

The smaller the capacitance Cv added in series to the resonator, the higher 

the tank series resonance, ft. Note that the anti-resonance of the tank remains 

unchanged in tuning. When Cv = 0, ft is tuned to fp as given in (1.11). On the other 

hand, when Cv is very large, ft is tuned to fs as given in (1.9). Hence, the maximum 

tuning range is limited to the bandwidth between the series and parallel resonances, 

which is ultimately set by kt
2. The maximum fractional tuning bandwidth (FTBW) 

of the tank can thus be given as: 
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𝐹𝑇𝐵𝑊𝑚𝑎𝑥 =
𝑓𝑝 − 𝑓𝑠

𝑓𝑠
≈
𝐶𝑚
2𝐶𝑜

=
4

𝜋2
𝑘𝑡
2 (2.4) 

As the capacitance of the varactor decreases, the tank input resistance at the 

tank series resonance, Rt, also increases. Thus, a lower overall Q is expected in the 

process of tuning the tank frequency as shown in Fig. 2.2. This extra loss must be 

compensated by increasing the closed loop gain of the oscillator as the VCMO 

tunes. The gain compensation circuitry is used for this purpose and will be 

explained in detail in Section 2.3.2. The actual tank FTBW attained in 

implementation is a function of kt
2, Co, and Cv values, and is given as follows:  

𝐹𝑇𝐵𝑊 = √1 +
8𝑘𝑡

2/𝜋2

1 + 𝐶𝑣
𝑚𝑖𝑛/𝐶𝑜

−√1 +
8𝑘𝑡

2/𝜋2

1 + 𝐶𝑣
𝑚𝑎𝑥/𝐶𝑜

≈
4𝑘𝑡

2

𝜋2
𝐶𝑜(𝐶𝑣

𝑚𝑎𝑥 − 𝐶𝑣
𝑚𝑖𝑛)

(𝐶𝑜 + 𝐶𝑣
𝑚𝑖𝑛)(𝐶𝑜 + 𝐶𝑣

𝑚𝑎𝑥)
  

(2.5) 

where  𝐶𝑣
𝑚𝑎𝑥 and 𝐶𝑣

𝑚𝑖𝑛 are the maximum and the minimum varactor capacitance, 

respectively.  

Fig. 2.3 shows the effect of the varactor tuning range on the tank FTBW at 

different kt
2 values. A larger kt

2 and a larger varactor tuning range (difference 

between  𝐶𝑣
𝑚𝑎𝑥  and  𝐶𝑣

𝑚𝑖𝑛 ) translate to a larger FTBW. Since the motional 

capacitance of the used LVR is quite small (Cm = 37.5 fF), any noticeable tuning 

would require a very small series varactor (<100 fF) as shown in Fig. 2.3. Note that 

the tank tuning range does not equate the oscillator tuning range, which is 

susceptible to other limiting factors that, in addition to the tank FTBW, include 
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circuit capacitive loading, and power consumption. This topic will be further 

discussed in Section 2.3.3. 

 
Fig. 2.3. Fractional tuning bandwidth of the tank [11]. 

 Spurious-Free Response in the Tuning Range  

Due to the large kt
2, conventional LiNbO3 LVRs are typically plagued with 

different kinds of spurious modes. These spurious modes severely degrade the 

performance of the oscillators as their presence in the frequency spectrum could be 

mixed with different RF signals in the subsequent stages of the transceiver. 

Moreover, as the oscillator tunes, it might lock to a spurious mode rather than the 

intended mode. As a result, an abrupt frequency shift might occur during the tuning 

of a VCMO. The spurious modes in LVRs originate from several sources, such as 
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higher-order symmetric overtones [50], asymmetric wave propagation [85], 

acoustic wave interaction with bus lines and anchors [85], and transversely guided 

standing waves [86]. Several techniques for removing spurious modes in the AlN 

[85]-[88] and LiNbO3 [51], [89]-[91] LVRs have been studied and have shown 

favorable results. However, demonstrating a wideband (>5%) spurious-free LVR 

is still challenging. 

A resonator with a minimum number of interdigitated electrodes (N=2) 

would attenuate higher-order transverse modes and hence create a larger spurious-

free tuning range for wideband oscillators and RF filters [92], [93]. However, using 

a two-electrode design to suppress spurious modes would reduce the static 

capacitance (Co) for a given device length. Co is determined by the width, 

overlapping length, and pitch of the IDEs. It is one of the vital factors for achieving 

a low motional resistance (Rm) as mentioned earlier. To compensate for the loss of 

the static capacitance from a reduced N, an array of parallel-connected two-

electrode resonators can be employed. 

Assuming all two-electrode resonators in the array have the same 

resonance, the response of the array should feature the same resonance as an 

individual resonator in the array but with a higher static capacitance Co. Dummy 

electrodes were employed in the resonators on the edges to ensure structure 

symmetry and identical resonances for all parallel resonators. It is expected that 

arraying multiple resonators to mitigate spurious modes should have a minor impact 

on the kt
2 attained for the intended mode.  
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In addition to mitigating transverse modes, arraying can help in reducing 

the susceptibility of the tuning range to parasitics. The feedthrough capacitance (Cf) 

between the signal probing pads and the ground lines is typically measured using 

an on-chip test structure with probing pads and grounding lines identical to the 

fabricated resonators except for the absence of the metal IDEs [49]. It is important 

to point out that the MEMS resonator performance is typically reported with the 

effect of Cf de-embedded [50], [51]. A large Cf reduces the spectral spacing between 

the series and anti-resonances enabled by the large kt
2 [59]. According to (2.6), a 

larger Co/Cf ratio in this chapter [60], [11], enabled by arraying 11 identical 

resonators [94], ensures a large tuning range that is less susceptible to parasitics 

(pads, pad routings, etc.) induced in the integration. Smaller pads and larger 

separation between the resonator and the pads are crucial for attaining a wide 

bandwidth.  

𝑘𝑡
2 =

𝐶𝑜 + 𝐶𝑓

𝐶𝑜
𝑘𝑡−𝑚𝑒𝑎𝑠𝑢𝑟𝑒𝑑
2  (2.6) 

 Standalone Resonator Measurements  

The fabrication process of the SH0 LiNbO3 array is similar to the one 

reported in [95]. The SEM images and measured admittances of the fabricated 

resonators are shown in Figs. 2.4 and 2.5, with their MBVD model. The extracted 

component values are listed in the captions. Once we have obtained the input 

admittance spectra as a function of frequency, the series fs and parallel fp resonances 

are approximately identified as the frequencies at which the magnitudes of the 

impedance are a minimum and a maximum, respectively. The Q factor is extracted 
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Fig. 2.4. (a) SEM of the conventional LiNbO3 LVR used in [59]. (b) Measured Y11, with MBVD 

lumped model. (Rm =262 Ω, Cm =6.5 fF, Lm =176 µH, Co =25.5 fF, Cf =65 fF, Rs =6 Ω, Q =650, and 

kt
2=8.7% factoring parasitics) [11]. 

 
Fig. 2.5. (a) SEM of the LiNbO3 LVR used in [60]. (b) Measured Y11, with the MBVD lumped 

model result (Rm =85 Ω, Cm =26.765 fF, Lm =32.252 µH, Co =0.26 pF (including Cf), Q =410, and 

kt
2=12.7% factoring parasitics) [11]. 
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Fig. 2.6. MBVD model fitted response of the conventional resonator [59] and the array resonator 

[60] with their bandwidth marked [11]. 

using the 3-dB bandwidth of the resonance (fs/f3db), while kt
2 is derived as:  

𝑘𝑡
2 =

𝜋

2

𝑓𝑠
𝑓𝑝
(

1

tan (
𝜋
2
𝑓𝑠
𝑓𝑝
)
) (2.7) 

As shown, the conventional resonator used in [59] consists of six electrodes 

on the top of a single device, while the device used in [60] is an array of 11 identical 

resonators that all have two electrodes [11] for the abovementioned benefits. Unlike 

the conventional resonator with spurious modes near the anti-resonant frequency 

fp, the arrayed resonator showed none in the response. Fig. 2.6 shows the MBVD 

modeled admittance for both resonators with their bandwidth noted. The maximum 

tuning range allowed by the arrayed device is 8.6 MHz, larger than the 5.1 MHz 

reported in [59], therefore permitting wider bandwidth VCMOs. 



 

34 

 

2.3 LOW-POWER VCMO DESIGN  

Three types of simple three-point oscillators—Pierce, Colpitts, and Santos 

[96]—can be used to integrate a MEMS resonator. The only physical difference 

between the three implementations is which transistor node (drain, source, gate) is 

AC grounded. Colpitts is chosen in this study to implement the VCMO for its low 

power consumption in comparison to others. Thanks to the high FoM of LiNbO3 

resonators, dc power consumption can be further reduced in contrast to other 

MEMS-embedded oscillators, as will be shown using the Colpitts small-signal 

model in Section 2.3.1. Different resonator S-parameters, including Q, Co, and kt
2, 

will be studied in Section 2.3.2 to understand their effects on the power 

consumption of a Colpitts oscillator. As it will be seen, the insights from the 

analysis also echo our early design choices for an optimal resonator to interface 

with the oscillator circuit. 

In addition to low power consumption, large tuning range is also a key 

design goal for this work as a wide tuning range is essential for many IoT 

applications. Fortunately, the high kt
2 offered by the LiNbO3 resonator makes a 

wide tuning range easier to achieve, provided that the oscillator design can properly 

harness the maximum tuning range permitted by the resonator. To this end, a 

tunable gain compensation circuitry is used to dynamically overcome the extra 

losses in the process of tuning so that Barkhausen’s conditions can be satisfied over 

a frequency range that approaches the FTBW highlighted in Section 2.2.2. The use 

of gain compensation to maintain a wide tuning range implies an inherent tradeoff 

between tuning range and power consumption, which will be studied in Section 
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2.3.3. Fundamentally, the tradeoff limits the capacity of oscillator design to 

leverage the high-performance resonator and consequently bounds the oscillator 

performance. The frequency and gain tuning circuitry implementation are discussed 

in Section 2.3.4.   

The third metric that we emphasize in this study is phase noise. LiNbO3 

resonators with their high Q and FoMRES can be advantageous for low phase noise 

oscillators. On the circuit side, Colpitts oscillators are enabled to achieve low phase 

noise performance by turning on the transistor only for a reasonably short fraction 

during a cycle of oscillation. Because the transistor is off most of the time, it does 

not significantly contribute to the phase noise of the oscillator. Additionally, due to 

their simplicity, Colpitts oscillators have been a favored topology in the RF regime 

[16]. Detailed analysis of the phase noise can be found in Section 2.3.5. 

 Small-Signal Analysis 

The goal of this section is to introduce the Colpitts oscillator schematics and 

its small-signal analysis. This analysis is important to solve for the Barkhausen’s 

stability criteria of oscillation. Fig. 2.7 shows the Colpitts VCMO schematic used 

in this study. The circuit is designed with the flexibility to work with different 

MEMS resonators of different resonant frequencies, fs, various Q, and a wide range 

of kt
2.  

In our design, a varactor Cv, formed by a parallel combination of an 8 

binary-weighted capacitor bank and a varactor Cvar, is connected in series with the 

MEMS resonator to provide coarse and fine frequency tuning, respectively.  
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Fig. 2.7. Schematic of the VCMO [11]. 

The transistor M0, in combination with the feedback capacitors C1 and C2, provides 

the needed negative resistance RN to compensate for the losses in the resonator as 

shown in Fig. 2.8 (a). C1 consists of a 6 binary-weighted capacitor bank in our 

implementation, while C2 is a simple MIM capacitor. C1 can be dynamically tuned 

to adjust the closed loop gain to overcome the extra losses while frequency tuning. 

The active branch of the Colpitts can be simplified to a negative resistance 

RN in series with a load capacitance CL as shown in Fig. 2.8 (b). They are given as: 

𝑅𝑁 =
−𝑔𝑚
𝜔2𝐶1𝐶2

 ,    𝐶𝐿 =
𝐶1𝐶2
𝐶1+𝐶2

 (2.8) 

where ω is the operating angular frequency, and gm is the small-signal 

transconductance of M0. For oscillations to take place, |real(Zin)| must be larger than  
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Fig. 2.8. (a) Simplified schematic of the Colpitts oscillator. (b) Simplified schematic for calculating 

the negative resistance needed for oscillation startup assuming a lossless circuit. (c) Small-signal 

model of the oscillator including resistive loading [11]. 

Rm [97]. The impedance seen by the motional branch of the resonator 𝑍𝑖𝑛
𝑙𝑜𝑠𝑠𝑙𝑒𝑠𝑠 as 

shown in Fig. 2.8 (b) is given by: 

𝑍𝑖𝑛
𝑙𝑜𝑠𝑠𝑙𝑒𝑠𝑠 = (𝑅𝑁 +

1

𝑗𝜔𝐶𝑣
+

1

𝑗𝜔𝐶𝐿
)||

1

𝑗𝜔𝐶𝑜
 (2.9) 

The real and imaginary parts of Zin can be expressed respectively as: 
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𝑟𝑒𝑎𝑙(𝑍𝑖𝑛
𝑙𝑜𝑠𝑠𝑙𝑒𝑠𝑠) =

𝑅𝑁𝐶𝑇
2

(𝜔𝑅𝑁𝐶𝑇𝐶𝑜)2 + (𝐶𝑇+𝐶𝑜)2
 (2.10) 

𝑖𝑚𝑎𝑔(𝑍𝑖𝑛
𝑙𝑜𝑠𝑠𝑙𝑒𝑠𝑠) = −

𝐶𝑇+𝐶𝑜
𝜔 + 𝜔𝑅𝑁

2𝐶𝑇
2𝐶𝑜

(𝜔𝑅𝑁𝐶𝑇𝐶𝑜)2 + (𝐶𝑇+𝐶𝑜)2
 (2.11) 

where Cv
 is the varactor capacitance, CT is the series combination of Cv and CL, and 

is given as (CL Cv) / (CL + Cv).  

Equations (2.8) – (2.11) are simplified as the output resistances of M0 and 

M2, as well as biasing resistors R1 and R2, are neglected. They still provide good 

insights for designing a low-power VCMO. More accurate equations that consider 

all the losses are given below:  

𝑌𝑛 = 𝐺𝑛 +  𝑗𝜔𝐶𝑛 (2.12) 

𝑍𝑖𝑛 = ((𝑍1 + 𝑍2 + 𝑔𝑚𝑍1𝑍2)||𝑅1 + 𝑍𝑐𝑣)||
1

𝑗𝜔𝐶𝑜
 (2.13) 

where Yn is the admittance at a certain node, Zn =1/Yn is the impedance at a certain 

node, and n is the index denoting the node. Gn is the conductance part of the 

admittance, and Cn is the capacitive part of an admittance. For example, 

Y1=G1+jωC1, Y2=G2+jωC2, and Ycv= Gcv+jωCv. 

A comparison between SpectreRF simulations, and lossless and lossy 

equations, is shown in Fig. 2.9. The result from (2.10) does not match the 

simulations at low frequencies. Equation (2.10) predicts more gain out of the circuit 

because it assumes a lossless circuit and hence considers no resistive loading to the 
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resonator. Moreover, the equation predicts a negative impedance at dc, which is not 

the real case. However, it remains intuitive for the initial design phase. Equation 

(2.13), on the other hand, takes all the losses into account and matches well with 

the simulations. This equation can be formalized analytically with the help of the 

small-signal model shown in Fig. 2.8(c). Yet when simplified to have a closed form 

equation in terms of different circuit parameters, it becomes cumbersome without 

offering any design intuition.  

Now, after analyzing the Colpitts’ small-signal model, we introduce the 

Barkhausen oscillation criteria. They are given below: 

 
Fig. 2.9. Comparison of (a) real and (b) imaginary parts of Zin versus frequency, attained via 

analytical equations and SpectreRF simulations. The component values used in this simulation are 

as follows: C1=0.65 pF, C2 =0.5 pF, Co= 0.26 pF, gm=680 µS, Cv=2.56 pF, R1= R2=400 kΩ, G2=44.8 

µS, where G2=1/(ro0||ro2) and ro is the output impedance of a transistor [11]. 
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𝑟𝑒𝑎𝑙(𝑍𝑖𝑛(𝜔, 𝑔𝑚𝑐)) + 𝑅𝑚 = 0 (2.14) 

𝑖𝑚𝑎𝑔(𝑍𝑚(𝜔𝑜)) + 𝑖𝑚𝑎𝑔(𝑍𝑖𝑛(𝜔𝑜)) = 0 (2.15) 

By equating real(Zin) with –Rm, the critical transconductance gmc, as well as the 

minimal power consumption for starting oscillations, can be estimated. Moreover, 

the oscillation frequency fo (ωo = 2π fo) can be calculated by solving for (2.15). The 

following section uses (2.13) to analyze how Q, Co, and kt
2 of the resonator affect 

the power consumption of the Colpitts oscillator.   

 
Fig. 2.10. (a) Critical transconductance gmc versus Q for different kt

2 values. Co is 0.26 pF and Rm 

=85 Ω. (b) gmc and Rm versus Co with kt
2= 12.7%, and Q of 410. The component values used in both 

simulations: C1 =0.65 pF, C2 =0.5 pF, Cv =2.56 pF, R1 = R2 =400 kΩ, G2 =44.8 µS. Frequency of 

oscillation was set to 175 MHz by the motional impedance and the loading capacitors [11]. 
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 Resonator for Low-Power Tunable Oscillator  

In our co-design of piezoelectric MEMS resonators and CMOS, Fig. 2.10 

highlights what the optimal design specifications of a LiNbO3 resonator are for a 

Colpitts oscillator. This study is agnostic and applicable to different circuit 

platforms found nowadays, ranging from CMOS with different technology nodes 

to MMICs, discrete, and others. As seen in Fig. 2.10, larger Q and kt
2 help to reduce 

the power consumption of the system by lowering gmc. A Q larger than 500, 

however, does not help much in reducing the power consumption, although better 

phase noise can be expected from a higher Q. A similar trend applies for kt
2 in terms 

of lowering power consumption, despite that a higher kt
2 should be pursued for a 

wider tuning range.  

According to (1.4), a larger resonator (larger Co) gives smaller Rm. Large 

resonators might be beneficial for low-power oscillators at very low frequencies. 

However, in the RF regime, there is a clear tradeoff between Rm and Co that has to 

be considered in designing piezoelectric resonators for high-frequency and low-

power VCMOs. Solving (2.14) for gmc, one can find that gmc has a parabolic relation 

with Co with a minimum value set by Co and Rm for a specific Colpitts design. 

Intuitively, a larger Rm resulted from smaller resonator size gives rise to a larger 

gmc. Thus, it is natural that gmc value drops as Co increases. However, such reduction 

of gmc is only up to a certain point where further increasing the resonator size would 

reduce the negative resistance (|real (Zin)|) to be less than Rm and start to require 

more gain in the loop to satisfy the Barkhausen condition. The local optimum of 

gmc originates from the fact that |real (Zin)| drops more aggressively than Rm as Co 
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increases. This tradeoff is shown in Fig. 2.10 for a specific Colpitts oscillator 

design. For our design, the optimal Co for achieving low power consumption falls 

between 200 and 300 fF. 

  
Fig. 2.11. Negative resistance as a function of C1 and gm for (a) 𝐶𝑣

𝑚𝑎𝑥 of  2.56 pF. (b)  𝐶𝑣
𝑚𝑖𝑛 of 100 

fF [11]. 

 Tradeoffs Among Tuning Range, Gain and Power Consumption  

In our VCMO design, we have a tradeoff between power consumption and 

tuning range that can be improved with gain compensation. In this section we will 

analyze these tradeoffs based on (2.13) - (2.15). We first examine the tradeoff 

between gain (equivalent to the negative resistance) and power consumption 

(equivalent to gm). Fig. 2.11 shows the effects of gm and C1 on the negative 
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resistance seen by the motional arm of the LVR at the minimum and maximum 

oscillation frequencies (fo). Fig 2.11 (a) shows the negative resistance with a 

varactor capacitance of 2.56 pF for the operation at the minimal oscillation 

frequency. Fig. 2.11 (b) shows the negative resistance with a varactor capacitance 

of 0.1 pF for the operation at the maximum oscillation frequency. The forbidden 

regions of oscillation where the |real (Zin)| < 85 Ω are whitened so as not to appear 

in the plots. A larger gain is expected with a larger gm value and a small C1 in certain 

ranges. Instead of increasing the gm via pumping more dc current in the circuit to 

compensate for the extra losses in the loop while tuning the oscillation frequency, 

C1 values can be reduced to increase the gain and overcome the extra losses without 

increasing the dc power consumption as shown in Fig. 2.11. Hence, the importance 

of the gain compensation circuitry implemented via tuning C1 in saving dc power 

consumption is justified in our design. 

Second, we examine the tradeoff between the tuning range and power 

consumption. Fig. 2.12 shows fo versus gm and C1 values with  𝐶𝑣
𝑚𝑎𝑥 of 2.56 pF and 

 𝐶𝑣
𝑚𝑖𝑛 of 100 fF. It can be deduced from the plot that a higher fo is expected via 

increasing gm for a specific C1 value or decreasing C1 value for a specific gm value. 

Figs. 2.11 and 2.12 are helpful in setting the gm and the range of C1 values needed 

to realize the gain compensation circuitry for a low-power tunable VCMO targeting 

IoT applications. C1 maximum value was set to 0.65 pF while gm was fixed to 680 

µS. The W/L ratio of M0 transistor was chosen so that the oscillator consumes a DC 

of 60 µA (𝐼𝑑 = 𝑔𝑚𝑣𝑜𝑣/2). vov is the overdrive voltage of M0. C2 was fixed to 0.5 

pF. 
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Fig. 2.12. Oscillation frequency as a function of C1 and gm for (a) 𝐶𝑣

𝑚𝑎𝑥 of 2.56 pF. (b)  𝐶𝑣
𝑚𝑖𝑛 of 100 

fF [11]. 

 
Fig. 2.13. Oscillation frequency as a function of C1 and Cv [11]. 
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To complete our study, we studied how C1 and Cv simultaneously affect the 

tuning range at a fixed gm of 680 µS. The results are shown in Fig. 2.13 with a 

simulated tuning range around 3.2 MHz. It can be concluded from the plot that 

smaller C1 and Cv values increase the tuning range of the VCMO. The following 

equation was used to produce Fig. 2.13.  

𝑓𝑜
𝑙𝑜𝑠𝑠𝑙𝑒𝑠𝑠 = 𝑓𝑠√(1 +

𝐶𝑚
𝐶𝑜 + 𝐶𝑇

)  (2.16) 

Equation (2.16) predicts fo assuming a lossless circuit. Hence it is the solution for 

(2.15) for very small gm values. It can be easily derived using (1.9) and (2.11). 

Equation (2.16) becomes very handy especially for low-power VCMOs design. 

 Tuning Circuitry Implementation 

Coarse and fine tuning of the oscillation frequency are implemented by 

respectively controlling an 8 binary-weighted capacitor bank and a varactor Cvar 

that are connected in parallel to form Cv. The digital capacitor bank provides 

discrete capacitance values while the varactor covers the gap between adjacent 

discrete capacitance values in an analog and continuous fashion.  

A second 6 binary-weighted capacitor bank is used to implement C1
 for 

additional control of the oscillators’ closed-loop gain and phase as shown in Fig. 

2.7. There was no need for continuous gain tuning while tuning the frequency, 

hence the varactor was omitted in the gain compensation circuitry implementation. 

The 6 least significant control bits of Cv are coupled to the 6 control bits of C1 so 

that frequency and gain tuning are done in tandem to adaptively allow for the 
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designed tuning range and lower power. In other words, the tuning of Cv and C1 

follows a certain trajectory in Fig. 2.13 to achieve the frequency tuning and its 

required gain tuning.  

Each digital capacitor is controlled via an on-chip RF switch through digital 

inputs (1 or 0). For the 8-bit varactor bank, when the input is set to 1 and the switch 

is turned on, the resonator is coupled with a larger capacitance in series, thus 

inducing a lower frequency of oscillation. Otherwise, 0 is applied to turn the switch 

off for a smaller capacitance loading and a higher frequency of oscillation. In other 

words, the 8-bit code is fed to the switches for rendering capacitance values ranging 

from 10 fF to 2.56 pF with a step of 10 fF. The varactor dimensions are designed 

to attain a favorable trade-off between the varactor Q and its capacitance tuning 

range (30 fF at 0 V to 50 fF at 1.2 V) so that the varactor does not significantly 

reduce the overall Q of the tank while no dead zones exist over the entire tuning 

range of the oscillation frequency. 

To complete our study, transient simulations of the current consumption 

during startup and steady state for different frequencies of oscillation set by the 

variations of control bits are shown in Fig. 2.14 (a). Input words of 11111111, 

11000000, 10000000, 01000000, and 00000011 correspond to five frequencies 

ranging from 175.83 MHz to 178.23 MHz were used to investigate the power 

consumption versus the oscillation frequency. As shown in Fig. 2.14 (a), the 

amplitude of the current consumption decreases with an increasing frequency due 

to the combined effect of two factors. First, a higher loss in the loop at a higher 

oscillation frequency induces a smaller closed-loop swing and gain at the steady-
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state, as also mentioned in Section 2.2.2. On the other hand, the transistor M0 

remains in the ON state for a longer time at a higher oscillation frequency as shown 

in the zoom-in Figs. 2.14 (b) and (c). Considering both effects (smaller and wider 

current spikes as tuning up the frequency), the average current consumption over 

the entire tuning range remains approximately 60 µA. 

 
Fig. 2.14. (a) Simulated current consumption during startup and steady state for different control 

bits. Input words of 11111111, 11000000, 10000000, 01000000, and 00000011 correspond to five 

frequencies ranging from 175.83 MHz to 178.23 MHz. (b) Zoomed-in view on the current 

consumption for the 11111111 state (lowest oscillation frequency). (c) Zoomed-in view on the 

current consumption for the 00000011 state (highest oscillation frequency) [11]. 

The VCMO was implemented using TSMC RF LP 65 nm kit. M0 and all 

RF switches are RF low voltage threshold transistors (LVTs), while M1 and M2 are 

analog high voltage threshold transistors (HVTs) with a large channel length for 



 

48 

 

better current mirroring accuracy and less flicker noise contribution to the 

oscillator. The bias point of the M0 is chosen to optimize the phase noise and to 

satisfy the closed-loop gain requirements simultaneously. RF switches are carefully 

sized to reduce their flicker noise contribution while providing a sufficiently small 

Coff for a wide tuning rage. R1 and R2 are set to be large enough (400 kΩ) to 

minimize overloading the resonator. The on-chip buffer is designed for a 50 Ω 

measurement system, and the input of the buffer is coupled from the source of M0 

rather than the gate to minimize the loading on the resonator.  

 
Fig. 2.15. Noise calculation using (a) equivalent circuit at stable oscillation, (b) equivalent circuit 

for linear time variant analysis, noise sources are Rm, M0 and biasing transistors’ white and flicker 

noises [11]. 

 Phase Noise Analysis 

QL mentioned in (1.1) is defined as: 

𝑄𝐿 =
𝑅𝑇

𝑅𝑙𝑜𝑎𝑑 + 𝑅𝑇
𝑄𝑇 (2.17) 

where Rload is the loading circuitry resistance on the resonator. It should be 

minimized to maximize QL for a good phase noise performance. QT is the quality 
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factor of the tank (resonator and varactor combined). RT is the series resistance of 

the tank. The Leeson frequency fL, given in (2.18), can be used to estimate QL. 

𝑓𝐿 =
𝑓𝑜
2𝑄𝐿

 (2.18) 

Now, a general simple analysis will be presented to prove the power 

spectrum of the phase noise 𝑆𝜑𝑛2  in the 1/f2 regime. The equivalent circuit of the 

oscillator at a stable condition is shown in Fig. 2.15. (a) [20].  At a stable oscillation, 

(2.13) applies and hence an open-loop circuit voltage noise Vn of a spectral density 

𝑆𝑣𝑛2  is also present. 𝑆𝑣𝑛2  is given as: 

𝑆𝑣𝑛2 = 4𝑘𝑇𝛾𝑅𝑚 (2.19) 

where γ is the noise excess factor that depends on the noise contributions from all 

the noise sources in the circuit as will be shown later. At a stable oscillation, the 

impedance ZL that loads the total noise voltage source of spectral density 4kTRm 

(1+γ) is given by: 

𝑍𝐿 ≈ 2𝑗𝜔𝐿𝑚
𝜔𝑛 − 𝜔𝑜
𝜔

= 2𝑗𝑄𝑅𝑚
𝑓𝑛 − 𝑓𝑜
𝑓

 (2.20) 

where fn is the noise frequency. The power spectral density of the noise current InL 

flowing in the loop is given by: 

𝑆𝐼𝑛𝐿2 =
4𝑘𝑇(1 + 𝛾)𝑅𝑚

|𝑍𝐿|2
=
4𝑘𝑇𝐹

𝑅𝑚
(
𝑓

2𝑄𝑓𝑚
)
2

 (2.21) 
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where 𝑓𝑚 = 𝑓𝑛 − 𝑓𝑜. This power spectral density takes the Rm noise (γ = 0) into 

account. The open-loop current noise InL will be added to the motional current Im in 

the motional arm of the MBVD model of the resonator. The power spectrum of the 

phase noise 𝑆𝜑𝑛2  is given as: 

𝑆𝜑𝑛2 =
1

2

𝑆𝐼𝑛𝐿2

(|𝐼𝑚|/√2)2
=

4𝑘𝑇𝐹

𝑅𝑚|𝐼𝑚|2
(
𝑓

2𝑄𝑓𝑚
)
2

 (2.22) 

where the phase noise floor is the first term of (2.22) and it is the far-from-carrier 

noise associated with an oscillator. 

2.3.5.1 Linear Time-Invariant Colpitts Detailed Solution 

Let us narrow our previous general analysis to our Colpitts oscillator. 

Assuming that the oscillator is lossless, linear, and time-invariant, and via 

neglecting the feedback path effect on the noise for simplicity, a detailed solution 

can be found for the white phase noise.  

 

Fig. 2.16. Simplified equivalent circuit to calculate Vn from a single noise current source In [11]. 
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Im at a stable oscillation can be given as:  

𝐼𝑚 = −
𝑗𝜔𝐶1𝑉1

1 + 𝑗𝜔𝐶𝑜𝑍𝑚
𝑠𝑡𝑎𝑏𝑙𝑒 

 (2.23) 

where 𝑍𝑚
𝑠𝑡𝑎𝑏𝑙𝑒 = 𝑅𝑚– 𝑖𝑚𝑎𝑔(𝑍𝑖𝑛

𝑙𝑜𝑠𝑠𝑙𝑒𝑠𝑠). 

If we assume that Rm<<max (𝑟𝑒𝑎𝑙(𝑍𝑖𝑛
𝑙𝑜𝑠𝑠𝑙𝑒𝑠𝑠)) , then 𝑖𝑚𝑎𝑔(𝑍𝑖𝑛

𝑙𝑜𝑠𝑠𝑙𝑒𝑠𝑠)  can be 

reduced to 1/(𝑗𝜔(𝐶𝑜 + 𝐶𝑇)). Hence, 

𝐼𝑚 = −
𝑗𝜔𝐶1𝑉1

1 −
𝐶𝑜

𝐶𝑜 + 𝐶𝑇
+ 𝑗𝜔𝐶𝑜𝑅𝑚

 (2.24) 

|𝐼𝑚| =
𝜔𝐶1|𝑉1|

√(1 −
𝐶𝑜

𝐶𝑜 + 𝐶𝑇
)
2

+ (𝜔𝐶𝑜𝑅𝑚)2

 

(2.25) 

where the last term in the denominator of (2.25) is inversely proportional to the 

resonator FoM2 = (Qkt
2)2 and can be neglected for a high FoM resonator. Hence,  

|𝐼𝑚|= 𝜔𝐶1|𝑉1| (1 +
𝐶𝑜
𝐶𝑇
) (2.26) 

Vn as a function of the noise current In shown in Fig. 2.16 can be expressed as: 

𝑣𝑛 =
𝐼𝑛

𝑆𝐶2 (1 +
𝐶𝑜
𝐶𝑣
+
𝐶𝑜
𝐶1
) + 𝑆𝐶𝑜 +

𝐶𝑜
𝐶1
𝐺𝑚

 
(2.27) 

where In is the summation of the switching transistor M0 channel noise and the bias 

transistor white noise, and S=j2πfn. The circuit noise excess factor for small 

amplitudes γo is given by:  
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𝛾𝑜 =
𝑆𝑣𝑛2

4𝑘𝑇𝑅𝑚
=

𝑆𝐼𝑛2

4𝑘𝑇𝑅𝑚 (𝑆𝐶2 (1 +
𝐶𝑜
𝐶𝑣
+
𝐶𝑜
𝐶1
) + 𝑆𝐶𝑜 +

𝐶𝑜
𝐶1
𝐺𝑚)

2 
(2.28) 

where 𝑆𝐼𝑛2 = 4𝑘𝑇𝛾𝑡(𝑔𝑚𝑐 + 𝑔𝑚𝑏𝑖𝑎𝑠), γt is the M0 channel noise excess factor, and 

gmbias is the transconductance of the bias transistor. By using F = 1+γo and 

substituting (2.28) in (2.22), a detailed analysis for the Colpitts linear time-invariant 

phase noise is presented. 

2.3.5.2 Linear Time-Variant Colpitts Detailed Solution 

Equation (2.22) is only applicable under the assumption that the noise 

sources are time-invariant sources. The noise generated by the transistors becomes 

cyclostationary and hence time variant. Phase noise can then be examined by using 

the impulse sensitivity function (ISF) [16]. Two uncorrelated noise sources—a 

voltage noise source Vn(t) αv(ωt) and a current noise source In(t) αi(ωt)—are shown 

in Fig. 2.15(b). αv(ωt) and αi(ωt) are the modulation functions synchronized with 

current and voltage, respectively. Those functions represent the time variance of 

the noise sources. 

For Rm noise in the resonator, αv(ωt) = 1 [16]. Hence the white phase noise 

density spectrum generated by Rm is the same as that given in (2.22) when F=1. For 

a white noise current In(t) of a spectral density 𝑆𝐼𝑛_𝑤ℎ𝑖𝑡𝑒
2 , the white phase noise 

spectrum 𝑆𝜑𝑛_𝑤ℎ𝑖𝑡𝑒
2  can be calculated as: 
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𝑆𝜑𝑛_𝑤ℎ𝑖𝑡𝑒
2 =

1

2

𝛤𝑖2̅̅̅̅  𝑆𝐼𝑛_𝑤ℎ𝑖𝑡𝑒
2

(𝐶2|𝑉2|)2(𝑓𝑚)2
(

𝐶𝑚

𝐶2 + 𝐶𝑜 (1 +
𝐶2
𝐶1
+
𝐶2
𝐶𝑣
)
)

2

 (2.29) 

𝛤𝑖 = −cos(𝜑)𝛼𝑖(𝜑) (2.30) 

𝑉2 = −
𝑉1
𝑗𝜔𝐶2 

(𝑔𝑚𝑐 + 𝑗𝜔𝐶1) (2.31) 

where Γi is the effective impulse sensitivity function (ISF) for the sinusoidal current 

|V2|sinφ, C2|V2| is the maximum charge value on the capacitor C2, and |V1| is the 

magnitude of the gate to source voltage of M0. The last term of (2.29) resembles 

the square of the fraction of the total voltage on Cm that appears across C2. In the 

case of M0 strictly working in strong inversion, 𝛤𝑖2̅̅̅̅  = 0.5 [20]. 

For a flicker noise current source of a spectral density 𝑆𝐼𝑛_𝑓𝑙𝑖𝑐𝑘𝑒𝑟
2 , the flicker 

phase noise spectral density 𝑆𝜑𝑛_𝑓𝑙𝑖𝑐𝑘𝑒𝑟
2  is given as: 

𝑆𝜑𝑛_𝑓𝑙𝑖𝑐𝑘𝑒𝑟
2 =

(𝛤𝑖̅)
2 𝑆𝐼𝑛_𝑓𝑙𝑖𝑐𝑘𝑒𝑟

2

(𝐶2|𝑉2|)2(𝑓𝑚)2
(

𝐶𝑚

𝐶2 + 𝐶𝑜 (1 +
𝐶2
𝐶1
+
𝐶2
𝐶𝑣
)
)

2

 (2.32) 

𝑆𝐼𝑛_𝑓𝑙𝑖𝑐𝑘𝑒𝑟
2 =

𝑘𝑓𝑔𝑚𝑐
2

𝑓𝑚
 (2.33) 

(𝛤𝑖̅)
2 = [

|𝑉1|

2𝑉𝑜𝑣
sin(𝛥𝜑))]

2

 (2.34) 

where ∆φ is the phase shift across the resonator and can be calculated as: 
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∆𝜑 = angle (𝑉1 + 𝑉2) = tan
−1(

𝑔𝑚𝑐

𝜔𝐶2 (1 −
𝐶1
𝐶2
)
) (2.35) 

The summation of the noise floor, (2.22), (2.29), and (2.32) gives the total phase 

noise of the oscillator. The prediction will be shown in the next section in 

comparison with the simulated and measured phase noise performances. 

For a good phase noise performance, the capacitor C2, C1/C2 ratio, the W/L 

of the transistor M0, and the current bias I0 have been optimized using SpectreRF. 

The values were chosen to ensure a large amplitude swing and sufficiently high 

overdrive voltage to reduce the conduction angles of M0, consequently reducing the 

noise injection in the loop and the phase noise [16]. 

2.4 VCMO MEASUREMENTS 

The fabricated CMOS chip using TSMC LP RF 65 nm kit is shown in Fig. 

2.17. The chip was integrated with the MEMS resonator via wire bonding. The 

VCMO was tested using a probe station where the output was sensed using 100 µm 

pitch GSG probes. A dc probe with large decoupling capacitors between the power 

and ground tips was used to deliver the dc inputs and the control signals of the RF 

switches. 

Phase noise measurements were taken using an Agilent E5052A signal 

source analyzer and are reported in Fig. 2.18 alongside results from analytical 

equations and simulation. The prediction is in good agreement with the measured 

results; the small discrepancy in the analytical results is due to considering the 

unloaded Q of the resonator rather than the loaded Q in our phase noise calculations. 
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Fig. 2.17. Microscope zoomed image of the VCMO on the left, 2×2 mm2 chip on the right that 

includes other circuitry [11]. 

 
Fig. 2.18. Analytical, simulated and measured phase noise. Resonator specifications: Co=0.26 pF, 

kt
2= 12.7%, and Q= 410. (a) Cv= 2.56 pF. (b) Cv= 100 fF [11]. 
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SpectreRF simulations are crucial for an accurate noise profile. Identifying the 

noise sources with the most noise contributions through simulations at different 

frequency offsets is important because it eases the equation-based prediction by 

considering a smaller number of sources for simpler calculations. Parameters like 

kf, vov, and |V1| were extracted from SpectreRF simulations and used in the noise 

equations.  

Fig. 2.19 shows measured phase noise of - 65 dBc/Hz and -72 dBc/Hz at 1 

kHz offset from 175.83 and 178.23 MHz carriers, respectively. The phase noise 

performance was achieved with a dc power consumption of 72 µW. However, the 

VCMO can work with only 29 µW for the lower end of the tuning range. It is worth 

mentioning that with only 29 µW, the control signal set to 11111111, and the 

varactor voltage set to 1.2 V, the VCMO achieves a phase noise of -73 dBc/Hz at 

1 kHz offset from a 175.9 MHz carrier and -139 dBc/Hz noise floor. The 

enhancement in the close-in phase noise is attributed to the lower gain settings. A 

lower output amplitude for the 29 µW setting resulted in a worse phase noise floor. 

As shown in Fig. 2.19, the phase noise was reasonably maintained over the tuning 

range. The measured profile matches well with the theory presented earlier. 

Comparing the phase noise performance of 175.83 MHz to 178.23 MHz carrier, the 

phase noise floor at the lower frequency is better due to the larger available output 

swing. Regarding the close-in profile, lower gain settings and higher loaded Q at 

higher frequency operation proved to provide better close-in noise in comparison 

to the 175.83 MHz case. 
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Fig. 2.19. Measured phase noise spectrum for 175.83 MHz (control signal: 11111111, varactor 

voltage= 1.2 V) and 178.23 MHz (control signal: 00000011, varactor voltage= 0 V) carriers [11]. 

 
Fig. 2.20. (a) Upper 8 frequency bands. (b) Lower 8 frequency bands [11]. 
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The VCMO demonstrated a tuning range of 2.4 MHz, and thus a 1.4% 

fractional tuning range. The measured tuning curves are shown in Fig. 2.20 with no 

dead zones. The effects of the non-linearity in the varactor and the parasitic 

capacitance of the bank appear mostly at the high end of the tuning range where the 

8-bit capacitor bank is in an off state. At lower frequencies, the nonlinearities are 

much less pronounced, and the varactor tuning range is smaller by a factor of 4 as 

the varactor small capacitance is swamped by the large capacitance of the capacitor 

bank in its on-state. Currently, the tuning range is mainly limited by the circuit 

design and not by the MEMS resonator. The tuning range can be further enhanced 

by increasing the power consumption of the VCMO for the same resonator, thereby 

harnessing most of the available bandwidth of the resonator (8.6 MHz). Future 

circuit optimization for LiNbO3 MEMS resonators will also give better phase noise 

and tuning range performances simultaneously. The VCMO performance, in 

comparison to the-state-of-the-art MEMS resonator-enabled VCOs, is summarized 

in Table 2.1. 

2.5 SUMMARY AND CONCLUSION 

The chapter presents a comprehensive guide to co-design piezoelectric RF-

MEMS resonators and CMOS for enabling VCMOs that harness the best benefits 

of both platforms, hence enabling the design of tunable low-power high Q VCMOs. 

The analysis herein is applicable to any kind of piezoelectric resonators but specific 

for Colpitts VCMOs. As the experiments validate our analysis, this dissertation has 

demonstrated the first VCMO based on a LiNbO3 LVR resonator and CMOS. The 

phase noise of the VCMO is measured to be -72 dBc/Hz at 1 kHz offset from a 
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178.23 MHz carrier. A tuning range of 2.4 MHz (~1.4%) has been demonstrated 

with a maximum dc power consumption of 72 µW. The reported VCMO has one 

of the highest FoMs (202.3 dB at 1 MHz) and the highest FoMT (185 dB at 1 MHz) 

among the MEMS based VCOs found in the literature. 
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Table 2.1 VCMO Performance Summary and Comparison 

Ref. MEMS Tech. Circuit Tech. Freq. (MHz) 
Tuning Range 

 
dc 

Power 

(mW) 

Phase Noise (dBc/Hz) 
FoM FoMT 

(dB) 

(ppm) (MHz) % 1 kHz  offset 1 MHz offset 1 MHz offset 

This 

work 

[11]  

LiNbO3 LVR 65 nm CMOS 175.83.178.23 13650 2.4 1.37 0.072 

-72 @178.23 

MHz 

carrier 

-146 

@175.83 

MHz carrier 

202.3 185 

[37] AlN CMR 65 nm CMOS 204 611 0.125 0.06 0.047 -77 
-

78.2* 
-120 179.5 130 

[38] AlN CMR 0.5 µm CMOS 1500 1500 2.25 0.15 6.9 -45 
-

63.5* 
-151 206.1 169.7 

[39] 
AlN-on-Si 

LBAR 
0.18 µm CMOS 427 810 0.35 0.08 13 -82 

-

89.6* 
-147 188.5 146.5 

[31] FBAR 
0.25 µm 

BiCMOS 
2100 - 37 1.8 58.32 - - -144 193 177.9 

[32] Coupled FBAR 0.13 µm CMOS 1550 28000 43.4 2.8 7.9 -56.3 
-

74.8* 
-140.5 195.5 184.2 

[98] FBAR Bipolar 2000 - 2.5 0.13 115.5 - - -150 195 157.7 

[59] LiNbO3 LVR Discrete 150 2800 0.42 0.28 5 -84.4 -83* -146 182.5 151.5 

[99] FBAR 90 nm CMOS 1705.9 - 6.4 0.38 1.5 - - - - - 

*Normalized to 178 MHz.
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CHAPTER 3: A WIDEBAND OSCILLATOR 

EXPLOITING MULTIPLE RESONANCES IN LITHIUM 

NIOBITE MEMS RESONATOR  

 

3.1  INTRODUCTION 

This chapter focuses on our second project, direct RF synthesis based on 

wideband multi resonances VCMOs. This chapter presents a comprehensive guide 

to co-design LiNbO3 LOBARs and VCOs using discrete components on a printed 

circuit board (PCB). The analysis focuses on understanding the oscillator-level 

tradeoffs between the number of locked tones, frequency stability, tuning range, 

power consumption, and phase noise. Moreover, the chapter focuses on 

understanding the relationship between the above specifications and the different 

LOBAR parameters such as kt
2, Q, transducer design and the resonator size. As a 

result of this study, a VCMO based on LiNbO3 LOBAR is demonstrated. The 

LOBAR excites over 30 resonant modes in the range of 100 to 800 MHz with a 

frequency spacing of 20 MHz. The VCMO consists of a LOBAR in a closed-loop 

with two amplification stages and a varactor-embedded tunable LC tank. By 

adjusting the bias voltage applied to the varactor, the tank can be tuned to change 
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the closed-loop gain and phase responses of the oscillator so that the Barkhausen 

conditions are satisfied for a particular resonant mode. The tank is designed to allow 

the proposed VCMO to lock to any of the ten overtones ranging from 300 to 500 

MHz. These ten tones are characterized by average Qs of 2100, kt
2 of 1.5%, FoMRES 

of 31.5 enabling low phase noise, and low-power oscillators crucial for IoT. Owing 

to the high Qs of the LiNbO3 LOBAR, the measured VCMO shows a close-in phase 

noise of -100 dBc/Hz at 1 kHz offset from a 300 MHz carrier and a noise floor of  

-153 dBc/Hz while consuming 9 mW [12]. With further optimization, this VCMO 

can lead to direct RF synthesis for ultralow-power transceivers in multi-mode IoT 

nodes.  

The rest of the chapter is organized as follows: Section 3.2 discusses the 

design of a LiNbO3 LOBAR in the context of using it later to implement a wideband 

VCMO enabling direct RF synthesis for multi-mode IoT applications. Section 3.3 

then focuses on the design and simulated performance of our VCMO. Different 

design tradeoffs between the number of locked tones, frequency stability, tuning 

range, power consumption, and phase noise will be discussed. Moreover, the study 

will focus on understanding the relationship between the oscillator specifications 

and the different LOBAR parameters such as kt
2, Q, transducer design and the 

resonator size. Section 3.4 reports on the oscillator measurement results. Finally, 

Section 3.5 concludes the chapter. 
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Fig. 3.1. Schematic of a LOBAR [12].  

3.2 LITHIUM NIOBATE LOBARS 

 Overview 

As shown in Fig 3.1, the LOBAR consists of aluminum IDEs partially 

covering the top surface of a suspended LiNbO3 thin-film. The resonator width (WT) 

is significantly larger than the electrodes (WE) and the gap widths (WG) needed for 

the overmode operation. The orientation of the device is chosen as −10° to the +Y-

axis in the X-cut plane of LiNbO3 for exciting a family of SH modes of various 

lateral mode orders characterized by high kt
2 [52]. Key dimensional parameters of 

a typical LOBAR using two transducers (three IDEs) are shown in Fig. 3.1.  

In contrast to a conventional resonator targeting the excitation of a single 

resonant mode, LOBARs excite several equally-spaced resonances simultaneously. 

These modes are principally the eigenmodes of the resonant cavity. Assuming a 

small ratio of the film thickness (h) to the acoustic wavelength (λ) for the frequency 

range of interest, the frequencies of different resonant modes (fn) can be 

approximated by: 

𝑓𝑛 =
𝑛 𝑣𝑆𝐻0
2 𝑊𝑇

 (3.1) 
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where fn is the resonant frequency of the nth-order mode, υSH0 is the SH0 mode phase 

velocity. 

   
Fig. 3.2. Simulated response of a two-transducer LOBAR using the model demonstrated in [73]. (a) 

admittance response. (b) kt
2. Parameters used in the simulation: WT = 100 μm, WE = WG = 2.5 μm, 

Co = 180 fF, Q = 2000 for all tones [12]. 

Based on the simplified model demonstrated in [77], the LOBAR 

characteristics are shown in Fig. 3.2. For resonances further away from the center 

frequency (fcenter), the modes are less excited, hence a reduced kt
2. This is because 

the transducer cannot uniformly couple energy to all the modes. It couples energy 

most efficiently to a mode (n) that corresponds to the center frequency (fcenter) of 

the resonator. fcenter is set by the transducer pitch (WP) as: 

𝑓𝑐𝑒𝑛𝑡𝑒𝑟 =
 𝑣𝑆𝐻0
2 𝑊𝑃

 (3.2) 
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The resonant mode is most effectively excited when the WP = λ/2. The coupling 

decreases when the WP and the λ mismatch and becomes zero when the WP = λ due 

to the full cancellation of mutual energy. The third specification is the 

electromechanical coupling bandwidth (KBW) of the resonator, defined as the 

frequency range where various modes are excited with no less than half of the kt
2 

at fcenter. The fourth specification of the LOBAR is the frequency spacing (Δf) 

between adjacent tones which can be expressed as: 

Δ𝑓 =
 𝑣𝑆𝐻0
𝑊𝑇

 (3.3) 

Apart from the frequency-related specifications mentioned above, the 

device static capacitance Co, Q, and kt
2 of each tone are the most important 

specifications for building oscillators. Co is mostly set by the IDE dimensions, the 

thickness of the resonator, and the materials used. The static capacitance identifies 

the minimum power consumption of the VCMO as will be seen later in the chapter. 

Q, affecting the phase noise of the VCMO, is collectively determined by various 

loss mechanisms originating from the materials stack and the design. Finally, the 

kt
2 distribution among different tones is modeled and shown in Fig. 3.2(b). The 

figure shows an excitation of 17 tones ranging from 100 to 800 MHz with a spacing 

of 40 MHz. The tones are centered around 400 MHz (mode order 16). This mode 

has the highest kt
2 of ∼6% among the 17 modes. Only 10 tones (mode orders 8 to 

26) lie within the KBW of the resonator (the green shaded area). The first lobe in 

Fig. 3.2(b) covers mode orders from 2 to 36, corresponding to the resonances from 

100 to 800 MHz in Fig. 3.2(a). 
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The next subsection focuses on optimizing the three main design 

parameters, namely WT, WP, and the number of transducers (NT). These parameters 

set the resonator specifications fn, Δf, fcenter, KBW, and kt
2; which will finally 

determine the VCMO tuning range and the number of RF carriers generated at the 

output of the VCMO. The fabricated device performance will be presented in 

Section 3.2.3 

 Design Space 

Investigating the design space of the LOBAR is an important step towards 

building the VCMO. This space can be quantified through capturing the effect of 

varying the main resonator parameters on the admittance profile as shown in Figs. 

3.3 - 3.6. By varying WT while fixing WP = 5 μm, Co = 180 fF, and Q = 2000, the 

frequency spacing (Δf) can be controlled while fixing the center frequency (fcenter) 

to 400 MHz as shown in Fig. 3.3. Δf and kt
2 almost get halved by doubling WT. A 

smaller Δf ideally results in a wider tuning range for the VCMO, however the ability 

of the oscillator to lock to a certain tone and suppress others decreases. A smaller 

kt
2 as a result of a larger resonator width will increase the VCMO power 

consumption as shown in Fig. 3.3 (e), where the real portion of the admittance 

(1/Rm) at different fn is plotted versus the mode orders for different WT values. 

Moreover, the resonator KBW increases with increasing WT at the expense of a 

smaller kt
2. In summary, a larger resonator width translates to a wider tuning range, 

lower locking stability, and higher power consumption.  
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Fig. 3.3. Admittance of the LOBAR with (a) WT = 50 μm, (b) WT = 100 μm, and (c) WT = 200 μm. 

(d) kt
2 and (e) 1/Rm of LOBAR with WT = 50, 100 and 200 μm. WE = WG = 2.5 μm, Co = 180 fF, and 

Q = 2000 values are used in these simulations [12]. 

 
Fig. 3.4. Admittance of the LOBAR with (a) WP = 2.5 μm, (b) WP = 5 μm, and (c)  WP = 10 μm. (d) 

kt
2 and (e) 1/Rm of LOBAR with WP = 2.5, 5 and 10 μm. WT  = 100 μm, Co = 180 fF, and Q = 2000 

values are used in these simulations [12]. 
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On the other hand, by varying WP while fixing WT = 100 μm, Co =180 fF, 

and Q = 2000, fcenter can be controlled while fixing Δf to 40 MHz as shown in Fig. 

3.4. fcenter gets halved while kt
2 almost double via doubling WT. A smaller fcenter 

results in a smaller frequency of oscillation. A larger kt
2 as a result of a larger 

resonator pitch will result in a reduction in the VCMO power consumption as 

shown in Fig. 3.4(e), where 1/Rm is plotted versus the mode orders for different WP 

values. Moreover, the resonator KBW and hence the VCMO tuning range decrease 

with increasing WT. To summarize, a larger resonator pitch translates to a lower 

oscillation frequency, a small tuning range, and less power consumption. 

Following the RF synthesizer requirements, the VCMO should lock to at 

least 10 overtones centered around 400 MHz with a tuning range of at least 200 

MHz. These numbers translate to a Δf of 20 MHz and fcenter of 400 MHz. Hence, 

the LOBAR should have a KBW greater than 200 MHz exciting the resonant modes 

characterized by the highest kt
2 spanning between 300 and 500 MHz. According to 

the above specifications, and equations (3.1) - (3.3), WT is set to 200 μm and WP to 

5 μm. The number of transducers (NT) must be determined as the next design step 

to complete the LOBAR design. 

Figs. 3.5 and 3.6 show the effect of NT (NT = no. of IDEs-1) on the resonator 

performance. According to [77], even and odd-order modes cannot be excited 

simultaneously in a resonator cavity with centered transducers. Only even-order 

modes can be excited with even numbers of centered transducers while only odd-

order modes can be excited with odd numbers of centered transducers. A detailed  
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Fig. 3.5. Admittance of the LOBAR with (a) NT = 1, (b) NT = 3, and (c) NT = 5. (d) kt

2 and (e) 1/Rm 

of LOBAR with NT = 1, 3 and 5. WT = 200 μm, WP = 5 μm, and Q = 2000 are used in these simulations 

[12]. 

 
Fig. 3.6. Admittance of the LOBAR with (a) NT = 2, (b) NT = 4, and (c) NT = 6. (d) kt

2 and (e) 1/Rm 

of LOBAR with NT = 2, 4 and 6. WT = 200 μm, WP = 5 μm, and Q = 2000 are used in these simulations 

[12]. 
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study on offsetting the transducers from the center of the resonator can be found in 

[77], which will allow excitation of both the odd and even order modes. In this 

dissertation, the focus is on LOBARs with IDTs centered on the resonator cavity. 

Although NT has no primary effect on setting fcenter or Δf, its effect on the KBW and 

kt
2 should be considered. A larger NT translates to a higher maximum kt

2 and a 

smaller KBW. Hence lower power consumption and smaller tuning range for 

VCMOs, respectively. Moreover, larger NT translates to lower Q due to the increase 

of the metal-piezo losses. For a single transducer design, the low-pass behavior seen 

in Fig. 3.5(d) rejects signals at higher frequencies, which is not desirable for tunable 

RF VCMOs where the tuning range is usually specified around a certain carrier. 

Moreover, Fig. 3.5(e) shows a much higher Rm for a single IDT when compared to 

3 or 5 IDTs thus higher power consumption. Finally, after considering the above 

tradeoffs, NT of 2 is chosen in this work to achieve a maximum Q (hence, best close-

in phase noise on the circuit level) and maximum tuning range at the expense of 

slightly higher power consumption.  

The LOBAR is modeled inside in the VCMO circuitry using the MBVD 

model. The model has only one static branch realized by Co in parallel to 10 

motional branches instead of 10 static branches if those 10 modes are to be realized 

through ten conventional resonators, each targeting a single mode.  

 Fabricated LOBAR 

Fig. 3.7(a) shows the measured and MBVD fitted responses of the 

fabricated LOBAR. The LOBAR has the following parameters: WT =200 μm, WP 

= 5 μm, NT = 2, and Co=125 fF. The main specs (fn, Q, kt
2, FoM, and Rm) of the  
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Fig. 3.7. (a) Measured and MBVD fitted responses of the LOBAR. (b) Measurement of the 415 

MHz resonance. (c) Optical image of the LOBAR. (d) Zoomed-in picture of the LOBAR [12]. 

Table 3.1 Extracted Parameters of the Ten Overtones in 300 – 500 MHz Range 

Spec/Mode 1 2 3 4 5 6 7 8 9 10 

fn (MHz) 305 325 345 370 390 415 435 460 480 505 

Q 1650 1671 1945 1825 1908 1970 2608 2050 2202 3000 

kt
2 (%) 2.56 1.29 2.19 2.02 1.69 1.48 1.09 1.13 0.89 0.59 

FoM 42.3 21.6 42.63 36.9 32.2 29.2 28.4 23.2 19.6 17.7 

Rm (Ω) 122 225 107 115 125 130 127 147 167 175 

Co (fF) 125 

 

LOBAR for the ten locked overtones spanning from 300 to 500 MHz are given in 

Table 3.1. As a zoomed-in example, the measured admittance of the 415 MHz 

resonance is shown in Fig. 3.7(b), while the optical image of the device is shown 

in Fig. 3.7(c). The device uses the same fabrication process reported in [100]. The 

resonator was fabricated using a transferred LiNbO3 thin-film on a Si carrier 

substrate. The resonator is composed of an 800 nm LiNbO3 thin-film with 250 nm 
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Al electrodes on top. Average Qs of 2100, kt
2 of 1.5%, FoMRES of 31.5, and Rm of 

140 help in enabling low phase noise, low-power oscillators that are crucial for IoT. 

In comparison to switching between lithographically defined multiple 

resonators, our LOBAR saves area by packing over 30 resonances in a single device 

rather than using 30 standalone resonators. Moreover, LOBARs usually have 

higher Q at the same frequency when compared to the conventional single-mode 

resonators due to the lower metallization ratio, thus improving the close-in phase 

noise performance. 

3.3 RECONFIGURABLE OSCILLATOR 

In this section, we first introduce the VCMO schematic and the optimization 

of phase noise, tuning range, and power consumption. Then, RF measurements on 

the LiNbO3 LOBAR VCMO are presented. The VCMO is designed with the 

capability to lock to the maximum number of LOBAR tones centered around fcenter 

(∼ 400 MHz).  

 Overview 

The oscillator in Fig. 3.8(a) consists of a LOBAR in a closed-loop with two 

common-emitter degenerated amplifiers and a voltage tunable varactor-embedded 

LC resonator. Each of these blocks has a function inside the loop, the LOBAR 

excites the different tones, while the amplifier provides enough gain to start and 

sustain the oscillation, and the LC tank selects a certain overtone and suppresses 

others. The tunable LC tank is comprised of an inductor and a varactor in parallel, 
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Fig. 3.8. (a) VCMO circuit schematic. (b) Board implementation [12]. 

 
Fig. 3.9. Breaking the loop at point A. The figure also shows the three main components of our 

VCMO [12]. 

loaded by two shunt capacitors Cs to the ground. By tuning the bias voltage VVAR of 

the varactor Cp, the LC tank adjusts the loop so that the Barkhausen conditions can 
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be satisfied for an acoustic resonant mode excited via the LOBAR. Hence, only one 

oscillation frequency (fo) is produced at the output guaranteeing a stable oscillation. 

A common collector buffer is used to match the output to 50 Ω needed for the 

measurements. The following subsections will focus on the design and analysis of 

the LOBAR VCMO; several specifications will be considered in our analysis such 

as tuning range, power consumption, and phase noise. 

 
Fig. 3.10. Small-signal model of the VCMO [12]. 

 Transfer Functions 

To fully understand the VCMO, several transfer functions (TFs) are 

developed. These functions characterize the gain or the loss of the circuit. To this 

end, we will divide the oscillator loop into three segments as shown in Fig. 3.9 and 

derive the TF for each segment. We break the loop at Point A shown in Fig. 3.9 

while paying attention to the loading of the circuitry.  

3.3.2.1 Amplifier 

The two degenerated common-emitter stages have a combined gain of TFAmp 

which is defined as the voltage at node D divided by the voltage at node B as shown 

in Fig. 3.9. TFAmp is derived as below: 
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𝑇𝐹𝐴𝑚𝑝 = 𝑇𝐹𝐴𝑚𝑝1 𝑇𝐹𝐴𝑚𝑝2 = 𝐺𝑚1𝑍𝑜𝑢𝑡1𝐺𝑚2𝑍𝑜𝑢𝑡2 (3.4) 

where Gm1 and Gm2 are the degenerated transconductances of the first and second 

stages, Zout1 and Zout2 are the output impedances of the first and second stages. They 

are given below as functions of the small-signal circuit parameters shown in Fig. 

3.10. 

𝐺𝑚1 = (
𝑔𝑚1

1 + |
𝑔𝑚1𝑅𝐸1

1 + 𝑠𝑅𝐸1𝐶𝐸1
|
) (3.5) 

𝑍𝑜𝑢𝑡1 = (
𝑅𝑜𝑢𝑡1||𝑅𝑖𝑛2

1 + 𝑠(𝑅𝑜𝑢𝑡1||𝑅𝑖𝑛2)(𝐶𝑜𝑢𝑡1 + 𝐶𝑖𝑛2)
) (3.6) 

𝐺𝑚2 = (
𝑔𝑚2

1 + 𝑔𝑚2𝑅𝐸2
) (3.7) 

𝑍𝑜𝑢𝑡2 = (
𝑅𝑜𝑢𝑡2

1 + 𝑠𝑅𝑜𝑢𝑡2(𝐶𝑜𝑢𝑡2 + 𝐶𝑆)
) || 𝑍𝑡𝑎𝑛𝑘 (3.8) 

where Cout1 = Co1+Cµ, and Cin2 = Ci2+Cµ (1+gm2 Rout2). Co1 is the parasitic 

capacitance at the collector of M1, Ci2 is the parasitic capacitance at the base of M2, 

and Cµ is the parasitic capacitance between the base and collector of M1 or M2. 

s=j𝜔, gm1=IC1/(KT/q). Rout1 is given as: 

𝑅𝑜𝑢𝑡1 = 𝑅𝐶1||[𝑅𝑥1 + 𝑟𝑜1(1 + 𝑔𝑚1𝑅𝑥1)] (3.9) 

𝑅𝑥1 = 𝑅𝐸1||(𝑟𝜋1 + 𝑟𝑏) (3.10) 
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Fig. 3.11. Circuit simulations and equation-based transfer functions of different components in the 

VCMO. (a) TFAmp, (b) TFMEMS, (c) TFtank, and (d) TFloop. Equations and simulations match perfectly. 

Parameters used in these simulations: gm1 = 11.9 mS, gm2 = 6.4 mS, Rout = 1.98 kΩ, Rout2 = 510 Ω, 

Rin1 = 10 kΩ, Rin2 = 7 kΩ, Rm = 122 Ω, Cm = 2.6 fF, Lm = 106.05 µH, Cs = 7 pF, and Cp = 13.5 pF. 

Only one LOBAR overtone (300 MHz) is shown in the plot for figure clarity [12]. 

𝑅𝑖𝑛2 = 𝑅𝐵2|| (𝑟𝜋2 + 𝑟𝑏 +
𝑅𝐸2(1 + 𝛽𝑜) (𝑟𝑜2 +

𝑅𝐶2
1 + 𝛽𝑜

)

𝑟𝑜2 + 𝑅𝐶2 + 𝑅𝐸2
) (3.11) 

𝑍𝑡𝑎𝑛𝑘 = (
𝑟𝑠 + 𝑠𝐿

1 + 𝑠 𝑟𝑠𝐶𝑃 + 𝑠
2𝐿𝐶𝑃

) +
1

𝑠𝐶𝑠
 (3.12) 

where RB2 = RB2A||RB2B, rπ1 = βo/gm1, ro2 = early voltage/IC2, rb is the base series 

resistance, and βo is the small-signal current gain. rs = 𝜔L/Qtank, L is the tank 

inductance, Qtank is the tank coil quality factor, Cp is the tank varactor, and Cs is the 

tank capacitive load. Rout2 equation is the same as Rout1 but using subscript 2 instead 
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of 1. The same goes for rπ2, Rin2 and Cout2. Equation (3.4) is shown along with a 

circuit simulation in Fig. 3.11(a). The equation matches perfectly the circuit 

simulations.  

For the amplifier, the design aims to provide enough loop gain TFAmp to 

satisfy the Barkhausen conditions with minimum noise added to the loop and lowest 

power consumption. Silicon germanium BFU610F is chosen as the transistors for 

its low noise figure and low power consumption. VBE bias voltages of M1 and M2 

are chosen based on three factors: first, a small BJT base current (IB) that gives a 

low flicker noise; second, a reasonable gain for a single resonance without 

satisfying Barkhausen conditions for any other tones, especially when the tones are 

very close with a Δf of 20 MHz; third, low power consumption. The buffer design 

is borrowed from the millimeter-wave regime, where the VCO buffers use a quarter 

wavelength stub to cancel the imaginary output impedance and match the real 

output impedance (1/gm) of the buffer emitter to 50 Ω. For lower frequency designs, 

an LC tank can be used to have the same effect as the stub. The tank reduces the 

power consumption in the buffer for the same output power when compared to a 

resistive loading. 

3.3.2.2 LOBAR  

The LOBAR admittance profile and MBVD model are presented in the 

previous section. ZMEMS derived in (1.7) is the voltage across the resonator divided 

by the current through it. Here we define TFMEMS = VB/VA, taking into consideration 

the loading of the amplifier on the LOBAR. TFMEMS is shown in Fig. 3.11(b) for 

only the 300 MHz tone and is given as: 
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𝑇𝐹𝑀𝐸𝑀𝑆 =
𝑍𝑖𝑛1

𝑍𝑖𝑛1 + 𝑍𝑀𝐸𝑀𝑆  
 (3.13) 

where Zin1 is given as: 

𝑍𝑖𝑛1 = (
𝑅𝑖𝑛1

1 + 𝑠𝑅𝑖𝑛1𝐶𝑖1
) ||(

𝑅𝑜𝑢𝑡1
1 + 𝑠𝑅𝑜𝑢𝑡1𝐶𝑜𝑢𝑡1

+
1
𝑠𝑐𝑢

1 + 𝐺𝑚1
𝑅𝑜𝑢𝑡1

1 + 𝑠𝑅𝑜𝑢𝑡1𝐶𝑜𝑢𝑡1

) (3.14) 

3.3.2.3 LC tank 

A CCI1008HQ inductor of 18 nH is chosen as the tank inductor. This value 

allows for locking to the LOBAR resonances with the lowest Rm in the range of 300 

to 500 MHz. The inductor has a minimum Qtank of 62 at 350 MHz, a minimum self-

resonant frequency (SRF) of 2.7 GHz, and a max DCR of 0.07 Ω. For the LC tank, 

TFtank =VE/VD is given below and shown in Fig. 3.11(c). 

𝑇𝐹𝑡𝑎𝑛𝑘 =
1

𝑠𝐶𝑠 (
𝑟𝑠 + 𝑠𝐿

1 + 𝑠 𝑟𝑠𝐶𝑃 + 𝑠2𝐿𝐶𝑃
) + 1 

 
(3.15) 

As deduced from (3.15), the tank has both series (fs
t) and parallel resonances (fp

t). 

Controlling these frequencies will be discussed in the next subsection. Both 

frequencies are given below: 

𝑓𝑠
𝑡 =

1

2𝜋√𝐿(𝐶𝑠 + 𝐶𝑝)

 
(3.16) 

𝑓𝑝
𝑡 =

1

2𝜋√𝐿𝐶𝑝
 (3.17) 
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Finally, the loop gain TFloop is shown in Fig. 3.11(d) and given as: 

𝑇𝐹𝑙𝑜𝑜𝑝 = 𝑇𝐹𝐴𝑚𝑝 𝑇𝐹𝑀𝐸𝑀𝑆 𝑇𝐹𝑡𝑎𝑛𝑘 (3.18) 

where the multiplication of TFMEMS and TFtank will be referred to as βloop. By 

satisfying abs(TFloop) > 1 and solving for Imag(TFloop) = 0, the VCMO oscillation 

frequency (fo) is calculated. The parameters used to generate Fig. 3.11 are given as 

follows, gm1 = 11.9 mS, gm2 = 6.4 mS, Rout1 = 1.98 kΩ, Rout2 = 510 Ω, Rin1 = 10 kΩ, 

Rin2 = 7 kΩ, Rm = 122 Ω, Cm =2.6 fF, Lm = 106.05 µH, Cs= 7 pF, and Cp=13.5 pF. 

The equations for different TFs are derived in equations (3.4) - (3.18); these TFs 

will serve as an introduction to fully explore the design space of the VCMO 

analytically in the next subsection.  

 Locking Mechanism 

Design choices related to the LC tank such as Cs, Cp, and Qtank, and others 

related to the LOBAR such as kt
2, and Co, need to be investigated. The effects of Cs 

and Cp on the tank transfer function are shown in Fig. 3.12. Cs controls only fs
t given 

in (3.16) while Cp controls both fs
t and fp

t given in (3.17). A smaller Cs translates to 

a higher fs
t, and to smaller the tank inductive range, i.e., bandwidth (BW= fp

t - fs
t). 

Hence, affecting fewer overtones. 

On the other hand, a smaller Cp translates to a larger spacing between both 

resonant frequencies and BW, hence affecting more overtones. Since Cs does not 

have control over the position of fp
t as shown in Fig. 3.12(c) while Cp does, Cs is 

chosen to be fixed in the implementation and an SMV1248 varactor is chosen to  
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Fig. 3.12. (a) Gain and (b) phase responses with Cs fixed to 7 pF and Cp varying from 1 to 25 pF. (c) 

Gain and (d) phase responses with Cp fixed to 4 pF and Cs varying from 1 to 10 pF [12]. 

 
Fig. 3.13. (a) Illustration of four regions. (b) - (d) Simulated loop gain and loop phase response for 

three different varactor bias voltages spanning the tuning range. Only three voltages are represented 

instead of ten for figure clarity. The measured S-parameters of the LOBAR are used in these 

simulations [12]. 
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implement Cp which can be varied from 22.62 pF to 1.3 pF as VVAR varies from 0 

to 8 V.  

The spectrum can be divided into four regions with respect to fs
t and fp

t as 

shown in Fig. 3.13 (a). In Region 1 where frequencies are lower than fs
t, the 

overtones fulfill the gain condition of oscillation but do not fulfill the phase 

condition. In Region 2 where the frequency aligns with fs, the tone is coupled with 

a maximum gain. Furthermore, in Region 3 where frequencies lie within the tank 

BW closer to fp
t, the tones get suppressed in gain despite fulfilling the phase 

condition. Finally, in Region 4 where frequencies are larger than fp
t, the overtones 

do not fulfill both the gain and phase conditions. Therefore, the targeted LOBAR 

tone should be as close as possible to fs
t inside the tank inductive region. Fig. 3.13 

(b) - (d) show the simulated loop gain and phase response of the VCMO for three 

different varactor bias voltages spanning the tuning range. 

As previously mentioned, the LC tank selects the targeted resonance to be 

amplified inside the oscillator, creating a stable RF carrier, and suppressing other 

LOBAR modes. Hence, the suppression of the nearby tones and the oscillation 

stability depend on the value of Qtank. Moreover, the loop phase and loop gain TFloop 

at the targeted resonance, and thus the power consumption, depend on Qtank. A study 

showing the effect of the Qtank on the TFloop is shown in Fig. 3.14. A larger Qtank 

translates to a higher loop gain for the targeted LOBAR resonance and a larger 

suppression of the nearby modes. For instance, one can target the 300 MHz mode 

by setting VVAR to 1.2 V as shown in Figs. 3.14(a)-(b). As a result, TFloop increases 
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Fig. 3.14. Effect of Qtank on the simulated loop gain and loop phase. (a)-(b) VVAR = 1.2 V. (c)-(d) 

VVAR = 8 V. Qtank is varied from 10 to 75. The LOBAR MBVD model is used in these simulations 

rather than measured S-parameters for figure clarity [12]. 

by 5 dB and the suppression of the nearest unwanted mode (TFloop|300MHz - 

TFloop|320MHz) increases by 7.6 dB as Qtank increases from 10 to 75. Moreover, the 

phase dip increases by ∼40° providing enough margin for phase shift and more 
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Fig. 3.15. (a) Effect of increasing Co from 50 to 150 fF in three steps. (b) Effect of doubling kt

2. 

VVAR = 1.2 V [12]. 

stable oscillation. The 500 MHz resonance is excited by setting VVAR to 8 V as 

shown in Figs. 3.14(c)-(d). TFloop increases by 6 dB and the suppression of the 

nearest unwanted mode (TFloop|505MHz - TFloop|480 MHz) increases by 4.7 dB as Qtank 

increases from 10 to 75. Moreover, the phase dip increases by  ̴ 28° at 505 MHz 

providing enough margin for phase shifts and more stable oscillation. A Qtank below 

25 permits satisfying the Barkhausen conditions of oscillation for more than one 

mode, thus making it undesirable for our application. For instance, a Qtank of 10 

increases the phase dip for the 480 MHz resonance by  ̴ 24°, consequently allowing 

oscillations at both the 480 MHz and 505 MHz resonances.  

This Qtank study also sheds some light on the applicability of implementing 

LOBAR VCMOs on CMOS. CMOS offers on-chip inductors with low Qs, hence 
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affecting the design choices of the LOBAR itself. Larger frequency spacing (Δf) 

between the modes might be needed for stable oscillations with CMOS. A larger 

Δf can be easily achieved using a smaller device width WT as discussed previously 

in Section 3.2.2.  

 Co, and kt
2 of LOBAR 

Continuing with the idea of co-designing the mechanical and electrical 

portions of our system, investigating the effect of Co and kt
2 is crucial for building 

the largest tuning range, lowest power consumption, and best phase noise MEMS 

oscillator. Revisiting Chapter 1, Rm is inversely proportional to fs, Q, Co, and kt
2; 

while Co is set by the size of the IDTs. Hence, both parameters heavily depend on 

WT, WP, and NT mentioned earlier. By fixing kt
2, fs, and Q (through fixing WT, WP, 

and NT) and increasing Co (via increasing the lengths of the IDTs), the MBVD 

model should be adjusted by increasing Cm and decreasing both Lm and Rm with the 

same ratio of increasing Co. Fig. 3.15(a) shows the effect of increasing Co on TFloop. 

Take the 300 MHz resonance for instance: The loop gain increases by 2 dB with 

increasing Co from 50 to 150 fF as seen in Fig. 3.15(a). This is attributed to a 3 

times smaller Rm. The phase dip is minimally affected by Co variations. Larger loop 

gain translates to lower power consumption and better far-from-carrier phase noise. 

A study on varying kt
2 while fixing Q, fs and Co was also considered. Fig. 

3.15(b) shows the effect of doubling kt
2 on the loop gain. For the 300 MHz 

resonance, loop gain increases by 1 dB, phase dip increases by 10°, and the BW of 

each tone (fp -fs) increases by ∼50% which is beneficial for fine-tuning the 

oscillation frequency within the BW of the tone by fine adjusting the varactor bias 
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VVAR. Fine-tuning might be helpful to overcome environmental or temperature 

frequency shifts. After analyzing the effect of the LOBAR and LC tank parameters 

on the loop transfer functions, the next step is to analyze the phase noise of our 

LOBAR VCMO.  

 Phase Noise  

The phase noise analysis presented in Section 1.3.1.1 is general for any 

oscillator. In the following subsections, we will perform phase noise analysis more 

specifically to our LOBAR oscillator. The goal is to find all the unknown 

parameters such as Gnoise (the closed-loop noise transfer function), F, and fc, relating 

the LOBAR VCMO circuit parameters and the circuit loading effects on the 

resonator. Po will be treated as a given value since the oscillator output power is 

usually given for an oscillator. 

3.3.5.1 Amplifier Noise Factor F, and Flicker Corner fc 

To find F, we start by identifying the noise sources in our VCMO. 

Generally, the noise sources for a MEMS oscillator can be divided into two groups: 

electronic and mechanical. Electronic noise sources include thermal and flicker 

noises of the active and passive devices used in the VCMO and these are the focus 

of this subsection. The low-frequency mechanical noise in the resonator originates 

from two sources: the nonlinearity of the micromechanical resonator, and the 

random low-frequency vibrations. The resonator can be driven into nonlinearity by 

pumping power beyond its power handling capability. Mechanical noise sources 

are neglected in the coming analysis as their effect on the oscillator phase noise is 

much lower when compared to electronic noise.  
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Fig. 3.16.  BJT small-signal model with noise sources [12]. 

The main noise sources of a BJT are shown in Fig 3.16 and their TFs can be derived 

as follows for the amplifier.  

𝑣𝑛,𝑟𝑏1 = √4𝐾𝑇𝑟𝑏 |𝑇𝐹𝐴𝑚𝑝| 

𝑣𝑛,𝑟𝑏2 = √4𝐾𝑇𝑟𝑏 |𝑇𝐹𝐴𝑚𝑝2| 

(3.19) 

𝑣𝑛,𝑅𝐸1 = √4𝐾𝑇𝑅𝐸1|𝑇𝐹𝐴𝑚𝑝| 

𝑣𝑛,𝑅𝐸2 = √4𝐾𝑇𝑅𝐸2|𝑇𝐹𝐴𝑚𝑝2| 

(3.20) 

𝑣𝑛,𝑅𝐶1 = √4𝐾𝑇 |
1

1 + 𝑠𝑅𝐶1(𝐶𝑜𝑢𝑡1 + 𝐶𝑖𝑛2)
| |𝑇𝐹𝐴𝑚𝑝2 | 

𝑣𝑛,𝑅𝐶2 = √4𝐾𝑇 |
1

1 + 𝑠𝑅𝐶2𝐶𝑜𝑢𝑡2
| 

(3.21) 

𝑣𝑛,𝑖𝑏1 = √2𝑞𝑖𝑏1 + (𝐾𝐹 𝑖𝑏1
𝐴𝐹  

1

𝑓𝐵𝐹
) 𝑟𝑏 |𝑇𝐹𝐴𝑚𝑝 | 

𝑣𝑛,𝑖𝑏2 = √2𝑞𝑖𝑏2 + (𝐾𝐹 𝑖𝑏2
𝐴𝐹 1

𝑓𝐵𝐹
) 𝑟𝑏 |𝑇𝐹𝐴𝑚𝑝2 | 

(3.22) 
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𝑣𝑛,𝑖𝑐1 = √2𝑞𝑖𝑐1  |
(

𝑅𝐶1
1 + 𝑔𝑚1𝑅𝐸1

)

1 + 𝑠 (
𝑅𝐶1

1 + 𝑔𝑚1𝑅𝐸1
) 𝐶𝑜𝑢𝑡1

| |𝑇𝐹𝐴𝑚𝑝2 | 

𝑣𝑛,𝑖𝑐2 = √2𝑞𝑖𝑐2 |
(

𝑅𝐶2
1 + 𝑔𝑚2𝑅𝐸2

)

1 + 𝑠 (
𝑅𝐶2

1 + 𝑔𝑚2𝑅𝐸2
) 𝐶𝑜𝑢𝑡2

| 

(3.23) 

𝑣𝑛,𝐴1 = √𝑣𝑛,𝑟𝑏1
2 + 𝑣𝑛,𝑅𝐸1

2 + 𝑣𝑛,𝑅𝐶1
2 + 𝑣𝑛,𝑖𝑏1

2 + 𝑣𝑛,𝑖𝑐1
2 

𝑣𝑛,𝐴2 = √𝑣𝑛,𝑟𝑏2
2 + 𝑣𝑛,𝑅𝐸2

2 + 𝑣𝑛,𝑅𝐶2
2 + 𝑣𝑛,𝑖𝑏2

2 + 𝑣𝑛,𝑖𝑐2
2 

(3.24) 

𝑣𝑛,𝐴𝑚𝑝 = √𝑣𝑛,𝐴12 + 𝑣𝑛,𝐴22 (3.25) 

where 𝑣𝑛,𝑟𝑏 , 𝑣𝑛,𝑅𝐸 , and 𝑣𝑛,𝑅𝐶  are the thermal noises from the base, emitter and 

collector resistances respectively. 𝑣𝑛,𝑖𝑏, and 𝑣𝑛,𝑖𝑐 are the base shot noise + flicker 

noise, and the collector shot noise, respectively. KF, AF, and BF are model 

parameters for the flicker noise of the amplifier. In the above analysis, the noise of 

RB1 and RB2 are neglected due to their small effect on the overall noise in good 

oscillator design. Fig. 3.17 shows the good correlation between the simulations and 

(3.25) with 1 dB difference in noise floors. The figure is generated assuming certain 

values for the flicker parameters (KF, AF, and BF) since they were not modeled for 

the transistor. These parameters were extracted from a simple curve fitting of the 

measured oscillator phase noise in the lab. Hence fc and F were extracted and fed 

back to (1.1).  
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Fig. 3.17. Amplifier output noise based on Equation (3.25) and circuit simulations [12]. 

 
Fig. 3.18. Simulated effect of (a) Qtank and (b) Co on the phase noise profile of the 415 MHz carrier 

[12]. 

3.3.5.2 Closed-Loop TF Gnoise Including Loading Effect 

The remaining unknown parameter is Gnoise. Considering all the parasitics 

and the loading effects on the LOBAR, Gnoise is given as: 
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𝐺𝑛𝑜𝑖𝑠𝑒 =
𝑇𝐹𝐴𝑚𝑝

1 − 𝑇𝐹𝐴𝑚𝑝 𝑇𝐹𝑀𝐸𝑀𝑆 𝑇𝐹𝑡𝑎𝑛𝑘  
 (3.26) 

And now we have a modified Leeson’s equation for our VCMO.  

3.3.5.3 Effect of Qtank, and Co on Phase Noise  

Following the same approach as the previous subsections, phase noise 

should be investigated as a function of critical circuit parameters. Fig. 3.18(a) 

shows the effect of varying Qtank on the 415 MHz resonance phase noise. The mode 

is excited using a simulated VVAR of 3V. Increasing the Qtank from 25 to 75 enhances 

the 1 kHz offset phase noise by 4.2 dB due to the lower loading on the LOBAR. A 

Qtank of 10 shows a completely different phase noise profile when compared to the 

rest. A very low Qtank deteriorates the noise floor by 23 dB due to the lower carrier 

power which is a result of a lower loop gain provided for such resonance as 

explained earlier in Section 3.3.3 and deteriorates the 1 kHz offset noise by 14 dB 

when compared to a Qtank of 75. The effect of increasing Co on the phase noise 

profile is shown in Fig. 3.18(b). Increasing Co while fixing other parameters like fs, 

Q, and kt
2 reduces Rm with the same ratio of increasing Co as previously mentioned 

in Section 3.3.4. An optimal combination of Co and Rm produces the optimum phase 

noise. For the 415 MHz resonance as an example, there is a sweet point at Co of 

125 fF. A very small resonator hurts the phase noise in general due to larger Rm at 

resonance and hence smaller carrier power. 

Fig. 3.19 shows the effect of varying the Qtank on the phase noise of the 505 

MHz carrier (the mode with the lowest FoM). Increasing the Qtank from 25 to 75 

enhances the 1 kHz offset noise by 7 dB due to the lower loading on the LOBAR.  
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Fig. 3.19. Simulated effect of Qtank on the phase noise profile of the 505 MHz carrier [12]. 

 
Fig. 3.20. Transfer function from the varactor input (VVAR) to the oscillator output (RFOUT) [12]. 

A Qtank of 10 shows a completely different phase noise profile in comparison to the 

rest, suggesting the excitement of a close-by mode (480 MHz resonance in this 

case, as mentioned above). When compared to the case with a Qtank of 75, a low 

Qtank of 10 deteriorates the 1 kHz offset noise by 5 dB and the noise floor by 23 dB 

due to the lower carrier power resulting from a lower loop gain provided for such 

resonance.  
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Understanding the effect of the noise at the varactor input on the phase noise 

profile is critical. Fig. 3.20 shows the transfer function from VVAR to the oscillator 

output. High Q passive components and the high Q varactor used in the 

demonstration give a minimum noise suppression of 45 dB at 480 MHz at the 

varactor input. This suppression translates to -105 dBc/Hz phase noise contribution 

from the varactor input at 1 kHz offset from a 500 MHz carrier, suppressing up to 

2 µVrms/√Hz noise density or ~ 2 mVrms integrated noise up to 1 MHz bandwidth at 

the varactor input without affecting the phase noise values. 

3.4 VCMO MEASUREMENTS 

SMA connectors are used for all DC-biases to minimize any noise pick-up 

from the external sources. Fig. 3.8(b) shows a PCB prototype with LiNbO3 LOBAR 

sample bond-wired to the oscillator. A tunable oscillation frequency ranging from 

300 to 500 MHz has been achieved by exploiting the ten overtones in the LOBAR. 

As shown in Fig. 3.21(a), the VCMO shows continuous tuning near the series 

resonance of each overtone and a discrete hop of roughly 20 MHz when switching 

to an adjacent overtone. The continuous tuning region for each varactor bias VVAR 

is shown in Fig 3.21(c). Such a continuous range can be helpful for environmental 

and temperature shift corrections. This range can be increased by increasing the kt
2 

of each tone and increasing the power consumption of the VCMO. As shown in 

Fig. 3.21(b), a specific VVAR can produce a maximum output power of 0 dBm for 

each tone across their continuous tuning range. The VCMO consumes only 9 mW 

in operation owing to the high FoM of the LOBAR. 
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Fig. 3.21. (a) Oscillation frequency and (b) output power versus varactor bias. (c) Tuning response 

for each mode. Color codes are included for easy correlation [12]. 

 
Fig. 3.22. (a) Phase noise of the 10 locked modes at different frequency offsets. (b) Phase noise plot 

of the 415 MHz mode [12]. 
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Phase noise measurements were done with an Agilent E5052A Signal 

Source Analyzer and are reported in Fig. 3.22. The VCMO demonstrates -100 

dBc/Hz phase noise at 1 kHz offset from a 300 MHz carrier, and the best noise floor 

of -153 dBc/Hz due to high FoMs of LiNbO3 LOBARs. Fig. 3.22(b) shows the 

phase noise profile for the 415 MHz carrier as an example. The spurious profile is 

believed to be a result of the spurious resonance mode shown in Fig 3.7(b). Our 

VCMO is characterized with an FoMOSC (1.2) of 200 dB, and 193 dB at 1 kHz and 

1 MHz offsets from a 300 MHz carrier. 

3.5 SUMMARY AND CONCLUSIONS 

Table 3.2 shows a performance summary and comparison to other 

reconfigurable MEMS oscillators. This dissertation presents the highest number of 

locked tones of a single acoustic resonator with competitive phase noise and 

FoMOSC results, making LiNbO3 LOBAR VCMO a great candidate for direct RF 

synthesis deployed in wireless transceivers targeting multi-mode IoT applications. 

The tuning range and power consumption can be further enhanced via 

implementing the active circuitry in a recent-node CMOS. Moreover, having a 

switchable bank of tunable LC tanks with different inductor values would allow the 

VCMO to harness all the overtones provided by the LOBAR for a broader tuning 

range.  

To have a fully continuous tuning range rather than a discrete one, the 

VCMO may lock to more closely packed resonances (i.e., a resonator with a smaller 

Δf). Hence, the LOBAR would have a larger width WT, trading off kt
2 of the 

resonances and inducing worse phase noise and larger power consumption in the 
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oscillator. In addition, this solution requires a very high Qtank and a widely 

reconfigurable filter to pick up the intended resonance. An alternative solution 

might be switching among a bank of LOBARs with slightly different fcenter. Only 

the LOBAR with the target resonance would be connected to the loop. This 

approach saves on power consumption and maintains the phase noise at the expense 

of a larger footprint. A third approach is to use an open fractional divider after the 

VCMO buffer to produce a continuous range of lower frequency carriers. 
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Table 3.2  Performance Summary and Comparison to Reconfigurable MEMS Oscillators 

Reference 
This work 

[12]  
[61] [63] [65] [66] [101] 

MEMS 
LiNbO3 

LOBAR 
AlN CMR AlN CMR AlN CMR AlN-on-Si SAW 

Process Discrete 0.5 µm CMOS 0.5 µm CMOS 
0.5 µm 

CMOS 

0.5 µm 

CMOS 
0.18 µm CMOS 

General-purpose Yes Yes Yes No No Yes 

Number of 

resonances 
10 4 4 2 2 3 

Number of 

resonators 
1 4 4 1 1 3 

Frequencies (MHz) 

300 - 500  

(ten 

equally-

spaced 

tones) 

268 483 690 785 176 222 307 482 472 1940 35 175 315 433 500 

dc power (mW) 9 As high as 35.5 10 - 20 3.8 13.5 11.3 8.1 6.8 

Output power (dBm) 0 1.1 0 -2.7 -6 -4.7 -4.8 -6.7 -13.6 -6.5 -16 12.1 3.8 - - - 

PN 

(dBc/Hz) 

1 kHz 
-100 -94 -88 -83 -70 -79 -88 -84 -68 -82 -69 -112 -103 - - - 

-149.5 -142.6 -141.7 -139.8 -127.9 -123.9 -134.9 -133.7 -121.66 -135.5 -134.8 -142.9 -147.9 - - - 

1 MHz 
-153 

- - - - - 
-160 

- - 
-160 -153 -142 -140 -134 -141 -135 

-202.54 -206.9 -213.5 -218.8 -172.9 -184.9 -184 -193.8 -189 

FoMOSC 

(dB) 

1 kHz  200 187 186 184 172 174 185 184 172 - 182 197 197 - - - 

1 MHz 193 - - - - - 197 - - - 205.7 167 173.6 173.4 184.6 180.6 

The values in the shaded cells are referenced to a 1 MHz carrier. 
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PART II: MULTI-GHz RF-MEMS OSCILLATORS  

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 



 

 

97 

 

 

CHAPTER 4: A Ku-BAND OSCILLATOR UTILIZING 

OVERTONE LITHIUM NIOBATE RF-MEMS 

RESONATOR FOR 5G 

4.1 INTRODUCTION 

This chapter focuses on our third project, a Ku-band RF-MEMS oscillator 

for 5G communications. This chapter presents a 12.9 GHz silicon germanium 

(SiGe) Pierce oscillator utilizing a third antisymmetric overtone in a LiNbO3 

resonators. Quarter-wave resonators are used to satisfy the Barkhausen oscillation 

conditions for the 3rd overtone while suppressing the fundamental and higher-order 

resonances. The oscillator achieves measured phase noise of -70 and -111 dBc/Hz 

at 1 kHz and 100 kHz offsets from a 12.9 GHz carrier while consuming 20 mW of 

dc power. The oscillator achieves a FoMOSC of 200 dB at 100 kHz offset, surpassing 

the SoA EM and overtone MEMS oscillators. The achieved oscillation frequency 

is the highest reported to date for a MEMS oscillator. The demonstrated 

performance shows the strong potential of microwave acoustic oscillators for 5G 

frequency synthesis. This work will enable low-power 5G transceivers featuring 

high speed, high sensitivity, and high selectivity in small form factors.  
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The rest of the chapter is organized as follows: Section 4.2 introduces the 

SoA multi-GHz resonators. Section 4.3 then focuses on antisymmetric mode 

LiNbO3 resonators employed to implement the oscillators in Chapters 4 and 5. 

Section 4.4 reports on the design, and implementation of the oscillator, while 

Section 4.5 presents the measurements results. Finally, Section 4.6 compares the 

results with prior arts, summarizes and concludes the chapter.  

4.2 SoA MULTI-GHz RESONATORS 

SoA microwave oscillators are based on LC [102], microstrip [103], active 

[104], and dielectric resonators (DR) [105]. On-chip lossy LC tanks are compact, 

hence offering a low-cost solution. However, their low Q at microwave frequencies 

translates to poor phase noise and high-power consumption. Quarter wavelength 

EM resonators have footprints on the order of 7.5 mm for a 10 GHz resonance, 

making them too bulky for handsets. DROs offer superior phase noise performance, 

but they are bulky and consume a large amount of power. 

Alternatively, oscillators based on RF-MEMS resonators that harness the 

confinement of acoustic waves and have the size of hundreds of microns, are 

attractive for portable devices. Recently, acoustic resonators with resonances above 

10 GHz have been demonstrated in different platforms such as aluminum nitride 

(AlN) thin-film bulk acoustic resonators (FBARs) [106], AlN contour mode 

resonators (CMRs) [107], [108], scandium doped AlN resonators [109], [110], 

ferroelectric resonators [111], finFET resonators [112], and lithium niobate 

(LiNbO3) resonators [113]-[116]. From this group, LiNbO3 resonators feature the 

highest demonstrated FoMRES making them the more suitable candidate for 
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enabling chip-scale oscillators with simultaneously low phase noise and low power 

consumption. 

4.3 ANTISYMMETRIC MODE LiNbO3 RF-MEMS RESONATORS 

 Overview 

Antisymmetric modes (A-modes) are a class of Lamb-wave modes 

characterized by their antisymmetric vibrations about the median plane of the plate. 

These modes have equal vertical but opposite longitudinal displacement 

components on the opposite sides of the median plane. The resonance of an A-mode 

resonator is primarily set by the thickness of the LiNbO3 film (TLN), the wavelength 

(λl ) and the mode order (m). A smaller thickness would translate to a higher 

fundamental frequency; however, this requires careful fabrication and a 

sophisticated deposition method for thin films to maintain high Q. Empirically, 

thinner films display worse crystallinity than thicker ones causing degradation in 

Q. Thinner films are also more susceptible to any fabrication-induced non-

uniformity, causing meager yield and uncertainties in setting the center frequency 

precisely. The overmoding approach helps in achieving higher resonant frequencies 

without thinning down the resonator and adding fabrication complexity. It also 

provides better linearity and power handling due to the larger volume of the device 

structure. A high FoMRES is crucial for overmode resonances scaling towards 

microwave frequencies [13]. 

The theory defining the resonant frequencies for the excited odd modes can 

be found in [113]. Higher-order A-modes are better confined between electrodes 

due to the increasingly larger dispersion mismatch between metalized and un-
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metalized regions for higher-order modes. This feature leads to less acoustic 

damping loss from the electrodes and less energy loss to the supporting substrate 

for the higher-order modes. Hence, higher order-mode might display higher 

mechanical FoM (Qm·f) product but lower loaded FoM (Ql·f) product due to EM 

losses as will be shown later.  

The resonators used to build the acoustic oscillators reported in Chapters 4 

and 5 are comprised of a 3-electrode transducer on top of a mechanically suspended 

Z-cut LiNbO3 thin-film. The electrodes, being connected to signal and ground, 

induce lateral electric fields in the piezoelectric film, hence exciting the resonator 

into odd-order antisymmetric vibrations. The resonators were fabricated using a 

process described in [56].  

 A3 LiNbO3 Z-cut Resonator Design and Measurements  

For the resonator shown in Fig. 4.1 (a), a 400 nm thick Z-cut LiNbO3 film 

is used. For a λl of 6 µm and m of 3, A3 resonance rises beyond 12 GHz which is 

desired for investigating Ku-band acoustic oscillators in this chapter. A 50 nm gold 

(Au) layer is sputtered and lifted off to form the top electrodes. Au probing pads of 

60×40 µm2 are electroplated to 2 μm thickness with a 200 µm pitch to reduce the 

parasitics between the pads. 

The resonator was measured and characterized using the Keysight N5230A 

PNA-L network analyzer. A Thru-Reflect-Line (TRL) calibration is done in 

measurements using on-wafer standards. A multi-resonance MBVD model shown 

in Fig. 4.1 (d) is used to interpret the measured admittance shown in Fig. 4.1 (c). 

The MBVD model includes an additional series inductor (Ls = 90 pH) and a resistor 
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Fig. 4.1. (a) Mockup cross-sectional view of the LiNbO3 resonator with key parameters shown. WT 

= 21 µm, WG = WE/2= 3 µm, TE = 50 nm, thickness of the electroplated Au pad is 2 µm, TLN = 400 

nm, LT = 142 µm, L = 100 µm, and pad area is 60 x 40 µm2. (b) Optical image of the fabricated 

resonator. (c) Measured and MBVD fitted response for the first 5 odd modes. (d) Multi-resonance 

equivalent MBVD model with parasitics included. tan(δ) is the loss tangent of LiNbO3, ρ is the 

resistivity of thin-film Au, and µ is the permeability of Au. Mechanical (Qm), loaded (Ql) quality 

factors, kt
2, FoM, and Rm of each tone are shown [13]. 

 (Rs = 13.4 Ω at 13 GHz) to model the non-negligible inductance and the surface 

resistance of the electrodes at high frequencies, respectively. It also includes a 

capacitor of 13.5 fF and a resistor (Rf) to model the feedthrough capacitance (Cf), 

and the resistive substrate loss, respectively. The resonator is also characterized by 

a static capacitance from the IDT (Co) of 16 fF, which is set by the size of the 

resonator. The loaded quality factor (Ql) is measured for each resonance using the 
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3dB bandwidth method, while the mechanical quality factor (Qm) is extracted via 

the MBVD model by excluding the electrical loss. Cf is not de-embedded for 

catching all the parasitic effects associated with the resonator. kt
2 is also extracted 

for each resonance considering all the device parasitics.  

The first five odd modes A1, A3, A5, A7, and A9 with resonances at 4.4, 13, 

22, 30, and 39 GHz are characterized. Key measured and extracted parameters, 

including Ql, Qm, and kt
2, are shown in Fig 4.1 (c). For higher-order modes, Ql is 

270 for A3 and 380 for A7 while Qm is 360 for the A3, and 670 for A7. For these 

modes, Qm varies from 1.3Ql at 13 GHz to 2Ql at 39 GHz, indicating that mitigating 

electrical loss is crucial for high-performance at microwave and mm-wave 

frequencies. kt
2 decreases from 15% for A1 to 0.63% for A9 with a value of 1.9% 

for A3. The reason behind the degradation of kt
2 with an increasing mode order can 

be found in [113]. 

 
Fig. 4.2. (a) Simplified schematic of the RF portion of the 13 GHz oscillator. (b) Oscillator PCB. 

[13]. 
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4.4  OSCILLATOR DESIGN 

The Pierce oscillator shown in Fig. 4.2 (a) is used to excite the resonator 3rd 

overtone at 13 GHz. Infineon BFP740F Silicon Germanium (SiGe) NPN 

heterojunction bipolar transistor (HBT) is used for its low noise figure which is 

critical for low phase noise oscillations. The transistor has cut-off frequencies ft of 

approximately 45, and 27 GHz at collector currents IC of 25, and 5 mA. Rather than 

any higher-order resonance, A3 is chosen for a low-power solution primarily due to 

the limitations of ft. Bias voltages VCE and VBE of 2.7 and 0.8 V respectively are 

chosen for optimal phase noise performance while consuming 20 mW of dc power. 

A 50 Ω degeneration resistor is used to set the transistor bias and help in boosting 

the linearity at the expense of slightly higher power consumption. 

The resonator-loading reactances needed for the Pierce operation at 13 GHz 

are realized mainly through the transistor junction capacitances (CCB of 80 fF, CCE 

of 0.3 pF, and CBE of 0.4 pF) and an open circuit stub of 120 Ω and 45° in electrical 

length at 13 GHz. The stub creates a reactance equivalent to a capacitance of 100 

fF at the collector terminal. In addition, the resonator static capacitance Co, the 

feedthrough capacitance Cf, and the PCB parasitic capacitances are also included 

in the loading reactance. 

Bias-Tees are critical in the design for optimal performance. Open λ/4 radial 

stub of low impedance is used to create an RF choke in the DC arm, hence allowing 

the DC bias and isolating RF from the bias network [not shown in Fig. 4.2 (a)]. A 

high impedance (190 Ω) λ/4 line is used to transform the RF short to an RF open 
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circuit at all the transistor terminals. Thus, the biasing arm does not load the RF 

path. The lengths of the quarter-wave stubs are chosen for 13 GHz. An output 

matching network is used for 50 Ω measurements. The network is designed to have 

a low insertion loss for high output power and low noise floor, while not loading 

the collector or worsen the flicker and thermal phase noises.  

 

Fig. 4.3. Simulated real and imaginary input impedances across circuit nodes X1, and X2. Only the 

3rd order mode is excited [13]. 

To satisfy the Barkhausen’s loop-phase condition of oscillation, special 

attention is given to the trace between the base and the collector. Hence, the 

transmission lines impedances, lengths, and the resonator wire bonds are 

extensively simulated using Keysight Momentum. Variations in the trace lengths 

will change the frequency of oscillation and the phase noise profile. Two capacitors 

in the positive feedback path are implemented as parallel traces to neutralize the 

wire-bond inductances and hence force the frequency of oscillation to be as close 

to A3 resonance as possible, thus enhancing the loaded Q and the phase noise. The 
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oscillator is assembled on a Rogers RO3003 board with a thickness of 1.52 mm, a 

dielectric constant of 3, and a dissipation factor of 0.0013 at 10 GHz. The conditions 

of oscillation are satisfied for only the 3rd order resonance, while the fundamental 

and higher-order resonances are suppressed as shown in Fig. 4.3. 

 

Fig. 4.4. Measured phase noise of the 13 GHz carrier [13]. 

4.5  MEASUREMENTS 

The active portion of the Pierce oscillator on the Rogers RO3003 board is 

integrated with the MEMS chip (2 cm × 2 cm) via wire bonding. The assembly is 

shown in Fig. 4.2 (b). Phase noise measurements are taken using an R&S FSUP26 

signal analyzer and reported in Fig. 4.4. The oscillator achieves measured phase 

noise of -70 and -111 dBc/Hz at 1 kHz and 100 kHz offsets from a 12.9 GHz carrier. 

The phase noise profile shows a -20 dB/decade trend between 100 Hz and 1 MHz 

offsets from the carrier. The -30 dB/decade trend is not captured in the region of 

interest due to the low flicker noise characteristics of the SiGe transistor. For the 

reported phase noise values, the oscillator consumes dc power of 20 mW and 
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achieves a FoMOSC of 200 dB at 100 kHz offset. The measured output power is  

-8.5 dBm. 

Table 4.1 Comparison to the SoA RF-MEMS Oscillators above 5 GHz 

Reference 
This work 

[13] 
[117] [118] [119] 

Resonator 
LiNbO3 

3rd tone 

FBAR 

fundamental 

FBAR 

fundamental 

FBAR 

3rd tone 

IC Process discrete 0.35 µm BiCMOS discrete discrete 

Osc. Freq. (GHz) 12.9 5.46 5 7 

Resonator footprint 

(mm2) 
0.01 0.034 > 0.1 - 

Ql 270 300# 300 1350 

kt
2 (%) 1.9 6.67# 4.3 - 

FoMRES 5.1 20 12.9 - 

dc power (mW) 20 12.7 - 16.2 

PN (dBc/Hz) 

1 kHz -70 -64^ -56.5 - - 

100 kHz -111 -117.7 -110.2 -109.5 -101 -80 -74.7 

1 MHz -131 - - -110 -104.7 

FoMOsc (dB) 100 kHz 200.2 201.4 - 164.8 

Table 4.2 Comparison to the SoA EM Oscillators 

Reference 
This work 

[13] 
[105] [103] [104] [102] 

Resonator LiNbO3 DRO µstrip Active LC 

IC Process discrete GaN GaAs SiGe BJT discrete BiCMOS 

Osc. Freq. (GHz) 12.9 10.6 10 10 15 

Resonator footprint 

(mm2) 
0.01 - - - - 

Ql 270 600 - 1211 - 

dc power (mW) 20 - 200 500 72 

PN (dBc/Hz) 

1 

kHz 
-70 

-53ϯϯ
 

-76ϯϯ -90ϯϯ -65ϯ 
- - 

-51.3 -74.3 -88.3 -62.8 

100 

kHz 
-111 

-118 -123 -135 -113 -114.4 -102* 

-116.3 -121.3 -133.3 -110.8 -112.2 -103.3 

FoMOsc (dB) 100 kHz 200.2 - 190 187.4 187 

The values in the shaded cells are referenced to a 12.9 GHz output. # as reported in [120]. ^ value 

estimated from a plot in [117]. ϯϯ value estimated from a plot in [105]. ϯ value estimated from a plot 

in [103]. *value estimated from a plot in [102]. 
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4.6  SUMMARY AND CONCLUSIONS 

In comparison to the SoA, as shown in Tables 4.1 and 4.2, the FoMs of our 

oscillator surpass those of the SoA EM and overtone MEMS oscillators. Moreover, 

the achieved oscillation frequency is the highest reported to date for an RF-MEMS 

oscillator. The demonstrated performance shows the strong potential of microwave 

acoustic oscillators for 5G frequency synthesis. They offer small form factors and 

long battery life solutions with competitive phase noise performance in comparison 

to other EM oscillators. Further reduction in footprint and power consumption can 

be achieved by realizing the active circuit with a recent CMOS node. 
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CHAPTER 5: AN L-AND-X BAND DUAL FREQUENCY  

SYNTHESIZER UTILIZING LITHIUM NIOBATE RF-

MEMS AND OPEN LOOP FREQUENCY DIVIDERS   

5.1 INTRODUCTION 

With access to high Q acoustic resonators previously mentioned in Chapter 

4 [106]-[115], the next challenge is to design the frequency synthesizer for 

generating different carrier frequencies. The conventional frequency synthesis has 

been relying on a power-hungry PLL referenced to a bulky high Q XO. XOs are 

hardly tunable and generate only low frequencies (<120 MHz), thus necessitating 

a PLL as a tunable frequency multiplier and leading to a larger footprint, higher 

power, more spurs, and greater cost [4]. To overcome these shortcomings, we 

develop a direct frequency synthesizer based on integrating an X-band LiNbO3 RF-

MEMS oscillator with CMOS open-loop frequency dividers. Instead of generating 

LO frequencies from a low-frequency source and “bubbling up” through a PLL, 

our work creates a low-power microwave low-noise source and then “trickles 

down” to an LO frequency range from X to L bands via the frequency division. Our 

approach has the following vital benefits: (1) lower power consumption; (2) a 

smaller footprint when compared to off-chip XOs/PLLs; (3) RF carriers with lower 

phase noise/jitter for better receiver sensitivity; (4) spurs-free phase noise (unlike 
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PLL) for enhancing receiver selectivity; and (5) a faster response and lower energy 

dissipation from removing the overhead for XO startup or a PLL locked to an XO. 

This chapter presents an 8.6 GHz  CMOS oscillator utilizing A3 in a LiNbO3 

RF-MEMS resonator. The oscillator consists of an acoustic resonator in a closed 

loop with cascaded RF tuned amplifiers (TAs) built on TSMC RF GP 65 nm 

CMOS. The TA bandpass response, set by on-chip inductors, satisfies Barkhausen's 

oscillation conditions for A3 while suppressing the fundamental and higher-order 

resonances. Two circuit variations are implemented. The first is an 8.6 GHz 

standalone oscillator with a source-follower buffer for direct 50-Ω-based 

measurements. The second is an oscillator-divider chain using an on-chip 3-stage 

divide-by-2 frequency divider for a ~1.1 GHz output. The standalone oscillator 

achieves measured phase noise of -56, -113, and -135 dBc/Hz at 1 kHz, 100 kHz, 

and 1 MHz offsets from an 8.6 GHz output while consuming 10.2 mW of dc power. 

The oscillator also attains a figure-of-merit of 201.6 dB at 100 kHz offset, 

surpassing the SoA EM [102]-[105], RF-MEMS oscillators [13], [117]-[120], and 

X-band PLLs [121]-[124]. The oscillator-divider chain produces phase noise of  

-69.4 and -147 dBc/Hz at 1 kHz and 1 MHz offsets from a 1075 MHz output while 

consuming 12 mW of dc power. Its phase noise performance also surpasses the 

SoA L-band PLLs [125], [126].  

The rest of the chapter is organized as follows: Section 5.2 reports on the 

design and measurements of the antisymmetric mode LiNbO3 MEMS resonators 

employed to implement the oscillators in this work. Section 5.3 then focuses on the 

design, implementation, and measurement results of the 8.6 GHz oscillator. Section 
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5.4 explains the design and the implementation of the oscillator-divider chain and 

reports the measurement results at 1.1 GHz. Finally, Section 5.5 compares the 

results with prior arts and concludes the paper. 

5.2 A-MODE LiNbO3 RF-MEMS RESONATORS 

For the resonator shown in Fig. 5.1 (a), a 650 nm thick Z-cut LiNbO3 film 

is used. For a λl of 12 µm and m of 3, A3 resonance rises beyond 8 GHz, which is 

desired for investigating X-band acoustic oscillators. Two identical resonators (A 

and B) were fabricated, with the dimensions given in the inset of Fig. 5.1. A 180 

nm layer of copper (Cu) is sputtered and lifted off to form the top electrodes. Cu 

probing pads of 60×62 µm2 are electroplated to 3 μm thickness with a 200 µm pitch 

to reduce the parasitics between the pads. 

Resonators A and B were measured and characterized using the same 

technique described in Chapter 4. The first five odd-order modes, namely A1, A3, 

A5, A7, and A9 with resonances at 2.9, 8.6, 14.3, 20, and 25.7 GHz, are 

characterized. For resonator A, Ql and Qm are 384 and 424 for A3, 12 and 300 for 

A9, respectively. For these modes, Qm varies from 1.1Ql at 8.6 GHz to 25Ql at 25.7 

GHz. kt
2 decreases from 6.9% for A1 to 0.98% for A9 with a value of 2.2% for A3. 

Higher FoMRES resonances translate to a larger phase transition from capacitive to 

inductive regions which is preferred for stable oscillations. As the FoMRES degrade 

with the frequency, the phase transition becomes far from ideal (180°). Fig. 5.1 (f) 

shows that modes A5 to A13 are capacitive as their phases do not cross the 0° needed  
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Fig. 5.1. (a) Mockup cross-sectional view of the LiNbO3 resonator with key parameters shown. WT 

= 32 µm, WG = 6 µm, WE = 8 µm, TE = 180 nm, thickness of the electroplated Cu pad is 3 µm, TLN = 

650 nm, LT = 140 µm, L = 60 µm, and pad area is 60 x 62 µm2. (b) Optical image of the fabricated 

resonator. (c) Multi-resonance equivalent MBVD model with parasitics included. (d) Measured and 

MBVD fitted response for the first 7 odd modes of resonator A. (e) Measured and MBVD fitted 

response for the first 7 odd modes of resonator B. (f) Measured phase responses of resonators A and 

B. (g) S21 MBVD fitted response for resonators A and B. tan(δ) is the loss tangent of LiNbO3, ρ is 

the resistivity of thin-film Cu, and µ is the permeability of Cu. Mechanical (Qm), loaded (Ql) quality 

factors, kt
2, FoM, and Rm of each tone are shown [14]. 
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at resonance. To excite these higher-order modes, extra inductors might be required 

to be added either in series or in parallel to the resonator hurting its Q. 

Resonator B has a very similar admittance to resonator A. A3 of resonator 

B is characterized by a Ql of 370, a kt
2 of 2.1%, and a FoMRES of 7.7 at 8.6 GHz. 

Both resonators have an insertion loss of around 10 dB at 8.6 GHz, as shown in Fig. 

5.1 (g). This value defines the minimum gain required by a 50 Ω matched oscillator 

to excite A3. 

The series resonant frequency of the tank—the acoustic part of the resonator 

plus the reactive parasitic elements (SRFRES)—can be deduced from the MBVD 

model [127]. Accounting for Ls, SRFRES is around 66 GHz for our device. This SRF 

value was not captured by our VNA with an upper-frequency limit of 40 GHz. 

Careful codesign of the resonator, circuit, and integration solutions at microwave 

frequencies is required if a larger resonator is adopted for a smaller Rm. For 

example, the SRF decreases to 20 GHz for a device with Rm of 20 Ω at A3 and Co 

of 75 fF. More studies are required to fully understand the effect of the resonator 

size on microwave and mm-wave oscillator performance, including its power 

consumption, phase noise and tuning range. 

5.3 X-BAND OSCILLATOR DESIGN 

In this section, we introduce the X-band oscillator built on TSMC RF GP 

65 nm CMOS and derive circuit parameters for meeting Barkhausen's conditions. 

The oscillator is designed to excite A3 of resonator A at 8.6 GHz. Phase noise 
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measurements of the LiNbO3 RF-MEMS oscillator are presented at the end of this 

section.  

 
Fig. 5.2. (a) General schematic of an overtone RF-MEMS oscillator. (b) Modified Pierce oscillator 

with inductive loading [14]. 

 Architecture 

The oscillator consists of an amplifier connected to an RF-MEMS resonator 

in a positive feedback loop, as shown in Fig. 5.2(a). The bandpass transfer function 

of the amplifier allows excitation of A3 while suppressing A1 and other higher-order 

tones. The envisioned amplifier can be realized as an inductively loaded NMOS 

common source (CS) transistor. Connecting the resonator between the gate and 

drain creates a modified Pierce oscillator, as shown in Fig. 5.2(b). 
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Alignment of the gain peak frequency with A3, as shown in Fig. 5.3 (the 

dashed-line curves), serves to satisfy Barkhausen’s gain condition with minimal 

power consumption. However, the phase condition is not met by such alignment. 

The amplifier phase at the peak frequency is around -180°, as seen in Fig. 5.3(a) 

and the resonator phase at resonance is 0°, resulting in a loop phase of -180°. 

Placing the CS gain peak at a frequency between A1 and A3 satisfies both 

conditions, permitting oscillation at A3. Unfortunately, this solution would increase 

the power consumption due to the lower loop gain for A3, as the solid-line curves 

show in Fig. 5.3(b). The gain peak frequency depends mainly on the inductor L and 

the loading capacitor Cout. Cin does not change the peak frequency but affects the 

loop gain. 

The loading inductor has a set of target metrics, such as Q, inductance L, 

and the self-resonant frequency (SRFIND). An inductor designed for a large Q at a 

frequency between A1 and A3 translates to the design for a small L and a large Cout, 

hence lower loop gain at all frequencies. A high Q inductor provides a narrower 

bandpass response, thus producing a higher gain suppression of the unwanted tones. 

For A3 to be minimally affected, the high Q gain peak should be close to the A3 

frequency. A larger L and a smaller Cout lead to lower Q, wider band response, 

higher loop gain at all frequencies, and a smaller gain suppression of the unwanted 

tones. With a lower Q inductor, the design is relaxed in terms of the precise 

frequency of the gain peak as long as it is between A1 and A3. Simulations 

anticipating two different sets of L and Cout are shown in Fig 5.4. 
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Fig. 5.3. (a) Amplifier small-signal voltage gain and phase using Cout of 0 (dashed-lines) and 70 fF 

(solid-lines). (b) Modified Pierce oscillator loop gain of the oscillator using Cout of 0 and 70 fF. (c) 

A zoom-in plot of the loop gain around 8.6 GHz. Amplifier parameters: Idc= 1.97 mA, gm=7.45 mS, 

cds=5 fF, cgs=32 fF, cgd=4.2 fF, rout =4.4 kΩ, Rbias=10 kΩ [14]. 

 
Fig. 5.4. Pierce loop gain for 2 different inductors [14]. 
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Fig. 5.5. Schematic of the 8.6 GHz oscillator core and buffer [14]. 

The modified Pierce loop gain response is shown in Figs. 5.3 and 5.4. It 

satisfies the oscillation conditions with a small gain and phase margins. 

Considering the fabrication, supply voltage, and temperature variations, in addition 

to post-layout parasitics, the single transistor oscillator would be impractical. 

Cascading amplifiers are adopted to have more control over the loop gain response, 

such as achieving a wide range of gain and phase margins. A second stage of 

inductively loaded CS would satisfy the oscillation conditions for A1 and the 

inductor gain peak frequencies while suppressing the targeted mode. 

Three inverting stages are adopted for our oscillator to excite A3. The first 

and second stages are inductively loaded NMOS CS TAs. The third is a wideband 

resistive loaded NMOS CS stage that can operate as an amplifier or an attenuator 

by varying the gate voltage. The last stage controls the voltage swing available at 

the resonator port, ensuring the linear operation of the resonator. All stages are ac 
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coupled independently to provide the needed bias voltages for the transistors and 

low noise performance. The TA bandpass response is determined by the loading 

inductors (L1 and L2). The inductance values are chosen for a gain peak at 5.7 GHz, 

a frequency between A1 (2.9 GHz) and A3 (8.6 GHz). This bandpass response 

excites A3 and suppresses A1 and higher-order resonances. A low-power source-

follower stage is used for 50-Ω-based measurements. The oscillator schematic is 

shown in Fig. 5.5. 

 
Fig. 5.6. Small signal model of the oscillator core [14]. 

 Small-Signal Circuit Analysis 

The circuit parameters for meeting Barkhausen's conditions are derived for 

fully understanding the oscillator. The process can identify the minimum dc power 

to start an oscillation and the exact frequency of oscillation. To this end, the 

oscillator loop is divided into four segments, as shown in Fig. 5.6, and the transfer 

function of each segment is analyzed. The loop can be divided at the drain node of 

M3 shown in Fig. 5.5.  The loading is represented by adding Rload resistor in series 

to the resonator, as shown in Fig. 5.6. The loop gain can be expressed as: 

𝐿𝐺 = 𝐴𝑣𝑚𝑒𝑚𝑠 · 𝐴𝑣1 · 𝐴𝑣2 · 𝐴𝑣3 (5.1) 

where Avmems, Av1, Av2, and Av3 are given below: 
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𝐴𝑣𝑚𝑒𝑚𝑠 =
1/𝑦𝑖𝑛

1/𝑦𝑖𝑛 + 𝑍𝑚 + 𝑅𝑙𝑜𝑎𝑑
                        (5.2) 

𝐴𝑣1 =
𝑠𝑐𝑔𝑑1 − 𝑔𝑚1

𝑠𝑐𝑔𝑑1 +
1
𝑟𝑜𝑢𝑡1

+ 𝑠𝑐𝑑𝑠1 +
1

𝑧𝑖𝑛𝑑1
+ 𝑦𝑖𝑛2

                               
(5.3) 

𝐴𝑣2 =
𝑠𝑐𝑔𝑑2 − 𝑔𝑚2

𝑠𝑐𝑔𝑑2 +
1
𝑟𝑜𝑢𝑡2

+ 𝑠𝑐𝑑𝑠2 +
1

𝑧𝑖𝑛𝑑2
+ 𝑦𝑖𝑛3

                             
(5.4) 

𝐴𝑣3 =
𝑠𝑐𝑔𝑑3 − 𝑔𝑚3

𝑠𝑐𝑔𝑑3 +
1
𝑟𝑜𝑢𝑡3

+ 𝑠𝑐𝑑𝑠3 +
1
𝑅𝐿

                      
(5.5) 

where Rload is the loading resistance after breaking the loop. gm1, gm2, and gm3 are 

the transconductances of M1, M2, and M3, respectively. cgd1, cgd2, and cgd3 are the 

gate-drain capacitances of M1, M2, and M3, respectively. rout1, rout2, and rout3 are the 

output resistances of M1, M2, and M3, respectively. cds1, cds2, and cds3 are the drain-

source capacitances of M1, M2, and M3, respectively. RL is the loading resistance of 

the third stage. zind1, zind2 are the input impedances of L1, and L2 respectively, and 

are given as: 

𝑧𝑖𝑛𝑑1 = (((𝑠𝐿𝑖𝑛𝑑1 + 𝑅𝑖𝑛𝑑1)||
1

𝑠𝐶𝑖𝑛𝑑1
) +

1

𝑠𝐶𝑜𝑥
) ||𝑅𝑠𝑢𝑏||

1

𝑠𝐶𝑠𝑢𝑏
 (5.6) 

𝑧𝑖𝑛𝑑2 = (((𝑠𝐿𝑖𝑛𝑑2 + 𝑅𝑖𝑛𝑑2)||
1

𝑠𝐶𝑖𝑛𝑑2
) +

1

𝑠𝐶𝑜𝑥
) ||𝑅𝑠𝑢𝑏||

1

𝑠𝐶𝑠𝑢𝑏
  (5.7) 

where Lind is the self-inductance from the spiral metallization. Rind is the ohmic loss 

from the finite conductance of the inductor metal. Cind is the capacitance due to 

spiral inductor metals overlap. Cox is the capacitance from the inductor metal to the 
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substrate. Rsub is the inductor ohmic losses due to eddy currents. Csub is a fitting 

parameter. The resonator input impedance zm is given as: 

𝑧𝑚 = (((
1

𝑠𝐶𝑚
+ 𝑠𝐿𝑚 + 𝑅𝑚) || (𝑅𝑜 +

1

𝑠𝐶𝑜
)) + (𝑅𝑠 + 𝑠𝐿𝑠)) || (𝑅𝑓 +

1

𝑠𝐶𝑓
)    (5.8) 

yin, yin2, and yin3 are the input admittances of the first, second, and third stage, 

respectively, and are given as: 

𝑦𝑖𝑛 =
1

𝑅𝐵1
+ 𝑠𝑐𝑔𝑠1 + 𝑠𝑐𝑔𝑑1

(

  
 

1 +
𝑔𝑚1

1
𝑟𝑜𝑢𝑡1

+ 𝑠𝑐𝑑𝑠1 +
1

𝑧𝑖𝑛𝑑1
+ 𝑦𝑖𝑛2

1 +
𝑠𝑐𝑔𝑑1

1
𝑟𝑜𝑢𝑡1

+ 𝑠𝑐𝑑𝑠1 +
1

𝑧𝑖𝑛𝑑1
+ 𝑦𝑖𝑛2)

  
 

 (5.9) 

𝑦𝑖𝑛2 =
1

𝑅𝐵2
+ 𝑠𝑐𝑔𝑠2 + 𝑠𝑐𝑔𝑑2

(

  
 

1 +
𝑔𝑚2

1
𝑟𝑜𝑢𝑡2

+ 𝑠𝑐𝑑𝑠2 +
1

𝑧𝑖𝑛𝑑2
+ 𝑦𝑖𝑛3

1 +
𝑠𝑐𝑔𝑑2

1
𝑟𝑜𝑢𝑡2

+ 𝑠𝑐𝑑𝑠2 +
1

𝑧𝑖𝑛𝑑2
+ 𝑦𝑖𝑛3)

  
 

 (5.10) 

𝑦𝑖𝑛3 =
1

𝑅𝐵3
+ 𝑠𝑐𝑔𝑠3 + 𝑠𝑐𝑔𝑑3

(

  
 

1 +
𝑔𝑚3

1
𝑟𝑜𝑢𝑡3

+ 𝑠𝑐𝑑𝑠3 +
1
𝑅𝐿

1 +
𝑠𝑐𝑔𝑑3

1
𝑟𝑜𝑢𝑡3

+ 𝑠𝑐𝑑𝑠3 +
1
𝑅𝐿)

  
 

 (5.11) 

where RB1, RB2, and RB3 are the gate biasing resistances of M1, M2, and M3, 

respectively. Cgs1, Cgs2, and Cgs3 are the gate-source capacitances of M1, M2, and 

M3, respectively. yout, yout2, and yout1 are the output admittances of the third, second, 

and first stage, respectively, and are given as:  
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𝑦𝑜𝑢𝑡 =
1

𝑟𝑜𝑢𝑡3
+ 𝑠𝑐𝑑𝑠3 +

1

𝑅𝐿
+ 𝑠𝑐𝑔𝑑3(

1
𝑅𝐵3

+ 𝑠𝑐𝑔𝑠3 + 𝑦𝑜𝑢𝑡2 + 𝑔𝑚3

1
𝑅𝐵3

+ 𝑠𝑐𝑔𝑠3 + 𝑦𝑜𝑢𝑡2 + 𝑠𝑐𝑔𝑑3

) (5.12) 

𝑦𝑜𝑢𝑡2 =
1

𝑟𝑜𝑢𝑡2
+ 𝑠𝑐𝑑𝑠2 +

1

𝑧𝑖𝑛𝑑2

+ 𝑠𝑐𝑔𝑑2(

1
𝑅𝐵2

+ 𝑠𝑐𝑔𝑠2 + 𝑦𝑜𝑢𝑡1 + 𝑔𝑚2

1
𝑅𝐵2

+ 𝑠𝑐𝑔𝑠2 + 𝑦𝑜𝑢𝑡1 + 𝑠𝑐𝑔𝑑2

) 

(5.13) 

𝑦𝑜𝑢𝑡1 =
1

𝑟𝑜𝑢𝑡1
+ 𝑠𝑐𝑑𝑠1 +

1

𝑧𝑖𝑛𝑑1
+ 𝑠𝑐𝑔𝑑1(

1
𝑅𝐵1

+ 𝑠𝑐𝑔𝑠1 + 𝑔𝑚1

1
𝑅𝐵1

+ 𝑠𝑐𝑔𝑠1 + 𝑠𝑐𝑔𝑑1

) (5.14) 

 
Fig. 5.7. Circuit-simulated and equation-predicted loop gain for the oscillator. Amplifier parameters 

used in these simulations: gm1 = 7.45 mS, gm2 = 16 mS, gm3 = 9.6 mS,  rout1 = 4.4 kΩ, rout2 = 1.048 

kΩ, rout3 = 128 Ω,  Cgs1 = 32 fF, Cgs2 = 15 fF, Cgs3 = 10 fF, Cgd1 = 4.2 fF, Cgd2 = 4 fF, Cgd3 = 10 fF, 

Cds1 = 5 fF, Cds2 = 11 fF, Cds3 = 14 fF, RB1 = 10 kΩ, RB2 = RB3 = 2 kΩ, RL = 400 Ω, Lind1 =  Lind2 = 

6.35 nH. [14]. 

The inter-stage coupling capacitances are designed to be large enough from 

affecting the signal transmission at 8.6 GHz. Hence, they are neglected in the above 

analysis. By solving for abs(LG) = 1 (or 0 dB), the minimal power consumption for 



 

 

121 

 

starting oscillations is estimated. Moreover, the frequency of oscillation is 

estimated by solving phase(LG) = 0. Results based on Equation (5.1) are shown 

along with circuit simulated outcome in Fig. 5.7. The parameters used in Equation 

(5.1) to generate Fig. 5.7 are given as follows: gm1 = 7.45 mS, gm2 = 16 mS, gm3 = 

9.6 mS,  rout1 = 4.4 kΩ, rout2 = 1.048 kΩ, rout3 = 128 Ω,  Cgs1 = 32 fF, Cgs2 = 15 fF, 

Cgs3 = 10 fF, Cgd1 = 4.2 fF, Cgd2 = 4 fF, Cgd3 = 10 fF, Cds1 = 5 fF, Cds2 = 11 fF, Cds3 

= 14 fF, RB1 = 10 kΩ, RB2 = RB3 = 2 kΩ, RL = 400 Ω, and Lind1 =  Lind2 = 6.35 nH. 

The above equations can guide the analysis of the oscillator small signal behavior 

independent of the employed IC technology.  

 Design for Phase Noise  

The close-to-carrier noise adds directly to the system noise figure, while the 

far-from-carrier noise weakens the capability of a receiver to attenuate undesired 

adjacent channel signals. Both should be reduced in a sophisticated design. From 

the resonator standpoint, maximizing power dissipation in the motional branch (Pm 

= Rm Im
2) of the resonator without exiting the linear regime (larger Pm reduces far-

from- carrier phase noise) produces a better far-from-carrier noise. This can be 

guaranteed if most of the current passes through the motional arm at resonance (Rm) 

rather than the static arm (Co). However, the oscillator should consume low power 

for battery-powered mobile applications, leading to the well-known trade-off 

between phase noise and power consumption. Resonators with a smaller Rm (thus, 

a larger resonator if FoMRES is fixed [11]) are preferable for lower far-from-carrier 

noise. Also, doubling Qm translates ideally to a lower-6 dB thermal phase noise. 
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The oscillator bias points, bias circuit design, and transistor flicker noise are 

all significant contributors to flicker noise. The amplifier should provide enough 

loop gain (LG) to satisfy Barkhausen's conditions only for A3 while balancing noise 

performance and power consumption. To this end, M1, M2, and M3 have lengths 

of 240, 90, and 70 nm to reduce the impact of flicker noise. Bias voltages and 

transistor widths are optimized for both flicker and thermal noises with 

transconductance values given in Fig 5.7. The dc currents in M1, M2, M3, and the 

buffer are 2, 3.2, 2, and 3 mA, respectively, from a 1 V supply. L1 and L2 minimally 

affect resonator Ql since their center frequencies are far from 8.6 GHz. Smaller 

loading resistance for M3 (RL) translates to a better thermal phase noise yet more 

current consumption. Harmonic balance simulations show that M3 contributes to 

the noise at 1 kHz offset by 41%, M1 by 35%, and M2 by 20%. For the 1 MHz 

offset, the noise is dominated by Rm with 24%, M1 with 21%, and M3 with 5% of 

the total noise. 

 
Fig. 5.8. Post-layout simulated loop gain and phase. Only the A3 resonance satisfies Barkhausen's 

conditions of oscillation. Measured S-parameters of resonator A are used in this simulation [14].  
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Fig. 5.9. Wire-bond effects on loop gain. (a) Variation of LWB from 0.5 to 3 nH with Q of 30 where 

CD = 0. (b) Variation of CD from 5 to 30 fF where LWB = 3nH [14]. 
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 Integration Effects  

Figs.  5.8 and 5.9 show post layout stability simulations for the oscillator 

without and with wire-bonds effects, respectively. A parametric analysis of the 

impact of the wire-bond length on the oscillator loop gain was done using the wire-

bond model shown in the inset of Fig. 5.9 (a). Apart from the wire inductances, the 

model includes three additional capacitances to the ground, CD that captures the 

distributed capacitances effect over the wire length, and the bonding pads from the 

MEMS (CMEMS_pad) and CMOS die (CCMOS_pad). CMEMS_pad  is captured in the 

standalone resonator measurements, while the CCMOS_pad is simulated in the CMOS 

circuitry. Wire-bonds Q of 30 is assumed in the simulations with different lengths. 

Fig. 5.9. (a) shows the effect of varying LWB on the loop gain, while Fig. 5.9. (b) 

shows the impact of varying CD on the loop gain. Integration parasitics did not 

affect the parallel resonant frequency (fp) and only slightly lowered the series 

resonance frequency (fs). Simulations showed that wire-bonds barely load the 

resonator, as long as the wire inductance gain peak happens far from 8.6 GHz. 

Phase noise can be recovered by increasing the gate voltage of M1, hence 

increasing the power consumption. Simulations showed an increase of less than 0.5 

mW is needed for the 3 nH wire-bond case to retain the noise. This parametric study 

shows that the 8.6 GHz oscillations are resilient to wide variations in wire-bond 

length. Resonators are placed close to the edge of the MEMS chip to reduce the 

wire-bond lengths. 
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Fig. 5.10. Measurement setup [14]. 

 
Fig. 5.11. Measured phase noise of the 8.6 GHz carrier [14]. 

 X-Band Measurements  

The TSMC RF GP 65 nm CMOS chip (2 mm × 1 mm) is integrated with 

the MEMS chip (1.5 cm × 0.5 cm) on a glass substrate via wire bonding. The CMOS 

circuitry occupying an area of 700 µm × 625 µm is integrated with resonator A as 

shown in Fig. 5.10. The oscillator is tested on a probe station where the output is 
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sensed using a 100 µm pitch GSG probe. DC probes with decoupling capacitors are 

used to deliver the transistor bias voltages. Probing was planned as the 

measurement method in the design stage to avoid complications from parasitic 

inductances added to L1 and L2. Phase noise measurements are taken using an R&S 

FSUP26 signal analyzer and reported in Fig. 5.11. The oscillator achieves measured 

phase noise of -56, -113, and -135 dBc/Hz at 1 kHz, 100 kHz, and 1 MHz offsets 

from an 8.6 GHz carrier while consuming 10.2 mW of dc power. From Fig. 5.11, 

Leeson frequency can be estimated to be around 12 MHz, suggesting a measured 

loaded Q of 358. This value is lower than the reported value in Fig. 5.1 due to the 

integration and circuit loading effects. 

5.4 L-BAND OUTPUT  

The X-band oscillator wire-bonded to resonator B is followed by a single-

ended-to-differential output stage for conditioning the signals before entering the 

frequency divider. The inputs to the frequency dividers can be level-shifted through 

the VCM input shown in Fig. 5.12 (a). The frequency dividers used are simple 

current mode logic (CML) dividers that operate with moderate input and output 

swings and very high speeds in submicron CMOS [128]. A divide-by-8 circuitry is 

needed to convert the 8.6 GHz RF-MEMS output to 1.1 GHz output. Hence, 

division-by-8 is achieved through three stages of divide-by-2 circuitry. As shown 

in Fig. 5.12 (b), the divide-by-2 circuit is created by placing two D-latches in a 

negative feedback loop. 

The frequency divider derives its speed from the fact that a differential pair 

can be quickly enabled and disabled through its tail current source. The design has 
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several metrics, such as the clocking speed that halves after each division, the power 

budget, and the phase noise. The close-in phase noise of the 1.1 GHz output is 

limited by the flicker noise generated by the 8.6 GHz oscillator transistors. In 

contrast, the far-out noise is limited by the last divider stage and the CMOS 

inverters following it. The total dc power consumption of the L-band circuitry is 12 

mW, where the oscillator consumes 6.9 mW and the dividers consume 5.1 mW. In 

the current chip, the three divider cells are a replica. Power consumed in the divider 

can be greatly reduced by at least halving the power of each following stage as the 

clocking speed halves. 

 
Fig. 5.12 (a) L-band output from X-band RF-MEMS oscillator. (b) Divide-by-2 stage. (c) Oscillator-

dividers CMOS die [14]. 

 
Fig. 5.13. Measured phase noise of the 1.07 GHz output [14]. 
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Simulations show that the oscillator-divider interface realized through the 

squarer (buffer inverters following the oscillator) and the single-to-differential 

circuitry are noisier than the first two high-speed divider stages. This signal 

preconditioning is crucial for a stable division. The far-from-carrier noise is limited 

by the last divider stage (lowest speed) and the following CMOS inverters.  

Table 5.1. Noise Contribution of the Interface Circuitry and Frequency Dividers 

for the 1.1 GHz Output 

Offsets (kHz) 1 10 100 1000 

Measured phase noise at 8.6 GHz (dBc/Hz) -56 -85 -113 -135 

Measured phase noise at 1.1 GHz (dBc/Hz) -69.4 -98 -128 -147 

Phase noise at 8.6 GHz – 20*log(8) (dBc/Hz) -74.1 -103 -131 -153 

Delta (dB) 4.7 5 3 6 

Table 5.2.   Comparison to the SoA RF-Mems Oscillators above 5 GHz 

 
This work 

[14] 
[15] [117] [118] [119] 

Resonator 
LiNbO3 

A3 

LiNbO3 

A3 

FBAR 

fundamental 

FBAR 

fundamental 

FBAR 

3rd tone 

IC Process 
65 nm 

CMOS 
Discrete 

0.35 µm 

BiCMOS 
Discrete Discrete 

Osc. Freq. (GHz) 8.6 12.9 5.46 5 7 

Resonator Footprint 

(mm2) 
0.016 0.01 0.034 > 0.1 - 

Ql 384 270 300# 300 1350 

kt
2 (%) 2.2 1.9 6.67# 4.3 - 

FoMRES 8.4 5.1 20 12.9 - 

dc Power (mW) 10.2 20 12.7 - 16.2 

PN (dBc/Hz) 

1 kHz -56 
-70 -64^ - - 

-73.5 -60 - - 

100 kHz -113 
-111 -117.7 -109.5 -80 

-114.5 -113.8 -104.8 -78.2 

1 MHz -135 
-131 - - -110 

-134.5 - - -108.2 

FoMOsc (dB) 100 kHz 201.6 200.2 201.4 - 164.8 

The values in the shaded cells are referenced to an 8.6 GHz output. # as reported in [120]. ^ value 

estimated from a plot in [117].  
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Table 5.3.   Comparison to the SoA EM Oscillators 

 
This work 

[14] 
[105] [103] [104] [102] 

Resonator LiNbO3 DRO µstrip Active LC 

IC Process 
65 nm 

CMOS 
GaN GaAs SiGe BJT Discrete BiCMOS 

Osc. Freq. (GHz) 8.6 10.6 10 10 15 

Resonator 

Footprint (mm2) 
0.016 - - - - 

Ql 384 600 - 1211 - 

dc Power (mW) 10.2 - 200 500 72 

PN 

(dBc/Hz) 

1 kHz -56 
-53ϯϯ

 
-76ϯϯ -90ϯϯ -65ϯ 

- - 
-54.8 -77.8 -91.8 -66.3 

100 kHz -113 
-118 -123 -135 -113 -114.4 -102* 

-119.8 -124.8 -136.8 -114.3 -115.7 -106.8 

FoMOsc 

(dB) 
100 kHz 201.6 - 190 187.4 187 

The values in the shaded cells are referenced to an 8.6 GHz output. ϯϯ values are estimated from a 

plot in [105]. ϯ values are estimated from a plot in [103]. *values are estimated from a plot in [102]. 

Table 5.4.   Comparison to the SoA PLLs above 5 GHz 

 
This work 

[14] 
[121] [122] [123] [124] 

Architecture 
RF-MEMS 

Oscillator 
LC-PLL 

LC-

ADPLL 
LC-ILCM 

Digital 

ILCM 

IC Process CMOS 65 nm 180 nm 65 nm 65 nm 65 nm 

Output Freq. (GHz) 8.6 9.75 8.58 6.8 8 

Reference Freq. (MHz) - 
Using off-shelf signal generators. Not XOs 

12.5 276.8 106.25 125 

IC Footprint (mm2) 0.4375 0.678 0.18 0.25 0.27 

dc Power (mW) 10.2 24 14.8 2.25 3.25 

PN (dBc/Hz) 
100 kHz -113 -66.11 - -111 -109.6 

1 MHz -135 -89.8 -105 -113.5 -115 

FoMOSC (dB) 1 MHz 203.6 155.8 172 186.6 187.9 

 

A noiseless divide-by-2 circuit can enhance the phase noise by 6 dB. With a 

noiseless divide-by-8, the noise at 1 kHz offset from a 1.1 GHz output should be 

ideally around -74 dBc/Hz, better than the measured value by 4.7 dB (extra noise 

from the 3-stage dividers and oscillator-divider inter-stage circuitry). Table 5.1 
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shows the noise contribution of the interface circuitry and frequency dividers for 

the 1.1 GHz output. 

The L-band measurement setup is identical to the X-band setup. The die 

photo of the oscillator-divider chain is shown in Fig. 5.12 (c) with an active area of 

600 x 700 µm. The measured L-band phase noise using resonator B is shown in 

Fig. 5.13. The synthesizer achieves phase noise of -69.4 and -147 dBc/Hz at 1 kHz 

and 1 MHz offsets, respectively, from a 1.07 GHz output. 

Table 5.5.   Comparison to the SoA L-Band PLLs 

 This work [125] [126] 

Architecture 
RF-MEMS 

Oscillator 
Ring IL-PLL Ring ILCM 

IC Process CMOS 65 nm 130 nm 65 nm 

Output Freq. (GHz) 1.07 1.1 1.2 

Reference Freq. (MHz) - 

Using off-shelf signal generators. Not 

XOs 

50 120 

IC Footprint (mm2) 0.42 0.18 0.06 

dc Power (mW) 12 13.5 9.5 

PN (dBc/Hz) 1 MHz -147 -121 -134.4 

FoMOSC (dB) 1MHz 196.8 170.5 186.2 

 

5.5 CONCLUSIONS 

In comparison to the X-band oscillators in Tables 5.2 and 5.3, the figure-of-

merit (FoMOSC) of our oscillator surpasses those of  the SoA EM and RF-MEMS 

oscillators above 5 GHz. Moreover, the measured oscillation frequency is the 

highest reported to date for a MEMS oscillator wire-bonded to CMOS. In 
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comparison to the SoA X-band PLLs in Table 5.4, the reported 8.6 GHz RF-MEMS 

oscillator surpasses their phase noise and FoMOSC results.  

Table 5.6.   Comparison to the SoA L-Band RF-MEMS Oscillators 

 
This work 

[14] 
[129] [130] [131] [132] [133] [134] [135] 

Resonator LiNbO3 FBAR FBAR 
AlN-on-

Si CMR 

GaN 

CMR 

AlN 

CMR 

AlN 

CMR 

AlN 

SMR 

IC Process 
65 nm 

CMOS 

0.35 µm 

CMOS 

130 nm 

CMOS 

180 nm 

CMOS 

1 µm 

GaN 

0.5 µm 

CMOS 

130 nm 

CMOS 

BiCM

OS 

Osc. Freq. (GHz) 8.6 1.5 2 1 1 1.05 1.16 2 

Ql 370 742 - 7100 4250 1450 3700 700 

kt
2 (%) 2.1 - - - 0.24 1.2 0.99 0.6 

FoMRES 7.7 - - - 10.2 17.4 36.63 4.2 

dc Power (mW) 12 1.03 0.126 7.2 4.71 3.5 4.2 4.05 

Multiple 

Frequency 

Outputs 

Yes 

8.6, 4.3*, 

2.15*, 1.07 

No No No No No No No 

PN 

(dBc/Hz) 

1 kHz -69.4** -86 - -94 -75 -81 -82.3 -73 ϯϯ 

1 MHz -147** -147 -149 -150 ϯ -141 -146 -173.3 -137 ϯϯ 

FoMOSC 

(dB) 
1 MHz 196.8 210.4 224 201.4 194.3 201 228.4 196.9 

* There are no output pads for measuring the spectrums of the 4.3 and 2.15 GHz carriers, but the 

work can be expanded to include output nodes for these two frequencies. ** Phase noise values 

measured at 1.07 GHz output. ϯ value estimated from a plot in [131]. ϯϯ value estimated from a plot 

in [135]. 

By tuning the inductive loads (L1, and L2) to smaller values, the same 

oscillator topology can be used to excite higher-order resonances. Moreover, 

adding a switchable capacitor bank parallel to L1/ L2 or using a switchable inductor 

bank can enable the oscillator to hop among different overtones rather than generate 

a fixed frequency output. Hence, this approach also allows for a potentially ultra-

wideband tunable frequency generation.  
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In comparison to the SoA L-band PLLs in Table 5.5, our synthesizer 

surpasses their phase noise and FoMOSC results. This proves our claim that a direct 

frequency synthesizer based on a high Q RF-MEMS oscillator and open-loop 

dividers can be more beneficial than a PLL referenced to a low-frequency stable 

source.  

In comparison to the L-band RF-MEMS oscillators [129]-[135] in Table 

5.6, our synthesizer with 2 (potentially 4) frequency outputs achieves competitive 

phase noise results at 1 MHz offset from a 1.1 GHz output. To improve the close-

in phase noise for L-band and make it more competitive with prior arts, either 

increasing the resonator Ql or choosing a lower flicker IC technology for integration 

(or both) should be considered. A resonator with a Ql of 4000 at 8.6 GHz would 

ideally result in a phase noise around -95 dBc/Hz at 1 kHz offset from 1.1 GHz 

output using the same active circuitry. Such higher Ql (11 times fold) would also 

decrease the resonator motional resistance, leading to better phase noise at 1 MHz 

offset and lower power consumption. The higher Q can be potentially achieved by 

improving the resonator thin-film quality, using metals with lower mechanical 

losses for electrodes or SiC or sapphire as a substrate to reduce dielectric loss. For 

our previous discrete version that uses a similar resonator at the Ku-band, reported 

in Chapter 4, increasing the resonator Ql from 270 to 432 (1.6 times) at 12.9 GHz 

would surpass the -95 dBc/Hz phase noise level at 1 kHz offset from a 1.1 GHz 

output. Thus, it is more practical to use a low-flicker transistor technology like SiGe 

rather than improving the resonator Ql solely. Moreover, injection-locked dividers 

can minimize the power consumption and the phase noise of the high-frequency 
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dividers, despite trading off the form factor. Other topologies for building the core 

oscillator, such as cross-coupled differential pairs, might be considered to reduce 

the power consumption further.  
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CHAPTER 6: SUMMARY AND FUTURE WORK 

 

6.1 SUMMARY  

The presented work focuses on the design and implementation of LiNbO3 

RF-MEMS oscillators for IoT, 5G and beyond. LiNbO3 resonators characterized by 

high Q, high kt
2, and high FoM are crucial for building high-performance acoustic 

oscillators. LiNbO3 RF-MEMS oscillators can be enabled with lower power 

consumption, wider tuning ranges, and a higher frequency of oscillation when 

compared to other RF-MEMS oscillators.  

The presented work addresses two main oscillator specifications: enabling 

wider tuning ranges for IoT, and higher frequency of oscillation for 5G and beyond. 

Wide tuning ranges were enabled by the oscillators presented in Chapters 2 and 3, 

while the multi-GHz high Q oscillators were discussed in Chapters 4 and 5.  

Chapter 2 presents the first VCMO based on the heterogeneous integration 

of a high Q LiNbO3 resonator and CMOS. A LiNbO3 resonator array with a series 

resonance of  171.1 MHz, a Q of 410, and a kt
2 of 12.7% was adopted, while the 

TSMC 65 nm RF LP CMOS technology was used to implement the active circuitry. 

The measured best phase noise performances of the VCMO are -72 and -153 
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dBc/Hz at 1 kHz and 10 MHz offsets from 178.23 and 175.83 MHz carriers, 

respectively. The VCMO consumes a dc power of 72 µW while realizing a tuning 

range of 2.4 MHz (~ 1.4% fractional tuning range).  

Chapter 3 presents the first VCMO based on LiNbO3 LOBAR. The 

proposed VCMO is capable to lock to ten overtones ranging from 300 to 500 MHz. 

These ten tones are characterized by average Qs of 2100, kt
2 of 1.5%, and FoMs of 

31.5. The measured VCMO shows a close-in phase noise of -100 dBc/Hz at 1 kHz 

offset from a 300 MHz carrier and a noise floor of -153 dBc/Hz while consuming 

9 mW.  

Chapter 4 presents the first Ku-band RF-MEMS oscillator. The oscillator 

achieves measured phase noise of -70 and -111 dBc/Hz at 1 kHz and 100 kHz 

offsets from a 12.9 GHz carrier while consuming 20 mW of dc power. The 

oscillator achieves a FoMOSC of 200 dB at 100 kHz offset. The achieved oscillation 

frequency is the highest reported to date for a MEMS oscillator. 

Chapter 5 presents the first X-band RF-MEMS oscillator built using CMOS 

technology. The oscillator achieves measured phase noise of -56, -113, and -135 

dBc/Hz at 1 kHz, 100 kHz, and 1 MHz offsets from an 8.6 GHz output while 

consuming 10.2 mW of dc power. The oscillator also attains a FoMOSC of 201.6 dB 

at 100 kHz offset, surpassing the SoA EM and RF-MEMS based oscillators, and X-

band PLLs. A frequency divider is implemented to produce an L-band output from 

the 8.6 GHz oscillator. Phase noise of -69.4 and -147 dBc/Hz at 1 kHz and 1 MHz 
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offsets from a 1075 MHz output is reported while consuming 12 mW of dc power. 

The phase noise performance also surpasses the SoA L-band PLLs. 

6.2 FUTURE WORK 

The work can be extended to study the effect of the LiNbO3 resonator 

volume on the phase noise, tuning range, and power consumption of microwave 

oscillators. Smaller resonators are critical for microwave and mm-wave oscillators 

because of their smaller Co as previously discussed in Chapters 4 and 5. However, 

smaller resonators are usually accompanied by larger mechanical losses at 

resonance, Rm. A parametric study is needed to evaluate the resonator design space 

for targeting high FoM oscillators.  

Moreover, the work can be extended to serve the mm-wave 5G timing needs 

by enabling ultralow-power low-noise direct RF synthesizers. Scaling up the 

frequency of oscillation from 13 GHz to 28 GHz will serve the purpose. Open loop 

frequency division can be enabled to serve lower frequency wireless applications.  

The oscillator temperature stability is very critical for wireless 

communications as previously discussed in Chapter 1. LiNbO3 resonators exhibit a 

first-order TCF of -60 ppm/˚C, which is insufficient for high-performance timing 

applications. A passive temperature compensation (TC) technique using a layer of 

SiO2 with positive TCF can be applied to the resonator stack. A first-order TCF 

<0.5 ppm/˚C can be achieved at room temperature after optimization. In addition 

to the passive TC, active compensation will be required; the resonator can be 

equipped with a thermistor (as shown in Fig. 6.1) to detect the operating 
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temperature of the resonator and relay the temperature to a CMOS temperature-to-

digital converter that feeds compensation circuitry and a frequency tuning 

mechanism. Through the combination of active and passive techniques, the 

temperature stability is expected to be reduced to <1 ppm across industrial 

temperature ranges.  

A 5G system-level study (from antennas to modems) would be beneficial to 

fully understand the merits of acoustic oscillators in these systems. Longer battery 

life, higher data rates, lower EVMs and smaller form factor are all envisioned. A 

quantitative study is needed to prove the above claims.   

 
Fig. 6.1. Schematic of the proposed system for future investigation. 
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