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ABSTRACT

Linearization and Efficiency Enhancement Techniques for RF and Baseband Analog
Circuits. (December 2010)
Mohamed Salah Mohamed Mobarak, B.S., Cairo University, Egypt;
M.S., Cairo University, Egypt

Chair of Advisory Committee: Dr. Edgar Sanchez-Sinencio

High linearity transmitters and receivers should be used to efficiently utilize the
available channel bandwidth. Power consumption is also a critical factor that determines
the battery life of portable devices and wireless sensors. Three base-band and RF
building blocks are designed with the focus of high linearity and low power
consumption.

An architectural attenuation-predistortion linearization scheme for a wide range
of operational transconductance amplifiers (OTAs) is proposed and demonstrated with a
transconductance-capacitor (Gm-C) filter. The linearization technique utilizes two
matched OTAs to cancel output harmonics, creating a robust architecture. Compensation
for process variations and frequency-dependent distortion based on Volterra series
analysis is achieved by employing a delay equalization scheme with on-chip
programmable resistors. The distortion-cancellation technique enables an IM3

improvement of up to 22dB compared to a commensurate OTA without linearization. A



v

proof-of-concept lowpass filter with the linearized OTAs has a measured IM3 < -70dB
and 54.5dB dynamic range over its 195MHz bandwidth.

Design methodology for high efficiency class D power amplifier is presented.
The high efficiency is achieved by using higher current harmonic to achieve zero voltage
switching (ZVS) in class D power amplifier. The matching network is used as a part of
the output filter to remove the high order harmonics. Optimum values for passive circuit
elements and transistor sizes have been derived in order to achieve the highest possible
efficiency. The proposed power amplifier achieves efficiency close to 60% at 400 MHz
for -2dBm of output power.

High efficiency class A power amplifier using dynamic biasing technique is
presented. The power consumption of the power amplifier changes dynamically
according to the output signal level. Effect of dynamic bias on class A power amplifier
linearity is analyzed and the results were verified using simulations. The linearity of the
dynamically biased amplifier is improved by adjusting the preamplifier gain to guarantee

constant overall gain for different input signal levels.
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CHAPTER I

INTRODUCTION

1.1 Motivation

Internet, smart phones, and global positioning system (GPS) navigation have
become an essential part of our daily lives. Advances in communication technologies
enabled the integration of multiple features to a single device, for example mobile
phones are used to transfer videos as well data over the internet and they can be used as
GPS navigation devices beside their main use of transmitting voice signals. Moreover,
many new applications that utilize wireless bandwidth have recently emerged such as
satellite communications which is being used to provide important services to remote
locations. These advances in wireless systems led to a very crowded wireless spectrum.
The amount of data required to be transmitted over the wireless connections has
increased significantly while the available bandwidth is very limited.

New techniques must be used in order to allow high data rate transmission over
the available bandwidth and to extract the weak signal received in the presence of strong
interference. Low noise receivers are necessary to distinguish the received signal from
the noise level. On the other hand, high linearity receiver is required to minimize the

effect of the interfering signals over the desired signal.

This dissertation follows the style of IEEE Journal of Solid-State Circuits.



Low power operation is also desired for mobile transceivers. In some
applications, such as sensor networks or implantable medical sensors, power
consumption is a crucial factor when designing the transceiver building blocks. The goal
of this research is to develop new circuits and techniques to build high linearity receivers
and high efficiency transmitters. While the noise contribution of the first block in
wireless receiver is the most critical compared to the rest of the receiver, the non-
linearity of base-band blocks in wireless receivers is the dominant source of non-
linearity in the whole receiver. On the transmitter side, the power amplifier efficiency is
one of the major factors that determine the whole transmitter power consumption. New

circuit techniques has been proposed for the following base-band and RF blocks

1) High linearity base-band filter using attenuation-predistortion linearization
technique for the use in wide-band receivers.

2) High efficiency class D power amplifier for low output power applications.

3) High efficiency class A power amplifiers with dynamic bias control for high
linearity transmitters in applications that involve envelope modulated signal

transmission.

1.2 Dissertation Organization
Chapter II discusses the development of new architectural technique for the
linearization of operational transconductance amplifiers (OTA) that is used as a part of

OTA-C filters. Since there is an increasing demand of higher data rate and consequently



wider channel bandwidth, the high frequency effects associated with the proposed
techniques is analyzed and frequency compensation scheme is proposed. Tradeoff
associated with the proposed techniques, effect of process-voltage-temperature (PVT)
variations is also provided in details. Measurement result of a standalone operational
transconductance amplifier is presented and compared to a reference transconductance
amplifier fabricated on the same chip that doesn’t utilize the proposed linearization
technique. Results of second order low pass filter that is build using the proposed OTA
is also given.

Design of high efficiency switching power amplifiers is addressed in Chapter 111
with a description of the advantages and the disadvantages of different power amplifier
classes. Efficiency analysis of class D power amplifier is provided and optimization of
class D efficiency for low power applications is given. The high efficiency operation is
verified with the measurement results of a 400 MHz class D power amplifier.

Chapter IV presents a study of class A power amplifier dynamic biasing and its
effect on the amplifier linearity. High efficiency and high linearity operation of class A
power amplifier using dynamic biasing is proposed. Linearity enhancement using
dynamic bias is analyzed and measurement results for dynamically biased class A
amplifier is provided.

Conclusions are summarized in Chapter V and possible areas of future work are

also presented.



CHAPTER 11
ATTENUATION-PREDISTORTION LINEARIZATION OF CMOS OTAS

FOR OTA-C FILTER APPLICATIONS*

2.1 Introduction

Operational transconductance amplifiers (OTAs) are essential elements of
transconductance-capacitor (G,-C) filters [1]-[3], AX modulators [4], gyrators, variable-
gain amplifiers, and negative-resistance elements. Compared to their active-RC
counterparts, Gy,-C filters enable low-power operation and tuning of the filter
characteristics at higher frequencies, but are less linear. Tunable active-RC filters are
suitable for low-frequency applications (e.g. <20MHz in [5]); however, extending their
use to higher frequencies would require significantly more power. On the other hand,
OTA-based filters in wireless receivers and continuous-time (CT) AX analog-to-digital
converters (ADCs) increasingly mandate good linearity at higher frequencies. These
applications typically require highly linear OTAs with third-order inter-modulation
(IM3) distortion better than -60dB. Further advances in high-frequency G,-C filters with
SNDRs over 50dB are also desirable for channel selection/equalization in multi-Gbps
portable data communication devices [3], and for possible application in next generation

analog-to-information receivers with dynamic range > 90dB in 200MHz bandwidth [6].

*© 2010 IEEE. Chapter II is in part reprinted, with permission, from “Attenuation-predistortion
linearization of CMOS OTAs with digital correction of process variations in OTA-C filter applications,”
M. Mobarak, M. Onabajo, J. Silva-Martinez, and E. Sanchez-Sinencio, IEEE J. Solid-State Circuits, vol.
45, no. 2, pp. 351-367, Feb. 2010.

For more information go to http://thesis.tamu.edu/forms/IEEE%20permission%?20note.pdf/view.



Viable high-frequency G,,-C filter solutions were presented in [1] and [7] with 3-
dB frequencies at 275MHz and 184MHz, respectively. The topology reported in [1] has
low noise, limited linearity, and a pseudo-differential realization prone to low power
supply rejection ratio (PSRR). The filter in [7] achieves high linearity with relatively low
power but higher noise. Trade-offs between linearity, noise, power, and operating
frequency are common and have been incorporated into figures of merit (FOMs) such as
in [8] and [9]. The filter cutoff frequency tuning range can also be incorporated into a
FOM [10], which aids in the comparison of Gy-C filters for applications in which
reconfigurability is important; e.g. wide tuning capability such as the 25:1 range in [10]
is beneficial in multi-standard receivers. Recent works also address alternative filter
structures such as the source-follower-based approach [11] and performance
improvement of typical OTA topologies [12].

A popular linearization approach is to cross-couple two transconductors,
theoretically cancelling certain harmonics at specific bias conditions over a limited
frequency range. Non-linearity cancellation with two devices in parallel has been
successfully extended to narrow-band RF transconductors in [13]. A typical cross-
coupled OTA contains two paths; each having different transconductance and the same
amount of harmonic distortion as illustrated by the block diagram in Fig. 2.1. When
cross-coupled, the equal harmonics cancel under ideal conditions and the effective
transconductance is the difference between the two paths. The frequency dependence of
this approach has been analyzed with Volterra series in [14], in which the analytical

expressions are correlated with measurement results. Process-voltage-temperature (PVT)



variations, high-frequency effects, and device modeling inaccuracies will create
unforeseen mismatches between the two amplifiers. Therefore, precision tuning of bias
currents/voltages is typically required. Signal attenuation can be also used to linearize
the amplifier in the expense of gain reduction. Attenuation and cross-coupling has been
combined for the low-noise amplifier in [15], in which distortion cancellation is
restricted to third-order non-linearities with feedforward path and precise off-chip input
attenuation. Accurate modeling of frequency-dependent distortion characteristics on the

MOSFET device level is presented in [16].

—»  yi=agtax+ascr...

- yi=(a0-bo)+(az-b1)x

—P> y2=b0+b1X+b3X3+...

Cross Coupled amplifiers
(az=bs)

Fig. 2.1. Block diagram of cross coupled amplifiers.

For a source coupled differential pair biased by a current source Ipc, the

differential output current is expressed in terms of the differential input voltage v4 as

I, =V, /Bl oc — B2V 14, where B = peCoxW/L, po is the electron mobility, Coy is the

gate oxide per unit area, W is the transistor width, and L is the transistor length. The bias



current of the differential pair can be adjusted dynamically in order to linearize the OTA
[17]. If the bias current Ipc is adjusted such that Ipc = Ipco +(/?/4)vd2, then the output

current is linearly proportional to the input differential voltage vq and it is given by
I, =Vy+/Ploco - However, in deep submicron technologies, other third order

nonlinearities arise from short channel effects which were neglected in the previous
analysis and thus finite third order nonlinearities will not be cancelled by this technique.
The proposed methodology is an architectural solution that achieves up to 22dB
IM3 improvement over an identical non-linearized OTA design at frequencies as high as
350MHz. It can be generalized to fully-differential topologies which offer higher PSRR
and common-mode rejection ratio (CMRR). Since the maximum frequency is mainly
limited by process parasitics and OTA performance, the approach shows promise of
exceeding 350MHz bandwidth in future nanoscale CMOS processes. Robust
linearization over a wide frequency range demands a mechanism to correct for high-
frequency effects and PVT variations, for which a digital programmability scheme is

proposed.

2.2 Attenuation-Predistortion Linearization Methodology

Signal attenuation at the OTA input [14] reduces the effective transconductance
and decreases the SNR. Alternatively, distortion cancellation by means of cross-coupled
differential pairs results in increased power consumption and noise proportional to the
transistor parameters in the additional path. Since the extra differential pair normally has

less transconductance than the main pair, the effective transconductance is reduced by



10-50%. However, both transistor pairs should have the same third-order non-linearity,
which translates into different transistor sizes and bias currents for each pair. As a result,
the cross-coupling technique is sensitive to PVT variations and restricted to narrow
frequency ranges. Another common method to linearize a transistor having
transconductance gy, is to add a degeneration resistor Ry at the source [14], which makes
the third-order harmonic distortion proportional to the factor 1/(1+ngSd)3 . Nonetheless,
large degeneration resistance results in higher input-referred noise, lower
transconductance, and less voltage headroom. The effective transconductance (gmsq) and

the input-referred noise (V*ysq) With resistive source degeneration are given by

. 4KT (2
O msd :g— , Vr?Sd z—(__'_ngSd)’ (21)
1+ngsd gm 3

where the noise coefficient y was approximated as 2/3. For example, using a
degeneration factor gnRs = 2 will ideally result in IM3 improvement of approximately
29dB, an input-referred noise power increase by a factor of 4, and a decrease of the
transconductance to one third of its original value. But based on simulations of the OTA
from this work with g,Rq = 2, the expected IM3 improvement would be 25.2dB with an
associated noise power increase of more than 9 times.

The proposed attenuation-predistortion [18] method is independent of OTA
topology and involves cancellation of all distortion components except those from
secondary effects at high frequencies. It can be used in conjunction with other circuit-
level linearization techniques internal to the OTA, such as source degeneration or cross-

coupling.



2.2.1 Single-Ended Circuits

The proposed linearization scheme is illustrated in Fig. 2.2 where the non-linear
system is linearized by subtracting the harmonics created in an identical system. Fig. 2.3
depicts the single-ended architecture that contains an auxiliary branch with an OTA
having identical dimensions, DC bias, and AC common-mode conditions as in the main

path to generate the distortion components required for cancellation.

x _XI2- x/2+D-D

X Phase/ Nonlinear >
Delay system

x Y- x/2 | Nonlinear
System
+ Delay

x/2+D

Fig. 2.2. Block diagram of the proposed attenuation-predistortion technique.

An important advantage of identical paths is robustness to PVT variations
because of optimal device matching obtainable from proper layout. In this scheme, it is
avoided to base the distortion cancellation on branches with different transconductor
device dimensions or bias conditions, which would degrade matching accuracy. But
even with minimized mismatches, non-linearities are particularly frequency-dependent at

high frequencies and remain sensitive to PVT variations as established in Section 2.5.
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Hence, the proposed linearization method involves variable resistors to tune performance
and counteract high-frequency degradation as well as PVT variations. Either a resistive
or capacitive divider can form the attenuator at the input of the auxiliary path; however,

resistors add more noise.

D T Ty

.
Y

main path faux = GMVin/2 + inon-iin{ Vin/2}

+ lout Vy = Vin/2 + inonain{Vin/2} X R

Vit = Vinl2 - inon-in{Vin/2} / Gm

iout = vain/2 + inon—lin{Vin/Z} - inon-lin{vin/z}

"""""""""""""" =« *inoniin{Vm} represents the distortion
components of the current generated
by Gm with input voltage amplitude V,

Py
I
2
9)
3

Fig. 2.3. Attenuation-predistortion linearization scheme for single-ended circuits.

Distortion cancellation in the single-ended case requires G, xR = 1, which is
ascertained by the following analysis. For a certain input voltage amplitude Vy,, the
output current can be divided into a linear part 1, {Vm} = Gm*Vy, and a non-linear part
lnon-lin{ Vm} = gm2><Vm2 + gm3><Vm3 + ... , where g, gm3,... are Taylor series coefficients
of the transconductance. The differential input of the main OTA is: Vgir= Vin — [ Vin/2 +

lnon-tin{ Vin/2}/Gm 1 = Vin/2 — tnon-din{ Vin/2}/Gm. Under ideal conditions, the distortion
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generated in the auxiliary path, -iyoniin{Vin/2}, cancels out the distortion in the main
voltage-to-current conversion. In practice, distortion caused by non-linearities at the
output of the auxiliary OTA and high-frequency effects introduces some finite
uncancelled distortion. Capacitor C, represents the lumped output capacitance of the
auxiliary OTA, input capacitance of the main OTA, and layout parasitics. Resistor R of
the phase shifter and equivalent input capacitance C; provide 1%-order frequency
compensation, creating a pole to equalize the phase shift between the main and auxiliary
paths. Compensation is necessary at high frequencies because parasitic capacitance C, at
the negative input terminal of the main OTA creates a pole with resistor R in the

auxiliary path.

2.2.2 Fully-Differential Circuits

A conceptual diagram of the proposed linearization approach for a fully-
differential transconductor (G,,) and the corresponding circuit diagram are displayed in
Fig. 2.4 and Fig. 2.5 respectively. In the fully-differential case, attenuation factors at the
input of the transconductors are chosen such that it can be realized with floating-gate
devices as described in Section 2.4.1.

As discussed in [14], [19] and [20], the inherent input attenuation with floating-
gate stages enhances the OTA linearity. The distortion cancellation principle is the same
as in the single-ended case, but different conditions must be satisfied for fully-
differential implementation, which are explained in Sections 2.2.3 and 2.4.1 with regards

to the attenuation ratios.



2/3

===

x/3-D+D

—)

Nonlinear
system

N
\1/3

Phase/
X —Pp
Delay
x 13 43 | Nonlinear
p— System
+ Delay

Fig. 2.4. Block diagram of the fully differential implantation of the attenuation-
predistortion technique.

I 3 2 DO D1 D2 D3 D4 D5
A ST r 2 2 2
| Le-laphp 5
i R
e L
i‘iphase shifter ~3C digitally programmable resistor ladder
______ y J
V ------- faux = GMVin/3 + inon-in{ Vin/3}
Py ; phase Vi = Vin + 3/GM X inon-iin{Vin/3}
1 shifter
! ‘9 3 Vit = Vin/3 - inon-in{ Vin/3} / Gm
_____ iout = Grnvin/3 + inon-Iin{Vin/s} - inon-lin{Vin/3}
B i A main path
i
' \ out
E &» J_Cp t ——
. if Gm
] - T _ - e —
: + |~ i
] IOUt
(S (dig.prog)} ..
* inonin{Vm} represents the distortion
components of the current generated
b4 by Gm with input voltage amplitude Vp,
o phase
V' shifter
n-

Fig. 2.5. Attenuation-predistortion linearization for fully-differential circuits.
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By selecting an input attenuation ratio of 1/3 and voltage gain of 3 in the
auxiliary branch (G,xR = 3), the signal amplitude Vy is equal to Vi, plus three times the
distortion components caused by the non-linear current ipenjin{Vin/3} from the
transconductor with input amplitude of Vi,/3. In the main path, the effective differential
OTA input is: Vgir = 2Vin/3 — Vi/3 = 2Vie/3 — [ Vin + 3Xinonin{ Vin/3}/Gm 1/ 3 = Vin/3 —
lnon-tin{ Vin/3}/Gm. Thus, the differential signal contains the attenuated input signal and
the inverse of the distortion generated by the identical Gy, in the auxiliary branch for
distortion cancellation during the voltage-to-current conversion in the main path. Ideally,
the distortion components are canceled by the equal and opposite terms from the
predistortion of the differential input signal except for negligible higher-order
components. C, in Fig. 2.5 represents the equivalent differential capacitance of all
parasitic capacitances at the output of the auxiliary OTA and C, is the differential
equivalent of the parasitic capacitances at the input of the main OTA. Expressions for
optimum distortion cancellation at high frequencies are provided in Section 2.3.

Linear RC phase shifter networks are chosen for the frequency compensation
implementation in order not to affect the cancellation scheme. Resistors R and R, are
tuned with 6-bit resolution to compensate for mismatches/PVT variations. The phase
shifter block is utilized to equalize the delay from the input to summing nodes 3 and 4 in
Fig. 2.5. Furthermore, the phase shifter enables optimization of the non-linearity

cancellation based on high-frequency effects.
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2.2.3 Scaling of Attenuation Ratios

Depending on application-specific requirements, the design parameters in the
attenuation-predistortion linearization approach can be selected to adjust the voltage
swings and the effective transconductance. Fig. 2.6 shows the fully-differential
attenuation-predistortion linearization scheme, where frequency compensation and

parasitic capacitors have been omitted for simplicity.

S

oo

Fig. 2.6. Low-frequency model for the fully-differential attenuation-predistortion
scheme.

The following analysis assumes floating-gates as a practical attenuator
implementation choice under the constraint that factors k; and (1-k;) are related as

elaborated upon in Section 2.4.1, but less restrictive types of attenuators could also be
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used. As mentioned before, the output current i, of an OTA due to an input voltage Vi,
can be modeled as having a linear and a non-linear part: iy = GV + Ihondin{ Vin} -

Ignoring high-frequency and secondary effects, the following relation can be written:

iout ~ Gm (kl - (1_ I(1 )kZGmR)\/in - (1_ I(1 )Gm R- inor‘rlin{kzvin}
+ inorHin{(kl - (1_ kl )kZGm R)\/in} ’

(2.2)
where: inonin {k2Vint ‘R(1-K1) << (K1-(1-k1)koGmR)Viy is assumed in the approximation. To
cancel the distortion, the following conditions should hold:
1) The auxiliary and main OTAs should have the same effective input voltage
amplitudes such that an identical distortion is created at their respective outputs.
i1) The gain in the auxiliary path must ensure that the distortion through this
signal path reaches the output of the main OTA with a gain of -1.
ii1) The internal signal swings should be bounded, i.e.:
k,G,R<1 (2.3)
Applying conditions 1) and ii), cancellation of the non-linear terms in (2.2)
requires:
@-k)G,R=1 , k,=k /2 (2.4)
Consequentially, the effective transconductance with linearization is given by
Grerr = (k, —(1—k, Kk,G,R)G,, = (k,/2)G,, =k,G, (2.5)
Condition 1ii) depends on the application and is not always necessary.
Cancellation of distortion with the proposed technique requires weakly non-linear
operation in the auxiliary branch, which is ensured by limiting the signal swing with this

condition. The example that is presented in Fig. 2.5 was derived with k,G,R = 1,
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ensuring that the signal swing at the output of the auxiliary OTA is the same as at its
input. This choice was made to maintain the same maximum input voltage swing as the
initial OTA without saturating the OTA in the linearization path. If the specified input
signal is kyGy,R times below the OTA saturation level, then k, can be increased
accordingly to obtain k,G,R > 1 and higher effective transconductance based on (2.5).
But, this choice is only permissible if a reduction of the maximum input swing by koG,R
can be tolerated, which would imply a reduction in the dynamic range. Typically,
choosing k,G,R = 1 is advantageous to maintain the same maximum input voltage
swing as the original OTA after linearization. Selection of k; = 2/3 and k, = 1/3 results in
the highest effective transconductance that can be achieved in (2.5) based on the above
conditions while also satisfying the attenuation factor relationships in the floating-gate
devices (Section 2.4.1) with identical signal swings at the input and output of the

auxiliary OTA (k,GnR = 1). Hence, G,R = 3 under the stated conditions.

2.3 Volterra Series Analysis

The preceding expressions are valid at low frequencies and give insight into the
conditions to cancel total distortion when secondary effects are negligible. Volterra
series analysis [21] is used to find the optimum compensation resistor value for
linearization at high frequencies. Employing a 3" order model of transconductor non-
linearity, the simplified model of the proposed attenuation-predistortion linearization
technique is shown in Fig. 2.7. In this analysis, g, represents the linear

transconductance and gp3 the third-order component. Resistor (R;) compensates for
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high-frequency linearity degradation by equalizing the delays in the main and auxiliary

paths.
Rc k,C
Vin+ AvAvAvA :
(1-ky)C
>_o Om1Via C_T_
+9 m3V|1
Rc k,C

Fig. 2.7. Non-linear model for fully-differential attenuation-predistortion cancellation.

The differential voltage Viy(t) at the input of the main OTA is given by

R-(1-k 1+ joCk,R,
Vi, (t) = _(gmlkzvin () + 9nslk, Vi (t)]s) 1+ ;C /lg .1+ Jja)b _;wz
p

k, 1+ jeC@l—k)R/2+ joC,R

(2.6)

+Vln(t) R 2
1+2C,/C 1+ job-cw )
where :
C(k,/2)1-k JR+2R,)+2kC R, +({1-k )C,R c R
= +
1+2C,/C °

k,(1-k,)CC_RR, +CC k, (1-k, )RR, +2k,C C,R.R
1+2C,/C

C=
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Following the same analysis as in Section 2.2.3 but taking the parasitic
capacitances C, and C, into account, the conditions for distortion cancellation at low
frequencies are:

gml'R'(l_kl) k1/2

—1, ky=— 2.7)
1+2C, /C 1+2C, /C

With the above provisions, the output current of the main OTA after algebraic

simplifications is:

ot () = 9maVio () + 9,5Viz (t)]3
zgml\/in(t)' (k1/2) -1+ Ja)c((l_kl)R_kch)+ szCoR

1+2C,/C 1+ job—co’®
C(kV,®72) 1+ jeCkR, 2.8)
"l1+2C,/C) 1+ job-co®

KV, ()/2 1+ joC(@—k )R—KR.)+ j2aC,R)
"l1+2C,/C 1+ job-co’

Assuming weakly non-linear operation based on condition 1i1) in Section 2.2.3
and that the signal can be expressed as a sum of sinusoids with noncommensurate
frequencies, the harmonic input method can be applied to calculate the Volterra series
coefficients [21] and theoretically demonstrate the non-linearity cancellation with the

proposed scheme. Taking a single input V, (t) =e’" and substituting into (2.8) to express

the linear transfer function H;:

Ho—q. . (k,/2) 1+ jeC(@-k)R-KR )+2jaC,R
1= Om 1+2C,/C 1+ jab—co’

(2.9)

Selecting V,, (t) =e!™ +el?! +e)®' and making the appropriate substitutions for

calculation of the third-order transfer function (Hs) yields the following equality after
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expansion and omission of all terms that do not contain the exp(jot + jmat + jost) factor
relevant to Hj:

Hi(o), 0,,0,) =

k/2 )[(1+joC(l-k)R-KR,)+2jo,C,R
"l1+2c,/C 1+ job —co?

2.10
(14 jo,C((L—k )R -=kR ) +2jo,C,R ) 1+ jo,C(L -k, )R- kR, )+ 2j,C,R (2.10)
1+ jo,b - cw? 1+ jo,b —cw?
) k2 ) 1+ (o, + @, + @, )Ck,R,
"\ 1+2C,/C ) 1+ j(0, + @, + @, )b — c(o, + @, + @, )

The amplitude of the third harmonic distortion (HD3) current due to a sinusoidal
input signal Vj.sin(@t) is given by

ios = %VisHa(w’ 0, 0) =

1o (Vakit2 (14 joC(@—k )R —KkR, )+ 2jaC,RY o
4°™\1+2C,/C 1+ job-co’ '
1 ((VukJ2 ) 1+ j30CKkR,
49 142C,/C | 17 j3ab—9cw?
Elimination of HD3 requires that 1,3 = 0, hence
1+ja)C((1—k1)R—k1RC)+2ja)COR_3 1+ j3aCk,R, 2.12)
1+ jab —co® 1+ j3wb —9cw? '

The cubic root in (2.12) can be approximated with 1+ X ~1+x/3 for x << 1.
Thus,

1+ joC((1-k )R-k R )+2jaC,R 1+ joCKR,
1+ jab - ca’ "1+ job—3ce’
~R ~ (1-k,)+2C,/C .
2k,

(2.13)
to cancel HD3
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For a two-tone input signal of the form VipiSin(an t)+Vipsin(ay, t), the IM3

current can be determined with Volterra series according to the following equation:

3

s = ZviﬁlvinZH s(0, 0,~0,) =

k12 Vi, 11 joC(L—k )R-KkR.)+2joC,R)
m3 (3Vinlvin2 /4 . 2
1+2C,/C 1+ job-co;

(1= jo,C(@-k )R-KR,)-2jw,C,R (2.14)
1- jo,b—ca’

3 -
~ K, /2 (av2v,, 14) 1+ j(20, — o, CK,R,
"l1+2C,/C ) ™4 (20, - 0, - c(20, — @, )

Simplifying ip3 for two intermodulation tones that are close together (o = ®; =

2m; — ;) yields:

3
30 VeV [ k/2 ) (1+ieC(a-k R-KR,)+2j0,C,R)
s 4 1+2C,IC 1+ job —cof

(1-joC(L-k)R-KR )-2jo,C,R
1- job—cw!

3 (2.15)
k,/2 1+ jo,CKkR,
~Oms| o= (3Vir?lvin2 /4) -J ——
1+2C,/IC 1+ job—-co;
=R, z(l_k1)+2C°/CR for iy, ~0
2k,

In the discussed example case with k;=2/3, the condition to cancel IM3 with the
phase shifter block in Fig. 2.5 is R=(R/4)*(1+6C, /C). To ensure high linearity with
variations of parasitic capacitances, the programmable range of R is selected based on

process corner simulations as described in Section 2.5.
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2.4 Circuit-Level Considerations

2.4.1Fully-Differential OTA with Floating-Gate FETSs
Fig. 2.8 displays the schematic of the OTAs implemented on the 0.13pm CMOS

test chip with a 1.2V supply, and its common-mode feedback (CMFB) circuit.

"- ‘~~~‘ Vbl
CFGl >
Vo. I—O Vl- [} V0+
[}
oV, /
FG2 ’
........ Vb2
L)
i,
' Veur
L}
L}
1 ee== T el
= S a" “,:
ST CTCSssssscssscsccccccsssccooqe ~ ,»” Floating-Gate Devices: s,
H Vo.- Vot ArE:JrIciJfrier ! 7 equivalent load seen at Vi /Vi.'s
' ' J A\ )
S SA A P Croy 2V17 .=
E Vem H ' c !
] [
, CMFB Vet N v, F62 G Cot o

- td
——————
-------

Fig. 2.8. Folded-cascode OTA (implements G, in the main and auxiliary paths).

Attenuators k;, (1-k;), and k, are realized with floating-gate devices for
attenuation-predistortion linearization of this fully-differential topology. The gates (G)
of the standard NMOS transistors in the OTA core are not resistively biased and are only

connected to two conventional metal-insulator-metal (MIM) capacitors. Fig. 2.8 also
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visualizes the equivalent capacitive load seen at the Vi: and V. inputs, where C,
represents the effective gate-to-groundacy) capacitance from transistor parasitic
capacitances. With this configuration, the gate voltages are: Vgi/. = (Crg1/Ciotal) V14 +
(Cr62/Ciotal) Va1, Where Cioral = Crgi + Crg2 when Cy is negligible. It follows that the
attenuation factors in Fig. 2.6 are: Crgi/Ciotal = k1 and Crg2/Ciotal = (Ciota-CrG1)/Ciotal = 1-
k;. The accuracy of the k; and (1-k;) factors predominantly depends on the matching of
the MIM capacitors Crg; and Cggp, Which can be achieved within 0.1-1% using proper
layout techniques. As assessed in Section 2.5, such a matching accuracy is more than
sufficient with the 3%-step programmability of resistor R for gain mismatch
compensation in both paths.

In the layout, all nodes G at the floating gates in Fig. 2.8 are connected to the top
metal layer using standard poly-metal contacts and metal-metal vias. During fabrication,
this connection ensures that any charge stored on the floating gates flows to the substrate
because all connections to the top metal are still joined prior to their separation during
the last etching step. Thus, no charge is stored on the floating gates when the substrate
contacts are also connected to the top metal layer [22], allowing gate discharge into the
substrate before the last etching operation. After etching, the top metal extensions of the
gates without trapped charge are floating, leaving only the connections to the two MIM
capacitors. The floating-gate device design expressions for k; and (1-k;) above are
assuming absence of excess charge on the floating gates, which is a satisfied condition
without extra fabrication steps as a consequence of the gate and substrate connections to

the top metal. A special programming technique for non-zero charge on the floating
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gates was not utilized in this work, but a more sophisticated floating-gate device
implementation as presented in [19] could be explored, which promises additional
potential for compensation of inherent transistor threshold voltage offsets in the OTA’s
input differential pair.

The phase shifter in Fig. 2.5 creates an extra pole within the linearized
architecture that the reference OTA does not have. This phase delay is roughly the same
as the delay from the pole formed by R and C, in the auxiliary path. In low-loss (high-Q)
designs, the additional pole can affect the gain of integrators and the frequency response
of biquad sections if 1/(RC,) is not significantly larger than the operating frequency. A
load compensation scheme is discussed in Section 2.7 for such situations.

Identical standalone OTAs are included on the same die to obtain reference
linearity measurements. The reference OTA also has a floating-gate input attenuation of
1/3 for fair performance comparison. In this way, the linearity benefit from the input
attenuation is isolated from the architectural linearization proposed in Fig. 2.5, and both
OTAs have the same effective transconductance (Gm/3 in this case), but the linearization
results in doubled power consumption. Since attenuation and feedback linearization
techniques have known linearity and effective transconductance trade-offs, the circuit-
level comparison is focused on the predistortion linearization scheme relative to a
commensurate OTA with equal input attenuation factor. This baseline OTA in Fig. 2.8
was biased with I, = 0.95mA and Iy; = 0.85mA, having an effective transconductance of
510pA/V. The linearization does not require any design changes in this core OTA, but

redesign of the OTA is an option if it is required to meet the same power budget after
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linearization, which is possible as long as OTA bandwidth reduction can be tolerated.

Such a linearization under power constraint is disclosed in Section 2.8.

2.4.2 Common-Mode Feedback Design

Suppression of undesired common-mode signals and noise is vital for linearity at

high frequencies. The CMFB circuit should have high gain to accurately control the

common-mode output voltage while maintaining a large bandwidth to reject common-

mode noise in the band of interest. The CMFB amplifier is shown in Fig. 2.9, where V¢

is the control voltage applied to the OTA in Fig. 2.8.

Vad ?
CL R R3C
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Cdg Cdg Cdg Cdg
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l . |
[ ) 1
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(a)

sl
Robi iCOb Cgs

(b)

Fig. 2.9. (a) Error amplifier circuit in the CMFB loop and (b) small-signal equivalent

circuit.

Neglecting the effect of the output resistance Ry, and capacitance C,, of the

current source Iy, in Fig. 2.9, the transfer function of the error amplifier is:
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V, g.R, 1+SRZCdg+52RZCdgCgS/gm

v 2 1+2s¢ /o, +8% | @}

cm

(2.16)

where :
201w, =R, (Cyq +Cy /2+(9,R./2)Cyy +(RL/R,)-(Cyy +C))
1wy =R,R CyCy/2+R,R (Cyy +C i /2)C,

dg ~gs

The zeros of this transfer function are given by

g AC
0, 0,=——"|1+ 1-—F (2.17)
chs ngszg

and the pole locations in the transfer function are approximately:

1
W, ~—
" R,(Cyy +Cy/2+(9,R. /2)Cyy + (R, IR,)-(C4y +C\)) L s
Cdg+Cgs/2+(ngL/2)Cdg+(RL/RZ)-(Cdg+CL) (2.18)
[0} ~ —
P2 R.CyCye/2+R (Cyy +Cy /2)C,

The pole w,; is inversely proportional to the compensation resistor R,. Another
pole in the CMFB loop is formed at the output of the OTA: w,3 = 1/(roCo)", where 1, is
the output resistance of the OTA and C, is the load capacitance. Assuming that the
CMFB gain-bandwidth (GBW) is larger than the two dominant poles ®,; and ®,3, the

CMFB gain-bandwidth product can approximated as

2
GBW =~ /A, - . ~ . . 2.19
AO a)pl COPS \/AO a)p3 Rz (Cgs / 2 + (gm RL /Z)Cdg) ( )

where A, is the CMFB loop gain. The effect of the two zeros on the GBW was assumed
to be negligible for simplicity; however their effect on the PM cannot be neglected and

should be taken into account. A small R, is desired to achieve high CMFB bandwidth.
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However, the two zeros (®,;, ®,) tend to go to infinity as R, approaches zero, which

will have an adverse effect on phase margin. If 4C_ /g, R,C,, <<1, the two zeros can

be approximated as

C
P SO L P (2.20)
Rszg Cgs gm Rszg
Hence, the phase margin can be estimated as follows:
2
PM ~ tan™ \/AO YO 2R,Cyg (2.21)
(Cy/2+(g,R,/2)Cy,)

Thus, the addition of the compensation resistor R, results in two zeros in the
transfer function of the error amplifier, which helps to insure stability of the CMFB loop.
The simulated AC response of the CMFB loop has a 51.9dB low-frequency gain and a

424 9MHz unity-gain frequency with 42.5° phase margin.

2.4.3 Proof-of-Concept Filter Realization

A 2"-order Gp-C biquad filter was designed with attenuation-predistortion-
linearized OTAs to verify that the proposed methodology is suitable for filters with Gp,-
C integrator loops. Fig. 2.10 shows the filter schematic and specifications. The lowpass
output of the biquad was measured using another OTA as buffer to drive the 50 input
impedance of the spectrum analyzer.

The primary motivation for digital correction (Section 2.5) to enhance linearity
performance with severe process variation is compatibility with digitally-controlled

receiver calibration approaches that involve the baseband filter.
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Fig. 2.10. Fully-differential 2™ -order lowpass filter diagram and design parameters.

Practical implementation details for receivers with digital performance
monitoring and calibration of analog blocks are described in [23]-[25]. They incorporate
accurate digital monitoring and I/Q mismatch correction in the digital signal processor
(DSP) as well as a few analog observables that give some insights into the operating
conditions, such as outputs from received signal strength indicators or DC control
voltages of blocks. The possibility exists to generate and apply test tones at the input of
an analog block and extract performance indicators from the output spectrum in the
DSP, which contains distortion components. Conversely, calibration could also be
performed by monitoring the bit error rate (BER) in the DSP from processing a special
test sequence or customary pilot symbols at the beginning of receptions. Since linearity

degradation impacts the BER, such a calibration could be computationally more efficient
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than calculating and analyzing the fast Fourier transform in the DSP. Regardless of the
specific digital calibration algorithm, the digitally-controlled correction capability of the
proposed linearization scheme can potentially enable filter linearity tuning in integrated
receiver applications without the need for extra DACs.

An alternative automatic calibration that does not involve an on-chip DSP but

dedicated analog and simpler digital logic circuitry is displayed in Fig. 2.11.
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]
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Fig. 2.11. Block diagram of the proposed automatic linearity tuning scheme.

From the conditions for optimum distortion cancellation described in Section
2.2.3, the gain of the auxiliary path must be equal to koGnR, which is unity in the
discussed design example. This can be ensured by measuring the signal level at the input
and output of the auxiliary OTA with power or peak detectors (PD;, PD,), and

controlling the digital code of resistor R until the gain is unity. The simplest control
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algorithm would be to cycle through the codes that determine the value of R until the
difference in the DC output voltages of PD; and PD, is minimized, which can be
performed digitally by detecting the toggling instance at the output of a single
comparator. At higher frequencies, the parasitic pole in the auxiliary path starts to affect
the distortion cancellation, causing the signal level at the output of the auxiliary OTA to
decrease with increasing frequency. Hence, the differential input signal to the main OTA

at PDs increases as a result, which is shown in Fig. 2.12.
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Fig. 2.12. Simulated AC amplitude at the input of the main OTA (PDjs in Fig. 2.11)
before and after adjustment of resistor R to its optimum value. (The voltage at PDs is
ideally equal to Vi = k" Viy).
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By measuring this signal that is ideally equal to k,- Vi, with PDs, the value of the
phase shift resistor R. can be adjusted until the outputs of PD3 and PD, are equal. This
comparison can be completed with the same logic as for PD,/PD,, but it has to be done
with an input signal at the maximum frequency at which high linearity is desired. The
automatic tuning has not been implemented on the circuit level, but simulations with
different values of R, showed that amplitude detection within 4.6% is required to detect
R. changes within 5% at 350MHz, which is sufficient for IM3 higher than 70dBc
(Section 2.5). In differential gain measurements, PVT errors in the detectors are
cancelled except for the errors from unavoidable mismatches between the two detectors.
Errors from mismatches are less than 5% at 2.4GHz [26], and more accurate amplitude
detection is achievable at lower frequencies. In [27] for example, differential on-chip
amplitude measurements were conducted up to 2.4 GHz using detectors with a die area

of 0.031mm” and negligible loading of the signal path (Cj, < 15fF).

2.5 Compensation for PVT Variations and Frequency-Effects

Since the frequency compensation is based on equalization of phase shifts from
RC time constants in the main and auxiliary paths, the optimum linearity point is
subjected to PVT variations. Resistors R and R, in Fig. 2.5 can be adjusted digitally to
ensure high linearity. When implementing the attenuation ratios with matched
capacitors, the variation of the resistors and transconductance mismatch between the

auxiliary and main paths become the main sources of IM3 degradation. Fig. 2.13
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illustrates the technique’s sensitivity to 20% variation of R, and G,, based on expression
q y p

for IM3 in (2.15).
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Fig. 2.13. Sensitivity of IM3| (in dBc) to component mismatches calculated with
equation (2.15): (a) 1I0MHz signal frequency, (b) 200MHz signal frequency.

In theory, the [IM3| (in dBc) without parameter variation is infinite. After
introducing a numerical resolution constraint, the peak |[IM3| is limited to around 95dBc.
Fig. 2.13 (a) reveals that Gp,-mismatch results in more degradation than R, variation at

low frequencies, but at high frequencies variation of R, becomes equally significant as
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evident from Fig. 2.13 (b). In general, less than +10% mismatch of G,xR and £5%
variation of R, are required for theoretical IM3| higher than 70dBc. Under consideration
of the trend towards increasing intra-die variability in modern CMOS processes,
programmability of R and R, is necessary to guarantee G,¥R gain and R, values within
these limits. The determination of the appropriate incremental resistor step size is
elaborated next.

To obtain a practical assessment of the distortion cancellation sensitivity, the
compensation resistor value and transconductance mismatch in the two paths were
varied in circuit simulations using Spectre. The resulting [IM3| is plotted vs. deviation
from the nominal design parameters in Fig. 2.14, showing an [IM3| better than 71dBc for
+7.5% R-variation and [IM3| better than 71dBc for +£3.3% R-variation in the presence of
10% Gy-mismatch. The reference OTA has |[IM3] of 51dBc. It is imperative for effective
distortion cancellation to implement the resistor ladders with 3% steps, enabling digital
correction of relatively small intra-die mismatches. To account for large absolute
variations of parameters, the adequate resistor tuning range should be selected based on
simulations under anticipated worst-case conditions.

In this work, simulations with process-corner models and temperatures ranging
from -40°C to 100°C were conducted. Based on these simulation results, a conservative
range from ~30 to 2.2kQ (approximately 3% - 200% of the nominal value) and 6-bit
resolution were chosen for the programmable resistors R, and R (Fig. 2.5) in this

prototype design.
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Fig. 2.14. Simulations showing sensitivity to variation and mismatch of critical
components: (a) [IM3] vs. change in R, (Fig. 2.5) at 350MHz, (b) [IM3] vs. R (in Fig.
2.5) with 10% transconductance mismatch between main OTA and auxiliary OTA at

350MHz.

2.6 Measurement Results

2.6.1 OTA

Table 2.1 summarizes the characterization results for the OTA. Two 0.1V, (-
16dBm) tones with 100kHz frequency separation and a combined voltage swing of
0.2V,, were applied during IM3 measurements. The results in Fig. 2.15 demonstrate
IM3 enhancement from —58.5dB to —74.2dB at 350MHz coupled with a rise in input-
referred noise from 13.3nV/VHz to 21.8nV/VHz and twice the power dissipation, while
other performance parameters are not affected significantly. The linearization decreased
the SNR in IMHz BW from 74.5dB to 70.2dB, but allowed to improve the IM3 by

15.7dB.
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Table 2.1 Measured main parameters of the reference folded-cascode OTA.

Parameter Measurement
Transconductance (Gp,) 510 AV
IM3 @ 50MHz
(Vin = 0.2 Vp-p) -55.3dB
Noise (input-referred) 13.3 nV/VHz
Power with CMFB 2.6 mW
PSRR @ 50MHz 48.9 dB
Supply voltage 1.2V
aﬂlsr T e
|58.5dB

PSS

Hz VBN 38 Hz ATHH# @ dB SHP 4,181 sec

EE#E{K%B,@S e :l iHz :RTN# s : S“EPR,EQZ;%@'"E&E EEH?E%QI iEo.es fiHz SPAN ARE RHz
Uncompensated OTA IM3 Compensated OTA IM3
(input: 0.2V, ,@350MHz) (input: 0.2V, ,@350MHz)
(a) (b)

Fig. 2.15. Measured linearity with 0.2V, input swing from two tones, each 0.1V,
(-16dBm) on-chip after accounting for off-chip losses at the input: (a) reference OTA,
(b) compensated OTA.
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Depending on the frequency and switch settings, IM3 enhancement up to 22dB
was achieved with the compensation resistor ladders having 6-bit resolution. If more
linearity improvement is required, the resolution of the resistor ladders (R and R,) in Fig.
2.5 can be increased by adding more control bits or using a MOS in triode region as one
of the elements to obtain a series resistance that is closer to the optimum value for
distortion cancellation.

The IM3 from the two-tone tests of the reference and linearized OTAs around
350MHz is plotted versus input peak-to-peak voltage in Fig. 2.16. This comparison
demonstrates that the IM3 enhancement from the linearization scheme requires weakly

non-linear operation.

-o— Compensated OTA & Reference OTA
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Fig. 2.16. Measured IM3 vs. input peak-peak voltage for reference OTA and
compensated OTA obtained using two tones having 100kHz separation around 350MHz.
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Even though the linearization effectiveness decreases with increasing input signal
swing, the IM3 improvement is still 11dB with 0.8V, differential signal swing for this
design with 1.2V supply. Since the distortion cancellation exhibits the highest sensitivity
to phase shifts at high frequencies, the control code of the phase shift resistor R in Fig.
2.5 has been changed from its optimum value. The resulting effect on the IM3 of the
linearized OTA at 350MHz is plotted in Fig. 2.17, which validates that variable phase
compensation is in fact required for optimum linearity performance. Two resistor ladder
settings satisfy that the IM3 attenuation is more than 74dB, hence the selected 3% step
for the least significant digital bit in this design was appropriate. Together with the plot
obtained by sweeping resistor R, in simulations (Fig. 2.14a), the measurements indicate
that the amount of IM3 improvement predominantly depends on the step size of the
programmable resistor ladder, which promises even better distortion cancellation with
finer resolution.

Table 2.2 includes noise and IM3 measurement results at various frequencies,
demonstrating the effectiveness of the broadband linearization scheme with the
associated input-referred noise. Performance trade-offs can be assessed with the figure
of merit from [8]: FOM = NSNR + 10log(f/1MHz) , where NSNR = SNR4g) + 10log[(
IM3y / IM3 )( BW / BWy )( Px / Pgis )] from [9], the SNR is integrated over IMHz BW,
IM3 is normalized with IM3y = 1%, bandwidth is normalized with BWy = 1Hz, and

power consumption is normalized with Py = ImW.
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Fig. 2.17. Measured IM3 dependence of the compensated OTA on phase shift obtained
with two test tones having 100kHz separation around 350MHz. (The least significant bit
of the digital control code changes the value of phase shift resistor R by ~3%).

Table 2.2 Comparison of OTA linearity and noise measurements.

Input- Power IM3 (Vin = 0.2 Vy.p) I\(Ijolrénoa'\l/l”z*e
OTA type (;erf]gri;i conSl;]mptlo 50 Mz 150 350 (at 350
MHz MHz MHz)
Reference
. ~ 13.3 -60.0 | -58.5
(input att. = nV/VHz 26 mw |-55.3dB dB dB 56.7
1/3)
Linearized
(att. =1/3 & 21.8 i S77.7 | -74.2
compensation | nV/VHz 52mwW.  |-77.3dB| g dB 64.3
)

* See Table 2.3 for details.
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Experimental results are compared with previously reported architectures in
Table 2.3. The OTA linearized with input attenuation-predistortion shows a competitive
performance with respect to the state of the art. High linearity at high frequencies is

realized in this design example, showing the potential of the technique.

Table 2.3 OTA comparison with prior works.

[1]* [11]* [14] [12] [7]* This work
IM3 - -47 dB -70 dB -60 dB - 742 dB
1P3 -12.5 dBV - - - 7 dBV 7.6 dBV
f 275 MHz 10 MHz 20 MHz 40 MHz 184 MHz 350 MHz
Input voltage - 0.2 Vpp 1.0 Vpp 0.9 Vpp - 0.2 Vpyp
Power / 4.5 mW 1.0 mW 4 mW 9.5 mw 1.26 mw 5.2 mW
transconductor
'“p“:]gf;grred 7.8nVAHz | 7.5nVAHz | 70.0 nV/AHz | 23.0 nV/VHz | 53.7 nV/WHz | 21.8 nViVHz
Supply voltage 12V 1.8V 33V 15V 18V 1.2V
0.18 um 0.5 um 0.18 um 0.18 um 0.13 um
Technology ~165nm CMOS | -\~ CMOS CMOS CMOS CMOS
FOMgs)™* 87.5 92.9 96.1 99.1 100 105.6
Normalized
FOM[ 1.0 3.4 7.1 14.3 17.8 64.3

* Power/transconductor calculated from filter power. Individual OTA characterization results not reported in full.
** FOMg) = 10log( f/ 1IMHz ) + NSNR from [8] ; NSNR = SNR g, + 10log[( IM3y / IM3 )( BW / BW\ )( P / Pgis )] from [9].
( SNR integrated over 1IMHz BW, normalization: IM3y = 1%, BWy = 1Hz , Py = 1mW )
(IM3in FOM for [1] and [7] was calculated with: IM3g) = 2 X [ Pin@em) - IP3g) ]. )
*** Normalized FOM magnitude relative to [1]: Normalized |[FOM| = 10"(FOMqg)/10) / ( 10" (FOMg)/10) of [1] )
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2.6.2 Second Order Low Pass Filter
Fig. 2.18 shows the filter frequency response for the proof-of-concept biquad

design in Fig. 2.10, and its linearity performance is plotted against frequency in Fig.

CHI B/R  loa MAG 18.4 dB/ REF -5 dB -3.8956 dB Bill B SpestAn 15 cB (EF =40 ¢En LR B
: : : 11 183.758715882 MHz ; ; : : : : (2R (i
I e SRR
Avg
5
b -169.7dB
Nt 2320 B @194, TMHzZ _
i : . i Bl ; e | | Y T
-34.2dB @1tMHz = : : : : il
TR TR FOER T S S e I 56 Az WEH 98 Az ATHE @ B S0P 4,181 sec
START 1 Mz STOP 568 fikz CENTER 158 MHz SPAN 4868 kHz

IM3 of the LPF with compensated OTAs

nd
Frequency response of 2" - order LPF (input: 0.2V,.,@150MHz)

(a) (b)
Fig. 2.18. Filter measurements: (a) transfer function with ~34dB total losses (input loss

and output buffer attenuation). (b) IM3 with 0.2V, input swing from two tones, each
0.1V, (-16dBm) on-chip after accounting for off-chip input losses.

The IM3 of the filter is up to 8dB worse than that of the standalone OTA.
However, the measured filter IM3 includes approximately 2-3dB degradation due to the
non-linearity of the output buffer. By adjusting the resistor ladders with digital controls

that are common for all OTAs, the filter achieves IM3 = -70dB up to 150MHz for a
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0.2V, two-tone input. At 200MHz, the IM3 is -66.1dB, demonstrating the effectiveness

of the broadband linearization due to compensation with the phase shifter.
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Fig. 2.19. Measured filter IM3 vs. frequenpy with two test tones having 100kHz
separation.

Fig. 2.20 visualizes the measured IM3 with increasing input voltage up to 1.13V
peak-peak differential swing, which follows the expected trend. At 150MHz, an IM3 of
approximately -31dB occurs with an input signal of 0.75V ..

Fig. 2.21 illustrates the in-band [IP3 (14.0dBm) and IIP2 (33.7dBm) curves
measured with two tones separated by 100kHz around 150MHz and 2MHz, respectively.
In broadband receiver applications with limited filtering in the RF front-end, the
presence of numerous out-of-band interference signals results in inter-modulation
components within the desired signal band. Thus, high out-of-band linearity is desirable
in addition to the baseband filter attenuation in order to minimize in-band distortion.
This 1s one of the main motivations to employ OTAs with high linearity at high

frequencies even for baseband filters with low cutoff frequencies.
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Fig. 2.20. Measured IM3 vs. input peak-peak voltage for the linearized filter obtained
with two test tones having 100kHz separation around 150MHz.
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Fig. 2.21. Measured in-band intercept point curves for the filter: (a) [IP3 [two tones, Af =
100kHz around 150MHz], (b) IIP2 [two tones, Af = 100kHz around 2MHz].
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The out-of-band IIP3 plot in Fig. 2.22a confirms that the linearization scheme’s
effectiveness is preserved beyond the cutoff frequency. The slight degradation of the
out-of-band IIP3 to 12.4dBm is most likely due to the different phase shifts experienced
by the 275MHz and 375MHz test tones from the input to node 2 in the auxiliary path
(Fig. 2.5). The digital control code for the phase shift resistor R. of the OTAs in the filter
was set to optimize linearity in the 195MHz bandwidth, hence the linearity degradation
due to the frequency difference of the out-of-band tones. The out-of-band IIP2 (Fig.
2.22b) is 30.4dBm, which is 3.3dB lower than the in-band IIP2 due to suboptimum
phase shifts at 375MHz. Despite of that, the use of OTAs with high out-of-band linearity
helps to reduce in-band distortion from out-of-band interferers in broadband scenarios.

The filter area on the die (Fig. 2.23) is ~0.5mm?” including the output buffer.
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Fig. 2.22. Measured out-of-band intercept point curves for the filter: (a) IIP3 [f; =
275MHz, f, = 375MHz, fim3 = 100MHz], (b) IIP2 [f; =375MHz, f, = 375.1MHz, fi\p =
100kHz].
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Fig. 2.23. Die micrograph of the OTAs and filter in 0.13pm CMOS technology.
(Reference OTA area: 0.033mm?, linearized OTA area: 0.090mm?).

Table 2.4 summarizes its key performance parameters in contrast to other
wideband lowpass filters. The 54.5dB dynamic range integrated over the 195MHz noise
bandwidth is competitive with prior works having similar power consumption per pole,
most of which were implemented under less voltage headroom constraints than with the
1.2V supply in this design. The proposed linearization is independent of OTA topology,
but the proof-of-concept design is comprised of a restrictive fully-differential OTA core
in order to demonstrate the concept with a conventional topology. The last two columns
in Table 2.4 indicate that the proposed linearization allows almost similar filter linearity
performance (in-band IIP3 = 14.0dBm with 1.2V supply) by means of fully-differential
OTAs as with the pseudo-differential OTAs in [32], in which an in-band IIP3 of
16.9dBm was recently achieved with 1.8V supply. Apart from linearity considerations,
the optimizations involving power consumption, input-referred noise, power supply

noise rejection, and CMRR depend on the application-specific constraints. According to
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the FOM comparison with the reference OTA in Table 2.2, the proposed linearization
methods improves OTA linearity with favorable power and noise trade-offs.
Furthermore, the most significant dynamic range improvement with the proposed
technique can be achieved in bandpass designs, in which the noise is integrated over a
narrow passband and the linearity improvement significantly reduces the power of the

in-band distortion.

Table 2.4 Comparison of wideband G,-C lowpass filters.

[1] 7 [28] [29] [30] [31] [32] This work

Filter order 5 5 8 4 7 5 3 2

fe (max.) 275 MHz 184 MHz 120 MHz 200 MHz 200 MHz 500 MHz 300 MHz 200 MHz

Signal swing - 0.30 Vpp 0.20 Vp,p 0.88 Vp.p 0.80 Vpp 0.50 Vpp - 0.75 Vpp
Linearity with ) HD3, HD5: | THD: -50dB | THD: -40dB | THD: -42dB |THD: < -40dB ) IM3: -31d8
max. Vinp.p < -45dB @ 120MHz @ 20MHz @ 200MHz @ 70MHz @ 150MHz
in-band P3| 125 dBV | 7dBV _ ] ] ] 3.9 dBV 1.0 dBV
(0.5dBm) | (20dBm) (16.9 dBm) | (14.0 dBm)
19 dBV 20.7 dBV
In-band IIP2 - - - - - - (32dBm) | (33.7 dBm)
Out-of-band -8 dBV R R : ) : ) -0.6 dBV
I1P3 (5 dBm) (12.4 dBm)
Out-of-band 15 dBV R R : ) : ) 17.4 dBV
P2 (28 dBm) (30.4 dBm)
Power 36 mwW 12.6 mW 120 mw 48 mW 210 mwW 100 mwW 72 mW 20.8 mw
Po‘a’g{e”er 72mwW | 25mw 15 mw 12 mw 30 mw 20 mwW 24 mw 10.4 mwW
Input-referred 53.7
noise 7.8 nVAVHz Az - - - - 5nV/NHz | 35.4 nVAHz
Dynamic 44dB* | 43.3dB* 45 dB 58 dB - 52dB - 54.5 dB***
range
Supply
voltage 1.2V 1.8V 25V 2V 3V 3.3V 1.8V 1.2V
Technolo 65 nm 0.18 um 0.25 um 0.35 ym 0.25 um 0.35 ym 0.18 ym 0.13 ym
9y CMOS CMOS CMOS CMOS CMOS CMOS CMOS CMOS

* Reported spurious-free dynamic range. ** Calculated from 9.3uVgus in 30kHz BW. *** Calculated from max. V., f;, and input-
referred noise density.  **** IM3 of -31dB measured close to f. ensures THD < -40dB.
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2.7 Excess Phase Compensation

Fig. 2.24 shows the block diagram of a bandpass (BP) biquad. The inset in the
figure displays a model for an OTA in integrator configuration, where r, represents the
OTA output resistance, C, represents the output capacitance, and Gm(jo) represents the
transconductance that changes with frequency due to internal parasitic poles.
Linearization introduces an additional pole w. that could influence the filter response at
high frequencies. This pole can be cancelled by adding resistor Ry = 1/(®.C) in series
with the load capacitor [33] to counteract the impact of excess phase on the quality

factor based on the expression given in [2].

OTA-C Integrator with Excess
Phase Compensation

Fig. 2.24. Single-ended equivalent block diagram of a bandpass biquad.

The linearized OTAs described in Section 2.4.1 were employed in a BP filter

(Fig. 2.24) with f, = 100MHz, Gm3; = Gm4 = Gm/2, and Gm = Gm; = Gm; for simplicity
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(implying @, = ®.] = ®¢). Series resistors Rgs and Rgg with C, and Cg compensate for
the phase shift from the linearization by creating zeros ®,x and ®,g: ®,4 = 1/(RsaCp) =
o, =1/(RpCp) = o, = .. A small BW error remains after compensation due to the
difference between ®, and ®.; of Gmj because ®,a(Rsa, Ca) and o,p(Rsg, Cp) are
optimized to cancel ®.; and o, of Gm; and Gmy, respectively. Thus, the pole ®.; is only
partially cancelled since Gm; # Gms. Nevertheless, the effect is small in the typical case
(0 << ). This BP filter achieves simulated IM3 of -72.0dB evaluated after an
additional output buffer (Gm). Fig. 2.25 contains simulated plots of the frequency
responses for different values of Ry from this example BP filter design. The plots show
how the adjustment of Ry = Rsa = Rgp'(Cp/Cp) during the design allows tuning of the

quality factor to ~4 with R = 7Q in this case, while f, does not change significantly.
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Fig. 2.25. BP filter simulations with different R values for excess phase compensation:
(a) frequency responses, (b) quality factor and center frequency; where Ry = Rgs =
Rip'(Cp/Ca).
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2.8 Linearization without Power Budget Increase

Attenuation-predistortion linearization offers the means to improve the linearity
of a given OTA while preserving its AC characteristics without design changes in the
OTA core, which is achieved at the expense of increased power, noise, and layout area.
Another option is to redesign the two OTAs in the linearization scheme using half of the
power in order to meet the same power budget as the original OTA. But, that approach is
associated with a reduction of the OTA bandwidth as delineated in this appendix.

To accomplish linearization with equal power budget, the currents I, and Iy; in
Fig. 2.8 can be reduced by 50%, which requires increasing the W/L ratios of the
transistors in the core (M,) to obtain the same transconductance as before. Thus, the
saturation voltage Vpsar of M. becomes approximately half of the initial value.
Furthermore, the ratio of transconductance to parasitic capacitance (i.e. fr) of both OTAs
in the linearization scheme reduces due to the bias current decrease and width increase
for M.. Gain vs. frequency simulations of the linearized OTA (50% power reduction in
each path) and the reference OTA revealed that the linearization with equal power
reduces the effective 3dB bandwidth from 2.49GHz to 1.09GHz with 50Q load. Table
2.5 summarizes the key results from simulating the linearized OTA in comparison to the
reference OTA with identical total power. High linearity through distortion cancelation
(IM3 = -77dB) is achievable, but limited to lower frequencies. Despite of this, the results
indicate that higher FOM can be achieved with low-frequency linearization compared to

the linearization with doubled power consumption.
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Table 2.5 Simulated comparison: OTA linearization without power consumption

increase.

Vpsat Of . Input- Normalized
OTA type input diff. ;8"5\;\22& referred Power v _"(\)A:; Vo) |[FOM|*

pair (Mc) noise nT e e (at fmax)
Reference ‘ '53_'1323/?':2
(input att. = 90 mV 2.49GHz | 9.7 nVAWHz 2.6 mwW e d 57.2

1/3) (-53.2 dB at
100MHz)
Linearized
(att. = 1/3 & samv | 109GHz |143nViHz| 26mw | '77_'1135“/?;2 119.2
compensation) max —

* See Table 2.3 for details.
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CHAPTER III
HIGH EFFICIENCY CLASS D POWER AMPLIFIER FOR LOW POWER

APPLICATIONS

3.1 Introduction

The demand of high performance wireless personal area network has led to the
development of various standards such as Bluetooth [34] and UWB [35]. These
standards enable the transmission of high data rate with adequate power consumption.
Other applications such as sensor networks require low data rates and longer battery life.
These requirements have led to the development of low power standards such as
ZIGBEE [36] and MICS [37], where the data rate are below 1 Mbp and communication
range is limited to about 2-10m with the transmitted power being less than 0 dBm.

Classical forms of implantable medical devices used magnetic coupling to
communicate with external equipments. However, they require very close proximity of
the reading device and they are prone to interferences from other radiating sources.
Medical implant communication service (MICS) standard was developed to allow
wireless connection between implantable medical chips and external equipment [38] for
a distance of two meters or more [39]-[40]. To prolong the battery lifetime, MICS
transceiver should be designed with the aim to minimize the power consumption. Since
the sensitivity requirement of the implanted receiver is relaxed by the standard, the
receiver power consumption can be minimized. On the other hand, the maximum

allowed transmitter power of MICS standard should be limited to -2dBm [41]. To enable
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the use of high efficiency transmitter, constant envelope modulation scheme is adopted
by MICS system level designers. Constant envelope modulation allows the use of
switching power amplifiers which exhibit high efficiency. Analysis and design of high
efficiency power amplifier (PA) have been presented for high output power applications
[42]-[44]. However, the growing demand on low output power transmitters make it
necessary to develop new design techniques for high efficiency power amplifier. In this
project the design and analysis of high efficiency power amplifiers for low output power

applications will be presented and verified with experimental results.

3.2 High Efficiency Power Amplifier Architectures

The most common types of switching power amplifiers are class D PA and Class
E PA. The main difference between class D and Class E is that the Class E PA uses
harmonic shaping network to achieve zero voltage switching (ZVS) and thus it typically
has higher efficiency than class D PA. In the following sections, an overview of both
power amplifier classes are given with the advantages of each type in different

applications.

3.2.1Class E PA

Losses in switched mode power amplifier can be categorized into conduction
losses due to finite switch resistance, and switching losses due to parasitic capacitor
charging and discharging. To minimize conduction losses the switch on resistance

should be minimized, however using large transistor to reduce the on resistance will
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result larger parasitic capacitor and thus higher switching losses. Class E power
amplifiers shown in Fig. 3.1 demonstrate high efficiency at high output power level
since it uses soft switching and thus eliminates the switching losses [45]. The conditions
to minimize the switching losses can be summarized as

1) Voltage reaches zero before the switch turns on.

2) Current flowing in the switch reaches zero before the switches turns off.

3) The slope of the voltage at turn on is zero, which will help to insure high

efficiency operation even if the switching is shifted from its optimum point.

Vin

Fig. 3.1. Class E power amplifier.

Using these conditions, the value of the inductor, capacitors, and resistance are

given by [45]

L =Q,R/24f
R = 8 (Vcc _VON)2
- (722+4) Pt
2 B
et G
274R\ 4 2

C~ 12 1, 142
(24 L Q_-2.08
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where Voy is the transistor on voltage, and Qp is the quality factor of the output tank.
The derivation of (3.1) is given in [46], in which it was assumed that Qy is large enough
such that the current flowing into output load resistance can be represented by the
fundamental component only. Neglecting the transistor on voltage Von, the load
resistance can be calculated from (3.1) to be 916€2 for a supply voltage of 1V and output
power of -2 dBm. In this case the value of the inductance should satisfy the high Qr
condition, L >> R /2nf. For MICS standard, the frequency of operation is around 400
MHz, and the inductance at this frequency should be chosen such that L >> 364.5 nH. It
is clear that the value of the inductor is too high and it will result very small value of the
capacitor C. Hence, lower Qp is desired in order to obtain more reasonable values of the
circuit elements. Exact analysis for class E power amplifier with any value of Q is
given in [47]. In general Qp should not be too low in order to have low harmonic content

at the output. For Q;=1, the values of the circuit elements is given by [47]

V2
R, = 0.4008cc
out
L=2104R/2Af 3.2)
C =2.104/24R

C, =0.2204/24R

At 400 MHz, the circuit element values are R;=636Q, L.=532.4nH, C=1.31PF,
and C1=0.138PF, for output power of -2dBm and supply voltage of 1V. Using these
values, the efficiency of ideal Class E PA is greater than 90 %. However, the high
inductance value requires the use of off-chip inductors and package parasitics should be

included in the simulation. By adding a parasitic capacitor of 1 PF at the drain of the
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transistor, the efficiency decreases to less than 20%. Even after adding a resonating
inductor to cancel the effect of the parasitic capacitance, the efficiency increases to about
46%. To achieve higher efficiency, the parasitic capacitor should be eliminated at
harmonic frequencies. Although class E power amplifier shows superior efficiency, it is
very sensitive to parasitics and the components values are not practical at low output

power levels.

3.2.2 Class D PA

In class D switching PA [48], the voltage at the drain of the transistors takes the
shape of a square wave that is filtered using the output tank. Fig. 3.2 shows class D
power amplifier schematic and the associated voltage and current waveforms are
depicted in Fig. 3.3. The efficiency of class D power amplifier is ideally 100%, however
due to finite on resistance of the switches and the switching losses associated with
charging and discharging of parasitic capacitors, the efficiency is typically around 70-
90% for class D operation. Assuming that the quality factor of the output filter is high
enough, the output current can be assumed to have only the fundamental component and
other harmonic components can be neglected. Since half of the load current flows into
the NMOS switch, while the other half flows into PMOS switch, the losses associated

with the finite transistor on resistance can be written as
P,=12(Ry +R,)/4, (3.3)

where Iy, Ry, and Rp are the peak value of the output current and the on resistance of

NMOS and PMOS respectively.
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Fig. 3.2. Class D power amplifier.
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Fig. 3.3. Voltage and current waveforms of class D power amplifier.

The switching losses due to charging and discharging of C, is given by

P, =Vd2def/2,

54

(3.4)
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where Vg4 is the supply voltage and f is the operating frequency. Since the voltage at the
drain of the transistors is a square wave with a peak value of Vg4, the fundamental

component of this square wave is 2V44/mt. The peak value of the output current is given

by
yAY,
| —Z"dd 35
0 R (3.5)
Hence the efficiency of class D power amplifier is
P, 0.5I02pRL
77 = =
P,+P.+P, 0512R +0.2512 (R, +R,)+(xR /2)*12C f/2 36)

1
- 1405(R, +R,)/R, +(z/2C, R,

To enhance the efficiency, the on resistance of transistor should be minimized.
Since the output power is P, = 2V} / z°R, for low output power applications the value

of the resistance should be high. Thus, the losses due to finite on resistance are lower for
low output power since the ratio (Ry+Rp)/R become smaller. However the impact of the
switching losses increases as the output power becomes smaller. Techniques to improve

the switching losses in class D power amplifier are discussed in the following section.

3.3 Zero Voltage Switching in Class D PA

The efficiency of class D power amplifier can be improved by using soft
switching to reduce the switching losses [49]. The key idea is to switch off NMOS and
PMOS devices at earlier time (Duty cycle <50%) to allow the output current to discharge

the parasitic capacitance as depicted in Fig. 3.4. In soft switched class D PA, the charge
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on the parasitic capacitance is turned into useful output current and thus the efficiency is
improved. In [49] the input voltage is assumed to be a sine wave and the amplitude of

the sine wave is selected to achieve the required delayed switch turn off.

| |

| |

| |

| I
Vs @ @

| |

| |

Vgs,p

Fig. 3.4. Soft switching in class D power amplifier.

However, at low output levels the output current is very small near the switching
point such that it will not be enough to discharge the parasitic capacitance. To solve this
problem, the current at the switching point should be high enough to discharge the
parasitic capacitance. Reducing the quality factor of the selective network will allow
higher harmonics to flow and the current I, will be closer to square waveform.

The extra harmonics of the current I, can be filtered using adding an extra parallel LC
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tank added to the circuit, but this will increase cost of passive components needed. In the
proposed solution, the matching network will be used as a filter of these extra harmonics
since it is a step-up matching network.

For high power application, the load impedance should be small to get the
desired output power. The value of the load resistance is R, =2V} /z°P,. Since the

antenna impedance is typically chosen to be 5002, matching network should be used. For
high power application the required Ry is typically less than 50Q and step down
matching network is used. On the other hand for low power application Ry is higher than
50Q and a step up matching network is used. The step down matching network is shown

in Fig. 3.5.

(o,

Fig. 3.5. Step down matching network.

The equivalent resistance Ry and capacitor C are given by

R, =R/(1+Q?)
, (3.7

C, =(1+1/Q*c

The inductance L in the step down matching network is used to resonate the

capacitor and thus the input impedance equals Ry at the operating frequency. The step up

matching network shown in Fig. 3.6 acts as a low pass filter and can be used to filter the
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higher harmonics of the amplifier. The equivalent resistance R, and inductance L, of the

matching network can be written as

(3.8)

C RI::}chLRP
CT CT p

Fig. 3.6. Step up matching network.

The capacitor C is chosen to resonate with the inductance L, at the frequency of
operation, thus the input impedance of the matching network is purely resistive. Since
the step up matching network acts as a low pass filter, the quality factor of the output
tank can be reduced to allow more current harmonics as shown in Fig. 3.7. Very low Q
will result square current waveform and thus the current at the switching edge will be
high enough to achieve zero voltage switching. The square current waveforms will result
in higher I,;,s which in turn will increase the conduction losses in the MOS switches. The
optimum current waveform is therefore somewhere in between the traditional sine wave
and the square wave. In the following analysis, the first and the third order harmonics

will be considered and optimized for the best efficiency.
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The voltage at the drain of the transistors is a square wave with a finite fall and
rise times. For simplicity, the rise and fall of the drain voltage is assumed to be of equal
duration (AT) and a linear function of time, with the time origin chosen in the middle of

the rising period.

Selecting
Network

Matching
Network

PA
Driver

|
|
!
|
Vs @
|
|
|

Vgs,p

\

Fig. 3.7. Proposed current waveforms in soft switched class D power amplifier.
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The drain voltage can be represented by Fourier series
v(t)=a,+ > a,sin(nagt), @, =27/T
n=1,3,..

1T
a,=—|vit)dt=V, /2
) T!() 4 59)

8 T/4 2V

a, =— |v(t)sin(na,t)dt = —2%sinc(nw,AT /2)
n T 0 0

0

nz
where sinc(x) =sin(x)/ x
Taking into account the finite Q of the inductors, the admittance at the input of

the matching network is given by
, (3.10)

where 11, is the resistance in series with the inductor L, due to its finite quality factor. At
the fundamental frequency, the input impedance of the matching network is purely
resistive and it is given by 3.8. However at the harmonic frequencies, the impedance at
the input of the matching network is

_ SL,+R,

52C,L, +SC,R, +1

B jno,L, +R,

T —n2w?2C,L, + jnw,C,R, +1

_ R2(1+ anz)

-2 /[1+1/Q2 )+ jn(1+1/Q2)/Q, +1
_R,(1+nQ, 1+1/QF) R,(Q7+1)_ R

2

2|nw0

(3.11)

in(inQ, +1)/Q, inQ,  inQ,
1
where R=R,{1+Q2)C, =
rQi)e, (@21, J1+1/Q?)
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The capacitor C; resonate with the inductor L; at the operating frequency

(woL1=1/ ®(C,), hence the voltage at the capacitor C, at the harmonics of ® is

Vz _ Zz
. jin=-1/naw,L, +r,+27Z, G
Z, R/ jnQ,

jno,L, +o,L, 1Q, +Z, j(hw,L, —R/NQ,)+w,L,/Q,,
where 17 is the resistance of the inductor L;. The current through the L; is given by

| _ Ny SinC(p AT /2) sin(w,t)
! V4 R+r,

(3.13)
.\ i (ZVdd j sin(na,t)sinc(n,AT /2)
nBe.\ Nz ) j(no,L, —R/NQ,)+w,L, /Q,
The power loss in the resistor rr; is then given by
2 H 2 ) 2 H 2
P - 2ng sinc (w,AT 1 2)r,, N Z 2V 4y sinc” (Nnw,AT /2)r,, (3.14)

7 (R+rL1)2 W55 N°7° (Nayl, —R/nQ,)? +(a)ol-1/Q|_1)2
The matching circuit acts as a low pass filter and thus the output current is
mainly fundamental current at my

2V, R sinc(w,AT/2) 2V sinc(w,AT /2)

iz,fund = - ~ : (3.15)
T R+ry, R,(1+]Q,) 7 R,(1+]JQ,)
Hence the power loss in the resistor rr; is given by
2 HeJ
p = 2V4y sinc (02,AT [ 2)r, (3.16)

’ R; (1+Q7)
Each transistor rms current is half the rms current of the resistor r;, and both

transistors will be ON for only (T/2 —AT), thus the power loss due to finite transistor

resistance 1s
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Via, sinc*(w,AT12)r, & V7 a, sinc*(nw,AT /1 2)r,

PN - 2 2 + Z 2_2 2 2
7 (R+r1) W35 7" (Nl —R/NQ, ) +(@,L, Q)
P _Viasinc?(wAT12)r, & Vg a, sinc® (Nw,AT / 2)r,
P 71'2(R+r1)2 n=3,5,,,r]272'2 (na)OLi—R/an)er(a)oLl/QLl)z , (317)
V2a, sinc®(w,AT 12)-(r, +r1
P =P, +P, = dd (Za)o 2) (ry p)
V4 (R+r1)

. i V2 ansincz(na)oAT/Z)(rNHp)
557" (nw,L, —R/NQ,)? +((00L1/Q|_1)2

where Py and Pp are the losses due to NMOS switch and PMOS switch respectively, and
on = 1-24T/T+sin(nwodT)/nx .

Using (3.13) and ignoring the harmonics higher than the third order, the current
through the inductor L, can be approximated as

I, = 1, sin(a,t) — 1, cos(3myt)
Ny sinc(w,AT 12) ] 7 - 2V, Sinc(3w,AT /2) /37 (3.18)

R+r, " JBoyL, —RI3Q,)% +(@,L, /Q,,f

Il

To achieve zero voltage switching, the charge on the parasitic cap should be

converted to output current during a time of AT in which both transistors are off. Hence,

TI2+AT /2 T/2+AT/2- 2| ) AT
Q=C-V, = J'irldt = I I, sin(e,t) — 1, cos(3m,t)dt = —3$|n(3a)0 —j (3.19)
TI2-AT/2 TI2-AT/2 3w, 2

The duration AT should be chosen to allow enough time to discharge parasitic
capacitor, however higher values of AT will affect the operation of the amplifier.

Choosing AT to be T/12 then

ﬂsin(sym IT)=C-V,,
S, _ _ (3.20)
Y. 2sinc(3c, AT /22)S|n(3a)oAT /2)+ R/90,

277%Cf,
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As mentioned before higher values of the third harmonic current component
result less switching losses, however it will lead to high conduction losses due to finite
resistance of switches. Assuming the third harmonic current component is less than the
value given in (3.20) it will not be enough to achieve full zero voltage switching, the

remaining charge on the parasitic capacitor and the associated switching losses are

J21,
3w,

Q=C-Vy -

= P, =05QV,,f, =05CV2T, —3'—35in 3;rAT—T) (3.21)

0
V2 j sinc(3m,AT /2)sin(3w,AT /2)
o’ \/(BXLl -R/3Q, )2 + (a)OLllQLl)z

=0.5CVA T, —(

Hence the total loss in class D power amplifier is given by the summation of all

power losses

_2sinc* (@ AT 12V X, 1Qu+0.5-a; - (ry +1,)

P =

loss 2 (R + XL1/QL1)Z
. i 2sinc®(Nw AT I12VS X, 1Q,+05-a, - (ry +T5)

n=35... n‘z’ (X, —R/NQ,)" + (X L1 /QL1)2 (3.22)
. gy sinc® (@ AT /2)r;,

’ Ry (1+Q7)
V2 j sin(3m,AT / 2)sinc(3w,AT / 2)
97r2 \/(3)( L R/3Q2 )2 +(XLl /QLl)z

+0.5CVA T, —(

The inductor L, and capacitor C, are chosen to match the antenna impedance to
the required impedance for certain output power. Since the inductor L; will determine
the band pass filter bandwidth and harmonic contents, the inductance value should be
chosen to get the minimum losses. The condition to minimize the power losses can be

obtained by differentiating the power loss with respect to the inductance value
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0Py 2sinc?(w,AT 12V 1/Q,,
X4 ) 7’ R?
N 2sinc® Bw,AT 12V 1/Q, (BX, —R/3Q,) —6(X,/Q, +0.5-a; - (ry +7T5))
2 (3XL1—R/3Q2)3

N ( V2 Jsin(&ooAT 12)sinc(3m,AT /2)

37’ (8X,, —~R/3Q, ) (3.23)
_ 2sinc* B, AT 12V ay-(ry +1;)
o 377 (3X_, —R/3Q,)’
. ( V2 Jsin(Ba)OAT 12)sinc(3wy AT /2)

3z’ (3X, —R/3Q,)

al:>Ioss 0= XL1 _ 2“3 '(rN +rP) n R/9Q2
X, OZAT IT

The size of the switches should be chosen large enough to decrease their on
resistance, however large switch size will result higher input capacitance and the power
consumption of the pre-driver will increase due to higher switching losses. Since the
switch resistance is inversely proportional to the transistor width, while the switch
capacitance is directly proportional to the width, the transistor size should be optimized
to minimize the power losses. The transistor on resistance and input capacitance can be

written as

r, = K, /W

, (3.24)
Cye = KW

where K; and K, are supply and technology dependent constants. After adding the losses

due to the input capacitance of the switches, the power losses take the form
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_2sinc* (@, AT 12V X1 /Qu+0.5-a; - (K, /W, + K, /W)

R N}

. i 23inc2(na2)0A2T/2)ded X, 1Qu+05-a, - (K, /W, +K /W)
e n’z (X, —R/nQ,)? +(X,/Q, )

. 2ngd sinc® (,AT /2)r,, (3.25)
g R; (1+Q7)

2 : .
+0.5CV2 T, - ( Vg J sin(3ap AT /2)sinc(3m,AT /2)

97[2 \/(BXLl - R/3Q2 )2 +(XL1 /Qu)2
+0.5K W, Vg f, +0.5K W, V2

The optimum transistor size is obtained by differentiating the power losses with

respect to W, and W,
Puss _ g2 < 2K {al Sinc (@,AT /2) _ a, Sinc? (3,AT / 2)}
n 2 2 _ 2
EA 72 K, f. R 93X, —R/3Q,) (3.26)
Poss _ 0 W2 ~ 2 Ky | a,sinc® (w,AT /2) E sinc’ (3w,AT /2)
oW, P A K, f R? 9(3X,, ~R/3Q,)?
Using (3.23), the optimum transistor width can be written as

W2~ 2K, sinc® (o, AT 12) | 7°K, f,R?

1-K,, sin?(B,AT /1 2) 1187°a, K, T, (K., + (K K, K, TK,,)f 327

2K o, sinc? (w,AT 12) °K, fR?

cp's

1-K,, sin’ Bo,AT 12) 1187°a K, £, (K, + (K K, K, 7K, )f

Q

2
Wp

3.4 Circuit Level Implementation

Class D switching power amplifier has been implemented for MICS standard at
400 MHz with output power of -2dBm as specified by the standard. The power amplifier
and its driver that provides the appropriate control for both switch types are discussed

next in the following sections.
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3.4.1 Class D PA Circuit
The power amplifier is fabricated in CMOS 90nm technology. The technology

parameters can be extracted from simulation and they are listed in Table 3.1.

Table 3.1 Transistor parameters.

Parameter Value
K 0.5x 107 Q-m
Ken 4.1 x 10” F/m
Ky 143 x 107 Qm
Kep 3.8 x 10” F/m

Using the procedure outlined in section 3.3, the transistor sizes and passive
component values are given in Table 3.2 for output power of -2dBm at 400 MHz.

Simulations were done to obtain the optimum component values and they are also shown

in Table 3.2

3.4.2 PA Driver Circuit
Power amplifier driver should convert the input sine wave to the square wave

necessary to drive the switching amplifier. Power amplifier driver is implemented as a
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series of inverters followed by delay control for the NMOS and PMOS switches as

shown in Fig. 3.8.

Table 3.2 PA circuit component values.

Driver

_>[>___

\
\ NMOS /

Calculation Calculation ' '
Parameter Simulation
(AT =T/12) (AT =T/10)
L; 17.6 nH 13.1 nH 24 nH
C 9 PF 12 PF 6.6 PF
L, 45.7 nH 454 nH 42 nH
C, 2.9 PF 2.9 PF 2.5PF
W./L, 36/0.08 47/0.08 36/0.08
W,/L, 63/0.08 82/0.08 60/0.08
7 - N J
% \ Kn<K,
/ PMOS \
// Control \

\ Control /
/

Fig. 3.8. Power amplifier driver circuit.
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The PMOS switch has a CMOS driver which consists of a small NMOS
transistor and a large PMOS transistor. When PMOS switch is off, its gate voltage is at
V4. During the transient from off-state to on-state of PMOS switch, the small NMOS
transistor in its driver slowly discharges the switch gate to the ground potential. On the
other hand, NMOS switch driver has large NMOS transistor size and thus it will switch
to the off-state before the PMOS switches to on-state such that there is enough time for
the ZVS to take place. When NMOS is switched from off-state to on-state, the small
PMOS transistor in its driver will slowly charge the switch gate and thus ZVS will be

achieved.

3.5 Measurement Results
The power amplifier was fabricated in UMC 90 nm process; the power amplifier

occupies 400um? of chip area as shown in Fig. 3.9.

Fig. 3.9. Class D PA chip micrograph.
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The output tank and matching networks are off-chip as shown in Fig. 3.10.

QO O O

m !
X oh | 'IGn
o =] [ﬁE“

f',k& 0100 O O

PA output tank andi . 54

P Matching network

Fig. 3.10. PCB of class D power amplifier.

In order to absorb the trace inductance, its value has been taken into account
when designing the matching network. The PCB trace connecting the passive
components is much shorter than the wavelength at 400 MHz, hence it can be modeled
using one inductor and two capacitors as shown in Fig. 3.11. For a standard FR-4 PCB
with trace width of 6mil, the inductance per inch is approximately 20.9 nH and

capacitance per inch is about 0.9 PF.
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CL C
N

Fig. 3.11. PCB trace model.

The simulated and measured output power of the class D power amplifier are
shown in Fig. 3.12 for different supply voltages. The corresponding power amplifier
efficiency is displayed in Fig. 3.13.

Since the value of the parasitic capacitance at the output of the power amplifier
might be larger than its estimated value of 1PF, the measured power efficiency is less
than the values obtained from simulation. In addition, higher values of on resistance due
to process variations, inaccuracies in the PCB trace parasitics values, or output passive

component values also lead to lower efficiency.
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Fig. 3.12. Output power versus supply voltage.
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The measured frequency response of the amplifier is compared to the simulated
response as illustrated in Fig. 3.14. The power amplifier efficiency at different
frequencies is shown in Fig. 3.15. It is clear that there is a slight shift in the frequency

response due to passive component variations.

=@==|\lcasurement === Simulation

320 340 360 380 400 420 440 460 480
f (MHz)

Fig. 3.14. Frequency response of power amplifier.

The power amplifier response to FSK modulated signal with frequency

separation of Af=100 KHz is shown in Fig. 3.16.
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Fig. 3.15. Power amplifier efficiency at different frequencies.
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Fig. 3.16. Power amplifier output for FSK modulated signal.
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CHAPTER 1V
HIGH EFFICIENCY CLASS A POWER AMPLIFIER WITH DYNAMIC BIAS

CONTROL

4.1 Introduction

The demand for higher data rates over wireless channels has increased
significantly over the last few years. To enable transmission of large amount of data, the
state of art communication systems require efficient utilization of the available
bandwidth. Traditional low power communication systems employs constant envelope
signals to allow the use of high efficiency switching power amplifiers. The Linearity of
such switching-type amplifiers is typically very poor thus it is only suitable for low data
rate applications in which constant envelope signal can be used. Envelope modulated
signals are widely used nowadays as they allow the transmission of higher information
rate when compared to constant envelope signals over the same channel bandwidth [50].
While constant envelope signal permit the use of the highly efficient switching power
amplifiers, variable envelope signals mandate the use of less efficient but more linear
power amplifier classes. Since modulated signal has average power which is typically 8-
13 dB less than the peak power [50], the use of constant DC current and supply voltage
to bias the power amplifier results poor efficiency at lower power levels which will lead
to lower battery life in mobile transceiver systems.

The efficiency of conventional class A power amplifier can be written as [51]
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P, V02p/2RL VOZp
PDC Vdd'IDC 2Vd2d’

n= 4.1)

where V, is the peak value of output voltage, Ry is the load resistance, Vqq is the
supply voltage and Ipc =Vg44/Ry is the DC current bias. The maximum efficiency is 50%
which occur when V,, = Vyq and Ipc = Vga/R. Since the maximum output voltage swing
is limited by the supply voltage and DC current, the DC current Ipc and the voltage
supply Vgq must be large enough to achieve high signal swing at signal peak power
level. However, the high DC current will degrade the efficiency at the lower power
levels.

There are two techniques to build highly linear PA that has an acceptable
efficiency especially at low output power levels. The first technique relies on enhancing
the efficiency of linear amplifiers as illustrated in Doherty amplifiers [52], while the
second technique is based on linearization of non-linear amplifier.

The basic idea behind the Doherty amplifiers is to have two amplifiers, the main
amplifier and an auxiliary amplifier as shown in Fig. 4.1. The main power amplifier is
biased to operate at highest efficiency at the average output power and thus it has a DC
current less than the required current at the maximum output power. When the input
power is small enough the main PA operates in the linear mode and the auxiliary PA is
turned off. As the input power increases the first PA operates in the gain-compression
region and the auxiliary amplifier turns on such that it overcomes the gain compression

of the main amplifier.



76

Pout

Main PA

s /s
| Combination s

/
/ .
. \ » Main PA
Vin V2

V
' (*': out ) ,

| Aux. PA £ Aux. PA
| / Pin

Fig. 4.1. Doherty amplifier concept.
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On the other hand, the high efficiency switching power amplifier can be
linearized using either outphasing or envelop elimination and restoration [48] and [53].

Fig. 4.2 displays Khan envelop elimination and restoration technique in which
switching amplifier is used to achieve high efficiency. The output signal of the switching
PA is proportional to the supply voltage, thus by varying the supply voltage the required
amplitude modulation is achieved. In outphasing topology, the linear amplification is
obtained by separating the input signal into two constant envelop signals with proper
phase delay which can be amplified using switching PA and then combined again at the
output as depicted in Fig. 4.3. The output in this case is given by Vot = K Cos(dp)x
Cos(wot), where A is the phase shift between the input signals of the power amplifiers.
If the phase delay between the inputs of the two power amplifiers A¢ is made

proportional to the arccosine of the input signal amplitude, the output will be linearly
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proportional to the input signal amplitude. However, it is still very difficult to implement

low loss and high isolation power combiner at the output of two PA’s [54].

Envelop Linear
Detector Driver
Vin
O—]
Limiter
Switching PA
Fig. 4.2. Envelop elimination and restoration.
AD Limiter %
Vin o
o— ¢ ENV Switching PA's
Detector

/

Limiter

Vout

Vout

O—

Fig. 4.3. Linear amplification using non linear amplifier (outphasing technique).

In applications where high linearity is required Class A power amplifier is

typically used as it offers the best linearity among other power amplifier classes. In

applications where very high linearity is required, the linearity of class A power
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amplifier can be further improved using one of the following techniques: Predistortion
(analog / digital), feedback, feedforward, and adaptive bias.

The Predistortion technique can be implemented in the analog or the digital
domain. Analog Predistortion usually takes the form of attenuator at low signal level and
no-attenuation at higher signal levels to compensate for the PA gain reduction at high
signal levels. In the digital predistortion, DSP is used to compensate for the amplifier
non-linearities by measuring the amplitude of the incoming signal and then apply the
appropriate predistorted signal to the amplifier. It is also possible to dynamically change
the correcting signal if the PA characteristics changes with time.

Feedback techniques can be categorized into direct feedback and indirect
feedback. Direct feedback refers to the conventional feedback technique by taking a part
of the output signal and feed it back to the input. However, the main problem is the delay
between the input and the output signal which will affect the linearity improvement and
the stability of the system. The indirect feedback techniques include envelope feedback,
Cartesian loop and polar loops. The envelope feedback forces the output envelope of the
PA to follow the input envelope as shown in Fig. 4.4. The envelope feedback however is
not able to linearize the PA if it is operating in the gain compression region. The
Cartesian feedback (Fig. 4.5) and polar loop uses the base-band signal information
available in a complete transmitter to linearize the PA. The feedforward concept is
displayed in Fig. 4.6. The basic idea is to extract the non-linear distortion at the output of

the power amplifier and then subtract it from the output of the power amplifier to have a
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linear output signal. Delays are added to compensate for the delays in the main PA and

error amplifier.

Vin PA Vout

Atten.

L+

Peak * Peak
Detector Detector

Fig. 4.4. Envelope feedback.
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Fig. 4.5. Cartesian feedback.
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Fig. 4.6. Feedforward linearization.

The problem of gain-compression in PA can be alleviated by adjusting the bias of
the PA to have higher gain. The effect of dynamic bias on the power amplifier linearity
is discussed in the following section.

The efficiency of class A power amplifier is poor at low output power levels.
Class A PA efficiency can be improved by dynamic adjustment of the DC current and
the supply voltage with the variation of the signal envelope. For a fixed supply voltage,
the optimum value of the DC current level for the highest possible efficiency is Ipc =
Vop/Re. In this case the efficiency is given by [51]

\Y,
n=_2 (42)
2V,

Changing the supply voltage dynamically will also improve the efficiency as

described in [55]-[56], in which discrete levels of supply voltage are used. High
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efficiency DC-DC converters can also be used to control Vg4 in a continuous fashion
[57].

As described in [55] the dynamically adjustment of the bias current enhances the
linearity of the amplifier since it can be used to achieve flat gain at low and high power
levels. The linearity of envelop modulated signal is typically measured using error vector
magnitude (EVM), which degrades if the signal experience different gain at different
power levels [58]. To achieve the maximum efficiency, the optimum DC current at a
given output power level is proportional to the output voltage level (Inc = Vg /Ry).
However, if the bias current is made linearly proportional to the output voltage level, the
linearity of the amplifier will degrade as the resulting gain of the amplifier will not be
constant at different input power levels.

In this project, the current of the power amplifier is dynamically adjusted with
linear dependence on the input voltage. The gain of the preamplifier is adjusted
accordingly to obtain constant overall gain and consequently good linearity. The
relationship between the dynamic bias behavior and the linearity of the power amplifier

is presented and techniques to improve the linearity further are proposed.

4.2 Dynamic Bias of Class A Power Amplifier

The output voltage amplitude V,, of the power amplifier can be expressed in
terms of its nonlinear coefficients and input voltage amplitude Vi, as Von= aiVim +
0.75xa3Vim> [48]. Hence, the gain of the power amplifier is G = a; +0.75 a3 Vim?. For

negative values of a3, the third order non-linearity of power amplifier will result in a gain
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reduction as the input power increases. By using dynamic bias circuit, the DC bias
current and consequently the amplifier gain should increase as the input power increases
to compensate for this effect and thus result better linearity [59]-[61]. To achieve the
maximum efficiency at lower output power, the DC current at low output power should
be reduced to the optimum value of V,,/Ry. Since the gain of the amplifier is a function
of the DC current, lower current will lead to lower gain at low input power levels.

In the proposed amplifier, the gain of preamplifier is increased to compensate for
this gain reduction at low output power levels. At high output power levels the bias
current of power amplifier is increased resulting higher gain. On other hand, the third
order amplifier non-linearity causes a gain reduction as the input power increases. Hence
the gain of the preamplifier should be adjusted taking into account the gain expansion
due to higher DC bias current of power amplifier and the gain reduction due to non-
linear behavior of the amplifier.

For a small variation in the DC gate-source voltage of MOS transistor, the DC
current can be written as Ipc = lpco + gm % 4Ves. Hence, the gate-source voltage Vs
should be made linearly proportional to signal amplitude in order to achieve the required
linear DC current dependence on the output voltage. This can be easily done by using a
linear envelope detector to control the gate-source voltage of the transistor. To enhance
the amplifier stability, the envelope detector is placed at the input of the amplifier.

Constant gain can be translated as a linear relation between input and output
signal. Thus the inter-modulation distortion should be minimal for an amplifier that

exhibit constant gain at the fundamental frequency component. The following analysis
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will focus on the relationship between the gain at the fundamental and the third order

inter-modulation components and the effects of the dynamic bias current on distortion.

4.2.1 Dynamic Bias Effect on Amplifier Linearity
The current of MOS transistor can be approximated using Taylor series as
i~g,V + gmz\/i2 + ngViS’ (4.3)
where g1, gm2 and gn3 are Taylor series coefficients.
The transconductance of MOS transistor is proportional to the current flowing
through it and consequently the gate-source voltage Vgs. For a small variation of gate to

source voltage AVgs, the transconductance of the transistor can be approximated as

Ot = Omio + 9 AVOS, (4.4)
where g0 is the transconductance corresponding to the gate-source DC voltage of Vs,
and g1 1s the first order Taylor series coefficient. Equation (4.4) represents first order
Taylor series expansion of transconductance as a function of the gate-source voltage

Vgs. Similarly the following expression can be written for g, and gm3

Om2 ® Umao + InanAVOS
Oms = Omzo + Iz AVOS,

(4.5)

For a fixed transistor bias, the output current due to two tone input voltage is
composed of the fundamental components, inter-modulation components and harmonic
components. The even order inter-modulation and harmonic components are widely

separated from RF signal and can be easily filtered using low Q band-pass filter.

Representing the two tone input in the form
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v, = A, cos((@, — A)t)+ A, cos((@, + Am)t)=2A, cos(myt)cos(Aat)  (4.6)
Ignoring the even-order inter-modulation and harmonic components, the output

current can be written as
i ~2A, 0, cos(m,t)cos(Awt)+8A% g, , cos®(m,t)cos® (Awt)

3
~ (ZAm O + 9%"‘”1 ngcos(a)ot)cos(Aa)t)

3 3 4.7
+ % 0,5 C0S(e,t )cos(3Aawt ) + % 0,5 C0S(3mw,t)cos(Awt)

A,
+= Ons cos(3w,t )cos(3Axt)

The terms that contain third order harmonic component 3w, will be removed by
the filtering action of the output tank and can be ignored. The third order nonlinearity
produced an additional term at the fundamental frequency o that cause gain
compression for negative gn3 and inter-modulation components at frequencies (wo+3A®)
and (wo-3Aw).

As mentioned before, the current can be increased to counteract the gain
reduction caused by third order non-linearity. The following analysis reveals that the
dynamic adjustment of the bias current will also help to reduce third order inter-
modulation components. For envelope modulated signal, the input voltage can be
represented as

V, = A(t)cos(m,t), (4.8)
where A(t) is the time varying envelope. In the case of two tone input, the envelope is

simply given by 2A,,Cos(Awt). If the dynamic bias control circuit produces a bias
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voltage that is proportional to the envelope of the input voltage, the DC bias current and

corresponding g,, can be approximate using first order Taylor series as

IDc = IDco + IDCIAVGS = IDco + IDClKe|A(t)| (4.9)
Om = 9mo + gmllAVGS =0mot gmllKe|A(t)| .
The absolute value function y=|x| is symmetric around x=0 and hence it can be
approximated as a series of even order terms. Since the absolute value function is not
differentiable at x=0, Taylor series expansion are not valid around x=0. Several
optimization methods have been proposed for non differentiable functions that include
numerical algorithms that overcome the problem of non-continuous derivative and
approximation of the non differentiable function to a continuously differentiable
function. However, the first derivative of the absolute value function changes from -1 for
x<0 to 1 for x>0. Hence the conventional series approximation that is based on the
derivative can’t be used, instead the coefficients of the function series approximation is
chosen to minimize the error between the approximation and the original function.
Writing the absolute value function y=[x| using only constant term and second order term
yields
y =X~ a,+a,x* (4.10)
For an input signal limited to —E<x<E, the coefficients oy and a, is chosen to

minimize the mean square error between approximation and original function.

5= T([X|—a0 —a, X Jdx 4.11)

-E
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To minimize the error, derivative relative to ay and o, should be made equal to

Zero

ﬁzo’ aS :0

oa, oa,
E E? 5 5

g -E_,E ,_5_5 4.12

STy TR % T e T gEr % (4.12)
3E 15

S, =, = ——
16 16E

Equation (4.12) reveals that the coefficients oy and a, are function of the
maximum envelope signal amplitude. For a two tone input, the output of ideal envelope

detector is given by

V,, = K,[2A, cos(Aat) = a,K, +a,K, (2A, cos(Aat) )

: (4.13)
~1.3125A K, +0.9375A K, cos(2Aat)

where K. is the gain of the envelope detector. In the simple case of two tone input, the

spectrum of the rectified envelope [2Ancos(Amt)| can be obtained using Fourier series

2A,|cos(Act) =1.273A, +0.85A, cos(2Act)+... (4.14)

Comparing the approximation in (4.13) to the exact solution given by (4.14)
confirms that (4.13) represents an acceptable approximation of the envelope detector
output. Since the effect of the fourth order term will result in second order harmonic
which has been neglected in (4.13), the exact value of the second harmonic in (4.14) is
slightly different.

Using (4.9) and (4.10) gm 1s written in terms of the envelope amplitude

gml ~ gmlO + gmllao Ke + gmllaz KeA2 (t) 2 (415)
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Using (4.3) and ignoring the even-order inter-modulation, the output can current

can be expressed as

1~ (G0 + Qs + Gt A" O)AQ) cOS(t) 0,0 A" O 008" (o) 1
~ (g m10 + g mllao Ke )A(t) COS(a)t) + ((3/ 4) g m3 + g m11a2 Ke )AS (t) COS(a)t) ’
where even order inter-modulation and higher order harmonics have been neglected in

the approximation. In case of two-tone input, A(t) = 2A,,Cos(Awt), the output current

takes the form

((3/4)9m3 + O, K, )8A,‘:’1 COS3(Aa)t)COS(a)Ot)
(g mio T Ina@o K, + ((9/4)gm3 +39 10, K, )Ari )ZAm COS(Aa)t)COS(a)Ot)
+((3/4)g,5 + 9,,a,K, )2A> cos(3Aat)cos(m,t)

+

i~ (G0 + Oruato K, J2A, cos(Aat)cos(w,t)
(4.17)

The condition to cancel third order inter-modulation components is

O, K, =—(3/4)g,,; = K, :M (4.18)

Omi1
Using (4.18), (4.17) reduces to

i~ (0,40 + 9,10, K, 2A, cos(Aat)cos(w,t) (4.19)
Equation (4.19) reveals that the output consists of the fundamental component

only and the third order inter-modulation has been eliminated.
The preceding analysis has been done taking into account only second order
representation of the envelope detector output, a more accurate analysis can be
performed using higher order representation (Fig. 4.7). The third order non-linear

coefficient gn,3 will exhibit variation as Vgs tracks the input envelope

Oms ® Om3o T Omar@oKe + 9ai K, A? t), (4.20)
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In addition, more accurate representation of the absolute value function can be

written taking into account up to the fourth order non-linearity
2 4
y=|X~a, +a,x* +a,X (4.21)
Minimizing the error function as before, the coefficients ay, o, and o4 are

a,+a,E*13+a,E*I5=Al2

a,l3+a,E?I5+a,E*1T=Al4

a,/5+a,E2 17T +a,E*19=Al6 (4.22)
15E 210 105

oy =——,0, = Oy =
° 128"7% 128E’ " 128E°®

Using (4.22) and (4.9), gm1 can be written as

Om1 ® Gnio + Imua@oKe + 911, K, A? )+ 9K, At t), (4.23)

1.4

. . [l
19 ________________i________________s ................ Ind order

Fig. 4.7. Second and fourth order approximations of the absolute value function.
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The effect of the dynamic bias on g3 given by (4.20) is neglected in the
following analysis and simulation results will be provided to confirm the validity of this
assumption. Repeating the analysis for the output current with a two tone input signal,

and using (4.16) and (4.23), the output current for a two tone input signal is expressed as

i~ (g mio T Im1oKe )2Am COS(Awt)COS(a)t)
+((3/4)9,,5 + 9,0, K, BA® cos®(Awt )cos(wt)
+329,,,,2, K, A cos®(Awt)cos(awt)

4.24
- (gmlo +%gm3A§] + 0K, (o + 32, A2 +10a, A )jZAm cos(Aawt )cos(wt) (4.24)
+((314) 915 + Gusct, K, +50,1,2,K A2 RAS cos(3Aat)cos(at)
+20,,,0, K, A° cos(5Awt )cos(wt)
The condition to cancel the third order harmonic in this case is given by
3/ )G s + Gna®, K +59 1,0, K AL =0
256 g, (4.25)
i
105 gpy,

Using the condition above, the output current reduces to fundamental component
and a fifth order inter-modulation product. In order to avoid having this fifth order inter-

modulation product, Vs control should be adjusted such that
Vs =Vaso + Ke|A(t)| + Ko, AY(D), (4.26)

Repeating the analysis reveals that K. and Ke4 can be chosen to eliminate the
third and fifth order inter-modulation products. To verify the previous analysis, a power
amplifier with envelope linearization has been designed and simulated. Fig. 4.8 shows

single stage power amplifier schematic in which envelope signal is used to linearize the
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amplifier. Fig. 4.9 depict the third order inter-modulation of the amplifier without

linearization, with Vgs=VgsotKA(t)], and with Vgs=VgsotKAX(t).

RFC
C,
C,
Vin 1 L M R,
R1
Envelope
detector

Fig. 4.8. Power amplifier linearization using envelope signal.
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Fig. 4.9. Third order inter-modulation versus input amplitude for different control
schemes.
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As predicted by (4.18), the case in which Vg is controlled by the envelope |A(t)|
has a good IM3 performance only at a specific input amplitude. On the other hand if Vgg
is made dependent on the square of the envelope signal, the IM3 is improved for the
whole input amplitude range. Fig. 4.10 shows IMS5 corresponding to different adaptive
bias techniques. The fifth order inter-modulation is not much different than reference
amplifier when Vs is made proportional to the square of the envelope signal A%(t),
which confirms the validity of the assumption that the variation in g3 can be neglected.
However, for the case of Vgs = Vgso +H|A(t)], IM5 is degraded which can be explained by

(4.24).

X-Vgs=Veso+tKAX(t) -0-Ves=VesotKIA®)] —- Ves=Vaso
120

110+

100

90.0]

IM5 (dBc)

70.0

60.0 :

se ol
20.0 30.0 40.0 50.0 60.0 70.0 $0.0 00.0 100

Vin (mV)

Fig. 4.10. Fifth order inter-modulation versus input amplitude for different control
schemes.
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As mentioned in (4.26) if k;A*(t) is added to the adaptive transistor bias Vs, The

third and fifth order inter-modulation is improved as depicted in Fig. 4.11 and Fig. 4.12.

The third order inter-modulation is improved over wider input range when compared to

the previous case in which Vg is only dependent on signal envelope.

¥ Ves=VesotKoA()[+K1A 1Y)  -0-Ves=Veso+K|A()]

-— Ves=Veso

5

70
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30

20.0

30.0

40.0

50.0

Vin (mV)

60.0

70.0

90.0

100

Fig. 4.11. Third order inter-modulation versus input amplitude with improved control

scheme.
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% Ves=VesotKoA(D)|[+K1AY L)  -0Ves=VesotKIAM)| —- Ves=Veso
110
L
\
1 b
100

90,0

IMS5 (dBc)

e |
=
=

60.0-]

s} 1
20.0 30.0 40.0 50.0 60.0 70.0 30.0 90.0 100

Vin (mV)

Fig. 4.12. Fifth order inter-modulation versus input amplitude with improved control
scheme.

4.2.2 Efficiency Improvement Using Dynamic Bias

As mentioned before, for the best efficiency the DC current should be V,/Ry.
Hence the best efficiency is achieved when Vgs = Vgso + Ke |A(t)|, where K, is chosen
such that Ipc is linearly proportional to the output voltage amplitude. Section 4.2.1
shows that K. can be chosen to cancel the effect of third order non-linearity and since
third order non-linear coefficient a3 is typically small, the required K. is typically small.
In other words, the bias current should be slightly increased to counteract the gain
reduction caused by non-linearities. However, the required K. for good efficiency is

much higher, which will be translated into higher gain variations and higher third order
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inter-modulation and thus poor error vector magnitude (EVM). The proposed solution to
overcome this problem is to adjust the gain of the preamplifier to have a flat gain and to
reduce the inter-modulation components. As shown in Fig. 4.13, the bias of the

preamplifier is also made dependent on the signal envelope.

PA Driver PA
Vin l\
O—e
Gate Gate
Bias Bias

/6N N
Envelope

detector S

Fig. 4.13. Efficiency enhancement through dynamic bias of power amplifier.

Assuming that the envelope detector has a gain of unity, the gate-source voltage,

DC current, and transconductance of the preamplifier can be written as

Vés :VGaso + AV(‘f‘so :Veaso +Ga|A(t)|
Ifa)c = Igco + ISCIAVGaSO = I|a3<:0 + ISClGa|A(t)| (4.27)
gr?]l = g;?]lo + grillAVG?SO = gr?wlo + grillGa|A(t)|

Similarly, the gate-source voltage, DC current, and transconductance of the main

amplifier are given by
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Vel?s :Vé)so + AVck-)so :V(‘Eso +Gb|A(t)|
Iltj)c = Iltj)co + IBClAV(‘ESO = IIgCO + IgCle|A(t)| (4.28)
g:u = g:uo + gsﬂlAVGbSO = gr?uo + g:wlle|A(t)|

Ignoring the even order distortion and using the absolute value second order

approximation given by (4.10), the output voltage of the pre-amplifier V,, takes the form

Voa ® (g o+ Im16G, )A(t) Cos(a’t)RLl

4.29
+ ((3/4)9213 + gr?]llaZGa)RLlA3 t) COS(a)t) ( :

The output voltage of the power amplifier V, is given by

V, = gr?anLVoa + grl:13RLV03a = gr?]lRL(grilRuVin + gr?lSRleir?)
a a 3
+ gr?13RL(gm1RL1Vin + gm3RL1Vir?) (430)
a a a 3
~ grtl)ﬂ.gmlRLRLlVin + grtT)llRLgm?:RLlVig + gr?]3RL(gmlRLl) Vlr?
As mentioned before, for the best efficiency, the current should be highly

dependent on the input envelope, which will lead to a strong non-linear behavior. In
order to minimize third order inter-modulation caused by the dynamic bias, 92,9’
should be approximately constant for any input level. In fact, a small second order
dependence on the input amplitude will help to compensate for the third order non-

linearity of the transistor. Using (4.27) and (4.28), g2,g°, can be approximated as

gr?ugrl\)u R (g rl:uo + grtr)uﬂon Xg o+ grinaoGa)
+ [(g :110 + gr?wllaOGb )g 105G, + (g o T 910G, )gfnllazeb]Az (t) (4.31)
+0m1a,G,0 r?ulasz A (t)

Following the analysis given in section 4.2.1, the third order inter-modulation is

minimized when gain dependence on the square of the signal envelope is eliminated.
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[(g rtr)mlo + gr?lllaon )g r?]llaZGa + (g r?]lo + gr?\llaOGa )g r?mllasz ]AZ (t)=0

a b 432
MGa for small «, (4.32)

=TT gk,

The forth order dependence on the envelope in (4.31) will create unwanted fifth
order inter-modulation products. In order to overcome transistor intrinsic non-linearities,
the value of Gy should be chosen slightly different than the value given in (4.32) to

create a small amount of third order distortion that cancels third order distortion due to

gm3. To overcome the unwanted fifth order inter-modulation products, the bias voltage of

the main power amplifier should take the form Vs =Vgy, +G,|A(t)|+G,,A*(t).

4.3 Power Amplifier Circuit Implementation

To verify the proposed efficiency enhancement technique, a test chip was
fabricated in UMC 90nm. The power amplifier is designed to drive a 50Q load, with
maximum output power of about 10dBm using a supply voltage of 1.2V. The DC current
at the maximum output power is given by V,/Rp = 20 mA. Using the proposed
technique, the current is made linearly proportional to the input envelope. The complete
PA diagram is depicted in Fig. 4.14 where RF chokes were replaced by LC tanks which
help to filter the even order inter-modulation as well as signal harmonics.

Coupling caps C,; and C; and bias resistors R; and R, act as a high pass filter for
the RF signal, and as a low pass signal for the bias voltage. Since the bias voltage is
proportional to the signal envelope, it can be approximated as a series that contains even

order terms. Hence the bias voltage consists of the even order harmonics of the envelope
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and the cutoff of the bias network should be larger than maximum harmonic order
needed to linearize the amplifier. Since the previous analysis shows that fourth order
series represents a good approximation of bias voltage dependence on input envelope,
the cut off frequency should be larger than 4 times the envelope bandwidth. The

constrain on the bias network cutoff can be written as

4x(24,,,)<1IR ,Cy, < 24, (4.33)
Ly Ru L2 C,
Voa Ca v,
Ccl Cc2
Vip o—g 1 L M I I, M R.
R]_ R2

Envelope l
detector

Fig. 4.14. Power amplifier schematic.

4.3.1 Envelope Detector Design

The envelope detector circuit shown in Fig. 4.15 is used to extract the signal
envelope from the RF signal. The transistor M1 acts as a diode which is connected to the
envelope detector cap C,. Resistor R; and capacitor C; constitute DC decoupling circuit
to enable adjustment of DC bias for proper operation of the envelope circuit. A replica of

the envelope detection branch is used together with an operational amplifier in order to
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eliminate non-linear effects caused by M, variable gate-source voltage [62]. Since the
envelope signal is usually limited to one or several megahertz range, the bias current of
the envelope detector can be made very small. The bias currents I; and Iy, are chosen to
be 20 pA, while achieving gy, gn2 = 0.6mA/V. The envelope detector capacitor is
chosen to be 5 PF. The operational amplifier design used in the envelope detector and

the gain blocks in Fig. 4.14 is discussed in the following section.

o— L M Mo JI—

Q3"

Fig. 4.15. Envelope detector schematic.
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4.3.2 Operational Amplifier Design

The bias voltage of the power amplifier increases as the input voltage increases,
hence the gain block Gy, in Fig. 4.14 should be positive. On the other hand, the
preamplifier bias should decrease as the input signal increases and thus G, should be a
negative gain block. Since the linearity of these gain blocks are very important, feedback

inverting and non-inverting amplifiers shown in Fig. 4.16 are used.
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The same operational amplifier is used in the envelope detector as well as
dynamic bias control circuits. In order to achieve high efficiency, the power
consumption of the op-amp should be minimized while the gain of the op-amp should be

high enough to achieve good linearity.

I:QZa

Venv Via

Ve nv

(a)
(b)
Fig. 4.16. Dynamic bias amplifiers: (a) Gain stage of preamplifier (G,). (b) Gain

stage of power amplifier (Gy).

The two stage op-amp visualized in Fig. 4.17 offer high gain and low power
consumption for low GBW. The bias transistors Ms and Mg are biased at 100pA and
50pnA respectively. Miller compensation capacitor C. is used to achieve good phase
margin, and the resistor R, is used to eliminate right hand plane zero as explained in
[63]. The operational amplifier DC gain is around 51 dB and GBW is about 850MHz

with phase margin of 85° as shown in Fig. 4.18.
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Fig. 4.17.Two stage op-amp schematic.
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4.4 Experimental Results
The test chip was fabricated in UMC 90nm and it occupies about 0.25 mm? of
active area. Chip micrograph is shown in Fig. 4.19. The power amplifier gain and

linearity is measured at 400 MHz.

Fig. 4.19. Power amplifier chip micrograph.

Resistors Ry, and R}, in Fig. 4.16 are made variable with 4 bit control accuracy
to set the gain of the dynamic bias of both the pre-amplifier and the main power
amplifier. By switching the gain of the pre-amplifier dynamic bias control circuit to zero,
the reference power amplifier can be characterized without the proposed efficiency
enhancement technique. The bias current of main power amplifier in this case does
increase slightly as the input power increases to compensate for the gain compression

caused by third order transistor non-linearities as explained in section 4.2.1. The gain of
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the amplifier versus input power is shown in Fig. 4.20 with small signal gain of around

20 dB. The output 1 dB compression point P4p is about 9.2 dBm.
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Fig. 4.20. Gain of the reference power amplifier.

If the bias of the output power amplifier is made dependent on the signal
envelope while leaving the preamplifier bias fixed, the gain will exhibit expansion as the
input power increases as shown in Fig. 4.21.

While the efficiency does improve, the EVM of such amplifier will be very poor
due to different gain at different input power levels. By employing the dynamic bias
control at both the pre-amplifier and the main power amplifier, the effect of this gain

expansion can be eliminated as shown in Fig. 4.22.
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Fig. 4.21. Gain of the power amplifier with dynamic bias only at the output stage.
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Fig. 4.22. Gain of the proposed dynamically biased power amplifier.
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The output 1dB compression point in this case is around 8.7 dBm, which is
slightly less than the reference case of fixed bias power amplifier. This small reduction is
due to the non-linear relationship between transconductance and Vgs. In other word, at
higher input signal levels, the gain of preamplifier is reduced more than the increase in
the gain of the main PA causing this slight reduction in 1dB compression point. The
efficiency of the proposed technique is higher than the efficiency of the reference power
amplifier as illustrated in Fig. 4.23. The power consumption of both amplifiers is shown
in Fig. 4.24. As mentioned before, if the dynamic bias is applied only to the output stage,
the gain will exhibit expansion and the inter-modulation components will be higher than

the reference amplifier.
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Fig. 4.23. Efficiency of the proposed dynamic bias amplifier and the reference amplifier.



105

=@ Reference == Dynamic Bias

30

25

20

15

Ppc (MA)

10

1 3.5 6 8.5
Pout (dBm)

Fig. 4.24. Power consumption of the proposed dynamic bias amplifier and the reference
amplifier.

The third order and fifth order inter-modulation components of the proposed
dynamic bias amplifier, the reference amplifier and the amplifier with a fixed bias pre-

amplifier are displayed in Fig. 4.25 and 4.26 respectively.
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Fig. 4.25. Third order inter-modulation of the proposed and the reference amplifiers.
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Fig. 4.26. Fifth order inter-modulation of the proposed and the reference amplifiers.
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The gain of the dynamic bias control circuit can be adjusted to achieve flat
overall gain and to cancel the effects of transistor non-linearities such that the third order
inter-modulation component of the proposed amplifier is better that the reference
amplifier at high output power levels as seen in Fig. 4.25. The proposed amplifier has
higher third order inter-modulation component than the reference amplifier at lower
power levels. This is due to the fact that the transconductance has been modeled as a
linear function of the bias voltage Vs, however this is not accurate over a wide range of
the input voltage and other non-linearities must be included in order to get more accurate
results.

Moreover, the fifth order inter-modulation of the proposed amplifier is higher
than the reference amplifier which is attributed to the forth order term in (4.31) that is
not corrected by using a linear bias control scheme. To achieve better performance at
lower power levels and to solve the problem of high fifth order inter-modulation, non-
linear control should be implemented in the dynamic bias circuit as illustrated in section
4.2.1. The advantage of proposed technique over conventional predistortion techniques
is that the envelope frequency is relatively low and thus low speed ADC and DSP can be

used to linearize the power amplifier.
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CHAPTER V

CONCLUSIONS

An  attenuation-predistortion  technique was proposed to linearize
transconductance amplifiers in Gm-C filter applications over a wide frequency range and
across PVT variations. The high-frequency linearity enhancement is based on Volterra
series analysis. Experimental results confirm the efficacy of the OTA linearization at
high frequencies to obtain IM3 as low as -74dB with 0.2Vinp-p at 350MHz.
Measurements of a biquad demonstrated that the linearization methodology is suitable
for Gm-C filter applications requiring an overall IM3 < -70dB up to the cutoff
frequency. The proposed linearization approach is independent of the OTA architecture
and robust due to the use of matched OTAs to cancel output distortion, resulting in an
IM3 improvement of up to 22dB. Compensation for PVT variations and high-frequency
effects is based on digital adjustment of resistors without changing the bias conditions,
which would affect other design parameters. Hence, the main OTA can be optimized for
its target application. Higher frequency operation of the proposed low pass filter is
possible if other parasitic poles are taken into account. Volterra series analysis can be
extended to include the second order effects due to internal parasistic pole of OTA. By
modifying the frequency compensation block to match the delay of the second order
parasitic poles, higher linearization bandwidth can be obtained.

High efficiency class D power amplifier has been implemented for applications

that require low power consumption and low data rate transmission with constant
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envelope signals. Design methodology of high efficiency power amplifier at low output
power level was presented and verified with experimental results. The amplifier operates
at 400MHz with output power of -2dBm and efficiency close to 60%. The output power
and the efficiency have been given at different supply voltage and at different
frequencies which demonstrate the high efficiency operation for different power levels.
The amplifier operation with FSK modulated input signal is illustrated where low out of
band spectral content is obtained.

The analysis of dynamic bias effect on efficiency and linearity of power
amplifier has been presented. A dynamically biased class A power amplifier suitable for
the transmission of envelope modulated signals has been fabricated. Measurement
results shows that the proposed amplifier has about 18.5 dB of gain and efficiency up to
35% at 400MHz and IM3 as low as 30dB at -14 dBm of input power. Compared to the
reference amplifier without dynamic bias control, the IM3 is improved for high input
levels and the efficiency is improved at low output power levels. Hence the overall
efficiency is enhanced for envelope modulated signals which typically has peak to
average power ratio of 6dB or more. The bias control design was based on the
approximation that the transconductance vary linearly with the gate-source voltage of the
transistor. Higher linearity is possible using advanced DSP to control the bias current of
the power amplifier while taking into account the transconductance non-linearities and
the transistor output resistance non-linearities. It is also possible to add even order
nonlinear terms to the bias control network to allow more degrees of freedom that will

result better control of the distortion cancellation.



[2]

[3]

[4]

[5]

[6]

[7]

[8]

[9]

110

REFERENCES

V. Saari, M. Kaltiokallio, S. Lindfors, J. Ryyndnen, and K. A. I. Halonen, “A
240-MHz low-pass filter with variable gain in 65-nm CMOS for a UWB radio
receiver,” IEEE Trans. Circuits and Systems I: Regular Papers, vol. 56, no. 7, pp.
1488-1499, July 20009.

E. Sanchez-Sinencio and J. Silva-Martinez, "CMOS transconductance amplifiers,
architectures and active filters: a tutorial," in IEEE Proc. Circuits, Devices and
Systems, vol. 147, 2000, pp. 3-12.

M. Gambhir, V. Dhanasekaran, J. Silva-Martinez, and E. Sanchez-Sinencio, "A
low power 1.3GHz dual-path current mode Gm-C filter," in Proc. IEEE Custom
Integrated Circuits Conf., 2008, pp.703-706.

R. Schoofs, M. S. J. Steyaert, and W. M. C. Sansen, "A design-optimized
continuous-time delta-sigma ADC for WLAN applications," |IEEE Trans.
Circuits and Systems I: Regular Papers, vol.54, no.1, pp. 209-217, Jan. 2007.

H. Amir-Aslanzadeh, E. J. Pankratz, and E. Sanchez-Sinencio, "A 1-V +31 dBm
IIP3, reconfigurable, continuously tunable, power-adjustable active-RC LPF.,"
IEEE J. Solid-State Circuits, vol. 44, no. 2, pp. 495-508, Feb. 2009.

D. Healy, “Analog-to-Information (A-to-I) Receiver Development Program,”
BAA 08-03 Announcement, Arlington, VA: Defense Advanced Research
Projects Agency (DARPA), Microsystems Technology Office (MTO), Nov.
2007.

J. C. Rudell, O. E. Erdogan, D. G. Yee, R. Brockenbrough, C. S. G. Conroy, and
B. Kim, "A 5th-order continuous-time harmonic-rejection G,,C filter with in-situ

calibration for use in transmitter applications," in ISSCC Dig. Tech. Papers,
2005, pp. 322-323.

A. Lewinski and J. Silva-Martinez, “A high-frequency transconductor using a
robust nonlinearity cancellation,” IEEE Trans. Circuits and Systems II: Express
Briefs, vol. 53, no. 9, pp. 896-900, Sept. 2006.

E. A. M. Klumperink and B. Nauta, “Systematic comparison of HF CMOS
transconductors,” IEEE Trans. Circuits and Systems Il: Express Briefs, vol. 50,
no. 10, pp. 728-741, Oct. 2003.



[10]

[11]

[12]

[13]

[14]

[15]

[16]

[17]

[18]

[19]

[20]

111

D. Chamla, A. Kaiser, A. Cathelin, and D. Belot, "A switchable-order Gm-C
baseband filter with wide digital tuning for configurable radio receivers," IEEE J.
Solid-State Circuits, vol. 42, no. 7, pp. 1513-1521, July 2007.

S. D'Amico, M. Conta, and A. Baschirotto, "A 4.1-mW 10-MHz fourth-order
source-follower-based continuous-time filter with 79-dB DR," IEEE J. Solid-
State Circuits, vol. 41, no. 12, pp. 2713-2719, Dec. 2006.

T. Y. Lo and C.-C. Hung, "A 40-MHz double differential-pair CMOS OTA with
-60dB IM3.," IEEE Trans. Circuits and Systems I: Regular Papers, vol.55, no.1,
pp. 258-265, Feb. 2008.

T. W. Kim, B. Kim, and K. Lee, “Highly linear receiver front-end adopting
MOSFET transconductance linearization by multiple gated transistors,” IEEE J.
Solid-State Circuits, vol. 39, no. 1, pp. 223-229, Jan. 2004.

J. Chen, E. Sanchez-Sinencio, and J. Silva-Martinez, “Frequency-dependent
harmonic-distortion analysis of a linearized cross-coupled CMOS OTA and its
application to OTA-C filters,” IEEE Trans. Circuits and Systems I: Regular
Papers, vol. 53, no. 3, pp. 499-510, March 2006.

D. Yongwang and R. Harjani, "A +18 dBm IIP3 LNA in 0.35um CMOS," in
ISSCC Dig. Tech. Papers, 2001, pp.162-163.

T.-Y. Lee and Y. Cheng, “High-frequency characterization and modeling of
distortion behavior of MOSFETs for RF IC design,” IEEE J. Solid-State Circuits,
vol. 39, no. 9, pp. 1407-1414, Sept. 2004.

W. Huang and E. Séanchez-Sinencio, "Robust highly linear high-frequency
CMOS OTA with IM3 below -70 dB at 26MHz," IEEE Trans. Circuits and
Systems I: Regular Papers, vol.53, no.7, pp. 1433-1447, July 2006.

M. Mobarak, M. Onabajo, J. Silva-Martinez, E. Sanchez-Sinencio, "Attenuation-
predistortion linearization of CMOS OTAs with digital correction of process
variations in OTA-C filter applications," IEEE J. Solid-State Circuits, vol.45,
no.2, pp.351-367, Feb. 2010.

R. Chawla, F. Adil, G. Serrano, and P. E. Hasler, "Programmable Gm-C filters
using floating-gate operational transconductance amplifiers," IEEE Trans.
Circuits and Systems I: Regular Papers, vol. 54, no. 3, pp. 481-491, March 2007.

A. Veeravalli, E. Sanchez-Sinencio, and J. Silva-Martinez, "A CMOS
transconductance amplifier architecture with wide tuning range for very low
frequency applications," IEEE J. Solid-State Circuits, vol. 37, no. 6, pp. 776-781,
June 2002.



[21]

[22]

[23]

[24]

[25]

[26]

[27]

[28]

[29]

[30]

[31]

112

S. Maas, Nonlinear Microwave and RF Circuits. Boston, MA: Artech House,
2003.

E. Rodriguez-Villegas and H. Barnes, “Solution to trapped charge in FGMOS
transistors,” Electronics Letters, vol. 39, no. 19, pp. 1416-1417, Sept. 2003.

I. Vassiliou, K. Vavelidis, T. Georgantas, S. Plevridis, N. Haralabidis, G.
Kamoulakos, C. Kapnistis, S. Kavadias, Y. Kokolakis, P. Merakos, J. C. Rudell,
A. Yamanaka, S. Bouras, and 1. Bouras, "A single-chip digitally calibrated 5.15-
5.825-GHz 0.18-um CMOS transceiver for 802.11a wireless LAN," IEEE J.
Solid-State Circuits, vol. 38, no. 12, pp. 2221-2231, Dec. 2003.

D. Kaczman, M. Shah, M. Alam, M. Rachedine, D. Cashen, L. Han, and A.
Raghavan, “A Single-Chip 10-Band WCDMA/HSDPA 4-Band GSM/EDGE
SAW-less CMOS Receiver With DigRF 3G Interface and +90 dBm I1P2,” IEEE
J. Solid-State Circuits, vol. 44, no. 3, pp. 718-739, March 2009.

S. Khorram, “Direct tuning of radio receiver integrated circuit,” U. S. Patent 7
149 488, Dec. 12, 2006.

A. Valdes-Garcia, R. Venkatasubramanian, R. Srinivasan, J. Silva-Martinez, and
E. Sanchez-Sinencio, “A CMOS RF RMS detector for built-in testing of wireless
transceivers,” in Proc. IEEE VLSI Test Symp., 2005, pp. 249-254.

A. Valdes-Garcia, R. Venkatasubramanian, J. Silva-Martinez, and E. Sanchez-
Sinencio, "A broadband CMOS amplitude detector for on-chip RF
measurements,”" |[EEE Trans. Instrumentation and Measurement, vol. 57, no. 7,
pp. 1470-1477, July 2008.

G. Bollati, S. Marchese, M. Demicheli, and R. Castello, "An eighth-order CMOS
low-pass filter with 30-120 MHz tuning range and programmable boost," IEEE J.
Solid-State Circuits, vol. 36, no. 7, pp. 1056-1066, July 2001.

A. Otin, S. Celma, and C. Aldea, "A 40-200 MHz programmable 4th-order Gm-
C filter with auto-tuning system," in Proc. 33" Eur. Solid-State Circuits Conf.
(ESSCIRC), 2007, pp. 214-217.

S. Dosho, T. Morie, and H. Fujiyama, "A 200-MHz seventh-order equiripple
continuous-time filter by design of nonlinearity suppression in 0.25-pm CMOS
process," IEEE J. Solid-State Circuits, vol. 37, no. 5, pp. 559-565, May 2002.

S. Pavan and T. Laxminidhi, "A 70-500MHz programmable CMOS filter
compensated for MOS nonquasistatic effects," in Proc. 32" Eur. Solid-State
Circuits Conf. (ESSCIRC), 2006, pp. 328-331.



[32]

[33]

[34]

[35]

[36]

[37]

[38]

[39]

[40]

[41]

[42]

113

K. Kwon, H.-T. Kim, and K. Lee, "A 50-300-MHz highly linear and low-noise
CMOS Gm-C filter adopting multiple gated transistors for digital TV tuner ICs,"
IEEE Trans. Microwave Theory and Techniques, vol. 57, no. 2, pp. 306-313,
Feb. 2009.

A. P. Nedungadi and R. L. Geiger, “High-frequency voltage-controlled
continuous time lowpass filter using linearized CMOS intergrators,” Electronic
Letters, vol. 22, pp. 729-731, July 1986.

W. Sheng, B. Xia, A. Emira, C. Xin, A. Y. Valero-Lopez, S. T. Moon, and E.
Sanchez-Sinencio, “A 3-V, 0.35-um CMOS Bluetooth receiver IC,” IEEE J.
Solid-State Circuits, vol. 38, pp. 3042, Jan. 2002.

B. Razavi, T. Aytur, C. Lam, F.-R. Yang, K.-Y. Li, R.-H. Yan, H.-C. Kang, C.-
C. Hsu, and C.-C. Lee, “A UWB CMOS transceiver,” |IEEE J. Solid-State
Circuits, vol. 40, pp. 2555-2562, Dec. 2005.

W. Kluge, F. Poegel, H. Roller, M. Lange, T. Ferchland, L. Dathe, D. Eggert, “A
Fully Integrated 2.4GHz IEEE 802.15.4 Compliant Transceiver for ZigBee
Applications,” in ISSCC Dig. Tech. Papers, 2006, pp. 372-373, 660.

FCC Rules and Regulations, MICS Band Plan, Part 95, 2003.

H. S. Savci, A. Sula, Z. Wang, N. S. Dogan, E. Arvas, “MICS transceivers:
regulatory standards and applications," in IEEE Proc. SoutheastCon, 2005, pp.
179- 182.

N. Cho; J. Bae; H. J. Yoo; , "A 10.8 mW Body Channel Communication/MICS
Dual-Band Transceiver for a Unified Body Sensor Network Controller," IEEE J.
Solid-State Circuits, vol.44, no.12, pp.3459-3468, Dec. 2009.

P. D. Bradley, "An ultra low power, high performance Medical Implant
Communication System (MICS) transceiver for implantable devices," |IEEE
Biomedical Circuits and Systems Conf., 2006, pp.158-161.

Australian Communications Authority, “Planning for Medical Implant
Communications Systems (MICS) & Related Devices”, Document: SPP 6/03,
Oct. 2003.

J. M. Murray, G. M. Oleszek, "Design Considerations in Class D MOS Power
Amplifiers," IEEE Trans. Industrial Electronics and Control Instrumentation,
vol.IECI-26, no.4, pp.211-218, Nov. 1979.



[43]

[44]

[45]

[46]

[47]

[48]

[49]

[50]

[51]

[52]

[53]

[54]

[55]

114

D.J. Kessler, M.K. Kazimierczuk, "Power losses and efficiency of class-E power
amplifier at any duty ratio,” IEEE Trans. Circuits and Systems |. Regular
Papers, vol.51, no.9, pp. 1675- 1689, Sept. 2004.

R. Zulinski, J. Steadman, "Class E Power Amplifiers and Frequency Multipliers
with finite DC-Feed Inductance," IEEE Trans. Circuits and Systems, vol.34,
no.9, pp. 1074- 1087, Sep 1987.

N. O. Sokal, A. D. Sokal, "Class E-A new class of high-efficiency tuned single-
ended switching power amplifiers," IEEE J. Solid-State Circuits, vol.10, no.3,
pp. 168- 176, Jun 1975.

F. Raab, "Idealized operation of the class E tuned power amplifier," IEEE Trans.
Circuits and Systems, vol.24, no.12, pp. 725- 735, Dec 1977.

M. Kazimierczuk, K. Puczko, "Exact analysis of class E tuned power amplifier at
any Q and switch duty cycle," IEEE Trans. Circuits and Systems, vol.34, no.2,
pp. 149- 159, Feb 1987.

S. C. Cripps, RF power amplifiers for wireless communications, second edition,
Boston: Artech House, 2006.

S. k El-Hamamsy, "Design of high-efficiency RF Class-D power amplifier,"
IEEE Trans. Power Electronics, vol. 9, pp. 297-308, May 1994.

F. H. Raab, P. Asbeck, S. Cripps, P. B. Kenington, Z. B. Popovic, N. Pothecary,
J. F. Sevic, and N. O. Sokal, "Power amplifiers and transmitters for RF and
microwave," IEEE Trans. Microwave Theory and Techniques, vol. 50, no. 3, pp.
814 - 826, March 2002.

P. B. Kenington, High Linearity RF Amplifier Design, Norwood, MA: Artech
House, 2000.

W.H. Doherty, “A new high efficiency power amplifier for modulated waves,”
Proc. IRE, Vol. 24, no. 9, 1936, pp. 1163-1 182.

Cripps, S. C., Advanced Techniques in RF Power Amplifier Design, Boston
Artech House, Inc., 2002.

J. L. Dawson, T. H. Lee, Feedback Linearization of RF Power Amplifiers,
Boston Kluwer Academic Publishers, 2004.

S. Forestier, P. Bouysse, R. Quere, A. Mallet, J.-M. Nebus, L. Lapierre, "Joint
optimization of the power-added efficiency and the error-vector measurement of
20-GHz pHEMT amplifier through a new dynamic bias-control method," IEEE



[56]

[57]

[58]

[59]

[60]

[61]

[62]

[63]

115

Trans. Microwave Theory and Techniques, vol.52, no.4, pp. 1132- 1141, April
2004.

Y. S. Jeon, J. Cha, S. Nam, "High-Efficiency Power Amplifier Using Novel
Dynamic Bias Switching," IEEE Trans. Microwave Theory and Techniques,
vol.55, no.4, pp.690-696, April 2007.

Y. Kyounghoon, G.I. Haddad, J.R. East, "High-efficiency class-A power
amplifiers with a dual-bias-control scheme," IEEE Trans. Microwave Theory and
Techniques, vol.47, no.8, pp.1426-1432, Aug 1999.

S. Yamanouchi, K. Kunihiro, H. Hida, "An efficient algorithm for simulating
error vector magnitude in nonlinear OFDM amplifiers," in Proc. of the IEEE
Custom Integrated Circuits Conf., 2004, pp. 129- 132.

Y. S. Noh, C. S. Park, "PCS/W-CDMA dual-band MMIC power amplifier with a
newly proposed linearizing bias circuit," IEEE J. Solid-State Circuits, vol.37,
no.9, pp. 1096- 1099, Sep 2002.

T. Oka, M. Hasegawa, M. Hirata, Y. Amano, Y. Ishimaru, H. Kawamura, K.
Sakuno, "A High-Power Low-Distortion GaAs HBT Power Amplifier for
Mobile Terminals Used in Broadband Wireless Applications," IEEE J. Solid-
State Circuits, vol.42, no.10, pp.2123-2129, Oct. 2007.

P. C. Wang, K.Y. Huang, Y.F. Kuo, M.C. Huang, C.H. Lu, T.M. Chen, C.J.
Chang, K.U. Chan, T.H. Yeh, W.S. Wang, Y.H. Lin, C.C. Lee, "A 2.4-GHz
+25dBm P-1dB linear power amplifier with dynamic bias control in a 65-nm
CMOS process," in Proc. 34" Eur. Solid-State Circuits Conf. (ESSCIRC), 2008.,
pp.490-493.

D.K. Su, W.J. McFarland, "An IC for linearizing RF power amplifiers using
envelope elimination and restoration," IEEE J. Solid-State Circuits, vol.33,
no.12, pp.2252-2258, Dec 1998.

D. A. Johns and K. Martin, Analog Integrated Circuit Design, New York: Wiley,
1997.



116

VITA

Mohamed Salah Mohamed Mobarak was born in Cairo, Egypt. He received his

B.S. (with honors) and M.S. in electronics and communications engineering from
Cairo University, Egypt in 2001 and 2004, respectively. He has been working toward his
Ph.D. degree at the Analog and Mixed Signal Center, Department of Electrical
Engineering, Texas A&M University, College Station, TX since 2004. From May 2006
to January 2007, he was an intern at Hittite Microwave, where he worked on frequency
synthesizers. From May 2009 to September 2009, he interned at Microtune Inc., where
he designed a cable modem upstream amplifier for the DOCSIS 3.0 standard. His current
research interests include high-efficiency power amplifiers, highly linear filters, and

frequency synthesizers.

Mr. Mobarak can be reached through Analog and Mixed Signal Center,
Department of Electrical Engineering, Texas A&M University, College Station, Texas

77843-3128, USA.



