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RÉSUMÉ

Les matériaux anisotropes possèdent des propriétés électromagnétiques qui sont différentes

dans différentes directions, ce qui résulte en des degrés de liberté supplémentaires pour la

conception de dispositifs électromagnétique et mène à des applications. Certains matériaux

anisotropes peuvent être trouvés dans la nature, comme les matériaux ferrimagnétiques, alors

que d’autres peuvent être conçus artificiellement pour des applications spécifiques. Ces maté-

riaux artificiels sont des structures composites qui sont faites d’implants métalliques insérés

dans un médium hôte. Ces structures peuvent être considérées comme des matériaux effectifs

nouveaux et peuvent posséder des propriétés que l’on ne retrouve pas dans la nature comme

un indice de réfraction négatif, une chiralité ou une bi-anisotropie ; ils sont donc appelés méta-

matériaux. Dû à la grande diversité d’implants qu’il est possible de concevoir, ces matériaux

sont prometteurs pour la conception de dispositifs uniques et novateurs comme de nouvelles

antennes, des antennes miniaturisées, des dispositifs non-réciproques, des analyseurs de si-

gnaux analogiques et des dispositifs de génie biomédical. Puisque dans les matériaux artificiels

l’effet des implants dans le médium hôte n’est pas le même dans toutes les directions, ces ma-

tériaux ont la plupart du temps des caractéristiques anisotropes qui peuvent être contrôlées

par les propriétés des implants. Cette propriété amène des degrés de liberté supplémentaires

dans la conception de dispositifs nouveaux. L’effet d’anisotropie dans les structures artifi-

cielles est plus évident dans la plupart des substrats artificiels anisotropes à cause de leur

structure planaire 2D.

Une analyse électromagnétique rigoureuse des substrats artificiels anisotropes est requise

afin de mieux comprendre leurs propriétés, ce qui est essentiel pour proposer des applications.

L’insuffisance de l’analyse disponible dans la littérature a servi de motivation pour cette thèse

dont l’objectif est d’effectuer l’analyse électromagnétique rigoureuse de substrats artificiels

anisotropes dans le but d’explorer des applications.

Afin de mieux comprendre les propriétés de l’anisotropie des substrats artificiels, leur

méthode d’analyse et leurs applications, il peut être utile de d’abord mieux comprendre

l’anisotropie de substrats naturels existant comme les matériaux ferrimagnétiques. Cette

approche peut aussi mener à de nouvelles applications de ces matériaux anisotropes naturels.

De plus, afin d’étudier certaines propriétés et applications des substrats anisotropes, certains

aspects mal compris des matériaux isotropes doivent tout d’abord être éclaircis.

Basée sur les objectifs et la méthodologie décrits ci-haut, la présente thèse contribue les

réalisations et avancements suivants au domaine du génie micro-ondes.

Le conducteur électromagnétique parfait (PEMC) comme condition frontière est un concept
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électromagnétique nouveau et fondamental. C’est une description généralisée des conditions

aux frontières électromagnétiques incluant le conducteur électrique parfait (PEC) et le conduc-

teur magnétique parfait (PMC). De par ses propriétés fondamentales, le PEMC a le potentiel

de rendre possible plusieurs applications électromagnétiques. Cependant, jusqu’à maintenant

le concept de condition frontière PEMC était demeuré un concept théorique et n’avait ja-

mais été réalisé en pratique. Ainsi, motivée par l’importance de ce concept fondamental en

électromagnétisme et de ses applications potentielles, la première contribution de cette thèse

se concentre sur l’implémentation pratique de la condition frontière PEMC en exploitant le

principe de la rotation de Faraday et de la réflexion par un plan de masse dans les maté-

riaux ferrimagnétiques qui sont intrinsèquement anisotropes. Conséquemment, la présente

thèse rapporte la première approche pratique permettant la réalisation des conditions fron-

tière PEMC. Une matrice de dispersion généralisée (GSM) est utilisée pour l’analyse de la

structure PEMC constituée d’une ferrite posée sur un plan de masse. Comme application de

la condition frontière PEMC, la démonstration expérimentale d’un guide d’onde transverse-

électromagnétique (TEM) est effectuée en utilisant la ferrite posée sur un plan de masse

comme murs de côté PMC (ce qui est un cas spécial de la frontière PEMC). Les conditions

frontières conducteur électromagnétique parfait pourraient trouver des applications dans di-

vers types de senseurs, réflecteurs, convertisseurs de polarisation et identificateurs radiofré-

quences basés sur la polarisation.

Les antennes à onde de fuite sont des antennes à haute directivité et à faisceau balayé en

fréquence, et par conséquent rendent possible des applications dans les systèmes radar, en

communication point-à-point et dans les systèmes MIMO. La seconde contribution de cette

thèse est l’introduction et l’analyse d’une nouvelle antenne à onde de fuite bidimensionnelle

à large bande et ayant une directivité élevée. Cette antenne fonctionne différemment dans les

basses et hautes fréquences. Vers les basses fréquences, elle permet un balayage de l’espace

complet de son faisceau conique alors qu’à hautes fréquences, elle rayonne avec un faisceau

fixe dont l’angle est ajustable par conception et dont la variation en fréquence est très faible,

ce qui la rend particulièrement adaptée pour des applications en communication point-à-point

à large bande et dans les systèmes radar. Cette antenne est constituée d’un substrat artificiel

de type champignon ayant une anisotropie électrique et magnétique posé sur un plan de masse

et caractérisé par des tenseurs de permittivité et de perméabilité anisotropes et uniaxiaux.

Un modèle de ligne de transmission spectral basé sur l’approche des fonctions de Green est

choisi pour l’analyse de la structure. Une comparaison rigoureuse entre les antennes à onde de

fuite isotropes et anisotropes est effectuée et révèle que contrairement au substrat anisotrope,

le substrat isotrope démontre de piètres performances en tant qu’antenne à onde de fuite.

Les propriétés particulières aux antennes planaires telles qu’un bas profil, un faible coût,
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la compatibilité avec les circuits intégrés et leur nature ” conformal ” en font des antennes

appropriées pour les systèmes de communication. Parallèlement, les restrictions en termes

de bande passante et de miniaturisation ont fait augmenter la demande pour les systèmes

sans-fil à ondes millimétriques tels que les radars, les senseurs à distance et les réseaux locaux

à haute vitesse. Cependant, lorsque la fréquence augmente vers le régime des ondes millimé-

triques, l’efficacité de rayonnement des antennes planaires devient un problème important.

Ceci est dû à l’augmentation de l’épaisseur électrique du substrat et donc à l’augmentation

du nombre de modes de surface qui sont excités et qui transportent une partie de l’énergie

du système sans contribuer de manière efficace au rayonnement. Ainsi, ces antennes souffrent

d’une faible efficacité de rayonnement. Ce problème a motivé la troisième contribution de

cette thèse qui est l’interprétation et l’analyse du comportement de l’efficacité de rayonne-

ment des antennes planaires sur des substrats électriquement épais. Une nouvelle approche

basée sur un dipôle de substrat est introduite pour expliquer le comportement de l’efficacité.

Ce dipôle modélise le substrat et réduit le problème d’une source électrique horizontale sur le

substrat au problème équivalent d’un dipôle rayonnant dans l’espace libre. De plus, dans ce

travail quelques solutions pour l’amélioration de l’efficacité de rayonnement aux épaisseurs

électriques où l’efficacité est minimale sont données. Utilisant la meilleure compréhension

du comportement de l’efficacité de rayonnement acquise pour le cas des antennes planaires

imprimées sur un substrat isotrope (substrat conventionnel), l’effet d’un substrat anisotrope

sur l’efficacité de rayonnement des antennes planaires est étudié.
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ABSTRACT

Anisotropic materials exhibit different electromagnetic properties in different directions

and therefore they provide some degrees of freedom in the design of electromagnetic devices

and enable many applications. Some kinds of anisotropic materials are available in the nature

such as ferrimagnetic materials, while many others can be artificially designed for specific ap-

plications. The artificial materials are composite structures made of sub-wavelength metallic

implants in a host medium, which constitute novel effective materials. These materials may

exhibit properties not readily available in the nature, such as negative refractive index, chi-

rality or bi-anisotropy, and therefore are called metamaterials. Due to the diversity of their

possible implants, they have a great potential in unique and novel components, such as spe-

cific antennas, miniaturized antennas, non-reciprocal devices, analog signal processors, and

biomedical engineering devices. Since in most of the artificial materials, the effect of the

implants in the host medium is not the same in all the directions, these materials exhibit

anisotropic characteristics which can be controlled by the properties of the implant. This

characteristic provides some additional degrees of freedom in the design of novel devices.

The anisotropy effect in the artificial structures is more evident in most of the anisotropic

artificial substrates due to their 2D planar structure.

Rigorous electromagnetic analysis of the anisotropic artificial substrates is required for

gaining a better understanding of their properties which is essential for proposing novel

applications. Insufficient available analysis in the literature has motivated this thesis whose

objective is to perform rigorous electromagnetic analysis of the anisotropic artificial substrates

towards exploring their applications.

To acquire more insight into the anisotropic properties of artificial substrates, their analy-

sis method, and their applications, it is useful to first better understand anisotropy of existing

natural substrates such as ferrimagnetic materials. This approach may also lead to novel ap-

plications of the natural anisotropic materials. In addition, to investigating some of properties

and applications of the anisotropic substrates, foremost we may need to clarify some unclear

aspects regarding the isotropic materials.

Based on the objectives and methodology of the thesis which were explained above, this

thesis contributes to the following achievements and advances in microwave engineering.

The perfect electromagnetic conductor (PEMC) boundary is a novel fundamental electro-

magnetic concept. It is a generalized description of the electromagnetic boundary conditions

including the perfect electric conductor (PEC) and the perfect magnetic conductor (PMC)

and due to its fundamental properties, it has the potential of enabling several electromag-
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netic applications. However, the PEMC boundaries concept had remained at the theoretical

level and has not been practically realized. Therefore, motivated by the importance of this

electromagnetic fundamental concept and its potential applications, the first contribution

of this thesis is focused on the practical implementation of the PEMC boundaries by ex-

ploiting Faraday rotation principle and ground reflection in the ferrite materials which are

intrinsically anisotropic. As a result, this thesis reports the first practical approach for the

realization of PEMC boundaries. A generalized scattering matrix (GSM) is used for the anal-

ysis of the grounded-ferrite PEMC boundaries structure. As an application of the PEMC

boundaries, a transverse electromagnetic (TEM) waveguide is experimentally demonstrated

using grounded ferrite PMC (as particular case of the PEMC boundaries) side walls. Per-

fect electromagnetic conductor boundaries may find applications in various types of sensors,

reflectors, polarization convertors and polarization-based radio frequency identifiers.

Leaky-wave antennas perform as high directivity and frequency beam scanning anten-

nas and as a result they enable applications in radar, point-to-point communications and

MIMO systems. The second contribution of this thesis is introducing and analysing a novel

broadband and highly directive two-dimensional leaky-wave antenna. This antenna operates

differently in the lower and higher frequency ranges. Toward its lower frequencies, it allows

full-space conical-beam scanning while at higher frequencies, it provides fixed-beam radiation

(at a designable angle) with very low-beam squint, which makes it particularly appropriate

for applications in wide band point-to-point communication and radar systems. The antenna

is constituted of a mushroom type anisotropic magneto-dielectric artificial grounded slab

with uniaxially anisotropic permittivity and permeability tensors. A spectral transmission-

line model based on Green functions approach is chosen for the analysis of the structure. A

rigorous comparison between the isotropic and anisotropic leaky-wave antennas is performed

which reveals that as opposed to anisotropic slabs, isotropic slabs show weak performance in

leaky-wave antennas.

The properties of planar antennas such as low profile, low cost, compatibility with inte-

grated circuits and their conformal nature have made them appropriate antennas for commu-

nications systems. In parallel, bandwidth and miniaturization requirements have increased

the demand for millimeter-wave wireless systems, such as radar, remote sensors and high-

speed local area networks. However, as frequency increases towards millimeter-wave regime,

the radiation efficiency of planar antennas becomes an important issue. This is due to the

increased electrical thickness of the substrate and therefore increased number of the excited

surface modes which carry part of the energy of the system in the substrate without any

efficient contribution to radiation. Therefore, these antennas suffer from low radiation effi-

ciency. This has motivated the third contribution of the thesis which is the interpretation and
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analysis of the radiation efficiency behavior of the planar antennas on electrically thick sub-

strates. A novel substrate dipole approach is introduced for the explanation of the efficiency

behavior. This dipole models the substrate and reduces the problem of the horizontal electric

source on the substrate to an equivalent dipole radiating in the free-space. In addition, in this

work, some efficiency enhancement solutions at the electrical thicknesses where the radiation

efficiency is minimal are provided. Following the obtained knowledge about the radiation

efficiency behavior of the planar antennas printed on the isotropic (conventional) substrates,

finally, the effect of the anisotropy of the substrate on the planar antenna radiation efficiency

is studied.



xii

TABLE OF CONTENTS

DEDICATION . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . iii

ACKNOWLEDGMENTS . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . iv
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CHAPTER 1

INTRODUCTION

1.1 Definitions and Basic Concepts

Anisotropic materials are structures which exhibit different properties in different direc-

tions. Anisotropic materials may be natural with intrinsic anisotropic properties or they may

be artificially designed with specific anisotropic characteristics for specific applications. In

the following, the anisotropy in the natural and artificial materials and substrates, along with

some of their applications, are explained.

1.1.1 Natural Anisotropic Materials

Electric Anisotropy

When an external electric field E propagates through a dielectric material it induces

electric dipole moments, pe = αeE, in the material, where αe is the electric polarizability

of the atom or molecule and defines the response of the charge distribution of the atom or

molecule to the applied field. The average of the dipole moments in the material defines

the material electric polarization Pe. In a homogeneous, linear and isotropic material, the

polarization is aligned with and proportional to the electric field E,

Pe = ε0χeE, (1.1)

where ε0 is the free-space permittivity, and χe is the electric susceptibility of the medium

related to the average of the polarizabilities in the medium volume. However, in an electrically

anisotropic material, the electric field and the induced polarization are not in the same

direction and therefore

Pe = ε0 ¯̄χe · E, (1.2)

where ¯̄χe is the electric susceptibility tensor of the medium. In this case, the electric polar-

ization in the i−direction Pe,i is induced by the j−direction electric field Ej, as expressed in

the following relation

Pe,i =
∑

j

ε0χe,ijEj, (1.3)
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where χe,ij is the ij component of the electric susceptibility tensor ¯̄χe of the medium [1].

This equation demonstrates that in anisotropic materials, the induced polarization and the

electric field are not necessarily aligned.

The electric polarization and the electric field define the electric flux density D as follows

D =ε0E+Pe. (1.4)

By substituting the polarization Pe of isotropic materials from (1.1) into (1.4), this equa-

tion reduces to

D = ε0εrE

= εE,
(1.5)

where εr = 1 + χe and ε are the dielectric constant and the permittivity of the isotropic

material, respectively. For anisotropic materials, substituting (1.2) into (1.4), results in

D = ε0 ¯̄εr · E
= ¯̄ε · E,

(1.6)

where ¯̄εr = 1 + ¯̄χe and ¯̄ε are the dielectric constant and the permittivity tensors of the

anisotropic material, respectively, with

¯̄ε =







εxx εxy εxz

εyx εyy εyz

εzx εzy εzz






, (1.7)

where εij (i, j = x, y or z) is the ij component of the permittivity tensor. The tensor ¯̄ε shows

that in an electrically anisotropic material, the electric response of the medium to the applied

electric field is different in the different x, y and z directions.

Crystals and ionized gases are examples of materials which exhibit electrical anisotropic

characteristics [2, 3, 4]. Specially, ferroelectric materials which are inherently anisotropic due

to their crystalline structure [5, 6, 7, 8] have several applications at microwave frequencies

[9].
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Magnetic Anisotropy

A magnetic field H applied to a magnetic material may align the magnetic dipoles in the

material which are oriented in random directions and therefore produce a magnetic polariza-

tion Pm which for linear isotropic materials reads

Pm = µ0χmH, (1.8)

while for the anisotropic materials it yields

Pm = µ0 ¯̄χm ·H, (1.9)

where µ0, χm and ¯̄χm are the free-space permeability, the magnetic susceptibility of the

isotropic material, and the magnetic susceptibility tensor of the anisotropic material, re-

spectively. Equation (1.9) shows that as opposed to isotropic magnetic materials, in the

anisotropic materials the magnetic polarization is not aligned with the magnetic field and an

i−direction magnetic polarization Pm,i is related to a j−direction magnetic field Hj through

the following relation

Pm,i =
∑

j

µ0χm,ijHj, (1.10)

where χm,ij is the ij component of the magnetic susceptibility tensor ¯̄χm of the medium.

The magnetic flux density B is related to the magnetic polarization and the magnetic

field by the following expression

B =µ0H+Pm. (1.11)

By substituting Pm of the isotropic materials from (1.8) into the above equation, this expres-

sion reduces to

B = µ0µrH

= µH,
(1.12)

where µr = 1 + χm and µ are the magnetic constant and the permeability of the isotropic



4

material, respectively. For the anisotropic materials, substituting (1.9) into (1.11) results in

B = µ0 ¯̄µr ·H
= ¯̄µ ·H,

(1.13)

where ¯̄µr and ¯̄µ are the magnetic constant and permeability tensors of the anisotropic material,

respectively, and

¯̄µ =







µxx µxy µxz

µyx µyy µyz

µzx µzy µzz






, (1.14)

where µij(i, j = x, y or z) is the ij component of the permeability tensor. ¯̄µ shows that in

a magnetically anisotropic material, the magnetic response of the medium to the applied

magnetic field is different in the different directions.

Ferrimagnetic materials, such as ferrites are the most practical natural anisotropic mag-

netic materials used in microwave engineering. Their magnetic anisotropy is induced by an

applied DC magnetic bias field which aligns the magnetic dipole moments in the material,

causing them to precess at a frequency which is controlled by the strength of the bias field.

A microwave field which is circularly polarized in the direction of the precession of the dipole

moments interacts strongly with them, while a field that is oppositely polarized interacts

less strongly. Since the right-handed and left-handed circularly polarizations are defined as

functions of the direction of propagation, fields propagating in opposite directions will have

opposite polarizations. Therefore, when they propagate through a ferrimagnetic material in

opposite directions they have different behaviors which is called non-reciprocity. This effect

can be used in the design of nonreciprocal devices such as isolators, circulators and gyrators.

Another characteristic of ferrimagnetic materials is their tunability by changing the applied

DC bias field, since the ferrite interaction with the microwave field can be controlled by ad-

justing the strength of the bias field. This behavior leads to tunable devices such as phase

shifters, switches, resonators and filters [2, 10].

1.1.2 Artificial Anisotropic Materials

Artificial Materials

Artificial materials are composite structures constituted of various types of sub-wavelength

metallic, dielectric or magnetic implants in a host medium. An external applied field illumi-
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nating the artificial materials induces electric or magnetic current dipoles on the implants.

Each dipole emulates the behavior of an atom or a molecule in natural materials in that it

exhibits a dipole moment as explained in Sec. 1.1.1. Since the implants are sub-wavelength

the combined effect of the implants produces a net average electric or magnetic dipole polar-

ization Pe,m per unit volume. This results in effectively altering the macroscopic properties

of the medium leading to an effective permittivity and permeability [11, 12, 13]. Due to

the diversity of possible implants, synthesis of a wide variety of macroscopic effective mate-

rial properties is possible. Specially, the properties not readily available in nature such as

negative refractive index [14], bi-isotropy, bi-anisotropy and chirality 1 [15], may be achieved

by special design of artificial materials, which in this case, are also known metamaterials

[16, 17]. These properties expand the range of available material characteristics, which opens

up a new horizon for microwave engineers to design novel microwave devices.

In the literature, if artificial structures exhibit effective electric properties due to their im-

plants, they are called artificial dielectrics, while if it shows effective magnetic characteristics

it is called artificial magnetic material. An artificial material may have both effective electric

and magnetic properties in which case it is called magneto-dielectric. In this document, we

follow the same terminology to designate artificial dielectric, magnetic or magneto-dielectric

structures.

One of the first artificial dielectric was suggested by Kock, in 1946. This structure was

designed to be used as a lens for overcoming the excessive weight of the convectional lenses

[18, 19]. As shown in Fig. 1.1, this structure consists of metallic parallel plates acting as

waveguides. The operation principle is based on the fact that the electromagnetic wave

propagating between the plates experiences a higher phase velocity as compared to the prop-

agation in free-space,

v =
v0

1−
√

1− (λ0

2a
)2
, (1.15)

where, v and v0 are the phase velocities in the waveguides and in the air, respectively, and

λ0 and a are the free-space wavelength and the distance between the two metallic plates,

1. In bi-isotropic materials the electric and magnetic fields are coupled and an applied electric or magnetic
field both polarizes and magnetizes the material. The constitutive relations for bi-isotropic materials reads
D = εrε0E + ξH and B = ςE + µrµ0H where ξ and ς are the coupling constants of the material. For a
bi-anisotropic material εr, µr, ξ and ς are dependent on the direction and are tensorial. In the special case,
where in a bi-isotropic material ξ = −ς = jκ

√
ε0µ0, the bi-isotropic material reduces to a chiral material and

κ represents the chirality of the material [15].
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respectively. This leads to an effective refractive index as follows

n =
v0
v

= 1−
√

1− (
λ0
2a

)2, (1.16)

which is less than unity, and for a concave structure results in a focusing lens effect.

a

14λ0

Figure 1.1 Concave metallic Kock lens. Taken from “Metal-lens antennas,” Proc. of IRE,
1946, by W. E. Kock. c©1946 IEEE.

In 1949, Cohn presented an analytical study on metal-strip lens using a transmission line

approach [20] and in 1950 he performed an experimental measurement to calculate the refrac-

tive index of the metallic lens media of Kock [21]. During the same period, Estrin calculated

the effective permittivity and permeability of a three dimensional array of conducting disks

[22], as illustrated in Fig. 1.2, and for this purpose, he calculated the induced electric and

magnetic dipole moments of each disk for certain directions of applied electric and magnetic

fields, using Maxwell equations. Moreover, he analyzed the anisotropic properties of this

structure.

In 1960, Brown published a review on the previous works that had been done on artificial

dielectrics [23]. He presented two types of classifications the artificial dielectrics. One category

was according to the value of the refractive index of the artificial dielectrics: if the refractive

index was greater than unity the structure was called delay dielectric and if the refractive

index was less than unity it was named path-advance dielectric. The second category was
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x

y

z

Figure 1.2 Three dimensional array of conducting disks, studied by Estrin. Adapted from
“The effective permeability of an array of thin conducting disks,” J. Appl. Phys. 1950, by
G. Estrin.

according to the form of the structures constituting lattices of conducting elements. He also

discussed several calculation methods for the refractive index of the artificial materials such

as classical Lorentz theory and transmission-line method. Some applications of the artificial

materials such as microwave lenses and polarization filters where considered in his paper.

In 1962, Rotman demonstrated that a special type of artificial dielectric called rodded

medium exhibits electric plasma properties in the absence of DC magnetic fields [24]. The

rodded medium attracted much attention due to its plasma permittivity and was extensively

cited in many articles related to artificial materials. As illustrated in Fig. 1.3, this structure

was composed of periodically spaced lattices of metallic rods, where an applied electric field

parallel to the wires could interact with the wires leading to a plasma permittivity, also

named Drude permittivity, along the axis of the wires as demonstrated in Fig. 1.4 and given

by

εp = ε0

(

1−
ω2
pe

ζ2pe + ω2
+ j

ω2
peζpe/ω

ζ2pe + ω2

)

, (1.17)

where, ωpe and ζpe are the plasma frequency and the collision frequency of the effective plasma

artificial dielectric.

He analyzed the dispersion of the structure and calculated the propagation constant

γp = αp + jβp = jω
√
µ0εp of a lossy rodded medium with

βp =
ω

c

[

1− (
ωpe

ω
)2
]1/2

, (1.18a)
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Figure 1.3 Rodded media. (a) One dimensional, (b) two dimensional and (c) three dimen-
sional structures. Adapted from“Plasma simulation by artificial dielectrics and parallel-plate
media,” IRE Trans. Antennas Propagat., 1962, by W. Rotman.



9

0

0
1

 

 

ωpe

Frequency

ε p

Re[εp]

Im[εp]

Figure 1.4 Plasma effective permittivity of the rodded medium of Rotman.

αp =
ω

2c

{

(ωpe

ω
)2( ζpe

ω
)

[

1− (ωpe

ω
)2
]1/2

}

, (1.18b)

where, αp and βp are the attenuation constant and the phase constant of the effective material,

respectively, and c is the speed of light in the vacuum. Moreover, he presented some of the

applications of the rodded media such as gain enhancement of the radiation from an electric

field aperture by a plasma slab cover.

During this period, several studies on the effect of artificial substrates on antenna patterns

and beam shaping were carried out. For example, in 1965, Golden studied a horn aperture in

an infinite ground plane covered with a plasma layer for beam shaping application [25] and

in 1975, Bahl and Gupta studied the application of artificial dielectrics as a beam shaping

element in a leaky-wave lens antenna [26, 27].

In 1990, Collin presented various analysis methods of the artificial dielectrics in his book

[11]. He classified the analysis methods in three basic categories: the simplest approach is

Lorentz theory, which considers only the dipole interaction between the electric and magnetic

dipoles induced on the implants by the applied field, the second approach is a rigorous static

field solution, and finally, the third method is rigorously solving the Maxwell equations.

In 1996, Pendry et al. showed a structure consisting of very thin infinitely long metallic

wires arranged in a 3D cubic lattice that modelled the plasma response in the form of (1.17),

with a negative effective permittivity below the plasma frequency in the gigahertz range [28].

Later, in 1998, he published a paper on the experimental validation of the theoretical analysis

of this structure [29].

In 1999, Pendry et al. reported another study which was performed on artificial magnetic
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a

r

Figure 1.5 Artificial dielectric with plasma electric response in the gigahertz range, consisting
of a 3D cubic lattice of very thin infinitely long metallic wires proposed by Pendry. Reprinted
figure with permission from J.B. Pendry, A.J. Holden, W.J. Stewart and I. Youngs, Extremely
low frequency plasmons in metallic mesostructures, Phys. Rev. Lett. 76 4773-6 and 1996.
Copyright 1996 by the American Physical Society.

materials. This structure was constituted of non-magnetic conducting sheets which could

provide effective magnetic permeability [30]. As demonstrated in Fig.1.6a, the basic structure

was a square array of metallic cylinders. An applied magnetic field along the cylinders could

result in an effective dispersive magnetic permeability along the axis of the cylinders in the

form of

µeff = 1− πr2

a2

[

1 + j
2σ

ωrµ0

]−1

, (1.19)

where r, a and σ are the radius of the cylinders, the lattice constant and the resistance of the

cylinder surface per unit area, respectively [30]. This structure showed a limited magnetic

response. To extend the range of the magnetic properties, a capacitative element was added

to the structure. The modified model was composed of arrays of two concentric metallic

cylinders in the form of split rings which were separated from each other by a distance d

as illustrated in Fig. 1.6b. In this configuration, the capacitance between the two cylinders,

balances the inductance of the cylinders leading to a resonant structure and therefore a

resonant effective permeability, known as a Lorentz-model permeability, as shown in Fig.1.7

and as expressed in

µeff = 1− F

1 + j2σ
ωrµ0

− 3
π2µ0

ω2Cr3
, (1.20)
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Figure 1.6 Artificial magnetic materials proposed by Pendry. (a) Arrays of non-magnetic
conducting cylinders. (b) Modified cylinders with two concentric metallic cylinders in the
form of split rings. (c) Printed split-ring unit-cell, its two dimensional array and its stacked
configuration. Taken from“Magnetism from conductors and enhanced nonlinear phenomena,”
IEEE Trans. Microwave Theory Tech., 1999, by J. B. Pendry et al.. c©1999 IEEE
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where F = πr2/a2 is the fractional volume of the unit-cell occupied by the interior of the

cylinder, and C is the capacitance per unit area between the two cylinders [30]. Next, in

0

0

1

 

 

ωpmωr

Frequency

µ
eff Re[µeff]

Im[µeff]

Figure 1.7 Resonant effective Lorentz permeability of the artificial magnetic material of
Pendry.

order to make the structure more compact, the split-ring cylinder array was replaced by

stacked arrays of printed split-ring configurations, but in a slightly modified form. The unit

cell and its array are shown in Fig.1.6c. The split rings have an internal radius r, a width

w, a separating gap d and are placed in arrays of period a. The arrays are placed in the xy

plane while they are stacked along the z axis with the distance l. The magnetic field H is

perpendicular to the plane of the rings. The effective permittivity of this structure reads [30]

µeff = 1− F

1 + j2lσ1

ωrµ0
− 3l

π2µ0
ω2C1r3

, (1.21)

where, σ1 is the resistance of unit length of the sheets measured around the circumference

and C1 is the capacitance between the unit length of two parallel sections of the metallic

strips. As seen in the above equation, similar to the split-ring cylinders, the permeability of

the stacked printed split-ring arrays exhibits a resonant behavior. Because of this property,

this structure was later named split ring resonators (SRR) and it became the building block

of several future magnetic and magneto-dielectric artificial materials [31, 32, 33].

Beside the reported studies on the analysis methods of artificial materials, in 1997, Zi-

olkowski published a paper on synthesis methods of various artificial dielectrics with different

dispersion models of effective permittivity. In his approach, he assumed that the implants of

the artificial dielectrics are electrically small dipole antennas loaded with passive electrical

circuit elements and he showed how the different passive loads of the small antennas lead to

different effective permittivity models [34].
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In 2003, Tretyakov discussed various artificial electric and magnetic structures, their elec-

tromagnetic analysis methods and their applications in his book [12]. He proposed a modified

model for a two dimensional array of infinite metallic wires named wire medium which was

basically similar to the plasma medium of Pendry [28], and in his model he considered the

anisotropy and the non-locality [35] of the structure. The structure is shown in Fig. 1.8 which

is constituted of metallic wires with the radius r and period a. The wires are oriented along

the z axis and the electric field E of the incident plane wave is along the axis of the wires z.

a 2r

E

H

x

y

z

Figure 1.8 Wire medium constituted of two dimensional array of metallic wires. Adapted from
Analytical Modeling in Applied Electromagnetics, Artech House, 2003, by S. A. Tretyakov.

In Tretyakov’s work, it is demonstrated that the plasma permittivity model of Rotman and

Pendry [Eq. (1.17)], for the two dimensional array of Fig. 1.8, is only accurate for the TEM

plane-wave incidence, perpendicular to the axis of wires (kz = 0). In this case, the electric

field is perfectly parallel to the wires (Ez) and therefore there is no interaction between the

wires. For a TM mode or an oblique plane-wave incidence, the electric field component in the

plane perpendicular to the wires (Ex or Ey) causes the wires to interact and as a result the

local permittivity model of (1.17) is not accurate anymore. Therefore, (1.17) was modified

to a non-local model which considers the spatial dispersion in the structure as follows

εeff,z = ε0

(

1−
k2p

k2 − q2z

)

, (1.22)

where εz is the permittivity along the axis of wires z, k = ω2µ0εh is the wave number of the

host medium with εh as the permittivity of the host medium, qz is the propagation constant
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along the z axis and kp represents the plasma frequency which reads [12]

k2p =
2π

a2
(

log a
2πr

+ 0.5275
) . (1.23)

Following such basic researches and reports on artificial materials, their analysis and syn-

thesis methods and their applications, there have been several studies on artificial materials

by many research groups, where they analyzed various building blocks of artificial materials

resulting in various novel applications in microwave [36].

Artificial Substrates

Whereas bulk artificial materials have been extensively studied in the past, as seen above,

artificial materials in the form of substrates (also known as meta-substrates) are more recent.

Due to the diversity of the implants that can be used for the realization of artificial substrates,

they have a great potential for unique and novel microwave components, such as miniaturized

antennas and microwave components, non-reciprocal devices or analog signal processors.

For example, in 2000, Hansen and Bruke demonstrated that magneto-dielectric substrates

with effective permeability higher than one can contribute in the enhancement of the band-

width of patch antennas [37]. This report inspired several groups to study the application of

various magneto-dielectric substrates in the enhancement of antenna properties [32, 33, 38,

39, 40]. In parallel, many other types of artificial substrates such as negative refractive index

substrates [41, 42, 43] and their various applications such as full-space scanning leaky-wave

antennas [41, 42], microwave device miniaturization [44, 45, 46] and delay lines for analog

signal processing [47] were proposed.

Anisotropic Artificial Substrates

In most artificial materials, the electromagnetic effect of the implants in the host medium

and its interaction with the applied field is not the same in all directions, and therefore,

the composite materials usually exhibit anisotropic behavior [12, 22, 30]. This effect is even

more pronounced in the artificial substrates since due to their planar structure, the implants

are usually arranged in a two-dimensional configuration which prevents the structure from

an isotropic response to the applied electric field as opposed to the three-dimensional con-

figurations (e.g. the 3D thin wire array proposed by Pendry and shown in Fig. 1.5 [28]).

The anisotropy of artificial materials can be controlled by the properties of the implants and

provides some additional degrees of freedom in the design of microwave components, leading

to novel applications and devices.
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As mentioned in Sec. 1.1.2, the wire medium is an example of artificial materials which

exhibit electrically anisotropic properties [12]. The electric field along the axis of the wires z

(Fig. 1.8) interacts with the wires leading to an effective permittivity in the form of (1.22),

while the permittivity along the x and y axes remains as the permittivity of the host medium

εh. Therefore, the permittivity of the medium exhibits a uniaxial tensorial behavior as

¯̄εeff =







εh 0 0

0 εh 0

0 0 εeff,z






, (1.24)

where ¯̄εeff is the permittivity tensor of the anisotropic artificial dielectric and εeff,z is the

effective permittivity in the form of (1.22) along the z axis.

Embedding metallic wires or drilling vias in a dielectric substrate, as shown in Fig. 1.9,

resembles the same effective electrical behavior as the wire medium (Fig. 1.8) [48].

E

H

x

y

z

Figure 1.9 Wire medium in the form of embedding metallic wires or drilling vias in a dielectric
substrate.

This substrate has found many applications in microwave, such as miniaturization of

microwave components [44, 45, 46] and delay lines for analog signal processing [47]. However,

in most of these structures, the anisotropy of the structure was not taken into account [44,

45, 47]

A stack of two-dimensional arrays of split ring resonators (SRRs) [30] embedded in a

substrate exhibits a magnetically anisotropic response.

As shown in Fig. 1.10a, a magnetic field along the z axis, which is perpendicular to the

plane of the rings, xy, interacts with the rings and therefore alters the permeability of the

medium along the perpendicular axis to the rings z. However the permeability along the other

axes remain the same as the permeability of the host medium µh. Therefore, the effective
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Figure 1.10 A stack of two-dimensional arrays of split ring resonators (SRRs) embedded in a
substrate. (a) SRRs in the xy plane. (b) SRRs in the yz plane.

permeability tensor ¯̄µeff of the artificial magnetic structure becomes uniaxially anisotropic,

expressed as follows

¯̄µeff =







µh 0 0

0 µh 0

0 0 µeff,z






, (1.25)

where µeff,z is the effective magnetic permeability induced by the applied magnetic field along

the axis z in the form of (1.21). For a non-magnetic host medium µh = µ0.

By changing the configuration of the embedded rings in the substrate, the substrate

exhibits different anisotropic behaviors. For example, if the rings are embedded in the sub-

strate with their plane in the yz plane as shown in Fig. 1.10b, the effective permeability of
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the anisotropic magnetic material will change to

¯̄µeff =







µeff,x 0 0

0 µh 0

0 0 µh






, (1.26)

where µeff,x is the effective magnetic permeability induced by the applied magnetic field along

the axis x in the form of (1.21). This structure has been studied by several groups for the

enhancement of the properties of planar antennas [32, 39], however in some of these studies

such as [39], the anisotropy of the structure was not taken into account in the analysis.

The mushroom structure is an example of magneto-dielectric materials which exhibit

both electric and magnetic anisotropic properties [49]. As shown in Fig. 1.11, the structure is

composed of a two-dimensional array of metallic wires in the form of drilled vias with patches

on top [50]. A propagating wave, with the electric field along the axis of the wires z, interacts

with the wires, and by inducing currents on the wires, it changes the effective permittivity

along the axis of the wires in the form of (1.22). A propagating wave, with the magnetic field

in the plane of the substrate xy (ρ plane) induces currents in the form of a loop between each

two adjacent mushrooms, which results in altering the permeability of the material along the

perpendicular axis to the wires, x and y, in the form of (1.21). Therefore the mushroom

structure exhibits a tensorial permittivity similar to (1.24) and a tensorial permeability as

follows

E
H

x

y

z

Figure 1.11 Mushroom-type magneto-dielectric anisotropic substrate.
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¯̄µeff =







µeff,ρ 0 0

0 µeff,ρ 0

0 0 µ0






, (1.27)

where, µeff,ρ is the effective permeability along the ρ axis due to the presence of the current

loops on the adjacent mushrooms.

An application of the anisotropic mushroom structure is the realization of composite

right/left-handed (CRLH) substrates. In this case, a uniform microstrip line printed on the

mushroom-type substrate demonstrates full-space scanning leaky-wave properties [49] similar

to the conventional printed CRLH circuits on dielectric substrates [16].

1.2 Motivations, Objectives, Contributions and Organization of the Thesis

1.2.1 Motivations, Objectives and Contributions

Intense research in the past years has led to several unique artificial materials and their

innovative applications in the field of microwaves. The basic properties that have made ar-

tificial materials and substrates pioneering in the design of novel microwave devices are as

follows: First, as demonstrated in Sec.1.1, artificial materials have the potential of provid-

ing the electromagnetic properties that are not available in the nature. For example, the

permittivity of the wire-medium substrate [Eq. (1.22)] becomes less than one right above

the plasma frequency [12] while it is negative below the plasma frequency, in the microwave

region. In addition, the mushroom-type substrate demonstrates negative refractive index in

the frequency band where both the wire-medium effective permittivity [Eq. (1.22)] and the

current loops effective permeability [Eq. (1.21)] become negative [41, 42, 49]. This character-

istic could only be achieved by an artificial material. Second, since the effective permittivity

and permeability of the artificial structures are functions of the dimensions of the implants,

their periodicity, and their orientation, the effective properties of the artificial substrates can

be controlled by the properties of the implants and their arrangements in the substrates. This

is evident in the effective permittivity expressions of (1.22) and (1.23), for the wire-medium

substrate of Fig. 1.9, and in the effective permeability equation of (1.21) for the split ring

resonator substrate of Fig. 1.10. As a result of these unique properties, artificial substrates

enable specific properties for specific applications which leads to novel microwave components

and applications.

Additionally, the anisotropy of anisotropic artificial substrates may provide additional

degrees of freedom in the design of microwave components. This is because the property of
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the substrate is different in the different directions and therefore, the electromagnetic wave

interacts differently with the material in the different directions which may lead to several

unique applications. As an example, let us consider the wire-medium substrate of Fig. 1.9.

The TMz modes of the structure, with an electric field along the axis of the wires Ez, interact

with the wires and provide the effective Drude permittivity of (1.22) along this axis. However,

since the TEz modes do not have any electric field along the z axis, they do not interact with

the wires, and therefore they don’t experience the presence of the wire-inclusions in the

structure. Consequently, the behavior of the TMz modes of the structure can be controlled

independently of the TEz modes, by changing the properties of the wires.

Despite the extensive research on artificial substrates and their applications, in many stud-

ies the inherent anisotropy of the artificial substrates that comes from the special arrangement

of the implants in the substrate is not taken into account, and they have been considered to

have effective isotropic properties [41, 42, 39, 44, 45, 47]. However, the anisotropy proper-

ties cannot be neglected in many cases. On the other hand, in some other cases, where the

anisotropy of the medium is considered, an in-depth electromagnetic analysis on the structure

is not provided [32, 49].

Lack of sufficient in-depth analysis on the anisotropy of artificial substrates in the lit-

erature, and knowing that exploiting the anisotropy properties of artificial substrates, with

all their unique properties and benefits as mentioned above, may lead to novel microwave

applications and devices, motivated this project whose objectives are to provide rigorous

electromagnetic analysis of anisotropic artificial substrates and exploring their novel applica-

tions.

For better understanding of the anisotropy in the artificial substrates and their applica-

tions, it is useful to first better understand the anisotropy in the existing natural substrates

such as ferrimagnetic materials. This approach not only provides a deeper insight about

anisotropic materials and their analysis methods but also may lead to novel applications

of these materials. Moreover, in order to study some of the applications of the anisotropic

substrates, first we need to unveil the dark zones in the literature about the explanation and

analysis of some specific phenomena in isotropic materials.

Based on the objectives and methodology of the thesis which were mentioned above, in

this thesis, three basic problems in microwave engineering are chosen to be studied. The next

three sections discuss in greater details the problematic and the contribution of the thesis to

address the problems.
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Practical Implementation of Perfect Electromagnetic Conductor Boundaries

A perfect magnetic conductor (PMC) is a fundamental electromagnetic concept, dual to

the that of a perfect electric conductor (PEC), but unfortunately no PMC is available in

the nature due to the non-existence of magnetic charges [51]. To overcome this deficiency of

nature, many attempts to design artificial PMCs have been made. For instance, electromag-

netic band-gap (EBG) structures, and their subsequent applications, including gain-enhanced

low-profile antennas and transverse electromagnetic (TEM) waveguides, have been reported

[50, 52]. These EBGs are resonant-type periodic structures, and their period is therefore nec-

essarily in the order of half a wavelength. This constraint is acceptable when the structure is

illuminated by a plane wave as a far-field reflector. However, it becomes problematic when

circuit elements are placed in the near-field for a twofold reason. First, the EBG is highly

inhomogeneous, and therefore dramatically different from an ideal PMC surface. Secondly,

the EBG period is typically in the order of the circuit element, and can therefore not be

designed independently from the circuit. For instance, a patch antenna on an EBG PMC

ground plane has roughly the same size as the EBG period. Therefore, the EBG acts as a

diffracting periodic structure, rather than an electromagnetic surface, and the EBG elements

must be regarded as parasitic radiators of the patch as opposed to microscopic molecules of

an actual PMC ground medium. Another method for the realization of the PMC boundaries

was suggested by Kildal et. al. [53]. In this report it is shown that a quarter-wavelength

grounded dielectric slab exhibits PMC characteristics at its air-dielectric interface. This

method provides a uniform PMC boundary, however, as compared to the EBG-PMC, and

specially at low frequencies, a relatively thick dielectric slab is required for the realization of

the PMC.

On the other hand, in 2005, Lindell and Sihvola theoretically introduced the concept of a

perfect electromagnetic conductor (PEMC) [54] and discussed a tentative, but unsuccessful,

implementation of a PEMC boundary based on an array of magnetic and electric wires [55]. A

PEMC is a generalization of the well-known perfect electric conductor (PEC) and the perfect

magnetic conductor (PMC) [54, 56] with several potential applications such as rotating-field

waveguides [57], sensors, reflectors and polarization converters. A PEMC is requested by

Maxwell equations to exhibit gyrotropy, and is therefore non-reciprocal [54, 55].

Motivated by the fundamental properties of the PEMC boundaries explained above and its

potential applications, in this project, for the first time, we propose a practical solution for the

realization of the PEMC boundaries, including the PMC, which is perfectly homogeneous and

efficient both in the far-field and in the near-field. This structure is simply a grounded ferrite

slab with perpendicular bias field providing an effective PEMC boundary condition at its

surface by exploiting Faraday rotation [10] and ground reflection. Since the ferrite properties
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are tunable by adjusting the DC magnetic bias field, this structure provides tunable PEMC

and PMC boundaries and therefore leads to tunable devices. The structure is rigorously

analyzed by generalized scattering matrix (GSM) [58, 59, 60, 61]. An application of the

grounded ferrite PMC as a tunable TEM waveguide, along with its experimental validation,

is presented.

Analysis of Anisotropic Magneto-dielectric Substrates with Application to Leaky-

wave Antenna

Leaky-wave antennas feature high directivity and frequency beam scanning capabilities.

They find many applications in radar, point-to-point communications and MIMO systems.

Leaky-wave antennas may be one-dimensional (1D) or two-dimensional (2D) [62]. In 1D

leaky-wave antennas, the wave propagates in one direction outward from the source and

generally produces a fan beam, while in the 2D leaky-wave antennas, the wave propagates

radially outward from the source and produces a conical beam. Trentini proposed the first

2D high-directivity leaky-wave antenna which was a periodic partially reflective screen over a

ground plane [63]. Later, a uniform 2D leaky-wave antenna consisting of dielectric superstrate

layers was proposed by Jackson and Oliner [64]. Following these works, several studies on

the properties of the 2D leaky-wave antennas based on artificial substrates were performed

and reported by several groups [41, 42, 65, 66, 67].

Recently, it was experimentally shown that an artificial substrate constituted of a mush-

room structure [50], shown in Fig. 1.11, could exhibit two-dimensional leaky-wave radiation

properties [41, 42]. However, in this work the anisotropy of the structure was not taken

into account. Later in [49] it was shown that the same structure, with enhanced capacitive

coupling and a dielectric cover supporting microstrip line printed on top of it could exhibit

the same full-space scanning leaky-wave capability as composite left/right handed (CRLH)

structured-line [16] leaky-wave antennas. Although in this study the anisotropy of the sub-

strate was properly considered, a rigorous analysis on the structure has not been provided.

Several works related to anisotropic substrates have been reported in the literature. Dif-

ferent planar transmission lines printed on non-dispersive anisotropic substrates were studied

using quasi-static, dynamic and empirical methods in [68]. Bi-anisotropic multilayered struc-

tures were analyzed using Green functions and the integral equation technique [69, 70, 71, 72].

While most reports included homogenous anisotropic structures, inhomogeneous anisotropic

substrates were also analyzed in [73, 74] using quasi-TEM and integral equations approach,

respectively. However, none of these works addresses the problem of the mushroom-type

anisotropic magneto-dielectric substrate for the leaky-wave antenna application.

The interesting properties of the two-dimensional leaky-wave antennas reported in [41, 42,
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49] and lack of adequate in-depth analysis study on the structure have motivated this part of

the thesis. Consequently, this project presents a novel broadband and low beam squint two-

dimensional leaky-wave antenna constituted of an anisotropic magneto-dielectric artificial

substrate similar to [41, 42, 49], excited by a vertical source. The structure is rigourously

analyzed by the spectral transmission-line model based on dyadic Green functions [75, 76]

of the uniaxially anisotropic grounded slab, and the two-dimensional leaky-wave antenna

properties of this structure are investigated in great details.

Analysis of the Radiation Efficiency Behavior of Planar Antennas on Electrically

Thick Substrates and Efficiency Enhancement Solutions

Planar antennas have found countless applications in communication systems thanks to

their low profile, low cost, compatibility with integrated circuits and conformal nature. In

parallel, bandwidth requirements and miniaturization constraints have attracted much atten-

tion to millimeter-wave wireless systems, such as radar, remote sensors and high-speed local

area networks.

Toward millimeter-wave regime, the radiation efficiency of planar antennas is an important

issue, since the substrates become electrically thick, which leads to an increase in surface

mode excitation and henceforth degrade the efficiency of the antennas. Therefore, an exact

characterization of the radiation efficiency of planar antennas with electrically thick substrates

is of paramount importance.

There have been a few studies on the radiation efficiency of electric and magnetic sources

on electrically thick substrates showing that the radiation efficiency does not decay mono-

tonically with the electrical thickness [77, 78, 79]. However, no detailed explanation of this

behavior has been reported to date.

Since this behavior has a critical impact on the efficiency of electrically thick antennas,

particularly millimeter-wave antennas, it is a topic of great practical importance, and we

address it thoroughly in this part of the thesis. We specifically analyze a radiating horizontal

electric dipole on conventional grounded and ungrounded substrate, using a spectral trans-

mission line model based on dyadic Green functions [75, 76], since these problems represent

the basis of planar antennas. Moreover, solutions for enhancing the efficiency at frequencies

where the efficiency is close to zero (no radiation) are presented. After acquiring the required

knowledge about the efficiency behavior of the planar antennas on the isotropic (conventional)

substrates, the more complicated case of anisotropic substrates are analyzed and discussed.
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1.2.2 Organization

This thesis is written in the format of articles. Chapters 2- 4 present one of the three

problems mentioned in Sec. 1.2 by an article while Chapter 5 discusses the extensions of

Chapter 4. The details of the content of each chapter is as follows

Chapter 2 Article 1: Arbitrary Electromagnetic Conductor Boundaries Using Faraday

Rotation in a Grounded Ferrite Slab

In this chapter, the first practical realization of a perfect electromagnetic conductor

(PEMC) boundary, to the authors’ knowledge, using the Faraday rotation principle in a

grounded ferrite slab is proposed. A description of the operation phenomenology of the

structure and its exact electromagnetic analysis based on the generalized scattering matrix

(GSM) method is presented. A tunable perfect magnetic conductor (PMC) as a special case

of the PEMC is experimentally examined through the implementation of a tunable transverse

electromagnetic (TEM) waveguide with grounded ferrite PMC lateral walls.

Chapter 3 Article 2: Broadband and Low Beam Squint Leaky-Wave Radiation from a

Uniaxially Anisotropic Grounded Slab

In this chapter, a novel broadband and low beam squint 2D leaky-wave antenna, consti-

tuted of an anisotropic magneto-dielectric artificial substrate similar to the mushroom-type

structure, and excited by a vertical source is reported. The antenna is analyzed using spec-

tral domain transmission-line model. The performance of the novel leaky-wave antenna is

compared with an isotropic leaky-wave antenna.

This chapter is associated with Appendix A where the proper and improper modes in

the dielectric slab are explained and Appendix B for the spectral domain transmission-line

modeling of the uniaxially anisotropic medium. Particularly, Sec. B.3 is dedicated to the

vertical dipole excitation of the uniaxially anisotropic substrate.

Chapter 4 Article 3: Radiation Efficiency Issues in Planar Antennas on Electrically Thick

Substrates and Solutions

In this chapter, the radiation efficiency of a horizontal infinitesimal electric dipole on

grounded and ungrounded substrates as a function of its electrical thickness is investigated

thoroughly. The efficiency behavior is analyzed using a spectral transmission-line analysis in

conjunction with a newly introduced substrate dipole collocated with the source which models

the substrate (and the ground plane if present). From this substrate dipole, the efficiency

maxima and minima are essentially explained in terms of equivalent PMC and PEC walls
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at the position of the source. Finally, two solutions for enhancing the efficiency at electrical

thicknesses where the efficiency is minimal (no radiation) are provided.

This chapter includes two appendices: Appendix C presents the computation of the radi-

ation efficiency of a horizontal infinitesimal dipole on a substrate while Appendix D presents

the transmission-line modeling of the substrate dipole.

Chapter 5 The Effect of Substrate Anisotropy on Radiation Efficiency Behavior

This chapter is dedicated to an extension to Chapter 4 and presents the efficiency be-

havior of various types of uniaxial anisotropic artificial substrates. It studies the effect of

the anisotropy on the efficiency behavior providing guidelines on how the anisotropy can be

beneficial in efficiency enhancement.

This chapter is related to Appendix B for the spectral domain transmission-line modeling

of the uniaxially anisotropic medium. Specially, Sec. B.2 presents the horizontal dipole

excitation of uniaxially anisotropic substrates.

Chapter 6 General Discussion

This section provides a general overview on the thesis, including its background, moti-

vations, objectives and contributions. A general discussion on the assessment of the thesis’s

contributions are discussed in this chapter.

Chapter 7 Conclusions and Future Works

This chapter concludes the thesis with a summary of the projects performed in this thesis

and provides some possible future extensions of this thesis.
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CHAPTER 2

ARTICLE 1: ARBITRARY ELECTROMAGNETIC CONDUCTOR

BOUNDARIES USING FARADAY ROTATION IN A GROUNDED

FERRITE SLAB

Attieh Shahvarpour, Toshiro Kodera, Armin Parsa, and Christophe Caloz

Poly-Grames Research Center, Department of Electrical Engineering,

École Polytechnique de Montréal, Centre de Recherche en Électronique Radiofréquence (CREER),

Montréal, QC, H3T 1J4, Canada.

c©2010 IEEE. Reprinted, with permission, from A. Shahvarpour, T. Kodera, A. Parsa,

and C. Caloz, Arbitrary electromagnetic conductor boundaries using Faraday rotation in a

grounded ferrite slab, IEEE Trans. Microwave Theory Tech., Nov./2010.

2.1 Abstract

The realization of arbitrary perfect electromagnetic conductor boundaries by a grounded

ferrite slab using Faraday rotation is proposed. This is the first practical realization of a

perfect electromagnetic conductor boundary to the authors’ knowledge. The key principle

of the grounded ferrite perfect electromagnetic conductor boundary is the combination of

Faraday rotation and reflection from the perfect electric conductor of the ground plane.

From this combined effect, arbitrary angles between the incident and reflected fields can

be obtained at the surface of the slab, so as to achieve arbitrary perfect electromagnetic

conductor conditions by superposition with the incident field. An exact electromagnetic

analysis of the structure is performed based on the generalized scattering matrix method

and an in-depth description of its operation phenomenology is provided. As an illustration,

a tunable transverse electromagnetic (TEM) waveguide with grounded ferrite PMC lateral

walls is demonstrated experimentally. Due to its flexibility in the control of the polarization of

the reflected field, the proposed grounded ferrite perfect electromagnetic conductor may find

applications in various types of reflectors and polarization-based radio frequency identifiers.

2.2 Introduction

The exciting and promising fundamental concept of a perfect electromagnetic conductor

was recently introduced by Lindell and Sihvola [54]. A perfect magnetic conductor is a gen-

eralization of the perfect electric conductor (PEC) and of the perfect magnetic conductor
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(PMC) [56, 51]. According to [55], a perfect electromagnetic conductor must exhibit gy-

rotropy following Maxwell’s equations. By definition, the electric and magnetic fields at the

boundary of a perfect electromagnetic conductor are related by [54]

n× (H+ YE) = 0, (2.1a)

n · (D− YB) = 0, (2.1b)

where n is the unit vector normal to the surface of the perfect electromagnetic conductor and

Y represents the admittance of the perfect electromagnetic conductor. In the limiting cases

where Y → ±∞ and Y → 0, the perfect electromagnetic conductor boundary corresponds to

a PEC boundary (n×E = 0 and n ·H = 0) and a PMC boundary (n×H = 0 and n ·E = 0),

respectively. In the case of a plane wave normally incident on a perfect electromagnetic

conductor surface, which is of primary interest in this work, (2.1) reduces to

H+ YE = 0. (2.2)

This relation states that E and H are collinear and simply related by the admittance value

Y = −|H|/|E| at the boundary. Thus, the net power flow vanishes, i.e. S = Re [E×H∗] /2 = 0,

where S is the time average Poynting vector, and as a result no energy can penetrate into

the material (ideal perfect electromagnetic conductor).

The perfect electromagnetic conductor was initially described from a purely concep-

tual viewpoint [54]. Later, a structure, constituted of conducting metal wires and high-

permeability magnetic cylinders embedded in a dielectric medium, was presented in [55] as

an implementation of a perfect electromagnetic conductor boundary. To operate as a per-

fect electromagnetic conductor boundary, this structure would have to satisfy the conditions

εxx → ∞ and µxx → ∞, respectively, where x is the coordinate parallel to the axes of the

wires and cylinders, and where the static bias field H0 is parallel to this axis. In this manner,

we would have Ex → 0 and Hx → 0, from which it may be shown that the perfect electromag-

netic conductor conditions of (2.1) would then be met [55]. However, in this configuration, we

have from the Polder tensor of a magnetic material µxx = µ0 and not µxx → ∞, since H0‖x
[10]. Thus, this structure, in fact, does not operate as a perfect electromagnetic conductor

boundary.

In this work, we demonstrate a practical realization of a general perfect electromagnetic

conductor boundary, which consists of a grounded ferrite slab using Faraday rotation. This is

the first practical realization of a perfect electromagnetic conductor to the authors’ knowledge.
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The principle is the same as the one presented for the particular case of a PMC boundary in

[80] and for the particular case of a free-space perfect electromagnetic conductor boundary

in [81]. Essentially, it is based on the Faraday rotation and ground plane reflection of a

plane wave incident on the grounded ferrite slab. However, this paper presents the grounded

ferrite perfect electromagnetic conductor in a generalized and unified manner, with an exact

solution based on the generalized scattering matrix method, and an in-depth analysis of the

phenomenology of the structure. In addition, it demonstrates as an illustration, a tunable

transverse electromagnetic (TEM) waveguide with grounded ferrite PMC lateral walls.

The reminder of the paper is organized as follows. Sec. 2.3 presents the PEMC structure

in the simplified problem of perfect matching and zero phase shifts across the slab to pro-

vide direct insight into its principle of operation. Sec. 2.4 provides an exact analysis of the

problem, covering Faraday rotation in an unbounded medium, the effect of oblique incidence

at the air-ferrite interface, and finally the resolution of the complete PEMC structure by

the generalized scattering matrix method with a discussion on the different types of achiev-

able PEMC boundaries, the effect of multiple reflection, and the description of the general

possible admittances. Sec. 2.5 experimentally demonstrates the proposed PEMC structure

for the particular case of a grounded ferrite perfect magnetic conductor and its application

to a miniaturized and tunable grounded ferrite perfect electromagnetic conductor transverse

electromagnetic rectangular waveguide. Finally, conclusions are given in Sec. 2.6.

2.3 Principle of Electromagnetic Boundaries in a Grounded Ferrite Slab Using

Faraday Rotation

2.3.1 Grounded Ferrite Slab Structure and Initial Assumptions

The proposed structure used to generate the arbitrary perfect electromagnetic conductor

boundary discussed in Sec. 2.2 is shown in Fig. 2.1. It consists of a grounded ferrite slab with

a magnetic bias field H0 applied perpendicularly to its surface. In this configuration, a plane

wave normally incident on the structure experiences Faraday rotation in the ferrite medium

[10]. If the incidence is normal, as represented in the figure, the wave undergoes a pure

Faraday rotation effect, since the propagation vector in the ferrite, kf , is parallel to the bias

field H0. If the incidence is oblique, it undergoes a mixed Faraday-birefringence effect, which

may be analyzed by superposing the solutions of the Faraday and the birefringence problems

using projections of H0 onto the directions parallel and perpendicular to kf , respectively,

with corresponding rotated Polder tensors.

For simplicity, this section considers only the case of normal incidence and ignores the

effects of mismatch, phase shifts and multiple reflections. This is appropriate to show the
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Figure 2.1 Perspective view of the grounded ferrite slab, with perpendicular magnetic bias
field H0 and Faraday-rotating RF electromagnetic fields. k0 and kf are the propagation
vectors in free space and the ferrite, respectively.

principle of operation of the structure, but insufficient for accurate design. The general case

of oblique incidence is treated in Sec. 2.4.2, and the complete problem including exact phase

shifts and multiple reflections is analyzed rigorously by the generalized scattering matrix

method in Sec. 2.4.3. Since the PEC boundary is naturally achieved by conventional good

conductors, it will not be specifically discussed. Instead, the emphasis will be set on the PMC

boundary and on a special perfect electromagnetic conductor boundary called the “free-space

perfect electromagnetic conductor” because its impedance is equal to that of the free space,

η0. The design of the Faraday PEC boundary and other perfect electromagnetic conductor

boundaries with different impedances may be easily inferred from the description of these

two boundaries.

The key operation principle of the structure is the combination of Faraday rotation and

PEC (ground plane) reflection. The PEC boundary discriminates the E and H fields, which

are purely tangential under plane wave normal incidence, since it reverses the phase of E while
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it does not affectH. Using this fact and designing the structure to the proper Faraday rotation

angle, an arbitrary angle between the incident and reflected fields can be obtained at the

surface of the slab, and thus, by superposition of these fields, arbitrary perfect electromagnetic

conductor conditions can be achieved.

2.3.2 Perfect Electromagnetic Conductor Boundary Realization

The principle of the perfect electromagnetic conductor grounded ferrite slab is depicted

in Fig. 2.2 in connection with Fig. 2.1. An incident plane wave (Ei,Hi), with propagation

vector k0, normally hits the ferrite’s interface at x = h with Ei polarized along z, as shown in

Fig. 2.2a, and experiences pure Faraday rotation after penetrating into the ferrite, since the

direction of propagation, dictated by the propagation vector kf , is parallel to H0. Assuming

that the slab is designed so as to provide a given Faraday rotation angle of θ across it, the

transmitted fields Et and Ht reaching the ground plane at x = 0, are polarized along the

−y sin θ + z cos θ and y cos θ + z sin θ directions, respectively, as shown in Fig. 2.2b. At

x = 0, the electric field is reversed due to the PEC ground plane condition n× E = 0, as

shown in Fig. 2.2c, polarizing the reflected field Eg along the y sin θ− z cos θ direction, while

maintaining Hg = Ht. The reflected fields propagating backward through the slab experience

in turn θ Faraday rotation (of course, still in the same direction, dictated by H0), so that

the overall reflected fields Er and Hr emerge at the interface x = h polarized along the

y sin 2θ − z cos 2θ and y cos 2θ + z sin 2θ directions, respectively, as shown in Fig. 2.2d.

In the continuous wave regime, if we neglect mismatch (and hence also multiple reflec-

tions), phase shifts and losses, which ensures |Er|=|Ei| and |Hr|=|Hi|, the total electric and
magnetic fields at x = h, E(h) = Ei(h)+Er(h) and H(h) = Hi(h)+Hr(h), are collinear. Al-

though the actual operation of the grounded ferrite perfect electromagnetic conductor will be

shown in Sec. 2.4.5 to greatly depart from this simplistic configuration, the present approxima-

tion will be useful to define the different grounded ferrite perfect electromagnetic conductors,

where the actual grounded ferrite perfect electromagnetic conductors will be characterized in

terms of perturbations of these simplified grounded ferrite perfect electromagnetic conduc-

tors. The collinearity between the total electric and magnetic fields can be seen, with the help

of Fig. 2.2d, by noting that ∠H = π/2−θ and ∠E = (π−2θ)/2 = π/2−θ = ∠H. Therefore,

the perfect electromagnetic conductor boundary condition of (2.1a), or (2.2), is achieved at

x = h, while the perfect electromagnetic conductor boundary condition of (2.1b) is automat-

ically satisfied since the fields are purely transverse. Thus, a general perfect electromagnetic

conductor boundary condition is achieved at x = h.

The PMC and free-space perfect electromagnetic conductor boundaries are obtained as

particular cases of the perfect electromagnetic conductor boundary described above by de-
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Figure 2.2 Principle of the proposed grounded ferrite perfect electromagnetic conductor
boundary (Fig. 2.1), ignoring phase shifts and multiple reflections for simplicity. The struc-
ture uses arbitrary Faraday rotation with single-trip angle θ and perfect electric conductor
(PEC) reflection on the ground plane. The different panels show the evolution of the vectorial
E and H fields, for a matched and lossless ferrite slab.
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signing the ferrite slab for Faraday rotations of θ = 90◦ and θ = 45◦, respectively. The

corresponding fields for a PMC and free-space perfect electromagnetic conductor boundaries

exhibit the configurations shown in Figs. 2.3a and 2.3b, respectively.

It should be noted that the particular case of a PMC boundary can also be realized

by a simple quarter-wavelength grounded dielectric slab. However, the proposed grounded

ferrite PMC is based on a different operation principle, inherently exhibits higher power

handling from the superior thermal properties of the ferrite, and also provides frequency

tunability via the bias magnetic field. It may therefore be considered as an interesting and

useful alternative for PMC. More generally, the arbitrariness in the achievable angles between

the incident and reflected angles, which is specific to this Faraday-rotation based grounded

ferrite perfect electromagnetic conductor implementation, may find interesting applications

in various types of polarizing reflectors.

2.4 Theory

2.4.1 Faraday Rotation and Effective Permeability for Propagation Parallel to

the Bias Field in an Unbounded Ferrite

The Faraday rotation angle θ experienced by a wave travelling a distance x along the

direction of the bias field H0 in a ferrite is given by [10, 2]

θ(ω, x) = −
[

β+ (ω)− β− (ω)

2

]

x. (2.3)

In this expression, β+(ω) and β−(ω) represent the right-handed circularly polarized (RHCP)

and left-handed circularly polarized (LHCP) propagation constants, respectively,

β±(ω) = ω
√

εµ0[µ(ω)± κ(ω)]

= ω
√
εµ0

√

[µ′(ω)− jµ′′(ω)]± [κ′(ω)− jκ′′(ω)]

= ω
√

εµ0µe±(ω),

(2.4)

where ε is the permittivity of the ferrite, µ0 is the free space permeability and µe±(ω) are the

RHCP/LHCP effective relative permeabilities

µe±(ω) = µ′
e±(ω)− jµ′′

e±(ω)

= [µ′(ω)± κ′(ω)]− j[µ′′(ω)± κ′′(ω)]

= Re[µ(ω)± κ(ω)]− jIm[µ(ω)± κ(ω)].

(2.5)
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Figure 2.3 Particular cases of PMC and free space perfect electromagnetic conductor bound-
aries, corresponding to θ = 90◦ and θ = 45◦ Faraday rotation angles, respectively. (a) PMC.
(b) Free-space perfect electromagnetic conductor.

In this expression, µ(ω) and κ(ω) are the usual elements of the Polder tensor (here for x-

directed bias)

µ = µ0







1 0 0

0 µ jκ

0 −jκ µ






, (2.6)

which read µ = (1+χzz) and κ = −jχzy, where χzz = χ′
zz − jχ′′

zz and χzy = χ′′
zy + jχ′

zy, with

χ′
zz =

[

ω0ωm

(

ω2
0 − ω2

)

+ ω0ωmω
2α2
]

/T, (2.7a)

χ′′
zz =

{

αωωm

[

ω2
0 + ω2

(

1 + α2
)]}

/T, (2.7b)

χ′
zy =

{

ωωm

[

ω2
0 − ω2

(

1 + α2
)]}

/T, (2.7c)

χ′′
zy = 2ω0ωmω

2α/T, (2.7d)

where T = [ω2
0 − ω2 (1 + α2)]

2
+4ω2

0ω
2α2, and α is related to the line width ∆H by α = γ∆Hµ0/(2ω),

γ being the gyromagnetic ratio which is equal to 1.76×1011 rad/T.s for a ferrite. In addition,

ω0 = µ0γH0 is the ferromagnetic resonance and ωm = γ(µ0Ms), where Ms is the saturation
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magnetization. The isotropic-effective permeability µe of the ferrite is then obtained from

[10]

βe = (β+ + β−)/2 = ω
√
εµ0(

√
µe+ +

√
µe−)/2 = ω

√
εµ0µe (2.8)

as

µe = [(
√
µe+ +

√
µe−) /2]

2 . (2.9)

In the following, we assume a ferrite (YIG)with the parameters µ0Ms = 0.188 T, ∆H = 10 Oe

and εr = 15, corresponding to the ferrite used in the experiments which will be presented in

Sec. 2.5. Fig. 2.4 shows the effective RHCP and LHCP permeabilities defined in (2.5) for an

internal bias of µ0H0 = 0.2 T, while Fig. 2.4b shows the isotropic-effective relative perme-

ability defined in (2.9) and the Faraday rotation angle. The results of both graphs are for

normal incidence. Figure 2.4b shows that 90◦ Faraday rotation, corresponding to the PMC

boundary case, occurs at f = 5.19 GHz, while 45◦ Faraday rotation, corresponding to the

free-space perfect electromagnetic conductor boundary case, occurs at f = 4.7 GHz.

2.4.2 Effect of Oblique Incidence at the Air-Ferrite Interface

In practical applications, such as a TEM PMC waveguide (Sec. 2.5), the field incident on

the ferrite slab may be oblique, as shown in Fig. 2.5. In this case, the RHCP and LHCP

solutions of (2.4) for the normal incidence case become elliptically polarized and transform

to [10]

β2
± =ω2εµ0

{

(µ2 − µ− κ2) sin2 ψt± + 2µ

2
(

cos2 ψt± + µ sin2 ψt±
)

}

± ω2εµ0











[

(µ2 − µ− κ2)
2
sin4 ψt± + 4κ2 cos2 ψt±

] 1
2

2
(

cos2 ψt± + µ sin2 ψt±
)











,

(2.10)

where ψt± are the RH/LH elliptically polarized refraction angles in the ferrite medium. It is

then found, by substituting this expression into (2.3), that the Faraday rotation becomes a

function of the angle of propagation, i.e. θ = θ[β±(ψt±)] = θ(ψt±). Furthermore, replacing

(2.4) by the same expression and next inserting the result into (2.5) also yields an angle-

dependent RH/LH elliptically polarized effective relative permeability µe±(ψt±), and thereby

an angle-dependent RH/LH elliptically polarized effective refractive index, ne± = ne±(ψt±) =



34

−60

−40

−20

0

20

40

60

3  3.5 4  4.7 5  5.19 5.5 6  
0

0.5

1

1.5

2

R
H
C
P
re
la
ti
ve

p
er
m
ea
b
il
it
y
µ
e+

=
(µ

′ e+
−
jµ

′′ e+
)

L
H
C
P
re
la
ti
ve

p
er
m
ea
b
il
it
y
µ
e−

=
(µ

′ e−
−
jµ

′′ e−
)

Frequency(GHz)

µ′′
e+

µ′
e+

µ′′
e−

µ′
e−

(a)

−10

−5

0  

3.686

6.052

10 

3  3.5 4  4.7  5.19 5.5 6
−

−80

−60

−40

−20

0

100

−45

−90

Is
ot
ro
p
ic
-e
ff
ec
ti
ve

re
la
ti
ve

p
er
m
ea
b
il
it
y
µ
e
=

(µ
′ e
−
jµ

′′ e
)

Frequency(GHz)

F
ar
ad

ay
ro
ta
ti
on

an
gl
e,
θ(
d
eg
)

µ′′
e

µ′
e

θ(ω)

PMC

Free-space PEMC

(b)

Figure 2.4 Permeability and Faraday rotation angle versus frequency for an unbounded ferrite
medium (YIG) with parameters: µ0Ms = 0.188 T, ∆H = 10 Oe, εr = 15, and µ0H0 = 0.2 T
(internal bias field). The parameters Ms, ∆H and εr correspond to the specifications of
the ferrite which will be used in the experiment (Sec. 2.5) while the parameter µ0H0 will be
determined in Sec. 2.4.4 to provide an exact PMC at θ = 90◦. (a) Real and imaginary parts of
µe± computed by (2.5). (b) Real and imaginary parts of µe computed by (2.9), and Faraday
rotation angle calculated by (2.3). The tan δm at 5.19 GHz (PMC) and at 4.7 GHz (free-space
perfect electromagnetic conductor (PEMC)) are of 0.0129 and 0.0045, respectively.
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√

µe±(ψt±)ε/ε0. The approximated RH/LH elliptically polarized refraction angle ψt± may

be then computed numerically from Snell’s law [82],

ni sinψi = ne±(ψt±) sinψt±, (2.11)

where ni is the refractive index of air.

Fig. 2.6 shows the effect of oblique incidence on the Faraday rotation angle across the

whole range of incidence angles, ψi = 0, . . . , 90◦. The maximal deviation (for ψi = 90◦)

compared to normal incidence are of 1.83% and 1.71% for the cases of PMC (5.19 GHz) and

free-space perfect electromagnetic conductor (4.7 GHz), respectively, while the deviations are

of 0.91% and 0.86% for ψi = 45◦. So, the effect of oblique incidence is very small and may

be neglected for practical purposes. This holds in most cases because the refractive index is

generally very large, due to the simultaneously large permittivity and effective permeability

(relatively close to resonance for a thin slab), which results into a small refraction angle

according to (2.11). Therefore, oblique angles are ignored in the following analysis.

2.4.3 Exact Analysis for Normal Incidence by the Generalized Scattering Ma-

trix Method

The grounded ferrite slab produces both multiple reflections, if some mismatch is present,

and phase shifts, corresponding to the multiple trips of the wave in the ferrite slab. These

effects not accounted in Secs. 2.3, 2.4.1 and 2.4.2. In order to determine their exact impact

on the perfect electromagnetic conductor boundaries, an accurate analysis of the problem is

required. The generalized scattering matrix [58, 59, 60, 61] may be used for this purpose. The

general problem of reflection and transmission of plane waves in the presence of a bianisotropic

slab has been solved in [61]. This subsection explicitly derives the solution of the problem of

interest, which is a particular case of [61], to ensure consistency and to provide insight into

the physics of the structure. Since, as shown in Sec. 2.4.2, the effect of oblique incidence is

negligible, the following generalized scattering matrix analysis restricts to the case of normal

incidence for simplicity.

Assume an incident field linearly polarized along the z direction and has unit amplitude,

i.e. Ei = 1z. In order to account for the distinct reflection coefficients for the RHCP and

LHCP eigenmodes of the ferrite [10, 2], we decompose this linearly polarized field into a

RHCP field and a LHCP field:

Ei = 1/2 [(z− jy) + (z+ jy)] . (2.12)

At the interface between air and the ferrite slab, the RHCP and LHCP components of the
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Figure 2.5 Reflection and refraction at the interface between air and a ferrite medium for
plane wave oblique incidence.
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Figure 2.6 Approximate Faraday rotation angle variation due to oblique incidence with the
parameters of Fig. 2.4 after refraction through an interface with air (Fig. 2.5) for different
incidence angles ψi, computed by (2.3) with (2.10), using (2.11).
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wave see different reflection coefficients, Γ+ and Γ−, respectively. So the reflected field is

Er =
1

2
[Γ+ (z− jy) + Γ− (z+ jy)] , (2.13)

with the following z and y components

Ez
r =

1

2
(Γ+ + Γ−) = Erz+ + Erz−, (2.14a)

Ey
r = −j

2
(Γ+ − Γ−) = −j(Ery+ − Ery−), (2.14b)

where the exact expressions for Γ+ and Γ− will be derived next by generalized scattering

matrix analysis.

Fig. 2.7 shows the definition of the incident and scattered waves in the grounded ferrite

slab for the RHCP and LHCP waves. According to this figure and considering that the

incident field is polarized along z, the scattering relation for the z components reads

(

Bz
1±

Bz
3±

)

= S±

(

Az
1±

Az
3±

)

, (2.15)

where S± is the total scattering matrix of the grounded ferrite slab for the RHCP/LHCP

waves, which may be obtained by conversion of the transmission matrix T± [60] defined by

the transmission relation

(

Bz
3±

Az
3±

)

= T±

(

Az
1±

Bz
1±

)

. (2.16)

In this relation, T± = Tf±T1→2±, where Tf± is the transmission matrix of the ferrite medium,

defined by

(

Bz
3±

Az
3±

)

= Tf±

(

Az
2±

Bz
2±

)

(2.17)

and given as

Tf± =

(

exp(jβ±h) 0

0 exp(−jβ±h)

)

, (2.18)

where β± is given by (2.4), and T1→2± is the transmission matrix of the air-ferrite interface
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Figure 2.7 Definition of the incident and scattered RHCP (+) and LHCP (−) waves in
the grounded ferrite slab for application of the generalized scattering matrix analysis under
normal incidence.

defined by

(

Bz
2±

Az
2±

)

= T1→2±

(

Az
1±

Bz
1±

)

(2.19)

and given as

T1→2± =

(

T12± − R12±R21±

T21±

R21±

T21±

−R12±

T21±

1
T21±

)

, (2.20)

where Rij± and Tij± are the local reflection and transmission coefficients of the RHCP/LHCP

incident waves from medium i to medium j at the air-ferrite interface. The matrix T1→2± has

been obtained by conversion of the interface scattering matrix S1→2± [60], which is defined

by

(

Bz
1±

Bz
2±

)

= S1→2±

(

Az
1±

Az
2±

)

(2.21)

and given as

S1→2± =

(

R12± T21±

T12± R21±

)

, (2.22)

where R12± = (ηf± − η0)/(ηf± + η0) = −R21±, T12± = 1 + R12± and T21± = 1 + R21±,

where ηf± = η0
√

µe±/εr and η0 =
√

µ0/ε0 and µe± are RHCP/LHCP effective relative

permeabilities defined in (2.5).



39

The reflected field may now be computed in closed form by the following procedure: i)

calculate the closed form expression of T± = Tf±T1→2± from the expressions of (2.18) and

(2.20); ii) convert the resulting expression for T± into the corresponding scattering matrix to

obtain the closed form expression of S± in terms of β±h and R12± in (2.15); iii) applying the

boundary conditions at the PEC ground plane for the electric field, we find Bz
3± = −Az

3±;

insert this relation into the closed form expression obtained from (2.15), which reduces this

equation to a relation between the incident field Az
1± and the reflected field Bz

1±; iv) finally,

consider a unit amplitude z-polarized incident field, corresponding to Ez
i±(h) = Az

1± = 1; this

yields the corresponding z components of the scattered (or reflected) field, as Ez
r±(h) = Bz

1±

for the RHCP and LHCP polarizations; v) the z and y components of the total reflected wave

are then obtained from (2.14) as

Ez
r (h) =

1

2

[

R12+ − T12+T21+e
(−j2β+h)

1 +R21+e(−j2β+h)

]

+
1

2

[

R12− − T12−T21−e
(−j2β−h)

1 +R21−e(−j2β−h)

]

,

(2.23a)

Ey
r (h) =− j

2

[

R12+ − T12+T21+e
(−j2β+h)

1 +R21+e(−j2β+h)

]

+
j

2

[

R12− − T12−T21−e
(−j2β−h)

1 +R21−e(−j2β−h)

]

,

(2.23b)

with the possible simplifications mentioned just after (2.22). Alternatively, these expression

may be written in terms of the Faraday rotation angle θ(x = h) = −[(β+ − β−)/2]h [(2.3)]

and the effective propagation constant βe = (β+ + β−)/2 [(2.8)] as

Ez
r (h) =

cos(2βeh) (R12+ +R12−)− cos(2θ)(1 +R12+R12−)

[e−j(βeh+θ)R12− − ej(βeh+θ)] [e−j(βeh−θ)R12+ − ej(βeh−θ)]
,

(2.24a)

Ey
r (h) =

sin(2βeh) (R12+ −R12−)− sin(2θ)(1−R12+R12−)

[e−j(βeh+θ)R12− − ej(βeh+θ)] [e−j(βeh−θ)R12+ − ej(βeh−θ)]
.

(2.24b)
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These equations represent in general a system of four equations, since each of the two

relations is complex, involving a magnitude and a phase. The design of a specified grounded

ferrite perfect electromagnetic conductor, such as for instance a PMC or a free-space perfect

electromagnetic conductor (Fig. 2.3), will consist in seeking, numerically, an optimal solution

to this system. It should be noted that perfect local matching at the air-ferrite interface

(R12± = 0), assumed in Secs. 2.3, 2.4.1 and 2.4.2, is not mandatory to achieve the desired

perfect electromagnetic conductor, since mismatch may be compensated by multiple reflec-

tions and phase shift contributions to the overall reflected field. Furthermore, the system

(2.23) or (2.24) does not necessarily admit a solution for the available ferrite material, slab

thickness, practical bias field, and desired frequency. In this case, the constraints of (2.2)

must be relaxed, which leads to an imperfect electromagnetic boundary.

2.4.4 PMC and Free-Space Perfect Electromagnetic Conductor Realizations

Consider first the example of a PMC boundary, with the same parameters as in Fig. 2.4

and for a ferrite slab of thickness h = 3 mm (slab to be used in the experiment of Sec. 2.5).

Let us consider as staring guess a Faraday rotation angle of 90◦. It may be verified from

(2.24b) that θ = 90◦ indeed makes the cross-polarized component zero, Ey
r (h) → 0, as

βeh → mπ (m ∈ Z), which corresponds to the phase coherence condition of the slab to

be further discussed in Sec. 2.5.1; at the same time, (2.24a) splits in the two equations

|Ez
r (h)| = 1 and ∠Ez

r (h) = 2πm (m ∈ Z), which readily corresponds to the PMC situ-

ation of a reflected electric field co-polarized with the incident electric field, according to

Fig. 2.3a. The simultaneous resolution of these two equations yields several solution pairs

(µ0H0, ω). For the parameters selected, one of these pairs with practical values was found

to be (µ0H0, ω) = (0.2 T, 5.19 GHz). The corresponding co- and cross-components of the

electric field are plotted in Fig. 2.8. In fact, the magnetic conductor boundary of this design

is not perfect: a residual phase shift of ∠Ez
r (h) = 12.13◦ exists. However, this small deviation

from a PMC will be shown in Sec. 2.5 to still provide excellent results, hardly distinguishable

from those of a PMC. It should also be noted that Ez
r (h) does not reach exactly the value

of one, because of some dissipation due to proximity to the resonance. As an alternative

design, one might choose here the frequency of 5.22 GHz, where the phase shift reduces to

0◦ without introducing significant cross-polarization (case of the TEM waveguide design of

Sec. 2.5.2). Another possible improvement, either at the frequency found or at another speci-

fied frequency, would be to relax the constraint of θ = 90◦ and seek a better solution in terms

of µ0H0 and θ for this frequency. Of course, if the ferrite slab thickness h can be varied, more

freedom is available, and most perfect electromagnetic conductors can be achieved accurately.

For the free-space perfect electromagnetic conductor boundary, the reflected electric field
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Figure 2.8 Components z and y of the electric field scattered (or reflected) by the grounded
ferrite slab computed by the generalized scattering matrix (GSM) method [(2.23)] and com-
pared with HFSS (FEM) results, for a slab of thickness of h = 3 mm (sample used in the
experiment, Sec. 2.5, and for a Faraday rotation angle of θ = 90◦). The ferrite parameters
are given in the caption Fig. 2.4, and the bias field H0 = 0.2 T was obtained from (2.23) as a
solution providing the PMC boundary at 5.19 GHz. The incident wave is linearly polarized
along the z direction, so the z and y reflected field components correspond to the co- and
cross-polarized fields with respect to the incident field. (a) Amplitude. (b) Phase.
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should be cross-polarized with respect to the incident electric field, i.e. Ey
r (h) = 1 and

Ez
r (h) = 0, according to Fig. 2.3b. This occurs at 4.09 GHz in Fig. 2.8 where its phase is

slightly less than mπ (m ∈ Z). The frequency of 4 GHz significantly differs from the 4.7 GHz

frequency of Fig. 2.4b, due to the fact that the design was performed (in terms of H0 and ω)

at θ = 90◦, far from θ = 45◦.

In Fig. 2.8, the generalized scattering matrix results are compared with HFSS (FEM)

results, where the transversally infinite slab is emulated by a finite slab surrounded by Floquet

boundaries. Excellent agreement is observed between generalized scattering matrix and HFSS

results, which both validates the generalized scattering matrix approach and confirms the

perfect electromagnetic conductor capability of the proposed grounded ferrite structure.

The proposed PEMC structure does not make an exception to the fundamental tradeoff

existing between bandwidth and loss in all resonant materials and structures. Using a ferrite

with higher loss, corresponding to a larger line width ∆H, reduces the slope of the µe±(ω)

functions [see Eq. (2.5) and Fig. (2.4a)], and hence the slopes of both βe(ω) [Eq. (2.8)]

of θ(ω) [Eq. (2.3) and Fig. 2.4b]; therefore, the required phase and Faraday rotation angle

conditions for the desired boundary will be satisfied over a broader bandwidth. Alternatively,

the ferrite may be operated at a larger distance from the ferromagnetic resonance ω0, where

loss is clearly smaller; however, this reduces the magnitude of µe± [as seen in Fig. (2.4a)],

and hence of θ(ω) [as seen in Fig. 2.4b], requiring a thicker substrate to compensate, which

eventually also increases the loss. So, in all cases a higher bandwidth may be achieved only

at the expense of higher loss. A further issue with larger bandwidth is that the subsequent

larger loss decreases the magnitude of the reflected fields, leading to imperfectly parallel total

(incident + reflected) electric and magnetic fields (Fig. 2.2) and therefore to an imperfect

boundary condition. The bandwidth-loss tradeoff also exists in electromagnetic bandgap

(EBG) type of artificial magnetic conductor (AMC) surfaces [50, 52], where increasing the

bandwidth by complexed metal patterns (e.g. [83]) unavoidably increases the loss.

2.4.5 Effect of Multiple Reflections

To better assess the effects of multiple reflections and related phase shifts, Fig. 2.9 plots

the Ez
r (h) (co-polarization) and E

y
r (h) (cross-polarization) components for different number

of round-trips inside the ferrite slab. These components are obtained from the iterative
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formulas for RHCP/LHCP components, for the normalized incident field Ei = 1z, as

Bz
1±(N) =R12± − T12±T21± exp(−j2β±h)

×
N
∑

i=1

[−R21± exp(−j2β±h)]i−1 ,
(2.25)

where N denotes the number of round-trips.

For one round-trip (N = 1), a quasi PMC boundary condition is achieved at 4.7 GHz,

which, not surprisingly, is equal to the frequency predicted in Fig. 2.4b not taking into account

phase shifts and multiple reflections, while the imperfection of the PMC is due to mismatch.

For two round-trips (N = 2), the PMC point has reached its final frequency of 5.19 GHz,

but the free-space perfect electromagnetic conductor point has not converged yet to its final

frequency, 4 GHz. For three round trips (N = 3), the free-space perfect electromagnetic

conductor point has also its final frequency, but the final co-to-cross polarization levels of the

PMC (∞) and free-space perfect electromagnetic conductor (0) boundaries have not been

reached yet. This is essentially achieved after 7 round trips, beyond which no significant

difference compared to the exact formulation with an unlimited number of trips is observed.

The results of Fig. 2.9 show that phase shifts and multiple reflections may have a signif-

icant impact on the actual boundary condition seen at the dielectric interface, and must be

exactly taken into account for an exact design.

2.4.6 General Perfect Electromagnetic Conductor Admittance

The general perfect electromagnetic conductor boundary admittance Y may be computed

by inserting the expressions for the total normally incident plane waveE(x) = Ei exp[−jk0(h−
x)] + Er exp[jk0(h − x)] and H(x) = − 1

η0
x× {Ei exp[−jk0(h− x)]− Er exp[jk0(h− x)]},

evaluated at x = h, into (2.1a). This yields

Y η0 (Ei + Er) = x× (Ei − Er) , (2.26)

Assuming Ei = Ez
i z and writing Er = Ey

ry + Ez
rz in (2.26), we obtain

Y η0 [E
y
ry + (Ez

i + Ez
r ) z] = x× [−Ey

ry + (Ez
i − Ez

r ) z] , (2.27)

or

Y η0 [E
y
ry + (Ez

i + Ez
r ) z] = − [(Ez

i − Ez
r )y + Ey

r z] . (2.28)
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Figure 2.9 Components z (co-polarized) and y (cross-polarized) of the scattered electric field
as a function of the number of propagation round trips inside the ferrite slab, computed by
(2.25), to show the effect of multiple reflections and related phase shifts caused by mismatch
(lossless case).

The y and z components of this equation, respectively, yield the following two distinct ex-

pressions for the admittance

Y η0 = −E
z
i − Ez

r

Ey
r

, (2.29a)

Y η0 = − Ey
r

Ez
i + Ez

r

. (2.29b)

However, according to (2.2), the perfect electromagnetic conductor admittance should be

a unique value. Therefore, the two expressions for Y η0 in (2.29a) and (2.29b) must be equal,

which implies

(Ey
r )

2 + (Ez
r )

2 = (Ez
i )

2 . (2.30)

This relation represents an additional condition for the realization of a perfect electromagnetic

conductor boundary by the proposed grounded ferrite structure.

Normalizing again the incident field, Ez
i = 1, and substituting the expressions Ez

r =

±
√

1− (Ey
r )

2 and Ey
r = ±

√

1− (Ez
r )

2 following (2.30) into (2.29a) and (2.29b), respectively,
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the perfect electromagnetic conductor admittance is found as a function of the cross- (Ey
r )

and co- (Ez
r ) polarized reflected fields as

Y η0 =
−1∓

√

1− (Ey
r )

2

Ey
r

, (2.31a)

Y η0 = ∓
√

1− Ez
r

1 + Ez
r

. (2.31b)

where Ez
r and Ey

r are available analytically in the generalized scattering matrix formulas of

(2.23a) and (2.23b), respectively. In these expressions, the signs are determined by the phase

shifts occurring in the substrate for the specific design considered.

Following these developments, the complete results for the perfect electromagnetic con-

ductor admittance are summarized in Tab. 2.1.

In the design of Fig. 2.8, it appears that the phase of Ey
r is π, Subsequently substituting

Ey
r = 1 exp(−jπ) and Ez

r = 0 of the free-space perfect electromagnetic conductor into (2.29)

yields Y η0 = 1. Therefore, in this design, the correct sign in (2.31b) is +, and thus Y η0 =
√

1−Ez
r

1+Ez
r
. The proper sign in (2.31a) is next found by equalizing this expression with the

positive value found for Y η0. Figs. 2.10a and 2.10b show the magnitude and phase of Y η0,

respectively, computed by (2.29) for a lossless grounded ferrite. The perfect electromagnetic

conductor condition of (2.30) is satisfied at the frequencies where the curves cross each other.

This occurs in the current design at f = 4.09 GHz for the free-space perfect electromagnetic

conductor case and at f = 5.22 GHz for the PMC case. It appears that at the free-space

perfect electromagnetic conductor point, Y η0 = 1.08 with a phase shift of 0◦ (ideal situation:

Y η0 = 1,∠ = 0◦), while at the PMC point, Y η0 = 0.07 with a phase shift of ϕ = 0◦ (ideal

situation: Y η0 = 0,∠ = 0). These results are in agreement with previous observations in

Fig. 2.8 and Fig. 2.9.

The effect of loss is quantified in Figs. 2.11a and 2.11b. Losses induce a deviation from

the perfect electromagnetic conductor condition of (2.30), particularly at the PMC point in

Table 2.1 Exact perfect electromagnetic conductor (PEMC) boundary conditions with the
Faraday grounded ferrite slab.

Ez
r Ey

r Boundary Condition Admittance Y

arbitrary arbitrary general PEMC n× (H+ YE) = n · (D− YB) = 0 ∓ 1
η0

√

1−Ez
r

1+Ez
r

= 1
η0

−1∓

√

1−(Ey

r )
2

E
y

r

0 1 “free-space” PEMC n× (H±E/η0) = n · (D∓B/η0) = 0 ±1/η0
1 0 PMC n×H = n ·E = 0 0
−1 0 PEC n×E = n ·H = 0 ∞
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Figure 2.10 Normalized admittance Y η0 versus frequency computed by (2.29) from gener-
alized scattering matrix results for the grounded ferrite perfect electromagnetic conductor,
assuming a lossless ferrite. (a) Magnitude. (b) Phase.
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this design, where the two magnitudes of Y η0 are visibly different, so the condition of (2.30)

does not hold exactly anymore. In Sec. 2.5.2, we will see that although this PMC boundary is

not ideal, it still proves effective for the PMC walls of the TEM waveguide. At the free-space

perfect electromagnetic conductor frequency, the effect of loss is less significant, because this

point is much farther away from the ferromagnetic resonance frequency, which is 5.5 GHz,

as shown in Figs. 2.4.

2.5 PMC-Walls TEM Waveguide

2.5.1 Principle

Conventional hollow waveguides do not support any TEM mode because the transverse

voltage gradient in a single-conductor transmission system is zero [51]. However, if the PEC

sidewalls of such a waveguide are replaced by PMC walls, then TEM propagation is allowed,

since the PMC walls act as “insulators” between the top and the bottom PEC walls so as to

provide the required voltage gradient for the existence of a field.

In a transmission line, the TEM mode is cutoff-less and its propagation constant is real

and linear (non-dispersive) at all frequencies, β = k0 = ω/c. Consequently, the lateral size of

the waveguide does not depend on the operation frequency and, as a result, compared to a

conventional waveguide, the structure may be reduced for miniaturization or increased (under

the condition that higher modes are properly suppressed) for radiation aperture enhancement.

In addition to the cross section, the length of the waveguide is also reduced since the guided

wavelength, λg = 2π/β = 2π/
√

k20 − (π/a)2, where a is the width of the waveguide, is reduced

to λg = 2π/k0. The subsequent miniaturization represents an attractive feature of a TEM

waveguide.

However, since a PMC does not exist naturally, due to the nonexistence of magnetic

charges, it must be generated artificially. In addition, due to causality requirements, such

an artificial PMC condition maybe achieved only at one frequency. TEM waveguides with

artificial PMC sidewalls may be realized in different manners. One approach is to insert

dielectric slabs of width h = λ0/4
√
εrd − 1 along the sidewalls of the waveguide [84, 85].

Another approach consists in replacing the sidewalls by planar electromagnetic band-gap

(EBG) structures [52]. Recently, we demonstrated a grounded ferrite PMC TEM waveguide

[80]. We present here, for the sake of illustration of grounded ferrite perfect electromagnetic

conductor, an optimized grounded ferrite PMC TEM waveguide, with a deeper description

of its operation principle and with a demonstration of its tunability capability.

Fig. 2.12a shows a rectangular waveguide whose PEC sidewalls have been transformed

into grounded ferrite PMC walls by inserting ferrite slabs into the waveguide against these
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Figure 2.11 Normalized admittance Y η0 versus frequency computed by (2.29) from general-
ized scattering matrix results for the grounded ferrite perfect electromagnetic conductor, for
a lossy ferrite of △H = 10 Oe. (a) Magnitude. (b) Phase.
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sidewalls. Since Htan = 0 at the surface of a PMC, we have H‖x. Moreover, assuming no

field variation along y, and considering that Enorm = 0 at the surface of a PMC, we also have

E‖y. This field configuration leads to TEM propagation.

Fig. 2.12b depicts the ray-optic propagation of the TEM wave inside the grounded ferrite

PMC waveguide, for which the propagation constants along the x and y directions, βx and βy,

vanish. As a result, we have in the air region of the waveguide, β2 = k20−β2
x−β2

y = ω2µ0ε0 =

k0, and thereby a phase velocity equal to the velocity of light, vp = ω/β = ω/k0 = c. In fact,

the TEM wave propagating in the air region co-exists with a surface wave propagating in the

ferrite regions, where the phase shift of each round-trip, ∆φf = 2βeh/ cosψt [ψt ≈ (ψt+ +

ψt−)/2], is equal to the phase shift of the TEM wave in the air ∆φa = β∆z = k02h tanψt, as

illustrated in Fig. 2.12c. Here, βe is the transverse (x-directed, parallel to H0) propagation

constant, as defined in (2.8), and not the usual waveguide longitudinal propagation constant.

In order to ensure phase coherence between the air TEM wave and the ferrite surface wave,

the equality ∆φf = ∆φa ± 2mπ (m ∈ Z) must hold, which leads to the following relation

between the wavelength in the air, λ0, and the transverse effective wavelength in the ferrite,

λe = 2π/βe,

λ0/λe =
√

1− cos2ψt ±
mλ0 cosψt

2h
, (2.32)

where it may be noted that in the limit ψt → 0 (case of a ferrite with a very high refractive

index), this relation simply reduces to mλe → 2h, which corresponds to a pure transverse

resonance inside the ferrite slab.

2.5.2 Full-wave and Experimental Demonstration

To demonstrate the miniaturization of a TEM waveguide using the grounded ferrite PMC

structure of Fig. 2.12, a rectangular waveguide (dimensions: a = 15 mm and b = 13 mm,

cutoff: 10 GHz) with the grounded ferrite PMC parameters of Fig. 2.8, operating at f = 5.2

GHz, has been designed and compared with a G-band rectangular waveguide (mode: TE10,

range: 3.95− 5.85 GHz), as shown in Fig. 2.13.

The corresponding full-wave and experimental results are presented in Fig. 2.14. While no

signal propagates below cutoff in the empty waveguide [Fig. 2.14a], of course, the grounded

ferrite PMC TEM waveguide exhibits a high transmission level (around −1 dB), both in

full-wave analysis and in the experiment, at the PMC design frequency of 5.2 GHz. The

pass-band of the waveguide is naturally restricted by the dispersion of the ferrite, but it may

be sufficient for typical narrow-band applications.

Fig. 2.15 shows that the vectorial electric field distribution in the cross-section of the
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Figure 2.12 Transverse electromagnetic (TEM) rectangular waveguide realized by inserting
ferrite slabs against the lateral walls of a rectangular waveguide according to the grounded
ferrite PMC (GF-PMC) principle depicted in Fig. 2.3a. (a) Perspective view. (b) Top view
with ray-optic illustration of the TEM waveguide phenomenology. (c) Zoom on the ferrite
region of (b) to illustrate the phase coherence condition between the TEM wave in the air
region and the surface wave in the ferrite slab.
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a = 47.55

b = 22.14

a = 15

b = 13

Figure 2.13 Comparison between a G-band rectangular waveguide (3.95 − 5.85 GHz) and
a grounded ferrite PMC waveguide (Fig. 2.12) with the parameters of Fig. 2.8 operating
in the same frequency range, specifically at f = 5.2 GHz, but with a much smaller width
(around 3× smaller). The dimensions are in millimeters. The waveguide is excited by a
coaxial probe located a quarter-wavelength away from a short-circuiting wall (here removed
for visualization).

grounded ferrite PMC waveguide is almost perfectly uniform, as expected for a TEM struc-

ture, in contrast to exhibiting the TE10 sinusoidal distribution of the empty waveguide, and

only marginally departs from the perfectly uniform ideal PMC waveguide distribution near

the ferrite interfaces. This slight imperfection is due to the imperfect magnetic boundary

condition (Fig. 2.11), but the result is still excellent. In this waveguide design, the phase

coherence parameters corresponding to the discussion at the end of Sec. 2.5.1 are ∆z = 1.4

mm, λ0 = 79.1 mm (∆z/λ0 = 1/56.5) and λe = 6.1 mm.

2.5.3 Tunability

The proposed grounded ferrite PMC is a naturally tunable boundary, since varying the

bias field changes the frequency of 90◦ Faraday rotation [10]. Therefore the TEM operation

frequency of the grounded ferrite PMC waveguide can be tuned. Figures 2.16a and 2.16b

demonstrate this tunability capability.
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Figure 2.14 Comparative full-wave (CST Microwave Studio) and experimental results for
the grounded ferrite PMC TEM rectangular waveguide of Figs. 2.12 and 2.13. (a) Scatter-
ing parameters for an empty waveguide of same width, which is a waveguide with cutoff
of fc = c/(2a) = 10 GHz. (b) Scattering parameters for the grounded ferrite PMC TEM
waveguide. The inset shows grounded ferrite PMC waveguide sandwiched between two bias-
ing magnets.
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Figure 2.15 Full-wave (CST Microwave Studio) electric field distribution at the half-height
of the grounded ferrite PMC (GF-PMC) waveguide of Fig. 2.14b, compared with an ideal
PMC waveguide and a PEC waveguide. The inset shows the vectorial field distribution in
the entire cross section.

2.6 Conclusion

The realization of arbitrary perfect electromagnetic conductor boundaries by a grounded

ferrite slab using Faraday rotation has been proposed, as the first practical realization of a

perfect electromagnetic conductor. The structure has been analyzed rigorously by the gener-

alized scattering matrix method, which has been validated by a full-wave commercial software

HFSS, to account for mismatch, multiple reflections, phase shifts and loss. The particular

case of a grounded ferrite PMC has been demonstrated by full-wave and measurement in the

application of a miniaturized and tunable grounded ferrite perfect electromagnetic conductor

TEM rectangular waveguide. The grounded ferrite perfect electromagnetic conductor specif-

ically offers a full control over the polarization of the reflected fields, and have therefore a

potential for applications in various types of reflectors and radio frequency identifications.

As all ferrite components, this structure requires a cumbersome magnet. However, emerg-

ing self-biased and integrated nano-structured magnetic materials [86], may soon provide an

effective solution to this limitation.
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Figure 2.16 Experimental demonstration of the tunability of the grounded ferrite PMC TEM
waveguide of Fig. 2.14b with the bias field µ0H0. (a) S11. (b) S21.
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3.1 Abstract

The behavior of leaky and surface modes in uniaxially anisotropic grounded slabs is in-

vestigated. First, a TM and TE modal parametric analysis of the structure is performed,

based on dispersion relations, comparing the non-dispersive and Drude/Lorentz dispersive

anisotropic slabs with an isotropic non-dispersive slab. This analysis reveals that in the case

of the isotropic slab, the leaky-wave pointing angle is restricted to the endfire region. In

contrast, it is shown, for the first time, that the proposed anisotropic dispersive grounded

slab structure provides efficient (in particular highly directive) leaky-wave radiation with a

high design flexibility. Toward its lower frequencies, the dominant leaky mode provides full-

space conical-beam scanning. At higher frequencies, it provides fixed-beam radiation (at a

designable angle) with very low-beam squint. A vertical dipole source is placed inside the

slab to excite the relevant leaky-wave mode. The radiation characteristics obtained for this

structure confirms the novel low-beam squint and high directivity operation of the domi-

nant leaky mode. Further validation is included using the commercial software tool CST.

The structure could be used to conceive antennas either for conical beam-scanning (lower

frequency range) or for point-to-point communication and radar systems (higher frequency

range).
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3.2 Introduction

Leaky-wave antennas feature high directivity and frequency beam scanning capability.

They have found many applications in radar, point-to-point communications and MIMO

systems. The general theory of leaky-wave antennas and the history of their developments

have been reported by [62]. Slitted waveguide [87], holey waveguide [88] and sandwiched line

[89] antennas were the first proposed fan-beam leaky-wave antennas, while high-directivity

leaky-wave antenna constituted by periodic partially reflective screens over a ground plane

[63], or dielectric superstrate layers [64] and several other types performed by various authors

[90, 91, 92, 65], enabled the conical-beam radiation.

Over the past decade, intense research has been performed in the area of electromagnetic

metamaterials [16, 17, 36]. In the microwave range, transmission line type metamaterials

have led to a wealth of component [93, 94]), antenna [95] and system [96] applications.

However, most of the planar metamaterial structures were in fact structured transmission

lines printed on conventional standard substrate and thus were not “real” metamaterials but

rather artificial transmission lines with periodic loads. However, real meta-substrates, or

artificial dielectric substrates, have recently been introduced [33, 32, 49, 45]. Also, several

leaky-wave antennas based on meta-substrates have been reported in the past [41, 42, 66, 67].

However, some of the previous works [41, 42] treated the antenna design problem from an

experimental perspective, and detailed indepth studies on the properties and behavior of

these new meta-substrates are lacking.

To fill the above gap, this paper presents a detailed investigation of the leaky and surface

modes that can propagate in a uniaxially permittivity and permeability anisotropic grounded

slab using a spectral domain approach based on transmission line equivalent circuits. The

structure is assumed to behave with a Drude dispersive permittivity along the axis perpen-

dicular to the substrate and with a Lorentz permeability in the plane of the substrate. Such a

substrate may be implemented in the form of a mushroom-type structure [50, 49, 48], where

the Drude dispersive permittivity models the wires and the Lorentz dispersive permeability

models the rings between adjacent mushrooms in the plane of the substrate. The complete

structure includes two distinct dispersion levels, whose combination leads to the overall struc-

ture’s dispersion. The first level refers to the dispersive behavior of the grounded slab itself,

even present in the case where the slab is isotropic. The second level refers to the Drude

and Lorentz model of the artificial materials constituting the slab. It is shown, for the first

time, that such a structure can propagate a leaky-wave mode which can support broadband,

highly directive and low beam squint radiation in the upper part of the right-handed (RH)

region, in contrast to isotropic structures (conventional grounded dielectric slabs). It is also
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shown that this novel low beam squint effect cannot be achieved using simple ferrite type

materials, even if they also exhibit Lorentz type dispersive permeability response.

A vertical source is introduced in the slab to excite the dominant leaky-mode. By com-

puting the radiation characteristics of this structure the novel low-beam squint and high

directivity characteristics of the mode are confirmed. The behavior is further verified using

the CST commercial software tool.

The paper first investigates the TM and TE dispersion properties of the uniaxially

anisotropic grounded slab. Sec. 3.5 presents a modal parametric analysis, comparing the non-

dispersive and Drude/Lorentz dispersive anisotropic slabs with the isotropic non-dispersive

slab. As the TM modes are found in this section more appropriate for broadband, low beam

squint leaky-wave radiation, Sec. 3.6 employs a vertical point source for the excitation of the

TM leaky-modes. Then, the asymptotic far-field radiation properties are computed from the

Green functions using the transmission line model of the structure [76]. Finally, in Sec. 3.7

the radiation properties of the isotropic and anisotropic slabs are carefully compared.

3.3 Definition of the Medium

The uniaxially anisotropic medium of interest is represented in Fig. 3.1 along with the

TMz and TEz field configurations, where z will be the axis perpendicular to the air-dielectric

interface in the grounded anisotropic slab which will be studied in Sec. 3.4. The medium is

characterized by the following permittivity and permeability tensors

¯̄ε =







ερ 0 0

0 ερ 0

0 0 εz






, (3.1a)

¯̄µ =







µρ 0 0

0 µρ 0

0 0 µz






. (3.1b)

For typical artificial substrates, such as mushroom-type structures [50], εz and µρ may rep-

resent the permittivity and permeability, respectively, due to the presence of the artificial

implants, while ερ and µz represent the permittivity and permeability, respectively, of a host

medium (e.g. teflon) [49].

While the host medium is generally non-dispersive, the constitutive parameters related to

the artificial implants are inherently dispersive (i.e. frequency-dependent). In the frequency

range where the wires of the mushroom-type structure are electrically short or densely packed
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¯̄µ

¯̄ε
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z

kTMz

kTEz

H

H E

E

Figure 3.1 Effective uniaxial anisotropic medium (unbounded), characterized by the permit-
tivity and permeability tensors of (3.1) along with the TMz and TEz field configurations.

[48], the effective permittivity term εz may be modeled by the electric local Drude dispersion

expression [12]

εz
ε0

= εr

[

1− ωpe
2

ω2 − jωζe

]

, (3.2)

where εr is the host medium permittivity, ωpe is the electric plasma frequency, which is related

to the lattice constant and ζe is the damping factor of the structure. Moreover, the effective

permeability term µρ may be modeled by the magnetic Lorentz dispersion relation [30]

µρ

µ0

= 1− Fω2

(ω2 − ωm0
2)− jωζm

= 1− Fω2

[ω2 − ωpm
2(1− F )]− jωζm

,

(3.3)

where F is a factor related to the geometry of the current loops, ωm0 is the resonant frequency

of these loops, ωpm = ωm0/
√
1− F is the plasma frequency and ζm is the damping factor of

the structure.

Following [49], we assume that the uniaxially anisotropic grounded slab exhibits the dis-

persive responses of (3.2) and (3.3) in the frequency range of interest. However, at higher

frequencies, where the electrical thickness of the substrate becomes relatively large, the per-

mittivity dispersion of (3.2) would have to be modified to follow a non-local model to take

into account spatial dispersion [48]. Moreover, as the frequency increases far above the elec-
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tric and magnetic plasma frequencies, ωpe and ωpm, respectively, the artificial mushroom

structure progressively looses its homogeneity, since the electrical size of the unit cell grows,

and therefore the effective anisotropic medium models of (3.1) with the effective dispersive

permittivity and permeability of (3.2) and (3.3), respectively, eventually become inappro-

priate. However, in the following theoretical study, it is assumed that the medium remains

effectively Drude/Lorentz dispersive in a wideband frequency range, as allowed by some unit-

cell compression techniques, such as for instance the use of elongated mushroom structures

[97] or of nano-structured metamaterials [98]. Such techniques may be used in the future

practical implementation of the wideband anisotropic materials.

3.4 Dispersion Relation of the Uniaxially Anisotropic Grounded Slab

Fig. 3.2a shows the grounded uniaxial anisotropic slab of interest. The TMz and TEz

dispersion relations for this structure are derived by the transverse resonance technique [99]

with the help of the source-less transmission line model [75] shown in Fig. 3.2b. They read

jZTMz ,TEz

c tan
(

βTMz ,TEz

z d
)

+ ZTMz ,TEz

c0 = 0, (3.4)

where βTMz ,TEz
z and ZTMz ,TEz

c are the TMz and TEz phase constants along the z axis and the

characteristic impedances of the line, respectively, and

βTMz

z = ±
√

ω2µρεz − kTMz
ρ

2

√

ερ
εz
, (3.5a)

ZTMz

c =
±
√

ω2µρεz − kTMz
ρ

2

ωερ

√

ερ
εz
, (3.5b)

and

βTEz

z = ±
√

ω2µzερ − kTEz
ρ

2

√

µρ

µz

, (3.6a)

ZTEz

c =
ωµz

±
√

ω2µzερ − kTEz
ρ

2

√

µρ

µz

, (3.6b)

where kTMz ,TEz
ρ = Re(kTMz ,TEz

ρ ) + jIm(kTMz ,TEz
ρ ) are the TMz and TEz transverse wave

numbers. For later convenience, we also introduce the lighter notations Re(kTMz ,TEz
ρ ) = βρ
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and Im(kTMz ,TEz
ρ ) = αρ.

(3.5) and (3.6) are extended transmission line parameters for an anisotropic substrate.

They reduce to the standard expressions in the particular case of a conventional isotropic

slab [75].

z

y

d ¯̄µ

¯̄ε

air

uniaxial medium

kTMz ,TEz

0

kTMz ,TEz

(a)

d

∞

Zi
c

Zi
0

(b)

Figure 3.2 Uniaxially anisotropic grounded slab and its transmission line model, where i ≡
TMz,TEz. (a) TMz and TEz waves incident onto the slab. (b) Transmission line model
(source-less case).

In ((3.4) ZTMz ,TEz

c0 are the TMz or TEz free-space characteristic impedances, respectively,

ZTMz

c0 =
kTMz

z0

ωε0
, (3.7a)

ZTEz

c0 =
ωµ0

kTEz

z0

, (3.7b)
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where kTMz ,TEz

z0 = Re(kTMz ,TEz

z0 ) + jIm(kTMz ,TEz

z0 ) are the TMz and TEz free-space wave num-

bers along z and

kTMz ,TEz

z0 = ±
√

ω2µ0ε0 − kTMz ,TEz
ρ

2
. (3.8)

The dispersion relations of (3.4) are transcendental. The explicit kρ and kz0 dispersion

curves are obtained numerically by computing their roots versus frequency.

3.5 Dispersion Analysis

In this section, we investigate the effects of uniaxial anisotropy [Eqs. (3.1a) and (3.1b)]

and medium dispersion [Eqs. (3.2) and (3.3)] on the behavior [Eq. (3.4)] of the uniaxially

anisotropic grounded slab. In order to discriminate these two effects, we first consider the ef-

fect of uniaxial anisotropy only (even if such a medium does not exist physically) in Sec. 3.5.1.

Later, we add the medium dispersion to determine its specific effect in Sec. 3.5.2.

3.5.1 Effect of Uniaxial Anisotropy (Non-dispersive Medium)

Three case studies will be performed here – two for TMz modes and one for TEz modes.

For the TMz modes, we first keep µρ/µz constant and vary ερ/εz, to investigate the effect of

electric anisotropy. Next (second case), we keep ερ/εz constant and vary µρ/µz, to investigate

the effect of magnetic anisotropy. We also consider two different values of ερ/εz to determine

the combined effects of magnetic and electric anisotropies. In the third study, for the TEz

modes, we vary only µρ/µz in (3.4) and (3.6), since this is the only parameter related to

anisotropy. The three case studies also consider the case of an isotropic grounded slab for

comparison.

The first case study (TMz modes, fixed µρ/µz = 1 and varying ερ/εz) is presented in

Fig. 3.3. This figure explicitly indicates, on the dispersion curves of the isotropic case,

the surface-waves modes (SW), the leaky-wave modes (LW), and the improper non-physical

modes (IN) [62]. These indications are not repeated but can be easily inferred in the cases

of Figs. 3.4 and 3.5.

Fig. 3.3 (especially Fig. 3.3a) shows that as ερ/εz increases, the bandwidth of the surface

waves modes decreases progressively until they fully transform into leaky modes. Moreover,

the slopes of the resulting leaky modes progressively decrease as ερ/εz increases, and become

almost perfectly flat for electrically very thick slabs, roughly for d/λ0 > 1/2 for the param-

eters considered (λ0 is the free-space wavelength). This flattening of the dispersive curves

has important physical implications and interests for leaky-wave antennas. First, since the
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radiation angle of the main beam of a leaky-wave structure is given by θ(ω) ≈ sin−1[βρ/k0]

[62], a flat dispersion curve (i.e. a constant βρ/k0 ratio) leads to a fixed radiation beam over a

broad bandwidth. This resolves the issue of beam squinting while preserving the leaky-wave

benefit of high directivity. This is beneficial to broadband point-to-point communication and

sensing applications, where a broadband signal should radiate to a fixed direction without

experiencing spatial dispersion of its energy across its spectrum.

Fig. 3.4 shows the results of the second case study (TMz, fixed ερ/εz and varying µρ/µz). It

is seen that the leaky dispersion curves progressively flatten as µρ/µz is decreased. Moreover,

as expected form the previous study, larger ερ/εz leads to flatter curves. Therefore, it may be

concluded that the flattest (i.e. lowest dispersive) TM response is obtained by maximizing

ερ/εz and minimizing µρ/µz.

Fig. 3.5 presents the third case study (TEz, varying µρ/µz).

We observe that the TEz leaky modes have a very different behavior than the TMz leaky

modes. Here, as µρ/µz decreases, the dispersion curves penetrate deeper into the leaky-

wave region but they also become more dispersive. Less dispersion flatting is achievable as

compared to the TMz case for a given slab electrical thickness, which makes these modes less

attractive for low beam-squint leaky-wave antenna applications. Therefore, in the following,

only the TMz case will be considered.

3.5.2 Effect of Drude/Lorentz Dispersion in Addition to Anisotropy

Sec. 3.5.1 showed that introducing a uniaxial anisotropy of the type given by (3.1a) and

(3.1b) into a grounded slab could generate a very broadband quasi non-dispersive leaky-wave

TMz mode, of interest for the low beam-squint radiation of broadband signals. However, as

pointed out in Sec. 3.3, the uniaxially anisotropic medium of practical interest are frequency

dispersive. So, the question as whether these properties of the grounded slab are preserved

in the real case, where the medium exhibits frequency dispersion (in addition to anisotropy),

naturally arises. This question will be addressed now.

The permittivity and permeability dispersion curves, given by (3.2) and (3.3), respectively,

for the medium of interest (Sec. 3.3), are plotted in Fig. 3.6 for the parameters indicated in

the caption (lossless case). The permittivity plasma frequency ωpe and the permeability

resonant plasma frequency ωpm are designed to be equal, ωpe = ωpm = ωp, so as to avoid the

presence of a stop-band between the double-negative and double-positive εz and µρ frequency

ranges. Moreover, the value ωp (f = 11 GHz) was chosen to coincide with the leaky-wave

cutoff frequency of the isotropic non-dispersive grounded slab.

The TMz dispersion curves of the dispersive uniaxially anisotropic grounded slab with the

medium dispersion of Fig. 3.6 are shown in Fig. 3.7. They are compared with the isotropic
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Figure 3.3 TMz dispersion curves for the uniaxial anisotropic grounded slab with ερ = 2ε0
and µz = µ0, for a fixed µρ/µz and various ερ/εz. (a) Re(kTMz
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0 ). (b) Im(kTMz
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0 ).
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0 ). The surface-wave (SW), leaky-wave (LW) and
improper non-physical (IN) modes are indicated on the curves for the isotropic case. These
indications also apply to Figs. 3.4 and 3.5.
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Figure 3.6 Dispersive response for the permittivity εz/ε0 (Drude model) [Eq. (3.2)] and per-
meability µρ/µ0 (Lorentz model) [Eq. (3.3)] for equal electric and magnetic plasma frequen-
cies (ωpe = ωpm). The parameters are: F = 0.56, ωm0 = 2π × 7.3 × 109 rad/s, fixing
ωpm = ωm0/

√
1− F = 2π × 11 × 109 rad/s, εr = 2, ωpe = ωpm, ζe = 0 and ζm = 0. The

substrate thickness is d = 3 mm.

non-dispersive (in terms of the slab medium) and the anisotropic non-dispersive (in terms of

the slab medium) cases.

Fig. 3.7 reveals that the low beam-squint property is preserved after the introduction of

real medium dispersion, since the anisotropic dispersive (physical) curves still remain very

flat. The magnitude of the leakage factor of the anisotropic dispersive mode is comparable

to that of a typical leaky-wave antenna, thus allowing high directivity leaky-wave radiation

[62].

3.6 Far-Field Radiation Analysis

3.6.1 Green Functions for Vertical Point Source

Sec. 3.5 revealed that the TMz modes are appropriate for broadband, highly directive and

low beam-squint leaky-wave radiation. Such TMz modes may be excited by a vertical point

source excitation embedded in the substrate, as shown in Fig. 3.8a. This excitation reads in

the spectral domain J̃ = 1/(2π)δ(z − z′)az. The corresponding equivalent transmission line

model is shown in Fig. 3.8b, where the vertical point source is modeled by the series voltage
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Figure 3.7 Comparison of the dispersions of the first TMz leaky modes for different grounded
slabs: non-dispersive (slab medium) isotropic (εz = ερ = 2ε0, µρ = µz = µ0), non-dispersive
(slab medium) anisotropic (ερ/εz = 2.5, ερ = 2ε0, µρ/µz = 0.5, µz = µ0), and dispersive
anisotropic (εz = εr(1 − ωpe

2/ω2)ε0 with εr = 2, ερ = 2ε0, µρ = [1 − Fω2/(ω2 − ωm0
2)]µ0,

µz = µ0). (a) Re(kTMz
ρ /kTMz

0 ). (b) Im(kTMz
ρ /kTMz

0 ). The non specified parameters are equal
to those of Fig. 3.6.
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source Vg = |J̃| = Jz [100] . Using Sommerfeld’s choice for the potentials [76], the far fields

can be entirely determined by the G̃zz
A component of the spectral-domain magnetic vector

potential dyadic Green function ¯̄GA.

¯̄µ

¯̄ε
d

h

z

y

(a)

d− h

h

∞

ZTMz
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ZTMz
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0

Ṽg

Ṽ

Ĩ
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Figure 3.8 Uniaxially anisotropic grounded slab excited by an embedded vertical point source.
(a) Physical structure. (b) Transmission line model.

By substituting (3.1) into the spectral-domain Maxwell equations with the above source

J̃ and manipulating the resulting relations, the following relevant equations are found

d2

dz2

[−ωεz
kTMz
x

G̃xz,TMz

EJ

]

=− ερ
εz
kTMz

z

2
[−ωεz
kTMz
x

G̃xz,TMz

EJ

]

+
d

dz
J̃z, (3.9a)
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d

dz

[−ωεz
kTMz
x

G̃xz,TMz

EJ

]

= −j k
TMz
z

ωεz
kTMz

z

[

−ω2ε2z
kTMz
ρ

2 G̃
zz,TMz

EJ

]

, (3.9b)

to map the transmission line equations

d2Ṽ

dz2
+ ZY k2z Ṽ =

dVg
dz

, (3.10a)

dṼ

dz
= −jZkz Ĩ . (3.10b)

By identifying (3.10a) with (3.9a) and (3.10b) with (3.9b), we next obtain the Green functions

G̃xz,TMz

EJ =
−kTMz

x

ωεz
Ṽ , (3.11a)

G̃zz,TMz

EJ =
−kTMz

ρ
2

ω2ε2z
Ĩ , (3.11b)

where Ṽ and Ĩ are the spectral domain voltage and current along the equivalent transmission

line (see Fig. 3.8b). Next, the relevant magnetic field Green function components are obtained

by substituting (3.11) into Maxwell equations

G̃xz,TMz

HJ =
kTMz
y

ωεz
Ĩ , (3.12)

while G̃zz,TMz

HJ = 0 because it is a TMz mode. The sought for Green function G̃z
Az is finally

obtained by inverting the relation

¯̄GHJ = ¯̄µ−1∇× ¯̄GA, (3.13)

which yields

G̃zz
A =

−jµρ

ωεz
Ĩ . (3.14)

These Green functions have been computed following the same procedure as in [100] with

extension to the case of uniaxial anisotropy.
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3.6.2 Asymptotic Far-Field Expressions

The far field radiated by a z-directed source in a layered medium may be written in

terms of the corresponding Green function at the interface with air (at AA′ in Fig. 3.8b),

G̃zz
A (kx, ky), as g̃

zz
A (kx, ky, z) = G̃zz

A (kx, ky) exp (−jkz0z). The double Fourier transform re-

lating the spectral to the spatial domain Green function reduces then to the value of the

integrand at the saddle point [75, 101, 11], resulting in

gzzA (kx, ky, z) = jk0 cos θG̃
zz
A (kx, ky)

exp(−jk0r)
r

, (3.15)

The electric field is then calculated from (3.15) as follows [76]

Eθ(x, y, z) =
−1

2
ωk0 sin(2θ)G̃

zz
A (kx, ky)

exp(−jk0r)
r

, (3.16)

while Eφ(x, y, z) = 0. Equation 3.16 represents the complete far field, which includes contri-

butions from leaky-waves, related to the poles of G̃zz
A (kx, ky) [11], and from the space wave,

corresponding to the direct radiation of the dipole to free space through the substrate.

Figure 3.9a compares the theoretical [Eq. (3.16)] and full-wave fields, obtained with CST,

radiated by a vertical point source. This source is located at h = 1.5 mm from the ground

plane in the anisotropic grounded slab [Fig. 3.8a] at f = 51 GHz, where kρ/k0 = 0.78 −
j0.07 (Fig. 3.7) for the parameters of Fig. 3.6. The CST setup emulates the theoretical

infinite substrate by a grounded slab of 35λ0 × 35λ0 mm terminated by open boundaries,

and emulates the point source by a small discrete current source. The figure shows good

agreement between theoretical and full-wave results, thus validating the theory presented.

3.7 Leaky-Wave Properties Discussion

In this section, the behavior and the performance of isotropic and double anisotropic (i.e.

anisotropic in terms of both the permittivity and permeability) grounded-slabs excited by a

vertical point source are compared with the help of the dispersion and the far-field radiation

results presented in Secs. 3.5 and 3.6.2, respectively.

3.7.1 Inappropriateness of the Isotropic Structure

The leaky wave radiation from an isotropic grounded slab has several important limita-

tions, due to the following reasons:

– The leaky-wave pointing angle θp is restricted to a small angular range near endfire.

For instance, this range is limited to 68◦ − 90◦ in Fig. 3.10a. This represents a severe

limitation in planar antenna applications, where radiation capability close to broadside
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Figure 3.9 Radiation pattern for a vertical point source located at h = 1.5 mm from the
ground plane in the anisotropic grounded slab [Fig. 3.8a] at f = 51 GHz where kρ/k0 = 0.78−
j0.07 (Fig. 3.7) for the parameters of Fig. 3.6. (a) Comparison between theory [Eq. (3.16)]
and full-wave (FIT-CST) simulation results. (b) 3D conical pattern.

is usually required, particularly in flush-mounted antenna systems including obstacles in

the plane of the antenna. This angular range restriction of θp is related, via the scanning

law θp ≃ sin−1(βρ/k0) [62], to the fact that the phase constant βρ, cannot reach values

significantly smaller than k0, as shown in Fig. 3.10a. This is due to the relatively small
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permittivity (εr = 2 in Fig. 3.10a) of the slab. At small permittivities, leakage to free-

space is eased by the fact that the wave experiences little trapping inside the slab (no

trapping at all in the limiting case εr → 1). As a result, the leakage factor αρ (radiation

per unit length) is also relatively large, since all the energy tends to radiate directly

from the dipole. This behavior is apparent in Fig. 3.3a (solid blue curve). Leakage

occurs along the valley-like dispersion curve between points A and C in this graph.

As the electrical thickness of the substrate decreases below C, βρ decreases to reach a

minimum in the leaky-wave region at B. Then, the curve increases again towards k0

to finally penetrate into the non-physical region at A. As the permittivity increases,

the wave becomes more and more trapped inside the slab, and tends to propagate at

smaller angles (smaller βρ). This results in a deeper penetration into the leaky-wave

region, leading to smaller angles of radiation toward the broadside direction, as shown

in Fig. 3.11. However, the extension in the scanning range is accompanied with a severe

loss of directivity and bandwidth reduction, as will be shown below.

– Due to the effect of wave guidance in the slab, the far-field radiation exhibits a null at

endfire, as shown by the cos θ factor in (3.15). Therefore, due to this angular factor

the contribution of the leaky wave to the total radiation tends to be suppressed, since

directive and useful leaky-wave radiation occurs only near endfire according to the

previous point. As a consequence, radiation is mostly dominated by a space wave, whose

beam direction is dictated by the electrical thickness of the substrate. Fig. 3.12 shows

the radiation patterns for the isotropic slab computed by (3.16) for various frequencies

along the leaky-wave dispersion curve of Fig. 3.10a and at one non-physical frequency

where no leaky wave can exist (Fig. 3.7a). Figure 3.12 shows that the radiation angles

at these frequencies point at around θ = 45◦, which does not correspond at all to the

angles predicted by the leaky-wave scanning law in Fig. 3.10a. This also applies to

the non-physical grounded-slab frequency (27 GHz). Thus, radiation is not due to the

leaky wave but to the space wave. Such a wave does not allow scanning and provides

little radiation directivity, as discussed in the next point.

– The directivity of the structure is low (D = 6.61 dBi at f = 24.2 GHz in Fig. 3.12).

The leaky-mode radiation, in addition to being limited to the endfire region, it also

exhibits a very poor directivity due to the large magnitude of its leakage factor |αρ|, as
shown in Fig. 3.7b. As a result, the aperture size becomes extremely small, which leads

to a very low directivity. On the other hand, the space wave, producing the pattern

shown in Fig. 3.12, also does not provide high directivity due to its direct radiation to

free space.

– The radiation efficiency (both for the leaky and space waves) is further reduced by the
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Figure 3.10 Pointing angle of the leaky mode and its variation over frequency calculated
from θp = sin−1(βρ/k0) ( Leaky-Wave Antennas, by A. Oliner and D. Jackson, 2007) for
the slab with the dispersion curves of Fig. 3.7 and d = 3 mm. (a) Isotropic slab with
εz = ερ = 2ε0, µρ = µz = µ0. (b) Anisotropic slab with εz = εr(1 − ωpe

2/ω2)ε0, ερ = 2ε0,
µρ = [1 − Fω2/(ω2 − ωm0

2)]µ0, µz = µ0. (c) Comparison of the variations of the pointing
angle with respect to frequency for the isotropic and anisotropic substrates.
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Figure 3.11 Comparison of the leaky-wave behavior of the isotropic grounded slab for different
permittivities (εr = 2, 3, 4), with µr = 1 and d = 3 mm.

propagation of the first (cutoff-less) TM0 surface mode at all frequencies (especially

higher), as shown in Fig. 3.7a. This surface mode not only reduces the efficiency by

forcing the guidance of part of energy from the source, but also generates diffraction at

the end of a practical substrate, which induces back radiation and spurious ripples in

the forward radiation pattern.

– The leaky-mode bandwidth is very narrow. In fact, there is a trade-off between band-

width and minimum pointing angle, as shown in Fig. 3.11. Larger bandwidths are

achievable with lower permittivities, but this restricts the pointing angle to the deep

endfire region. Fig. 3.13 further reveals that the leaky-mode bandwidth decreases as

the permittivity is increased, as a result of the decrease of the critical angle of total
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Figure 3.12 The radiation from an isotropic grounded slab for various frequencies from
Fig. 3.10a and for the frequency of f = 27 GHz, which lies in the improper non-physical
(IN) region of the dispersion curve of Fig. 3.7.

internal reflection in the substrate (red line in Fig. 3.13).

Following the above discussion on the pointing angle, Fig. 3.14 confirms that increasing

the slab permittivity decreases the minimum pointing angle (and thereby also increases the

scanning range toward broadside since near-endfire radiation is always present around the

leaky-wave to surface-wave transition region). Fig. 3.14 further confirms the subsequent

increase of the leakage factor, which results in a decrease of the directivity.

The points discussed above are general, and the leaky-wave performances of the isotropic

grounded slab structure cannot be significantly improved beyond the presented results.

3.7.2 Appropriateness and Performance of the Double Anisotropic Structure

We now explore the leaky-wave radiation properties of the dispersive double anisotropic

grounded slab, showing the advantages over the isotropic substrate:
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– A wide range of beam pointing angles is available, from broadside almost to endfire.

For example, in Fig. 3.10b, this range extends from 0◦ to 65◦. The reason for this wide

scanning range is apparent in Fig. 3.6, where 0 ≤ εzµρ/(ε0µ0) < 1, and therefore 0 ≤
βρ/k0 < 1, in the leaky-mode range. In this case, the largest pointing angle is limited

to 65◦ because of the asymptotic behavior of εzµρ/(ε0µ0)
ω→∞
= 0.88, corresponding to

βρ/k0
ω→∞
= 0.9. Larger pointing angles can be achieved by increasing the effective index

εzµρ to values exceeding unity at after some frequency, so that βρ reaches k0 (at the

transition region from the leaky-mode to the surface-mode). This is shown in Fig. 3.15,
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where the maximum pointing angle θp,max, and therefore also the scanning range of the

leaky mode is increased by increasing the permittivity of the host medium, εr, so as

to scan the entire angular range from 0◦ to 90◦ (this occurs for a permittivity close to

εr = 2.5). Figure 3.16 shows the scanning behavior of the leaky mode over the broad

frequency range of 11 GHz to 150 GHz. Note the null at broadside, which is due to the

vertical point source excitation.
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Figure 3.15 Maximum pointing angle of the leaky mode radiation from the double anisotropic
grounded slab.

– The directivity of the leaky-wave radiation may be very high. Fig. 3.7b shows that

the magnitude of the leakage factor, |αρ|, becomes very small as frequency increases,

thereby allowing a large radiating aperture and a very directive beam. Figure 3.16

shows that, according to the behavior of the leakage factor in Fig. 3.7b, the beam

becomes extremely directive as the frequency increases.

– The radiation efficiency of the anisotropic substrate is much higher than that for the

isotropic structure, since no surface modes exist in the leaky-mode frequency range, as

shown in Fig. 3.7a. Therefore no energy is coupled inside the dielectric through the

surface modes. In the case of the isotropic substrate, the TM0 surface mode is always

present in addition to the leaky mode [see also Fig. 3.7a].

– The bandwidth of the leaky mode is wider than that for the isotropic structure, as seen

in Fig. 3.7a. Figure 3.6 shows that lim
ω→∞

εzµρ/(ε0µ0) < 1 in the right-handed frequency

range. For the reason explained above, this fact prevents radiation at endfire (prac-

tically not very useful anyways), but leads to a huge frequency band of operation.

Fig. 3.13 shows that by increasing the host medium permittivity εr, the bandwidth

of the leaky mode decreases as a consequence of the increasing importance of surface
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Figure 3.16 The scanning behavior of the double anisotropic substrate in a wide band fre-
quency range.

modes. This effect also occurs in the isotropic case, but the double anisotropic structure

always exhibits a much wider bandwidth.

– The beam squinting is extremely low. This is a direct consequence of the previous point.

Figure 3.10c compares the beam squinting dθp/df of the leaky mode for the isotropic and

double anisotropic structures. Close to the plasma frequency (f = 11 GHz), the beam

squinting of the isotropic and the anisotropic structures are comparable. However, for

the anisotropic case, it quickly drops as frequency increases above the plasma frequency;

it then reaches a value that is always less than that of the isotropic slab, and remains

relatively constant up to very high frequencies. Figure 3.17 shows the beam squinting of

the leaky-wave beam for the anisotropic slab in the frequency range of f = 30−35 GHz.

In accordance with Fig. 3.10c, the beam squinting in the bandwidth of ∆f = 5 GHz is

only 7◦.
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Figure 3.17 Beam squinting of the leaky mode radiation of the anisotropic slab of Fig. 3.10b
in the bandwidth of ∆f = 5 GHz for f = 30− 35 GHz.

3.7.3 Importance of the Dispersion Associated with Magnetic Anisotropy

As discussed above, the reason for bandwidth enhancement, and the subsequent reduction

of beam squinting, is the fact that εzµρ/(ε0µ0) < 1 in a wide frequency range, as illustrated

in Fig. 3.6. This asymptotic behavior is essentially due to the dispersive contribution of

µρ since lim
ω→∞

εz/ε0 > 1. Therefore, the dispersive behavior in µρ should satisfy the con-

dition lim
ω→∞

µρ/µ0 < 1. This magnetic response is inherent to magneto-dielectric artificial

metasubstrates. Thus, such a performance can not be achieved with a substrate that would

be only electrically artificial but magnetically conventional. This is because for these ma-

terials, εz/ε0 < 1 only occurs in narrow frequency ranges just above the electric plasma

frequency. Figs. 3.13 compares the bandwidths of the electrically artificial slab with that

of the double electrically and magnetically artificial (anisotropic and dispersive) slabs. It

shows that the bandwidth of the only electrically anisotropic slab is similar to the conven-

tional slab, and much smaller than that of the double anisotropic slab. It is important to

note that this behavior cannot either be achieved using a simple ferrite material which has

also a Lorentz permeability response [10]. This is because, according to (3.3), in the artifi-

cial case the static and infinite frequency limit values of µρ/µ0 are µρ/µ0(ω = 0) = 1 and
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µρ/µ0(ω → ∞) = 1 − F < 1, respectively (the ω → ∞ asymptotic diamagnetic response

µρ < µ0 is a consequence of Lenz’s law). In contrast, in the ferrite case, µρ/µ0(ω = 0) > 1

and µρ/µ0(ω → ∞) = 1.

This demonstrates the importance of the Lorentz-type permeability of (3.3) with lim
ω→∞

µρ/µ0 <

1, which requires artificial magnetic anisotropy, besides the Drude-type permittivity of (3.2),

for very broadband operation.

3.8 Conclusion

A spectral analysis has been applied to the study of the behavior of leaky and surface

modes in anisotropic magneto-dielectric meta-substrates. The analysis has shown, for the first

time, that an anisotropic grounded slab provides a highly directive leaky-wave radiation with

high design flexibility. Toward its lower frequencies, this mode allows full-space conical-beam

scanning. At higher frequencies, it provides fixed-beam radiation (at a designable angle) with

very low-beam squint, which makes it particularly appropriate for future applications in wide

band point-to-point communication and radar systems.

The loss of homogeneity far above the Lorentz resonant frequency in conventional meta-

material substrates, such as the mushroom substrate, would prevent the utilization of the

low-beam squint regime of the proposed anisotropic antenna at high frequency. However, it

is anticipated that novel periodic structures using unit-cell compression techniques or multi-

scale nano-structured metamaterials will provide a solution to this issue in the future, hence-

forth enabling the two operation ranges of the antenna.



81

CHAPTER 4

ARTICLE 3: RADIATION EFFICIENCY ISSUES IN PLANAR ANTENNAS

ON ELECTRICALLY THICK SUBSTRATES AND SOLUTIONS

Attieh Shahvarpour1, Alejandro Alvarez Melcon2, and Christophe Caloz1

1Poly-Grames Research Center, Department of Electrical Engineering,

École Polytechnique de Montréal, Centre de Recherche en Électronique Radiofréquence (CREER),

Montréal, QC, H3T 1J4, Canada.
2 Universidad Politécnica de Cartagena, 30202 Cartagena, Murcia, Spain.

4.1 Abstract

The paper addresses the problem of the radiation efficiency of planar antennas on elec-

trically thick substrates. First, the non-monotonic dependency of the radiation efficiency of

an infinitesimal horizontal electric dipole on grounded and ungrounded substrates versus the

substrate electrical thickness is analyzed. Next, the phenomenology of the observed radia-

tion efficiency is explained with the help of a novel substrate dipole approach, which reduces

the actual structure to an equivalent source dipole composed of the original dipole and the

substrate dipole radiating into free space. It is then shown that the efficiency response of an

actual half-wavelength dipole printed on grounded and ungrounded substrates is essentially

similar to that of the infinitesimal dipole. Finally, two solutions for enhancing the efficiency

at electrical thicknesses where the efficiency is minimal are studied.

4.2 Introduction

Over the past decades, planar antennas have found a myriad of applications due to their

low profile, low cost, compatibility with integrated circuits and conformal nature [102]. At

the same time, ever increased bandwidth requirements and miniaturization constraints, par-

ticularly in arrays [103], have spurred growing interest for the millimeter-wave and terahertz

ranges [104, 105, 106].

Unfortunately, in the millimeter-wave and terahertz regimes, the efficiency of planar an-

tennas tends to be very low, because several surface-wave modes are excited and carry and

dissipate a significant amount of the source power [77, 78, 79]. This is caused by the large

electrical thickness of the substrates, which cannot be chosen to be thinner due to the me-

chanical rigidity requirements and fabrication constraints [107],[108]. The surface waves may
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also cause scan-blindness, while their diffraction at the edges of the substrate introduces

ripples in the radiation pattern and produce parasitic back radiation.

To better understand the issue of the low radiation efficiency of planar antennas on the

electrically thick substrates, and also devise remedies, a detailed analysis is required. The

efficiency versus substrate electrical thickness for a horizontal electric dipole on a grounded

substrate was shown in [77, 78, 79], but no detailed analysis and explanation have been

reported to our knowledge. Moreover, no solutions have been discussed to mitigate the

low-efficiency issue in electrically thick substrates.

In this paper, the radiation efficiency behavior of an infinitesimal horizontal dipole on

grounded and ungrounded substrates is analyzed and solutions for enhancing the efficiency

at frequencies where the efficiency is close to zero (no radiation) are presented. Next, it is

shown that the efficiency behavior of an actual planar antenna, such as a half-wavelength

dipole, is qualitatively similar and quantitatively close to that of an infinitesimal horizontal

dipole. A novel approach, based on reducing the real structure to an equivalent structure

composed of the original source dipole and of a substrate dipole radiating into free space, is

proposed to explain the efficiency behavior.

The paper is organized as follows. Section 4.3 defines the radiation efficiency and presents

the dependency of the radiation efficiency versus the substrate electrical thickness for the

grounded and ungrounded dielectric slab cases. Section 4.4 introduces the substrate dipole

concept and applies it to explain the radiation efficiency from the radiated and surface-wave

mode powers behaviors. Section 4.5 presents the efficiency behavior of a practical printed half-

wavelength dipole. Finally, Sec. 4.6 discusses possible solutions for enhancing the radiation

efficiency at the frequency bands where the efficiency reaches its minima.

4.3 Radiation Efficiency

4.3.1 Definition

The radiation efficiency, η, of an antenna is defined as [102]

η =
Prad

Ptot

=
Prad

Prad + Ploss

=
Prad

Prad + Pref + Pmat + Psw

, (4.1)

where Prad is the radiated power, Ptot is the total power, and Ploss = Ptot−Prad = Pref+Pmat+

Psw is the lost power, which consists of reflected power due to mismatch (Pref), dissipated

power due to dielectric (Pdiel) and metallic (Pmetal) material losses (Pmat = Pdiel+Pmetal), and

surface wave power (Psw). Equation (4.1) indicates that η is limited by reflection, material

and surface wave losses.
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In practice, most antennas, perhaps with the exception of electrically small antennas 1,

may be easily matched to exhibit a VSWR of less than 2, in which case Pref is generally

negligible.

As pointed out in Sec. 4.2, when one moves from low microwave frequencies to millimeter-

wave and submillimeter-wave frequencies, the electrical thicknesses of antenna substrates

tend to increase. As a consequence, the dielectric loss contribution to Pmat, Pdiel, which is

associated with dielectric heating, tends to decrease, due to reduced electric field density [78].

In contrast, the metal loss contribution to Pmat, Pmetal, which is associated with metal heating

by the Joule effect, tends to increase towards higher frequencies, due to decreased skin depth

and subsequently increased electric field density in the metal. Overall, the increase in Pmetal

overweights the decrease in Pdiel, so that Pmat increases as frequency increases, as well known

by antenna practitioners. In any case, we are here mostly interested in the dependence of

the antenna efficiency on the electrical thickness of the substrate for a given substrate with

corresponding dielectric and metallic characteristics. Therefore, in the forthcoming analysis,

we shall ignore the material losses, and the reported efficiencies will represent an upper bound

to the achievable efficiencies in the presence of loss.

Based on the above considerations, we consider the particular case of (4.1) where Pref =

Pmat = 0, so that only Psw affects the antenna efficiency. The radiation efficiency reduces

then to [77, 78, 79]

η =
Prad

Prad + Psw

. (4.2)

In this expression, Prad and Psw will be next calculated from the radiated and surface-wave

time-averaged Poynting vectors, Sr,av and Ssw,av, respectively. In the case of an antenna over

a grounded substrate, these powers read

Prad =

∫ 2π

0

∫ π/2

0

Srad,av.r̂r
2 sin θ dθ dφ, (4.3a)

Psw =

∫ 2π

0

∫ ∞

−d

Ssw,av.ρ̂ρ dz dφ, (4.3b)

where Prad is obtained by integration over a half sphere in free space above of the antenna and

Psw is obtained by integration over a cylinder extending from the ground plane through the

1. Although this section and Sec. 4.4 deal with an infinitesimal dipole, for the sake of emphasizing the
fundamentals of the interactions between a radiator and the substrate upon which it is placed, the practical
antennas of interest in this paper are not electrically small antennas. Section 4.5 will show that the results
in these two sections essentially hold for the case of half-wavelength antennas, which may be easily matched.
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substrate with the thickness of d to infinity above the antenna. In the case of an antenna over

an ungrounded substrate, one must add integrals corresponding to radiation and surface-wave

propagation at the other side of the substrate.

The Poynting vectors in (4.3) will be computed using the classical spectral-domain transmission-

line modeling technique for a horizontal infinitesimal electrical dipole placed at the surface

of the substrate [75, 109]. The details are provided in Appendix C.

4.3.2 Dependence on the Electrical Thickness

Figs. 4.1a and 4.2a show a grounded substrate and an ungrounded substrate, respectively,

excited by an infinitesimal horizontal dipole. Both substrates have a thickness d, a permit-

tivity εd = εrdε0 and a permeability µ0. Throughout the paper, the considered substrate is

RT/Duroid 6006 with εrd = 6.15 and d = 2.5 mm, unless otherwise specified.

The corresponding responses versus the electrical thickness of the substrate for the grounded

and ungrounded substrate cases, computed from the transmission-line models of Figs. 4.1b

and 4.2b, are presented in Figs. 4.3 and 4.4, respectively, where the sub-figures (a), (b), (c)

and (d) show the radiation efficiencies, the surface-wave modes, the radiated powers and

the surface-wave powers, respectively. The bottom abscissae refer to the free-space electrical

thicknesses, d/λ0, where λ0 denotes the free-space wavelength, while the labeled points in

the top abscissae refer to the surface-wave cutoff effective electrical thicknesses, d/λcutoffeff . In

the latter, λcutoffeff is the cutoff effective wavelength, which is related to the transmission-line

(z-directed) substrate effective wavelength,

λeff = 2π/kzd, (4.4)

where, as shown in Fig. 4.5,

(kzd)
2 = ω2µ0εd − k2ρ, (4.5)

by λcutoffeff = λeff(kz0 = 0), yielding [110]

λcutoffeff =
2π

√

εrd(kcutoff0 )2 − k2ρ

=
2π

√

εrd(kcutoff0 )2 − [(kcutoff0 )2 − (��kz0)
2]

=
2π

kcutoff0

√
εrd − 1

=
λcutoff0√
εrd − 1

.

(4.6)
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Ṽ

ĨĨs
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Figure 4.1 Grounded (PEC) dielectric substrate excited by an infinitesimal horizontal electric
dipole. (a) Structure. (b) Transmission-line model. (c) Equivalent free-space dipole pair
Jeq = Js + J ′

sub formed by the source dipole Js and the auxiliary substrate dipole J ′
sub.

(d) Equivalent transmission-line model of the equivalent free-space dipole pair radiating into
free-space.
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Ĩ+− Ĩeq
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Figure 4.2 Ungrounded dielectric substrate excited by an infinitesimal horizontal electric
dipole. (a) Structure. (b) Transmission-line model. (c) Equivalent free-space dipole pair
Jeq = Js + J ′

sub formed by the source dipole Js and the auxiliary substrate dipole J ′
sub.

(d) Equivalent transmission-line model of the equivalent free-space dipole pair radiating into
free-space.
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Two interesting facts may be observed in Figs. 4.3 and 4.4 [77, 78, 79, 108]. First, as

seen in Fig. 4.3a and 4.4a, the efficiency does not decay monotonically, but goes through

successive peaks and valleys, as the electrical thickness is increased. Second, in the grounded

case the maxima (resp. minima) of the radiation efficiency correspond to the TE (resp. TM)

surface-wave cutoffs, as seen by comparing Figs. 4.3a and 4.3b, while in the ungrounded

case, the maxima correspond to the degenerated TE and TM surface-wave cutoffs, as seen

by comparing Figs. 4.4a and 4.4b. Moreover, striking differences between the grounded and

ungrounded cases are the fact that in the latter case the radiation efficiency decreases much

faster, the efficiency peaks are smaller and no zero efficiency point is observed. Section 4.4

will explain these observations.

4.4 Explanation of the Radiation Efficiency Response versus the Substrate Thick-

ness

Since the radiation efficiency [Eq. (4.2)] involves the radiated power and the surface-wave

power, we shall now consider these powers, first separately and next combined, to explain

the radiation efficiency response observed in Sec. 4.3.2.

4.4.1 Radiated Power

The dependence of the radiated power on the electrical thickness may be best understood

with the help of an auxiliary substrate dipole modeling the substrate and its ground plane if

present.

Substrate Dipole

The aforementioned substrate dipole is represented in Figs. 4.1c and 4.2c for the grounded

substrate and ungrounded substrate cases, respectively. By definition, this substrate dipole,

J ′
sub, is a fictitious dipole which is collocated 2 with the source dipole, Js, and whose combi-

nation with Js in free-space,

Jeq = Js + J ′
sub, (4.7)

produces the same electromagnetic far-fields as the source in the original substrate structures

(Figs. 4.1a and 4.2a) in the half-space z > 0, hence the subscript “eq”, standing for “equiva-

lent”. Thus, the substrate dipole J ′
sub, even though it is radiating in free space, fully accounts

for the presence of the substrate and its ground plane if present.

2. Note that this substrate dipole is not an image dipole in the classical sense [111], which refers to some
mirror symmetry, since it is collocated with the physical dipole source without any symmetry feature.
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Figure 4.3 Response to an infinitesimal horizontal dipole on a grounded substrate (Fig. 4.1a)
versus the electrical thickness of the substrate. (a) Radiation efficiency [Eq. (4.2)]. (b) TMz

and TEz surface modes [poles of (C.11)]. (c) Radiated power [Eq. (4.3a)]. (d) Surface-modes
powers [Eq. (4.3b)].
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Figure 4.4 Response to an infinitesimal horizontal dipole on an ungrounded substrate
(Fig. 4.2a) versus the electrical thickness of the substrate. (a) Radiation efficiency [Eq. (4.2)].
(b) TMz and TEz surface modes [poles of (C.11)]. (c) Radiated power [Eq. (4.3a)]. (d)
Surface-modes powers [Eq. (4.3b)].
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Figure 4.5 Ray-optics representation of wave propagation in the air and in the dielectric (only
one leaky-wave (θ < 90◦) or surface-wave (θ = 90◦) is shown) in the grounded substrate and
ungrounded substrate cases. (a) Grounded case. (b) Ungrounded case.

The above definition of the substrate dipole and the subsequent relation (4.7) correspond

to the transmission-line models shown in Figs. 4.1d and 4.2d, which are equivalent to the

transmission-line models of Figs. 4.1b and 4.2b for the grounded substrate and ungrounded
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substrate cases, respectively. Note that the models of Figs. 4.1d and 4.2d do not represent

any computational benefit over the models of Figs. 4.1b and 4.2b, since J ′
sub in the former

has to be determined from the latter, but only provide a simple model for the forthcoming

explanation of the radiation efficiency behavior observed in Figs. 4.3a and 4.4a.

The spectral current Ĩ in Figs. 4.1b and 4.2b is composed of the sum of the spectral source

dipole current, Ĩs, and spectral substrate dipole current, Ĩsub,

Ĩ = Ĩs + Ĩsub. (4.8)

The current Ĩsub is the transmission-line equivalent substrate current, where the substrate

is characterized by its characteristic impedance, Zc, thickness, d, and input impedance, Zin.

The current Ĩ is also present in the equivalent transmission-line model of Figs. 4.1d and 4.2d,

respectively. This model consist of a simple transmission-line of impedance Z0, modeling free

space, excited in its center by the equivalent current

Ĩeq = Ĩs + Ĩ ′sub. (4.9)

which is essentially the Fourier transform of (4.7). Note that (4.7) represents a spatial elec-

tromagnetic current density whereas (4.9) represents its spectral equivalent current model.

The relation between Ĩ ′sub in (4.9) and Ĩsub in (4.8) is derived in Appendix D. It reads

Ĩ ′sub = Ĩsub

(

1− Zin

Z0

)

. (4.10)

According to the models of Figs. 4.1c and 4.2c, the original structures excited by the

source dipole Js are simply equivalent to free space excited by Jeq. Therefore, the radiated

power is expected to be proportional to Jeq. According to (4.7), to determine Jeq, one only

needs to determine J ′
sub since Js is known. This will be accomplished by determining the

nature of an equivalent boundary at z = 0, from which the image J ′
sub of Js will follow, hence

yielding Jeq.

Air-Dielectric Interface Equivalent Boundary Conditions

As shown in Sec. 4.4.1, the radiated power is the power radiated by Jeq in free-space,

which is the sum of the known source dipole Js and the substrate dipole J ′
sub. To determine

the radiated power, one must therefore find out how J ′
sub is related to Js. This relation can

be established by determining the boundary conditions induced by the surface-wave modes

at the air-dielectric interface.

In surface waves, the vertical phase shift of a wave round-trip in the substrate (Fig. 4.5)
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is a multiple of 2π, i.e. kzdd+ φ−d + kzdd+ φ0 = 2mπ (m ∈ N) [110], or

kzdd = mπ − φ−d + φ0

2
, (4.11)

where φ−d and φ0 are the dielectric reflection phases at z = −d and z = 0, respectively.

The corresponding transmission-line input impedance at the air-dielectric interface in

Figs. 4.1b and 4.2b can then be determined using [2]

Zin = Zc
ZL + jZc tan(kzdd)

Zc + jZL tan(kzdd)
, (4.12)

where ZL is the load impedance at z = −d.
The surface-wave wavenumber, kρ, is purely real, assuming a lossless substrate, and kρ

approaches k0 towards cutoff. Exactly at cutoff, θ = 90◦ and kρ = k0, and hence kz0 =

(k20 − k2ρ)
1/2 = 0, which corresponds to the limit of grazing propagation at the air-dielectric

interface in the air. Let us now examine the vectorial field configurations at the TEz and

TMz cutoffs at the air-dielectric interface 3. These configurations are shown in Fig. 6. In the

TE case, the electric field, E, in the air is purely tangential, while the magnetic field, H, is

purely normal, and hence the interface is equivalent to a PMC boundary, so that φ0 = 0 in

(4.11). Conversely, in the TM case, H is purely tangential, while E is purely normal, and

hence the interface is equivalent to a PEC boundary, so that φ0 = π in (4.11).

We shall next determine the values of Zin in (4.12) and d/λcutoffeff in (4.6), which both depend

on kzdd in (4.11) for the grounded and ungrounded substrates cases. The forthcoming results

are summarized in Tab. 4.1.

Grounded Substrate Case Because of the PEC boundary condition at z = −d, we have
ZTE,TM

L = 0 and φ−d = π. Inserting the former result into (4.12) leads to

ZTE,TM
in = jZc tan(kzdd). (4.13)

For the TE-cutoff case, inserting φ0 = 0 (cutoff) and φ−d = π (ground) into (4.11) yields

kcutoffzd d = (2m − 1)π/2 and hence, from (4.13), Zin = ∞, which corresponds to a PMC

condition (Fig. 4.6). Therefore, J ′
sub is in phase with Js, which maximizes Jeq, as confirmed

in Fig. 4.7a at θ = 90◦ (angular variation to be discussed below), and hence maximizes

the radiated power, as observed in Fig. 4.3c. Note that in this TE-cutoff case, from (4.4),

d/λcutoffeff = kzdd/(2π) = (2m− 1)/4 (Fig. 4.3b).

For the TM-cutoff case, inserting φ0 = π (cutoff) and φ−d = π (ground) into (4.11) yields

3. For the sake of notational brevity, we shall omit the z subscript in TEz and TMz in the remainder of
the paper.
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kcutoffzd d = (m− 1)π and hence, Zin = 0, which corresponds to a PEC condition (Fig. 4.6) and

d/λcutoffeff = (m − 1)/2 (Fig. 4.3b). In this case, J ′
sub is out of phase with Js, which nullifies 4

Jeq, as confirmed in Fig. 4.7a at θ = 90◦ (angular variation to be discussed below), and hence

minimizes the radiated power, as observed in Fig. 4.3c.

Let us now explain the variation of Ĩeq versus the angle θ. For the ease of the argument,

let us consider that the dipole – grounded substrate system operates in the receive mode,

while the transmit mode follows by reciprocity. The angle θ is then the angle of incidence of

a plane wave impinging on the system. We will first provide a qualitative explanation and

next a quantitative explanation.

For any surface-wave mode, the angle θ = 90◦ at a given frequency of the incident wave

corresponds to a situation where the mode is excited so as to propagate in a grazing fashion

at the surface of the substrate in the air and in a zigzagging fashion under the critical angle

of total internal reflection in the dielectric. This corresponds to the cutoff frequency of the

mode. Consequently, based on the above considerations, θ = 90◦ corresponds to frequencies

indicated in Tab. 4.1, where the TE-PMC and TM-PEC conditions occur (dashed lines in

Fig. 4.7a). In region θ < 90◦, the surface-wave mode, has transformed into a leaky-wave mode

(left of the dashed lines in Fig. 4.7a). Since the electromagnetic fields are also functions of θ

through kρ, according to sin θ = kρ/k0, via (C.8) in Appendix C, at each angle of incidence θ

there is a specific frequency where the total tangential magnetic field for the TE modes or the

total tangential electric field for the TM modes vanishes at the air-dielectric interface, which

leads to TE-PMC and TM-PEC boundary conditions at the interface, respectively. This

4. Since J ′

sub
is the image of Js with respect to the plane z = 0, J ′

sub
= −Js.
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Figure 4.7 Magnitude of the total equivalent dipole current Ĩtoteq = ĨTE
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eq [Eq. (4.9)]
versus the electrical thickness of the substrate and the angle of radiation. (a) Grounded case.
(b) Ungrounded case.
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Table 4.1 Values of φ0, φ−d, kzdd, Zin and d/λcutoffeff at the TE and TM surface-wave mode
cutoffs for the grounded and ungrounded substrates.

grounded substrate ungrounded substrate

TE

φ0 = 0 φ0 = 0
φ−d = π φ−d = 0

kcutoffzd d = (2m− 1)π/2 kcutoffzd d = mπ
Zin = ∞ (PMC) Zin = ∞ (PMC)

d/λcutoffeff = (2m− 1)/4 d/λcutoffeff = m/2

TM

φ0 = π φ0 = π
φ−d = π φ−d = π

kcutoffzd d = (m− 1)π kcutoffzd d = (m− 1)π
Zin = 0 (PEC) Zin = 0 (PEC)

d/λcutoffeff = (m− 1)/2 d/λcutoffeff = (m− 1)/2

frequency is shifted below the cutoff frequency, as will be shown mathematically below. As a

result, for all the angles θ = 0◦ → 90◦ there is a frequency where Ĩeq reaches a maximum or

minimum due to the TE-PMC or TM-PEC conditions, respectively, as shown in Fig. 4.7a, and

this variation covers a given bandwidth, increasing with the electrical thickness, below each

cutoff. Since the efficiency results from the integration of Ĩeq over all the kρ’s or, equivalently,

all the θ’s, the aforementioned increasing bandwidths lead to increasing-bandwidth efficiency

plateaux for increasing electrical thickness, as was observed in Fig. 4.3a.

Inserting the relation sin θ = kρ/k0 into (4.5) yields kzd = k0
√

εrd − sin2 θ. Inserting this

last expression into (4.13) results into

ZTE,TM
in = jZTE,TM

c tan
(

k0d
√

εrd − sin2 θ
)

. (4.14)

This relation shows that the input impedance, and hence the frequency at which the afore-

mentioned PMC or PEC conditions occur, depends on the radiation angle, as observed in

Fig. 4.7a. Specifically,

ZTE,TM
in (θ = 90◦) = jZTE,TM

c tan
(

k0d
√
εrd − 1

)

, (4.15a)

ZTE,TM
in (θ = 0◦) = jZTE,TM

c tan (k0d
√
εrd) , (4.15b)

where, for θ = 90◦, the PMC and PEC occur at k0d = (2m− 1)π/2
√
εrd − 1 and k0d = (m−

1)(2π)/
√
εrd − 1, respectively, and for θ = 0◦, the PMC and PEC occur at k0d = (2m− 1)π/2

√
εrd

and k0d = (m− 1)(2π)/
√
εrd − 1, respectively. As a result, the ratios of both the PMC and
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PEC frequencies at θ = 90◦ and at θ = 0◦ is given by the constant

ωθ=90◦

ωθ=0◦
=

√

εrd
εrd − 1

> 1, (4.16)

indicating that ωθ=90◦ > ωθ=0◦ , as observed in Fig. 5a. Equation 4.16 corresponds to the

frequency shift of

∆ω = ωθ=90◦ − ωθ=0◦ =

(

1−
√

εrd
εrd − 1

)

ωθ=90◦ , (4.17)

indicating that the frequency shift between the θ = 90◦ and θ = 0◦ PMC or PEC frequencies

increases linearly with frequency, as also observed in Fig. 4.7a.

Ungrounded Substrate Case In the ungrounded substrate, the TE and TM surface-wave

mode cutoffs are degenerate. Therefore the equivalent boundary conditions seen by Js at the

cutoff frequencies depend on the combined effects of the TE and TM cutoffs. At the cutoff,

at z = −d, we have ZTE
L = ∞, ZTM

L = 0, φTE
−d = 0 and φTM

−d = π. Inserting these results for

ZTE,TM
L into (4.12) leads to

ZTE
in = −jZTE

c cot(kzdd), (4.18a)

ZTM
in = jZTM

c tan(kzdd). (4.18b)

For the TE-cutoff case, inserting φ0 = 0 (cutoff) and φ−d = 0 (cutoff, no ground and TE)

into (4.11) yields kcutoffzd d = mπ and hence Zin = ∞ a PMC condition (Fig. 4.6) and d/λcutoffeff =

m/2 (Fig. 4.4b). For the TM-cutoff case, inserting φ0 = π (cutoff) and φ−d = π (cutoff, no

ground and TM) into (4.11) yields kcutoffzd d = (m − 1)π and hence Zin = 0 a PEC condition

(Fig. 4.6) and d/λcutoffeff = (m − 1)/2 (Fig. 4.4b). These TE and TM boundary conditions

are handled separately in the computation of the radiated power, using superposition, and,

as in the grounded case, the TE part contributes a maximal radiated power while the TM

part contributes a minimal radiated power, due to in phase and out of phase J ′
sub and Js,

respectively. As a result, the total (TE + TM) radiated power is maximal at the degenerated

cutoff frequencies, as confirmed in Fig. 4.7b at θ = 90◦ (angular variation to be discussed

below), and hence maximizes the radiated power, as observed in Fig. 4.4c. As in the grounded

case, at θ = 90◦, the field is propagating in the air at a grazing angle along the substrate, and

therefore the field configurations in the air correspond to PMC and PEC boundary conditions

for the TE and TM modes, respectively. Since the cutoffs are λcutoffeff /2 apart, the TE and
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TM input impedances from one cutoff to the next one transform from an open to another

open and from a short to another short, respectively. Therefore, they cross a short and an

open for the TE and TM modes, respectively [Eq. (4.18)], at some intermediate frequency

in-between. Consequently, corresponding additional maxima occur between adjacent cutoffs,

as seen in Fig. 4.7b.

Let us now explain the variation of Ĩeq versus θ. As in the grounded substrate case, at each

angle of incidence θ and at a specific frequency slightly shifted from the cutoff frequencies,

the total tangential magnetic field for the TE modes vanishes at the air-dielectric interface,

which leads to TE-PMC boundary condition at the interface. As a result, as shown in

Fig. 4.7b at all the angles θ = 90◦ → 0◦ there is a frequency where the TE-PMC condition is

satisfied. Moreover, it is observed in Fig. 4.7b that as θ decreases towards 0◦, the additional

maxima between the cutoffs progressively transform into minima. To explain the reason of

this variation, let us consider the variations of the input impedance Zin of the ungrounded

substrate as the angle decreases from θ = 90◦ to θ = 0◦. In the ungrounded substrate case,

the load impedance ZTE,TM
L = ZTE,TM

0 [Eq. (4.12)] is a function of the angle of incidence. This

is in contrast with the grounded substrate case whose ground plane has a load impedance

which is independent of θ. The variations of ZL with the angle affects the input impedance

and therefore the position of the maxima and minima of Ĩeq. As the angle decreases from

θ = 90◦ to θ = 0◦, kTE,TM
z0 = k0

√

1− sin2 θ varies from kTE,TM
z0 = 0 to kTE,TM

z0 = k0. Therefore,

ZTE
0 = ωµ0/k

TE
z0 starts to decrease from infinity to the free-space impedance η0 =

√

µ0/ε0

while ZTM
0 = kTM

z0 /ωε0 increases from zero to η0. After θ has decreased beyond some point,

ZTM
L starts to increase significantly from zero and converges to ZTE

L so that the variations of

its corresponding input impedance follow the same maxima and minima with respect to the

frequency as the TE mode.

Finally, the total radiated power is a result of integration over all the kρ or all the angles,

which results into the radiated power maxima observed at the cutoffs in Fig. 4.4c.

4.4.2 Surface-Wave Power

As observed in Figs. 4.3d and 4.4d, the surface-wave modes carry and dissipate part of

the energy provided by the source. Let us examine in some details how this energy varies

versus the electrical thickness of the substrate and how it is distributed between the TE and

TM modes.

Globally, the total surface-wave power tends to increase with increasing electrical thick-

ness. This is intuitively very understandable since the number of surface waves increases

with the electrical thickness. Specifically, the increase in surface wave power tends to be

maximal at the cutoff frequencies, since each of these frequencies corresponds to the onset of
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new modes, one TE or TM mode in the grounded substrate case and one TE-TM mode pair

in the ungrounded substrate case. However, this is not systematically the case, because the

radiated power behavior depends on all the surface-wave modes. For instance, no surface-

wave power increase is observed at the onset of the TM1 mode in the grounded substrate

case. This is because the decay in the TM0 and TE0 powers toward this frequency, due to

reduction of phase matching, is exceeding the power increase induced by the onset of the

TM1 mode.

Note that the surface-wave power increase is sharper for the TE modes than for the TM

modes. This is due to the fact that the former have their electric field perfectly co-polarized

with the source whereas the latter have their electrical field perfectly cross-polarized with the

source. In the ungrounded substrate case, this effect is apparent only when looking at the TE

and TM surface-wave contribution separately since the TE and TM cutoffs are degenerate.

4.4.3 Radiation Efficiency

According to its definition (2), the radiation efficiency, observed in Figs. 4.3a and 4.4a,

depends only on the radiated and surface-wave powers. Therefore, it may be completely

explained from the radiated and surface-wave powers, which were presented in Secs. 4.4.1

and 4.4.2 and plotted in Figs. 4.3c–4.3d and 4.4c–4.4d. We shall thus explain here the

radiation efficiency behavior versus electrical length by comparing the relative amounts of

radiated and surface-wave powers. The reader is referred to Figs. 3a and 4a for the electric

length regions to be considered next.

Region A

At the lowest frequencies, just above DC, only one (grounded case) or two (ungrounded

case) surface waves propagate, and these waves carry only a very small fraction of the power.

The TM0 wave carries almost no power because its field is essentially (exactly at DC) cross-

polarized with the source dipole. For the ungrounded case, the TE0 mode is always co-

polarized with the source, but it is essentially (completely at DC) shorted by the ground due

to the extremely small (zero at DC) electrical thickness of the substrate. As result of the

very small surface-wave power, most of the energy radiates to free-space, and therefore the

radiation efficiency is very high.

Region B

As the electrical thickness increases towards the second cutoff frequency (TE0 for the

grounded case, TE1 and TM1 for the ungrounded case), the efficiency decreases monotonically,
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due to increased coupling to the surface waves. For the grounded case, this decrease is

relatively slow whereas for the ungrounded case it is quite abrupt. The reason for this

difference is the fact that the TE0 mode (always perfectly co-polarized with the source),

propagating only in the ungrounded case, is now less shorted than in Region A due to the

increased electrical thickness of the substrate.

Region C

As the electrical thickness is further increased close the second cutoff frequency, the

surface-wave and radiated powers both increase, but the increase rate of the latter exceeds

that of the former, due to the radiated power maximum. Consequently, the radiation effi-

ciency reaches a local maximum at this point.

Region D

Just above the second cutoff frequency, the onset of additional surface-wave modes in-

creases the surface-wave power, and hence reduces the radiated power, which decreases the

radiation efficiency.

Region E

For the grounded substrate, the radiation efficiency reaches zero at the TM1 cutoff fre-

quency, while for the ungrounded substrate, it only becomes minimum, due to corresponding

radiated powers.

Region F

Next, the radiation efficiency increases towards a next local maximum, due to a high

increase rate in the radiated power.

Region G

The radiation efficiency reaches then its second maximum at the TE1 cutoff for the

grounded case and at the TE2-TM2 cutoff for the ungrounded case.

Region H

The radiation efficiency keeps varying according to the cycle of Regions D to G, although

it is progressively decreasing on average due to the increased number of propagating surface

waves.



100

Note that the radiation efficiency maxima are smaller in the ungrounded case, due to the

existence of a larger number of surface waves.

4.5 Half-wavelength Dipole Antenna Extension

The previous two sections considered the theoretical case of an infinitesimal horizontal

dipole radiator for simplicity. The question now is whether the results obtained for this

infinitesimal dipole radiator hold in the case of a practical planar antenna.

The main planar antennas are patch antennas, planar dipole antennas and planar traveling-

wave antennas. Patch antennas do not work on electrically thick substrates [78] because,

being cavity-type structures, they loose resonance when higher-order modes start to be ex-

cited [112]. Traveling-wave antennas are much more complex and less common, and they

therefore are not considered in this paper. The remaining type, to be considered, is then the

planar dipole antenna type.

From the fact that the radiation from a real (finite-size) dipole antenna is equivalent to

the superposition of the radiation contributions from infinitesimal dipole elements distributed

in an array along the extent of the real dipole, it may be anticipated that the results obtained

in the previous two sections for a single infinitesimal dipole should, at least qualitatively, hold

for the real dipole case.

Figure 4.8 compares the radiation efficiency behaviors of the infinitesimal dipole and a

half-wavelength dipole on the grounded substrate (Fig. 4.8a) and on the ungrounded substrate

(Fig. 4.8b), respectively. The efficiency of the half-wavelength dipole is computed from the

method of moments engine of the Advanced Design System (ADS) software. The comparison

confirms the expectation of the previous paragraph: the behavior of the dipole antenna

radiation efficiency is qualitatively similar to that of the infinitesimal dipole.

4.6 Solutions to the Low Radiation Efficiency Issue

Let us now examine possible solutions to enhance the efficiency of a dipole antenna on

an electrically thick substrate with a given permittivity and thickness. Consider the most

unfavorable situation where the electrical thicknesses at the specified frequency corresponds

to minimal efficiency (little or no radiation) (see Figs. 4.3a and 4.4a). As pointed out in

Sec. 4.2, this situation may frequently occur in millimeter-wave and terahertz antennas,

where a reasonably thick substrate for sufficient rigidity typically entails the propagation of

several surface waves [107]. In this case, we have for the grounded substrate d/λcutoffeff = 0.5,

meaning that a TM-PEC condition is seen at z = 0, while for an ungrounded substrate

minimal efficiency occurs at about d/λ0 = 0.35, between two cutoff frequency pairs.
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Figure 4.8 Comparison of the radiation efficiency behaviors of the infinitesimal dipole and
the half-wavelength dipole on the grounded and ungrounded substrates, computed from the
Green function analysis and from full-wave simulation, respectively. (a) Grounded substrate.
(b) Ungrounded substrate.
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4.6.1 Enhancement Principle

The efficiency enhancement presented here is based on manipulating the boundaries at

z = 0, so that the substrate dipole Jsub interferes constructively with the source dipole Js at

the desired electrical thickness. In other words, as shown in Sec. 4.4, the input impedance

of the transmission-line equivalent circuit at the air-dielectric interface controls the positions

of the maxima and minima of the radiation efficiency. The maximal and minimal efficiencies

are achieved when the air-dielectric interface behaves as a PMC plane and PEC boundary

plane, respectively. Therefore, in order to maximize a minimum of the radiation efficacy, the

air-dielectric PEC has to be transformed to a PMC. For this purpose, one needs to replace

the PEC boundary at z = −d by a PMC which transforms the boundary at z = 0 from a

PEC to a PMC.

Although a PMC boundary does not exist naturally, it can be realized artificially [53,

52, 50, 113]. In the following, two efficiency enhancement PMC boundary realizations, a

quarter-wavelength grounded dielectric slab and an electromagnetic bandgap grounded slab,

depicted in Figs. 4.9 and 4.12, respectively, are presented and compared. Since both of the

PMC boundaries possess a PEC ground plane, they are not practical for the ungrounded

substrate case. Therefore, in the following the efficiency enhancement is only examined for

the grounded substrate case (Fig. 4.1a).

4.6.2 Enhancement Solutions

Quarter-Wavelength Grounded Dielectric Slab

The quarter-wavelength grounded dielectric slab was introduced in [53], and the detailed

descriptions of Sec. 4.4.1 straightforwardly apply to it. The PMC condition is achieved at

the air-dielectric interface at the frequency corresponding to dPMC/λ0 = 1/(4
√

εr, PMC − 1),

where εr, PMC and dPMC are the permittivity and the thickness of the dielectric slab, respec-

tively (Fig. 4.9b).

In order to remedy the aforementioned minimal radiation efficiency issue, such a quarter-

wavelength grounded dielectric slab PMC (Fig. 4.9b) is added at the bottom of the original

slab (Fig. 4.9a) so as to form a two-layer configuration (Fig. 4.9c). A PMC is then seen at

z = 0, at the frequency corresponding to dPMC/λ0 = 1/(4
√

εr, PMC − 1).

The substrate of the additional layer could be chosen the same as the original substrate.

This corresponds to increasing the thickness of the original substrate (µ0, εd) by a thickness

λcutoffeff /4, which will shift the maxima of the original substrate toward the lower frequencies.

In the case of technological constraints regarding the acceptable thickness of overall antenna,

the additional PMC substrate could be realized under the form of a thin high-permittivity
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grounded layer. It should be noted that this method is practical only in the cases where

the original substrate would be constrained to be fixed, due to design limitations (such as

in millimeter-wave and terahertz antennas), and could not be substituted by a thinner or

lower-permittivity substrate. The following provides an example of efficiency enhancement

corresponding to the latter case.

In order to generate a PMC at z = 0, one now needs to add at the bottom of the original

substrate another substrate providing there a PMC. This may be achieved by a dielectric slab

with εr, PMC = 10.2 (RT/duroid 6010) and dPMC = 1 mm. Fig. 4.10 compares the efficiencies

of the original and PMC grounded dielectric substrates, where it is seen that the minimum

efficiency of the original structure has become maximal.

Electromagnetic Bandgap Grounded Slab

Electromagnetic bandgap (EBG) structures may act as PMC boundaries at their resonant

frequency. These structures have been used for the gain enhancement of electrically thin

planar antennas [114]. However, in electrically thin antennas the EBG is in the near-field of

the patch or dipole radiator and therefore behaves more as parasitic scattering surface than

as a real (homogeneous) PMC, which requires extensive full-wave optimization and may alter

the radiation pattern.

Here, an EBG structure similar to the one proposed in [52] (shown in Fig. 4.12) is used for

the realization of the PMC boundary, and the PEC plane of the original substrate (Fig. 4.12

is replaced by the EBG-PMC structure (Fig. 4.12b) so as to form the configuration shown in

Fig. 4.12c.

Similar to the previous method, this method of enhancement is useful in antenna systems

where design constraints, fabrication limitations or mechanical rigidity requirements prevent

the substitution of the original electrically thick substrate by an electrically thin one.

In contrast to the case EBG utilizations reported in works such as [114], the EBG structure

here is in the far-field of the dipole, since the antenna is operated at frequencies where the

substrate is electrically thick. Therefore, the EBG is essentially seen by the dipole as a

uniform PMC surface, immune of parasitic effects and operating as predicted from plane

wave incidence analysis.

The advantage of the EBG-PMC method to the quarter-wavelength-dielectric-PMC is

that it can be realized by thin-film deposition followed by metal deposition at the back of the

substrate, which does represent a significant thickness increase with respect to the original

antenna. However, the EBG approach entails higher loss and lower bandwidth, as will be

shown in the forthcoming example.

In order to satisfy the PMC condition at d/λcutoffeff = 0.5, an EBG structure is designed
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Figure 4.9 Quarter-wavelength grounded dielectric PMC boundary configuration for the en-
hancement of the radiation efficiency at the minima of the radiation efficiency of the original
grounded substrate (Fig. 4.3a). (a) Original grounded substrate. (b) Quarter-wavelength
dielectric PMC boundary structure. (c) Substituting the PEC ground plane of the grounded
substrate by the quarter-wavelength PMC structure.
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on a dielectric with εr, PMC = 10.2 (RT/duroid 6010) and dPMC = 0.254 mm. To confirm the

PMC frequency of the EBG, the phases of the waves reflected from a PEC plane and the

EBG structure are compared. The frequency where the phase difference between the two

reflected fields is 180◦ is the PMC frequency of the EBG structure. Figure 4.11 shows the

full-wave simulation results for the differential unwrapped phase between the reflected fields

from a PEC plane and the EBG structure. It is seen that the phase difference of is 180◦ is

achieved at d/λcutoffeff = 0.5, corresponding to the PMC frequency.
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Figure 4.11 Full-wave HFSS simulation results for the differential unwrapped phase between
the reflected fields from a PEC plane and the EBG structure.

Figure 4.13 compares the efficiencies of the original and EBG-PMC grounded substrates.

It is seen that by using PMC, the minimum efficiency in the original substrate becomes

maximal.

4.7 Conclusions

The radiation efficiency response of an infinitesimal horizontal electric dipole on grounded

and ungrounded substrates versus the substrate electrical thickness up to thicknesses beyond

the wavelength has been analyzed. To simplify the explanation of the non-monotonically

decaying response of the efficiency, a substrate dipole approach has been introduced, which

reduces the actual structure to an equivalent source dipole composed of the original dipole

and the substrate dipole radiating into free space. It has next been shown that the efficiency

response of a half-wavelength dipole printed on grounded and ungrounded substrate is es-

sentially similar to that of the infinitesimal dipole. Finally, two solutions for enhancing the

efficiency at electrical thicknesses where the efficiency is minimal have been compared. This

study provides guidelines for the efficient design of millimeter-wave and terahertz antennas
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whose substrates tend to be inherently electrically thick.
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CHAPTER 5

EFFECT OF SUBSTRATE ANISOTROPY ON RADIATION EFFICIENCY

5.1 Abstract

The effect of substrate anisotropy on radiation efficiency behavior of a horizontal elec-

tric dipole printed on an electrically thick substrate is studied. To simplify the analysis,

first, various cases of non-dispersive anisotropic substrates are analyzed and the appropriate

anisotropy for the highest level of efficiency with the smoothest variations is chosen. Next,

a mushroom-type artificial substrate which has the desired anisotropy for the efficiency en-

hancement behavior is studied. This substrate is uniaxially anisotropic with Drude-dispersive

permittivity along the axis of the wires and Lorentz-dispersive permeability along the per-

pendicular axis to the loops between the two adjacent mushrooms. The results provide

fundamental and useful guidelines for the design of high-efficiency antennas.

5.2 Introduction

In Chapter 4, the radiation efficiency behavior of a horizontal electric dipole printed

on an electrically thick conventional isotropic substrate was analyzed. The reasons for the

oscillatory behavior of the efficiency versus the electrical thickness and the TE/TM surface-

wave modes cutoffs coincidence with the maxima/minima of the radiation efficiency, were

discussed.

As explained in Chapter 1, substrate anisotropy can be employed in engineering novel in-

teresting applications which may not be achieved by using isotropic substrates. For instance,

Chapter 3 demonstrated how the substrate anisotropy is able to enhance and control the

radiation properties of the substrate leaky-wave modes excited by a vertical electric dipole.

The goal of this chapter is to study and discuss the effect of substrate anisotropy on the

radiation efficiency of a horizontal electric dipole printed on a grounded substrate. To this

end, we will benefit from the knowledge obtained in Chapter 4 about the radiation efficiency

behavior of a horizontal dipole for the simpler case of an isotropic substrate. Furthermore, we

assume that the anisotropy of the substrate is uniaxial and similar to the substrate discussed

in Chapter 3 [Eq. (3.1)].

In Sec. 5.3, to simplify the study, we start from the analysis of various non-dispersive uni-

axially anisotropic substrates and show how the anisotropy governs the efficiency behavior of
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the dipole. Afterwards, in Sec. 5.4, we extend the study to the more complicated case of arti-

ficial anisotropic substrates with dispersive Drude permittivity along the axis perpendicular

to the substrate and with Lorentz permeability in the plane of the substrate. This substrate

is in the form of the dispersive anisotropic substrate of Chapter 3 [Eqs. (3.2) and (3.3)],

which may be practically realized by a mushroom-type artificial magneto-dielectric substrate

[50, 49, 48], where the Drude dispersive permittivity models the wires and the Lorentz dis-

persive permeability models the rings between adjacent mushrooms.

5.2.1 Radiation Efficiency Computation

Figure 5.1a illustrates the anisotropic grounded substrate with the permittivity and per-

meability tensors ¯̄ε and ¯̄µ, respectively, in the form of

¯̄ε =







ερ 0 0

0 ερ 0

0 0 εz






, (5.1a)

¯̄µ =







µρ 0 0

0 µρ 0

0 0 µz






, (5.1b)

excited by an infinitesimal electric dipole along the x axis, Jx.

Similar to Chapter 4, it is assumed that the substrate shown in Fig. 5.1a is loss-less, and

that the only source of loss in the system is the energy trapped by the surface-wave modes

in the substrate. Therefore, the radiation efficiency η can be calculated from the radiated

power Prad and surface-wave power Psw using the following equation [77, 78, 79]

η =
Prad

Prad + Psw

, (5.2)

where Prad and Psw are calculated from the radiated and surface-wave time-averaged Poynting

vectors, Sr,av and Ssw,av, respectively, and read

Prad =

∫ 2π

0

∫ π/2

0

Srad,av.r̂r
2 sin θ dθ dφ, (5.3a)

Psw =

∫ 2π

0

∫ ∞

−d

Ssw,av.ρ̂ρ dz dφ, (5.3b)

where d is the thickness of the substrate and Prad and Psw are obtained by integration over
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the half sphere in free space above the antenna and by integration over a cylinder extending

from the ground plane through the substrate to infinity above the antenna, respectively.

To compute the radiated and surface-wave time-averaged Poynting vectors, Srad/sw,av =
1
2
Re[E × H∗], the far-field electric and magnetic fields E and H, respectively, should be

calculated. For this purpose, the spectral-domain transmission-line modeling of the horizontal

infinitesimal electrical dipole placed at the air-dielectric interface of the substrate [75, 109] is

employed, which is shown in Fig. 5.1b. In this approach, the spatial domain far-field electric

fields radiated by an infinitesimal dipole along the x axis, E(x, y, z), is calculated from the

spatial domain magnetic vector potentials GA(x, y, z) as follows

E(x, y, z) = −jωGA(x, y, z) · x, (5.4)

and the corresponding magnetic fields are obtained via the Maxwell equations. The Sommer-

feld choice for vector potential Green functions leads to ¯̄GA = (xGxx
A + zGzx

A )x, where Gxx
A

and Gzx
A are the x and z potential Green function components, respectively, due to J̃x [76].

The spatial domain vector potential Green functions Gxx
A and Gzx

A are calculated by the in-

verse Fourier transformation of the spectral domain vector potential Green functions G̃xx
A and

G̃zx
A , respectively, that are related to the transmission line model of the grounded substrate

as follows

G̃xx
A =

1

jω
Ṽ TEz , (5.5a)

G̃zx
A =

µρ

jky

(

kxky
k2ρ

ĨTMz − kxky
k2ρ

ĨTEz

)

, (5.5b)

where Ṽ TEz , ĨTEz and ĨTMz are the spectral-domain voltage and current for the TEz modes

and the spectral-domain current for the TMz modes, while kx, and ky are the wave numbers

along the x and y axes and kρ
2 = kx

2 + ky
2 is the square of the transverse wave number,

with kTMz
ρ

2
+ kTMz

z
2
= ω2µρεz = kTMz

2
and kTEz

ρ
2
+ kTEz

z
2
= ω2µzερ = kTEz

2
where kTMz ,TEz

z

is the longitudinal wave number and kTMz ,TEz is the wave number for the TMz/TEz modes,

respectively.

The details of the spectral domain transmission-line modeling is provided in Appendix B

(particularly Sec. B.2 which is devoted to the horizontal dipole excitation), while Appendix E

presents the calculation of the radiation efficiency for a uniaxially anisotropic material with

the tensorial permittivity and permeability of (5.1).
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Figure 5.1 Uniaxially anisotropic grounded substrate excited by an infinitesimal horizontal
electric dipole. (a) Structure. (b) Transmission-line model.

5.3 Non-Dispersive Uniaxially Anisotropic Substrates

To simplify the analysis of the effects of substrate anisotropy on the radiation efficiency,

let us first analyze non-dispersive anisotropic substrates.

5.3.1 Definition of Various Cases of Study

To study the effect of anisotropy on the radiation efficiency, 5 different cases of uniaxially

anisotropic grounded substrate (Fig. 5.1a), with the constitutive tensorial parameters of (5.1),

are examined and compared. In order to make the comparison reasonable, the permittivity

and permeability of each case are chosen so that at each frequency, all the 5 substrate cases
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possess equal effective electrical dimensions with respect to the effective electrical wavelength

λeff =
2π

kTMz ,TEz
. (5.6)

Since kTMz
2
/ω2 = µρεz and k

TEz
2
/ω2 = µzερ, in order to get equal effective electrical dimen-

sions for the TEz and TMz modes at any fixed frequency, one should choose µρεz = µzερ =

nµ0ε0, where n is the square of the TMz and TEz refractive indices.

The cases under study are summarized in Table 5.1. As seen in the table, case 1 has

the properties of an isotropic substrate, while the cases 2-5 are uniaxially anisotropic. The

value of n = 6.15 and the thickness of the substrate d = 2.5 mm are chosen so that case 1

reduces to the isotropic grounded substrate of Chapter 4. The values for the permittivity

and permeability tensors elements of the cases are defined so that they present high and low

values for the ratios µρ/µz and ερ/εz.

Table 5.1 Various uniaxially anisotropic substrate cases (µρεz = µzερ = nµ0ε0), with
d = 2.5 mm and n = 6.15.

case µρ/µ0 εz/ε0 µz/µ0 ερ/ε0 µρ/µz ερ/εz
case 1 (conventional isotropic) 1 n 1 n 1 1
case 2 (anisotropic) 1 n

√
n/2 2

√
n 2/

√
n 2/

√
n

case 3 (anisotropic) 1 n 2
√
n

√
n/2 1/(2

√
n) 1/(2

√
n)

case 4 (anisotropic)
√
n/2 2

√
n 1 n

√
n/2

√
n/2

case 5 (anisotropic) 2
√
n

√
n/2 1 n 2

√
n 2

√
n

5.3.2 Results and Discussion

Figures 5.2a, 5.3a, 5.4a, 5.5a, and 5.6a illustrate the radiation efficiency of the substrate

cases 1, 2, 3, 4 and 5, respectively, versus the electrical thickness d/λ0, while Figs. 5.2b, 5.3b,

5.4b, 5.5b, and 5.6b present the TEz and TMz surface-wave modes for each case 1, 2, 3, 4

and 5, respectively. From these figures, the following observations can be made about the

radiation efficiency behavior of each grounded substrate case.

Oscillatory Radiation Efficiency Variations

Comparing the radiation efficiency and the corresponding surface-wave modes for each

case reveals that in all the anisotropic cases 2-4, the oscillatory behavior of the radiation

efficiency is preserved. The efficiency variations follow the same rule as in the isotropic

substrate case 1, which was thoroughly explained in Chapter 4. As seen in the figures, in all
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Figure 5.2 Response to an infinitesimal horizontal dipole on the isotropic grounded substrate
(Fig. 5.1a) of case 1 versus the electrical thickness of the substrate. (a) Radiation efficiency
[Eq. (5.2)]. (b) TMz and TEz surface modes.

the cases, the efficiency maxima/minima occur at the TEz/TMz modes cutoffs, respectively.

However, in case 5 (Fig 5.6a), as opposed to the other cases, the efficiency does not increase

uniformly towards its maxima at the TEz cutoffs. The following discussion addresses this

feature of the anisotropic substrate case 5.

Figure 5.7b compares the radiated power for the cases 1-5. In this figure, it is evident that

as opposed to the cases 1-4, the radiated power in case 5 does not increase uniformly towards

its maxima at the TEz cutoffs. Based on this figure, it is concluded that the non-uniform

increase of the efficiency close to the maxima are related to the radiated power behavior

and not the surface-wave powers. Therefore, the rest of the analysis is concentrated on the

radiated power behavior.

As explained in Sec. 5.2.1, the radiated power is controlled by the spectral domain vector

potentials G̃xx
A and G̃zx

A through equations (5.5a) and (5.5b). Let us now compare G̃xx
A and

G̃zx
A variations for the cases 1 and 5. Figures 5.8a and 5.8b show G̃xx

A and G̃zx
A for the case

1, respectively, versus the electrical thickness d/λ0 and the angle of radiation θ from the z

axis, while Figs. 5.9a and 5.9b are for G̃xx
A and G̃zx

A of case 5, respectively. To simplify the
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Figure 5.3 Response to an infinitesimal horizontal dipole on the uniaxially anisotropic
grounded substrate (Fig. 5.1a) of case 2 versus the electrical thickness of the substrate.
(a) Radiation efficiency [Eq. (5.2)]. (b) TMz and TEz surface modes.

comparison and in order to only focus on the values whose contribution in the radiated power

is strong, all the figures are limited to −21 < log
(∣

∣

∣
G̃xx,zx

A

∣

∣

∣

)

< 0. Figure. 5.8 demonstrates

that in the isotropic substrate of case 1, the radiation at low frequencies close to DC is

mostly due to G̃zx
A or the Ez component contribution. However, as the electrical thickness

increases, G̃zx
A decreases rapidly. Therefore, after the second surface-wave mode cutoff (TE0),

the maxima/minima of the radiated power are only controlled by the maxia/minia of G̃xx
A or

the Ex component through V TEz of the transmission-lime model (Fig. 5.1b), which occur at

TEz/TMz modes cutoffs, respectively (see Chapter 4). However, this is not the case for the

anisotropic substrate of case 5 shown in Fig. 5.9. For this case, the contribution of G̃zx
A to the

radiated power, which is oscillatory due to the variations of ITMz − ITEz of the transmission-

line model (Fig. 5.1b), is not ignorable as compared to G̃xx
A . Consequently, in case 5, the

radiated power and therefore the radiation efficiency is affected by the maxima/minima of

both G̃xx
A and G̃zx

A .

Let us take an example of the case 5, such as the frequency band between the TM1

(d/λ0 = 0.1) and TM2 (d/λ0 = 0.2) cutoffs. At the TM1 cutoff, both G̃xx
A and G̃zx

A are
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Figure 5.4 Response to an infinitesimal horizontal dipole on the uniaxially anisotropic
grounded substrate (Fig. 5.1a) of case 3 versus the electrical thickness of the substrate.
(a) Radiation efficiency [Eq. (5.2)]. (b) TMz and TEz surface modes.

minimum, corresponding to a minimum in the radiated power. As the frequency increases,

the contribution of G̃zx
A and consequently the radiated power start to increase towards its

maximum at d/λ0 = 0.13. After this point, G̃zx
A starts to decrease again and therefore the

radiated power decreases as well. However, as the contribution of G̃xx
A increases towards

its maximum at the TE1 cutoff corresponding to d/λ0 = 0.15, the radiated power starts to

increase. In addition, G̃zx
A starts to increase again towards its next maximum at d/λ0 = 0.16.

Therefore, the combined effect of the increase in G̃xx
A and G̃zx

A leads to a maximum radiated

power at d/λ0 = 0.16. After this electrical thickness, both G̃xx
A and G̃zx

A and therefore the

radiated power decrease towards to next cutoff, TM2 at d/λ0 = 0.2. The same behavior

repeats as the electrical thickness increases.

The reasons for which G̃zx
A is stronger in the anisotropic substrate case 5 as compared to

the isotropic substrate case 1 lies in the fact that G̃zx
A is directly proportional to µρ [Eq. 5.5b]

which has a large value for the case 5 as compared to the other cases including the case 1.

As a proof to this explanation, Fig. 5.10 plots G̃zx
A /(µρ/µ0) from (5.5b), and shows that by

removing the factor µρ in G̃zx
A , the contribution of G̃zx

A decreases dramatically, specially for
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Figure 5.5 Response to an infinitesimal horizontal dipole on the uniaxially anisotropic
grounded substrate (Fig. 5.1a) of case 4 versus the electrical thickness of the substrate.
(a) Radiation efficiency [Eq. (5.2)]. (b) TMz and TEz surface modes.

high electrical thicknesses. This results reveal that for a horizontal electric current excitation,

µρ plays an important rule in controlling the amplitude of the electric field along the z axis,

Ez, and therefore the radiated power and the radiated efficiency.

Number of Surface-Wave Modes

According to the surface-wave modes graphs for the different substrates of cases 1-5,

demonstrated in Figs .5.2b, .5.3b, .5.4b, .5.5b, and .5.6b, the number of surface-wave modes

in a fixed frequency range is not the same for the different cases. Particularly, case 3 and

case 5 with 2 and 8 surface modes, respectively, possess the least and most numbers of

surface-wave modes as compared to the other cases.

In Chapter 4 it was shown that the input impedance ZTMz ,TEz

in for the TEz and TMz of the

substrates transmission models, shown in Fig. 5.1b, defines the position of the surface-wave

cutoffs. As shown in Appendix B, ZTMz ,TEz

in reads

ZTMz ,TEz

in = ZTMz ,TEz

c tan
(

βTMz ,TEzd
)

(5.7)
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Figure 5.6 Response to an infinitesimal horizontal dipole on the uniaxially anisotropic
grounded substrate (Fig. 5.1a) of case 5 versus the electrical thickness of the substrate.
(a) Radiation efficiency [Eq. (5.2)]. (b) TMz and TEz surface modes.

where ZTMz ,TEz
c is the characteristic impedance and βTMz ,TEz is the propagation constant of

the anisotropic material for the TEz and TMz modes expressed as

ZTMz

c = kTMz

z /(ωερ)
√

ερ/εz, (5.8a)

βTMz =
√

ερ/εzk
TMz

z , (5.8b)

and

ZTEz

c = ωµz/k
TEz

z

√

µρ/µz, (5.9a)

βTEz =
√

µρ/µzk
TEz

z . (5.9b)

As demonstrated in Chapter 4, at the TMz cutoffs ZTMz

in = 0 and therefore from (5.7)

βTMz ,cutoffd = (2m− 1)π/2 (m ∈ N), while at the TEz cutoffs ZTEz

in = ∞, which corresponds
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Figure 5.7 Comparison between the radiation efficiency behaviors and radiated powers for
the grounded substrates of cases 1-5. (a) Radiation efficiency η. (b) Radiated power Prad.

to βTEz ,cutoffd = (m− 1)π. Therefore, from (5.8b) and (5.9b), it is concluded that the cutoffs

of the TMz and TEz modes occur at kTMz ,cutoff
z d =

√

εz/ερ(2m − 1)π/2 and kTEz ,cutoff
z d =

√

µz/µρ(m− 1)π, where kTMz ,TEz
z is inversely proportional to the effective wavelength along

the z axis. As a result, the position of the TMz and TEz cutoffs are controlled by the ratios
√

ερ/εz and
√

µρ/µz, respectively. The larger these ratios are, the closer the cutoffs of the

TMz and TEz cutoffs will be and vice versa. As shown in Table 5.1, the smallest
√

ερ/εz and
√

µρ/µz belong to the case 3 while the largest ratios are related to the case 5. Consequently,

in a fixed frequency range, case 3 and 5 have the smallest and the largest number of the

surface-wave modes, as compared to the other cases.

Comparison between the Radiation Efficiencies of All the Cases

Figure 5.7a compares the efficiency behavior versus the electrical thickness of the cases

1-5. It shows that the efficiency variations of the anisotropic substrates of cases 3 and 5

deviate immensely from the radiation efficiency of the other cases 1,2 and 4, where the case 3

has the smoothest efficiency variations with a wider frequency range for which the efficiency
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Figure 5.8 Spectral domain Green functions G̃xx
A and G̃zx

A for the isotropic substrate of case

1, limited in the range of −21 < log
(∣

∣

∣G̃
xx,zx
A

∣

∣

∣

)

< 0. (a) G̃xx
A . (b) G̃xx

A .

is relatively high, while case 5 has the sharpest oscillations and the lowest level of efficiency.

This phenomenon can be explained by considering the number of the excited modes in

each case and in a fixed frequency range, as discussed above. For example, in case 3 with

the least number of surface-wave modes, the second surface-wave mode (TE0) occurs much

farther from the previous TM0 mode as compared to the other cases. Therefore, the efficiency

varies smoothly towards its maximum at the TE0 cutoff, and in a wider frequency range the

efficiency remains close to its maximum level. Moreover, since the number of surface-wave

modes and therefore the surface-wave power are less than for the other cases, its maximum

level is higher with respect to the other cases. In contrast, for case 5, since in a fixed

frequency range the number of surface-wave modes is larger, the efficiency varies rapidly

from a maximum at the TEz cutoff to a minimum at the TMz cutoff. In addition, since the

number of surface-wave modes is more and therefore the surface-wave power is sronger than

in the other cases, the level of the radiation efficiency is lower than cases 1-4.

Based on the above results and discussion, it is concluded that substrates with lower ratios
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Figure 5.9 Spectral domain Green functions G̃xx
A and G̃zx

A for the anisotropic substrate of case
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Figure 5.10 G̃zx
A /(µρ/µ0), limited in the range of −21 < log

(∣

∣

∣G̃
xx,zx
A

∣

∣

∣

)

< 0.

√

µρ/µz and
√

ερ/εz, and therefore a lower number of surface-wave modes, have a smoother

variation of the efficiency with a higher level, which is desired in many communication ap-

plications.
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5.4 Dispersive Anisotropic Substrate

In the previous section it was demonstrated that for the uniaxially anisotropic substrate,

lowering the ratios
√

µρ/µz and
√

ερ/εz results in achieving high radiation efficiency level

with smoother variations. Such a substrate may be engineered artificially and therefore,

as opposed to the anisotropic substrates of cases 2-5 studied in the previous section, the

artificial anisotropic substrate will possess dispersive constitutive parameters. In the following

section, an artificial substrate which can satisfy a relatively low
√

µρ/µz condition in a large

frequency bandwidth, and therefore a high-level radiation efficiency with smooth variations

is demonstrated and discussed.

5.4.1 Dispersive Material Definition

The discussions of Chapters 1 and 3 show that the artificial anisotropic mushroom-type

magneto-dielectric substrate may be a good candidate to satisfy the condition of low
√

µρ/µz.

In this structure, and in the electrical thicknesses where the mushroom-type structure wires

are electrically short or densely packed [48], the effective permittivity along the axis of wires

z, εz, may be modeled by the electric local Drude dispersion expression [12]

εz
ε0

= εr

[

1− ωpe
2

ω2 − jωζe

]

, (5.10)

where εr is the host medium permittivity, ωpe is the electric plasma frequency and ζe is the

damping factor of the structure. However, the permittivity in the ρ plane, ερ remains equal

to the permittivity of the host medium εr. In addition, the effective permeability in the xy

plane, µρ, may be modeled by the magnetic Lorentz dispersion relation [30]

µρ

µ0

= 1− Fω2

(ω2 − ωm0
2)− jωζm

= 1− Fω2

[ω2 − ωpm
2(1− F )]− jωζm

,

(5.11)

where F is a factor related to the geometry of the current loops, ωm0 is the resonant frequency

of these loops, ωpm is the plasma frequency and ζm is the damping factor of the structure.

However, the permeability along the z axis remains similar to the one of the host medium

µ0.

As it is expressed in (5.11) and seen in Fig. 5.11, as the frequency increases above the

Lorentz-permeability magnetic plasma frequency ωpm, the permittivity tends to 1 − F <

1. Since in this structure µz/µ0 = 1, in the frequency bands above the plasma frequency
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µρ/µz < 1 which is desired for a high efficiency with smooth variations. Unfortunately, in

this structure, as expressed in (5.10) and shown in Fig. 5.11, the condition of low
√

ερ/εz

cannot be satisfied, since after the electric plasma frequency εz < ερ = εrε0. However, the

next section shows that only the low µρ/µz < 1 is enough to immensely enhance the efficiency.

0 0.05 0.1 0.15 0.2 0.25 0.3 0.35
−2

0
0.56

1
2

4

6.15

0 0.01 0.02 0.03 0.04 0.05
−2

0
0.56

1
2

4

6.15
εz/ε0

εz/ε0

µρ/µ0

µρ/µ0

d/λ0

d/λ0

ε z
/ε

0
,
µ
ρ
/µ

0
ε z
/ε

0
,
µ
ρ
/µ

0

ωpe = ωpm

Figure 5.11 Drude permittivity along the z axis, εz, and Lorentz permeability in the ρ plane
µρ of the dispersive uniaxially anisotropic substrate with εr = 6.15, ζe = 0, F = 0.56, ζm = 0,
and ωpe = ωpm = 1 GHz.

5.4.2 Results

Figures 5.12a and 5.12b show the efficiency and the surface-wave modes, respectively, for

the dispersive anisotropic artificial dielectric with the parameters of Fig. 5.11, while Fig. 5.13

compares its efficiency with the one of the host medium without any implants which is similar

to the isotropic substrate of case 1 in Sec. 5.3. According to Fig. 5.12b, due to the low
√

µρ/µz,

the substrate only supports two surface-wave modes in a wide frequency range. Therefore,

as shown in Fig. 5.12a the efficiency has smooth-variations and high-level efficiency below

the cutoff of the TE0 mode. As this mode starts to propagate, the radiation efficiency drops
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abruptly due to the corresponding surface-wave power of the TE0 mode which is strongly

coupled to the horizontal source.

Figure 5.13 demonstrates that the radiation efficiency performance of the Drude-permittivity

and Lorentz-permeability uniaxially anisotropic substrate is significantly enhanced as com-

pared to the isotropic case 1.
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Figure 5.12 Response to an infinitesimal horizontal dipole on the dispersive uniaxially
anisotropic grounded substrate (Fig. 5.1a) versus the electrical thickness of the substrate.
(a) Radiation efficiency [Eq. (5.2)]. (b) TMz and TEz surface modes.

5.5 Conclusions

The radiation efficiency behavior of a horizontal electric dipole on an electrically thick

uniaxially anisotropic substrate was studied. To analyze the effect of anisotropy on the radi-

ation efficiency, first, different non-dispersive uniaxially anisotropic substrate cases were con-

sidered. The best type of anisotropy which leads to a high-level smooth-variations efficiency

was chosen and discussed. Afterwards, a mushroom-type uniaxially anisotropic artificial

substrate with Drude-dispersive permittivity along the axis of wires and Lorentz-dispersive

permeability along the perpendicular axis to the loop between the two adjacent mushrooms
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Figure 5.13 Comparison between the radiation efficiency behaviors of the isotropic grounded
(case 1) and the dispersive anisotropic substrates.

was considered. This substrate has the potential of providing the desired anisotropy for an

enhanced efficiency. This work offers fundamental guidelines which may be helpful in the

design of high-efficiency antennas.
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CHAPTER 6

GENERAL DISCUSSION

As explained in Chapter 1, anisotropic artificial substrates possess several qualities and

offer important properties such as:

1. Artificial substrates have the potential of providing electromagnetic properties that are

not readily available in nature.

2. The effective electromagnetic properties of artificial substrates can be controlled by

engineering the characteristics of the implants in the substrates. Consequently, specific

substrates can be designed for specific applications.

3. As opposed to isotropic substrates, the properties of anisotropic substrates are different

in different directions, and as a result, the electromagnetic wave interacts with the

material differently in the different directions.

4. The anisotropy of anisotropic artificial substrates can be controlled in the different

directions by controlling the properties of the implants.

As a result of the mentioned properties, artificial substrates provide several unique char-

acteristics and also significant degrees of freedom in the design of microwave devices which

may lead to novel applications.

This thesis is motivated by the following main factors:

1. Lack of sufficient analysis on anisotropic properties of the artificial substrates is evident

in the literature.

2. Potentially, novel microwave applications and devices may be enabled by rigorously

analyzing and also exploring anisotropic properties of the artificial substrates, with all

their unique characteristics and benefits as explained above.

As a consequence of the above mentioned motivations, the objectives of the thesis are

focus on the following aspects:

1. Electromagnetic analysis of the properties of anisotropic artificial substrates.

2. Investigation of the novel microwave applications of anisotropic artificial substrates.

Along the path towards achieving the goals of the thesis and in order to acquire the

basic knowledge to study anisotropic artificial substrates, it may be beneficial to pursue the

following methodology:
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1. It is favorable to first better understand the cases of well-known natural anisotropic

substrates such as ferrimagnetic materials, where for these anisotropic materials, con-

crete sets of studies and analysis methods are already available in the literature. This

approach may in turn lead to interesting applications.

2. To study some of the applications of the artificial anisotropic materials, it is required

to first study some dark zones in the literature about the explanation and analysis of

some specific phenomena which occurs in the isotropic (conventional) substrates.

To address the objectives of the thesis, and based on the methodology mentioned above,

some basic problems such as realization of fundamental boundary conditions, analysis and

realization of special leaky-wave antennas and analysis and explanation of the radiation effi-

ciency behavior of planar antennas on isotropic and anisotropic electrically thick substrates,

are studied. To tackle these problems, various electromagnetic analysis methods, such as em-

ploying generalized scattering matrix (GSM) and spectral domain transmission-line modeling

based on multilayered Green functions are chosen.

The thesis starts with the exploration of the unique properties of the natural anisotropic

ferrimagnetic materials for the purpose of obtaining the basic available knowledge in the lit-

erature about anisotropic materials. This effort is directed towards the realization of the fun-

damental recently introduced concept of perfect electromagnetic conductor (PEMC). PEMC

is a generalized description of electromagnetic boundary conditions, including perfect electric

conductor (PEC) and perfect magnetic conductor. It has found an important place in elec-

tromagnetics and may enable many future applications in microwaves. However, the PEMC

boundaries had only been introduced theoretically and were not practically realized. This

thesis establishes the following contributions and advances regarding PEMC boundaries:

1. It introduces a practical implementation of generalized perfect electromagnetic conduc-

tor boundaries by exploiting the Faraday rotation principle and ground reflection in

the ferrite materials which are inherently anisotropic.

2. To our knowledge, it was the first reported practical approach for the realization of the

PEMC boundaries.

3. The grounded-ferrite PEMC boundary structure is rigorously analyzed by generalized

scattering matrix (GSM).

4. A tunable (transverse electromagnetic) TEM-waveguide application of grounded ferrite

PMC, which is a special case of the PEMC boundaries, is provided, along with its

experimental validation.

After obtaining basic knowledge about the natural anisotropic materials, we step towards

analyzing the more complicated case of artificial anisotropic materials, where there is not
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enough in-depth analysis available in the literature. For this purpose, a leaky-wave an-

tenna application of a special type of anisotropic magneto-dielectric material is proposed and

analyzed. Leaky-wave antennas perform as high directivity and frequency beam scanning

antennas and due to their properties they enable many applications in radar, point-to-point

communications and MIMO systems. The contributions of the thesis in the field of leaky-wave

antennas are as follow:

1. It provides a rigorous spectral domain transmission-line model based on dyadic Green

function analysis of a specific type of anisotropic magneto-dielectric substrates.

2. It presents a novel broadband and low beam squint two-dimensional leaky-wave antenna

application which is particularly appropriate for future applications in wide band point-

to-point communication and radar systems.

3. A comparison between the performance of isotropic (conventional) and artificial anisotropic

leaky-wave antennas clearly demonstrates that isotropic dielectric slabs do not perform

as an efficient leaky-wave antenna.

The accomplishments of the last project, such as acquired knowledge about uniaxially

anisotropic artificial magneto-dielectric materials and their radiating properties and also es-

tablishing a rigorous method for modeling and analyzing these materials, motivated us to

study another important electromagnetic problem which is related to the explanation of radi-

ation efficiency behavior of planar antennas on electrically thick substrates and also the effect

of anisotropy on the efficiency properties. Planar antennas have found many applications in

communication systems, however toward millimeter-wave and terahertz regime, their radia-

tion efficiency degrades due to the increase of the number of surface modes which carry part

of the energy in the substrate. Although the oscillatory behavior of the radiation efficiency

versus the electrical thickness was already known and reported in several publications, a clear

explanation of its reasons was not reported so far. The contributions of this thesis regarding

the issues of planar antennas on electrically thick substrates are as follow:

1. This project includes the interpretation and analysis of the radiation efficiency behavior

of a planar dipole antenna on electrically thick substrates.

2. For the analysis, a novel substrate-dipole method is introduced which simplifies the

problem by modelling the substrate and reducing the problem to an equivalent dipole

radiating in the free-space.

3. It provides two solutions for the efficiency enhancement at the electrical thickness where

the efficiency is minimal.

4. Finally, the effect of the anisotropy of the substrate on the efficiency behavior is studied
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and guidelines for designing an efficient planar antenna on anisotropic substrates are

provided.
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CHAPTER 7

CONCLUSIONS AND FUTURE WORKS

7.1 Conclusions

This thesis consists of selected articles related to the electromagnetic analysis and ex-

ploration of novel microwave applications of anisotropic artificial substrates and of natural

anisotropic and isotropic substrates, as initial steps to ease the understanding of the artificial

anisotropic substrates.

In the following, a summary of the contributions of the thesis based on its objectives,

which were discussed in Chapter 1, is presented.

Chapter 2 presents the first article entitled“Arbitrary Electromagnetic Conductor Bound-

aries Using Faraday Rotation in a Grounded Ferrite Slab”. In this article, for the first time,

a practical solution for the realization of the perfect electromagnetic conductor (PEMC)

boundary as a novel concept which exhibits interesting properties and a vast potential for

microwave applications has been presented. The realization method employs Faraday ro-

tation and ground reflection of a normally incident plane wave on a grounded ferrite slab.

A detailed description of the operation phenomenology of the structure and the exact elec-

tromagnetic analysis based on the generalized scattering matrix method has been provided.

The specific case of perfect magnetic conductor (PMC) has been experimentally validated

by using a tunable transverse electromagnetic (TEM) waveguide with grounded ferrite PMC

lateral walls.

Chapter 3 is dedicated to the article “Broadband and Low Beam Squint Leaky-Wave

Radiation from a Uniaxially Anisotropic Grounded Slab”. In this article, a broadband and

low beam squint anisotropic magneto-dielectric 2D leaky-wave antenna excited by a vertical

electric source has been presented. A spectral domain transmission line modelling of the

structure and its Green functions have been provided for the rigorous analysis of the structure.

A TMz dispersion analysis of the structure has been performed for Drude/Lorentz dispersive

anisotropic grounded slabs as well as for an isotropic non-dispersive grounded slab. The

analysis of the isotropic slab has shown that the pointing angle of the leaky-wave radiation

is limited to the endfire region which is suppressed by the inherent radiation null of the slab

at endfire. Therefore, the radiation is dominated by the space-wave which has low directivity

and is incapable of beam scanning. In contrast, the anisotropic grounded slab provides a

highly directive 2D leaky-wave radiation with high design flexibility. At its lower frequencies,
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it provides full-space conical-beam scanning while at higher frequencies, it provides fixed-

beam, low-beam squint radiation (at a designable angle). As a result, this antenna may be

appropriate for wide-band point-to-point communication and radar systems.

Chapter 4 presents the article entitled “Radiation Efficiency Issues in Planar Antennas

on Electrically Thick Substrates and Solutions”. In this article, the analysis of the non-

monotonically decaying behavior of the radiation efficiency of an infinitesimal horizontal

electric dipole on grounded and ungrounded substrates versus the substrate electrical thick-

ness has been presented. To simplify the interpretation of the response of the efficiency, a

substrate dipole has been introduced which models the substrate and the ground plane (if

present). The substrate dipole reduces the actual structure to an equivalent source dipole

radiating into free space which is composed of the original dipole and the substrate dipole.

Next, it has been demonstrated that the efficiency behavior of an actual planar antenna such

as a half-wavelength dipole printed on grounded and ungrounded substrates is essentially

similar to that of the infinitesimal dipole. Eventually, two radiation efficiency enhancement

solutions at electrical thicknesses where the efficiency is minimal have been introduced. This

article provides design guidelines for the efficient millimeter-wave and terahertz antennas

whose substrates tend to be inherently electrically thick.

Chapter 5 is an extension to Chapter 4. In this chapter, the effect of substrate anisotropy

on the radiation efficiency behavior of a horizontal electric dipole on the substrate has been

analyzed. The appropriate anisotropy which provides the highest efficiency with less oscilla-

tion has been introduced.

7.2 Future Works

This section presents the possible future extensions of the work that has been done in

this thesis.

7.2.1 Rotating Field-PolarizationWaveguide Application of the Grounded-Ferrite

Perfect Electromagnetic Conductor (PEMC) Boundaries

In Chapter 2, an application of a special case of the PEMC boundaries, which is the PMC

boundary, was demonstrated. The application was a TEM waveguide realized by grounded-

ferrite PMC sidewalls. Exploring other applications of the PEMC boundaries which can be

realized by the proposed grounded ferrite slab could be a future extension of this thesis.

One of the applications of the PEMC boundaries was theoretically proposed in [57]. This

application is a rotating field-polarization waveguide which is shown in Fig. 7.1. In [57]

it is shown that when the walls of a waveguide is covered by the PEMC boundaries, the
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polarization of the electromagnetic field propagating inside the waveguide is tilted by some

angles. The amount of rotation of the field is controlled by the admittance Y of the PEMC.

Y = ∞ (PEC)

E

H

(a)

Y = 1.5 (PEMC)

E
H

(b)

Figure 7.1 PEMC waveguide. (a) Y = ∞ (PEC). (b) Y = 1.5 (PEMC). Taken from“Possible
applications of perfect electromagnetic conductor (PEMC) media,” in Proc. EuCap, 2006,
by A. Sihvola and I. V. Lindell. c©2006 IEEE

The rotating field-polarization waveguide may be practically realized by the proposed

practical grounded-ferrite PEMC in Chapter 2. Since the proposed grounded-ferrite is tunable

by adjusting the DC bias field (Sec. 2.5.3), the admittance of the grounded-ferrite PEMC,

and therefore the rotation angle of the field inside the waveguide, can be tuned by adjusting
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the bias field. This waveguide may find applications in demultiplexers or tunable polarization

converters.

7.2.2 Grounded-Ferrite PMC Application for Gain Enhancement of a Low-

Profile Patch Antenna

A conductive sheet ground plane is usually used in many antennas as a reflector or ground

plane to redirect the radiation in the receiver direction, to enhance the gain of the antenna

and also to shield the objects in the backside [102]. However, if the radiating element is

oriented horizontally above the ground plane and also very close to it, for miniaturization

purposes, the current on the radiating element and its image with respect to the ground

plane will be out of phase and they will have destructive interference, which degrades the

gain of the antenna. This problem is usually addressed by increasing the distance between

the radiator and the ground plane to a quarter-wavelength, as illustrated in Fig.7.2a, to

compensate the phase-reversal effect of the ground plane. As a consequence of this distance

between the radiator and ground plane, the current on the antenna and its image will have

a constructive interference in the far-field, which leads to an enhancement in the gain of

the antenna. Unfortunately, this approach is not desired in many cases, since it makes the

antenna structure bulky with a minimum thickness of a quarter-wavelength.

An approach to enhance the gain of a low-profile horizontal antenna is to substitute the

PEC ground plane by a PMC ground plane [50]. This approach is proposed based on the

principle that the image of a horizontal current above a PMC boundary is in-phase with the

current. Therefore the current and its image will have a constructive interference and as a

result a maximized gain.

As explained in Chapters 2 and 4, PMC boundaries do not exist naturally, however it

can be realized artificially [53, 52, 50, 113]. So far several groups have used EBG structures

at their PMC operation frequency for the gain enhancement of planar antennas [50, 114].

However, in this case, the EBG is in the near-field of the radiator and therefore acts more

as a parasitic scattering surface than as a homogeneous PMC and may alter the antenna

radiation pattern which is not desired.

Employing the homogenous grounded-ferrite PMC, which was introduced in Chapter 2,

may be a solution for the gain enhancement of planar antennas. A rigorous analysis on

the effect of the grounded ferrite PMC and its anisotropy on the antenna performance is

required. This may not only lead to the gain enhancement of the antenna but also may

unveil interesting properties of planar antennas on the grounded ferrite material.
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d = λ0/4d = λ0/4

≡
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(b)

2d≪ λ0/4
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J

JJ

Ferrite

H0

(c)

Figure 7.2 A horizontal antenna above the ground plane. (a) The antenna is very close to the
ground plane. (a) The antenna is placed at a quarter-wavelength distance from the ground
plane. (b) The antenna above and close to the grounded-ferrite PMC boundary (proposed
antenna gain-enhancement solution).
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7.2.3 Practical Demonstration of the Oscillatory Variations of the Radiation

Efficiency versus Frequency for a Horizontal Electric Dipole on an Elec-

trically Thick Substrate

Chapter 4 theoretically discussed the variations of the radiation efficiency of a horizontal

electric dipole on an electrically thick substrate versus frequency. In order to acquire more

insight into the efficiency variations of the horizontal dipole on an electrically thick substrate,

and to practically validate the theory of the efficiency variations suggested in [77, 78, 79]

and also demonstrated by full-wave simulation in Chapter 4 for a half-wavelength dipole,

it is required to measure the radiation efficiency variations of horizontal dipole antennas

versus frequency. For this purpose, in this project, 10 half-wavelength dipole antennas were

designed on a similar substrate to the one used in Chapter 4 (RT/Duroid 6006 with εrd = 6.15

and d = 2.5 mm), at different frequencies mostly around the maxima and minima of the

efficiency curve of Fig. 4.8a, to specifically validate the efficiency behavior shown in this

figure. Figure. 7.3 illustrates the 10 prototypes with their corresponding frequencies.

f = 5 GHz f = 10 GHz f = 12.8 GHz f = 15.2 GHz f = 20 GHz f = 25 GHz

f = 30 GHz f = 33 GHz f = 37 GHz f = 40 GHz

balun

absorber

dipole

Figure 7.3 10 prototypes of printed half-wavelength dipole on a grounded substrate of
RT/Duroid 6006 with εrd = 6.15 and d = 2.5 mm.
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For the efficiency measurement, the Wheeler cap method was not appropriate [115] since

the antennas with their electrically thick substrate could not get fully covered by the ra-

diansphere 1. The second alternative method, which was chosen in this project, was the

calculation of the radiation efficiency η by using the measured directivity D and gain G of

each antenna, through the following equation [102]

η =
G

D
. (7.1)

Gain measurement of an antenna has a well-known procedure and it is performed by

employing standard antennas. Directivity measurement is more complicated and time-

consuming than the gain measurement, since in this measurement, the radiated field should

be integrated over a sphere around the antenna since

D =
4πUm

P
, (7.2)

where Um is the maximum of the radiation intensity U(θ, φ) and P is the total radiated power

which reads

P =

∫ 2π

0

∫ π

0

U(θ, φ) sin θdθdφ. (7.3)

Unfortunately, our performed measurements were not successful due to the following

reasons:

1. Since the purpose of the measurement is to compare the radiation efficiency of the

samples at the different frequencies from 5 GHz up to 40 GHz, the measurement system

had to operate accurately in a wide frequency range, which unfortunately was not the

case for our system. Specially, the problem occurred in the frequency range around 25

GHz, which was a critical point as it coincides with the first minimum of the efficiency

curve. Unfortunately, the efforts for solving the problem were not successful, and

continuing the measurement in other antenna labs was out of the time-frame of the

project.

2. Another problem was related to mechanical sensitivity of the antennas. Each antenna

consists in two parts, the dipole on the electrically thick substrate, and the feeding

network, including a balun on a thin alumina substrate. The balun was not designed

on the same substrate as the antenna to avoid any radiation. Since the substrates

of the antenna and the balun were different they had to be connected by gold wire

1. The radiansphere is the boundary between the near-field and the far-field of a small antenna and its
radius is one radianlength which is λ0/2π [115].
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bondings which were very thin and sensitive to any mechanical force. Since during

the directivity measurement, the antennas had to rotate degree-by-degree in θ and φ

directions, to obtain an integration of the radiation intensity, they were under unwanted

mechanical stress which usually resulted in breaking the wire bonding.

As explained above, due to the importance of the practical validation of the radiation effi-

ciency variations versus frequency, which was presented in Chapter 4, performing a standard,

stable and reliable measurement system for the efficiency measurement in a wide frequency

range and fabricating more durable prototypes is suggested as a possible future extension of

this thesis.

7.2.4 Bandwidth Enhancement of a Patch Antenna Using a Wire-Ferrite Sub-

strate

Size constraints in communication systems motivated many studies on the miniaturization

of all microwave components, including patch antennas. In the case of a patch antenna, the

main miniaturization problem is that decreasing the size of the antenna generally reduces its

bandwidth, which limits its operation in most modern communication schemes and standards.

It has been established that the bandwidth of a patch antenna can be enhanced by

increasing the ratio of µ/ε [37], where µ and ε are the permeability and permittivity of the

substrate, since

Bandwidth =
96
√

µ/εt/λ0√
2
[

4 + 17
√
µε
] , (7.4)

where, t is the thickness of the substrate and λ0 is the free-space wavelength. As expressed in

this equation, for a substrate with a fixed refractive index n =
√
µε, by increasing the ratio

of µ/ε the bandwidth increases.

Ferrite materials exhibit a high µ near their ferrimagnetic resonance and therefore, they

have been studied for the bandwidth enhancement of patch antennas [33]. However, they

have a high permittivity, in the order of 10 to 15 [10], and therefore they cannot provide a

high µ/ε ratio. On the other hand, magneto-dielectric substrates may exhibit a relatively

high µ/ε ratio at a given frequency, but they are bulky, hard to manufacture, and they suffer

from high dispersion which defeats the original purpose of bandwidth enhancement [39].

We propose here a solution for the bandwidth enhancement of a patch antenna which

solves the aforementioned issues encountered in the pure ferrite and in the magneto-dielectric

approaches. This solution is based on the wire-ferrite composite material proposed by Dewar

in [116], which consists of a 2D array of dielectric-coated conductive wires embedded in the

ferrite material. In this proposal, the ferrite material provides a high permeability associated
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with its ferrimagnetic resonance, while its high bulk permittivity is reduced by the wire Drude

permittivity near its plasma frequency. This idea was conceptually proposed in [117], but

the bandwidth enhancement of the patch on the real substrate was not demonstrated in this

paper. In fact, it is unclear whether this could have been done with the structure considered

in [117], which consisted of a 2D array of uncoated wires in a ferrite medium, where the

electric and magnetic responses tend to cancel each other due to Lenz law [116].

Wire-Ferrite Medium and Design Principles

The considered coated wire-ferrite medium is a 2D lattice of dielectric coated conductive

wires embedded in a magnetized ferrite host medium [116], as shown in Fig. 7.4, where r1,

r2 and p are the radius of the dielectric coating, radius of the wires and lattice constant,

respectively, H0, εf, ¯̄µ and t are the bias field, permittivity, permeability tensor and the

thickness of the ferrite, respectively, and εc is the permittivity of the coating.

r1 r2

H0

t

unit cell:

ferrite (εf, ¯̄µ)

dielectric coating (εc, µ0)

conductive wire

patch

p

p

p

p

Figure 7.4 Wire-ferrite medium substrate.

Since the wires are coated by a dielectric material, the electric and magnetic responses of

the structure are essentially decoupled and the structure exhibits a Drude permittivity due

to the wires and a Lorentz permeability due to the ferrite host medium [116, 43].

The wire-ferrite structure should be designed in the following fashion. First, the per-

mittivity must be minimized by exploiting the Drude response of the wires. Second, the

dispersion must be kept moderate, so as to avoid losing the bandwidth enhancement benefit.

Third, one must ensure that the frequency range of operation lies below the Bragg scattering

limit, beyond which the effective medium properties are lost [118]. The design consists in

optimizing the available degrees of freedom to meet these three requirements.
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Fig. 7.5 shows the effective constitutive parameters of the preliminary designed wire-ferrite

structure with the parameters shown in the caption. Fig. 7.5a demonstrates the calculated
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Figure 7.5 Effective constitutive parameters of the wired-ferrite substrate supporting the
patch antenna (Fig. 7.4) with r1 = 0.35 mm, r2 = 0.11 mm, p = 4.1 mm, H0 = 1382
G and a ferrite host medium with the saturation magnetization of 4πMs = 1600 G, line
width of △H = 5 Oe, εf = 14.6 and t = 1 mm. (a) Theoretical (Dewar, 2005) effective
permeability and permittivity (f ε

p as the plasma frequency of the Drude permittivity). (b)
Full-wave simulated and theoretical effective refractive index.

theoretical effective Drude permittivity and Lorentz permeability [116], whereas Fig. 7.5b

shows the effective refractive index extracted from the full-wave simulation and calculated by

the theory [116]. This Bragg scattering limit occurs at f = 4.66 GHz. Since the theoretical

formula of [116] for the effective permeability and permittivity does not hold in the bandgap,

the bandgap is not predicted by the theory and therefore there is no agreement between

the extracted refractive index from the full-wave simulation and the theoretical values in the

corresponding frequency range. In this design, the operation frequency is located below the

Bragg limit at f = 4.6 GHz.
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Bandwidth Enhancement Demonstration

To demonstrate the bandwidth enhancement by the wire-ferrite structure, three patch

antennas with equal patch size (equal refractive index) and substrate size, are compared using

full-wave simulation: 1) the actual wire-ferrite structure of Fig. 7.4, 2) the effective medium

of the wire-ferrite structure with the parameters of Fig. 7.5 (ε|f=4.6 GHz = 8.94 − j0.02 and

µ|f=4.6 GHz = 4.25 − j0.01.) and 3) the conventional, non-magnetic dielectric with an equal

refractive index calculated by Fig. 7.5b (n|f=4.6 GHz = 6.17 − j0.01 and µ = µ0). In order

to avoid radiation pattern squinting due to the magnetic displacement effect, the antenna

maybe excited from its two ends.

Fig. 7.6 compares the bandwidths of the patch antenna on the three different substrates.

The figure shows that the relative −10 dB bandwidth of the patch on the wire-ferrite, effective

and conventional substrates are 2.2%, 1.8% and 1.3%, respectively. Based on these results,

the wire-ferrite structure and its effective medium exhibit a bandwidth enhancement of 70%

and 42%, respectively, compared to the conventional dielectric substrate. The difference

between the achieved bandwidth from the actual wire-ferrite and its effective structure may

be due to anisotropy of the ferrite material which is not accounted for by the theoretical

formulas of the material.
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Figure 7.6 Comparison between the bandwidth of a patch antenna on the 1) wire-ferrite struc-
ture (Fig. 7.4), 2) its effective medium (Fig. 7.5a) and 3) a conventional dielectric substrate
with the same refractive index (Fig. 7.5b), achieved by the full-wave simulation.
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Problems for Future Study

In [116], the analytical expressions for the effective permittivity and permeability are

calculated under the assumption that the ferrimagnetic material is isotropic [116], which is

not precise and suggests that the analytical effective permittivity and permeability may not

be accurate. In addition, in our analysis, the anisotropy of the wire-medium structure is not

considered. Therefore, in this work it is assumed that the structure has effective isotropic

permittivity and permeability. This assumption may explain the deviation of the patch

antenna bandwidth for the actual structure and the effective substrate shown in Fig. 7.6.

As a result, although the preliminary results of the full-wave simulation of the patch on the

actual structure and its comparison with a conventional substrate shows that the structure

has the potential of bandwidth enhancement, an in-depth study of the structure, including

calculating the accurate effective parameters considering the anisotropy of the ferrite and the

wire-medium, is required to exactly explain the behavior of the structure and its effect on

the radiation properties of the patch antenna.
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Appendix A

Definition of Proper and Improper Modes in a Dielectric Slab

A.1 Physical Interpretation of the Signs of the Wave Numbers

In order to facilitate the discussions of this section, it is appropriate to first provide a

physical interpretation of the signs of the real and imaginary parts of the transverse (ρ) and

longitudinal (z) wave numbers. For this purpose, we write the spatial dependencies in the

air for the structure of Fig. 3.2a as follows

e−jk0.r = e−jkρ.ρe−jkz0.z = e−jkρρe−jkz0z

= e−jRe(kρ)ρeIm(kρ)ρe−jRe(kz0)zeIm(kz0)z,
(A.1)

where we recall the assumed time dependence of e+jωt and that the TM and TE superscripts

are implicit. By phase continuity, the transverse wave number in the slab is the same as in

the air, while the longitudinal wave number in the slab kzd has a similar form as in the air

and just requires the substitution of kz0 by kzd.

The physical interpretation of the signs of the wave numbers is given in Tab. A.1.

Table A.1 Physical interpretation of the signs of the transverse and longitudinal wave num-
bers.

kρ (transverse) kz0 (longitudinal)

Re
< 0 incoming along ρ incoming along z
> 0 outgoing along ρ outgoing along z

Im
< 0 decaying along ρ decaying along z
= 0 constant along ρ constant along z
> 0 growing along ρ growing along z

A.2 Definition of the Proper and Improper Modes

Typical modes in a dielectric slab, classified in terms of the signs of Im(kρ) and Im(kz0)

(Tab. A.1) and further characterized by the values of Re(kρ) and Re(kz0), are listed in Tab. A.2

[36, 119, 75]. It has been also assumed that Re(kz0) > 0 and Re(kρ) > 0, which excludes the

possibility for backward waves.
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Table A.2 Typical modes in a dielectric slab (kd = ω
√
µdεd represents the wave number in

the medium with effective permeability µd and permittivity εd).

Im(kρ) < 0 Im(kρ) = 0

Im(kz0) < 0
impossible (if no loss) surface mode for 1 < Re(kρ/k0) < k/ω

and Re(kz0/k0) = 0

Im(kz0) > 0
leaky mode if 0 < Re(kρ/k0) < 1 non-physical if 1 < Re(kρ/k0) < k/ω
non-physical if Re(kρ/k0) > 1 and Re(kz0/k0) = 0

According to Tab. A.2, in a dielectric slab two physical modes known as surface-wave

and leaky-wave modes may exist. Surface-wave modes are the non-radiative modes of the

structure which carry the energy inside the dielectric. As shown in Fig. A.1a, for a loss-

less dielectric, surface-wave modes propagate without decaying in the substrate along the

axis of propagation ρ (Im(kρ) = 0), while decaying along the z axis (Im(kz0) < 0) and

therefore they are named proper modes. Leaky-modes are the radiative modes of the dielectric

slab. They radiate progressively along the z axis while propagating along ρ and therefore

they decay along the axis ρ (Im(kρ) < 0). However these modes amplify along the z axis

(Im(kz0) > 0) and therefore they are called improper modes. Figure A.1b illustrates the

ray-optics representation of a leaky-mode propagation in a dielectric slab and demonstrates

how the leaky-wave radiation along the z axis has an amplifying nature (Im(kz0) > 0) 1. The

non-physical modes in Tab. A.2 are the mathematical poles of the dispersion relation of the

structure which do not have any physical meaning.

In order to demonstrate the proper and improper modes, the particular and simple case

of the isotropic grounded dielectric slab which was presented in Chapter 3 is considered. The

corresponding TMz and TEz dispersion curves for the dielectric slab with εd = 2ε0 and µd =

µ0 are shown in Figs. A.2 and A.3, respectively. Four distinct types of modes are indicated

in Fig. A.2, according to Tabs. A.1 and A.2 [121, 120]. Type 1, with 1 < Re(kTMz
ρ )/k0 <

√
ε,

Im(kTMz
ρ ) = 0, Re(kTMz

z0 ) = 0, and Im(kTMz

z0 ) < 0 (proper mode), corresponds to surface

modes of the slab. Types 2 and 3, with 1 < Re(kTMz
ρ )/k0 <

√
ε, Im(kTMz

ρ ) = 0, Re(kTMz

z0 ) = 0,

and Im(kTMz

z0 ) > 0 (improper mode), represent nonphysical modes. Type 4 includes three

frequency bands. The 0.11 < d/λ0 < 0.26 band, with Re(kTMz
ρ )/k0 < 1, Im(kTMz

ρ ) < 0,

Re(kTMz

z0 ) > 0, and Im(kTMz

z0 ) > 0 (improper mode), supports a leaky mode, while the other

two frequency bands, d/λ0 < 0.11 and 0.26 < d/λ0 < 0.41, include nonphysical modes since

Re(kTMz
ρ /kTMz

0 ) > 1. These modes are summarized in Tab. A.3.

Similar comments hold for the TEz modes, shown in Fig. A.3.

1. It should be noted that practically, the amplifying behavior of the leaky-wave radiation does not last
for z → ∞ and after a certain distance from the radiating aperture along the z axis, the radiation starts to
decay again [120].
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Figure A.1 Ray-optics representation of surface-wave and leaky-wave modes propagation in
a dielectric slab. (a) Surface-wave modes. (b) Leaky-wave Modes.
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Figure A.2 TMz dispersion curves for an isotropic grounded slab with εd = 2ε0, µd = µ0. (a)
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0 ). (c) Re(kTMz
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0 ). (d) Im(kTMz
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0 ).

Table A.3 Characteristics of the different TMz modes shown in the dispersion curves of
Fig. A.2. SW, LW and IN stand for surface-wave, leaky-wave and non-physical modes,
respectively.

Re(kρ
TMz/kTMz

0 ) Im(kρ
TMz/kTMz

0 ) Re(kTMz

z0 /kTMz

0 ) Im(kTMz

z0 /kTMz

0 ) nature

Mode 1 1 < <
√
εd = 0 = 0 < 0 SW

Mode 2 1 < <
√
εd = 0 = 0 > 0 IN

Mode 3 1 < <
√
εd = 0 = 0 > 0 IN

Mode 4
> 1 < 0 > 0 > 0 IN
< 1 < 0 > 0 > 0 LW
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Figure A.3 TEz dispersion curves for an isotropic grounded slab with εd = 2ε0, µd = µ0. (a)
Re(kTEz

ρ /kTEz

0 ). (b) Im(kTEz
ρ /kTEz

0 ). (c) Re(kTEz

z0 /kTEz

0 ). (d) Im(kTEz

z0 /kTEz

0 ).
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Appendix B

Spectral Domain Transmission-Line Modeling of a Uniaxially Anisotropic

Medium

This section presents the spectral domain transmission-line modeling of the uniaxially

anisotropic medium of Chapters 3 and 5 with the permittivity and permeability tensors of

(3.1).

For simplicity, we start from the source-less problem and we derive the spectral transmission-

line models for the TMz and TEz modes. Afterwards we extend the results for the cases of

horizontal and vertical infinitesimal electric dipole sources and we derive the corresponding

field Green functions.

B.1 Source-less Problem

The source-less spectral-domain transmission line model of a medium, assuming the time

dependence e+jωt, can be expressed under the form of the following relations between the

spectral voltage Ṽ and spectral current Ĩ [75]

dṼ

dz
= −jZkz Ĩ , (B.1a)

dĨ

dz
= −jY kzṼ , (B.1b)

where Y , Z and kz are the admittance, the impedance and the z component of the wave

vector k of the medium, respectively, of the equivalent transmission line directed along the z

axis. The corresponding voltage wave equation is obtained by deriving (B.1a) with respect

to z and substituting (B.1b) into the resulting equation, which reads

d2Ṽ

dz2
+ ZY k2z Ṽ = 0, (B.2)
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and admits the voltage solution

Ṽ = Ṽ +e−j
√
ZY kzz + Ṽ −ej

√
ZY kzz, (B.3)

where Ṽ + and Ṽ − are constant. The current solution is obtained by inserting this result into

(B.1b), which yields

Ĩ =

√

Y

Z

(

Ṽ +e−j
√
ZY kzz − Ṽ −ej

√
ZY kzz

)

. (B.4)

The propagation constant β and the characteristic impedance Zc of the equivalent trans-

mission line are deduced by comparing (B.2) to (B.4) with the standard transmission line

relations, and read

β =
√
ZY kz, (B.5a)

Zc =

√

Z

Y
. (B.5b)

The transmission line parameters Ṽ , Ĩ, Z and Y for the TMz and TEz modes in the

anisotropic medium of Fig. 3.1 will next be determined by inserting the tensors of (3.1) into

source-less Maxwell equations,

∇×H = jω ¯̄εE, (B.6a)

∇× E = −jω ¯̄µH, (B.6b)

and by manipulating the resulting equations so as to obtain two final equations with the

same form as (B.1).
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B.1.1 TMz Modes

Inserting (3.1) into (B.6) for the TMz modes (Hz = 0) and writing the resulting equations

in the spectral domain, where ∂/∂x→ jkTMz
x and ∂/∂y → jkTMz

y , yields

− d

dz
H̃y = jωερẼx, (B.7a)

d

dz
H̃x = jωερẼy, (B.7b)

jkTMz

x H̃y − jkTMz

y H̃x = jωεzẼz, (B.7c)

jkTMz

y Ẽz −
d

dz
Ẽy = −jωµρH̃x, (B.7d)

d

dz
Ẽx − jkTMz

x Ẽz = −jωµρH̃y, (B.7e)

jkTMz

x Ẽy − jkTMz

y Ẽx = 0. (B.7f)

Several possibilities exist for reducing (B.7) into two equations of the form of (B.1). A

simple possibility consists in seeking a relation between Ẽz and Ẽx (or, equivalently, Ẽy) only,

by eliminating all the other field components. This may be accomplished by the following

algebraic manipulations.

First, derive (B.7c) with respect to z, substitute (B.7a) and (B.7b) into the resulting

equation, and eliminate Ẽy by using (B.7f), which yields

εz
ερ

dẼz

dz
= −j

kTMz
ρ

2

kTMz
x

Ẽx, (B.8)

where kTMz
ρ

2
= kTMz

x
2
+kTMz

y
2
is the square of the TMz transverse wave number. This relation

has a form similar to that of (B.1).

Next, another relation can be established in the following manner. Substituting H̃y ob-

tained from (B.7c) into (B.7e) yields

dẼx

dz
+

[

−jkTMz

x + j
kTMz

2

kTMz
x

]

Ẽz = −jωµρ

kTMz
y

kTMz
x

H̃x, (B.9)
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where

kTMz
2
= ω2µρεz = kTMz

ρ

2
+ kTMz

z

2
(B.10)

is the square of the TMz wave number and kTMz
z is the TMz longitudinal wave number.

Substitute Ẽy from (B.7f) into (B.7d) and insert the resulting expression of H̃x into (B.9).

This leads to the following relation

[

kTMz
ρ

2

kTMz
x

2

]

d

dz
Ẽx = jkTMz

x

[

−kTMz
z

2

kTMz
x

2

]

Ẽz, (B.11)

which also exhibits a form similar to that of (B.1).

An exact mapping with (B.1) is achieved by rewriting (B.8) and (B.11) as

d

dz

[

−
kTMz
ρ

2

kTMz
x

2 Ẽx

]

= −j
(

kTMz
z

ωεz

)

kTMz

z

[−ωεz
kTMz
x

Ẽz

]

, (B.12a)

d

dz

[

− ωεz
kTMz
x

Ẽz

]

= −j
(

ωερ
kTMz
z

)

kTMz

z

[

−
kTMz
ρ

2

kTMz
x

2 Ẽx

]

, (B.12b)

where the TMz equivalent transmission line parameters are identified as

Ṽ TMz = −
kTMz
ρ

2

kTMz
x

2 Ẽx, (B.13a)

ĨTMz = − ωεz
kTMz
x

Ẽz, (B.13b)

ZTMz =
kTMz
z

ωεz
, (B.13c)

Y TMz =
ωερ
kTMz
z

, (B.13d)
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where Ṽ TMz , ĨTMz , ZTMz and Y TMz are the TMz spectral voltage, current, impedance and

admittance, respectively. Inserting (B.13) in (B.5) yields then

βTMz

z =
√
ZTMzY TMzkTMz

z =

√

ερ
εz
kTMz

z . (B.14a)

ZTMz

c =

√

ZTMz

Y TMz
=

kTMz
z

ω
√
ερεz

=
kTMz
z

ωερ

√

ερ
εz
, (B.14b)

where βTMzand ZTMz
c are the TMz propagation constant and characteristic impedance, re-

spectively. It may be verified that substitution of ερ = εz = ε and µρ = µz = µ in (B.12)

reduces to the TMz transmission line model of an isotropic medium [75].

B.1.2 TEz Modes

The TEz (Ez = 0) transmission line parameters are obtained by a dual approach as that

used in Sec. B.1.1 for the TMz parameters. The TEz spectral Maxwell equations read

jkTEz

y H̃z −
dH̃y

dz
= jωερẼx, (B.15a)

dH̃x

dz
− jkTEz

x H̃z = jωερẼy, (B.15b)

jkTEz

x H̃y − jkTEz

y H̃x = 0, (B.15c)

−dẼy

dz
= −jωµρH̃x, (B.15d)

dẼx

dz
= −jωµρH̃y, (B.15e)

jkTEz

x Ẽy − jkTEz

y Ẽx = −jωµzH̃z. (B.15f)

Here, we seek a relation between H̃z and H̃x (or, equivalently, H̃y) only, by eliminating

all the other field components. First, derive (B.15f) with respect to z, substitute (B.15d) and



160

(B.15e) into the resulting equation, and eliminate H̃y by using (B.15c), which yields

µρ

µz

(

kTEz

ρ

2
)

H̃x = jkTEz

x

dH̃z

dz
, (B.16)

where kTEz
ρ

2
= kTEz

x
2
+ kTEz

y
2
is the square of the TEz transverse wave number, which con-

stitutes the first of the two sought relations of the same form as (B.1). The other relation is

obtained as follows. Substituting Ẽy obtained from (B.15f) in (B.15b) yields

dH̃x

dz
+

[

−jkTEz

x + j
kTEz

2

kTEz
x

]

H̃z = jωερ
kTEz
y

kTEz
x

Ẽx, (B.17)

where

kTEz
2
= ω2µzερ = kTEz

ρ

2
+ kTEz

z

2
(B.18)

is the square of the TEz wave number and kTEz
z is the TEz longitudinal wave number. Sub-

stitute H̃y from (B.15c) into (B.15a) and insert the resulting expression of Ẽx into (B.17).

This leads to the following relation

[

kTEz
ρ

2

kTEz
x

2

]

d

dz
H̃x = jkTEz

x

[

−kTEz
z

2

kTEz
x

2

]

H̃z. (B.19)

An exact mapping with (B.1) is achieved by rewriting (B.16) and (B.19) as

d

dz

[−ωµz

ky
H̃z

]

= −j
(

ωµρ

kTEz
z

)

kTEz

z

[

−kTEz
ρ

2

kTEz
x kTEz

y

H̃x

]

, (B.20a)

d

dz

[

−kTEz
ρ

2

kTEz
x kTEz

y

H̃x

]

= −j
(

kTEz
z

ωµz

)

kTEz

z

[−ωµz

kTEz
y

H̃z

]

, (B.20b)

where the TEz equivalent transmission line parameters are identified as

Ṽ TEz =
−ωµz

kTEz
y

H̃z, (B.21a)
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ĨTEz =
−kTEz

ρ
2

kTEz
x kTEz

y

H̃x, (B.21b)

ZTEz =
ωµρ

kTEz
z

, (B.21c)

Y TEz =
kTEz
z

ωµz

, (B.21d)

where Ṽ TEz , ĨTEz , ZTEz and Y TEz are the TEz spectral voltage, current, impedance and

admittance, respectively. Inserting (B.21) yields then

βTEz

z =
√
ZTEzY TEzkTEz

z =

√

µρ

µz

kTEz

z , (B.22a)

ZTEz

c =

√

ZTEz

Y TEz
=
ω
√
µzµρ

kTEz
z

=
ωµz

kTEz
z

√

µρ

µz

, (B.22b)

where βTEzand ZTEz
c are the TEz propagation constant and characteristic impedance, respec-

tively. It may be verified that substitution of ερ = εz = ε and µρ = µz = µ in B.20 reduces

to the TEz transmission line model of an isotropic medium [75].

B.2 Horizontal Infinitesimal Electric Dipole Source

The transmission line parameters Ṽ , Ĩ, Z and Y for the TMz and TEz modes in the

anisotropic medium of Fig. 3.1 excited by a horizontal current source J = Jxax, will be

determined by inserting the tensors of (3.1) into Maxwell equations,

∇×H = jω ¯̄εE+ J, (B.23a)

∇× E = −jω ¯̄µH, (B.23b)

and by manipulating the resulting equations so as to obtain two final equations with the form
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of

dṼ

dz
= −jZkz Ĩ , (B.24a)

dĨ

dz
= −jY kzṼ + Ĩg, (B.24b)

where Ĩg is the current source transmission-line model of the horizontal electric dipole J = Jxax

as seen in Figs. 4.1a and 4.1b.

B.2.1 TMz Modes

Inserting (3.1) into (B.23) for the TMz modes (Hz = 0) and writing the resulting equa-

tions in the spectral domain, using the transformations ∂/∂x → jkTMz
x and ∂/∂y → jkTMz

y ,

assuming a horizontal electric infinitesimal dipole J̃ = 1/2πδ(z − z′)ax, and following the

approach similar to the one used in Sec.B.1.1 yields the TMz transmission line equations in

the form of (B.24) as follows

d

dz

[−ωεz
kTMz
x

G̃zx,TMz

EJ

]

=− j

(

ωερ
kTMz
z

)

kTMz

z

[ −kρ2

kTMz
x

2 G̃
xx,TMz

EJ

]

+ J̃x, (B.25a)

d

dz

[

−kTMz
ρ

2

kTMz
x

2 G̃xx,TMz

EJ

]

=− j

(

kTMz
z

ωεz

)

kz

[−ωεz
kTMz
x

G̃zx,TMz

EJ

]

, (B.25b)

where G̃xx,TMz

EJ and G̃zx,TMz

EJ are the spectral domain electric field Green functions along the

x and z axes, respectively, produced by the electric source along the x axis, and similar to

Sec. B.1.1, kTMz
z is the longitudinal wave number, kTMz

ρ
2
= kTMz

x
2
+ kTMz

y
2
is the square of

the transverse wave number and kTMz
ρ

2
+ kTMz

z
2
= ω2µρεz = kTMz

2
, where kTMz is the TMz

wave number. The analogy of the equivalent transmission line model of (B.25) with (B.24)

results in

V TMz = −
k2ρ
k2x
G̃xx

EJ, (B.26a)

ITMz = −ωεz
kx

G̃zx
EJ, (B.26b)
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ZTMz =
kTMz
z

ωεz
, (B.26c)

Y TMz =
ωερ
kTMz
z

, (B.26d)

ITMz

g =
1

2π
, (B.26e)

From (B.26a) and (B.26b) the TMz modes electric field Green functions for the horizontal

source are calculated as follows

G̃xx,TMz

EJ =
−kTMz

x
2

kTMz
ρ

2 Ṽ TMz , (B.27a)

G̃zx,TMz

EJ =
−kTMz

x

ωεz
ĨTMz , (B.27b)

while ZTMz
c = kTMz

z /(ωερ)
√

ερ/εz and βTMz =
√

ερ/εzk
TMz
z .

The magnetic Green functions are computed from substituting (B.27) into spectral domain

Maxwell equations as follows

G̃xx,TMz

HJ =
kTMz
x kTMz

y

kTMz
ρ

2 ĨTMz , (B.28a)

G̃zx,TMz

HJ = 0. (B.28b)

Substituting ερ = εz = ε and µρ = µz = µ in the above equations reduces them to the

transmission-line model and Green functions of an isotropic medium [75].
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B.2.2 TEz Modes

The TEz (Ez = 0) transmission line model is obtained by an approach dual to that used

in Sec. B.1.1 used for the TMz parameters. The resulting equations are

d

dz

[

−kTEz
ρ

2

kTEz
x kTEz

y

G̃xx,TEz

HJ

]

=− j

(

kTEz
z

ωµz

)

kTEz

z

[−ωµz

kTEz
y

G̃zx,TEz

HJ

]

+ J̃x, (B.29a)

d

dz

[−ωµz

kTEz
y

G̃zx,TEz

HJ

]

=− j

(

ωµρ

kTEz
z

)

kTEz

z

[

−kTEz
ρ

2

kTEz
x kTEz

y

G̃xx,TEz

HJ

]

, (B.29b)

where G̃xx,TEz

HJ and G̃zx,TEz

HJ are the spectral domain magnetic field Green functions along the

x and z axes, respectively, produced by the electric source along the x axis, and the same as

Sec. B.1.2, kTEz
z is the longitudinal wave number, kTEz

ρ
2
= kTEz

x
2
+ kTEz

y
2
is the square of the

transverse wave number and kTEz
ρ

2
+ kTEz

z
2
= ω2µzερ = kTEz

2
, where kTEz is the TEz wave

number. The analogy of the equivalent transmission line model of (B.29) and (B.24) leads to

ITEz = −
k2ρ
kxky

G̃xx
HJ, (B.30a)

V TEz = −ωµz

ky
G̃zx

HJ, (B.30b)

ZTEz =
ωµρ

kTEz
z

, (B.30c)

Y TEz =
kTEz
z

ωµz

, (B.30d)

ITEz

g =
1

2π
. (B.30e)

From (B.30a) and (B.30b), the TEz modes magnetic field Green functions for the hori-

zontal source, are calculated as follows

G̃xx,TEz

HJ = −
kTEz
x kTEz

y

kTEz
ρ

2 ĨTEz , (B.31a)
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G̃zx,TEz

HJ = −
kTEz
y

ωµz

Ṽ TEz , (B.31b)

while ZTEz
c = ωµz/k

TEz
z

√

µρ/µz and βTEz =
√

µρ/µzk
TEz
z . The electric Green functions are

computed by substituting (B.31) into spectral domain Maxwell equations as follows

G̃xx,TEz

EJ = −
kTEz
y

2

kTEz
ρ

2 Ṽ
TEz , (B.32a)

G̃zx,TEz

EJ = 0. (B.32b)

Substituting ερ = εz = ε and µρ = µz = µ in the above equations reduces them to the

transmission-line model and Green functions of an isotropic medium [75].

B.3 Vertical Infinitesimal Electric Dipole Source

A vertical electric dipole source along the z axis J = Jzaz only excites the TMz modes of

the structure. The TEz modes cannot be excited by this source since they have no electric

field component along the z axis (Ez = 0). Therefore, in the following only the TMz modes

are considered.

The equivalent transmission-line parameters of the structure (Fig. 3.1) will be determined

by inserting the tensors of (3.1) into Maxwell equations expressed in (B.23) with J = Jzaz.

For this purpose, similar to the case of a horizontal source on the anisotropic substrate, ex-

plained in Sec.B.2, a spectral domain transformation is applied to the Maxwell equations,

where the spectral domain infinitesimal vertical electric dipole source reads J̃ = 1/(2π)δ(z − z′)az.

For the purpose of achieving the transmission-line models of the structure, we may follow the

same procedure as in Sec.B.2.1, which leads to

∂

∂z

[

− ωεz
kTMz
y

G̃zz,TMz

EJ

]

=− j

(

ωερ
kTMz
z

)

kTMz

z

[

−
kTMz
ρ

2

kTMz
x kTMz

y

G̃xz,TMz

EJ

]

+

[

− j

kTMz
y

∂

∂z

(

1

2π
δ(z − z′)

)]

,

(B.33a)
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∂

∂z

[

−
kTMz
ρ

2

kTMz
x kTMz

y

G̃xz,TMz

EJ

]

= −j
(

kTMz
z

ωεz

)

kTMz

z

[−ωεz
kTMz
y

G̃zz,TMz

EJ

]

+
ωµρ

kTMz
y

1

2π
δ(z − z′),

(B.33b)

where G̃xz,TMz

EJ and G̃zz,TMz

EJ are the electric field Green functions along the x and z axes

produced by the source along the z axis. As seen in the (B.33a), the first order derivative

of G̃zz,TMz

EJ is associated with the derivative of the infinitesimal source J̃ = 1/(2π)δ(z − z′)az

with respect to z. Since the derivative of a dirac function is undefined, the above equation

does not lead to any physically meaningful model. Therefore, we further manipulate (B.33)

in order to achieve the following transmission-line equation

d2Ṽ

dz2
+ ZY k2z Ṽ =

dVg
dz

, (B.34)

where the derivative of the series voltage source Vg with respect to the z axis is associated to

the second derivative of the voltage [100], where the solution of the above equation for the

case of a dirac source is physical.

For obtaining the transmission-line model in the form of (B.34), we derive the both sides

of (B.33b) with respect to z and then substitute ∂/∂z
[

−ωεz/kTMz
y G̃zz,TMz

EJ

]

form (B.33a)

into the resulting equation. Further multiplying the both sides by kTMz
y /ωµρ and simplifying

the equation yields

∂2

∂z2

[

−
kTMz
ρ

2

ωµρkTMz
x

G̃xz,TMz

EJ

]

=−
(

ερ
εz

)

kTMz

z

2

[

−
kTMz
ρ

2

ωµρkTMz
x

G̃xz,TMz

EJ

]

+

[

1−
(

kTMz
z

2

ω2µρεz

)]

∂

∂z

1

2π
δ(z − z′).

(B.35)

Substituting
[

1−
(

kTMz
z

2
/ω2µρεz

)]

= kTMz
ρ

2
/ω2µρεz into (B.35) and multiplying the

both sides of the resulting equation by ω2µρεz/k
TMz
ρ

2
transforms (B.35) to

∂2

∂z2

[

− ωεz
kTMz
x

G̃xz,TMz

EJ

]

=−
(

ερ
εz

)

kTMz

z

2
[

− ωεz
kTMz
x

G̃xz,TMz

EJ

]

+
∂

∂z

(

1

2π
δ(z − z′)

)

, (B.36)

which is in the form of (B.34).

To obtain the relation between G̃zz,TMz

EJ and G̃xz,TMz

EJ , in the form of a transmission-line
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equation, we use the spectral domain Maxwell equations and we manipulate them so as to

find the following source-less spectral domain transmission-line model

dṼ

dz
= −jZTMzkTMz

z Ĩ , (B.37)

which leads to

∂

∂z

[

− ωεz
kTMz
x

G̃xz,TMz

EJ

]

= −j
(

kTMz
z

ωεz

)

kTMz

z

[

− ω2ε2z
kTMz
ρ

2 G̃
zz,TMz

EJ

]

. (B.38)

In summary, the spectral transmission-line models for a vertical source along the z axis,

are found as

d2

dz2

[−ωεz
kTMz
x

G̃xz,TMz

EJ

]

=− ερ
εz
kTMz

z

2
[−ωεz
kTMz
x

G̃xz,TMz

EJ

]

+
d

dz
J̃z, (B.39a)

d

dz

[−ωεz
kTMz
x

G̃xz,TMz

EJ

]

= −j k
TMz
z

ωεz
kTMz

z

[

−ω2ε2z
kTMz
ρ

2 G̃
zz,TMz

EJ

]

, (B.39b)

which by their mapping to the transmission line equations (B.34) and (B.37), the transmission-

line elements are found as follows

Ṽ TMz = − ωεz
kTMz
x

G̃xz,TMz

EJ , (B.40a)

ĨTMz = − ω2ε2z
kTMz
ρ

2 G̃
zz,TMz

EJ , (B.40b)

ZTMzY TMz = −
(

ερ
εz

)

, (B.40c)

V TMz

g =
1

2π
. (B.40d)

From (B.40a) and (B.40b) the TMz electric field Green functions for the vertical source

are calculated as follows

G̃xz,TMz

EJ = −k
TMz
x

ωεz
Ṽ TMz , (B.41a)
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G̃zz,TMz

EJ = −
kTMz
ρ

2

ω2ε2z
ĨTMz . (B.41b)

The relevant magnetic field Green function components are obtained by substituting

(B.41) into Maxwell equations which yields

G̃xz,TMz

HJ =
kTMz
y

ωεz
ĨTMz , (B.42a)

G̃zz,TMz

HJ = 0. (B.42b)
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Appendix C

Computation of the Radiation Efficiency of a Horizontal Infinitesimal Dipole on

an Isotropic Substrate

As seen in Sec. 4.3.1, the computation of the radiation efficiency of the horizontal infinites-

imal dipole on a grounded and ungrounded substrates requires the computation the radiated

(Srad,av) and surface-wave (Ssw,av) time-averaged Poynting vectors. For this purpose, we de-

rive here the electric field, E, and magnetic field,H, from which the Poynting vectors will

follow as Srad/sw,av = 1
2
Re[E × H∗]. The fields can be calculated from the spectral-domain

Green functions of the structure.

C.1 Spectral Domain Green Functions

In a multilayered structure, the Green functions in each layer may be computed us-

ing a transmission-line model. Assuming the harmonic time dependence exp(+jωt), the

transmission-line models for the TMz and TEz modes are obtained via a transverse spectral-

domain transformation. The substitutions ∂/∂x → jkTMz
x and ∂/∂y → jkTMz

y associated

with this transformation into Maxwell equations,

∇×H = jωεE+ J, ∇× E = −jωµ0H, (C.1)

with the spectral horizontal electric point source J̃ = (1/2π)δ(z − z′)x̂ (positioned at x′ =

y′ = 0) yields the transmission-line (Figs. 4.1b and 4.2b) system of equations [75]

dĨ i

dz
= −jY ikizṼ

i + Ĩg,
dṼ i

dz
= −jZikiz Ĩ

i, (C.2)

where Ṽ i, Ĩ i, Zi, Y i, Ĩg and kiz are the spectral-domain voltage and current, impedance,

admittance, current source and the wave number along the z axis of the transmission line,

respectively, for i ≡ TMz/TEz. The corresponding characteristic impedance, Zi
c =

√

Zi/Y i,

and propagation constant, βi =
√
ZiY ikiz, directly follow from these equations.
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C.1.1 Field Green Functions

The TMz-mode (Hz = 0) electric field Green functions are found as

G̃xx,TMz

EJ =
−kTMz

x
2

kTMz
ρ

2 Ṽ TMz , G̃zx,TMz

EJ =
−kTMz

x

ωε
ĨTMz , (C.3)

where ZTMz
c = kTMz

z /(ωε) and βTMz = kTMz
z . In these expressions, G̃xx,TMz

EJ and G̃zx,TMz

EJ

are the spectral electric field Green function x and z components, respectively, due to an

x-directed electric source, kTMz
z is the longitudinal wave number, kTMz

ρ
2
= kTMz

x
2
+ kTMz

y
2
is

the square of the transverse wave number and kTMz
2
= kTMz

ρ
2
+ kTMz

z
2
= ω2µ0ε is the TMz

wave number in the layer considered.

The magnetic field Green functions are then obtained by substituting (C.3) into spectral-

domain Maxwell equations as

G̃xx,TMz

HJ =
kTMz
x kTMz

y

kTMz
ρ

2 ĨTMz , G̃zx,TMz

HJ = 0. (C.4)

Similarly, the TEz-mode (Ez = 0) magnetic field and electric field Green functions are

found as

G̃xx,TEz

HJ = −
kTEz
x kTEz

y

kTEz
ρ

2 ĨTEz , G̃zx,TEz

HJ = −
kTEz
y

ωµ0

Ṽ TEz , (C.5)

and

G̃xx,TEz

EJ = −
kTEz
y

2

kTEz
ρ

2 Ṽ
TEz , G̃zx,TEz

EJ = 0, (C.6)

where the definitions of the different terms are analogous to those of the TMz case.

C.1.2 Vector Potential Green Functions

One of the possible choices for the vector potential Green functions is the Sommerfeld

choice. In this choice, for an x-directed source, the electric vector potential Green function is
¯̄GF = 0 while the magnetic vector potential Green function is ¯̄GA = (xGxx

A + zGzx
A )x, where

Gxx
A and Gzx

A are the x and z potential Green function components, respectively, due to J̃x
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[76]. Using [51],

¯̄GHJ = ¯̄µ−1∇× ¯̄GA, (C.7)

where ¯̄GHJ = ¯̄GTMz

HJ + ¯̄GTEz

HJ is the total magnetic field Green functions with ¯̄GTMz

HJ and
¯̄GTEz

HJ obtained from (C.4) and (C.5), respectively, with kTMz
ρ,x,y = kTEz

ρ,x,y = kρ,x,y due to phase

matching. Substituting G̃xx,TMz

HJ and G̃zx,TMz

HJ from (C.4) and G̃xx,TEz

HJ and G̃zx,TEz

HJ from (C.5)

into (C.7) finally yields

G̃xx
A =

1

jω
Ṽ TEz , (C.8a)

G̃zx
A =

µ0

jky

(

kxky
k2ρ

ĨTMz − kxky
k2ρ

ĨTEz

)

. (C.8b)

C.2 Powers Computation

The radiated and surface-wave powers are computed from the vector potential Green

functions in the spatial domain, which are obtained by inverse-Fourier-transforming their

spectral-domain counterparts via (C.8) as

GA(x, y, z) =
1

2π

∫ +∞

−∞

∫ +∞

−∞
G̃A(kxky, z)e

jkxxejkyy dkx dky. (C.9)

From this expression, the far-field electric field radiated by an x-directed dipole is obtained

as

E(x, y, z) = −jωGA(x, y, z) · x, (C.10)

and the corresponding magnetic field is obtained via Maxwell equations.

C.2.1 Radiated Power

Since the dipole is assumed to be placed at the air-dielectric interface (at z = 0), the

radiating spectral Green function dependence on the z axis is that of a purely spherical

outgoing wave. Therefore, we have G̃A(kx, ky, z) = g̃A(kx, ky) exp (−jkz0z), where kz0 is the

propagation constant along z in free space and g̃A(kx, ky) is the spectral part in each of the

equations (C.8) evaluated at the air-dielectric interface. Under the far-field (kρρ → ∞ and
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k0r → ∞) asymptotic approximation [75, 101], the far-field Green function associated with

the space wave (C.9) reduces to

GA(x, y, z) = jk0 cos θg̃A(kx, ky)
exp(−jk0r)

r
, (C.11)

where k0 is the free-space wave number. Inserting this expression into (C.10), and computing

the corresponding magnetic field from Maxwell equations, determines the Poynting vector

Srad,av =
1
2
Re[E×H∗], and hence the radiated power Prad may be computed using (4.3a).

C.2.2 Surface-Wave Power

Under the surface-wave far-field (kρρ→ ∞) condition, and in the case of a lossless dielec-

tric, (C.9) reduces to [122]

GA(ρ) = −πj
∑

i

H
(2)
0 (kρiρ)kρiR

xx/zx
i , (C.12)

where Rxx
i and Rzx

i are the residues of G̃xx
A and G̃zx

A , respectively at the poles kρi corresponding

to the different surface waves. The surface-wave far-field is obtained by substituting (C.12)

into (C.10) as

Eφ = (−jω)πj sinφ
∑

i

H
(2)
0 (kρiρ)kρiR

xx
i , (C.13a)

Ez = (jω)πj
∑

i

H
(2)
0 (kρiρ)kρiR

zx
i . (C.13b)

From these relations and the surface-wave far-field conditions Eρ = 0 and Hρ = 0, the

magnetic field is obtained from Maxwell equations as

Hφ =
1

jωµ0

[

(−jω)πj
∑

i

H
(2)
1 (kρiρ)k

2
ρi
Rzx

i

]

, (C.14a)

Hz =
1

jωµ0

sinφ

[

(−jω)πj
∑

i

H
(2)
1 (kρiρ)k

2
ρi
Rxx

i

]

. (C.14b)
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Appendix D

Relation between Ĩ ′
sub

and Ĩsub

The Kirchhoff relations for the transmission-line models of Figs.4.1b and 4.2b are

Ṽ = ĨZ0 = −ĨsubZin, (D.1a)

Ĩs = Ĩ − Ĩsub, (D.1b)

while for the equivalent models of Figs. 4.1d and 4.2d they are

Ṽ = ĨZ0, (D.2a)

Ĩeq = 2Ĩ , (D.2b)

where Ĩeq was defined in (4.9).

Substituting (D.1b) and (D.2b) into (4.9) yields

Ĩ = Ĩ ′sub − Ĩsub, (D.3)

from which Ĩ may be eliminated using (D.1a), i.e.

Ĩ = −ĨsubZin/Z0, (D.4)

to provide

Ĩ ′sub = Ĩsub(1− Zin/Z0). (D.5)
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Appendix E

Computation of the Radiation Efficiency of a Horizontal Infinitesimal Dipole on

a Uniaxially Anisotropic Substrate

It was shown in Sec. 5.2.1 that for the computation of the radiation efficiency of the

horizontal infinitesimal dipole on the grounded substrate, the radiated and surface-wave

time-averaged Poynting vectors Srad/sw,av =
1
2
Re[E×H∗] should be computed. In this section,

the electric field, E, and magnetic field, H, which are required for the computation of the

Poynting vectors are calculated using the spectral-domain Green functions of the structure.

E.1 Spectral Domain Green Functions

The multilayered field Green functions [75] of the uniaxially anisotropic medium, with the

tensorial permittivity and permeability expressed in (5.1), are computed from the transmission-

line model of each layer with the same procedure as explained in Appendix B. Assuming the

time dependence exp(+jωt), the spectral domain electric and magnetic field Green functions

for the TMz modes are computed as follows

G̃xx,TMz

EJ =
−kTMz

x
2

kTMz
ρ

2 Ṽ TMz , G̃zx,TMz

EJ =
−kTMz

x

ωεz
ĨTMz , (E.1a)

G̃xx,TMz

HJ =
kTMz
x kTMz

y

kTMz
ρ

2 ĨTMz , G̃zx,TMz

HJ = 0, (E.1b)

where G̃xx,TMz

EJ and G̃zx,TMz

EJ are the spectral domain electric field Green functions along the

x and z axes, respectively, produced by the electric source along the x axis, kTMz
z is the

longitudinal wave number, kTMz
ρ

2
= kTMz

x
2
+kTMz

y
2
is the square of the transverse wave number

and kTMz
ρ

2
+ kTMz

z
2
= ω2µρεz = kTMz

2
, where kTMz is the TMz wave number. In addition,

from the transmission-line models the characteristic impedance and the phase constant are

obtained as ZTMz
c = kTMz

z /(ωερ)
√

ερ/εz and βTMz =
√

ερ/εzk
TMz
z , respectively.

The spectral domain TEz modes fields Green functions are obtained from the transmission-
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line models as follows

G̃xx,TEz

HJ = −
kTEz
x kTEz

y

kTEz
ρ

2 ĨTEz , G̃zx,TEz

HJ = −
kTEz
y

ωµz

Ṽ TEz , (E.2a)

G̃xx,TEz

EJ = −
kTEz
y

2

kTEz
ρ

2 Ṽ
TEz , G̃zx,TEz

EJ = 0, (E.2b)

where G̃xx,TEz

HJ and G̃zx,TEz

HJ are the spectral domain magnetic field Green functions along

the x and z axes, respectively, produced by the electric source along the x axis, kTEz
z is the

longitudinal wave number, kTEz
ρ

2
= kTEz

x
2
+kTEz

y
2
is the square of the transverse wave number

and kTEz
ρ

2
+kTEz

z
2
= ω2µzερ = kTEz

2
, where kTEz is the TEz wave number. Moreover, from the

transmission-line model, ZTEz
c = ωµz/k

TEz
z

√

µρ/µz and βTEz =
√

µρ/µzk
TEz
z are computed,

which are the TEz modes characteristic impedance and the phase constant, respectively.

E.1.1 Vector Potentials Green Functions

In the mixed potential integral equations with Sommerfeld choice for the potentials [76],

for a source along x, it is assumed that the electric vector potential Green function ¯̄GF = 0,

while the magnetic vector potential Green functions ¯̄GA = (axG
xx
A + azG

zx
A ) ax, where G

xx
A

and Gzx
A are the vector potential Green function produced by J̃x along the x and z axes,

respectively and we have [110]

¯̄GHJ = ¯̄µ−1∇× ¯̄GA, (E.3)

where ¯̄GHJ = ¯̄GTMz

HJ + ¯̄GTEz

HJ is the total magnetic Green functions with ¯̄GTMz

HJ and ¯̄GTEz

HJ

obtained from (E.1b) and (E.2a), respectively. Substituting ¯̄µ from (5.1) into (E.3) leads to

G̃xx
A =

1

jω
V TEz , (E.4a)

G̃zx
A =

µρ

jky

(

kxky
k2ρ

ITMz − kxky
k2ρ

ITEz

)

. (E.4b)
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E.2 Power Computation

To calculate the radiated and surface-wave powers through the Poynting vectors, it is

required to compute the spatial domain Green functions. The spectral and spatial domain

Green functions are related through the double Fourier transformation as follows

GA(x, y, z) =
1

2π

∫ +∞

−∞

∫ +∞

−∞
G̃A(kxky, z)e

jkxxejkyy dkx dky. (E.5)

Next, the far-field electric fields for the x-directed dipole and thus the radiation and

surface-wave powers are computed from

E(x, y, z) = −jωGA(x, y, z).ax. (E.6)

E.3 Radiated Power

Assuming that the radiating spectral domain Green function dependence on the z axis is

that of a pure spherical wave traveling in the upper semi-infinite free-space, we can define

G̃A(kx, ky, z) = g̃A(kx, ky) exp (−jkz0z), where kz0 is the propagation constant along z in the

free space. Applying the far-field asymptotic approximations (kρρ, k0r → ∞) [75, 101], the

far-field Green function associated with the space waves is obtained as follows

GA(x, y, z) = jk0 cos θg̃A(kx, ky)
exp(−jk0r)

r
, (E.7)

where k0 is the free-space wave number. Next, the Poynting vector Srad, av = 1
2
Re[E × H∗]

and therefore the radiated power can be calculated by inserting (E.7) into (E.6) and further

calculating the magnetic fields from the Maxwell equations, using the following equation

Prad =

∫ 2π

0

∫ π/2

0

Srad, av.arr
2 sin θ dθ dφ. (E.8)

E.4 Surface-wave Power

The surface-wave power Psw is calculated considering cylindrical wave associated to a

surface mode as follows

Psw =

∫ 2π

0

∫ ∞

−d

Ssw, av.aρρ dz dφ,
(E.9)
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where Ssw, av is the far-field (kρρ→ ∞) Poynting vector inside the substrate.

In a lossless dielectric, the far-field Sommerfeld transformations are computed from the

residues of the spectral Green functions as follows [122]

GA(ρ) = −πj
∑

i

H
(2)
0 (kρiρ)k

1
ρi
Rxx,zx

i , (E.10)

where Rxx,zx
i is the residue of G̃xx,zx

A at the poles kρi . As a result, in the substrate

Eφ = (−jω)πj sinφ
∑

i

H
(2)
0 (kρiρ)kρiR

xx
i , (E.11a)

Ez = (jω)πj
∑

i

H
(2)
0 (kρiρ)kρiR

zx
i . (E.11b)

The magnetic fields are obtained from the electric fields [Eqs. (E.11)] by inserting ¯̄µ from

(5.1b) into Maxwell equations

∇×H = jω ¯̄εE, (E.12a)

∇× E = −jω ¯̄µH, (E.12b)

and then applying the far-field approximations (Eρ = 0 and Hρ = 0) as follows

Hφ =
1

jωµρ

[

(−jω)πj
∑

i

H
(2)
1 (kρiρ)k

2
ρi
Rzx

i

]

, (E.13a)

Hz =
1

jωµz

sinφ

[

(−jω)πj
∑

i

H
(2)
1 (kρiρ)k

2
ρi
Rxx

i

]

. (E.13b)

The surface-wave modes’ Poynting vector and therefore the average power are computed

by substituting (E.11) and (E.13) into (E.9) and by using the far-field (kρρ→ ∞) asymptotic

expression of the Hankel functions H
(2)
p (kρρ) =

√

2/(πkρρ) exp [−j (kρρ− pπ/2− π/4)] [110].
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