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RESUME

La trés forte congestion du spectre radiofréguence allou€aux fré&uences RF et micro-ondes pour
les communications sans fil d’aujourd’hui motive ce travail de recherche qui se consacre aux
bandes millimétriques pour lesquelles d’avantages d’allocations spectrales sont disponibles, et
qui est particulieeement inté&essante pour le transfert atres haut dévit. Comparé aux autres
technologies de ligne de transmission, le Guide Intéréau Substrat (GIS) montre des avantages
tres attractifs comme un faible profil, un faible cot, un haut facteur de qualité(facteur Q), de
faibles pertes d’insertion... Ce dernier a gagné beaucoup d’attention récemment grace a ces

caracté&istiques favorables pour la conception de circuits et systames millimériques.

Le sujet de ce doctorat concerne deux t&hes de recherche distinctes : la premiee est déliee a
I’investigation et a la conception de composants et d’antennes GIS innovants pour une possible
application en ondes millimériques; la seconde se consacre & la mise au point et &ala
démonstration de systémes de reéeeptions millimériques de tailles compactes, faibles pertes, &

haut niveau d’intégration et hautes performances.

Les chapitres 1 a 4 se concentrent sur 1’exploitation et 1’investigation, un a un, de composants
GIS pour lesquels un nombre de concepts originaux et innovants de structures est proposeé et
démontré Dans le chapitre 5, les architectures classiques et les paraméres des systémes de
réeption sont introduits, puis utilisé pour la conception de systames de ré&eptions
millimériques dans les chapitres suivants. Du chapitre 6 au chapitre 8, des systénes

submillimériques et millimériques basés sur le GIS sont démontrés.
Les contributions majeures de cette these sont les suivantes :

[ Une structure balancée large bande inhé&ente peut &re obtenue en imprimant un circuit
sur deux faces d’un substrat GIS. Ainsi, un balun planaire large bande GIS implémenté sur un
circuit imprimé (ou PCB, pour Printed Circuit Board) simple couche est proposé€et pré&enté
suite auquel une nouvelle transition large bande de ligne microruban aligne parallée est
démontrée. Avec cette transition proposée comme réseau d’alimentation, une nouvelle antenne

large bande quasi-Yagi planaire est développée.

°® Les techniques du Guide Intégréau Substrat aDemi-Mode (GISDM) et du Guide Int&gre
au Substrat aQuart de Mode (GISQM) sont introduites dans le but de miniaturiser les circuits
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GIS et d’améliorer la bande passante. Les structures GISDM et GISQM sont générées en

bisectant les structures GIS avec des murs magnétiques fictifs. Un diviseur de puissance GISDM

de type Wilkinson est mis au point avec l’intégration réussie d’une branche résistive avec la

structure GIS, ce afin de garantir une bonne isolation ainsi qu’une bonne adaptation en sortie. De

plus, deux filtres GISQM de type Chebychev sont proposés et démontré pour des applications a
large bande.

[ Un deéaleur de phase alarge bande qui met aprofit des fentes longitudinales non
radiatives sur les murs larges d’un GIS est présenté. Le décaleur de phase alarge bande est conqu
sur la base d’un phénomeéne de dispersion du GIS et de la ligne GIS a fentes. Le concept est
développéapartir de la diffé&ence des constantes de propagation du mode TE;o et du mode quasi
TEM, qui sont les modes fondamentales respectifs de la ligne GIS et de notre ligne GIS afentes

proposess.

° Une nouvelle topologie de Méangeur auto-Oscillant aSous-harmonique (MOS) qui met &
profit les caractéistiques de transmission de deux modes opé&ants dans une cavité GIS est
proposes. Le MOS est constitué¢ d’un filtre passe-bande GIS a deux modes, d’un transistor a effet
de champ (ou FET, pour Field Effect Transistor) a source commune et d’un filtre passe-bas. Le
mode fondamental Ho; de la cavitéGIS est utilis€écomme mode RF alors que le mode Ha, est

utilisépour généer I’oscillation locale.

° Un méangeur large bande millimérique basésur une diode qui met en ceuvre un circuit
hybride 180 degré& GIS est pré&senté De plus, un frontal (ou front-end) de ré&eption qui integre
une antenne ahaute performance constituée d’un réseau de fentes et du mélangeur proposé est
con@l. Subsé&uemment, un systéme sans fil avec une modulation de type M-QAM (pour M-ary
Quadrature Amplitude Modulation) est démontrépour un canal avision direct (ou LOS, pour
Line-Of-Sight).

) Un nouveau frontal de réeption basésur un MOS est proposé Il emploie une architecture
a verrouillage par injection afin d’améliorer la stabilité en fréquence et le bruit de phase de
I’oscillateur local. Le MOS proposémet aprofit les caract&istiques de transmission de deux
modes opé&ant dans une cavitéGIS. Ainsi, le frontal de ré&eption proposé€a les avantages de
procurer un faible bruit de phase et une bonne isolation entre 1’entrée RF et le signal de

’oscillateur local (LO).
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Un énmetteur/ré&epteur GIS op&ant 260 GHz avec une large bande d’opé&ations de 3 GHz est
présenté. La technique d’intégration proposée de structure planaire et non-planaire permet la
conception de composants passifs et d’é¢léments actifs dans un méme et unique boitier. Les
circuits passifs et les antennes ahaut gain sont intégré&s ensemble avec des circuits monolithiques
int&ré micro-ondes (ou MMICs pour Monolithic Microwave Integrated Circuits) par le procé&lé

de céblage filaire (ou wire-bonding).
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ABSTRACT

The heavily congested condition at the existing radio frequency (RF)/microwave spectra
allocated for the today’s wireless communications motivates and expedites the research work at
millimeter-wave bands where more spectrum space is available for massive data rate delivery.
Compared with other transmission line techniques, the substrate integrated waveguide (SIW)
platform shows attractive advantages of low profile, low-cost, high Q-factor, and low insertion
loss, etc. It has gained a lot of attention recently due to its favorable features in millimeter-wave

circuit/system design.

The topic of this doctoral dissertation are concerned with two distinct research tasks: (1)
investigating and designing innovative SIW components and antennas for possible millimeter-
wave applications; (2) developing and demonstrating geometry-compact, low cost, high level of

integration and high performance millimeter-wave receiver systems.

Chapters 1 to 4 focus on the exploitation and investigation of individual SIW devices, in which a
number of original concepts and innovative structures are proposed and demonstrated. In Chapter
5, generic architectures and parameters of receiver systems are discussed and used as a guideline
for the millimeter-wave system design in the next chapters. From Chapter 6 to Chapter 8, sub-
millimeter/millimeter wave systems based on SIW technique are demonstrated.

The major contributions of this thesis work can be highlighted as follows:

[ An inherent broadband balanced structure can be achieved by printing circuits on two
opposite sides of an SIW substrate. According to this feature, a broadband SIW planar balun
implemented on a single layer printed circuit board (PCB) is proposed and presented, following
which another newly proposed broadband microstrip-to-broadside parallel stripline transition is
demonstrated. With the proposed transition as the feeding network, a novel broadband printed

quasi-Yagi antenna is developed.

°® Half-mode substrate integrated waveguide (HMSIW) and quarter-mode substrate
integrated waveguide (QMSIW) techniques are introduced for the purpose of miniaturizing SIW
circuits and enhancing the bandwidth. The HMSIW and QMSIW structures are generated by
bisecting SIWSs with fictitious magnetic walls. A broadband HMSIW Wilkinson power divider is
developed, which successfully integrates a resistor branch with the SIW structure to guarantee



good output matching and isolation. Furthermore, two C-band QMSIW Chebychev filters are
proposed and demonstrated for wide band applications.

[ A broadband phase shifter that makes use of non-radiating longitudinal slots in the broad
wall of an SIW is presented. The proposed broadband phase shifter is developed on the basis of a
dispersive phenomenon of SIW and slotted SIW lines. The design concept is developed on
different propagation constants of TE;o mode and quasi-TEM mode, which are the fundamental

modes of SIWs and our proposed slotted SIWs, respectively.

[ A novel sub-harmonic self-oscillating mixer (SOM) topology that makes use of the
transmission characteristics of two operating modes in an SIW cavity is proposed. The SOM
circuit consists of a dual-mode SIW band-pass filter, a common source hetero-junction FET and a
low-pass filter. The fundamental mode (Hi01) of the SIW cavity is used for RF mode operation

while the Hog, mode is used for local oscillation.

° A broadband millimeter-wave single balanced diode mixer that makes use of an
innovative SIW based 180-degree hybrid is presented. Furthermore, a receiver front-end that
integrates a high-performance SIW slot array antenna and the proposed mixer is developed.
Subsequently, a wireless communication system with M-ary quadrature amplitude modulation
(M-QAM) is demonstrated for line-of-sight (LOS) channels.

o A novel SOM-based receiver front-end is proposed, which deploys an injection locking
scheme in order to improve the frequency stability and phase noise of the oscillating signal. The
proposed SOM makes use of the transmission characteristics of two operating modes in an SIW
cavity. As such, the proposed receiver front-end has the advantages of low phase noise and
decent isolation between RF and local oscillator (LO) signals.

[ A 60 GHz substrate integrated transceiver system with a broad bandwidth up to 3 GHz is
presented. The proposed integration technique of planar and non-planar structures allows the
design of passive components and active devices within a single package. The passive circuits
and high-gain antennas are integrated together with monolithic microwave integrated circuits
(MMICs) by simple wire-bonding process.



CONDENSE EN FRANCAIS

Introduction

Les systames millimérigques ont un consid&able int&& gr&e aleurs avantages tels que la bande
passante disponible, 1’amélioration de la résolution, et le faible poids. Aussi, les hautes
fréguences ont de plus courtes longueurs d’onde et donc une plus petite taille de circuits. La
plupart des modules en ondes millimériques sont rélisé en utilisant des technologies de circuits
intégré (ou IC, pour integrated circuits). Cependant le cott de la conception et de la fabrication
de tels circuits peut &re considéablement éeveési on considée un volume de production limité
De plus, les antennes et les filtres passe-bandes ahaut facteur de qualitésont difficiles aintérer
dans les boitiers d’un point de vue de la conception systéme. Ainsi le développement de modules
compacts et faible cott en ondes millimériques est néessaire pour les systénes millimériques.
Une plateforme candidate pour répondre a ce besoin est offerte par le concept d’une nouvelle
généation de circuits intégrés haute fréguence appelé Circuits Intéreé au Substrat (CISs).
Fondamentalement, le concept des CISs consiste en la synthése de structures non-planaire &partir
d’un substrat diélectrique planaire et d’intégrer ces derniéres dans une plateforme unique avec
d’autres structures planaire. Cela peut étre accompli de facon générale en créant des canaux
artificiels guidant les ondes. Les CISs peuvent grandement faciliter les interconnexions et
intéyrations entre des circuits planaires et non-planaires. Il est un fait qu’ils donnent des
avantages sans préélant pour la conception de composants micro-ondes et millimériques, de
systames et application photonique sans fil, en considéant sa contribution aoffrir une solution
potentiellement faible cot et performante pour des applications de production de masse.

Le concept des CISs peut étre utilisé pour synthétiser une variété de guides d’ondes basés sur des
maté&iaux diéectriques et/ou conducteurs en utilisant des trous méallisé& ou non dans le proc&lé
conventionnel faible cot des circuits imprimé simples ou multicouches. Egalement, cette
technologie est compatible avec de nombreux autres proc&lé de fabrication tels que le proc&lé
en couche mince (ou thin film), HTCC (pour High Temperature Co-fired Ceramic), LTCC (pour
Low Temperature Co-fired Ceramic) et possiblement les proc&lé&s basés sur les semi-conducteurs
tels que MMIC (pour Microwave Monolithic Integrated Circuit) ou CMOS, et donc occasionne
un inté&é& grandissant dans les communautés scientifiques et technologiques. Il y a plusieurs
structures CIS populaires incluant le Guide Inté&réau Substrat (GIS), le SISW (pour Substrate
Integrated Slab Waveguide), le SINRD (pour Substrate Integrated Non-Radiating Dielectric), le



Xi

SIIDG (pour Substrate Integrated Image Dielectric Guide), le SIINDG (pour Substrate
Integrated Inset Dielectric Guide), et le SIIG (pour Substrate Integrated Insular Guide).

Les GISs sont des structures intéyrees similaires aux guides d’ondes. Ils consistent en un substrat
diéectrique compris entre deux plans conducteurs et des lignes p&iodiques de trous ou fentes
méallisé& connectant ces deux plans conducteurs. Comparée aux autres technologies CISs, le
GIS présente la plateforme la plus développée, étant donné qu’il est relativement facile de
reproduire en technologie GIS des conceptions existantes et matures réalisées en guide d’onde
rectangulaire conventionnel. La recherche sur les guides d’onde conventionnels a ouvert la voie a
I’exploration des conceptions GIS pour la mise au point de composants passifs ahaut facteur de
qualité tels que les ré&onateurs, les filtres, les coupleurs, les diviseurs de puissance, les
circulateurs et les antennes.

Le sujet de ce doctorat concerne deux t&hes de recherche distinctes : la premige est d&liee a
I’investigation et a la conception de composants et d’antennes GIS innovants pour une possible
application en ondes millimériques; la seconde se consacre ala mise au point et &ala
démonstration de systénes de ré&eptions millimériques de tailles compactes, faibles pertes, a
haut niveau d’intégration et hautes performances.

Les chapitres 1 a 4 se concentrent sur 1’exploitation et 1’investigation, un a un, de composants
GIS pour lesquels un nombre de concepts originaux et innovants de structures est proposé et
dénontré Dans le chapitre 5, les architectures classiques et les paramétres des systames de
réeption sont introduits, puis utilisé pour la conception de systames de ré&eptions
millimériques dans les chapitres suivants. Du chapitre 6 au chapitre 8, des systémes
submillimériques et millimériques basés sur le GIS sont démontrés.

Balun GIS alarge bande

Un balun est un éémnent ou un circuit qui convertit des signaux entre une structure non balancee
et une structure balancee. Deux catégyories de balun planaires peuvent &re définies en fonction de
leurs applications. La premiee catégorie de balun peut &re appelé& micro-ruban amicro-ruban,
car les interfaces des ports non balancéet balancésont des micros rubans. La seconde caté&yorie
se réfée aux transitions entre une ligne non balancé& (tel que micro-ruban ou coplanaire) et une
ligne balancee telle qu’une ligne parallée ou parallée coplanaire.

Une structure balancés large bande inhé&ente peut &re obtenue en imprimant un circuit sur deux
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faces d’un substrat GIS. Basés sur cette structure, deux difféents types de balun sont proposés et
présentés dans le chapitre 1. Le premier balun consiste en un diviseur de puissance GIS a3 dB et
de ligne micro-rubans qui sont placees sur les deux c@eés d’un substrat diélectrique afin d’obtenir
des ports balanceés déhasés de 180< Ce diviseur GIS présentant une caracté&istique large bande,
la nouvelle structure de balun peut fournir une réponse large bande, ce qui est une caracté&istique
critique pour de nombreux systémes de communication sans fil. D’un autre c@€ les ports
balancés peuvent se retrouver sur un méne plan en utilisant un trou méallisépour amener un des
signaux différentiels d’un c@éa ’autre du circuit. De cette fagon, le nouveau balun peut &re
facilement conq et fabriquésur un circuit imprimédouble coté Comparéaux autres structures
rapportés dans la litté&ature, le balun proposé peut &re facilement utilis€ aux fréguences
millimériques et de plus cette structure ne né&essite pas de section avec un couplage demandant
une gemerie trés preeise comme c’est généralement le cas pour de nombreuses structures de
balun MMIC.

Deuxiénement, une nouvelle transition de ligne micro-ruban aligne parallée basé sur le GIS est
proposee. Elle offre des performances large bande avec de nombreux avantages tels que de
faibles pertes d’insertion, de bonnes tolé&ances de fabrication et une taille compacte aux
fréguences millimériques. Une caractéistique majeure de la transition proposé est que la ligne
balancé est cré& par la géamérie et non par une structure sensible ala fréuence. Ainsi elle
peut fournir de bonnes performances sur une bande trés large. Avec cette transition proposee
comme réseau d’alimentation, une nouvelle antenne large bande quasi-Yagi planaire est
développée. Un systéne adeux antennes quasi-Yagi GIS est conqi et mesuréafin de démontrer

les performances de I’antenne proposée.

Miniaturisation et éargissement de bande de circuits GIS

A cause de la demande grandissante dans les communications sans fil durant les derniées
deéeades, des efforts ont @émenés afin de ré&luire la taille et le coG des circuits micro-ondes. En
généal, la taille des circuits GIS est plus grande que leur contrepartie micro-ruban ou coplanaire.
Cela pourrait @re avantageux pour les applications millimériques puisque les tolé&ances de
fabrication sont moins contraignantes pour le GIS. Cependant, la taille des composants GIS pose
un probléme pour leurs applications aux fré&uences plus basses. R&emment, des structures GIS

ademi mode, ou GISDM, gén&ées en bisectant les structures GIS avec des murs magnéiques
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fictifs et préservant la distribution de champs original d’une ligne GIS, ont été reportées.

Diviseur de puissance GISDM de type Wilkinson

Les diviseurs de puissance conventionnels en plan H souffrent de ne pas &re adapté& atous les
ports et &jalement de ne pas offrir une bonne isolation entre les ports de sortie. Dans de
nombreuses applications, 1’adaptation en sortie et I’isolation des diviseurs de puissance doivent
é@re considéés afin d’ame@iorer les performances. Par exemple, dans les applications aux
réseaux d’antennes, les sorties d’un diviseur de puissance sont généralement directement
connectées aux ¢éléments d’antennes. Et une bonne isolation peut €viter a ces ééments
d’interférer entre eux.

Le diviseur de puissance de Wilkinson pré&ente un réseau ayant de fortes pertes aen juger par la
branche résistive utilisé afin d’isoler les ports de sortie. Un tel diviseur est tout particuliecement
utile, car les ports de sortie peuvent &re simultanément adaptés et isolé. Ce principe, qui a é&é
implémenté dans la conception d’une jonction en T micro-ruban il y a plusieurs années n’a jamais
été utilisé dans la conception d’une jonction en T en guides d’onde. Cela peut étre attribué a la
difficulté¢ dans la fagon de concevoir un réseau a perte et aussi de 1’intégrer dans la structure a
guide d’onde.

Dans le chapitre 2, un diviseur de puissance GIS de type Wilkinson en plan H ré&lisésur un
circuit simple couche est proposéet pré&entépour la premiere foi. Dans notre nouvelle structure
proposee, le GISDM est utilisénon seulement afin de réluire la taille, mais aussi afin de rendre le
champ E maximum sur le bord oUest intéréun ré&eau aperte. Compar€aux autres structures
reportées, le diviseur de puissance propos€présente une bonne adaptation en sortie et une bonne
isolation, ce pour une large bande. De plus, cette mise en ceuvre prend les avantages des GIS, a
savoir : un bas profil, de faibles pertes d’insertion, et une bonne immunité aux interférences, mais
pour une taille encore plus ré&luite. Il faut aussi mentionner que la configuration ne supporte pas
le mode supé&ieur TE; comme c’est le cas pour le GIS. Ainsi, une plus grande largeur de bande
résulte pour la structure proposé comparativement ases contreparties. Le diviseur de puissance

GIS de Wilkinson peut facilement &re utiliséaux fr&uences millimériques.
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Filtre passe-bande GISQM

Le filtre GIS &cavités est une des applications les plus populaires de cette technologie énergente.
Comparés aux autres filtres planaires basés sur les lignes micro-rubans, ou les lignes coplanaires,
les filtres GIS ont démontré d’excellentes performances en terme de facteurs de qualitéet de
pertes d’insertion. En général, la taille des filtres GIS est beaucoup plus grande que leurs
contreparties micro-ruban ou coplanaire, ce qui posent un probléne et restreint leurs applications
en basses fr&juences. En fait, la conception de filtre intérépréentant le plus de difficultése
trouve &re pour les fr&uences de I’ordre de quelques GHz.

De facon a obtenir une taille plus compacte, le guide d’onde intégré a quart de mode, ou GISQM,
est propos€et appliqguéala conception de nos filtres. Le GISQM est gené&é&en bisectant un
GISDM avec un second mur magné&ique fictif. Le maximum du champ E du mode dominant
TE0; est ainsi localisé a I’angle de la cavité GISQM. La dimension totale de cette cavitéest de
pré& du quart de la dimension de sa contrepartie GIS. Ainsi, le GISQM proposédémontre un
excellent potentiel pour les applications en basse fréquence (de 1’ordre de quelques GHz).

Le facteur de qualité Q de la structure GISQM proposé est moindre que celui de ses
contreparties GIS car les deux c&és ouverts ne représentent pas des murs magnétiques parfaits et
qu’une partic de 1’énergie est radié. Cependant, la ligne GISQM proposé& peut permettre
d’obtenir un coefficient de couplage plus important entre deux sections voisines. Ainsi, elle peut
ére utilisée pour obtenir un filtre &bande passante large ce qui ne peut &re facilement accompli
avec les filtres GISs conventionnels. Pour démontrer le concept en déail, deux filtres en bande C
aquatre pdes de type Chebychev sont conqus et fabriqués pour différentes bandes d’applications.
Un premier filtre opé&e ala fré&uence centrale de 5.85 GHz avec une bande d’opé&ations
fractionnelle de 14%. Le second opé&e ala fréuence centrale de 5.5 GHz avec une bande
d’opé&ations fractionnelle de 26%, et couvre la bande de fr&uence exemptee de licence allant de
5.25 GHz a5.85 GHz pour le WiMAX. Comparés a d’autres filtres amicro-ruban, les filtres
proposés ont les avantages d’étre planaire, de présenter une bonne immunité&aux interfé&ences et

couplages et d’étre facilement réalisables.

Dé&aleur de phase large bande basésur une structure GIS afentes
Un deealeur de phase large bande est proposédans le chapitre 3. 1l est basésur une structure GIS

afentes non radiative. La structure proposes consiste en deux fentes longitudinales identiques
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disposées symériquement sur les c@é du mur large d’une ligne GIS. Différents types de fentes
sur des guides d’onde ont été éudiés dans des travaux pré&é&lemment rapportés. Cependant, la
plupart des investigations se sont concentréss sur les effets de radiation de ses fentes pour la
conception d’antennes. Dans notre travail, une étude en profondeur sur la structure GIS a fentes
non radiative est mené. Elle permet de déerminer que la constante de propagation du mode
dominant est approximativement lin&ire avec la fréuence. Ce mode est supposéquasi-TEM, ce
qui est concordant avec une structure coplanaire. Afin de confirmer cette supposition, le mode
dominant de notre structure est comparéau mode d’une ligne coplanaire. Il en ré&ulte que la
constante de phase de ce mode dominant concorde parfaitement avec le mode d’une ligne
coplanaire.

De plus, les caracté&istiques de transmission de la ligne GIS afentes sont examinés et puis
appliqués anotre désaleur de phase. Comparée avec les lignes micro-rubans, pour une méne
largeur, ’atténuation de la ligne GIS a fentes est moindre et méme négligeable. Le mode
fondamental de la ligne GIS afentes est quasi-TEM (au lieu du mode TE;jo pour une ligne GIS).
Ses propriéés de dispersion sont ensuite utilisées pour la conception d’un décaleur de phase a
large bande. Pour valider la méhode proposé, un déaleur de phase 90° est implémentésur une
large bande allant de 21 GHz &28 GHz. L’atténuation en amplitude et la diffé&ence de phase
mesuré entre les deux chemins du prototype sont de 0.5 dB et #4° respectivement atravers une
trés large bande allant de 22 GHz a 28 GHz. La perte d’insertion mesurée est de moins de 1 dB,
et la perte d’adaptation meilleure que 14 dB. En fait, les performances obtenues de notre désaleur
seraient bien meilleures puisque les ré&ultats pré&enté& sont dégradé par la transition micro-
ruban a GIS mise en ceuvre en pratique. La qualitéprincipale du dé&aleur proposé€se ré&sume ace
que la dimension est significativement réluite comparé aux autres méhodes pré&é&lemment
rapportées et peut facilement opéer aux fréguences millimériques avec de faibles pertes et un
bas profil. Aussi, la simple structure réultante monomode est facilement adaptable par les
ingénieurs micro-ondes. Avec des caract&istiques tres large bande et de faibles pertes, nous
pouvons anticiper que le deealeur de phase propos€aura de trés nombreuses applications en

ondes radiofré&juences et millimériques.
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Mdangeur auto-Oscillant aSeconde-harmonique (MOS)

Une nouvelle structure de mé&angeur auto-oscillant &seconde harmonique qui est intéréavec un
filtre passe-bande séectif GIS est proposé au chapitre 4. Le MOS propos€emploie un transistor
FET dans une configuration asource commune. Le signal RF d’entrée passe a travers le filtre
passe-bande afin de filtrer le bruit avant d’entrer dans le MOS. L’isolation entre 1’entrée RF et
’oscillateur local est un paramétre trés important lorsque I’on congoit un circuit MOS. En ce qui
concerne cette mise en ceuvre, un filtre GIS a bande étroite est nécessaire afin d’obtenir une
bonne isolation entre les fréquences RF et LO qui sont proche I’une de I’autre. Typiquement, les
filtres passe-bande de type micro-ruban peuvent difficilement atteindre une bande éroite de
moins de 5% avec des performances raisonnables dans et en dehors de la bande d’intérét. C’est la
raison pour laquelle le filtre passe-bande n’a pas intégré dans les conceptions reportées dans la
litt&ature jusque-la Dans notre travail, la propriééde haut facteur Q des cavités GIS est utilisée
pour la mise en ceuvre d’un filtre passe-bande éroit. Le concept est basésur les caractéistiques
de transmission de deux diffé&ents modes dans une cavitéGIS. A savoir que le mode fondamental
et les modes d’ordre supérieur peuvent coexister dans une méme cavité et ce, sans interféer.
Notre filtre passe-bande consiste en quatre cavité GIS. Pour les trois premiers ordres du filtre, le
mode fondamentale Hyo; de la cavitéGIS est utiliséala fré&uence RF. La quatriéne cavitéest
congle de sorte le mode Hyo, opée ala fréuence RF et que pour géné&eée une résistance né&yative,
le mode fondamental créé les conditions d’oscillation a la fréquence d’oscillation LO désirée.
D’un point de vue systame, notre approche permet une intégration directe avec une antenne afin
de faire un frontal de réeeptions millimérique compacte.

Pour dénontrer la mé&hodologie de conception, un prototype en bande K, du MOS proposéest
pré&enté La bande Ka a ééchoisie pour I’implémentation acause de la limitation due anotre
procé&léde fabrication de circuit imprimeéet au fait que le transistor soit de type montéen surface.
Le nouveau concept est validépar la simulation et la mesure qui permettent de suggéer une
puissance d’environ 8.5 dBm et -3 dBm respectivement pour la premi&e et la seconde
harmonique de I’oscillateur local. Le mélangeur, implé@nentéen transposition vers la fréjuence
intermédiaire, permet d’obtenir une perte de conversion de 12 dB et un bruit de phase de -81
dBc/Hz a100 kHz de la fréquence centrale avec un signal d’entré& a34 GHz. Il convient de
mentionner que la conception proposé présente plus d’avantages pour les hautes frégjuences

millimériques.
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Systémes de ré&eption millimériques GIS

Dans les chapitres 1 a4, la technologie GIS a &éappliqué pour la conception de circuits et
composants millimériques. Cependant, notre travail éait principalement consacré au niveau
composant. D’un point de vue systéme, il est plus intéressant d’implémenter la technique GIS en
ondes millimériques afin que ses avantages soit exploitépour am@&ioréles performances.

Dans le chapitre 5, les architectures classiques et les paramétres des systames de ré&eptions sont
introduits afin de permettre la démonstration de systémes de communication dans les chapitres
suivants. Basé& sur les propriéés de difféentes architectures de réepteurs, nos systames de
communication emploient une topologie hétérodyne bistatique mettant en ceuvre deux antennes
au lieu d’un circulateur ou d’un interrupteur avec une seule antenne qui présenterait beaucoup
trop de pertes aux fréguences millimériques. Dans notre prototype exp&imental, la modulation
I/Q est réalisée par un générateur de signaux vectoriel, et un démodulateur AD8347 d’Analog
Device est utilisé La sortie du dénodulateur est enregistré pour diffé&entes puissances RF
d’entrée et différents taux de symbole Rs de la modulation QPSK. Finalement, 1’analyse du
resepteur est menee et les paramétres du systame incluant le plancher de bruit, la sensibilitéet le
taux d’erreurs bit a bit sont étudiés. L’importance d’une source stable et pure dans le systeéme de
régeption est notamment dénontree.

Basé& sur I’étude menée au chapitre 5, trois différents circuits de réceptions en ondesS
millimériques sont conqis dans les chapitres 6 &8. Le premier est mis en ceuvre a partir d’un
mdangeur large bande millimérique bas€sur une diode et qui utilise un circuit hybride 180°
innovant. Cet hybride 180° consiste en un coupleur 3 dB en plan H et un déphaseur 90° alarge
bande introduits dans le chapitre 3. Un prototype exp&imental en bande K du méangeur est mis
en ceuvre. Les résultats de mesure démontrent que les pertes de conversion sont meilleures que 10
dB sur toute la bande de fréguences allant de 20 &26 GHz, pour une transposition en haute et en
basse fr&uence. La fré&guence interméliaire IF mesuré& va du DC a4 GHz. Le mé&angeur
proposédénontre une excellente lin&rit€ avec des points de IP3 et P1gg d’environ 15 dBm et 9
dBm respectivement. De plus, ’isolation port a port est trés bonne. Ensuite, un frontal de
réeeptions est construit en intégrant directement ce méangeur avec une antenne GIS afort gain.
Egalement, ce frontal, comme élément d’un systéme de communication sans fil en bande K
utilisant une modulation de type M-QAM, est dénontrépour un canal en vision direct. Les

résultats mesurés et analytiques montrent que le systéme proposeest capable de fournir une
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communication fiable. Il faut mentionner que la conception proposeée présente plus d’avantages
pour une application dans les hautes fréguences millimériques.

Le chapitre 7 pré&ente un nouveau frontal de réeptions basésur un MOS. Il emploie une
technique de verrouillage par injection afin d’améliorer la stabilité en fréquence et le bruit de
phase de I’oscillateur. Dans notre frontal de réceptions, un réseau d’antennes GIS a fentes, un
filtre passe-bande et un MOS opé&ant ala seconde harmonique et dénontréau chapitre 4, sont
intéyré& dans un circuit simple couche afin d’obtenir une architecture compacte et faible cod.

Le MOS proposé utilise les caract&istiques de transmission de deux modes op&ant dans une
cavitéGlIS. Ainsi, le frontal de réeptions proposé€a les avantages d’avoir un faible bruit de phase
et une bonne isolation entre I’entrée RF et le signal LO. De plus, un petit signal externe
d’injection est appliqué a la fréquence fondamentale d’oscillation comme référence afin
d’améliorer le signal d’oscillation. En comparant le fonctionnement avec et sans signal
d’injection, on peut observer que le faible signal de verrouillage amédiore de beaucoup la stabilité
du signal LO et le bruit de phase d’environ -75 dBc/Hz &-100 dBc/Hz &100 kHz de la fré&juence
d’oscillation. Un émetteur/récepteur en bande Ka est implémenté pour vérifier ’intérét de notre
frontal de ré&eptions pour des applications de communication. La mesure du systéme est ralisée
pour une distance de d = 30 cm a 1 m entre I’émetteur est le récepteur ce qui donne une perte
d’espace libre allant de 53 a 62 dB. Le signal de sortie est moduléavec une modulation de type
QPSK, et la fré&uence interméliaire fr est en accord avec le signal RF transposé€ Un signal de
ré&ence de -30 dBm alimente le port d’injection du MOS. Le spectre mesurédu signal modulé
IF transmis et du signal modulé IF req sont &udié Excepté quelques signaux de bruit non
dé&sirés sur le cGédes bandes, le spectre du signal IF requ est trés similaire au spectre du signal IF
transmis. Ceci indique que notre frontal d’émission/réception transfé&e correctement le signal
modulé On peut &jalement observer que la constellation du signal est dramatiquement amé&ioré
avec un signal de verrouillage.

Le chapitre 8 se d&lie ala bande de fr&juence centré autour de 60 GHz, qui pré&ente une bande
libre d’accés de 7 GHz et qui est de plus allouée mondialement (57-64 GHz en Amé&ique du
Nord, 59-66 GHz au Japon et en Europe). Cette bande pré&ente un trés fort potentiel pour de trés
importants taux de transfert de donné& compar€aux autres fréguences qui présentent une bande

tres limitée.
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La technologie sans fil 260 GHz pré&ente des caract&istiques incluant une courte distance, un
haut débit de donnée, une forte densitéet une faible puissance de transmission. Dans ce chapitre,
un émetteur/ré&epteur GIS innovant 260 GHz préentant une bande d’opérations de 3 GHz est
présenté. Les éléments passifs et I’antenne sont totalement intégrés dans le substrat diélectrique.
Les autres é&éments, que sont un amplificateur faible bruit (LNA) HMC-ALH382, un
amplificateur de puissance (PA) HMC-ABH241 et un mdéangeur HMC-MDB169, sont des
composants MMICs fournis par Hittite. Des lignes de transmission 50 Ohm ré&lisés sur un
substrat d’alumine d’épaisseur 0.254 mm sont utilisées pour router les signaux RF du et vers les
MMICs. Les puces MMICs sont collés aun film de 0.150 mm d’épaisseur permettant de
dissiper la chaleur, puis connecté&s a un plan de masse a I’aide d’une colle époxy conductrice en
faisant de telles sortes ace que la surface de la puce soit ala mé&ne hauteur que la surface du
substrat. Afin de valider I’architecture CIS proposée, un systéne sans fil de communication &60
GHz avec des signaux modulé est démontréavec succes pour un canal en vision direct. La
technique d’intégration proposée de structure planaire et non-planaire permet la conception de
composant passif et actif dans un mé&ne boitier. Les circuits passifs et antennes afort gain sont
intégré& ensemble avec les composants MMICs par le proc&lé de céblage filaire (ou wire
bonding). Avec cette technique de conception, notre émetteur/réeepteur 260 GHz démontre des
avantages et des propriéé attractives incluant un faible co(t, une taille compacte et des

performances fiables.

Conclusion

Bien que des travaux intensifs aient dga&émené& pr&é&lemment sur la technologie GIS, la
plupart de ces travaux se concentraient exclusivement sur des ééments et peu d’attention avait
été apportée a 1I’incorporation de ses nouvelles propriéés pour les systénes millimériques. Cette
thése de doctorat a eu pour objectif d’explorer cette voie. Deux principales contributions en ont
resulté

Premieement, cette thése pré&ente de multiples projets hautement originaux et innovants qui
impliquent I’investigation de structure, la conception de circuits, la mise en ceuvre pratique, et
enfin la caractérisation par la mesure. Elle a été réalisée dans 1’objectif de découvrir des
propriéés int&essantes et de nouvelles conceptions avec leurs regles de circuits GISs aux

fréjuences millimériques par une recherche thérique et exp&imentale d&aille.
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Deuxiénement, le travail de recherche décrit dans cette thése a permis d’appliquer la technologie
GIS aux systemes d’émetteurs/récepteurs en ondes millimériques. Cette thése propose de
possibles approches afin d’obtenir une forte densité d’intégration tout en préservant les hautes
performances requises pour un faible coQi.

Pour résumer, notre recherche a permis d’établir les bases afin de promouvoir et d’examiner les
concepts GIS pour le développement d’une large gamme de composants et de systénes en ondes
millimériques. Cette theése fait une exploration en profondeur dans le développement de futures
généations de circuits et de systanes millimériques ahaute densitéd’intégration et dé&li&s ala
production de masse. Elle repréente un programme de recherche en ingénierie des ondes
millimériques qui met 1’accent sur le développement d’une nouvelle plateforme technologique

avanceé.
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INTRODUCTION

Compared with most of well-developed applications at lower frequency bands, millimeter-wave
frequencies take the advantages associated with the increased operating frequency, namely
increased available bandwidth, improved resolution, and enhanced security. Meanwhile, owing to
smaller component size, entire millimeter-wave systems may be more compact and lightweight.
Due to these reasons, millimeter-wave spectrum is expectedly useful for future high-speed
wireless services and radar applications. Potential commercial wireless applications at millimeter-
wave or sub-millimeter-wave frequencies include wireless point-to-multipoint services, chip-to-
chip high-speed links, satellite communications, automotive radars, radiolocation, and imaging

and security systems for weapon and hazardous material detections [1]-[4].

On the other hand, there are plenty of technological and technical challenges in designing
millimeter-wave circuits and systems, such as cost pressure, smaller size, increased system
density, and lower system power dissipation. Classical waveguides have been predominating in
the millimeter-wave system design by offering low loss and extremely high power handling
capability [5]-[6]. However, this matured scheme is not suitable for low-cost mass-production
since tedious and expensive post fabrication tuning and assembling presents a bottleneck problem
for manufacturers. In addition, the waveguide components are normally bulky and hardly applied
to reduce the weight and volume, judging from a system point of view. Although a number of
design techniques of integrating rectangular waveguides with planar circuits have been reported
for developing low-cost, high-performance and mass-producible millimeter-wave systems, none
of them has been proven attractive for widespread applications. Meanwhile, it is difficult and
even impossible for achieving a wideband impedance matching between low-impedance active

elements (IMPATT diodes, for example) and high-impedance waveguide circuits.

As an attractive solution for making high-density integration, system in package (SiP), which is
characterized by incorporating multiple active and/or passive components into a single package
to provide functions associated with a system or sub-system, is still a mainstream in millimeter-
wave domain [7]-[8]. Compared with discrete packages, SiP can provide a better solution for
power saving, electromagnetic interference (EMI) reduction, and complexity reduction of overall
designs. On the negative side, it also leads to low production yield, poor quality control, and

more complicated manufacturing process. Especially, the cost advantage of deploying SiP



technology in millimeter-wave system design is not quite appealing as most of SiP applications
are created in an expensive integrated circuit (IC) environment. Consequently, an alternative low-

cost manufacturing platform is highly demanded.

A promising candidate for developing this platform is the concept of a new generation of high-
frequency integrated circuits called substrate integrated circuits (SICs) [9]. The fundamental of
the SICs concept is to synthesize non-planar structure with a planar dielectric substrate and
integrate them in a single platform with other planar structures. This can usually be achieved by
creating artificial waveguiding channels. SICs can greatly facilitate interconnects and integrations
between planar and non-planar circuits, which can be made within a patch fabrication process. As
a matter of fact, it provides unprecedented advantages for developing microwave and millimeter-
wave components, systems and wireless photonic applications, considering its contributions in
offering a potentially cost-effective and performance-promising solution for mass commercial

applications.

The SICs concept can be used to synthesize a variety of dielectric and/or metallic-based
waveguide structures by using metallised and/or air-filled via holes in the conventional low-cost
single and multilayer printed circuit board (PCB) environment. Certainly, this technology is also
compatible with many other fabrication processes such as thin film, high temperature co-fired
ceramic (HTCC), low temperature co-fired ceramic (LTCC) and possibly semiconductor-based
microwave monolithic integrated circuit (MMIC) as well as CMOS, and therefore successfully
stirs the growing interest of the scientific and technological community. There are several
popular SIC structures [10]-[13] which include substrate integrated waveguide (SIW), substrate
integrated slab waveguide (SISW), substrate integrated non-radiating dielectric (SINRD) guide,
substrate integrated image dielectric guide (SIIDG), substrate integrated inset dielectric guide
(SIINDG), and substrate integrated insular guide (SI1G). Figure 1 shows the topologies of these

different SIC structures.

As shown in Figure 1, SIWs are integrated waveguide-like structures fabricated with a dielectric
substrate sandwiched in between two ground planes and using two periodic rows of metalized
vias or slots or even trenches to connect the top and bottom ground planes. Compared with other
SICs technologies, the SIW is the most developed platform as it is quite easy to map the existing

and matured modeling and design techniques of rectangular waveguide components into the SIW.



Research on conventional waveguides has paved the way for exploiting the SIW in designing
high performance (high Q) passive circuits such as resonators, filters, couplers, power dividers,

circulators and antennas [14]-[19].

/ﬁ\

(b) (©)

(d) (e) ()
Figure 1: Topologies of different SIC structures and their dielectric waveguide counterparts
(reprint according to [9]) (a) Substrate Integrated Waveguide (SIW), (b) Substrate Integrated Slab

Waveguide (SISW), (c) Substrate Integrated Non-Radiating Dielectric (SINRD) guide, (d)
Substrate Integrated Image Dielectric Guide (SIIDG), (e) Substrate Integrated Inset Dielectric




Guide (SIINDG), and (f) Substrate Integrated Insular Guide (SIIG). Note that white circle stands
for air hole and dark circle for metallised via. Dielectric material is coloured as light grey.

A) SIW design rules

For the convenience of fabrication process, the rectangular waveguides are typically synthesized
by placing two rows of periodic metallic posts in the substrate, as shown in Figure 2, where d is
the diameter of the metallic posts, s is the spacing between the centers of two posts, w and Wes
stand for the physical and effective widths of the SIW, respectively. In fact, this periodic
structure is more complicated for analysis than the conventional waveguide as the edge of the
fictitious electrical side wall is subject to several parameters, especially the post diameter d.
There are several methods to find out the effective width of the SIWSs, we, either by using
simulation tools or empirical equations. As introduced in [20], the effective width can be

obtained with the aid of commercial or self-coded simulation software through three simple steps:
1. Two straight SIW sections of different length (L1 > L,) are simulated.

2. Phase difference between these two transmission coefficients for the TEg mode is used to

calculate its propagation constant with (1).

£S852 — /S

= 1
Pow ==L &)
3. Effective width of the SIW can be obtained using (2).
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There is also an empirical equation which can be used to estimate the effective width of the SIWs
[21]:
d? d?

Wy =W-1.08—+0.1— (3)
S w

The transmission loss is another important concern in designing SIW structures. Due to the
dielectric substrate and reduced volume, the SIWs normally have a degraded Q factor compared
with the rectangular waveguide counterparts. Power leakage needs to be carefully avoided to
preserve the advantages of SIW circuits. In fact, the side wall radiation of SIWs can be



determined by the geometries of SIW structures as well as the properties of substrate. For
example, the higher the dielectric constant and the thinner the substrate is, the smaller the
radiation between the metallic posts will be, because the energy will be much more confined
within the waveguide region. On the other hand, the leakage power will be a product of d and s
once the substrate is specified. Design rules have been concluded in a previously reported work

to ensure that the radiation loss be kept at a negligible level [20].

d</1g/5
s<2d

(4)

substrate

Figure 2: SIW structure synthesized with arrays of metalized vias

B) SIW transitions

In order to integrate SIWs and other planar circuits, various SIW-planar structure transitions are
developed. The first transition was proposed for SIW-microstrip line connection [22]. The design
of the SIW-microstrip transition is straightforward, which simply makes use of a tapered
microstrip line to excite the waveguide mode, as shown in Figure 3(a). It has excellent

performance over a very broad bandwidth that can cover the entire SIW bandwidth.



(b)

Figure 3: Integrated transitions from planar circuits to SIW (a) microstrip line, (b) conductor
backed CPW line



In the millimeter-wave range, coplanar waveguide (CPW) is a preferred transmission line
because the microstrip line may cause a severe surface wave loss in many designs if a thick
substrate is used. Shown in Figure 3(b), a low-loss and broadband SIW-conductor backed CPW
transition was presented in [23], which consists of a CPW section with 90° bend at the end of
each slot. Of course, better performance can be expected by using an inclined bend to build a

smoother transition, but this will also result in a larger size.
C) Passive SIW components

Since SIWs can be perceived as dielectric substrate based waveguides in planar form, most of
classical waveguide components can be transplanted into SIWs without significant changes in
their structures. Compared to microstrip devices, there are mainly two reasons of choosing SIWs:

1) Their losses are lower than in the corresponding microstrip devices, especially in the

millimeter-wave frequency range.
2) There are no radiation and packaging problems.

Up to date, a great number of applications using the SIW technology have been reported. Among
them, low cost filters received particular attention. There are a variety of SIW filter topologies:
The first SIW filter was proposed by Deslandes and Wu in 2003 [15], which made use of
inductive posts to design a three-pole Chebyshev band-pass filter (BPF) operating at 28 GHz. In
the same year, the authors presented a dual mode BPF by using an oversized cavity [24]. The
TE102 and TEyp; modes are the operating modes and a transmission zero appears when these two
modes are used to cancel out with each other. Subsequently, a cavity filter with irises operating at
60 GHz [25] was designed and fabricated. The filter is composed of three half-wavelength SIW
resonators together with microstrip line to waveguide transitions at both ends of the SIW cavity.
In addition, SIW filters with an electromagnetic band-gap (EBG) or defected structure in the
ground plane were presented to achieve specific performance like super-wide bandwidth or better
stopband rejection [26]-[27]. A number of techniques of designing SIW elliptic filters were also
developed and examined to improve the selectivity by introducing transmission zeros [28]-[29].
While most of these filters were demonstrated to operate in the microwave range, it was also
demonstrated that SIW filters could easily be realized up to 180 GHz using a thick film ceramic

fabrication technique [30].



Besides filters, many other passive components have also been developed in SIW technology.
For example, planar SIW phase shifters [31], power dividers [17], circulators [18], directional
couplers [16], six-port circuits [32] and magic Tees [33] all have been implemented and

demonstrated since 2003.
D) SIW antennas

Based on the SIW technology, many kinds of integrated antennas have been proposed. In 2004, a
4>4 SIW slot array antenna at X-band was realized for the first time by etching longitudinal slots
on the top metallic surface of the SIW [34]. Another SIW antenna topology was the leaky-wave
antenna firstly proposed by Deslandes and Wu, which made use of one of the fundamental
characteristics of this synthetic waveguide, namely, its property to generate leakage loss when the
longitudinal spacing of metallic vias is sufficiently large [35]. Furthermore, folded SIW
structures were applied in order to reduce the antenna size [36]. Besides these antenna topologies,
filtering antennas (filtennas), a module providing combined functions of a bandpass filter and a
horn antenna, have been realized by covering SIW cavity frequency selective surface (FSS) at the
aperture of a horn antenna [37]. Other antenna structures, which utilized the SIW as a feeding

network scheme, have also been presented and investigated [38].
E) Active SIW components

SIW technology was also used in the design of active components, thanks to the advantage of its
easy integration with surface mounted or embedded diodes, transistors or MMIC chips. For
example, a 12 GHz feedback oscillator was proposed in [39]. This oscillator was stabilized by
using an injection-locking scheme. Another K,-band Gunn diode oscillator was developed as an
effort to build up a stable and low-phase-noise signal source for synchronized communications
[40]. In addition, a four-way Kgj-band spatial power combiner was proposed, where the SIW
architecture exhibited a good power combining efficiency along with a good heat sink [41]. Iris-
type inductive discontinuities in SIWs have also been used in designing the input and output
networks of an X-band amplifier to pursue a maximally flat gain and high input and output return
losses in the entire frequency band [42].

Although extensive studies of SIW technology have been carried out, some of them simply maps
rectangular waveguide structures into SIWs. In fact, one of the significant advantages of SIW

over traditional waveguide lies in the fact that it provides a low cost and low profile platform to



integrate non-planar waveguide concepts with planar transmission lines like microstrip or CPW.
As such, the unique features of waveguides (For example, high Q factor) and conventional
transmission lines (For example, planar circuit) can be united to achieve a complementary and
unprecedented combination which is particularly useful at millimeter-wave bands since insertion
loss and manufacturing cost are always major concerns associated with increased frequencies.
Our first task in this thesis is to explore interesting features of this combined technique through
intensive theoretical and experimental research. In Chapters 1 to 4, a number of original concepts
and innovative structures are proposed and demonstrated, which emphasize on exploiting the
advantages of SIWs, such as broadband balanced structures, miniaturization techniques, and

inherent high pass property.

On the other hand, most of previously reported work solely focused on a single element, and little
attention has been paid to incorporate advantageous features of SIW to millimeter-wave system
performance. In order to fill up this under exploited field, the second major topic of this thesis is
on the development of SIW circuits and investigations for wireless communication systems.
From Chapter 5 on, sub-millimeter/millimeter wave systems are focused. Several different SIW

based receiver architectures are demonstrated.
The organization of this doctoral dissertation is as follows:

The main topic of Chapter 1 is on the development of broadband SIW balun transformers. First
of all, a broadband SIW planar balun implemented on a single layer PCB is proposed and
presented. The balun structure consists of a 3 dB SIW power divider for equal power splitting
and microstrip lines which are placed on different sides of the PCB substrate at balanced ports to
obtain an 180° phase shift. Technical merits of this balun are concluded by the fact that it can
easily operate at millimeter-wave frequencies and does not require any tight coupling sections as
usually used in many MMIC balun structures. In addition, the balun can be integrated with other
planar circuits including nonplanar and multilayered structures for achieving high circuit
efficiency. Another newly proposed broadband microstrip-to-broadside parallel stripline
transition is also demonstrated in this chapter. The proposed transition is constructed with the
SIW scheme which can achieve broadband performance and offer several advantages over other
counterparts such as low insertion loss, good design tolerance and compact circuit size in the

millimeter-wave range. With the proposed transition as the feeding network, a novel broadband
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printed quasi-Yagi antenna is developed. A two-way SIW quasi-Yagi antenna array is then
designed and measured to further demonstrate the performance of the proposed quasi-Yagi

antenna within an array environment.

Chapter 2 focuses on the miniaturization and bandwidth enhancement of SIW circuits. First of all,
a broadband half-mode substrate integrated waveguide (HMSIW) Wilkinson power divider is
proposed and presented. This broadband H-plane power divider utilizes the half-mode structure
of SIWs such that the overall size is largely reduced. In addition, the lossy network or resistor
branch is successfully integrated with the SIW structure to guarantee good output matching and
isolation. This is critical for the development of a power combining or non-equal power dividing
with potentially poor output port matching. A simple design theory is presented by using the
even-odd mode analysis technique. Secondly, a so-called quarter-mode substrate integrated
waveguide (QMSIW) technique is introduced, in bid to achieve a next step of size reduction. The
QMSIW structure is generated by bisecting the HMSIW with another fictitious magnetic wall. To
demonstrate the design concepts in details, two C-band four-pole Chebychev filters are designed

and fabricated for different bandwidth applications.

Chapter 3 presents a broadband phase shifter that makes use of non-radiating longitudinal slots in
the broad wall of an SIW. The proposed broadband phase shifter is developed on the basis of a
dispersive phenomenon of SIW and slotted SIW lines. The design concept is developed on
different propagation constants of TE;o mode and quasi-TEM mode, which are the fundamental
modes of SIWs and our proposed slotted SIWSs, respectively. The proposed method is then
validated by both theory and experiments. It is shown that the proposed phase shifters have
features of wideband, low insertion loss, and easy to fabricate.

In Chapter 4, a novel sub-harmonic self-oscillating mixer (SOM) topology that makes use of the
transmission characteristics of two operating modes in an SIW cavity is proposed. The SOM
circuit consists of a dual-mode SIW band-pass filter, a common source hetero-junction FET and a
low-pass filter. The fundamental mode (Hio;) of the SIW cavity is used for RF mode operation
while the Hy, mode is used for local oscillation. A K,-band experimental prototype is designed
and fabricated to demonstrate and validate our proposed circuit concept. The measured power

levels of the self and second harmonic LO signals are about 8.5 dBm and -3 dBm, respectively.
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The mixer, implemented as a down-converter, achieves 12 dB conversion loss and IF phase noise
of -81 dBc/Hz at 100 kHz offset with 34 GHz RF input.

In Chapter 5, generic architectures and parameters of receiver system are discussed as a guideline
for our communication systems to be demonstrated in the following chapters. Based on the
features of different receiver architectures, our communication systems of interest employ a
traditional heterodyne topology, and a dual-antenna scheme is used instead of using a circulator
or switch platform for single-antenna solution which may be too lossy at millimeter-wave
frequencies. In our experimental setup, the 1/Q modulation is performed by using vector signal
generator and, a direct quadrature demodulator, AD8347 from Analog Device, is used for
demodulation. The output of the demodulation board is measured with different RF input power
levels P, and different symbol rates Rs for QPSK scheme. Finally, receiver analysis is carried out
and system parameters, such as receiver noise floor, receiver sensitivity and RF impairments that
may affect the bit error rate (BER), are studied. It is found that a pure and stable source plays a

crucial role in receiver systems.

Chapter 6 presents a broadband millimeter-wave single balanced diode mixer that makes use of
an innovative SIW based 180-degree hybrid, fabricated with conventional PCB technique. It has
low conversion loss of less than 10 dB, excellent linearity and high port-to-port isolations over a
wide frequency range of 20 to 26 GHz. The proposed mixer has advantages over previously
reported millimeter-wave mixer structures judging from a series of aspects such as cost, ease of
fabrication, planar construction and broadband performance. Furthermore, a receiver front-end
that integrates a high-performance SIW slot array antenna and our proposed mixer is presented.
With the proposed receiver front-end, a K-band wireless communication system with M-ary
quadrature amplitude modulation (M-QAM) is developed and demonstrated for line-of-sight

(LOS) channels. Excellent overall error vector magnitude (EVM) performance is obtained.

Chapter 7 presents a novel SOM-based receiver front-end which deploys an injection locking
scheme in order to improve the frequency stability and phase noise of the oscillating signal. In
our receiver front-end, an SIW-based slot array antenna, a band-pass filter and a second-harmonic
SOM which has been demonstrated in Chapter 4 are integrated into a single layer substrate as an
effort to establish a compact, low-cost and low profile architecture for millimeter-wave wireless

systems. The proposed SOM makes use of the transmission characteristics of two operating
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modes in an SIW cavity. As such, the proposed receiver front-end has the advantages of low
phase noise and decent isolation between radio frequency (RF) and local oscillator (LO) signals.
In addition, a small externally injected signal is applied at the fundamental frequency as a
reference to improve the LO signal. Comparing the free running mode and injection locking
mode of the proposed SOM, it can be observed that the small reference signal successfully
stabilizes the LO signal and improves the phase noise from around -75 dBc/Hz to -100 dBc/Hz at
the 100 KHz offset. This chapter further presents a Ky-band transceiver system to verify the
feasibility of our receiver front-end for practical wireless communication applications. Excellent

results are obtained.

Finally in Chapter 8, an innovative 60 GHz substrate integrated transceiver system with a broad
bandwidth up to 3 GHz is presented. To validate the proposed SICs scheme, a 60 GHz wireless
communication system with modulated signals is successfully demonstrated for LOS channels.
The proposed integration technique of planar and non-planar structures allows the design of
passive components and active devices within a single package. The passive circuits and high-
gain antennas are integrated together with monolithic microwave integrated circuits (MMICs) by
simple wire-bonding process. With this design and implementation technique, our 60 GHz
transceiver system can demonstrate attractive advantages and features such as low-cost, compact

size, low profile and reliable performance.
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CHAPTER 1 DESIGN AND IMPLEMENTATION OF BROADBAND
BALUN TRANSFORMERS USING SIW TECHNIQUE

A balun is a device or circuit that converts signals between an unbalanced circuit structure and a
balanced counterpart. A large number of analog RF and microwave circuits require balanced
inputs and outputs in order to reduce noise and high order harmonics as well as improve dynamic
range of circuits. With the inherent features of generating balanced signals, baluns are widely
used in many wireless communication systems for realizing critical building blocks such as

balanced mixer, push-pull amplifier and antenna feed networks.

Based on the above mentioned definition of the term “balun”, two categories of planar-form
baluns with respect to their applications can be defined. The first category of balun can be
referred to as the microstrip-to-microstrip balun, which means that the interface of unbalanced
and balanced ports is microstrip line. The second category of balun can be referred to as a
transition between an unbalanced line (microstrip or CPW) and a balanced line such as broadside

parallel strip and coplanar stripline (CPS).

This chapter focuses on the design of broadband SIW balun transformers. Two different types of

balun structures are proposed and presented.

The first proposed balun consists of a 3 dB SIW power divider [43] for equal power splitting and
microstrip lines which are placed on different sides of a dielectric substrate at balanced ports to
obtain 180° phase shift. Since the SIW power divider presents broadband characteristics, the
proposed balun structure can provide a broadband frequency response, which is a critical feature

of many wireless communication systems.

In the second part of this chapter, we propose a new microstrip—to-broadside parallel stripline
transition constructed with the SIW scheme which can achieve a broadband performance and
offer several advantages over other counterparts such as low insertion loss, good design tolerance
and circuit size compactness at the millimeter-wave range. One major characteristic of the
proposed transition is that the balanced line is created by geometric features, not by frequency

sensitive structures. Therefore, it can provide good performance over a fairly wide bandwidth.
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To demonstrate the design methodology and structural features, experimental prototypes of the
proposed baluns are presented in this chapter. The designs are made through the use of a

commercial software package (Ansoft HFSS v10.1) and validated by experiments.

1.1 Broadband SIW Planar Balun

Although various types of baluns have been reported for applications in connection with
microstrip circuits in the form of MICs and MMICs, a planar balun structure with favourable
performance has been a challenging research topic over the past several decades [43]-[46].
Among them, the 180 degree hybrids and multi-section half-wave baluns are frequently used in
microwave circuits as they can easily be realized in many design procedures and fabrication
processes, and also they provide satisfactory performance, namely, low VSWR, small insertion
loss and good amplitude/phase imbalance between balanced ports. However, they fail to maintain
those advantageous features over a wide frequency range. Furthermore, they are hardly
employable when the operating frequency goes into millimeter-wave frequency band. The
Marchand balun is a known broadband solution but its performance largely depends on a tight
coupling of the coupled line sections. In addition, it is difficult to design with the conventional
PCB process at frequencies beyond 20 GHz. Due to those challenging issues in the design of
planar baluns, non-planar baluns are usually used instead [47]-[48]. However, the use of a non-
planar topology may prevent itself from its seamless integration with planar circuits, especially

with respect to surface mounted chip structures.

1.1.1 Geometry and Design of Broadband SIW Planar Balun Structure

The SIW structure is known to have broadband monomode characteristics compared to its
conventional waveguide counterpart as the SIW usually supports only TEn,, modes. This is
because the synthesis of bilateral metallic walls is made with discontinued metallised via or slot
arrays in the thin dielectric substrate, which does not allow the guidance of the TM modes.

Therefore, the monomode bandwidth is guaranteed with TE;o mode related to TE;; mode.

Figure 1.1 shows the structure of the proposed broadband SIW planar balun. The dark area stands
for the metallization parts on the bottom plane of the double-sided PCB substrate and the gray
area stands for the metallization on the top plane. The proposed balun consists of a 3 dB SIW

power divider for equal power splitting and microstrip line sections which are placed on different
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sides of the PCB substrate at balanced ports so as to obtain an 180° phase shift. To further
demonstrate this idea with a better explanation, an intersection plane A is chosen, which is
marked in Figure 1.1. Figure 1.2 illustrates the electrical fields on plane A, from which it can be
found that the E-field orientations of balanced ports are different from each other, which means

an 180° phase difference.

microstrip transition

We

Unbalanced port

A
; Ietransition
A > 4

Aplane

Balanced port

Balanced port

I Metallization on the top plane
B Metallization on the bottom plane

Figure 1.1: Proposed broadband SIW planar balun

E field

Figure 1.2: Electrical field plots on the A plane

The transition between the SIW and microstrip line is referred to a well-described tapered line
structure given in [22]. The only difference is that the ground plane of the transitions is also
modified in the form of a tapered section so that the transitions can provide better performance.
The planarity of balanced ports is further achieved using a metallic via hole transition to conduct
one of the differential signals from one side to the other. As such, the new balun can easily be
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designed and fabricated on a double-sided PCB substrate. As shown in Figure 1.3, the via-hole
transition and the tapered ground plane are carefully designed to ensure that the RF signal can be
smoothly transferred to the output port with very low insertion loss and little discontinuity. All
the interconnections that generate the discontinuities are made into tapered shape so that the
discontinuity and inductance effects are minimized. The optimization is done with the aid of
Ansoft HFSS v10.1. Compared to previously reported structures, the proposed balun can easily
be used at millimeter-wave frequencies and also the structure does not require tight coupling
sections as usually made in many MMIC balun structures. Of course, the proposed topology can
be integrated with other planar structures including non-planar circuits within the same substrate

for achieving high efficiency at low cost.

To demonstrate the design methodology and electrical performance, an experimental prototype of
the proposed balun is designed and fabricated at 24 GHz. The substrate used in our work is
RO6002 with a thickness of 10 mil and a dielectric constant & = 2.94. Figure 1.3 shows the
physical dimensions of the designed broadband SIW planar balun. The via hole transition part is
enlarged to provide a clear illustration. The gray area in this case stands for the metallization on
the top plane of the substrate while the dashed-line area stands for the metallization on the bottom
plane of the substrate. The SIW is realized by using metallic slots. The balanced ports are
extended to different directions just for the measurement consideration.
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metallic:slots

B Metallization on the top plane
W  Metallization on the bottom plane

Figure 1.3: Physical dimensions of the experimental prototype of the proposed SIW planar balun
(wy =1.74 mm, w, = 0.6 mm, w3 = 2.14 mm, wy = 5.2 mm, ws = 5.2 mm, |l = 12 mm, I, =3 mm,
lz=7mm, l,=5.6 mm, Is =4.25 mm, s; =0.3 mm, s = 0.6 mm, s3 = 0.15 mm, x;=1.8 mm, X, =

1.6 mm,y; =0.4mm, ry=1.6 mm, r, =0.75 mm, ¢; = 0.6 mm and ¢, = 0.25 mm).

1.1.2 Simulation and Measurement Results

Figures 1.4(a)-1.4(b) display the simulated and measured results for the amplitude response and
phase balance of the proposed planar balun, in which the solid line stands for the simulated
results and the dashed line stands for the measured results. This balun is simulated by using
Ansoft HFSS v10.1. The measurements are carried out by using an Anritsu test fixture model

3680K with the maximum frequency up to 40 GHz and an HP8510C vector network analyzer.
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The calibration work is done by using a set of TRL calibration standards. It is observed that a
good agreement is achieved between the measurement and the simulation. Measured results show
that better than 10 dB return loss of the unbalanced port is well achieved across the whole
bandwidth of interest from around 19 GHz to 29 GHz, or 42% of bandwidth. Within the
bandwidth of operation, the measured amplitude and phase imbalance between the two balanced
ports are respectively within 1 dB and 35°, except that the phase imbalance reaches 8° at around
28 GHz.
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Figure 1.4: S-parameters of the proposed balun: (a) amplitude responses (b) phase responses
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1.2 Broadband SIW Microstrip-to-Broadside Parallel Stripline Transition

Broadside parallel stripline and CPS line are balanced lines which have widely been used in the
design of feeding networks of printed dipole antennas, balanced mixers and optoelectronic
circuits. One of the most popular microstrip—to-broadside parallel stripline transition
configurations is derived from Duncan’s works in 1960 [48]. Although this tapered coupled line
transition can achieve an ultra-broad bandwidth, it is hard to be adapted to millimeter-wave
operation. In this section, we intend to develop a broadband and planar-form microstrip/SIW-to-

broadside parallel stripline transition favorable to millimeter-wave applications.

1.2.1 Structure Description

Figure 1.5 shows the top and cross-sectional views of our proposed microstrip-to-broadside
parallel stripline transition, in which the SIW is realized by using metallic slots. The gray area
stands for the metallization of the front side of substrate while dashed line area stands for the
back side. As can be seen, the SIW-to-broadside parallel stripline transition is achieved by a
section of tapered broadside coupled line. The experimental prototype is designed for a center
operating frequency at around 24 GHz. The microstrip line at the input port is assumed to have
50 Q and the characteristic impedance of the broadside parallel stripline is 70 Q. The dielectric
substrate used in this work is RO6002 with & = 2.94 and 10 mil in thickness. The geometrical
parameters of the structure are given by (unit: mm): wy = 0.6, w, = 0.6, w3 = 1.66, wy = 1.4, ws =5,
li=4,1,=7,and I3=2.1.
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Figure 1.5: (a) Top view and (b) Cross-sectional view of the proposed microstrip-to-broadside
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Figure 1.6: Structure of two back-to-back SIW-to-broadside parallel stripline transitions
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Figure 1.7: Simulated return loss and insertion loss of the proposed back-to-back transitions

To evaluate performance of the microstrip-to-broadside parallel stripline transition, a back-to-
back transition configuration is developed, as shown in Figure 1.6. A section of 4.5 mm long
broadside parallel stripline is used to connect these two back-to-back transitions. Figure 1.7
displays the simulated results of the back-to-back transitions. The transitions are simulated by
using commercial software Ansoft HFSS v10.1. It can be observed that the return loss is around
or better than -10 dB over the frequency band from 20.5 GHz to 34 GHz, or 49.5% bandwidth.

1.2.2 Application to a Broadband Printed Quasi-Yagi Antenna

Yagi-Uda antenna is one of the most popular antenna configurations to achieve the end-fire beam
formation. However, its applications have been restricted at relatively low frequencies for a long
time and usually mentioned as home television antennas. Recently, several interesting works
have drawn attention of researchers back to this old antenna scheme [49]-[50]. Among them,
Kaneda et al. proposed a new approach to realize a Yagi-Uda dipole array fed by a microstrip-to-
CPS transition on a single layer PCB substrate. Within this antenna configuration, the transition
feeding network plays an important role in the overall antenna performance. This microstrip-to-
CPS transition was realized by using a half-wave microstrip balun structure [51]. The designers
need to ensure an 180° phase difference between two output branches of the transition, which

means a half wavelength difference. At millimeter wave frequencies, the wavelength is very
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small and the inductance of any interconnection becomes significant. Therefore, this transition
configuration is no longer suitable for conventional PCB fabrication process.

1.2.2.1 Antenna Configuration

e—lo— 4w,

:<—|5—>: 151 f ¥
AL LSS ST We
WZ—»::‘:— - ;-|4 *
g 1

&

= 8

7

NN

N

M R e

N

1

Figure 1.8: Geometry of the proposed quasi-Yagi antenna

The geometry of the proposed broadband printed quasi-Yagi antenna fed by the microstrip-to-
broadside parallel stripline transition is described in Figure 1.8. As discussed in [49], the
metallization on the top and bottom planes serves as the reflector element for the antenna while
the director element on the top plane directs the antenna propagation toward the end-fire direction.
The impedance matching is mostly determined by the width of the driver element (wg) and the
spacing between the director and driver elements (s;). The circuit optimization is made with the
aid of Ansoft HFSS v10.1. The antenna is designed for K-band operation. The whole antenna
structure is built on a 10 <19 mm? RO6002 substrate with &= 2.94 and 10 mil in thickness. The
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optimized dimensions of the antenna are the following (unit: mm): w; = 0.6, w, = 0.2, w3 = 1.66,
Wy =14, ws=5, wg=0.6, w;=0.4, |1 =3, |2 =7, |3 =2.95, |4 =0.55, |5 =3.5, |6 =3, and s1=0.7.

1.2.2.2 Simulated and Measured Results

Figure 1.9 illustrates the simulated and measured return losses of the proposed antenna. The input
return loss measurement was carried out by using an Anritsu one port test fixture on a HP8510C
vector network analyzer. It is observed that a good agreement is achieved between the
measurement and the simulation. The measured input return loss of the quasi-Yagi antenna is
under -10 dB with an impedance bandwidth as wide as 14 GHz (~20 GHz to 34 GHz), or 51%.
The radiation patterns were also measured across the entire —10 dB return loss bandwidth with
our compact-range anechoic chamber. Figure 1.10 shows the measured E-plane radiation pattern
of the antenna at 25.5 GHz across the entire angle ¢ from -180° to 180°. The red dashed line
stands for the co-polarization radiation pattern and the blue solid line stands for the cross-
polarization pattern. In Figure 1.10, the maximum gain is shown around 4 dBi at ¢ = 0° and the
minimum points of the gain show up at around ¢ = +£90°, which means that a good end-fire beam
form is achieved. In addition, the front-to-back ratio is found to be better than 10 dB and the

cross-polarization level is better than -10 dB across the entire bandwidth.
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Figure 1.9: Input return loss of the proposed quasi-Yagi antenna
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Figure 1.10 Measured E-plane radiation patterns (0 = 90°) of the antenna at 25.5 GHz

1.2.2.3 Broadband Quasi-Yagi Array

To further demonstrate the performance of the proposed quasi-Yagi antenna within an array
environment, a two-way SIW quasi-Yagi antenna array is designed, as shown in Figure 1.11. The
enclosed area in Figure 1.11 is an SIW H-plane power divider designed to provide an equal
power distribution to the antenna elements. As well known, the mutual coupling between
elements is particularly important in the design of small arrays of printed antennas. The quasi-
Yagi structure has very small mutual coupling characteristics in both coplanar and stacked
configurations [49], and herein it is a good option for the array applications. The whole antenna
array was built on a 17 <26 mm? RO6002 substrate with & = 2.94 and 10 mil in thickness. The
space between two quasi-Yagi elements is a half wavelength. Referring to Figure 1.8, the
optimized dimensions of the antenna element are the following (unit: mm): w, = 1.4, ws = 4.65,
Wg=0.6,w;=04,13=3,1,=0,15=2.3, g =2, and s; = 0.7. The second director is 1mm long and

0.3 mm wide. The spacing between two directors is 0.6 mm.
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SIW H-plane power divider

Figure 1.11: SIW quasi-Yagi antenna array

Figure 1.12 illustrates the simulated and measured return losses of the proposed quasi-Yagi array.
It is observed that a good agreement is achieved between the measurement and the simulation.
The measured input return loss of the quasi-Yagi antenna is around or under -10 dB with an
impedance bandwidth as wide as 11 GHz (~22 GHz to 33 GHz), or 40%. It can be found that the
input return loss of the quasi-Yagi array deteriorates a little bit compared to the previous single
antenna unit. This is attributed to the well-known fact that a lossless reciprocal three-port network
such as the H-plane SIW power divider cannot achieve good output isolation. Figure 1.13 shows

the measured E-plane radiation pattern of the antenna at 26.5 GHz across the entire angle ¢ from

-180°to 180 . It can be observed that a good Quasi-Yagi antenna array performance is achieved.
The gain was measured as 5.1-5.6 dB across the entire -10 dB return loss bandwidth with our
compact-range anechoic chamber. In addition, the front-to-back ratio is found to be better than 15
dB and the cross-polarization level is better than -14 dB across the entire bandwidth.
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Figure 1.12: Input return loss of the SIW quasi-Yagi antenna array
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Figure 1.13: Measured E-plane radiation patterns (0 = 900) of the antenna array at 26.5 GHz
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1.3 Conclusion

In this chapter, SIW balun transformers are studied and novel structures are developed for
broadband sub-millimeter or millimeter wave applications. First of all, a broadband SIW planar
balun is proposed. The balun structure consists of a 3 dB SIW power divider for equal power
splitting and microstrip lines which are placed on different sides of the PCB substrate at balanced
ports to obtain an 180° phase shift. The merits of this balun are concluded by the fact that it can
easily operate at millimeter wave frequencies and does not require any tight coupling sections as
usually used in many MMIC balun structures. In addition, the balun can be integrated with other
planar circuits including nonplanar and multilayered structures for achieving high circuit
efficiency. Subsequently, a broadband microstrip-to-broadside parallel stripline transition is
proposed and it is further implemented as the feeding network of a printed quasi-Yagi antenna.
The proposed transition is constructed with the SIW scheme which can achieve a broadband
performance and offer several advantages over other counterparts such as low insertion loss,
good design tolerance and compact circuit size at the millimeter wave range. The design concept
is validated by a design example for K-band operation. The measured input return loss of the
quasi-Yagi antenna is under -10 dB with an impedance bandwidth as wide as 14 GHz (~20 GHz
to 34 GHz), or 51%. The measured front-to-back ratio is found to be better than 10 dB and the
cross-polarization level is better than -10 dB across the entire bandwidth. Finally, to further
demonstrate the performance of the proposed quasi-Yagi antenna within an array environment, a

two-way SIW quasi-Yagi antenna array is also designed and measured.
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CHAPTER 2 MINIATURIZATION AND BANDWIDTH
ENHANCEMENT OF SIW CIRCUITS

Due to the increasing demand of wireless communications in the past decades, unremitting
efforts have been made to bring down the size and cost of microwave circuits. Usually, the size of
SIW circuits is quite larger than their microstrip or CPW counterparts. This could be
advantageous for millimeter-wave applications since the fabrication tolerance of PCB process
will be much more relaxed with respect to circuit size and processing parameters. However, a
large size of SIW components also poses a problem for their applications at low frequencies. In
order to reduce the inherent size of SIW circuits, novel techniques have been proposed and
demonstrated such as folded SIW [52]-[53]. Recently, half-mode structure of SIWs, a very
recently reported concept that the SIW can be bisected with a fictitious magnetic wall and each
half of the SIW becomes an HMSIW structure and the new structure can almost preserve the

original field distribution [54]-[55], is proposed.

In [56], the properties of HMSIW have been studied systematically. It was mentioned that the
field components of dominant mode inside the HMSIW can be calculated as follows:

Ey 050 = Ak, sink, (w— x)e~ et (2.1a)
- Ak k, . :
Hyos.0) = w/j Zsink, (w—x)e (2.1b)
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where 0<X<W, the subscript (0.5, 0) stands for the half mode, w is the phase frequency, s the
substrate permeability, kg is the free-space wave number and a is the x-coordinate of the position

of the maximum electric field along the cross section of the HMSIW.

It should be noted that in equations (2.1), the origin of coordinates is set right in the middle of the
open edge of the HMSIW (referring to Fig. 1 in [56]). Keeping the same coordinates, the field
components of TEy, mode in a conventional SIW (assuming that the width of the conventional

SIW is 2w) are given by:

£, = A L cos] (- X)]Sin{ﬂy(Y—g)}e_wzz (222
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Comparing equations (2.1) and (2.2), we can find that the major difference lies in the fact that the

. . . . . . h
term of y —gls close to 0 since the substrate is very thin, which leads to sm[ﬂy (y _E)} ~0 and

cos[ﬂy (y —g)} ~1.

In addition, the cutoff frequency and phase constant of the dominant mode in an HMSIW can be
calculated by [56]:

c

forege g = (2.3)
050 4 Er Weft HMsIW
T 2
Kotegso = [Ko&r —(G—) (2.4)
080 \/ r 2Wett Hmsiw
in which, the effective width of HMSIW Wt pmsiw 1S given by:
w.
Wetf, HMsIW = Eﬁ;IW +Aw (2.5)

where the effective width of a conventional SIW wesiw Was discussed before in (3), additional

width 4w due to the fringe effect at the open edge of an HMSIW can be estimated by

Aw = (0.05+ 0'3O)h
8I’
' 104w’ 261 (2.6)
W W -
«In(0.79 ettt T et avow 27 38 5 27
h® h? h

where w et imsiw = Wetr,siw / 2.

In this chapter, techniques on miniaturizing SIW circuits will be examined and several innovative

designs are proposed.

2.1 Broadband and Compact HMSIW Power Divider

Power dividers and combiners are passive devices that allow a microwave signal to be split

equally or non-equally between two or more branches, depending on the design requirement. In
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most cases, the equally-divided powers are needed in practical design. These devices then allow
signals to be distributed and processed as needed. In the microwave engineering, the T-junction
H-plane waveguide power divider is a simple and widely used three-port network. However, the
conventional H-plane power divider suffers from the problem of not being matched at all ports
and, in addition, does not have a good isolation between the output ports. In many applications,
output matching and isolation of power divider should be considered, which can enhance circuit
performance. For example, in antenna array applications, the outputs of a power divider are
usually directly connected to the antenna elements. Good output isolation can effectively avoid

interference between antenna elements.

On the other hand, the Wilkinson power divider is a lossy network judging from the resistor
branch that is used for the isolation of output ports. Such a divider is especially useful because
the output ports can be simultaneously isolated and matched [57]. This scheme, which was
implemented in the design of microstrip T-junction long time ago, has never been addressed so
far in the design of waveguide T-junctions. This may be attributed to the difficulty on how to
design a lossy network and also to integrate it with the waveguide structure. In this section, a
broadband SIW H-plane Wilkinson power divider is proposed and presented for the first time,

which is made in a single layer PCB.

2.1.1 Structure Description

The proposed broadband SIW-based Wilkinson power divider employs the half-mode structure
of SIWs. In our newly proposed power divider structure, the HMSIW is utilized not only to
achieve size reduction but also to make the E-field a maximum value at one vertical edge plane

along the propagation direction for the integration of a lossy network.

Figure 2.1 shows the top and cross-sectional views of the conventional H-plane SIW power
divider as well as the proposed HMSIW power divider, inside which the SIW structures are
realized by using metallic slots. For measurement purpose, the transitions between the SIW and
microstrip line are designed. As can be seen from the figure, the size of the HMSIW power
divider can be miniaturized as compared with its conventional counterparts. Another significant
benefit of this HMSIW structure relies on the suppression of the dominant higher-order mode
TEy. Figure 2.2 presents simulated S-parameter performance of an HMSIW power divider

without looking into any optimized structure. The circuit simulation was made with the aid of
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Ansoft HFSS software package v10.1. It can be observed that TE; mode cannot propagate in
such an HMSIW structure so that the bandwidth performance of the proposed power divider can
greatly be enhanced. Figure 2.2 shows that a broad bandwidth from 18 GHz to 45 GHz (or 86%)

is easily achieved for our proposed HMSIW power divider.

Port 1 Port 1

7
SIW/microstrip
transition

7

r,

%

Port 2 Port 3 Port2 Port

M T N M e TN e e T N e N

Y

r,
B)
3

B Topplane #». Bottomplane mmm Metallic slots

(a)
A-A’ B-B’

(b)

Figure 2.1: (a) Top view and (b) Cross-sectional view of the conventional H-plane SIW power
divider and the proposed HMSIW power divider
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Figure 2.2: Simulated S-parameter performance of an HMSIW power divider.

2.1.2 Theoretical Analysis and Design of the Proposed HMSIW Wilkinson

Power Divider
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Figure 2.3: Physical dimensions of the experimental prototype of the proposed HMSIW power
divider (w1l =0.6 mm, w2 =1.4 mm, w3 =28 mm, ws = 1.13mm, ws = 2.7 mm, Iy =5mm, |, =

2.1 mm, l3=3.1mm, l;=2.4 mm, Is =10.5 mm, s; = 0.5 mm).
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From Figure 2.2 it can also be found that the output matching and isolation of the HMSIW power
divider are still not improved or even not good enough for practical application since no lossy
element (or resistor branch) is introduced. This is in particular important when the structure is
used as a power combiner or the power division is not equally made with a potentially poor
matching condition at output ports. In order to solve this problem, we propose an HMSIW
Wilkinson power divider circuit that is described in Figure 2.3. In our proposed HMSIW power
divider, a chip resistor is added between the HMSIWSs with a quarter guided wavelength distance

from the splitting point of the power divider on the basis of the well-described theory.

The analysis of the proposed power divider can be simplified by using the well-described even-
odd mode technique. Using the even-odd mode analysis technique, the power divider circuit can
be decomposed into a superposition of two simpler ones which are considerably easy for analysis.
In the even-mode case, the voltage condition on the symmetric line shown in Figure 2.3 becomes
open circuit. As such, the proposed power divider is simplified into basic HMSIW power divider
circuit as shown in Figure 2.1. For the odd-mode case, the voltage condition on the symmetric
line becomes short circuit and the corresponding odd-mode decomposition is shown in Figure 2.4.
With the aid of Ansoft HFSS v10.1, it can be found that the HMSIW TE3, mode impedance in
our case is around 30 Q. From Figure 2.4, it can also be verified that the output port are well
matched by using the chip resistor since the proper arrangement of the location of the resistor will
make Zi, equal to 30 Q.

. Zin
7\,9/ 4 —>

DLRMERRRN

50 Q port

= 300

Figure 2.4: Odd-mode decomposition of the proposed HMSIW Wilkinson power divider
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To demonstrate the design methodology and also expected electrical performance, an
experimental prototype of the proposed power divider is then designed and fabricated over K-
band. The substrate used in our work is RO6002 with a thickness of 10mil and a dielectric
constant ¢, = 2.94. Figure 2.3 gives the physical dimensions of the designed broadband HMSIW
Wilkinson power divider. 0402 chip resistor is used in our design. The SIW is made of metalized
slot arrays in the dielectric substrate and the width of those slots is 0.6 mm. For measurement
purpose, the output ports are extended to the opposite direction. The overall size of the K-band

prototype is 17>12 mm?.

2.1.3 Simulated and Measurement Results

Figures 2.5(a)-2.5(b) exhibit both even and odd mode E field distributions of the proposed
HMSIW Wilkinson power divider. The figures can further verify the aforementioned analysis
process. Even- and odd- mode excitations are applied on the ports 2 and 3, respectively so that
the proposed circuit is analyzed as a power combiner. For the even-mode case, the resistor branch
does not affect the original field distribution. While for the odd-mode case, the resistor branch
will deplete the energy from the excitation ports. Figures 2.6(a)-2.6(b) display the simulated and
measured S-parameter results. The circuit simulation was made with the aid of Ansoft HFSS
v10.1. The measurements were carried out by using an Anristu test fixture model 3680K with the
maximum frequency up to 40 GHz and an HP8510C vector network analyzer. The calibration
work was done by using a set of single band TRL calibration standards for central frequency at
24 GHz. It can be found that a good agreement between the measured and simulated S-parameter
responses is achieved. Measured results suggest that good input return loss (S1;) and insertion
loss (Sz1, Ss1) performance can be achieved across a very broad bandwidth from 18 GHz up to
above 30 GHz. In the meanwhile, the output return loss (S22, S33) and isolation (S3) better than -
10 dB are also ensured across a 40% bandwidth from 18 GHz to 27 GHz. It should be noted that
the bandwidth of output parameters is markedly narrower than that of the input ones. This is
because the resistor is inserted at a specific fraction of wavelength thus causing a frequency
sensitive reaction. However, the input parameters do not get affected since it has been mentioned
earlier that the resistor is open for input signals. According to the measurements, this power

divider is well suitable for most of the millimeter wave broadband applications.
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(a)

(b)
Figure 2.5: E field distribution of the proposed HMSIW power divider (a) Even-mode and (b)

odd-mode.

Compared to the previously reported structures, the primary features of the proposed power
divider present good output matching and isolation across a very broad bandwidth. In addition,
this design takes the advantages of SIWs such as low profile, low insertion loss and low
interference but the resulting structure becomes smaller in size. It is also worth mentioning that
the half-mode configuration does not support the higher order mode TEy as in the case of SIWSs.

Therefore, a broader bandwidth is another side product of the proposed power divider in contrast
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with its counterparts. The proposed HMSIW Wilkinson power divider can easily be used at
millimetre wave frequencies and also this structure is favourable for the microwave integrated

circuit applications.
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Figure 2.6: S-parameters of the proposed power divider: (a) input return loss and insertion loss

responses (b) output return loss and output isolation responses.
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2.1.4 Discussion of Cross-coupling between HMSIWSs

cross-coupling port

absorb boundary __—

apbetween HMSIWSs (s;)

absorb boundary

inputport

Figure 2.7: HMSIW model for cross-coupling investigation.

Cross-coupling between HMSIWSs should be considered in the proposed structure. A close gap
between the HMSIWs can result in a big interference between HMSIWs such that the circuit
performance will be deteriorated. The relationship between the cross-coupling and the gap
between HMSIWs is investigated by using HFSS. Figure 2.7 shows the model built in HFSS.
Two HMSIWs are placed in parallel with a gap (s1) between them. The cross-coupling is
simulated with the other two ports assigned absorbing boundary, which means no reflection occur.
The substrate used in this model is RO6002 with different thickness. The length and width of the
HMSIW are 9 mm and 2.8 mm, respectively. Figure 2.8 shows the simulated cross-coupling at 24
GHz. It can be observed that the cross-coupling gets stronger with a thicker substrate because of
more leakage from the open edge of the HMSIW. For our design condition that substrate
thickness b = 0.254 mm, the cross-coupling does not vary sharply with the gap between the
HMSIWs since the energy is largely confined inside the HMSIW structure. It can also be found
that the 0.5 mm gap can guarantee a cross-coupling around -20 dB in our proposed power divider

structure.
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Figure 2.8: Simulated cross-coupling versus gap between HMSIWSs with different thickness
RO6002 substrate at 24 GHz (a = 2.8 mm, | =9 mm).

2.2 5 GHz Bandpass Filter Demonstration Using Quarter-mode SIW Cavity

The SIW cavity filter is one of the most popular applications of the SIW technology in
microwave circuits. Compared with other planar filters using microstrip or CPW schemes, SIW
filters have shown excellent performance such as high Q-factor and low insertion loss [58].
However, the size of SIW filters is usually much larger than their microstrip or CPW counterparts,
which poses a significant challenge for compact system designs, especially at low frequency
bands. In fact, the most challenging integrated filter design is related to few GHz as there are no
outstanding techniques available out there. Current SAW filter techniques and other proposed

schemes are limited either by loss and performance or by structure size.

In order to yield a much compact size, a new concept, named quarter-mode substrate integrated
waveguide (QMSIW), is proposed and applied to our filter design in this section. Figure 2.9
illustrates the QMSIW structure, which is generated by bisecting the HMSIW with another
fictitious magnetic wall. From this figure, it can be observed that the maximum E field of the

dominant TE;o; mode locates at the corner of a QMSIW cavity. The overall size of a QMSIW
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TE10; mode cavity is around a quarter of its original SIW counterpart. Therefore, the proposed
QMSIW shows an excellent potential for low frequency (less than few GHz) applications.

fictitious magnetic wall

metallic side-wall

Figure 2.9: Top view of the conventional SIW and the proposed QMSIW cavities.

The Q value of our proposed QMSIW structure is usually about half lower than their
conventional SIW counterparts since the two open edges are not perfect magnetic walls and some
amount of radiation may happen. Due to the decreasing of the Q value, the proposed QMSIW
filter cannot be adopted for high Q BPF with very narrow bandwidth performance (less than 5%)
as SIW filters have already demonstrated. However, the proposed QMSIW can obtain a much
stronger coupling coefficient between two neighbourhood sections. Therefore, it can be used for
achieving broadband BPF performance for which conventional SIW filters cannot easily make.
To demonstrate the design concept in details, two C-band four-pole Chebychev filters are
designed and fabricated for different bandwidth applications. One filter works at the center
frequency of 5.85 GHz with a fractional bandwidth of around 14%. The other operates at the
center frequency of 5.5 GHz with a fractional bandwidth of around 26%, which covers the
license-exempt frequency band 5.25 GHz to 5.85 GHz for the interest of WiMAX. Compared
with other filters in the form of microstrip, the proposed filter takes the advantages of being
planar structure, low electromagnetic interference or cross-talk, no coupled line structure and

easy fabrication.
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2.2.1 Geometry and Design of QMSIW Filter
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Figure 2.10: External quality factor of a QMSIW cavity and the coupling coefficient between
QMSIW cavities. (a) External quality factor versus offset of loading point Lq. (b) Coupling

coefficient versus coupling window width W, between QMSIW cavities.
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The design procedure of SIW BPFs has been well documented in previous reported work. From
the circuit elements of the low-pass prototype filter, design parameters, namely, the external
quality factor and coupling coefficients for the n-pole QMSIW band pass filters can be
determined [59]

_ gogl — gngn+l
Q) = FBW ' Q) FBW

FBW (2.7)

jij+l |j:1 to n-1—
\/gjgj-ﬂ

where g; (=1t n+1) Stand for the normalized element values for the low-pass filter prototypes; (Qe)a

k

and (Qe)s are the external Q’s for the input and output ports; Kj j+1 (=1 w0 n-1) are the coupling
coefficients of the adjacent cavities; FBW stands for the fractional bandwidth.

From (2.7), it can be found that the bandwidth of our proposed QMSIW BPF is determined by
the external quality factor and coupling coefficients. As shown in Figure 2.10, a single QMSIW
cavity is modeled to determine the external Q-factor, and two coupled QMSIW cavities are
modeled to determine the internal coupling. Both models are built up in Ansoft HFSS v10.1 and
the external Q-factor and coupling coefficients are obtained from the simulated S-parameters.
The dimension of the simulated QMSIW cavity is 10 =< 10 mm? on the substrate RO6002 with

thickness of 10 mil and dielectric constant of ¢, = 2.94.

The central resonant frequency separates into two discrete ones as two SIW cavities are coupled

with each other [26]. The coupling coefficient can be extracted by

~ fUZ . f|_2

- 2.8
fl+f2 (28)

where fy and f_ stand for the upper and lower resonant frequencies, respectively. In fact, a
stronger coupling results in a wider separation of the two resonant peaks and a deeper trough in
the middle.

On the other hand, this external coupling factor Q. can be extracted using simulated values of a

single SIW cavity, that is

21,
= 2.9
Q= 29)
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Compared with the reported design parameters of SIWs [58], it can be found that the external
quality factor of the proposed QMSIW structure is not as good as the original SIWSs since the two
open edges are subject to some amount of radiation. However, the internal coupling coefficient in
our proposed QMSIW structure is much stronger than the conventional SIW. To demonstrate the
design methodology and electrical performance, two experimental prototypes of the proposed
QMSIW BPF are designed and fabricated over C band. The substrate used in our work is
RO6002 with thickness of 10 mil and dielectric constant &, = 2.94. Figure 2.11 shows the physical
dimensions of the designed QMSIW planar BPFs. Both filters in Figure 2.11 follow the
Chebyshev low pass filter (LPF) prototype design procedure with 0.1 dB passband ripple. The
prototype | in Figure 2.11(a) is designed at center frequency of 5.85 GHz with a fractional
bandwidth of around 14%. The prototype Il in Figure 2.11(b) is designed at center frequency of
5.5 GHz with a fractional bandwidth of around 26%, which covers the license-exempt frequency
band 5.25 GHz to 5.85 GHz for the interest of WiIMAX. Table 2.1 gives the design parameters of
these two experimental prototypes. The photograph of the fabricated experimental prototypes is

shown in Figure 2.12.

< Ll »
A I W2
L,
W v sS Wy
< > - ’ ——p
Ls
W3
input — |_41_|_:_ output
7 metalized trench .\

substrate metal

(@)



44

Ly
AKWZ
L2 )
Wl v - wS W1
Ls
W3
. ,//’ 450 \
Input 47— / output
/
substrate metalized trench ~ Metal
(b)

Figure 2.11: Physical dimensions of two experimental prototypes of the proposed QMSIW BPFs.
(@) Prototype | with 14% fractional bandwidth. w; = 3.57 mm, w, = 2.86 mm, w3 = 0.6 mm, L; =
19.22 mm, L, = 8.4 mm, L3 = 10.5 mm, L4 = 1.42 mm, s = 0.3 mm. (b) Prototype Il with 26%
fractional bandwidth. wy; = 5.09 mm, w, = 4.15 mm, wz = 2.47 mm, L, = 18.64 mm, L, = 8.4 mm,

Lz =9.93 mm, s =0.3 mm.

Table 2.1: Design parameters of two experimental prototypes

Parameters
FBW External Q (Qa, Qg) K12 K2z Kas
No.
Prototype | 14% 7.92 0.116 0.092 0.116
Prototype 11 26% 4.265 0.216 0.171 0.216




Figure 2.12: Photograph of the fabricated QMSIW filter prototypes

2.2.2 Result and Discussion
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Figure 2.13: S-parameters of the proposed QMSIW filters: (a) Prototype | (b) Prototype II.

Figures 2.13(a)-2.13(b) display simulated and measured results for the S-parameter response of
the proposed filters, in which the solid line stands for the simulated results and the dashed line
stands for the measured results. The filters are simulated by using Ansoft HFSS v10.1. The
measurements were carried out by using an Anritsu test fixture model 3680K and an HP8510C
vector network analyzer. The calibration work was done by using a set of TRL calibration
standards. It is observed that a reasonably good agreement is achieved between the measurements
and the simulations. Discrepancy may mainly come from simulation errors of the numerical tool
and/or fabrication tolerances. Measured results show that the insertion losses of the prototype |
and prototype |1 filters are 2.0 dB and 1.2 dB, respectively. The measured input return losses of
both cases are better than -13 dB across the band of interest. Figure 2.14 shows the group delay
of the proposed filter prototypes. For both cases, the variation of the group time delay of the

transmission path is smaller than 10% over 50% of the pass band around the central frequency.



47

1.5+ —simulated
1.4} prototype | ~=-measured }
1.3 5 .

~ 1.2~ »ia .

2 1l i ]

(%‘ 'A." ? [ [ r

E’ 5.4 5.6 5.8 6 6.2

% T T T T T T T T I

o 1.2+ —simulated

= N prototype Il

O 1.%‘ ----- measured
0.9Exd fu 2 L
0o |
0.7‘ ! . i >, N

r r r r .. [
4.8 5 52 54 56 58 6 6.2

Frequency (GHz)

Figure 2.14: Group delay of the proposed QMSIW filters

The unloaded quality factor of our proposed QMSIW cavity is also extracted by using full-wave
simulation software Ansoft HFSS v10.1. A 10 x 10 mm? QMSIW cavity on the substrate
RO6002 with thickness of 0.254mm and dielectric constant of & = 2.94, which works at around
5.85 GHz, gives an unloaded Q, value of 172.8. Here, the unloaded Q, is extracted by using the

formula:

Q-2

= 2.10
1-[s,] (2.10)

Under the same conditions, the Q, of a 14.8 x 10.6 mm? half-wavelength microstrip line
resonator is around 166.2. On the other hand, the size of our proposed prototypes is roughly 0.5
Ag % 0.5 g, While a fourth-order band-pass filter in microstrip line version almost occupies a

double sized surface.

2.3 Conclusion

In this chapter, half and quarter mode techniques have been studied and applied in the SIW

circuit designs to achieve smaller size occupation.
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First of all, a broadband HMSIW Wilkinson power divider is proposed. This broadband H-plane
power divider utilizes the half-mode structure of SIWs such that the overall size is largely
reduced. In addition, the lossy network or resistor branch is successfully integrated with the SIW
structure to guarantee good output matching and isolation. This is critical for power combining or
non-equal power dividing with potentially poor output port matching. A simple design theory is
presented by using the even-odd mode analysis technique. To demonstrate the design concept, an
experimental prototype is designed and fabricated. The power divider structure is validated by

both simulated and measured results.

Besides this, two QMSIW planar filters are also proposed and presented in this chapter. The filter
is composed of cascading QMSIW cavities, which are magnetically coupled with the
neighbourhood sections. The quarter-mode structure of SIWs makes the overall size largely
reduced such that the proposed filter can be used in many wireless applications at low frequencies.
To demonstrate the design concept, two experimental prototypes are fabricated. The merits of this
type of filter are concluded by the fact that it has a very compact size for low frequency
applications. In addition, the coupling coefficient between QMSIW cavities is much stronger than
the original SIW counterparts. Therefore, the proposed filter can be used to design broadband
bandpass filters. Also compared with other filters in the microstrip form, the proposed filter takes
the advantages of planar structure form, low electromagnetic interference and cross-talk, no

coupled line structures and easy fabrication.
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CHAPTER 3 DEVELOPMENT OF BROADBAND PHASE SHIFTER
USING SLOTTED SIW STRUCTURE

Phase shifters are used to alter the transmission phase angle of a circuit or network [60]-[61].
They are key components extensively deployed in phased array antennas, electronic scanning
radars, power amplifier phase-controlled compensation circuits and so on [62]-[63]. To achieve
decent broadband performance, various microwave phase shifter structures that utilize the
dispersive feature of rectangular waveguides, have already been proposed in [62]-[66]. Usually,
there are two types of waveguide phase shifters depending on their structures: (a) waveguides
partially filled with dielectric or ferrite slabs [62]-[64]; and (b) waveguides with inductive posts
inserted inside [65]-[66]. For type (a), designers have to consider multimode propagation inside
the waveguide. In this case, the design methodologies are very much more involved. Furthermore,
those design concepts are hard to implement in the planar integrated circuits. This may prohibit
their applications from many wireless communication systems. On the other hand, phase shifters
of type (b) can easily be analyzed using circuit models and they are suitable for various
fabrication processes. However, such structures fail to yield satisfactory broadband performance,

e.g., over 20% fractional bandwidth.

Recently, Chen et al. [67] has introduced a new type of broadband phase shifter which is based
on the SIW technique. In [67], the broadband SIW phase shifter is designed based on the
dispersive nature of waveguides with different widths that result in different propagation
constants. Unlike the TEM mode, the propagation constant of the TE;o mode is a nonlinear
variable with frequency, as illustrated in Figure 3.1. Compared the TE;o modes of two SIWSs with
different widths (i.e., SIW; and SIW; in Figure 3.1), it can be observed that the difference in their
propagation constants does not change sharply with frequency. This perspective broadband
feature can be exploited in the design of a broadband phase shifter.

In this chapter, a broadband phase shifter is proposed, which is based on a non-radiating slot
structure in an SIW, namely slotted SIW for simplicity [68]. Various types of slots in waveguides
have been well studied in previous work [69]-[71]. Nevertheless, most of those investigations
focused on the radiation effects of these slots for the purpose of antenna designs. This chapter
carries out an in-depth study on the non-radiating slotted SIW structure. Its transmission

characteristics is examined and is further applied to our broadband phase shifter of interest. The
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proposed structure consists of two identical longitudinal slots which are placed symmetrically on
different sides along the midline on the broad wall of an SIW. Compared with microstrip lines
with the same widths, the attenuation of the proposed structure is smaller and in fact negligible.
The fundamental mode of the proposed slotted SIW line is a quasi-TEM mode instead of TE
and its dispersive properties are then used to design a broadband phase shifter (see Figure 3.1).

difference between propagation constants

N

TEM mode

f, (rad/m)

TE,;, mode (SIW,)

\.TE;, mode (SIW,)

cut-off frequency

Frequency (GHz)

Figure 3.1: Propagation constants of different modes

Compared to the previously reported structures [60]-[67], our proposed phase shifter shows its
great advantages of broader bandwidth, smaller insertion loss, lower profile and easier integration
in SIW circuits. Therefore, it can easily be used at millimeter-wave frequencies, and also its
structure is favourable to the microwave integrated circuit applications. To demonstrate the
design methodology and structural features, the design theory and procedure are studied and
discussed in detail. In particular, a K-band experimental prototype of the proposed phase shifter

is shown. This new design is validated by both theoretical analysis and experimental results.
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3.1 Longitudinal Slotted SIW Transmission Line
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A

Figure 3.2: Longitudinal slotted SIW transmission line
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Figure 3.3: Simulated propagation constant of the dominant mode of the proposed slotted SIW
line (Wsiw= 4.8 mm, Wiine=1.2 mmand S = 0.24 mm).

The so-called longitudinal slotted SIW transmission line, as shown in Figure 3.2, is somewhat

similar to a grounded CPW structure. With the aid of commercial full-wave simulation software
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Ansoft HFSS v11.1 and CST Microwave Studio 2009, the transmission modes of the longitudinal
slotted SIW are investigated. The substrate used in this work is RT6002 from Rogers with
thickness of 0.254 mm. The geometry of the proposed slotted SIW line is characterized by Wg =
4.8 mm, Wijne = 1.2 mm and S = 0.24 mm. Figure 3.3 shows simulated propagation constant
curve of the dominant mode. It can be found that the propagation constant of the dominant mode
is approximately linear with frequency. Of course, this mode can be assumed as a quasi-TEM
mode, which is consistent with the grounded CPW structure. To confirm this assumption, the
dominant mode of our proposed structure is compared with the grounded CPW mode, which is
analyzed by moving the SIW’s sidewalls close enough together so that the second higher mode
cannot be supported. In Figure 3.4, it can be found that the phase constant of this dominant mode

(normal mode 1) makes an excellent agreement with that of the isolated grounded CPW mode.

1.8 T T T T T

1.6f

Blko

14

12

T

0.8

0.6/{-= Normal mode 1
— Normal mode 2
0.41|=--CPW uncoupled
===+ SIW uncoupled

Normalized phase constant

0.2r

[ H
qO 15 20 25 30 35 40
Frequency (GHz)

Figure 3.4: Phase constants of the normal modes in the slotted SIW structure and of the isolated
CPW and SIW modes

The transverse electric field of the dominant mode is displayed at various frequencies in Figure
3.5 and the examined range is sufficiently broad to cover our frequency of interest. Once again,

the electric field reveals that the dominant mode is essentially a grounded CPW mode.
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Figure 3.5: Transverse electric field of the first normal mode at various frequencies

It was mentioned in [68] that this slotted SIW transmission line can also support waveguide
modes. As a matter of fact, the second mode in this structure is observed as a half-mode SIW
since its cutoff frequency increases when Wy ne (See Figure 3.2) increases. As shown in Figure 3.4,
the cutoff frequency of the second mode is clearly distinct from the SIW mode, which is analyzed
by removing the slots in our structure. The transverse electric field of the second mode in Figure
3.6 can further verify our statement. It should also be noted that this second mode can be avoided

by the excitation approach in our case since the excited energy is along the central line.
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Figure 3.6: Transverse electric field of the second normal mode at 40 GHz
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Figure 3.8: Comparison of wave impedances between the slotted SIW lines with different widths

Wi ine (see Figure 3.2) and the SIW line.
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Another important factor, the attenuation of the transmission line, which includes conductor loss,
dielectric loss and radiation loss, is also examined. The attenuation of the transmission line can
be defined as 1-|S;1|*|S2|® and it can be extracted with the aid of HFSS. Figure 3.7 compares the
attenuation between the slotted SIW lines and microstrip lines with respect to different line
widths Wyine (see Figure 3.2). It can be seen that the proposed slotted SIW line is superior to the

typical microstrip line for millimeter-wave applications.

The wave impedance of the SIW follows the power-current definition of impedance for TEj

wave in a rectangular waveguide [72], which is given by,

465° s
a
Z,= L 0
f
1-(-5)°
f 31)
where a and b are the interior dimensions of the SIW, and f. stands for the cutoff frequency. As
shown in Figure 3.8, simulated wave impedances agree well with values calculated by (3.1). In
addition, it can be found that the impedance of a wider slotted SIW line Wyine (see Figure 3.2)
better fits with the wave impedance of the TE1; mode in the SIW. For this reason, the slotted

SIW-to-SIW transition is designed in a tapered form as shown in Figure 3.9.

3.2 Slotted SIW-to-SIW Transition and Parameter Extraction

Figure 3.9 also illustrates the equivalent circuit of the transition between the SIW and slotted
SIW sections. The tapered line is simply made in the form of a 90 degree arc. The transition can
be represented by a T-type network. The real parts of the series and shunt impedances can be

ignored since the very small-sectioned network is assumed to be lossless.

The values of the series and shunt reactance, i.e., X;, X2 and X3, can be acquired with the aid of
HFSS. The substrate considered here is RT6002 with thickness of 0.254 mm and dielectric
constant - = 2.94. The procedures are given as follows: First, the overall structure of the slotted
SIW-to-SIW transition (see Figure 3.9) is simulated. Second, S-parameters of the transition can
be extracted after numerically de-embedding the transmission lines between the reference ports

and the transition. To do this, S-parameters can be converted to T-parameters for the purpose of
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handy matrix calculations [72]. Finally, the equivalent circuit parameters (i.e., X;, Xz and X3) can
easily be obtained from the de-embedded Z-parameters of the transition based on (3.2).

Z:[J'(Xﬁxl) X, }

. . 3.2
X, J(X5 +X3) (5.2

WSIW WLine
7~ T
| 7
XX
o—0 o——0
Z g 9 JX2 Z 0 9
o, O O

Figure 3.9: Slotted SIW-to-SIW transition and its equivalent circuit.

Figure 3.10 plots the de-embedded S-parameters of the transition obtained from the above
procedures. Referring to Figure 3.9, the geometry of the proposed transition is characterized by
Wsw = 4.8 mm, Wije=1.2 mm, R = 1.56 mm and S = 0.24 mm. It can be observed that the
proposed transition has fairly good insertion loss and return loss. The dips of the S-parameters at
around 28 GHz are mainly attributed to the discontinuities of the proposed transition. Moreover,
Figure 3.11 shows the extracted values of the series and shunt reactance. According to the values
of X3, Xz and X3, the lumped-element equivalent circuit of the proposed transition is similar to the

T-network model of a typical transmission line.
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Figure 3.10: De-embedded S-parameters of the transition (Ws;w = 4.8 mm, Wyjne = 1.36 mm, R =
1.48 mm and S = 0.24 mm).

Figure 3.11:
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Figure 3.12: Lumped-element equivalent circuit and the composed line model of the proposed

transition.
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Figure 3.13: Comparison of the simulated phase delay and the phase delay of the composed line
model.

In order to model the phase delay, the transition can further be considered as a small section of
rectangular waveguide line cascaded with another small section of quasi-TEM line, as shown in

Figure 3.12. It is well known that the propagation constants of waveguide TE;o mode and quasi-
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TEM mode are 5_ - /wzﬂg_(ﬁ)z and Sz = @’ ue , respectively. Figure 3.13 compares the
a

simulated phase delay and phase delay of the composed line model. In this figure, the solid line
stands for the phase delay of the transition simulated by HFSS, and the dash line stands for the
phase delay calculated from a model which consists of a section of TE;x mode waveguide
transmission line and a section of TEM mode transmission line. It is shown that these two curves

are well matched.

3.3 Theoretical Analysis and Design Technique of Broadband Slotted SIW
Phase Shifter

----------------- ar-----» referenceline

N delay line

Figure 3.14: The proposed slotted SIW and the conventional SIW

Figure 3.14 shows a section of the proposed slotted SIW and the conventional SIW. The
conventional SIW works as a reference line and the phase difference between these two lines is

/ e
D i :\/a)zﬂgeﬁ Ay - a)zug—(a—)z Ay (3.3)
1

where a; denotes the width of the SIW sections, . and ¢ are the effective dielectric constant of

given by

the slotted SIW line and the dielectric constant of the SIW, respectively. A curve of gygisr Versus
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frequency is plotted in Figure 3.15, from which it can be found that there is a minimum value that

occurs at the frequency point:

1, &
fc—iJ 2 el (3.4a)

2 2 2
2\ el e =1 - 8)ay

Since the slope of phase difference ¢ changes very slowly near frequency f¢, a broadband phase
shifter can be designed by setting f. as the operation frequency of interest. At this special

frequency point f., the phase difference between the two different paths can be further obtained

by

g . j—
o, = | ; (3.4b)
&3y

Phase difference @ (degree)

Frequency (Hz)

Figure 3.15: Phase difference ¢yt versus frequency according to (3.3)

Effective dielectric constant e is determined by the dielectric constant of the substrate and the
geometries of the slotted SIW line. Figure 3.16 shows a relationship between effective dielectric
constant g and slot line width Wyiqe, when the width of SIW Ws, = 4.8 mm and slot gap s =
0.24 mm.
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Our proposed broadband phase shifter is designed based on (3.4a) and (3.4b). Given desired
phase difference ¢, operation frequency f. and SIW line width aj, the length of reference line I;
and the length of delay line I, can be calculated. In [67], two design equations, (3.5a) and (3.5b),
can easily be derived from the method proposed in this chapter, where a; and a, represent

different widths of two SIWs.

f _l (Izz'azz_|12'a12)
T2 (-1 A (559
2 2 2 2 2
72(a,% —a,2)- (1,2 -1,
Dy =\/ 2 t- 2 | (3.5b)
a.l 'a2
2.55 T T T T T T T T T T
2.5F :

245 4
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N
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Figure 3.16: Relationship between effective dielectric constant e and the slot line width Wi pe.

Compared to [67], our proposed method has two significant advantages: 1) the overall size of the
reference and delay lines is greatly reduced to achieve a certain degree of phase shift. Table 3.1
compares the physical dimensions of 24 GHz 90° phase shifters designed by these two methods.
Both designs make use of the same PCB substrate of RT6002 with thickness of 0.254 mm and &,
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= 2.94. Our proposed broadband phase shifter is designed with the slot gap s = 0.24 mm and the
slot line width W, = 1.36 mm. The effective dielectric constant is found to be 2.51. It is obvious
that the length of our proposed circuit is much shorter than that presented in [67]; 2) our proposed
method makes use of the SIWs with the same width. Since the phase shifter in [67] has to use two
SIWs with different widths, discontinuities may pose a problem when the phase shifter is
connected with other parts of SIW circuits.

Table 3.1: Physical dimensions of 24 GHz 90° phase shifters designed by two different methods

90-degree phase shifter a; (mm) az (mm) I; (mm) I, (mm)
proposed 4.8 4.8 2.06 3.423
[67] 4.8 5.8 6.536 7.81

Furthermore, to make an investigation of the bandwidth performance, our proposed phase shifter
is theoretically compared with some of the well-known approaches including a 90-degree
meandered microstrip line, a 90-degree SIW line and the 90-degree phase shifter based on [67].
The bandwidth performance largely depends on the properties of the substrate. Therefore, all the
counterparts are designed on the same PCB substrate of RT6002 with thickness of 0.254 mm and
er=2.94 and at the central frequency of 24 GHz. As has been mentioned above, the phase delay
of our proposed phase shifter can be obtained from (3.3). For the 90-degree meandered microstrip
line, the 90-degree SIW line and the phase shifter proposed in [67], the phase delays can be

expressed with the following equations.

[ 2
Diitt ustrip = | @ HEeis 'Iustrip(/ll4)
(3.6)

/ V4
Dt _siw = 602/15— (a_)2 'ISIW(/1/4)
1 (3.7)

T T
¢diﬁ_[67] = \/(02/45 - (a_)2 1, _\/wzﬂg - (a_)z ah
2 1 (3.8)

The width of 50 Ohm microstrip line on the specified substrate is about 0.6 mm. The

corresponding effective dielectric constant &g is found to be around 2.34. The quarter wavelength
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of the microstrip line is 2.04 mm. For the 90-degree SIW delay line, the width is set to be 4.8 mm
for the operation frequency of 24 GHz. The quarter guide wavelength is about 2.8 mm. The
geometries of our proposed phase shifter and that based on [67] is the same as given in Table 3.1.
The comparison of the phase delays by using the different approaches mentioned above is plotted
in Figure 3.17. It can be found that our proposed approach is able to provide the broadest
bandwidth with a specified phase tolerance (5° in Figure 3.17).

110

@ 1008
[<b]
3
=
E 90
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% --90-degree microstrip line
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- [67]
¢ =¥~ proposed
[ [ L
790 22 24 26 28
Frequency (GHz)

Figure 3.17: Comparison of the phase delays by using different approaches

A 90 degree phase shifter is designed to verify the design methodology and electrical
performance. Again, the experimental prototype is fabricated on the substrate RT6002 with
thickness of 0.254 mm and ¢ = 2.94. Figure 3.18 illustrates the physical dimensions of the
designed broadband 90 degree phase shifter. A microstrip line feeder is used in our design for the
convenience of measurements. In Figure 3.18, the phase shifter is embedded in the SIW structure,
and both of the sections are 4.8 mm in width. The delay line section is shaped into a meandered

form to make the lengths of the two lines equal.
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Figure 3.18: Physical dimensions of the proposed 90 degree SIW phase shifter (w; = 1.56 mm, w,
=0.6mm,a; =48 mm,r=1.36 mm, l;=4.1mm, 4/ =13- |, =1.272 mm, I, =5.6 mm and s; =
0.24 mm).

3.4 Simulated and Measured Results

To verify the proposed method, the 90 degree phase shifter mentioned above is implemented over
a broad bandwidth from 21 GHz to 28 GHz. The measurements were carried out by using an
Anristu test fixture model 3680K and an HP8510C vector network analyzer. The calibration
procedure uses a set of TRL calibration standards to eliminate errors generated by cables and
probes of the test fixture. Measured results are plotted together with simulated results in Figure
3.19. Figure 3.19(a) and Figure 3.19(b) show the amplitude responses and phase balance of the
proposed 90 degree prototype, respectively. It is observed that a good agreement is achieved
between the measurements and the simulations. The measured amplitude and phase imbalance
between the two paths of the proposed 90 degree prototype are within 0.5 dB and +4°,
respectively, across a very broad bandwidth from 22 GHz to over 28 GHz. The measured

insertion loss is less than 1 dB, and return loss is better than -14 dB. In fact, the actual
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performance of our proposed phase shifters would be better than the present measured results

since the microstrip-to-SIW transitions used in our test slightly degrade the performance.
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Figure 3.19: Measured and simulated S-parameters of the 90 degree prototype: (a) amplitude

responses (b) phase responses
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3.5 Conclusion

A novel broadband slotted SIW phase shifter has been presented and demonstrated in this chapter.
The proposed SIW based phase shifter makes use of non-radiating longitudinal slots in the broad
wall of SIW structures. Our design is based on the specific dispersive nature of the TE;o mode
and quasi-TEM mode. The phase shifter structure has been verified by both theoretical analysis
and experimental results. The principal merits of the proposed phase shifter can be concluded that
the circuit size is significantly reduced compared with the previously reported method and it can
easily operate at millimetre wave frequencies with a low profile and low loss structure.
Furthermore, the resulting simple structure and monomode propagation inside the proposed
slotted SIW are straightforward to microwave engineers for their design. With very broadband
and low loss features, it can be anticipated that the proposed phase shifter will have a wide range
of RF and millimeter-wave applications.
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CHAPTER 4 A MILLIMETER-WAVE SUB-HARMONIC SELF-
OSCILLATING MIXER USING DUAL-MODE SIW CAVITY

The development of compact and low-cost millimeter-wave modules is critical for millimeter-
wave wireless systems. With the consideration of the effectiveness and cost of generating a high
frequency signal, the self-oscillating mixer (SOM) architecture presents an outstanding choice,
which has been popularly used in designing wireless systems such as radio, radar and imaging
applications. An SOM circuit simultaneously provides both oscillating and mixing functions
within a single block [73]-[77]. In addition, a harmonic of the LO frequency can be used to lower

the LO frequency requirement.

This chapter presents a novel structure of the second harmonic SOM which is integrated with a
narrow bandwidth BPF by using SIW technique. The proposed sub-harmonic SOM employs a
single FET transistor of common source configuration. The input RF signal passes through the
BPF to filter out the noise before entering the SOM module. In our circuit design consideration, a
narrowband SIW BPF is required to achieve a good RF-LO isolation between closely spaced
frequencies. Typically, BPFs in the microstrip form can hardly achieve a narrow bandwidth less
than 5% with reasonably good in- and out-band performances. In our work, the high-Q property
of SIW cavities is utilized to design narrow bandwidth BPFs. The design concept is based on the
transmission characteristics of two different transmission modes in an SIW cavity. That is, the
fundamental mode and higher-order modes can co-exist in a single SIW cavity without
interference. The SOM circuit utilizes the fundamental mode (Hip;) of the SIW cavity for RF

mode and the Hap, mode for LO mode.

4.1 Structure Description of the Proposed SOM

Figure 4.1 illustrates the basic design configuration of our proposed SOM circuitry. In our design,
the input RF signal first passes through a BPF module which consists of four SIW cavities. For
the first three orders of the BPF, the fundamental mode (Hyo;) of the SIW cavity is used at RF
frequency. The fourth SIW cavity is designed so to choose Hjp, mode for RF mode while the
fundamental mode of this cavity is used to generate a negative resistance for oscillation

conditions at the oscillating frequency. From a system point of view, our proposed design can be
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integrated directly with an antenna to build up a very compact receiver front-end of a millimeter-

wave system.

D Q) (3 @) : SIW cavities

fre

®
®
@

Figure 4.1: Basic design configuration of the proposed SIW SOM

To demonstrate the design methodology and structural features, a Ks-band prototype of the
proposed SOM circuit concept is presented due to the limitations of our PCB fabrication process
and the surface mounted FET transistor. It is well known that in an amplifier circuit, as the
operation frequency of transistors increases, the available effective gain per transistor decreases.
The proposed new design is then validated by simulated and measured results. It is worthwhile
mentioning that the proposed design concept exhibits more advantageous features over higher

millimeter-wave bands.

4.2 Dual-Mode SIW Band-Pass Filter

It has been known that the SIW narrow-band band-pass filters take the advantages of low
insertion loss, sharp selectivity, compact size and low cost, which are extremely useful for
millimeter-wave applications [24]-[30]. In this part, a dual-mode SIW BPF is designed to
accommodate two operating functions in a simultaneous way. The LO mode employs the Hjo;

mode of the fourth SIW cavity, while the RF mode utilizes the H,o, mode, as shown in Figure 4.2.
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Figure 4.2: Two orthogonal transmission modes in the proposed BPF circuit

4.2.1 RF Mode

As mentioned above, the RF mode of our circuit is used for the narrow band BPF design. The
design procedure of SIW BPFs based on the external quality factor and coupling coefficients for

n-pole SIW band-pass filters was discussed earlier in Chapter 2.
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To demonstrate our design concept, an experimental prototype of the proposed dual-mode SIW
BPF is designed. The center RF frequency of the experimental prototype is around 34 GHz and
the bandwidth is about 700 MHz. The designed SIW BPF follows a typical Chebyshev LPF
prototype design procedure with 0.1 dB passband ripple. Figure 4.3 shows the physical
dimensions of our circuit. A broadside coupled microstrip capacitor which is used as a DC-block
is included in Figure 4.3. Both RF and LO signals need to pass through this capacitor. In this
design, the synthesis of bilateral metallic walls is made with periodic metallised trenches in the
dielectric substrate, which does not allow the guidance of TM modes. The substrate used is
RT6002 with dielectric constant of 2.94 and thickness of 0.508 mm. For the design and
fabrication considerations, the width of each metallised trench is set to be 0.4 mm which is
smaller than a tenth of the wavelength of the maximum frequency of operation and also it can
guarantee a good metallization of these trenches during the prototype processing. In the
meanwhile, the spacing between metallised trenches is also set to be 0.4 mm to avoid any
potential leakage [20]. The design procedures of our proposed SIW band-pass filter can be

described as follows:

First of all, the size of each SIW cavity needs to be determined. Just like a traditional rectangular

cavity, the size of an SIW cavity is estimated by using the following well known equation:

1 m n

(fr)map =—\/(—)2 H()? + (D)2 (4.1)
2,/lug W, te Ie

where we, t. and le stand for the effective width, thickness and length of the SIW cavity,

respectively. Once the resonant frequency is chosen, the dimension of each SIW cavity, we and I,

can be determined.

Second, based on the coupling coefficients calculated from (2.7), the width of the window
between two neighbourhood sections can be determined. The bigger the window is, the stronger
the coupling between two SIW cavities will be and vice versa.

Third, the external quality factors are mainly determined by the geometries and forms of the
loads. As can be found in Figure 4.3, two different loading methods are used in our design as our

circuit structure is not symmetric at input and output ports.
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Finally, due to the external load and coupling effects, the resonant frequency of the SIW cavities
is shifted to a lower band. After the initial dimension of the SIW BPF is determined, commercial

full wave simulation software Ansoft HFSS v11.1 is used for performance optimization.

Figure 4.3: Physical dimensions of the experimental prototype of the proposed dual-mode SIW
band-pass filter (wy = 7.222 mm, w, = 3.725 mm, wsz = 3.745 mm, w, = 3.721 mm, |, = 7.006
mm, |, = 3.250 mm, I3 = 3.240 mm, I, = 3.174 mm, ¢; = 1.464 mm, ¢, = 1.244 mm, c3= 1.464
mm, s; = 0.15 mm, s, = 0.3 mm, g1 = 0.552 mm, g, = 0.672 mm, g3 = 0.351 mm, a; = 1.954 mm,
ap = 2.268 mm, b; = 3.344 mm, and b, = 4.076 mm)

Besides the design procedure based on the external quality factor and coupling coefficients, there
is an alternative approach to design our proposed SIW BPF design, which is based on the
equivalent circuit of the impedance inverter as shown in Figure 4.4 and just leads to the same

results.
o g2 i X gl2 |«
Xo

O O

Figure 4.4: Equivalent circuit of the impedance inverter



The design procedure can be summarized as follows:

1) Calculate the impedance inverter values by using

where

Ko _ |7_o
Z 2 999,10,

Kj'jJr]_ _ 7[60/1 1
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Kn,n+1 _ K a,
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W, = J)
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(4.2)

and Ago , Ag1, Ag2 stand for the guided wavelength at wo and at lower and upper passband edge

frequencies, respectively.

2) Determine the geometry of the coupling sections. Using the equivalent circuit of the

impedance inverter as shown in Figure 4.4, there is

1 _

¢; =—tan " (2X ; + Xg)—tan~t X

(4.3)

(4.4)

Xs and X, can be extracted from the scattering matrix of the inductive iris window. The equations

are given by

X, = 1-S,+Sy
JX 2512

P (1-5,) -5

(4.5)

(4.6)
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In order to get the physical lengths of the iris windows, the computation of the S parameters must

be repeated until the required impedance inverter values are obtained.

3) Finally the lengths of the resonators can be obtained by using
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Figure 4.5: Simulated S-parameter results of the experimental prototype of the proposed dual-

mode SIW band-pass filter

Simulated S-parameters of the proposed dual-mode SIW BPF are shown in Figure 4.5. The
dashed lines stand for the performance of the SIW BPF by itself and the solid lines stand for the
performance of the SIW BPF under the influence of the DC-block capacitor. It can be found that
the insertion loss of the dual-mode SIW BPF is about 2 dB which can be attributed to several
factors, namely, dielectric loss, metal loss and loss generated by the external loads. The DC-block
capacitor is found to introduce an additional 1.6 dB insertion loss at the RF frequency band. The

simulated results show a good selectivity of our proposed dual-mode BPF which has a pass band
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of 33.55 - 34.25 GHz. The narrow bandwidth can guarantee a good RF isolation from undesired

signals like the self and higher order LO signals and other mixing products.

4.2.2 LO Mode
— A\
|
-1 K 50 ohm
T Term
11 ohm
—\W—
| |
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3 =1 ™ Term
T

= =

Figure 4.6: Equivalent circuit of the LO-mode SIW BPF

Since the first three SIW cavities effectively cutoff the oscillating frequency, the dual-mode SIW
BPF circuit can be deemed as a one-port network for the LO mode. Figure 4.6 displays the
equivalent circuit of the LO-mode SIW BPF with a 50 ohm terminal. The values of all the
elements are marked out, which are extracted with the aid of commercial software Zeland IE3D
v14.0. The Hio; mode cavity is modeled as a shunt capacitor and inductor together with a shunt
resistor. The DC-block capacitor is modeled as a series capacitor and a series resistor that are
configured in parallel. Figures 4.7(a)-(b) compare the frequency response of the modeled
equivalent circuit and the full-wave simulated S-parameters of the LO-mode SIW BPF. The
circuit modeling fits with the simulated results quite well. In Figure 4.7(b), the discrepancy at the
upper band is mainly attributed to the fact that the broadside coupled capacitor is a frequency

dependent component.
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Figure 4.7: Comparison of the modeled equivalent circuit response and the simulated S-
parameters of the LO-mode SIW BPF
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Figure 4.6 indicates that the unloaded and loaded Q-factors of the Hip; mode SIW cavity are
about 380 and 155, respectively. There is a significant improvement of the quality factor by
employing the SIW cavities since it has been proven that the maximum achievable unloaded
quality factor Qp of half-wavelength microstrip resonators is between 150-200 [78]-[79]. The
oscillation performance largely depends on the LO mode. The high-Q factor of our SIW cavity
can improve the phase noise of the oscillating signal. It should also be mentioned that the

oscillation occurs at a specific frequency such that [80]
Z =——— Xy (4.8)

which is close to but different from the resonant frequency of the Hip; mode. In (4.8), Z is the

load impedance; Rq and Xq4 are the negative resistance and the reactance at the drain, respectively.

4.3 Second Harmonic SOM

Figure 4.8: Layout of the proposed SIW second harmonic SOM
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Figure 4.8 shows the layout of our proposed SIW second harmonic SOM. The transistor used in
our circuit is the pseudomorphic hetero-junction FET (HJFET) NE3210S01 from NEC. DC
biases are carefully designed and applied to the gate and drain of the HIFET. Two butterfly stubs
are used to prevent the LO and RF signals from leaking into DC supplies. At the IF port, a
microstrip low-pass filter is used to suppress the signals other than IF frequency. Shorting stubs
are connected with the source of the FET to make it working in an unstable region. The design of

the stubs is based on the small signal S-parameters of the transistor.

Input port Output port
Source Transistor Load
network T T [S] T T network
ZS ZIN ZOUT ZL
(T's) (T'in) (Tour) (TI'v)

Figure 4.9: Two-port network configuration of our circuit

A two port network configuration of our circuit is shown in Figure 4.9. It is characterized by the
S parameter of our unstabilized HIFET, the source impedance Zs, and the load impedance Z,. It

can be obtained that:

= 811 n SlZSZlFL
1- Szer (4.9)
_ n SlZSZIFS
out 22
1- Sllrs (4.10)

In addition, the radii and centers of the input and output stability circles are given by

Output stability circle in the 77 plane:
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S,,S

12721

IS 1Al (radius) (4.11)

N

_ (Szz — Asl*l)*
S, —|A"  (centen) (4.12)

L

Input stability circle in the I's plane:

S,

12721

lsuf - 1aF] (adivs) (4.13)

S

_ (Sll — AS;Z)*
S = [A" (center) (4.14)

S

where
A= S11822 - S12821
It can be proved that the necessary and sufficient conditions for unconditional stability are:
2 2 2
K — 1-[Sul” —[Sx|" +|A o1
205155 (4.15)

and
|A| <1 (4.16)

The length of the shorting stub (L) affects the oscillating frequency and the negative resistance at
the drain. Agilent’s Advanced Design System (ADS) (2008 version) is used to simulate their
relationship, which is shown in Figure 4.10. For our design, the length of the short stub is set to
be 2.5 mm which makes the HIFET unstabilized and the corresponding oscillating frequency is
around 15.2 GHz. Since the datasheet from NEC only provides the S-parameters of the HIFET
transistor up to 26 GHz, the measurement of the HJFET is carried out under the recommended
bias conditions (Vps = 2 V, Ip = 10 mA) in order to precisely extract the S-parameters in our
frequency bands of interest. The TRL calibration is applied to eliminate calibration errors
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including the bias circuits. The measured S-parameters of the unstabilized HIFET are tabulated in

Table 4.1 for both the LO and RF frequencies, respectively.

Negative Resistance (ohm)
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Figure 4.10: Simulated stub length versus negative resistance and oscillating frequency

Table 4.1 Measured S-parameter of the unstablized HIFET

freq. (GHz) Si1 Sn Sip S22
15.2 3.520 0.884 0.808 0.577
' /-8.75° /-104.40° /-125.71° /-8.24°
34 0.946 0.139 0.143 0.539
/-144.13° /22.59° /174.24° /-83.90°

Based on our measured results, the unstable region of the HIFET at the LO frequency nearly

covers the whole smith chart, as shown in Figure 4.11. While it should be noted that the length of

the short stub is almost a half-wavelength at the RF frequency which makes the transistor operate

in the stable region for the RF signal. As for the RF input, the RF port sees a nonlinear load at the

gate of the FET and the input impedance varies with the DC operation point of the FET and LO

power level. From our simulations, this value is normally not very far away from the 50 Ohm

load when the FET is operating at this point (Vps = 2 V, Ips = 10 mA) and saturated. This
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impedance level seems appropriate for most of the FET mixers. Due to this reason, no specific
RF input matching network is designed in our circuit. In the meanwhile, it can be observed that
the designed negative resistance at the drain of the HIFET is around -150 Q. As such, without
using an additional output matching circuit, a 50 ohm output port connected directly with FET
drain can fulfill the oscillation condition (4.8). It is also noted that when the LPF is applied, the
load impedance will not be 50 ohm any more. To make the circuit still oscillate at the same
frequency, the load impedance Z, = 0 is required, which is obtained by carefully designing the
transmission line in front of the IF LPF to tune the imaginary part of the Z_ to zero (Referring to
Figure 4.8). As such, the circuit remains oscillating with the condition R_ + Rg<0and X + X4 =
0 (Because Ry will become less negative as the oscillator power builds up, it is necessary to

choose R, so that R, + Ry <0.).

Figure 4.11: Load plane stability circle of the unstabilized HIFET

4.4 Experimental Results and Discussions

Our proposed K,-band SIW second harmonic SOM is measured using a test fixture Aritsu

SC5226 and a spectrum analyzer Agilent E4446A. The photograph of the circuit under test is
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shown in Figure 4.12. The RF signal is at 34 GHz and generated by using a microwave generator
Anritsu MG3694A. Figure 4.13 shows the measured mixing spectrum of our proposed SOM
circuit with a RF input of -2 dBm. Considering a 1-2 dB transmission loss in the connection
cables and test fixture probes, the conversion loss is about -12 dB. Here it should be noted that
the conversion loss is also determined by the amplifying ability of the transistor we used at RF
frequency. The maximum transducer power gain, under simultaneous conjugate match conditions,

is given by

S >

GT,max:|S_21|(K_ Kz_l)
[S1s) 4.17)
In our case, the maximum transducer power gain at RF frequency (34 GHz) is calculated to be
about -5 dB, which indicates that a high performance transistor may be necessary to improve the

conversion loss.

Figure 4.12: Photograph of the Ky-band experimental prototype
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Figure 4.13: Mixing spectrum of the proposed second harmonic SOM
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Figure 4.14. Measured RF port input return loss

The RF input return loss is also measured and plotted in Figure 4.14. The result shows a fairly
good matching for the RF input signal. At the same time, the LO signal can be measured with the
RF signal and the LPF excluded. Figure 4.15 shows the spectrum of the self and second

harmonics of the LO signal. It is measured with the LPF removed and all the bias conditions are
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kept the same. Removing the 2 dB calibration loss, the self and second harmonic LO signals are
found to exhibit about 8.5 dBm and -3 dBm, respectively. The phase noise of the IF signal is also
measured with the resolution bandwidth of our spectrum analyzer was set to be 10 KHz. Figure
4.16 shows that a -81 dBc/Hz phase noise at 100 KHz offset is obtained.

Phase noise can be expressed using the Leeson equation as given below:

f, fo vep, fo
f—m+(m) 1+ £ )}} (4.18)

L(f.)=10 Ioglo{%[l+

where L(f,) = Phase noise (dBc/Hz); Q. = loaded Q; f, = carrier offset frequency (Hz); fp =
carrier centre frequency (Hz); f. = flicker corner frequency of the active device (Hz); T =
temperature (°K); P,ys = Average power through the resonator (W); F = Noise factor of the active

device; k = Boltzman constant.

From Equation (4.18), it can be found that in addition to loaded Q, the phase noise is related to
several other factors. The performance of the active transistor and the transmission power loss all
have big influences on the phase noise. The biasing circuit may also degrade the phase noise. In
our design, the phase noise and conversion loss are affected by the broadside coupled DC-block
capacitor (see Figure 4.8) since it generates some amount of radiation. To avoid this effect, a high

performance microwave chip capacitor is recommended.
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Figure 4.18: Intermediate frequency (IF) shift and conversion loss variation with respect to drain

bias (Vgs =-0.5 V)

For our circuit design and implementation, a good LO-RF isolation can be guaranteed since the

LO signal is under the cutoff frequency of the RF cavities. In addition, a high-selectivity of the
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dual-mode SIW BPF yields a good performance of the second harmonic LO-RF isolation. Figure
4.17 displays the measured results, which indicate that the self and second harmonic LO-RF
isolations are about -50 dB and -33 dB, respectively. It is noted that the second harmonic LO-RF
isolation is slightly lower than the value (< -40 dB) which is expected from the out-of-band
performance of the BPF as shown in Figure 4.4. This may be due to the fact that the input
impedance at the gate of the FET is not exactly 50 Ohm.

In addition, the IF frequency shift with respect to the drain bias is investigated, as can be seen in
Figure 4.18. It can be found that the IF frequency is relatively stable when the drain bias changes.
The IF frequency shift is within 60 MHz when Vs =-0.5 V, and Vps varies from 1.4 Vt0 2.4 V.
The optimal conversion loss happens when Vps is around 2 V. The measured drain current for the

optimal conversion loss is about 11 mA.

Compared with [75], our proposed circuit presents a new way of implementing the SOM and this
is the first time that a dual-mode SIW resonator/filter is used for such applications, according to
our knowledge. In addition, [75] mainly focused on an oscillator design with an SIW cavity, and
made use of microstrip line and microstrip antenna which may introduce higher loss at
millimeter-frequencies. From a system point of view, our proposed SOM receiver can be
seamlessly integrated with an SIW slot antenna array which provides a good option for
millimeter-wave applications since microstrip patch array antenna is no longer suitable at such
high frequencies. No SIW-microstrip line transition is required and this could be a significant

advantage for millimeter-wave applications.

4.5 Conclusion

A sub-harmonic SOM that makes use of transmission characteristics of two operating modes in
an SIW cavity is proposed and presented in this chapter for the first time. The SOM circuit
utilizes the fundamental mode (Hyo;) of the SIW cavity for RF mode and the Hyp, mode for LO
mode. A Kg-band experimental prototype is designed and measured. The measured results show
that the conversion loss of our experimental prototype is about 12 dB at 34 GHz. The measured
phase noise of the IF signal is around -81 dBc/Hz at 100 KHz offset. The conversion loss and
phase noise can be further improved by carefully considering and reducing the loss of the
broadside coupled DC block capacitor. The proposed mixer circuit exhibits good frequency

selectivity. The self and second harmonic LO-RF isolations are found to be about -50 dB and -33
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dB, respectively. Our proposed design can be integrated directly with antenna to build up a very

compact receiver front-end of a millimeter-wave system.
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CHAPTER 5 GENERIC ARCHITECTURES AND PARAMETERS OF
RECEIVER SYSTEMS

In the previous chapters, SIW technique has been applied and explored in the development of
millimeter-wave circuits and devices. However, most of them aforementioned were investigated
as single elements. From the system point of view, it will be more meaningful to implement SIW
technique in millimeter-wave systems so that its advanced features can be used to improve the

system performance.

In this chapter, generic architectures and parameters of receiver systems are discussed and used
as a guideline for our millimeter-wave system design. From this chapter on, sub-

millimeter/millimeter wave systems based on SIW technique will be demonstrated.

5.1 Receiver architectures

Antenna

RE down-converter IE

- Baseband
Amplifier mixer Filter Amplifier Demodulator Amplifier

N E .

é (fir)

LO
(fo)

Figure 5.1: Architecture of a super-heterodyne receiver

Standard wireless receivers typically make use of two architectures: "heterodyne™ and
"homodyne”. The (super-)heterodyne receiver is widely used. A heterodyne receiver has a local
oscillator (LO), which produces a signal that is adjusted to be close in frequency to the RF signal
being received. The mixing products of RF and LO signals include two new frequencies, namely
sum term (frg + fLo) and difference term (fre - fLo) of the original frequencies. One of these two
new frequencies is discarded, usually the higher one (frr + fLo0), by filtering it out of the mixer

output. The remaining difference frequency is called the IF, and it is subject to signal processing


http://en.wikipedia.org/wiki/Local_oscillator
http://en.wikipedia.org/wiki/Local_oscillator
http://en.wikipedia.org/wiki/Electronic_filter
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that eventually extracts the desired modulated information. It should be mentioned that the main
difference between a super-heterodyne and a heterodyne receiver is the use of a high gain IF

amplifier which can improve the selectivity and sensitivity of the receiver.

Homodyne receiver is also called as "direct-conversion” or “zero-IF" receiver. The principle is
illustrated in Figure 5.2. The RF signal is first amplified at a low noise stage and then down
converted with an LO signal to base-band directly. When the frequencies of the RF and the LO
signals are equal, this scheme works as a phase detector. In some literature, only when the local
oscillator is synchronized in phase with the incoming carrier frequency, the receiver is called

homodyne.

Demodulator

Low-pass
filter

\
\
\
\ X
Antenna | » <§ i) > % >
\
\
\
\

RF

Amplifier @ LO ~RF

(fro)

006

Low-pass
filter

Figure 5.2: Architecture of a homodyne receiver

In summary, a homodyne (direct-conversion) receiver requires only a single stage of detection
and filtering, as opposed to the more common super-heterodyne receiver design, which converts
the carrier frequency to an IF frequency first before extracting the modulation, and thus requires

at least two stages of detection and filtering.

The benefits and drawbacks of heterodyne and homodyne receivers can be concluded as below:


http://en.wikipedia.org/wiki/Modulation
http://en.wikipedia.org/wiki/Superheterodyne
http://en.wikipedia.org/wiki/Intermediate_frequency
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Table 5.1: Comparison between heterodyne and homodyne receivers

Heterodyne receiver Homodyne receiver

A broad dynamic range High integration, small volume and

A higher selectivity and sensitivity | '°W SOt

Little interference with the 1/Q
signal imbalance No need of image reject filter

Benefits .
Low power consumption

Design of active LPF at baseband is
challenging to achieve a good

) dynamic range, low noise and good
Complex in structure and low linearity

integration
) ) Unwanted DC offset may corrupt
Drawbacks | Many discrete filters are used | {he signal and, more importantly

which makes the systems bulky saturate the following stages

High power consumption Carrier recovery is difficult as the
carrier frequency is at RF frequency

Very sensitive to the 1/Q imbalance

5.2 Experimental Setup of Our Communication Systems

Our communication systems are based on a basic block diagram as depicted in Figure 5.3. It can
be found that our proposed systems employ a traditional heterodyne architecture and a dual-
antenna scheme is applied. The digital number in red color is used to represent the signals in the
system flow chart. In the following chapters, slight changes may be made according to different
applications. Further details about the system hardware will be discussed later. This section

focuses on describing the demodulation techniques.

In order to obtain common-mode baseband demodulated 1/Q output signals for the baseband
ADC/DSP board, one AD8347 direct 1/Q demodulator (0.8 GHz to 2.7 GHz) and two differential
amplifiers AD8130 (see Figure 5.4) are used. In addition, Figure 5.5 presents the schematic
diagram of a baseband elliptic LPF assembled in the AD8347 evaluation board. The LPF is
allocated between the 1/Q mixer outputs and the input of the baseband amplifiers to reduce the
signal distortion. The simulated frequency response of the elliptic LPF is shown in Figure 5.6. It

can be observed that the 3 dB cutoff frequency is about 20 MHz, which indicates that the upper
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bound of the data transfer rate in our systems is 20 MHz. Figure 5.7 shows the test setup of the

demodulation board with common-mode output.
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Figure 5.4: Photograph of the (a) 1/Q demodulator and (b) differential amplifier with common-
mode output
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Figure 5.5: Schematic of the baseband elliptic LPF in the demodulation board
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Figure 5.7: Test setup of the demodulation board with common-mode output

The output of the demodulation board is measured with different RF input power levels Pj, and
different symbol rates Rs for QPSK scheme. It can be found that 1 GHz IF modulated signal is
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correctly demodulated with the symbol data rates Ry of 1-10 Msps, and the signal distortion
becomes more severe when the symbol rate increases and the input power level decreases.

Figures 5.8a-5.8c plot the measured demodulated output I/Q waveform and 1/Q diagram.
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Figure 5.8: Demodulated 1/Q waveform output (left) and 1/Q diagram (right)

5.3 Receiver Analysis

In a receiver, the signal detected by the antenna is usually a weak carrier modulated with the
desired digital data signal. The demodulator is able to recover the desired signal only if the power
of the signal exceeds a conceivable level, which depends on signal strength, incoming noise
power, type of demodulation, and so on. However, in most of cases, if the noise power is higher
than the signal power, (i.e., the ratio of carrier to noise ratio at the demodulator input is lower

than a threshold value), the signal cannot be demodulated and separated from the carrier.

Moreover, in order to ensure the fidelity of power transportation and manipulation, distortion of
the desired signal must be reduced as much as possible. The source of the distortion is mainly
attributed to the non-linearity of the devices and the interferences inside the circuit block. An
active device has linear and non-linear regions. Its non-linear terms produce harmonics and
spurious products which contribute to the distortion of the signal. The effects of noise and
spurious products on a receiver are different. Noise is directly related to the sensitivity of the

receiver. The sensitivity of a receiver is high if its noise figure is low and vice versa. The
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spurious products cause distortion of the signal, but they are not directly related to the sensitivity

of a receiver.

5.3.1 Noise in Receiver Systems

Noise is any unwanted input that may limit systems ability to process weak signals. It can be
attributed to different sources: 1) random noise in resistors and transistors, 2) mixer noise, 3)
undesired cross-coupling noise, and 4) power supply noise. On the other hand, noise figure (NF)
is a measure of degradation of the signal-to-noise ratio (SNR), caused by passive or active
components in a system. The noise figure is defined as the ratio of the output noise power of a
device to the portion thereof attributable to thermal noise in the input termination at standard
noise temperature T, (usually 290 K). The noise figure is thus the ratio of actual output noise to
that which would remain if the device itself did not introduce noise. It is a number by which the

performance of a radio receiver can be specified.
The noise factor of a system is defined as:

= _ SR,
SNR

(5.1)

out

where SNRj, and SNRy; are the input and output power signal-to-noise ratios, respectively. The

noise figure is defined as:

NR,
NF =10log F =10 log(—Rin ) SNR, s —SNRyywgs  (5.2)

out

where SNRjn g8 and SNRoy 4g are in decibels (dB).

In general, the noise figure of a noisy block can be expressed by

R
NF = NI:min +G_n[(GS _GS,opt)2 + (BS - BS,opt)z] (5-3)

s
where

NF = noise figure of noisy block.

NFmin = minimum of noise figure of noisy block.

Rn = equivalent noise resistance.


http://en.wikipedia.org/wiki/Signal-to-noise_ratio
http://en.wikipedia.org/wiki/Noise_power
http://en.wikipedia.org/wiki/Thermal_noise
http://en.wikipedia.org/wiki/Noise_temperature
http://en.wikipedia.org/wiki/Kelvin
http://en.wikipedia.org/wiki/Signal-to-noise_ratio
http://en.wikipedia.org/wiki/Decibel

97

Y = admittance of input source.

Gs = conductance of input source.

Bs = susceptance of input source.

Ys, opt = Optimum admittance of input source.
Gs, opt = Optimum conductance of input source.
Bs, opt = Optimum susceptance of input source.

The noisy two port block can reach a minimum of noise figure
NF =NF_ (5.4)
when

Y, =Y

S S,opt
For a multistage (cascaded) system, the total noise factor can be found with Friis' Formula:

F=F+ + +t—
G, GG, GG,G; G,G,G;..G, 4

(5.5)

where F, is the noise factor for the n-th device and G, is the power gain (dimensionless) of the n-
th device. In a well designed receive chain, the noise factor of the first amplifier should be the

most significant.

5.3.2 Receiver Noise Floor

A real receiver noise floor includes thermal noise (No = kTB) and noise figure in the receiver
itself. Ng = kTB is the noise power, where k is Boltzman’s constant (1.38x10% J/K), T is system
temperature, usually 290 K, and B is system bandwidth (Hz). Table 5.2 displays typical
bandwidths for various digital modulation methods. It should be noted that the values in Table
5.2 is higher than the theoretical minimum system bandwidth calculated with the Nyquist formula.

This is because the separation of two frequencies has to be considered in practice.


http://en.wikipedia.org/wiki/Friis_formulas_for_noise
http://en.wikipedia.org/wiki/Power_gain
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Table 5.2: Typical bandwidths for various digital modulation methods

Modulation method Typical bandwidth (null-to-null)
QPSK, DQPSK 1.0 xbit rate
MSK 1.5 xbit rate
BPSK, DBPSK, OFSK 2.0 xhit rate

Based on Table 5.2, the noise power No for QPSK modulation with different data bit rate R, and

symbol rate Rs is calculated and tabulated in Table 5.3.

Table 5.3: Thermal noise power (No = kTB) for QPSK with different data rate

Rp (Mbps) Rs (Msps) B (Hz) Noise Power No (dBm)
2 1 2 x10° -111
4 2 4 %108 -108
10 5 1 %10’ -104
20 10 2 %10’ -101

The noise floor limits the smallest measurement that can be taken with certainty since any
measured amplitude can on average be no less than the noise floor. In our receiver prototype, the
noise floor = Ng + NF.

5.3.3 Receiver Sensitivity

The quality of the output waveform is definitely related to the signal to noise ratio (SNR) level.
Our demodulator is able to detect the desired signal only if the power of the weak carrier exceeds
a conceivable level. The measured demodulated I-channel output waveforms and I/Q diagrams
are plotted in Figures 5.9(a)-(d), with different signal power Ps and noise power level P, for data
symbol rate Rs= 2 Msps. In our measurement, the SNR value is controlled with the use of a signal
and noise combiner which combines the noise generated from the noise source with the
modulated signal at the IF output (before demodulation). The signal and noise combiner employs
a traditional Wilkinson power combiner scheme, with a signal branch and a noise branch. The

signal input port is connected to the IF output of the down converter mixer, and the noise path
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consists of a noise source, a Gali39 amplifier (16.8 dB gain @ 1 GHz), and an adjustable
attenuator (0 ~ -60 dB).
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Figure 5.9: Demodulated waveform I-output (left) and 1/Q diagram (right), with (a) SNR = -5 dB,
(b) SNR=04dB, (c) SNR =5dB, and (d) SNR =10 dB

Based on the figures above, the minimum acceptable SNR (Ps/P,) at the demodulator input for
QPSK demodulation with data symbol rate Rs= 2 Msps is evaluated and summarized in Table 5.4.
It can be observed that the minimum SNR (P/P;)) should be around or better than 5 dB in order to

obtain satisfactory demodulated 1/Q output signals.
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Table 5.4: Minimum acceptable SNR at the demodulator input for QPSK with data symbol rate Rs

=2 Msps
Signal Ps (dBm) | Noise P, (dBm) SNR (dB) Quality of Demodulation
-70 -75 -5 Bad
-70 -70 0 fair
-70 -75 +5 Satisfactory
-70 -80 +10 Good

Thus, in this case, the receiver sensitivity (Prx) is given by:

Prx = Receiver Noise Floor + SNRumin = Ng + NF +SNRpin

5.3.4 Bit-error rate (BER)

BER

-e- BPSK/QPSK
--8-PSK
~-16-PSK

[

[
8 10
Eb/NO (dB)

12 14 16 18

Figure 5.10: BER curves for different modulation schemes for AWGN channel

(5.6)

Selection of modulation method determines system bandwidth, power efficiency, and sensitivity.

A given modulation technique affects the SNR necessary for a receiver to achieve a specified
level of reliability in terms of BER. For BPSK/QPSK modulation, SNR = Ep/Ng, and the BER in
additive white Gaussian noise (AWGN) channel is given by [81]:
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Lol B
P = ZerfC(\/l\TO ) (5.7)

where erfc(x) = %jf exp(—t?)dt .

Figure 5.10 compares the BER curves for BPSK, QPSK, 8-PSK and 16-PSK for AWGN channel.
It can be found that higher order modulations exhibit higher BER, however in exchange they
deliver a higher data rate.

5.3.5 Effects of RF Impairments on BER Performance

The effects of RF impairments (i.e. phase noise and phase/frequency shift) on the overall BER
performance of receiver systems are investigated with the aid of Matlab/Simulink. The Simulink

model is shown in Figure 5.11.

Figure 5.12 plots the BER with different phase noise values for QPSK scheme. It can be observed
that the phase noise of the oscillating signal has a significant impact on receiver systems. When
the phase noise is below a certain level, increasing the E,/No makes little improvement on BER
performance. For example, when phase noise is -70 dBc/Hz at 100 kHz offset for QPSK, as
shown in Figure 5.12, the BER curve is becoming saturated at the upper bound even if the Ep/Ny
increases. In addition, the effects of frequency stability of the oscillating signal on BER are also
investigated with the phase noise -80 dBc/Hz at 100 KHz offset. Figure 5.13 shows that the BER
performance is very sensitive to the frequency instability. Frequency drifting of a few tens of
Hertz may totally ruin our system performance. It can be claimed that a pure and stable source is

the “heart” of wireless systems.
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T EER
Signal To
Workspace
1000TT ™| Erorrste |3 |
mor Rate
hrund, ; ! » | Totsl E
PH Sequerce |1OBY | e By G [, e g e ooy Phese sty | O [oopay |, celeuisiion 3 _ otel Errers
Generatar  [1000%1] T R il IRl |l Woise  [[ET] " <1008 ot Bits
PM Sequence WMESK £k Receiver Phase! Phase MPSE
Generator Wodulator Thermal Naize Frequency Naise Demodulator
Baseband Offset Bazeband
Info

W

» 5001 e

[Er [S00x21 _E_ [ Plals

(5001 2 FFT 200G N plus Phaze Moige Display
Freq Rezponzel Figure
[4000:1] M
[4000:% H [500:1] Marrnal "
[G001] Marmal Raised Cosine Eye Diagram
Raized Cozsine Eve Diagram Tranzmit Filter1 of noigy MPSE signal
Tranzmit Filter of MPSEK signal

Figure 5.11: Simulink model of RF impairments in receiver systems
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5.4 Conclusion

In this chapter, generic architectures and parameters of receiver systems are discussed as a
guideline for the development of our communication systems to be demonstrated in the following
chapters. Based on the features of different receiver architectures, our communication systems
employ a traditional heterodyne topology, and a dual-antenna scheme is used instead of using
circulator or switch platforms for single-antenna solution which may be too lossy at millimeter-
wave frequencies. In our experimental setup, the 1/Q modulation is performed by using vector
signal generator and a direct quadrature demodulator, AD8347 from Analog Device, is used for
demodulation. The output of the demodulation board is measured with different RF input power
levels Pj, and different symbol rates Rs for QPSK scheme. Finally, receiver analysis is carried out
and system parameters such as receiver noise floor, receiver sensitivity and RF impairments that
may affect the BER are studied. It is found that a pure and stable source plays a crucial role in

receiver systems.
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CHAPTER 6 BROADBAND MILLIMETER-WAVE SINGLE
BALANCED MIXER AND ITS APPLICATION TO SUBSTRATE
INTEGRATED WIRELESS SYSTEMS
Recently, millimeter-wave techniques have become prevalent in the request of high speed
communication applications [82]-[84]. Meanwhile, with the increase of operation frequency in
millimeter-wave region, wideband transmitters or receivers are essentially required to cope with
the system design. Multi-antenna architecture thanks to short wavelength at millimeter-wave

frequencies, as shown in Figure 6.1, may be used in such a broadband system without sacrificing

the required antenna performance and transmitter-receiver isolation.

RS

D= i — isolator PA BPF convertor LPF
- —p
TPy <N

Y|
7 /ML
& > <
@ // Down-
fﬁ{ % ]E 9 — LNA BPF convertor LPF

Figure 6.1: Simplified illustration of a broadband millimeter-wave system

Antenna

Multiplexer

As one basic building block of communication systems, millimeter-wave mixers have widely
been studied, especially with regards to the aspects of port isolation and spurious rejection. As
has been well known, balanced-type mixers have advantages of good isolation and undesired
signal suppression, higher power-handling capabilities and so on. Typically, balanced mixers
consist of nonlinear devices interconnected by single or multiple hybrids, transformers, or baluns.
In particular, the fundamental types of single balanced mixer usually involve 180-degree or 90-
degree hybrids. Compared with the 90-degree hybrid mixers, the 180-degree circuits exhibit
superior electrical performance such as better RF-to-LO isolation and less spurious products [85].
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Figure 6.2: Circuit diagram of conventional single balanced diode mixer

In this chapter, we present a broadband millimeter-wave single balanced mixer according to the
circuit diagram as described in Figure 6.2. Our proposed 180-degree hybrid consists of a standard
H-plane 3-dB coupler and the 90-degree broadband SIW phase shifter proposed in Chapter 3.
Compared to the previously reported structures [86]-[88], our proposed mixer shows its
advantages of broad bandwidth, excellent port-to-port isolation, small insertion loss, low profile
and easy integration in SIW circuits. Therefore, it can easily be used at millimeter-wave
frequencies, and also its structure is favourable for the microwave integrated circuit applications.
To demonstrate the design methodology and structural features, a K-band prototype of the
proposed broadband millimeter-wave single balanced mixer is designed and implemented with
our PCB fabrication process and surface mounted diodes. The proposed design methodology is

validated by simulated and measured results.

Moreover, a receiver front-end, which integrates an SIW slot array antenna and our proposed
mixer in a single layer substrate, is developed as a particular effort to establish a geometry-
compact, low-cost and low-profile architecture. Experimental validation of a K-band wireless
communication system integrated with our receiver front-end is then presented. EVM and signal
to noise ratio (SNR) are investigated for M-QAM schemes. EVM is commonly used to measure
the departure of signal constellation from its ideal reference in wireless communication standards
such as wireless local area network (WLAN) where a maximum level of EVM is specified [89]—

[90]. In fact, the proposed mixer can also be employed in radar systems.
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6.1 180-degree Hybrid Implemented with Broadband Slotted SIW Phase
Shifter

Figure 6.3 illustrates our proposed 180-degree hybrid that consists of an H-plane 3-dB coupler
and the aforementioned broadband 90-degree slotted SIW phase shifter. Herein, the design
procedure of the 90-degree phase shifter is omitted since it has been well demonstrated in
Chapter 3. To comply with the fabrication condition based on our in-house PCB processing
technique, a K-band 180-degree hybrid is designed to verify the proposed design methodology
and the above-discussed electrical performance. An experimental prototype is fabricated on
substrate RT6002 with thickness of 0.254 mm and dielectric constant & = 2.94. Physical
dimensions of the designed broadband 180-degree hybrid are given in Figure 6.3. Microstrip line
feeders are used in the sum and difference input ports and they are designed for 50 Ohm

condition.

90-degree slotted SIW

H-plane 3-dB coupler !
P P i phase shifter

Suminput

Output

l : —

T // Output
T // — A : L B’

Difference input /
metalized trenches

_1 1 1

A-A’ plane B-B’ plane

Figure 6.3: Physical dimensions of the experimental prototype of the proposed 180-degree hybrid
(wy =10.03mm,w, =1.7mm, L =25mm, Al =1,-1; =134 mm, I3=7.36 mm, I, =6 mm, r =

1.55 mm, s; = 0.2 mm, and a; = 5.1 mm).
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Figure 6.4: Simulated and measured S-parameters of the experimental prototype of the proposed

180-degree hybrid (a) amplitude responses and (b) phase balances.

Figures 6.4(a) and 6.4(b) show simulated and measured amplitude responses and phase balances
of the K-band 180-degree hybrid prototype, respectively. The circuit simulation is made with the
aid of Ansoft HFSS v12.0.1. The measurements are carried out by using an Anristu 37397 vector
network analyzer. From Figure 6.3, it should be noted that the output port impedance is not 50
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Ohm. For the convenience of experimental measurements, a quarter-wave microstrip impedance
transformer is used at the output ports to convert the grounded CPW line to 50 Ohm microstrip
line. Of course, the circuit performance degrades by doing this because of the discontinuities and

limited bandwidth of the quarter-wave impedance transformer.

It can be observed that the measured amplitude and phase imbalance between output ports of the
experimental prototype are within 1.5 dB and =25°, respectively, across a broad bandwidth from
22 to 27 GHz. In addition, the input portisolation and return loss are both better than -10 dB in
the frequency range of interest. The discrepancy between the simulated and measured results is

mainly attributed to effects of the impedance transformer.

6.2 Broadband Single Balanced Mixer

Figure 6.5: Currents and voltages in the diodes of a 180-degree balanced mixer.

When the RF signal voltage and LO injection are coupled to the anti-parallel diodes, the
corresponding currents go through all the PN junctions with opposite directions, as shown in

Figure 6.5. Owing to the non-linearity of the diodes, these currents interact with each other.

There are two sub-currents, I; and I,, flowing through the diodes. They are determined by the

voltages from the RF signal and LO injection, Vg and V o:
2 3 4
2 3 4

where a, = k™ order non-linearity coefficient of diode, and
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V) =V, Cos(@ ot) +Vge COS(wRet + @) (6.3)
V, =V | C0S(@ot) +Vge COS(wget + @) (6.4)

And the IF current is
. =11, (6.5)

Equations (6.3) and (6.4) are substituted into (6.1) and (6.2). These are, in turn, substituted into
(6.5). Trigonometric identities are used to find the current components at the various mixing

frequencies. It can be obtained that

L =—28,VeeVio +4a,VreVio Vee” +Vio") +..]cos{oet + 9}

—[28,VeeVio +4a,VreVio Vee” +Vio”) +..-]c0s{(@ge + @0 )t + 0} —...
(6.6)

By filtering out the high frequency items,
I e =—28,VeeVio +4aVeeVio Vre’ +Vio2) +...]cosiwt + o} (6.7)

Equation (6.7) implies that the odd order non-linearity terms are cancelled with each other. The

desired IF signal can be produced only by the even order non-linearity terms.

A K-band single balanced diode mixer is developed by employing the aforementioned 180-
degree hybrid. Again, the mixer is fabricated on substrate RT6002 with 0.254 mm thickness and
er=2.94. Figure 6.6 shows the photograph of our proposed broadband mixer. Diodes used in our
circuit are GaAs schottky diode MGS901 from Aeroflex. Two butterfly stubs are used to prevent
the LO and RF signals from leaking into IF port. In addition, a microstrip LPF with a cutoff
frequency of 4 GHz is designed at the IF port to suppress the signals other than IF frequency.
Since the diode resistance is not 50 Ohm, the output impedance of the 180-degree hybrid is not
designed to 50 Ohm. Good matching can be achieved by designing the LPF properly. One of the
significant benefits of the proposed structure is that the IF frequency is under the cutoff frequency
of the SIW lines. Therefore, no specific design should be considered to prevent the IF signal from
leaking into RF/LO port. This results in a significant improvement of conversion efficiency.
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Figure 6.6: Photograph of the proposed broadband single balanced diode mixer

This developed K-band single balanced mixer was measured using spectrum analyzer Rohde &
Schwartz FS1Q40. The RF and LO signals are generated by microwave signal generators Anritsu
MG3694A. The conversion gain/loss is plotted in Figure 6.7, from which it can be observed that
this mixer exhibits a fairly good performance as both down-converter and up-converter. The
measurements are performed with LO power P o = 13 dBm and IF frequency fir = 1.45 GHz.
Meanwhile, Figure 6.8 shows the curve of the measured conversion gain/loss versus IF
bandwidth, where the LO input power is 13 dBm at 21 GHz. The measured IF frequency is in
the range of DC-4 GHz with a conversion gain/loss better than -10 dB. The IF bandwidth is

actually broader considering effects of the LPF.
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Figure 6.7: Measured conversion gain/loss of the proposed mixer performed as up-converter and
down-converter (P o = 13 dBm and fir = 1.45 GHz)
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Figure 6.8: Measured conversion gain/loss versus IF bandwidth (P o = 13 dBm @ 21 GHz)
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For our circuit design, good LO-RF and LO-IF isolations can be guaranteed thanks to the
implementation of our 180-degree hybrid. Moreover, a high-selectivity of the LPF yields a good
performance of the RF-IF isolation. Figure 6.9 displays the measured IF port spectrum of this
mixer performed as a downconverter, with the RF input of -10 dBm and the LO input of 13 dBm,
from which it can be found that the LO-IF and RF-IF isolations are about -55 dB and -45 dB,
respectively. Measured LO leakage at the RF port is shown in Figure 6.10, suggesting that the
LO-RF isolation is about -20 dB.

It is worth mentioning that the proposed mixer circuit also exhibits an excellent property of
linearity. As illustrated in Figure 6.11, an input 3rd order intercept (IP3) measurment is carried
out by using two tones seperated with 2 MHz. Figure 6.12 displays the measured input-IP3 and
input compression point P1gg of the proposed mixer when it is performed as a downconverter,
with LO input of 13 dBm. It is observed that the input-1P3 and P1qg of our mixer is around 15
dBm and 9 dBm, respectively.

5 dBm 2.04408818 MHz SWT 500 ms Unit dBm

Delta 1 [T1] RBW 10 kHz  RF Att 20 dB
Ref Lvl -44.04 dB VBW 10 kHz

Center 1 GHz 2 MHz/ Span 20 MHz

Figure 6.11: Two-tone inter-modulation test of the proposed single balanced mixer (P o = 13
dBm @ 25 GHz).
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6.3 Our Proposed K-band Receiver Front-end
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Figure 6.13: Layout of our proposed K-band receiver front-end
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In this section, a K-band receiver front-end system is designed and implemented using our
proposed broadband mixer. Figure 6.13 shows the layout of the K-band receiver front-end. In this
design, the RF signal is first received by an SIW slot array and then fed into our K-band mixer,
which functions as a down-converter. The receive antenna in our system is a 2 %<8 slot array in
order to achieve a high gain and the center RF frequency is around 24 GHz. The substrate used is

again Rogers RT6002 with dielectric constant of 2.94 and thickness of 0.254 mm.

Longitudinal slot in the broad wall of an SIW is the basic building element in the slot antenna
structure. Such longitudinal slots are set to interrupt transverse conduction currents which cause
the radiation of electromagnetic energy from the waveguide. Stevenson was the first to calculate
the impedance of different types of slots in a rectangular waveguide [69]. According to his work,
a longitudinal resonant slot (slot length is equal to 4/2) in the broad wall of a rectangular
waveguide can approximately be modelled as a pure normalized admittance, which is given by

= @ﬁECOSZ(”_’I

.,
= — 6.8
: 73w A b Zig)sm (a) ©8)

where a and b are interior dimensions of the rectangular waveguide, 4 and A4 are wavelengths in
free space and in the waveguide, respectively. d is the displacement from the central line of the
broad waveguide wall, as shown in Figure 6.14. Although (6.8) is an approximate formula which
comes from conventional air-filled waveguide structures, it can provide a sufficient accuracy for

the SIW slot array antenna design when low permittivity substrate (e < 3) is used.

fffffffffffffffffffffffffff A =

Figure 6.14: Longitudinal slot in the broad wall of an SIW
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Figure 6.15: Equivalent circuit of a linear SIW array

Figure 6.15 shows the equivalent circuit of a linear SIW array. The input impedance of a length

of transmission line with an arbitrary load impedance is given by

Z, +jZy,tan pl
Lin=21, .
ZO + -IZL tanﬂl (69)
Based on this equation, it can be found that the space between neighboring slots / = D = 14/2

gives a zero value for tan(pl), which means that the normalized input standing wave admittance

can be obtained:

N
Yin =2 Yn+Ys
= (6.10)

Setting Ds = A¢/4 and using again equation, it shows that y; = 0. Now for the good matching, we

need

Yin = Zyn =1
01 (6.11)



119

For a simplified design with uniform power distribution of the slot array, (6.8) shows that

480 44 a A . o, 1
=270 Ceos2 (X )sin2 () = =
Br A b 2/1g a N (6.12)
Therefore, d can be calculated according to other known factors a, b, 4 and /q.
Furthermore, one can also calculate the array factor using the following relation:
1 N 2 N 2
F,(0)=— [2 cos(a,, cos 6’)} - [ >.sin(e,, cos 6’)}
N n=1 n=1 (6.13)

A
where ¢, =(n—-1)kD=(n —1)7[79

It should be noted that the Stevenson's relations ignore the slot reactances, which may give
incorrect results for slot antenna design. Normally, a strong coupling between slot elements due
to large slot size and high permittivity material and the large offsets from the central line can
cause the slot reactances non-ignorable, and make the Stevenson's relations ineffectual. In these
cases, design procedure from Elliot’s papers [91] gives much more accurate solution. But of

course, it is more complicated and the design has to be finished by using numerical method.
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Figure 6.16: Measured input return loss of the SIW slot array



120

Figure 6.16 shows simulated and measured input return losses of our designed 2 = 8 slot array
antenna. It can be seen that the measured operating frequency slightly shifts towards an upper
band due to the deviation of the dielectric constant. The -10 dB bandwidth is extended from 23.7
GHz to 24.3 GHz. It should be noted that the ripple in the out-of-band of the antenna is mainly
attributed to the microstrip-to-SIW transition that is used for measurement. The radiation patterns
of our 2 %8 slot array at 24 GHz are also plotted in Figure 6.17. It is observed that the measured

gain and side-lobe level of our receive antenna are about 13 dBi and 21 dB, respectively.

With the aid of noise figure analyzer Agilent N8975A, the noise figure of the receiver front-end
Is measured. The measured single-sideband (SSB) noise figure is about 9 dB in the frequency
range from 23.7 to 24.3 GHz. Actually, the receiver noise figure can be improved by introducing
a low-noise amplifier (LNA) in front of our mixer. The LNA is not applied in our receiver front-

end for the consideration of a simplified demonstration.

20 L L ; L L

Antenna gain (dBi)

60

0 (degree)

Figure 6.17: Measured radiation patterns of the SIW slot array at 24 GHz



121
6.4 Experimental Measurement of K-band Wireless Communication System

6.4.1 System Test Setup for Line-of-sight Channels

To demonstrate the system performance of the proposed receiver front-end, a vector signal
wireless communication system is set up. Figure 6.18 depicts the block diagram of the proposed
system measurement. At the transmitter end, a pseudorandom (PN) binary sequence is modulated
to IF signal fir by a vector signal generator (VSG) Agilent E4483C, in M-QAM form. Thereafter,
the modulated signal is up-converted to a 24 GHz RF signal by a sub-harmonic mixer HMC264
from Hittite. Anritsu MG3694A provides a -4 dBm, 11.5 GHz carrier signal f o for the mixer.
The RF signal is then fed into a standard horn antenna SGH (18-26.5 GHz, with a gain of 24 dBi)
for transmission. At the receiver side, the received RF signal is down-converted to IF signal using
our proposed K-band receiver front-end. A signal generator (Anritsu MG3694A) provides a +13
dBm carrier signal for our proposed single balanced mixer. The IF output signal is then amplified
by a two-stage surfaced mounted amplifier cascaded by using GALI-39 from Mini-Circuits. This
output signal is sent to a vector signal analyzer (VSA) Agilent 89600 (i.e., an Agilent
DS081204B oscilloscope with VSA software) for analog to digital conversion (ADC),
demodulation, and synchronization. The noise generated from a noise source (HP346C) is
combined with the modulated signal at the amplifier output (before demodulation) in order to

control the SNR conditions.

RX Noise

Transmitter - ;._’, > Source Receiver
ANT
Vector Signal f f .
IF IF
Generator K-band Vector Signal
Front-end Analyzer

Figure 6.18: System test setup for the K-band receiver front-end
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Figure 6.19: Photograph of our test setup

The photograph of our system test setup for LOS channels is shown in Figure 6.19. The
characteristic of 24 GHz propagation channel, power analysis, received SNR and EVM are
important aspects for wireless communication systems. First of all, the transmitter and receiver
front-end modules are tested separately with respect to the RF performance. In the frequency
range of interest between 23.7 GHz and 24.3 GHz, the total gains of the transmitter front-end and
receiver front-end are around 12 dB and 4 dB, respectively. In addition, the LOS path loss (PL)
of the 24 GHz wireless channel is measured in our laboratory environment, using two standard

horn antennas (SGH 18-26.5 GHz). Theoretically, propagation PL can be calculated by:
PL(dB) = 20log( %) (6.14)

where d is the distance between receiver and transmitter, 1 is free space wavelength. As shown in
Figure 6.20, it can be seen that the theoretic PL is the lower bound of the measured PL and their

values are very close.
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Figure 6.21: Measured spectra for QPSK at transmitter and receiver IF output with Rs= 50 Msps,

d=1m.

Thereafter, the overall system measurement is carried out with a distance of d =1 mto 3 m (i.e,,

PL =60 ~ 70 dB) between the transmitter and the receiver. The IF frequency is set to fir = 1 GHz.
Various modulation schemes such as QPSK, 8PSK, 16QAM, and 32 QAM are generated by
Agilent E4438C VSG. The baseband modulation filter is set to be a square root raised cosine
(SRRC) filter with a roll-off factor of 0.35. At the receiver side, Agilent 89600 VSA is used to
measure the transceiver system parameters such as received SNR, EVM, output spectrum and so

on. Due to the confined sensitivity of VSA, the received IF output signal is amplified by a two-

stage amplifier with a gain of 26 dB. Figures 6.21(a) and 6.21(b) compare the measured spectra

of the transmitted and the received modulated IF signals, with d = 1 m, fir = 1 GHz, transmitted

IF power P = 2 dBm, and a symbol rate of Ry = 50 Msps. It is observed that the received IF

signal spectrum shows its similarity to transmitted IF signal spectrum. The received power

spectrum with a bandwidth of 50 MHz is higher than -35 dBm.
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6.4.2 Constellation Diagram and EVM

The signal constellation and root-mean square (RMS) EVM are extensively used to evaluate the
quality of communication systems, particularly when digital modulation is employed. Compared
with BER, EVM test is time efficient, and it can directly reveal the underlying impairments that

cause degradation.

Figure 6.22 shows the graphical representation of error vector. The EVM is calculated with the
ratio of the power of the error vector to the root mean square (RMS) power of the reference. It is

defined in percentage as:

P
EVM (%) = |—2" x100% (6.15)

reference

where Perror IS the RMS power of the error vector. For single carrier modulations, Preference 1S, by

convention, the power of the outermost point in the reference signal constellation.

Magnitude error
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Figure 6.22: Graphical representation of error vector

What’s more, for M-ary modulation, the BER can be related with the EVM as follows [92]:


http://en.wikipedia.org/wiki/Root_mean_square
http://en.wikipedia.org/wiki/Decibel
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where L is the number of levels in each dimension of the M-ary modulation system. Based on

(6.16), the BER versus EVM curves can be plotted for M-ary modulations, as shown in Figure
6.23.
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Figure 6.23: BER versus EVM for M-ary modulations

Figures 6.24(a)-(d) show the measured constellation diagrams of QPSK, 8PSK, 16QAM and
32QAM, respectively, under the conditions of the distance d = 3 m, SNR = 20 dB, a symbol rate
of Rs= 50 Msps. It can be seen that the output constellations are stable and clear. Moreover,
Figure 6.25 presents the measured output constellation diagrams of QPSK at the receiver IF
output, with different SNRs, d = 1 m and Rs = 20 Msps. It can be observed that the output
constellation is stable when the received SNR is beyond a certain level, e.g., SNR = 15 dB. The
output constellations are definitely clear and the spreading points in the constellations are very

close to the reference positions with a high SNR of 30 dB.
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Figure 6.24: Measured constellation diagrams at receiver IF output with SNR = 20 dB, Rs = 50

Msps, d = 3m.
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Figure 6.25: Measured constellation diagrams of QPSK with different SNRs, Rs=20 Msps, fir =1

GHz,d =1m.
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In [89], Mahmoud et al. derived an expression of relating EVM to SNR for QAM signals over
AWGN channels, where the signal-to-noise ratio (SNR) is defined as SNR = Es /Ng, Es is the
average symbol energy, No/2 is the noise power spectral density (PSD). Here, the SNR is a
function of both the nonlinear distortion and the energy per bit to the noise PSD ratio. The signal
degradation sources in our proposed wireless system such as thermal noise, antenna noise, and
the noise of transceiver circuits are modeled as Gaussian noise. For a M-QAM signal of order M
= 2 a modified EVM expression is obtained by replacing SNR by SNRxk/2 for (49) in [89].
Thus, the EVM relation to SNR is calculated by

EVM MQAM —

. 3k BZSNR

2 _g 3 ‘glye’ 4(M-1)
kSNR kz(M —1)SNR 4= !

1/2
12 3k 5ZSNR
M1 Z 7ﬁerf{x} a(M —1) H

(6.17)

where y, =1-i/JYM, g =2i-1, k = log2(M) is the number of bits per symbol for M-QAM, erfc(x) is

the complementary error function, defined as grc(x) :% e ’at- EVM is usually expressed as a
v

percentage (%).

Figure 6.26 plots the measured and calculated RMS EVM versus SNR for QPSK, 16QAM and
32 QAM, with Rg= 20 Msps. It can be seen that the measured EVM resutls are well matched to
the EVM values calcluated by (6.17), for various modulation orders such as M = 4, 16, and 32. In
general, the RMS EVM of different modulation schemes is within 5% when received SNR is
above 25 dB, and EVM is less than 19% when received SNR is more than 15 dB. This indicates
that our proposed transceiver system supports reliable communication. It should be noted that the
minimum detectable SNR is limited by the dynamic range of measurement instruments such as
Agilent DS0O81204B. The measured maximum symbol rate is restricted by the baseband test
bench such as VSG Agilent E4438C, and the bandwidth of our experimental K-band wireless

communication system can reach up to 600 MHz.
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Figure 6.26: Measured and calculated RMS EVM versus SNR for QPSK, 16QAM and 32 QAM,
Rs= 20 Msps, fir =1 GHz, d = 1m.
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Figure 6.27: Measured RMS EVM at various IF frequencies for QPSK
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It has been shown above that the relationship between EVM and SNR can be estimated by (6.17).
From the system point of view, the conversion loss and noise figure of a mixer may affect EVM
by decreasing SNR. In order to evaluate the broadband performance of the proposed mixer, the
RMS EVM of the system is measured by varying the LO frequency over 20-24 GHz. Figure 6.27
shows the measured RMS EVM for QPSK with symbol rate of Ry = 20 Msps, transmitter and
receiver distance d = 1 m, transmitted IF power Pz = 2 dBm. It is observed that the measured
EVM is quite stable at different IF frequencies. In Figure 6.27, a higher EVM at the upper IF

band is caused by the noise figure variation of our proposed mixer.

6.5 Conclusion

A broadband millimeter-wave single balanced diode mixer that employs a novel structure of 180-
degree SIW hybrid has been proposed and presented in this chapter. This 180-degree hybrid
consists of a conventional H-plane 3-dB coupler and a broadband 90-degree phase shifter. A K-
band experimental prototype has been designed and measured. Measured results have
demonstrated that the conversion loss of our experimental prototype is better than 10 dB across
the entire LO/RF frequency range of 20-26 GHz, as up-converter or down-converter. The
measured IF frequency is from DC to 4 GHz. The proposed mixer exhibits an excellent linearity
property with input IP3 and Pi4g points about 15 dBm and 9 dBm, respectively. In addition, it
guarantees good spurious rejection and port-to-port isolations. It is worthwhile mentioning that
the proposed design concept would exhibit more advantageous features at higher millimeter-wave
frequency bands. In order to evaluate the system performance of this proposed mixer, our design
is integrated directly with an SIW high-gain antenna to build up a very compact receiver front-
end. Finally, a K-band wireless communication system, using the receiver front-end as a building
block, is demonstrated for line-of-sight channels. Measured and analytical results show that the
proposed system is able to provide a reliable communication. This chapter has successfully
demonstrated a possible application of the proposed mixer in millimeter-wave communication

systems.
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CHAPTER 7 MILLIMETER-WAVE RECEIVER FRONT-END USING
INJECTION-LOCKED SUB-HARMONIC SELF-OSCILLATING
MIXER

This chapter presents a novel SOM based receiver front-end which deploys an injection locking
scheme in order to improve the frequency stability and phase noise of the oscillating signal. In
our receiver front-end, an SIW slot array antenna, a band-pass filter and a second-harmonic SOM
which has been demonstrated in Chapter 4, are integrated into a single layer substrate as an effort
to establish a compact, low-cost and low profile architecture for millimeter-wave wireless
systems. The SOM makes use of the transmission characteristics of two operating modes in an
SIW cavity. As such, the proposed receiver front-end has the advantages of low phase noise and
decent isolation between RF and LO signals. In the previous experiments, the frequency drift
phenomenon of the self-generated LO signal was still observed. As is well known, any deviation
from a pure LO shows up as added phase and amplitude noise in the converted signal, corrupting
the original spectral content. Therefore, to generate frequency sources with low phase noise and
low spurious signal content for communications and cost effectively is a key design consideration.
In this chapter, the injection locking technique is applied to our receiver front-end to improve the

quality of the LO signal, and the overall system performance is thus upgraded.

Furthermore, an additional transmitter front-end circuit is introduced to set up a complete K-
band transceiver system. Experimental validation of the K,-band wireless communication system
integrated with our SOM-based receiver front-end is then carried out and presented. EVM and

SNR are finally investigated for QPSK modulation scheme.

7.1 Our Proposed Receiver Front-end System

Figure 7.1 shows the layout of our proposed receiver front-end system in which a second
harmonic SOM is embedded with SIW structures [93]. In our design, the RF signal is first
received by an SIW slot array, and then passes through a BPF module that consists of four SIW
cavities. As has been illustrated before in Chapter 4, our proposed SOM circuit simultaneously
provides both oscillating and mixing functions within a single FET block. For the first three
orders of the BPF, the fundamental mode (Hio;) of the SIW cavity is used at RF frequency. The
fourth SIW cavity is designed so as to choose Hyp, mode for RF signal while the fundamental
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mode of this cavity is used to generate a negative resistance for oscillation conditions. And the
second harmonic of the LO frequency is used for the mixing function. The transistor used in our
circuit is the pseudomorphic hetero-junction FET (HJFET) NE3210S01 from NEC. An external
LO injection port is included in the proposed circuit in order to stabilize the self generated LO

signal and improve its phase noise for communication performance.
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Figure 7.1: Layout of our proposed receiver front-end

To demonstrate features of our proposed receiver front-end, a complete transceiver experimental
prototype is designed and implemented. The receive antenna in our system is a 2 < 8 slot array
and the transmit antenna is made of a standard microstrip patch for simplicity. The center RF
frequency of the prototype is around 30 GHz. The substrate used is Rogers RT6002 with

dielectric constant of 2.94 and thickness of 0.254 mm.

7.1.1 Quality Factor of the SIW Cavity

As mentioned above, the fundamental mode (Hi01) of the fourth cavity of the proposed dual-
mode BPF is used as the resonant mode for the LO signal generation. The quality factors of the
cavity, namely loaded Q (Q.) and unloaded Q (Qu), can be extracted from the measured one-port
reflection parameter of the cavity [94]. Figure 7.2 shows the simulated and measured reflection
responses of the SIW cavity around the LO frequency, where p stands for the reflection factor. Q.

can be obtained from the return loss as
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_ W
Awyyg (7.2)

Qu

where wy is the resonant frequency and Awsgg IS the 3 dB bandwidth. It can be obtained that the
simulated and measured Q, of the SIW cavity are 115.7 and 109.1, respectively.

m1l:freq=15.04 GHz m2:freq=15.28 GHz
p=-0.204 p=-0.181

T~
freq (13.5 GHz to 16.5 GHz)

________

— simulated
----- measured

Figure 7.2: Measured reflection response of the SIW cavity

The unloaded quality factor Qy can further be obtained from Q. and coupling factor £ as

Qu =QL(1+5:) (7.2)
where £ can be calculated with
1+
ﬁc = =L
1-p (7.3)

The coupling factor g could be greater or smaller than 1, which indicates the over coupling and
under coupling situations, respectively. The simulated and measured Qu of our SIW cavity are
then calculated as 192.2 and 184.8. Compared with the Qu value of 380 in [93], the quality factor

in this design degrades because a thinner substrate is used.
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7.1.2 Dual-Mode SIW BPF

The SIW BPF follows a typical Chebyshev low-pass filter prototype design procedure with 0.1
dB passhband ripple, which was described in details in [93]. The simulated and measured S-
parameters of the proposed dual-mode SIW BPF are shown in Figure 7.3. The curves with a
higher insertion loss stand for the BPF under the influence of the DC block capacitor. It can be
seen that the measured operating frequency shifts around 500 MHz towards an upper band due to
the deviation of the dielectric constant. The insertion loss of the dual-mode SIW BPF is measured
about 3.25 dB which can be attributed to several factors, namely, dielectric loss, metal loss and
loss generated by the transitions and external loads. The DC-block capacitor is found to slightly
introduce an additional 0.15 dB insertion loss at the RF frequency band. The measured 3 dB
bandwidth of the dual-mode SIW BPF is about 900 MHz from 29.85 — 30.75 GHz and within the
pass band, the input return loss is better than -20 dB. This highly selective BPF can ensure a good
isolation between RF and LO signals. It can be found that the RF-LO isolation is better than -40
dB when LO is spaced 1.3 GHz from RF signal.
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Figure 7.3: Simulated and measured S-parameters of the proposed dual-mode SIW BPF
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7.1.3 Injection Locking Technique in the Proposed SOM
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Figure 7.4: Measured LO spectra at the IF port (a) free-running and (b) with an external injection
of -30 dBm.
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The proposed SOM circuit is measured with embedded in the receiver front-end (see Figure 7.1).
Figures 7.4(a) and 7.4(b) show the measured LO spectra at the IF port under the free-running and
injection locking conditions, respectively. The injection signal is generated by a microwave
signal generator Anritsu MG3694 and the frequency is set at the fundamental frequency of the
self oscillating signal which is about 13.5 GHz. As can be seen, the locked signal is much purer
and more stable than the free-running self oscillating signal. It should be noted that the output LO

power should be about 30 dB higher considering the attenuation of the IF port LPF.
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Figure 7.5: Locking range versus injected power
On the basis of the injection locking scheme, the locking range can be approximately expressed

as [95]
@q Qext Pout

where 2Aw is the locking bandwidth, wg is the free running frequency, Qe is the external quality

factor of the circuit, Py is the output power of the oscillator, and Piy; is the power level of the
injected signal. According to (7.4), Qe Can be estimated by using the measurement results.
Figure 7.5 displays the locking range with different injected power levels, based on which the
average measured Qex: can be calculated as about 68. Figure 7.6 illustrates the phase noise of the
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designed SOM for different injected power level, compared to the phase noise of the reference
signal generator itself. It shows that an injected signal of -30 dBm is sufficient to obtain a phase

noise close to the reference source.
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Figure 7.6: Measured phase noise for various injected power

7.1.4 SIW Slot Array

The SIW slot array is designed based on the method presented in Section 6.3. Figure 7.7 shows
the simulated and measured input return losses of the 2>8 SIW slot array antenna. It can be seen
that the simulated and measured results fit quite well except that the measured operating
frequency shifts around 350 MHz towards an upper band due to the deviation of the dielectric
constant, which is consistent with the frequency shift in the dual mode SIW BPF circuit. The
measured -10 dB bandwidth is extended from 29.6 GHz to 30.75 GHz. The radiation patterns of
our 2 <8 slot array at 30 GHz are also plotted in Figure 7.8. It is observed that the measured gain

and side-lobe level of our receive antenna are about 13 dBi and 18 dB, respectively.
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Figure 7.7: Simulated and measured return losses of the 2>8 SIW slot array antenna
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7.2 Test Setup of Our K,-band Wireless Communication System

Figure 7.9: Photograph of the proposed transceiver front-end

To demonstrate the system performance of the proposed receiver front-end that was discussed
earlier, a Ky-band transceiver experimental prototype at 30 GHz is implemented. The photograph
of our proposed transceiver front-end is shown in Figure 7.9. The transmitter front-end includes a
mixer module HMC329, a power amplifier HMC283LM1, both from Hittite, and a microstrip
patch antenna with the measured antenna gain of 5.7 dBi. The mixer chip is wire-bonded on a
0.254-mm-thick alumina substrate. The power amplifier HMC283LM1 and the patch antenna are
integrated on the same substrate RT6002 with thickness of 0.254 mm and dielectric constant &, =
2.94. The RF output of the mixer is connected to the power amplifier input through wire-bonding.
The measured parameters of the commercial K;-band mixer HMC329 and PA HMC283LML1 are
consistent with the datasheets from Hittite. The total gain of the transmitter front-end is measured
about 12 dB.
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Figure 7.10: Block diagram of the proposed communication system

Figure 7.10 depicts the block diagram of the proposed 30 GHz wireless communication system.
At the transmitter end, a PN binary sequence is modulated at an IF signal with QPSK scheme by
an Agilent E4483C VSG. Thereafter, the QPSK modulated signal is up-converted to a 30 GHz
RF signal by the mixer HMC329. The RF signal is then fed into the power amplifier
HMC283LM1 and the transmit antenna for transmission. At the receiver side, the received RF
signal is down-converted to IF signal using the proposed receiver front-end. The IF output signal
is then amplified by a two-stage amplifier with a total gain of 22 dB at IF frequency. This output
signal is sent to a VSA Agilent 89600 (i.e., an Agilent DS0O81204B oscilloscope with VSA
software) for ADC, demodulation, and synchronization. The noise generated from a noise source
(HP346C) is combined with the modulated signal at the amplifier output (before demodulation)

in order to control the signal-to-noise ratio (SNR) conditions.

In addition, the LOS path loss is measured for a 30 GHz wireless channel in our laboratory
environment. It can be observed from Figure 7.11 that the measured PL is very close to the

theoretical value which is calculated by using (6.14).
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Figure 7.11: Measured and calculated PL at 30 GHz

7.3 Measurement Results

Figure 7.12: Photograph of our test setup

Figure 7.12 shows the photograph of our system test setup as sketched in Figure 7.10. The test
equipments include Agilent E4438C VSG, Anritsu MG3694A and 68177C signal generators,
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Agilent spectrum analyzer 4446A, Agilent oscilloscope infiniium DS081204B, several power
supplies, and one mobile handcart. At the transmitter side, Agilent E4438C VSG generates QPSK
modulated signal. Anritsu MG3694A provides a +13 dBm, K,-band carrier signal for the 30 GHz
up-convertor mixer. At the receiver side, Agilent spectrum analyzer 4446A is used to record the
IF and RF signal spectra. In addition, Agilent 89600 VSA is used to measure the transceiver
system parameters such as received SNR, EVM, constellation diagrams and so on.

The system measurements are carried out with the distance of d = 30 cm to 1 m between the
transmitter and receiver, which determines a PL in the range of 53~62 dB. The output signal of
Agilent E4438C VSG is set to QPSK modulation, and the intermediate frequency fis is in
accordance with the down-converted IF frequency of the proposed SOM circuit. An external -30
dBm reference signal generated by Anritsu 68177C signal generator is fed into the injection port
of the SOM circuit. Comparable to that presented in our early work [93], the measured
conversion loss of our 30 GHz SOM circuit is about 12 dB. By setting the transmitted modulated
IF signal from VSG at 0 dBm, the expected IF power down-converted by the proposed receiver
front-end is about -35 dBm for a distance of d = 30 cm between the transmitter and the receiver.
Figures 7.13(a) and 7.13(b) plot the measured spectra of the transmitted modulated IF signal and
the received modulated IF signal at the output of the IF amplifier (behind the proposed receiver
front-end in Figure 7.10), for QPSK with data bit rate R, = 40 Mbps, d = 30 cm. It is observed
that the IF frequency is about fir = 3.31 GHz. Except for few additional unwanted noises at the
side band, the received IF signal spectrum shows its similarity to the transmitted IF signal
spectrum. That is, the input and output signals are well-matched. This indicates that our
transceiver frond-end can transfer the modulated signal successfully.

Figure 7.14 presents the measured output constellation diagrams of QPSK at the receiver IF
output, without and with the -30 dBm injected signal, for the distance d = 30 cm and data bit rate
Rp = 40 Mbps. The measurements are carried out by using Agilent 89600 VSA. Meanwhile, the
signal-to-noise ratio (SNR) received by the VSA in these two conditions is measured as 15.2 and
25.6 dB, respectively. It is found that the output constellation is dramatically improved with the

external injection.
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Figure 7.13: Comparison of IF spectra of (a) the transmitted modulated signal, and (b) the
received modulated signal for QPSK with R, = 40 Mbps, d = 30 cm.
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Figure 7.14: Measured QPSK constellation diagrams at the receiver IF output for d = 30 cm and
Rp = 40 Mbps (a) without injected signal and (b) with -30 dBm injected signal.

Figure 7.15 plots the measured and calculated RMS EVM versus SNR for QPSK, with Rs = 40
Mbps and d = 30 cm. It can be seen that the measured EVM results are well matched to the EVM
values caculated by (6.17). This indicates that our proposed transceiver system supports reliable

communication.
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Figure 7.15: Measured and calculated RMS EVM versus SNR for QPSK, with Ry = 40 Mbps and
d=230cm.
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7.4 Conclusion

This chapter presents a millimeter-wave wireless communication system with emphasis on K-
band operations which employs a novel receiver front-end circuit. Our proposed receiver front-
end consists of an SIW-based slot array antenna, a narrow bandwidth BPF and a second-
harmonic SOM. In addition, a small externally injected signal is applied at the fundamental
frequency to improve the LO signal. It has been evaluated that the proposed receiver front-end
has advantages of low phase noise and good isolation between RF and LO signals. A K,-band
transceiver system is further presented to verify the feasibility of our receiver front-end for
practical wireless communication applications. The corresponding transmitter front-end is based
on a standard super-heterodyne architecture. QPSK signals are used for system measurements.

Measured results have proven the reliable performance of our proposed system.
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60 GHZ TRANSCEIVER ARCHITECTURES
DEPLOYING SICS TECHNIQUE

CHAPTER 8

During the past decades, communication industry and wireless service providers have witnessed
incredible growth in the number of users and diversity of services in connection with wireless
applications. In the quest for larger bandwidth, much attention has been paid to the well-
advertised 60 GHz band (millimeter-wave) where up to 7 GHz of license free bandwidth has been
allocated worldwide (57-64 GHz in North America, 59-66 GHz in Japan and Europe, see Figure
8.1). This unprecedented amount of available spectrum holds the potential for much higher data
rate even compared to other currently used bandwidth-limited channels. In general, 60 GHz
wireless technologies are characterized by features such as short-range link, high data rate, high
density, excellent security, low transmit power and low profile. Figure 8.2 shows the 60 GHz

system scenario in office and home environment.
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Figure 8.2: a) 60 GHz system scenario in office environment; b) 60 GHz system scenario in

home environment (Source: [96])

The development of a low-cost 60 GHz wireless system truly presents a great technological and
design challenge although a number of LTCC/RFIC based chip sets as well as MMICs have very
recently been demonstrated for the design of 60 GHz transmitters or receivers [97]-[98]. The
fundamental bottleneck lies in low-cost development, high-density integration and self-consistent
packaging of complete transceivers in which high-gain antenna and high-performance filter as
well as other parts should be completely integrated. It has been becoming apparent that the multi-
chip module (MCM) with system-in/on package (SiP/SoP) is a reliable solution to this problem
[99]. Recently, several researchers have attempted to demonstrate various small-sized transceiver
modules at 60 GHz band [100], [101]. However, a complete low-cost substrate integrated

transceiver still remains unexploited.

In this chapter, a 60 GHz substrate integrated transceiver system that achieves a bandwidth up to
3 GHz is presented. The proposed integration scheme of planar and non-planar structures allows

the design of passive components and active devices within a single package. A complete 60
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GHz wireless communication system is further analyzed and experimentally implemented for
LOS transmission channels.

8.1 60 GHz Transceiver and Receiver Front-ends

@ Transmitter front-end

!
h;. RN - D Al R T R AN

(b) Receiver front-end

Figure 8.3: Photographs of our demonstrated 60 GHz transmitter and receiver front-ends

The photographs of our proposed 60 GHz transmitter and receiver front-ends are shown in Figure
8.3(a) and Figure 8.3(b), respectively. Based on traditional heterodyne architecture, both the
transmitter and receiver front-ends are implemented with the concept of SICs that effectively
combines the SIW with microstrip or CPW-based planar circuits. Currently, it is still infeasible to

consider a complete monolithic approach for a 60 GHz transceiver front-end since the antenna
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size is too large to be made by semiconductor wafer. This is in particular true when high-gain
antennas are required that are usually made in the form of arrays. And also, certain high-Q
components with highly-demanded performance such as band-pass filter are not realisable with
the doped semiconductor process. In this work, an SIW-based 2 % 8 slot array is designed and
fabricated to achieve high gain at 60 GHz band. Thus, our proposed transceiver system is able to
create the best possible scenario to obtain high density integration while preserving the required
high-performances at low-cost.

52 s WX t

Figure 8.4: Physical dimensions of the 60 GHz SIW-based 2 %8 slot array antenna. (w; = 1.2 mm,
wy = 1.6 mm, I =3.526 mm, |, = 2.225 mm, |3 = 1.91 mm, I, = 1.813 mm, s; = 0.187 mm, s, =
0.15mm, a; = 2.77 mm, and x = 0.262 mm)
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Figure 8.5: Simulated return loss of the 60 GHz 2 %8 slot array antenna
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Figure 8.6: Simulated radiation pattern of the 60 GHz 2 %<8 slot array antenna

The physical dimensions of the proposed 60 GHz SIW slot antenna are given in Figure 8.4. In
our antenna design, the synthesis of bilateral metallic walls is made with discontinued metallised
via holes in dielectric substrate, which does not allow the guidance of TM modes. The substrate
used is RT5880 with dielectric constant of 2.2 and thickness of 0.508 mm. As shown in Figure
8.4, an SIW-to-microstrip transition is specifically designed for connecting the antenna with other
modules of our system through wire bonding process [102]. It should be noted that the
conventional SIW-to-microstrip transition is no more suitable for our design since the width of

the microstrip line is comparable to that of SIW at 60 GHz.

Figure 8.5 shows simulated input return loss of our designed 2 x 8 slot array at 60 GHz. The
antenna measurement has not been made because the facility limitation in our lab. It can be seen
that our -10 dB bandwidth is roughly from 58 GHz to 61 GHz. The radiation pattern of the
antenna is also plotted in Figure 8.6. It is observed that the simulated gain of our receive antenna
is about 15 dBi. Therefore, a good antenna performance can be achieved for wireless

communication applications.

In addition, passive circuits and antennas in our proposed system are fully integrated into the
dielectric substrate. Other key components at 60 GHz band, such as LNA HMC-ALH382, power
amplifier (PA) HMC-ABH241 and mixer HMC-MDB169 (i.e., up-converter and down-
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converter), are commercially available MMICs provided by Hittite. Note that our 60 GHz MMIC
mixer module HMC-MDB169 requires a minimum LO driving power of +13 dBm, thus
additional LNAs are assembled together with the 60 GHz mixers at the transceiver frond-end in
order to obtain enough power. 50 Ohm microstrip transmission lines on 0.254 mm thick alumina
thin film substrates are used for bringing RF to and from the chip. These dies are attached a 0.150
mm thick molybdenum heat spreader which is then attached to the ground plane with conductive
epoxy so that the surface of the dies is coplanar with the surface of the substrate. RF bonds made
with 0.075 mm > 0.0125 mm ribbon and DC bonds of 0.025 mm diameter, thermo-sonically
bonded, are used in our circuit. Figure 8.7 shows the photographs of the wire bonding techniques
with the aid of a microscope.

(c) (d)
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(e) ()
Figure 8.7: Photographs of the wire bonding techniques (a) PA HMC-ABH241, (b) LNA HMC-
ALH382, (c) mixer HMC-MDB169 (up-converter and down-converter), (d) DC bias bonding, (e)

RF bonding between ceramic and PCB substrates, and (f) RF bonding between ceramic substrates.

Above all, the transmitter and receiver front-end modules are tested separately with respect to
their RF performances before they get interconnected with bonding wires. In brief, the designed
transceiver frond-end works well in the frequency range between 58 and 61 GHz. The total gains
of the transmitter front-end and receiver front-end (i.e., Grx and Ggx) are measured around 8 dB
and 10 dB, respectively. At the receiver, the system noise figure NF; is about 7 dB. It is found
that at millimeter-wave frequencies (e.g., 60 GHz), the discontinuity introduced by the bonding
wires may affect the performance of the integrated module, as expected. However, the wire-
bonding process is still an effective approach in the development of low-cost millimeter-wave

hybrid integrated circuits.

8.2 Test setup of 60 GHz Communication Systems

Figure 8.8 depicts the block diagram of the proposed 60 GHz communication system. At the
transmitter end, a PN binary sequence is modulated at IF signal with QPSK scheme by Agilent
E4483C VSG. Thereafter, the QPSK modulated signal is up-converted to 60 GHz RF signal by
mixer HMC-MDB169. The RF signal is then fed into PA HMC-ABH241 and the transmit
antenna for transmission. At the receiver side, the received 60 GHz RF signal from antenna is
sent to LNA HMC-ALH382 directly. Herein, no additional BPF is used, considering its insertion
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loss at 60 GHz. The amplified RF signal is down-converted to IF signal by mixer HMC-MDB169.
The IF output signal is then passed to I/Q demodulator AD8347 from Analog Devices for
demodulation. The noise generated from noise source HP346C could be combined with the

modulated signal at the mixer output (before demodulation) in order to control the SNR

conditions.
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Figure 8.8: Block diagram of the 60 GHz system test setup

85 ~

Path Loss versus Distance at 60GHz

80 A

75 A

~
o
!

Path Loss (dB)
[0}
o

60 1 P —O— Measured PL

/ —O— Theoretic PL

55 4 d

50 T T T T T T T T T T T T T T 1
0.2 04 06 08 1 1.2 14 16 18 2 22 24 26 28 3

Distance d (m)

Figure 8.9: Measured and calculated PL at 60 GHz



154

Characteristics of the 60 GHz propagation channel and power budget analysis are important
aspects for the 60 GHz communication systems. The LOS PL of the 60 GHz wireless channel is
measured with a power meter and standard horn antennas in our laboratory environment. As
shown in Figure 8.9, it can be observed that the theoretic PL calculated by (6.14) is the lower

bound of the measured PL and their values are closer as the distance d increases.

The receiver sensitivity (Prx) is related to threshold signal-to-noise ratio SNRy,, noise figure of
the system NFs, and thermal noise power No = KTB, where k =1.38 x 102 J/K, T = 290 K, B is
system bandwidth (Hz). Then, the required transmitted power (Ptx) can be predicted by:

Prx = Prx — G¢— G, + PL+ Fade Margin (8.1)

where G; and G, are gains of the transmit antenna and the receive antenna, respectively. Fade
Margin represents the margin (dB) between the received signal strength level and the receiver

sensitivity.

8.3 Measurement Results

The 60 GHz system measurement is carried out with a distance of d = 30 cm between the
transmitter and the receiver, which determines a PL of about 63 dB. Figure 8.10 shows the
photograph of the 60 GHz system test setup as sketched in Figure 8.8. At the transmitter side,
Agilent E4438C VSG generates both QPSK modulated signal and reference carrier signal LO..
Agilent E4438C VSG is set to QPSK modulation, intermediate frequency fie= 1 GHz. Note that
the bandwidth of the transmitted baseband signal is limited by our VSG. If transmitted power Prx
= 10 dBm, then the signal power at the receive antenna Prx = -53 dBm. Anritsu 68177
synthesized signal generator together with a millimeter-wave multiplier source module is used to
generate 5 dBm 60 GHz carrier signal. Additional LNAs are assembled together with the 60 GHz
mixers to obtain enough 60 GHz carrier LO;. At the receiver side, R&S signal analyzer FSIQ40
is used to record signal spectrum. Agilent scope infiniilum DSO81204B is used to observe the

demodulated 1/Q signal.

To verify the 60 GHz transceiver frond-end, R&S signal analyzer FS1Q40 is used to record the
modulated IF signal spectra at the input of the transmitter front-end and at the output of receiver
front-end. Measuring these spectra can give added insight into the nature and origin of the error
signals. For QPSK with data bit rate R, = 100 Mbps, Figures 8.11(a) and 8.11(b) compare the
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measured spectra of the transmitted and the received modulated IF signals. It is observed that
except for few additional unwanted noises, the received IF signal spectrum shows its similarity to
transmitted IF signal spectrum (fir = 1 GHz). This indicates that our transceiver frond-end can

transfer the modulated signal successfully.

Figure 8.10: Photograph of our system test setup

Moreover, demodulator output | and Q signals are sampled by the Agilent oscilloscope infiniium
DS081204B. Figure 8.12 plots the measured received and transmitted 1/Q signal waveforms for
QPSK with data rate R, = 4 Mbps. It is shown that the demodulated 1/Q waveforms match well
with the transmitted waveforms. That is, the modulated data signals which are transmitted and
received by our 60GHz system can be demodulated triumphantly. Figure 8.13 compares
measured results of the received and transmitted QPSK 1/Q diagrams. The output constellation is
stable and clear if the SNR has an acceptable value (e.g., SNR = 20 dB). Note that the tested data
rate is limited by the baseband test bench, and the bandwidth of our 60GHz transceiver front-end

system can reach up to 3 GHz.



156

MCAL Marker 1 [T1] REEW 10 de
Eaf Lwl =-39.38 dBm WEW
20 cBm 1.00010020 GE= SWT ciBm
[ = ]
-
1RE
|' T
=19
-110
1z
Center 1 SHZ 20 MH=z/S n 200 MHE=
Dates Z22.DEC.Z009 18237209
HMarkaer 1 [T1] EEW dB
Felf Lwl -66.09 dbmnm VEW
20 dBm 1.00030060 GAz ST BT
a
- ]
L~ ]
30|
S6L
40
=0)|
1RE
0|
| I
Center 1 GEz 20 HERS 10 ME
Date: Z2.0EC,2008 12:10:20

(b)

Figure 8.11: Spectra of the (a) transmitted and (b) received modulated IF signal for QPSK, R, =

100 Mbps



157

asure  Analyze Ulilities Help
ppe

Figure 8.12: Comparison of the received (1% and 2" waveforms) and transmitted 1/Q signals (3"

and 4™ waveforms)

File Control Setup Measure Analyze Utilities Help 5:44 PM
A is stoppe

V max(1) V min(1)
Source off Source off

Figure 8.13: Comparison of the transmitted (left) and received (right) 1/Q diagrams



158

8.4 Conclusion

In this chapter, a 60 GHz transceiver is presented as an effort to establish a compact, low cost and
low profile architecture for high speed wireless communication. The proposed transceiver system
is implemented with the method of SICs which has been demonstrated as an emerging platform
to integrate high-gain antenna, passive components and other MMIC devices into a single
package. Furthermore, the 60 GHz wireless communication system with QPSK signal is
experimentally demonstrated for LOS channels. Measured results have shown that the
demodulated 1/Q waveforms match well with the transmitted waveforms, which indicates the
good performance of our proposed system.
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CONCLUSIONS AND FUTURE WORK

Conclusions

The scope of this dissertation focuses on the SIW devices, components, and receiver systems in
millimeter-wave frequencies. Two major contributions from this work can be concluded as

follows:

First, this dissertation consists of multiple highly original and innovative projects which involve
the structure investigation, circuit design, practical implementation and system characterization.
It is intended in discovering interesting features and establishing design and processing rules of
SIW circuits at millimeter-wave frequencies through intensive theoretical and experimental
research. For example, an excellent balanced geometry can be easily achieved by printing circuits
on the two sides of the SIW substrate. A broadband balun and a feeding network of quasi-Yagi
antennas have been proposed based on this concept. In addition, it has been reported that the SIW
can be bisected with a fictitious magnetic wall and each half of the SIW becomes an HMSIW
structure and the new structure can almost preserve the original field distribution. An HMSIW
Wilkinson power divider and ultra-wideband QMSIW BPFs have been developed hereby for the
aim of bandwidth enhancement and size reduction. Another interesting feature in connection with
the SIW mixer circuits is that the SIW structure can provide very high IF-RF and IF-LO
isolations as it is an inherently high-pass filter, which has been used to improve the port isolation
performance of our SOM and single balanced mixer. In the framework of developing the SIW
based circuits, not only the conventional SIW, but several derivative SIW structures, including
Half-mode SIW and slotted SIW, have been studied in which the SIW is synthesized by using the

metallic via or slot arrays to create equivalent metallic walls.

Secondly, the research work described in this dissertation has bridged a gap between SIW
technology and millimeter-wave transceiver systems. It creates possible scenarios to have a high-
density integration while preserving the required high-performance at low cost. The transceiver
front-end architectures and commercially available diode, transistor and MMIC based substrate
integration issues are particularly emphasized. With the development of passive components,
active circuits such as mixers (up-converter and down-converter) and oscillators have also been

studied and integrated within the same building block. This dissertation deals with two types of
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substrate integrated receiver: conventional mixer based and SOM based receiver front-ends. The
research outcome of the two different transceiver architectures has been studied theoretically and
experimentally. System block diagram simulation is developed and accomplished with
Matlab/Simulink. Generally, the most difficult design task is related to the oscillator design as the
frequency stability and phase noise are crucial in the development of high-performance
transceiver at millimeter-wave frequencies. In our SOM based receiver circuit, sub-harmonic
techniques are investigated and deployed with the driving sources operating at much lower
frequencies. To reduce the phase noise and also the structure cost, the embedded substrate
integrated resonator has been applied and developed to provide a dielectric filled cavity resonator
which presents a high-precision and cost free solution for the oscillator design. Furthermore, our
receiver has also been upgraded with injection locking technique so that the phase noise can

significantly be reduced.

In summary, our research lays the groundwork for promoting and investigating the SIW concept
for the development of a broad range of millimeter-wave devices and systems. This dissertation
makes an in-depth exploration in the development of future generations of high-density and
mass-producible millimeter-wave circuits and systems. It establishes a unique millimeter-wave
engineering research program with emphasis on the development of a new advanced theoretical

and experimental platform.

Future Work

Following the projects and studies described in this dissertation, a number of technical issues are

still waiting to be resolved:

® \When active components are integrated into SIW based systems, there are two problems
breaking the integrity of SIW structures. First, the design of bias circuits becomes
complicated due to the inherent DC short property of SIWs. Secondly, SIW-to-
microstrip/CPW line transitions have to be used in a back-to-back formation only to provide
an interface for the connection of surfaced mounted devices. The insertion loss introduced by
these transitions certainly counteracts the benefits of SIW technology.

® High power handling and multi-mode accommodation are significant advantages of SIW

structures. However, these beneficial features have not been successfully demonstrated in
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practical applications. How to create multiple orthogonal paths for different modes in SIWs
and control their mutual interactions are very interesting research topics.

High insertion loss and poor fabrication tolerance associated with low cost PCB process
poses a big technical obstacle for SIW technology in millimeter-wave applications. In
particular, as frequency approaches to the extent that the skin depth is comparable with the
surface roughness, conductor loss becomes a major factor determining the circuit
performance. For example, in Chapter 8, we cannot manage to use a high-selectivity SIW
BPF in our 60 GHz receiver system due to its high insertion loss. How to reduce the surface
roughness of PCB based SIW circuits should be given substantial attention.

The work presented in the thesis only scratch the surface of SIW technology and applications
in the field of millimeter-wave communications. System evaluation carried out in Chapters 5
to 8 only demonstrated a proof of concept. Much more efforts have to been paid to

accomplish a well-developed academic/industrial project.
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