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Abstract

Conventional input/output (I0) links consume power, independent of changes
in the bandwidth demand by the system they are deployed in. As the system is
designed to satisfy the peak bandwidth demand, most of the time the IO links
are idle but still consuming power. In big data centers, the overall utilization
ratio of IO links is less than 10%, corresponding to a large amount of energy
wasted for idle operation.

This work demonstrates a 60 Gb/s high sensitivity non-return-to-zero (NRZ)
optical receiver in 14 nm FinFET technology with less than 7 ns power-on time.
The power on time includes the data detection, analog bias settling, photo-diode
DC current cancellation, and phase locking by the clock and data recovery cir-
cuit (CDR). The receiver autonomously detects the data demand on the link
via a proposed link protocol and does not require any external enable or disable
signals. The proposed link protocol is designed to minimize the off-state power
consumption and power-on time of the link.

In order to achieve high data-rate and high-sensitivity while maintaining
the power budget, a 1-tap decision feedback equalization method is applied in
digital domain. The sensitivity is measured to be -8 dBm, -11 dBm, and -13 dBm
OMA (optical modulation amplitude) at 60 Gb/s, 48 Gb/s, and 32 Gb/s data rates,
respectively. The energy efficiency in always-on mode is around 2.2 pd/bit for all
data-rates with the help of supply and bias scaling.

The receiver incorporates a phase interpolator based clock-and-data recovery
circuit with approximately 80 MHz jitter-tolerance corner frequency, thanks to
the low-latency full custom CDR logic design.

This work demonstrates the fastest ever reported CMOS optical receiver and
runs almost at twice the data-rate of the state-of-the-art CMOS optical receiver
by the time of the publication. The data-rate is comparable to BiCMOS optical
receivers but at a fraction of the power consumption.






Zusammenfassung

Konventionelle Datenlinks haben einen Leistungsverbrauch, der unabhéngig
vom augenblicklichen Bandbreitenbedarf des Systems ist, weil diese Systeme
so konzipiert sind, dass sie die Spitzenbandbreite erbringen konnen. Meistens
haben diese Links einen unverdnderlichen Leistungsverbrauch auch wenn keine
Daten tiibertragen werden. In grossen Datenzentren ist der Auslastungsgrad
aller Links unter 10%. Dies resultiert in eine grosse Menge von verschwendeter
Energie, wihrend diese Links im Leerlauf sind.

Diese Dissertation prasentiert einen 60 Gb/s Non-Return-to-Zero (NRZ) opti-
schen Empfianger mit hoher Empfindlichkeit in einer 14nm FinFET Technologie,
der eine Einschaltdauer von unter 7 ns erreicht. Die Einschaltdauer beinhal-
tet das Detektieren eines neuen Datenpakets, die Einschwingzeit der analogen
Bias-Spannungen, die Kompensation des Photodiodengleichstroms, und die Syn-
chronisation des Symboltakts (CDR). Der Empfanger detektiert selbstandig den
Ubertragungsbedarf durch einen eigens dafiir entwickeltes Protokoll und beno-
tigt daher kein externes Einschaltsignal. Das aufgezeigte Protokoll ermoéglicht
die Minimierung des Energieverbrauchs im Leerlauf und der Einschaltzeit.

Um eine hohe Dateniibertragungsrate und Empfindlichkeit bei tiefem Leis-
tungsverbrauch zu erreichen, wird ein 1-Tap Decision-Feedback-Equalization
(DFE) verwendet. Die gemessene Empfindlichkeit des Empféangers ist -8 dBm,
-11 dBm oder -13 dBm optische Modulationsamplitude (OMA) bei einer ent-
sprechenden Dateniibertragungsrate von 60 Gb/s, 48 Gb/s oder 32 Gb/s. Die
Energieeffizienz im Dauerbetrieb ist 2.2 pd/bit iiber alle Datenraten mithilfe der
Skalierung der Versorgungsspannung und Bias-Spannungen.

Der Empfianger enthalt eine CDR-Schaltung mit Phaseninterpolator, der
dank der tiefen Latenz der massgefertigten CDR-Logik eine Jittertoleranzgrenze
von ungefahr 80 MHz erreicht.

Die prasentierte Implementation ist der schnellste optische CMOS-Empfanger
mit einer Datentiibertragungsrate, die beinahe doppelt so hoch ist im Vergleich
mit den neusten optischen CMOS-Empfiangern bis zum Zeitpunkt der Publikati-
on. Die erreichte Datenrate ist vergleichbar mit optischen BiCMOS-Empfingern,
jedoch bei einem Bruchteil des Leistungsverbrauchs
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Introduction

Continuous developments in the semiconductor industry allowed the exponential
increase in transistor density per chip, keeping up with the Moore’s law, up to
date. Following up Moore’s prediction in transistor scaling, Dennard [1] calcu-
lated that the power saving introduced by smaller transistors and lower supply
voltages will be compensated by the increase in transistor count and clock speed
resulting in constant power density over the chip area. The power density being
constant, the computation power scaled with transistor density without affecting
the package or power source of the product for many generations.

However, around 2003 Dennard scaling has ended [2] leading to an increase
in power density in the silicon whose pace can not be matched by improvements
in the ability to dissipate heat off the chip. The confluence of these trends has led
to a phenomenon referred to as the utilization wall or dark silicon: a chip sized for
the economic manufacturability sweet-spot will have far more transistors than
can be used on a sustained basis [3]. Thus, in normal operation, a large part of
the chip is put in a low-power mode to maintain a constant thermal envelope.
The full performance of the chip can only be sustained for very short bursts with
architectural solutions such as computational sprinting presented in [3].

Thermal design packaging can be considered as the chip-scale aspect of the
power management problem faced by the information and communication tech-
nology (ICT) industry. Regarding the size and continuous growth of this industry,
there also exists a global-scale aspect of power management problem. The green
house gases caused by the ICT industry is becoming a major problem. Global
data centers used roughly 416 terawatts (4.16 x 10'* watts), which corresponds to
about 3% of the total electricity used globally in 2016, nearly 40% more than the
entire United Kingdom and more than the total power consumed by the whole
aviation business worldwide. Moreover, the consumption is expected to double
every four years [4] in the future.

The power consumption inside a data center is roughly distributed as follows:
around 40% of the total IT power is consumed by servers, up to 37% by storage,
and 23% by the network devices [5]. On the other hand, this distribution does not
include the networking power due to the local communication between the server
and the local memory. For example, the I/O links included in the POWER9, which
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Figure 1.1: CDF of link utilization [8]

is the latest microprocessor of IBM designed to be used in data centers for high
performance computing, consume approximately 10% of the total chip power [6].
The same can be assumed for local storage devices, potentially increasing the
share of networking up to around 1/3 of the whole data center power consumption.
Thus, a power reduction in networking would have a significant effect on the the
reduction of green house gases emitted by the data centers, as well as the costs
of the services provided by the ICT industry.

Latest publications report very low link utilization ratios inside data centers.
“Even the most loaded links are lightly loaded over 1-minute time scales: 99%
of all links are typically less than 10% loaded.” is reported for Facebook’s data
centers in [7]. A more detailed study with higher timing resolution in analyzing
data packets declares similar results as given in Fig. 1.1. The plot clearly shows
that the average link utilization is on the order of only 1-2% for all three types of
web servers included in the study: web, cache, and hadoop. Since the conventional
links are kept powered on independent of link utilization, a large amount of
energy is wasted during the idle periods.

Some of the system level techniques proposed to improve energy efficiency of
low utilization networking interface can be listed as follows [9]:

¢ Sleep: In this scheme, the network components such as switches, routers
are put to sleep or are switched off in the idle period in between of workload
arrivals [10], [11]

* Aggregation: Modifying the network topology so as to consolidate the net-
work flow on minimum active set of network devices [10]

* Rate adaptation: Use of rate adaptation technique is demonstrated by ad-
justing the workload rate such that traffic is serviced within the required



time constraints [11]

¢ Traffic shaping: In ElasticTree scheme [12], the traffic is split into bursts,
such that traffic to same destinations is buffered before it is routed. This
scheme increased the idle periods between the traffic bursts used to transi-

tion the network devices into low power states.

Although improving the energy efficiency, those techniques are slow reacting
and cumbersome to implement. Most of the time they require digital processing
such as aggregation and traffic shaping, both of which may result in significant in-
crease in latency that may not be tolerated in some applications. Moreover, those
techniques are applicable to stand alone devices such as routers and switches,
and are very difficult to apply to IO links of the servers for example.

In this thesis, a transistor level solution is proposed as a means of saving
energy by powering off the idle IO links. The advantage of the proposed solution
over the techniques mentioned above is that the custom design will reduce the
power-on and -off times orders of magnitude compared to system level solutions.
This reduction is expected to have a significant impact on networking applications
both in data centers and chip design. For example, the power saving in networking
of a data center -around 1/3 of the total power- can be reallocated for computation
and storing devices, making the data centers more efficient and reducing the
service costs significantly. Moreover, a rapid power-on and -off IO link may change
the server architecture significantly. The 10 links that could not be turned-off
previously, eating-up around 10% of the power, can be powered down allowing
higher thermal budget for computation. Furthermore, since the IO links would
be energy proportional, the bandwidth of the server can be extended significantly
without compromising the thermal sustainability of the chip.

Specifically, in this work, an adaptive optical receiver with rapid power-on
functionality was implemented using 14 nm FinFET technology. The receiver
can operate at a data rate of 60 Gb/s with approximately 7 ns wake-up time,
enabling burst-mode operation in packet level. As a result, the bursty data does
not have to be heavily aggregated for high efficiency, reducing the complexity
and latency of the network. The receiver is autonomous and can power itself up
and down depending on the bandwidth demand without the need for an enable
or disable signal. Thus the power on and off modes of the receiver do not have to
be controlled by a controller, further simplifying the system design.

The burst mode operation of the presented RX relies on a proposed data
protocol. The data protocol is used to determine the beginning and end of a data
burst as well as to reduce the clock and data recovery phase locking time.

The receiver was designed to provide state of the art performance in terms

of data-rate and energy-efficiency in order to meet the standards expected from
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the next generation products. In other words, neither speed nor energy-efficiency
was compromised by the rapid power-on functionality. As a result, the proposed
architecture can be used without the need to significantly improve performance.
Moreover, the implementation is done in a CMOS technology enabling the re-
ceivers direct integration into larger chips. The proposed RX architecture can
also be migrated to smaller technology nodes, such as 10 nm and 7 nm for higher
integration capability. It is also possible to convert it into an electrical receiver
with similar power-on performance as the CDR architecture can be reused as it

is.

1.1 Thesis Goal

The goal of this thesis is to propose a suitable architecture, design and implement
an adaptive high speed receiver for optical communication in 14 nm FinFET
process. At the beginning of the thesis project the targeted specifications were
as follows:

* Data rate (target is > 56 Gb/s): The higher the data rate the more cost
efficient an optical link is. To the best of the authors knowledge, the speed
target was double the data rate of the state of the art CMOS optical re-
ceivers ([13], [14]) at the time the project was specified.

* Power-on time (target is < 10 ns): In order for the receiver to be efficient even
with small packets, the power-on time needs to be minimized. The power-
on time includes the settling of analog biases, the DC offset cancellation
of the photo diode current and phase locking by CDR. Since the adaptivity
itself is a relatively new concept there are not many publications on high
speed applications to compare against. In 2015, Anand et al. presented
an adaptive transceiver with a power-on time of less than 20 ns in [15].
However, it is not straightforward to compare performance of the receiver
presented in [15] with the targeted power-on time due to the following

reasons:

— Electrical interface: Unlike optical receivers, differential electrical links
do not need to find a reference for the incoming signal. Thus, during
power-on, electrical links do not need to cancel dc offset, which may

require extra time.

— Source Synchronous: The transceiver presented in [15] is source syn-
chronous, whereas this work covers non-source synchronous imple-

mentations as well.
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— Data rate: The target data rate is 8 times faster than the data-rate of
[15], reducing available timing margin significantly in the eye-diagram.

¢ Sensitivity (target is < -9 dBm OMA): The losses on the optical path and
connections may reduce the input signal amplitude significantly. Thus, sen-
sitivity is an important specification in an optical receiver. The target sen-
sitivity for the receiver is set to match state of the art sensitivity of -9 dBm
at 56 Gb/s reported in [16].

* Energy efficiency (target is < 2 pd/b): The proposed solution should be
competitive in terms of power consumption for high utilization ratios as
well. Hence, the always on power target is set as < 2 pJ/b to be comparable
to state of the art optical receivers.

¢ Off-power (target is minimum): The power consumption in off mode limits

the power savings of the receiver for low utilization links.

Adaptive transmitter design was not included in the scope of this thesis not
to lose focus especially on the circuit design details of the receiver. Moreover, the
modifications required on the transmitter to enable power-on and off functionality
are relatively straightforward, apart from the challenge of designing a high speed
transmitter itself. Since it is physically located very close to the source of the data
it does not need to sense a power-on or off event, an enable signal can be connected
to it directly. Furthermore, it is already source-synchronous in most applications
and does not require a CDR that has to find the phase of the incoming data.

1.2 Thesis Organization

The thesis is organized as follows: In Chapter 2 the definition of the basic terms
that are widely used in the thesis are given and the basics of equalization tech-
niques are introduced. In Chapter 3, the high speed optical receiver architecture
for always on mode is presented and the details of the circuit design of each
block are explained. Also the techniques used to improve the speed, sensitivity
and CDR performance are discussed thoroughly. In Chapter 4, the link proto-
col required to run the rapid power on algorithm is described. Also, the circuit
modifications done on the high speed optical receiver to enable rapid power-on
and -off functionality are clarified. In Chapter 5, the measurement results of the
implemented optical RX are provided. Finally, Chapter 6 concludes the study.






Theory Review

The aim of this chapter is to introduce the basic techniques that are used to
enhance the IO link efficiency and technical terms used for characterization of
the IO links.

2.1 Technical Terms

A number of technical terms are used throughout this thesis to characterize the
link performance (optical receiver performance to be more specific), which are
defined here.

Data-rate, is the number of bits transmitted through the link in one second. It
is given in terms of bits/s (bps).

Baud-rate, is the number of symbols transmitted through the link in one second.
One signal may contain more than 1-bit of information.

Unit-interval, Ul, is the time required to transmit a symbol (1/Baud-rate).

Non-return-to-zero, NRZ, is the form of transmission where binary states are

represented by 2 specific levels, with no other neutral or rest condition.

Bit-error-rate, BER, is the ratio of the number of erroneous bits to the total

number of bits transmitted.

Pseudo-random-bit-sequence, PRBS, is a deterministic bit sequence that
exhibits similar statistical behavior to a truly random sequence. PRBS is
extensively used to measure the link performance, as it is easily generated
by very simple circuitry such as linear feedback shift registers. The general
notation for PRBS sequences is PRBS% (or PRBS-%£) where % is the word
length of the PRBS sequence, such as PRBS7, PRBS15, and PRBS31. In
general, the link performance drops as the PRBS length used in the mea-
surement increases because the bandwidth of the test signal increases.

Inter-symbol-interference, ISI, is a form of distortion where one or more
symbols interfere with other symbols reducing the signal integrity. The

7



8 Theory Review

main reasons for ISI are multi-path propagation and bandwidth limitation
of the link.

Eye diagram, is a figure that is generated by overlapping segments of the signal
with a period of a certain number of Uls. It gives indications on the ISI and

channel noise.

Jitter, is the deviation of a periodic signal from its true periodicity in time

domain.

Sensitivity, is defined as the smallest optical signal power which can be de-
tected by the receiver while meeting the required BER specifications.

Extinction ratio, ER, is the ratio of the high level optical signal power to the
low level optical signal power generated by an optical source, such as a laser

diode. Its formula is given by the simple equation:

ER=— 21
Py (2.1)

where P is the high level optical power and Py is the low level optical power.

Vertical-cavity surface-emitting laser, VCSEL, is a semiconductor laser diode
with beam emission perpendicular to wafer surface. They are widely used

in fiber optic communications.

Optical modulation amplitude, OMA, is the difference between the two op-

tical power levels generated by an optical source:
OMA =P1-P (2.2)

solving the two equation Eq. (2.1) and Eq. (2.2) the relation between OMA
and ER can be found as:

ER -1

ER+1 (2.3)

OMA = 2P svq

where P,y¢ is the average received optical power. This is a rather useful
formula for sensitivity measurements. Once the ER is measured, the OMA
can be calculated by measuring P4y only for different attenuation values
as the attenuation does not change the ER. Thus it is not necessary to

measure the optical signal lengths for both levels.

Responsivity, is the gain of a photo detector (or photo diode) from the optical
input power to the electrical output signal (usually photo-current). It is
expressed in terms of Amps/Watt.
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2.2 Equalization Techniques

At high speed communication the signal degradation due to bandwidth limitation
of the IO links lead to various equalization techniques to be introduced to cancel
ISI and improve the transmitted signal. Although those techniques are mostly
proposed to compensate for the effects of the channel response of the electrical
links, they can be implemented for optical links to increase the performance such
as the data-rate and sensitivity.

This section will explain the 3 of the most common equalization techniques
and analyze their effects on the transmitted data.

2.2.1 Continuous Time Linear Equalization (CTLE)

CTLE is an analog equalization technique in which the bandwidth of the data-
path is recovered by a high-pass filter.

The equalization is illustrated on an example in Fig. 2.1. Fig. 2.1a shows the
frequency responses of the bandwidth limited signal, the CTLE filter, and the
equalized signal. The signal has a first order response with a single pole at 1
Grad/s, and the high-pass CTLE has a zero at 1Grad/s and a pole at 10 Grad/s
resulting in an equalized signal of 10 Grad/s bandwidth. The time domain pulse
responses (pulse width = 1ns) of the bandwidth limited signal and equalized
signal are given in Fig. 2.1b. And the corresponding 2-UI eye-diagrams of those
two signals are given in Fig. 2.1c and Fig. 2.1d, respectively.

There are various circuits used to implement the CTLE filter. Two circuit
implementations are given in Fig. 2.2a and Fig. 2.2b as examples for passive and
active CTLE filters, respectively. The transfer functions of the passive circuit
(Fig. 2.2a) is written as:

ourT Ry 1+sCi1R;
TFpas = = (2.4)
IN  Ri+Ry1+s(C1+Co)p
Assuming Cs << C; and Ry << R; the transfer function simplifies to:
OUT R91+sCiR
TFpas = =22 1 (2.5)

IN R;1+sCiRs

resulting in a dc gain of less than Ry/R; and a maximum gain of 1 at high fre-
quencies.

The transfer function of the active circuit is (assuming g4, =0):

OP—ON _ 2ngL 1+SCsRS

TFacr= =
INp—INN  2+8mRS (1+5Cszase)(1+sRLCL)

(2.6)
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Figure 2.2: CTLE circuit example: (a)Passive (b)Active

where g, is the transconductance of the input transistors. Assuming g,,Rg >> 2,
the transfer function simplifies to:

OP—ON _2RL 1+SCsRS

TFpcr = =
ACT = INp—INy  Rg (1+sCs5-)1+sRLCL)

(2.7)

resulting in a dc gain of 2R;/Rg, and a maximum gain of Ry g,,. Various other
circuit topologies and a more detailed analysis on CTLE can be found in [17].

As found in Eq. (2.5) and Eq. (2.7), the peaking characteristics of the CTLE
are, most of the time, defined by the values of resistances and capacitors placed in
the circuit. In order to equalize channels with various attenuation characteristics,
the value of those elements has to be controllable. Usually this control is achieved
by putting many capacitors or resistors in parallel and connecting as many of
them as required via switches. However those switches come with their own
parasitic elements that generate unwanted poles and zeros in the actual transfer
function and degrade the CTLE performance. The switches connected to “flying”
elements such as Cg and Rg in Fig. 2.2b are specifically difficult to realize with
small parasitics.

Another well-known characteristic of the CTLE is that it boosts the high fre-
quency noise as well as the signal. Thus while improving the signal by canceling
ISI, it may result in increased the noise.
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Figure 2.3: N-tap DFE conceptual block diagram

2.2.2 Decision Feedback Equalization (DFE)

The action of the DFE is to feed back a weighted sum of past decision(s) to cancel
the ISI they cause in the present signal ([18]). The conceptual architecture for
N-tap DFE is given in Fig. 2.3. The digital data Djy is transmitted through a
channel creating an analog input voltage of IN. The analog signal Vgp is sliced by
the flip-flop to generate a digital decision D[1]. N previous decisions are stored
in the pipeline and they are fed back into the summing node Vgp with their
respective weights G[k]. As a result the voltage at Vyp is expressed as:

N
Vre =R(VinGin + ) GIEIDI[E]) (2.8)
k=1

where N is the total number of DFE taps used for equalization.

The eye diagrams of the analog signal in node Vgp are given in Fig. 2.4 for
0-3 taps DFE where the channel is modeled by a first order low-pass filter.
Without DFE, the eye diagram is marginally open and as the number of DFE
taps increases the eye opening increases. However, the contribution from the
later DFE taps gets smaller and smaller. As the circuit complexity and power
consumption increases with each additional DFE tap, the minimum number of
taps that satisfies the channel specifications should be chosen for the design.

At high data rates DFE implementation becomes challenging because the
feedback loop latency must be less than 1-UI for the first post cursor ISI cancel-
lation. This critical timing path is shown in Fig. 2.3 with the red dashed line,
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Figure 2.4: Eye diagrams after DFE

terit- And the timing should satisfy the condition:
teg ttsetup Ttg < Ul (2.9)

where ¢, and t., are the clock-to-Q delay and setup time of the slicer (FF), re-
spectively, and #5[1] is the delay of the feedback element G[1]. The higher DFE
taps (G[2] - G[N]) are less timing critical since the clocks of the flip-flops that
create the digital signals (D[2]- D[N]) for those taps can be shifted by a delay
tshife to relax their timing constraints to:

Leg +tsetup Hlgr) < UI + tshift (2.10)

Speculative DFE architectures (also called loop-unrolled) such as the example
given in Fig. 2.5 slightly relaxes the timing constraint of the first DFE tap to:

th + tsetup + tsq,MUX <UI (2.11)

where ts, yux is the select-to-Q delay of the multiplexer (MUX), and is usually
smaller than ¢g(17 in Eq. (2.9) ([19]).

Unlike CTLE, DFE does not increase the noise. However, the errors in the

previous decisions tend to propagate because the ISI components that depend on
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Figure 2.5: 1-tap speculative DFE

the erroneous decision(s) are calculated wrong resulting in reduced noise margin
for the future decisions ([20]). This phenomenon is called ’error propagation’. In
general, this effect increases as the total number of DFE taps and the weights
of the taps increases.

2.2.3 Feed-forward Equalization (FFE)

This technique employs a finite impulse response (FIR) filter with a series of
tap weights programmed to adjust the impulse and, by duality, frequency re-
sponse. The application of this technique on RX side requires analog samplers
and analog addition or subtraction operations which are cumbersome to design
and vulnerable to noise or analog-to-digital converters which are power hungry
for high-speed operations. On the other hand it is relatively easy to apply this
technique on transmitter side.

The block diagram for an N-tap FFE on transmitter is given in Fig. 2.6. And

its transfer function can be written as:

Vour =Rk§, G[kIDIk] (2.12)
=0

Generally the coefficients G[k] are selected so as to de-emphasize low frequency
components reducing the low frequency signal envelope level in proportion to the

attenuation experienced at high frequency [21].
The effect of a 1-tap FFE on the pulse response of a 15! order low-pass filter
is given in Fig. 2.7, and the corresponding eye diagrams for the cases with and
without FFE is given in Fig. 2.8. From the figures it is straightforward to deduce
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Figure 2.7: FFE pulse response

that, unlike DFE, a 1-tap FFE can cancel multiple ISI components.

Another advantage of FFE over DFE is that it can also cancel the precursors
which appear with higher order channel responses. This is possible since the
digital data to be transmitted is already known in the TX whereas only the past
decisions are known on the receiver side.
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High Speed Optical RX

This chapter presents a 60 Gb/s optical receiver including the digital clock and
data recovery circuit in 14 nm FinFET CMOS technology, achieving approxi-
mately —8 dBm optical OMA with an energy efficiency of < 2 pJ/b. It uses an
active silicon area of around 150 ym by 150 um enabling it to be used for multi-
channel applications.

The chapter is organized as follows. In Section 3.1 the top level block diagram
of the optical receiver is introduced and the functions of the implemented build-
ing blocks are described briefly to provide the reader with a general overview
of the RX. Then, in Section 3.2 the blocks on the data path are analyzed and
their circuit implementations are shown. The design choices to maximize speed
and sensitivity while maintaining low power operation are explained. Finally,
in Section 3.3 the clock and data recovery (CDR) circuit is described in detail.
Moreover, the parameters defining the CDR performance are analyzed using a
top level CDR model implemented in Python software.

3.1 Receiver Architecture

The top level block diagram of the RX is shown in Fig. 3.1. The dc portion of
the input current signal from the photo diode is canceled by two blocks: a 12-bit
resolution current output digital-to-analog converter to cancel the coarse DC
component and an operational trans-admittance amplifier (OTA) connected on
the feedback path of the AFE to cancel the residual DC current. The ac component
is converted into a voltage signal via the transimpedance amplifier (TIA) to be
processed by the rest of the circuit. High coupling losses on the optical path may
reduce the input optical signal to such levels where only few 10s of uA current can
be generated on the photo-diode as input to the RX. Concerning the bandwidth
requirements for high speed design, the TIA gain is unlikely to provide enough
voltage output to be properly sampled by the comparators. Thus a variable gain
amplifier (VGA) is used to amplify the input signal and drive the comparators.
At the target data-rate of 60 Gb/s, it is extremely difficult and power hungry
to do the sampling at full-speed even in the cutting edge 14nm technology. Hence

a time-interleaving strategy is implemented to reduce the maximum clock-speed

17
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and relax the timing requirements for the samplers. In the given technology, a
time-interleaving factor of 4X gives the optimal balance between power consump-
tion and circuit complexity. As a result, the analog signal at the output of analog
front-end (AFE) is sampled by 4-way time-interleaved data and edge compara-
tors to provide the signal and phase information for 2X oversampled CDR. Each
data sample consists of two comparators to generate speculative decisions for
1-tap DFE. After that, all the signals are aligned to a single quarter rate clock.
And, the speculative decisions (Dy and Dy) are resolved in the look ahead DFE
generating the output data signals D. Edge signals (E’) are delayed by the same
amount as look ahead DFE to keep D and E signals synchronized. Then, the out-
put data (D) is sent into an on-chip pseudo random bit sequence (PRBS) checker
via a 4-t0-32 demultiplexer (DEMUX) to measure the bit error rate (BER).

The CDR logic block receives the data (D) and the edge (E) signals to detect
the phase information and it generates the gated clock (c4¢) and up-down (U_D)
signals that drive the phase rotator control block (PR¢). The PR generates the
control signals for the 128-step phase rotator (PR) itself. The PR also receives
in-phase (I) and quadrature (Q) clocks from a frequency divider and generates
an output clock consisting of differential signals C, and C,, depending on the
digital control signals. Then, a CML based IQ generator generates 8 signals
with nominal phase apertures of 45° that correspond to data and edge phases in
quarter rate sampling. Finally the phases of the sampling clocks are adjusted
in the IQ Calibration block and the clocks are converted into CMOS levels via
CML-to-CMOS converters (CML2CMOS).
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3.1 Receiver Architecture
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Figure 3.1: RX top level block diagram
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3.2 DataPath'

Data path consists of the AFE, comparators, aligner and DFE blocks in this
implementation, as illustrated in Fig. 3.1. In Section 3.2.1 and Section 3.2.2
the design techniques implemented in this work to maximize the data path

performance will be discussed in detail.

3.2.1 AFE Design

The overall sensitivity of an optical link is determined by the RX AFE. The
transimpedence amplifier (TTA) that converts the input current coming from
the photo-diode into voltage limits the SNR performance. Thus, an in depth
signal and noise analysis of the TIA will be provided in this section. First, the
choice of TIA architecture will be presented. Then, the optimum SNR in the
absence of equalization will be provided for that TIA arcitecture. Finally, the
SNR improvement by optimizing TIA bandwidth according to the number of taps
to be used in DFE will be explained.

In principle, a simple resistor connected to ground or a common-mode volt-
age can be used to convert the current of a PD to a voltage. However, the large
capacitance associated with pad and PD severely limits the bandwidth. Hence,
to improve gain-bandwidth product (GBW), active structures are commonly em-
ployed. Regulated cascode (RGC) [22] and shunt feedback resistor (SFR) are the
most common TIA circuit topologies [23] (Fig. 3.2). Both RGC and SFR architec-
tures have been compared in 14 nm FinFET technology. The two designs were
optimized for maximum SNR at 60 Gb/s for a given DC gain (50 dB in this case).
Our investigations showed that while RGC and SFR TIAs have comparable GBW
products and power dissipation, SFR TIA has better SNR since the output inte-
grated noise of the RGC is approximately 20% higher. The main reason stems
from the noise generated by the bias current source, as described in [23]. It must
be noted that the DC current source which is used to cancel the average PD
current is much smaller (a few hundred pA) than the bias current required for
a high bandwidth RGC-TIA (at least 2-3 mA), resulting in much smaller noise
contribution. Moreover, the average PD current must be subtracted from both
SFR and RGC TIAs, which means the current that biases the RGC-TIA is an
extra noise source. Furthermore, in advanced technology nodes operating at low
supply voltages (below 1 V) RGC design is challenging due to limited voltage
headroom. Thus, the SFR topology was used for the optical RX.

1This section is based on: I. Ozkaya, A. Cevrero, P. A. Francese, C. Menolfi, T. Morf, M. Brandli,
D. M. Kuchta, L. Kull, C. W. Baks, J. E. Proesel, M. Kossel, D. Luu, B. G. Lee, F. E. Doany, M.
Meghelli, Y. Leblebici, and T. Toifl. “A 64-Gb/s 1.4-pJ/b NRZ Optical Receiver Data-Path in 14-nm
CMOS FinFET”. IEEE Journal of Solid-State Circuits 52.12 (Dec. 2017), pp. 3458-3473.
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Signal Analysis

An SFR TIA together with its model is shown in Fig. 3.3. In the circuit Cp;, and
C,u: are the sum of PD capacitance and pad capacitance, and the load capaci-
tance driven by TTA, respectively. In the model, C;, includes the gate-to-source
capacitances (Cgs) of the transistors in addition to C,;,. Cr consists of the drain-

to-gate capacitance (Cgq), whereas R,,; is the equivalent output resistance of the
inverter. The total transconductance of the CMOS inverter is denoted as gm. The

transimpedance of the TIA can be expressed in terms of the given parameters

as:

Rout(gmRfp—1-sCrRfp)

Z(s)=

1+ngout +SDt1 +S2Dt2

(3.1)
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where
D41 =Cin(Rous +Rrp)+CrRypp(1+gmRyys) (3.2)

D2 =RpRoutCin(Cout +Cy) (3.3)

The number of parameters in this equation can be reduced since some of them
are coupled together by the technology node. We can write:

A=gmRyy; (3.4)
__8m
ft= 27C gare (3.5)

where A is the intrinsic gain and f; is the transit frequency of the transistors. For
a given biasing condition (Vpp/2 in this case) A and f; are known. Note that C44:.
is the total gate capacitance and transistor level simulations show that it can be
distributed between Cgzs and C,q with a ratio of 2/3 and 1/3. C,4 corresponds to
Cr, whereas Cg; contributes to the input capacitance, C;,. It must be emphasized
that the inclusion of Cy is extremely important due to Miller effect. Omitting
this capacitance would result in oversimplified models which may invalidate the

further analysis.

We can further reduce the number of parameters by fixing the value of Cp;p,
which is determined by the pad and PD capacitances. In the implemented design,
the PD and pad capacitance were approximately 60 fF and 40 fF, respectively.
Hence, Cpin = 100fF. In the given 2-pole system a numerical analysis shows that a
high C,,:/Cpi, ratio results in peaking in the transfer function. For a maximally
flat response, a ratio of less than 0.25 must be satisfied. Therefore, C,,; is taken
as 25 fF and it defines the input capacitance of the following stage.

As a result, the full design space can be defined by two parameters: Ry,
and gm. In Fig. 3.4, Ry, is swept for three different gm values to find the 3 dB
bandwidth of the TIA. Since the curves are monotonic, any given bandwidth and
gm pair corresponds to a unique Ry, value. Figure 3.5 depicts gm versus Ry,
curves with 4 different TIA bandwidths. The plot clearly shows that for constant
bandwidth, R s, needs to be reduced towards large gm. This is due to self loading.
The parasitic feedback capacitor Cy increases due to large transistor size and
R, Cr becomes the dominant pole.

Figure 3.6(a-e) show main cursor (Vrqp()) together with pre- and post-cursors
at 64 Gb/s across gm, Ry, pairs on a constant bandwidth curve. The main cur-
sor and inter-symbol-interference (ISI) components are derived from the pulse
response (1 uA normalized current pulse applied) of the system described by
Eq. (3.1). As expected, lowering the bandwidth increases the main cursor due to
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larger transimpedance gain, which is approximately equal to Ry;. At the same
time, bandwidth limitation increases ISI terms. The worst case signal without
equalization can be calculated as follows:

[e.°]
VSignal = VTap(O)_ | VTap(—l) | - Z | VTap(n) | (3.6)

n=1
as shown in Fig. 3.6f for 5 different TTA bandwidths. Without equalization the
optimal bandwidth is approximately 0.4 times the data-rate(25 GHz at 64 Gb/s).
Interestingly for a given bandwidth the point with the largest V;;gnq.; doesn’t
correspond to the gm with the largest R, due to peaking in the 2nd order system.

Noise Analysis

The analysis above gives a perspective on the signal point of view only. In order to
find the TIA specifications that provides optimum SNR, the noise characteristic
must also be analyzed.

The main noise sources of the implemented TIA are the transconductance

stage (CMOS inverter) and Ry, thermal noises, which are shown on the TIA

2
ngm

model in Fig. 3.7a as T and I ,le, respectively. The power spectral densities

(PSD) can be expressed as:

I, =4kTygm (3.7)
4kT

I2p=—— 3.8

"R =R (3.8)

where vy is the noise excess factor of the transistor. It must be noted that the noise

generated by the output resistance (R,) of the inverter can be omitted since its

2
ngm:*

PSD is a factor of gmR,,; smaller than the I

In order to simplify the equivalent output noise calculation, we can split the
I ;21R noise source as proposed in [24] (Fig. 3.7b). The output squared noise can
be expressed as:

Vi :fo 20\ Zi+Z, 12 6f (3.9)

Vigm =f0 12,1 Zo P 6F (3.10)

2 2 2
V2 =V 4V,

nout — ngm

(3.11)

where Z; is the transimpedance of the TIA expressed in Eq. (3.1), and Z, is the
output impedance of the TIA, which can be calculated as:

Ry (1+ Sbe(Cf +Cin))

3.12
1+gmRyu: +sDy1+52D o ( )

Zo(s)=
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(b)
Figure 3.7: (a) Noise sources in TIA (b) Equivalent split model.

where
D1 =Cin(Rout +Rrp) + CoutRout + CrRpp(1+ gmRoyt) (3.13)

D2 :beRout(CinCout+Cian+CfCout) (314)

Thus, for any gm and Rs, we can calculate V,,,,; and find the signal to noise
ratio under worst case ISI condition (SNR,,.) as follows:

V2,
SNRye= — 5 (3.15)

nout

Fig. 3.8 shows SNR,,. for different TIA bandwidths. The figure clearly demon-
strates the optimum SNR,,. corresponds to roughly 0.4 times the data-rate (25
GHz for 64 Gb/s NRZ). Note that SNR,,. given in Fig. 3.8 is normalized to 1 uA
input. One can easily calculate the optical sensitivity by using the equation:

2
Sens=dBm( N ) (3.16)

\/SNRI|j aRes

where N is the number of standard deviations (o) required to reach certain bit-
error-rate (BER) (for 10712 BER N =7), and Res is the responsivity of the photo
diode in terms of uA/W.

Equalization

The SNR of an optical RX can be further improved by lowering the bandwidth
(which increases DC gain) below 0.4 times the data-rate and using equalization
techniques to recover the bandwidth loss, provided that the noise added by the
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equalizer is small enough. For instance, in [25] a continuous time linear equalizer
(CTLE) is cascaded to a low bandwidth TIA to achieve a sensitivity of -8 dBm
OMA with a PD of 0.45 A/W at 25 Gb/s. When projected to 64 Gb/s design this
approach has several shortcomings:

1. At high speed pushing the CTLE bandwidth to high frequency is power
hungry and often requires the use of passive inductors which are undesired
in compact multi-channel optical RX design.

2. At high frequency the CTLE has limited capability to compensate for the
multiple poles in the signal path.

3. CTLE amplifies high frequency noise as well as generating noise itself
degrading SNR compared to an ideal equalizer where only ISI is canceled.

In [26] and [13] a low bandwidth front-end is combined with double sampling
and dynamic offset modulation to achieve —4.7 dBm sensitivity at 24 Gb/s and
—6.8 dBm sensitivity at 25 Gb/s, respectively. [26] Uses a resistor to convert the
photo-current to a voltage while in [13] the resistor is replaced by an SFR TIA
leading to higher sensitivity. The drawback of this technique at higher speeds
is the difficulty of driving the sample and hold capacitors. Moreover, transient
effects such-as kickback noise are expected to become more and more important
as the timing between the two consecutive samples shrinks.

Decision feedback equalization (DFE) is another well-known technique, which
has the capability to remove post-cursor ISI with small or no noise penalty.

Infinite-impulse-response (IIR) DFE approximates a long tail of the pulse re-
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Figure 3.9: Maximum SNR for n-tap DFE.

sponse using a passive RC circuit as feedback filter, and subtracts the approxi-
mated tail from the input signal, removing all the post cursors with a single tap.
However, the pulse response characteristics of the passive RC network should
match those of the TIA for accurate ISI cancellation. This restricts the design
of the TIA to first-order circuits. A more important limitation comes from the
requirement that the total feedback delay must be less than 1 unit-interval(UI).
[27] and [22] implemented this technique to achieve -5 dBm sensitivity at 9 Gb/s
and -5.8 dBm sensitivity at 20 Gb/s, respectively.

A more conventional way of implementing the DFE is adding an FIR filter in
the feedback path. Assuming the first m post cursors are equalized by the DFE,

the signal after equalization can be expressed as follows:

o0

Vsignalz, = VTap@~ | Vrap-n 1= Y. | VIapm| (3.17)
n=m+1

Fig. 3.9 shows SNR plots versus TIA bandwidth for different number of DFE taps
based on the model provided above. The figure shows the maximum achievable
SNR and the required TIA bandwidth. Without equalization, the optimal band-
width is 20-25 GHz. A 1-tap DFE lowers the TIA bandwidth for maximum SNR
down to 15 GHz while improving SNR by approximately a factor of v2 which
corresponds to a 1.5 dB sensitivity improvement. Additional DFE taps provide
marginal SNR gain, while increasing the power cost of the underlying circuit

implementation , as will be discussed in Section 3.2.2.
Similar analysis can be found in [22] and [28] leading to similar conclusions.

However, the circuit model in [22] omits parasitic feedback capacitance (Cy) and
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isolates the output node from feedback resistor Ry, via an ideal buffer neglecting
the loading effect of Rf;,. Moreover, in both publications the zero and pole loca-
tions of noise transfer function were set based on certain assumptions. Although
the analysis provides good insight for certain conditions, it does not derive the
complete analytical solution. In this study, all the equations are derived directly
from any given set of parameters without simplifying the TIA model, which covers
a larger design space.

DFE can be implemented either as direct feedback or as speculative DFE.
On the one hand, direct feedback DFE enables many taps to be equalized with
relatively low complexity. But the feedback loop delay still needs to be less than 1
UI, making this solution unattractive for the target data-rate of 60 Gb/s. On the
other hand, in speculative DFE implementation, complexity grows exponentially
with the number of taps. Nevertheless, the timing restriction can be relaxed
using certain techniques as will be explained in Section 3.2.2. Since more than
1-tap DFE gives only marginal advantage in terms of SNR while increasing
circuit complexity and power consumption significantly, we decided to use a 1-
tap speculative DFE.

TIA

The schematic of the proposed SFR TIA is given in Fig. 3.10a. The feedback
path is composed of a 1.1 kQ resistor and NMOS transistors in parallel to adjust
the equivalent resistance down to 250 Q. Since the signal swing is small the
transistors stay in linear region behaving as linear resistances. This approach
reduces the parasitic capacitance as compared to a solution which consists of
an array of passive resistors with switches. This is because typically passive
resistors have larger parasitics than transistors. Moreover, the switches need to
be large enough to minimize the on resistance, further increasing the area and
capacitive load. A series inductance is added to extend the bandwidth of the
TIA. TIA transimpedance as a function of the series peaking inductance value
is plotted in Fig. 3.11a together with the pulse response in Fig. 3.11b. A 400 pH
inductance provides a maximally flat response which corresponds to minimum
group delay.

In this design, the input node of the TIA is used as the negative output (Vout,)
to serve as a differential signal to the output node of the TIA (Vout,), rather than
placing a replica TIA to generate a reference voltage [29], as shown in Fig. 3.10b.
As a result, the transimpedance gain becomes R, instead of Rfp(Acq/(Aeg + 1))
where A, is equal to gm(Ryp | Rous). This improvement is shown in Fig. 3.12.
Both single ended outputs and the differential voltage (V,u:p — Vouin) are given in
the figure. Note that (V45 — Vous,) is shifted to the right in order to match the
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Figure 3.10: TIA schematic (a) Proposed (b) Replica.
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sampling points for better comparison of the two cases. The main cursor (Vrqp(0))
of Voutp = Vourn is larger than the main cursor of the single ended output (Vou:p)
whereas Vrqp-1) and Vrqp(9) are the same. Since Vr,p(1) Will be equalized by the
DFE, the increase in this ISI term does not degrade signal integrity.

Another advantage of using the self referenced TIA is that it generates less
noise compared to the replica design. In Fig. 3.13 three noise spectral densities
(NSD) are given. The red solid line is the NSD of the TIA with a replica with no
filtering capacitor (Cryr) at its output. Adding a 600 fF of Crzr shapes the NSD
as indicated by the blue dotted curve. The green dashed curve is the NSD of the
proposed self referenced TIA. There are two main reasons for the reduction in
noise. First one is that there is no replica to generate noise. Note that the replica
generates as much noise as the TIA itself increasing the integrated noise by a
factor of v2. High frequency noise of the replica TIA can be filtered out by using
a large capacitance at the output node. However, this would prevent the replica
TIA from tracking the main TIA behavior for high frequency supply disturbances
compromising power supply rejection ratio (PSRR). The second reason for noise
reduction is that in self referenced TIA the low frequency noise components of
the transistors are converted into common mode noise. This explains why no
flicker noise is observed in the NSD of the self referenced TIA as illustrated in
Fig. 3.13.

To investigate the PSRR of the self-reference TIA, it is critical to separate
the input and output capacitance connected to either VDD or GND as seen in

Fig. 3.14. It is easy to deduce that the currents i; and i, become zero if the
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Figure 3.13: Self referenced TIA noise spectral density.

following condition is met:
Cin_8gmp Cor
= =— (3.18)
Ci2 gmn, Co2

In that case the current through the feedback resistor becomes zero resulting in
perfect cancellation of power supply ripple. In our implementation the TIA drives
a VGA whose input stage consists of a CMOS inverter with equal sized PMOS
and NMOS transistors. Thus, the TIA output capacitance is divided equally be-
tween VDD and GND (C,; = C,2). Also the PMOS and NMOS transistors that
compose the CMOS inverter of the TIA are sized equally which matches the two
transconductances in this technology (gm, = gm). Dividing the input capaci-
tance equally between VDD and GND is more challenging. It consists of three
parasitic capacitances. The first one is the C,, of the transistors, which is already
split equally between GND and VDD due to sizing of the transistors. The second
parasitic capacitance at the input node is the pad capacitance. In general this
capacitance couples the pad to substrate (connected to GND) creating an imbal-
ance between C;; and C;3. One solution to circumvent this problem is to add a
power grid below the pad in the lowest metal layer to couple the PAD equally to
VDD and GND. In the used 13 level metal stack, this modification corresponds
to a pad capacitance increase of approximately 5%, which has negligible impact
on sensitivity. The last portion of the input capacitance comes from the PD. This
capacitance is coupled to the supply voltage of the PD outside the chip and cannot
be balanced as required for perfect PSRR. However, it is decoupled from the TIA
input by both the bondwire and peaking inductances at high frequencies. On the
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Figure 3.14: Self referenced TIA schematic for PSRR analysis.

other hand, in a replica TIA design, the PD capacitance and the bondwire induc-
tance also creates an imbalance unless a dummy PD is placed in the packaging
which may not be desirable in practical applications since it would increase both
the cost of packaging and the pitch width of multi-channel design.

The PSRR simulation results of self referenced TIA and replica TIA are com-
pared in Fig. 3.15. The worst PSRR performances of all process corners for both
cases were also provided in the plot. As expected, the worst case was slow-NMOS-
fast-PMOS corner (fast-NMOS-slow-PMOS performs only slightly better) since
it is the corner that degenerates the gm,/gm, ratio the most.

To summarize, the proposed self-referenced TIA provides larger swing, lower
noise and similar PSRR performance as compared to a replica TIA while con-
suming half the power and layout area. Moreover, the TTA has zero offset by

design.

VGA

The high losses in the optical path may result in very small current signals on
the PD. As an example a —12 dBm OMA signal on a 0.5 A/W responsivity PD
corresponds to a 32 pA,, photo-current. This signal is converted into a voltage
signal with a DC gain of around 700 Q resulting in a 22.4 mV at the output of the
TIA. ISI further reduces the signal down to 10— 15 mV. Moreover, as explained
in Section 3.2.1, the capacitive load at the output node of the TIA must be low
which means the slicers, creating approximately 100 fF load, can’t be driven by
TIA directly.

In order to amplify the signal and drive the slicers, a VGA was designed and
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Figure 3.15: PSRR comparison of self-referenced TIA and replica
TIA.

placed after the TIA. The schematic of the VGA is given in Fig. 3.16. It consists of
two trans-admittance trans-impedance (TAS-TIS) stages. This structure is also
known as Cherry-Hooper amplifier in literature [30]. The first TAS-TIS stage is
a CMOS based design to match the common mode output of the TIA, which is
around VDD/2. It must be noted that the voltage gain on the TAS is very small
(around 1) due to the low input impedance of the TIS stage. This reduces the
Miller effect on the C,4 of the input transistors minimizing the equivalent input
capacitance. The DC gain of the 1°* stage is gm1Ry; and can be controlled by
changing Ry;.

The output common mode of the 15 stage is adjusted to match the input
common mode requirements of the 2"¢ stage by injecting current into the input
of the TIS stage creating a voltage drop on the feedback resistors R ;. The output
signal of the 15 VGA stage is still pseudo differential. That is, the TIA outputs
Vout, and Vout, are amplified separately (by the same gain) resulting in larger
swing in Y. As a result, the formal definition of the output common mode (Y, +
Y,)/2 is not a constant signal. That’s why the output common mode is sensed
from the low swing output node via a low-pass filter as illustrated in Fig. 3.16.

The 2"¢ TAS-TIS is CML based and converts the pseudo differential signal at
its input to a fully differential signal at its output. The input is connected to two
differential pairs. The inner pair is sized at a quarter of the outer pair. And the
current generated by the inner pair is multiplied by 4 on the NMOS mirrors to
double the transconductance provided by the outer pair. Compared to a standard
CML stage, the effective transconductance increases by a factor of 2, whereas
the power consumption and input capacitance increases only by a factor of 1.25.

The resistors R, extend the bandwidth of the VGA. In the TIS both NMOS
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Figure 3.16: VGA schematic.

and PMOS differential pairs contribute to gain by reusing the tail current, which
minimizes the power consumption. The gain of the 2"¢ TAS-TIS can be controlled
both by changing the feedback resistors Rs9 and by changing the tail current Igs.

In nominal settings the VGA provides a gain of around 20 dB with a band-
width of 20 GHz while driving a load of 100 fF. The total power consumption of
the VGA is 21 mW and its input capacitance is 25 fF. Its input referred noise is
around 350 uV,ys. Since the TIA output integrated noise is 820 uVyns, the VGA
noise reduces the SNR by 10%.

3.2.2 DFE

As was explained in Section 2.2.2, in conventional speculative DFE implementa-
tions the following timing requirement should be met [31], [32]:

t02q+tmux+tsetup <1UI (319)

where ¢.9, is the clock-to-Q delay, ¢,,,, is the mux delay time, and ¢4, is the
setup time of the latch. In addition to that, in a quarter rate design the ¢.9, of
the comparators sampling the speculative decisions should be smaller than 2-UI
which comes as an additional timing constraint. By moving the DFE equalization
into the digital domain both of those problems can be avoided at the cost of
increased circuit complexity and powe