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Abstract 

 

 

Due to increasing demand for wireless communication systems, and because of the 

stringent requirements of the congested RF-frequency spectrum, 

reconfigurable/tunable filters have advanced significantly in recent years. Tunable 

filters can be tuned to different frequency bands constituted a qualitative shift in the 

field of civil and military communications because of their great potential to minimise 

the size, complexity, power consumption and cost of traditional filter banks. At the 

same time, high performance is becoming increasingly important to meet the modern 

communication systems’ specifications.  

Against this background, this dissertation provides a study of tunable filters technology 

in RF/microwave Engineering. In order to accomplish this study, several tunable filters 

using different tuning approaches have been presented in this dissertation.  

 

A mechanically tuned lowpass filter is presented achieving a good tuning range over 

the filter’s passband. The suspended substrate stripline (SSS) topology has been 

utilized to obtain a high-quality response while the generalized Chebyshev responses 

has been applied to obtain flexible transmission zeros in terms of controlling their 

locations. Tuning was achieved by using a fabricated mechanical structure to tune a 

set of five SSS resonators synchronously.  A systematic numerical design of this type 

of filters has been offered with full equations’ derivations and consequentially 

manufactured samples are validated experimentally and presented in this work.     

 

A novel design of a narrow tunable bandwidth bandpass filter with two transmission 

zeros has been developed. In this project, two different structures were combined 

containing the microstrip structure to simplify the integration with other system parts 

and the SSS structure to obtain high quality response. Moreover, it introduces two 

transmission zeros at both sides of the filter’s passband without the need of using the 

conventional cross coupling method. Furthermore, two different tuning approaches 

have been used, one for tuning the bandwidth and the two transmission zeros while 

the second one was for fine tuning. An extensive design methodology and a numerical 
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design example for both, the fixed and tunable filters have been presented and 

consequentially the proposed design has been proven experimentally. 

 

A new cascaded bandpass filter is presented offering an outstanding response with 

relatively small number of cascaded elements. This filter utilizes the characteristics of 

the Step Impedance resonators (SIR) in terms of their flexibility of controlling the 

spurious response and the insertion loss by changing the ratio of the filter’s high to 

low impedance. In addition, it offers high quality responses by using SSS structures. 

The filter’s design methodology is presented, extensively illustrated with a numerical 

example and proven experimentally. 

A tuning feasibility of the cascaded SSS filter has been introduced where the electrical 

tuning has been used to tune the lower side of the passband while the upper side is 

mechanically tuned. The proposed tuning approach has been simulated by using an 

EM full-wave simulation software and presented whereas the manufacturing was 

unfortunately postponed due to the end of the research time.  
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Chapter1 

 Introduction to tunable microwave filters 

 

1.1 Motivation 

Given the continued high demand for modern wireless communication 

methods, tunable filters attract the interest of scientists around the world as 

they work towards an optimal use of the limited and consumable frequency 

band. There are several civilian and military applications for tunable filters, for 

instance mobile phones, satellite applications and radars. These applications 

make it more urgent to improve wireless systems’ functionality, performance 

and frequency spectrum elasticity, and to minimise size and reduce production 

costs. Although designers have made huge progress in the architecture of 

wireless systems, the challenge of producing more advanced integrated 

systems requires more research. As an example of one model, the block 

diagram of the HSDPA/WEDGE multiband diversity radio subsystem is shown 

in Figure 1.1. The complexity of such a system, comprising a considerable 

number of active devices as well as the passive components which occupy a 

wide proportion of the surface area, prevent the required level of integration. 

Moreover, the use of such conventional filter banks (i.e. cascaded lumped 

element filters) may represent a weak point in modern communication systems 

due to their rapid consumption of the limited, valuable frequency spectrum. 

Moreover, their high-power consumption and the size of their occupied area 

may limit how portable these systems can be. In contrast, the level of 

complexity of the fully tunable system depicted in Figure 1.2 has been 

significantly reduced. The use of tunable devices such as tunable matching 

networks and tunable filters could play a key role in overcoming the critical 

disadvantages of conventional communication systems, and may increase 

their flexibility as well as reducing the cost of materials, which may decline 

significantly. 
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Figure 1.1 System architecture for multiband HSDPA/WEDGE diversity radio subsystem [1] 

 

 

 

Figure 1.2 Tunable RF-System front end [2] 
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1.2 Tuning technologies of RF/microwave filters 

Tunable filters’ design is subject to stringent requirements to fulfil its purpose 

and to save the limited consumable frequency band. The quality factor and tuning 

method are two key factors greatly affecting performance. The quality factor is defined 

as the ratio between the average energy stored in a resonant structure to the energy 

lost per second, so, it is desirable to keep that ratio as high as possible. Furthermore, 

it has a strong relationship with the chosen filters’ design topology and the tuning 

method. In other words, the topology used to design the filters has a significant effect 

on quality factor. For instance, although Microstrip filters are relatively easy to design 

compared to other topologies, their losses reduce the quality factor compared with 

other design techniques, such as stripline, suspended substrate microstrip line, 

suspended substrate stripline and waveguide tunable filters. On the other hand, the 

tuning process, which can be defined as the operation enabling the filter to pick up the 

required frequency or frequency band/bands, and which rejects unwanted 

frequencies, may affect operational quality. Since the filter’s working environment is 

the congested medium, the tuning process is critical to tunable filters’ function in 

separating different signals to prevent interference between different them, or to 

choose the required working band. 

Tuning elements are another issue, in that they may cause an increase in the 

filter’s losses, resulting in a decrease in its performance. Therefore, the tuning method 

must be chosen very accurately together with the various design factors. The tuning 

of reconfigurable filters can be classified in two categories, as follows: 

1- Continuous tuning 

2- Discrete tuning 

These two categories are achieved using various techniques. The methods 

used for continuous and discrete tuning are classified according to the devices used, 

in three categories, which are: 

1- Electrical tuning  2- Electromechanical tuning 

3- Mechanical tuning 

The advantages and disadvantages of these tuning methods are explained briefly in 

the following sections. 
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1.2.1 Electrical tuning 

Electrical tuning is the most common tuning method. The electronic continuous 

tuning method can be achieved using different types of electronic devices, such as 

varactors and PIN diodes [3]. There are several types of varactors, for instance, diode 

varactors [3] and Barium Strontium Titanite (BST) oxide- based varactors [4]. 

However, the basic principle of all varactors is the same. All varactors are based on a 

PN junction in the reverse bias, as shown in Figure 1.3 (a). The voltage alteration on 

either port of the diode will, accordingly, change the width of the varactor diode’s 

depletion region, leading to a change in varactor capacitance [5], as seen in Figures 

1.3 (b) and (c). 

 

(a) 

   

(b)     (c) 

Figure 1.3 Varicap (a) General structure (a) Narrow depletion region at lower bias voltage, high 
capacitance (b) Wide depletion region at high bias voltage, lower capacitance [2] 

 

Thus, the capacitance of the varactor changes as soon as the applied voltage is 

varied. Moreover, other materials are frequently used for continuous tuning, for 

example, ferroelectric and ferromagnetic materials [3] and Piezoelectric Transducers 

(PETs) [4]. This kind of tuning is the most popular centre frequency tuning technique 
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because of its limited biasing circuits, compact size and fast tuning time. Despite this, 

electronic tuning provides high insertion and return losses and low power handling. 

λ. Further, varactors have a limited life cycle [4] and [7]. Equally, ferroelectric materials 

have the disadvantage of a high tangent loss, reducing the resonator’s unloaded 

quality factor [4]. Ferromagnetic materials such as YIG have drawbacks including their 

biasing circuit complexity, low tuning speed and high power consumption [4]. 

However, ferroelectric and ferromagnetic materials have some advantages, including 

high integration, high tuning speeds for ferroelectric materials and a high unloaded 

quality factor, high power handling and good linearity for ferromagnetic substances 

[8]. 

On the other hand, PIN diodes are considered to be continuous tuning elements. The 

main difference between PIN diodes and varactors is that a PIN diode  three layers, 

the P and N layers plus an intrinsic layer between them [9], as shown in Figure 1.4. 

On the forward bias, the level of the charge carriers becomes very high and moves 

deeply into the intrinsic layer, resulting in a faster movement of charge from P to the 

N region with help of the electric field [9]. 

 

Figure 1.4 PIN Diode structure [9] 
 

PIN diodes have become an attractive tuning method because of their advanced 

technological improvements [10], which enhance loss level and RF signal distortion 

compared with varactors as an electronic device. Furthermore, Miller & Alexander [11] 

argue that PIN diodes are more favourable for wide tuning in applications of a wide 

and ultra-wide tuning range. Nevertheless, PIN diodes require a high biasing current 

for good linearity [12]. 
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1.2.2 Electromechanical tuning 

Electromechanical Systems (MEMS) are miniature devices comprising 

microscopic mechanical parts and electronic circuits [13]. There are many applications 

for MEMS, including sensors and actuators. 

The use of RF MEMS is a developing field in the arena of commercial MEMS 

technology. These devices are used in many communication systems including 

radars, GPS, filters and steerable Antennae. They can be used for both continuous 

tuning with MEMS capacitors and as a discrete tuning method with the use of MEMS 

switches. In fact, MEMS are classified as unique because of their structure. Golio and 

Golio [14] state that “MEMS are integrated circuit devices that combine both electrical 

and mechanical components to achieve both frequency selectivity and switching”. This 

type of tuning has better characteristics compared with other techniques. It has the 

advantages of very low power consumption, a miniaturized filter, low weight, high 

power handling in tunable networks and a high quality factor in the range of 50-400 at 

2-400 GHz [12]. These characteristics make this tuning technique an excellent 

solution for designing miniaturised reconfigurable filters. 

Another advantage of using RF-MEMS as a tuning method is its usefulness in 

designing packaged tunable filters. However, the packaging process involves 

expensive equipment. Furthermore, high switching times compared with PIN diodes, 

and short life cycles for switching ( [7], [15] and  [11]) are the major drawbacks of 

MEMS tuners. Garro and Brito [16] indicate that a mixed tuning tunable filter can be 

built by consolidating a discrete tuning device such as a diode and continuous tuning 

devices such as varactors at the same reconfigurable filter.   

 
1.2.3 Mechanical tuning 

In contrast with electrical tuning, the mechanical method is a discrete tuning 

process using several tuning devices such as stepper and piezoelectric motors for 

precise control of the coupled tuning elements, such as screws. However, Shen, 

Kawthar and Chi [7] reveal in their study that the tuning range for such metallic screws 

is very small, so they are more appropriate for fine-tuning. They added that the metallic 

disks are more effective in achieving a wide tuning range, albeit causing an expected 

degradation of the unloaded quality factor [7]. This mechanism has various critical 
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advantages such as a high-quality factor, linearity and the ability to handle high power 

such as that found in mechanically tuned waveguide filters. In contrast with other 

tuning methods, mechanical tuning could be used with different filter technologies from 

planar to waveguide filters. The disadvantages of this method include its bulky size 

and its tuning speed [7], even though these characteristics may be required in many 

microwave applications. 

 

Table 1.1 Comparison tuning technologies of RF/Microwave filters[2]. 

Tuning 
technology 

Mech. YIG PIN 
diode 

Vacator 
diode 

BST RF 
MEMS 

Unload Q 
> 1000 > 500 Rs =1-4 

Ω 
30-50b 30-50b 50-400 

Tuning speed >10µs ns ns ns ns µs 

Bias 
>100 

V 
N/A 10-

40mA 
< 30V < 30V 20-100V 

Linearity (IIP3: 
dBm) 

 
high 

 
< 30 

 
> 33 

 
10-35 

 
10-35 

 
> 60 

Power handling 
 

high 
 

2W 
 
~mW 
 

 
~mW 

 
~mW 

 
1-2 W 

Power 
consumption 

 
high 

 
high 

 
medium 

 
low 

 
negligible 

 
negligible 

Size large large small small small small 

Cost high high low low low medium 

Integration difficult difficult good good good good 

 

Table 1.1 shows a comparison between different tuning technologies. An obvious 

variation can be noticed in their parameters, so that none of them is perfect [2] and 

choosing based on the application and the specification of the system.   
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1.3 Literature survey on tuning techniques of the substrate dependent 

shielded microwave filters 

In this survey, the shielded tunable planar microwave filters are highlighted 

according to the used tuning technology and design method. In general, the aim of the 

tuning process is to tune the resonant frequency or control the filter’s passband. 

Moreover, a higher selectivity could be achieved by controlling the locations of the 

transmission zeros. There are several shielded tunable planar filters which have been 

designed and implemented over the past few years. But despite these filters’ 

remarkable performance, to the best of my knowledge, there is a lack of tuning works 

for this category of planar filters. This might be due to these filters’ substantial size, 

and the difficulty of achieving an adequate grounding level. However, different tuning 

techniques have been applied to these filters, for instance, the works in [17]–[21] are 

tuned mechanically. On the other hand, other works have investigated the electrical 

tuning of shielded structures by continuous tuning methods using varactors, as 

presented in [22]–[29], or used a discrete tuning approach by exploiting MEMS and 

PIN diodes, such as in [15], [30]–[34].  

In [17], Saeedi et al. used  piezoelectric actuators to tune a high quality factor 

Evanescent-Mode cavity filter. This comprised cascaded Bandpass and Bandstop 

(BP-BS) filters integrated on a single layer substrate. The tuning technique controls 

the bandwidth of the filter as well as  synchronous and asynchronous controlling of 

the transmission zeros at both sides of the passband [17]. The measured loss was as 

low as 0.9 dB with a tuning range of 600 MHz The cascaded structure’s spurious 

response was eliminated by adding extra resonators to BSF to control the phase 

relationship between the filters [17]. Similarly, according to Fermin et al. [17] and [21], 

a substrate integrated wave guide (SIW) resonator and a (SIW) based oscillator, were 

tuned by using the same concept of an electromagnetic perturbation method adopting 

a different approach. The method involves introducing a metallised via on the cavity 

of the waveguide and slightly deviated from the centre of the substrate. Additionally, 

an open-loop slot at the top of the metallic layer surrounds the via hole. As well as 

that, the inclusion of a metal contact to connect the via to the surrounding open loop 

slot provides electromagnetic field distribution, and moves the resonance frequency 

between the two positions of the contact at Ф=00 and Ф=1800. The tuning range and 
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the quality factor change according to the position and orientation of that slot. The 

resonant frequency of the measured resonator is changed from 6.85 GHz to 7.42 GHz, 

and from 12.1 GHz to 12.4 GHz, with tuning ranges of 8% and 2.5% respectively. The 

unloaded quality factor varied from 94-100 for both experiments. Furthermore, the 

authors used the previous principle of tuning to design and fabricate a SIW tunable 

bandpass filter [20]. They implemented three different designs of tunable four-pole 

Chebyshev filters, with the functions of trimming, frequency tuning and bandwidth 

tuning. The responses achieved showed excellent trimming, resonance frequency 

tuning of 10% and 100% of passband tuning, respectively[20]. Another approach of 

the mechanical tuning is presented by Kurudere and Erturk [19], who applied the 

mechanical tuning technique to a planar-printed circuited bandpass filter. In this filter, 

the conventional rod tuning screws were replaced by a combination of a printed circuit 

and tuning screws [19]. Furthermore, a microstrip feeding was used instead of a 

conventional rod-type combined filter. The tuning screws of this filter perform two 

functions simultaneously, they are used as a tuning screw through the movable part 

and as a resonating rod via the stable section. However, both sections could be 

considered as a tuning rod of variable length. The tuning process involves moving the 

movable parts vertically above the opposite printed microstrip structure. This produces 

a variable capacitor between the tip of the rod and the printed circuit, which in turn 

leads to the retuning the resonance frequency of the filter’s response. The measured 

tuning response showed a tuning range of 10% of the centre frequency, with a 

constant bandwidth and a minimum return loss of 10 dB. 

For electrical tuning of the substrate-dependent shielded filters, several topologies of 

the microwave filters were tuned electrically and extensively investigated by a number 

of researchers. In terms of discrete electrical tuning, El-Tanani and Rebeiz proposed 

RF-MEMS tuned resonant frequency wideband and narrow band bandpass filters with 

constant bandwidths [15]. These filters comprise two symmetrical sections of coupled-

pair transmission lines, which in turn are linked using interdigital coupling. The authors 

claimed that the high quality factor obtained, and the analogue and digital tuning 

capabilities, were provided by fabricating the RF MEMS tuning network on the same 

substrate [15]. Moreover, the importance of the availability of this agile tuning 

technique lies in its ability to provide equal loading capacitance for all resonators, 
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particularly in narrowband filters. The tuning range of the filter was from 1.5 to 1.5 GHz 

with a respective insertion loss of 1.9 to 2.2 dB. Similarly, Schulte et al. [33], used 

similar tuning device, i.e. RF-MEMS switches. In this work, an LTCC technology was 

used to fabricate a two Evanescent Mode Cavity filters which employ a capacitive and 

inductive coupling methods for the RF-MEMS tuning elements. The measured tuning 

responses were 4% and 6% respectively. In [33] and [34], the authors used RF-MEMS 

tuning elements to tune two different filters’ topologies, designed and implemented on 

a suspended substrate stripline structure (SSS). In [32], Reines et al. propose a three-

pole, centre frequency tunable SSS combline filter. The tuning range of this filter is 

between 1.6 and 2.4 GHz with a measured unloaded quality factor (Qu) range, 

insertion loss and 3-dB bandwidth equivalent to 50-150, 1.34-3.03 dB and 201-279 

MHz respectively. However, it can be seen from the filter’s response that the design 

needs more effort regarding the transmission zero’s tunability to increase overall 

selectivity. In [31], the centre frequency and bandwidth of a two-pole filter were tuned 

using an RF-MEMS capacitive tuning network. The proposed filter comprised λ/2 

suspended-substrate stripline ring resonators, therefore the ground connection was 

not required. The measured centre frequency tuning range was 3.7-5.95 GHz, while 

the bandwidth is tuned at any frequency from 90 to 515MHz. As with the previous 

research [32], this work suffers from a low selectivity at the upper stopband edge. As 

well as MEMS, PIN diodes are considered to be discrete tuning elements, as 

mentioned above. In [31] and [35], a PIN diode switching element is used to tune the 

centre frequency and the bandwidth of two different designs of a Substrate Integrated 

Waveguide (SIW) filter. In [34], a bandpass filter is tuned digitally using a three-bit 

capacitive switchable loading PIN diode tuning network. The tuning process of this 

filter produced eight almost equally spaced frequency-tuned responses from 4.03-

4.36 GHz. Another work focusing on the frequency and bandwidth SIW PIN diode 

tuned filter is presented in [30]. The tuning approach to the proposed SIW cavities 

relies on the connecting/disconnecting the perturbing VIA posts to or from the cavity’s 

top metal layer. This tuning method resulted in six states within the tuning range of 

25%, i.e. from 1.55 – 2 GHz, whereas the ranges of the fractional bandwidth are 

between 2.3% and 3%. 
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On the other hand, several researches investigated the electrical continuous tuning of 

the shielded substrate-dependent microwave filters. In [27]–[29], three suspended 

substrate stripline filters were tuned using varactors. Zahirovic et al. [29] propose  a 

two-pole tunable filter, the centre frequency of the filter was tuned by varying the 

electrical length of the  resonators. Alternatively, in [28], Renedo et al. discussed a  

tunable bandpass filter in which the centre frequency and bandwidth were changed 

continuously. The main contribution of that work is the use of tunable coupling 

reducers between resonators to control the filter’s bandwidth. Furthermore, S. Kumar 

[27] a tunable filter which was realised as a suspended substrate stripline filter. The 

tuning method depends on two coupled ring resonators, tuned by using GaAs 

Varactor. 

Other works discussed the use of varactor tuning devices with SIW. In, [22],[23]–[25]  

the authors presented a tunable SIW filter exploiting a continuous tuning method. In   

[22], a SIW bandstop resonator was tuned using a varactor tuning device and an open-

end stub to electrically create a short-circuit condition on both sides of the cavity. The 

combination of the varactor and the stub are fed initially by the cavity. But when the 

electrical length of the open-end stub equals λ/4, the short-circuit occurs, leading to 

the SIW cavity closure [22]. In another work [23]. The authors designed and fabricated 

a SIW tunable combline filter. This filter comprised two capacitively loaded posts, each 

one surrounded by two ring gaps at the cavity top wall. Tuning was done using 

surface-mounted varactors, which change those gaps [23]. The tuning range of the 

proposed filter is from 0.56 to 1.18 GHz, or the equivalent of an octave of the frequency 

band. Similarly, Akash Anand and Xiaoguang Liu [24] proposed a two-pole SIW filter. 

The composition of the proposed filter is very similar to that put forward in [23], except 

for the parts of the feeding lines designed at both sides of the cavity’s top part as 

coplanar waveguides to provide the external coupling. This similarity extends to the 

technique of connecting the tuning elements which are put on the gaps of the rings 

over the capacitively loaded cavity resonators. Consequently, the tuning process of 

the centre frequency used the same method as [23]. The cavity resonators are 

coupled through two different paths, both of which have different coupling levels. 

Bandwidth tuning is achieved using a varactor element along the weak coupling path 

to change the coupling coefficient between the two cavity resonators. This tuning 
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method is similar to the previous work presented in [23], in which Chen et al. [25] 

presented a tunable dual-band SIW filter. This filter comprises two capacitive loading 

resonators. The resonant frequencies of these bands are tuned independently by 

controlling the external and internal couplings of the capacitive loadings of the 

evanescent-mode cavity resonators. 

 

1.4 Aims and Objective 

Following the motivation and literature survey presented above, the main aim of this 

thesis is to develop new filter technology in terms of design, tuning methods, concepts 

and configuration. 

The filter is constructed around the following objectives: 

 1- To develop a tunable generalized Chebyshev lowpass suspended substrate filter, 

mechanically tuned method is to be used to achieve the objective. 

2- To develop a combline bandpass filter. This filter combines two different structures 

those are microstrip and SSS. The objectives of this structure are to facilitate the 

integration of the filter through the microstrip section, introduce a high-quality 

bandpass filter through the SSS combline structure and to introduce a new method of 

generating the transmission zeros rather than the conventional cross-coupling 

method. 

3- To develop a tunable combined bandpass filter of high-quality response and flexible 

transmission zeros allocating. 

4- To develop a new cascaded bandpass filter of high selectivity. 

5- To study the visibility of tuning the designed cascaded bandpass filter. 

 

1.5 Organization of the thesis 

This project is divided into sex chapters: 

1- Chapter 2: This chapter presents a detailed overview of the suspended-

substrate stripline structure (SSS), including analysis and synthesis equations of the 

suspended stripline, broadside coupled SSS and edge-coupled SSS. It also includes 

a theoretical analysis of the effect of the enclosure grooves on the characteristic 

impedance for different enclosure heights and substrate thicknesses. The study was 
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completed using full electromagnetic (EM) simulation software, namely SONNET ® 

[36]. 

2- Chapter 3: This chapter is divided into two parts. The first section addresses 

in detail the full design procedures for the generalised Chebyshev low-pass filter using 

a (SSS) structure. A circuit model and complete analysis and synthesis equations for 

the proposed filter are presented. A detailed design example with distributed circuit 

realisation and full-wave simulation are also offered. Finally, the measured 

implemented filter is shown with an excellent agreement between the measurements 

and simulated results. 

The second phase of this chapter focuses on the tuning technique for the 

proposed filter. Firstly, the filter was mechanically tuned and simulated using full EM 

simulation software, and the simulated results are given. Next, a suggested geometric 

diagram for the structure of the tuning screws is presented. Finally, the measurements 

of the fabricated and mechanically tuned lowpass filter were carried out, and are also 

discussed. 

3- Chapter 4: introduces a novel structure of a combined bandpass filter. it is 

divided into seven sections, first one is an introduction followed by the second section 

which presents the design methodology of the proposed filter including circuit model, 

the simulated result of the circuit model is provided. Third section introduces the 

extraction method of the external quality factor and mutual couplings. Fourth section 

presents a numerical example including Full-wave EM simulation and the measured 

of the implemented filter. 

4- Chapter 5: in this chapter a tunable cascaded bandpass filter has been 

presented in three sections, the first one is for introduction. The second section is 

customized to explain the designing procedures of the fixed frequency cascaded 

bandpass filter including a detailed explanation of the design process of its constituent 

filters, those filters are generalised Chebyshev lowpass filter and step impedance 

resonator highpass filters. The third section is for presenting the tuning process of the 

filter with different simulated and measured responses. 

 5- Chapter 6: presents the conclusion of the thesis and future work. 
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Chapter 2 

 Suspended Substrate Stripline Filters 

 

2.1 Introduction to RF/Microwave Filters topologies 

RF/Microwave filter design utilizes several technological methods which are able 

to design a resonator due to the fact that these filters are predominantly implemented on 

the basis of the coupled resonators. These methods have several advantages such as 

light weight and small size and low power consumption. On the other hand, their 

disadvantages are related to many factors, for instance, the high sensitivity to external 

boundaries and low power handling, depending on the circuit elements and the structure 

of the filter. 

The Lumped Elements Filters topology is the simplest form of filters because it depends 

on a parallel combination of inductors and capacitors known as an LC tank resonator 

circuit. These are mainly used in low frequencies applications. The main disadvantage of 

such filters is their high loss, which can lead to weak performance because of the 

resonators’ low quality, and their frequency band limitations, not to mention their low 

immunity to internal, external, thermal and electromagnetic noises. However, Lumped 

Elements Filters have several advantages including their compact size, wide tuning 

bandwidth and low cost. 

Alternatively, Planar Filters, also known as distributed element filters, are considered 

the mainstay of the new RF/Microwave filters. They are based on the planar 

transmission line on a dielectric substrate with a ground plane [37] [38]. Several 

structures have been investigated to create planar filters, including Microstrip, 

Coplanar Waveguide (CPW), Stripline and Suspended Substrate stripline (SSS) filters 

[39] [38]. Furthermore, numerous topologies have been created to obtain different 

responses from planar filters including Combline bandpass filters, Quasi- lumped 

Elements low-pass filters, interdigital bandpass filters, Hairpin Line Bandpass Filters 

[40] and various types of planar filters. As with the lumped elements filters, the planar 

filters’ power handling capacity is low. However, in contrast to the lumped elements 

technology, planar filters’ performance is generally better due to their relatively high-

quality factor, low power consumption and wide frequency band.  



 

15 
 

Several factors may affect planar filters’ performance, including manufacturing 

technique and dielectric substrate. It has been found, for example, that the Suspended 

Substrate stripline filters’ quality factor is much higher than that of the Microstrip filters 

[41]. However, the dielectric substrate’s high dielectric loss tangent is a significant 

factor, causing high power loss. Similarly, the resistivity of transmission lines plays a 

key role in the filter’s performance [38]. 

Coaxial filters are another RF/Microwave filter technology. These kinds of non-

dispersive, transverse electromagnetic (TEM) modes’ filters are generally used in 

high- performance applications, because the coaxial transmission line’s quality factor 

is higher than that of the planar transmission lines. Their structures can be described 

in two ways: as wave guidance since there are two concentric conductors with a 

guided wave between them, or as a transmission line when the conductors’ currents 

and their nested voltage are highlighted [38].  

Waveguide filters are another type of bulky filter structure. They’re designed with a 

rectangular or circular metal cavity to confine and direct the signal to a specific path 

and couple the resonators to pass the required frequency band while rejecting others. 

In contrast to the planar filters, they’re generally used for higher-frequency bands 

since they can handle high power with considerable low return and insertion losses. 

However, the cost of producing them and their bulky body are major disadvantages 

for these filters’ technology. Additionally, planar technology can also be used to design 

coaxial and waveguide filters [42] and [43].  

There are other technologies, such as Cavity, Dielectric and Electroacoustic filters. 

These filters’ methods have high quality factors and reasonable selectivity. Acoustic 

and cavity filters have the advantage of a small size, but the size of the dielectric filters 

can also be minimised by increasing their dielectric constant. Lay’s study of the phase 

and group delay of S-band reveals that cavity filters have the further advantage of 

significant selectivity even under high power loads [44]. Figure 2 depicts some 

common types of filters. 
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 (a)  (b) 

 

 

 

 

   

(c)       (d)                                    

 

 

 

       (e) 

 

Figure 2.1 Common types of filter structures (a) Microstrip (b) Stripline (c) Coplanar (d) Coaxial (e) 
Waveguide  [45] 
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Bearing in mind the previous brief presentation of microwave topologies, it was 

essential to develop a new way of designing such filters which combined the different 

topologies’ distinctive features.  

The Suspended Substrate Stripline (SSS) is one of the transmission lines that has 

been developed, and it’s used in the modern filter design. This type of transmission 

line has several advantages such as large tolerance of fabrication, lower attenuation 

[46] and the immunity against the external influences. These advantages make SSS 

an excellent choice for researchers and developers of microwave filters, leading to 

several methods and mathematical formulae for the design and manufacture of the 

suspended substrate stripline (SSS). 

 

2.2 Suspended Substrate Stripline transmission lines analysis 

2.2.1 Introduction 

The importance of microwave technology has grown, and it became one of the 

major applications in modern electronic and communications engineering. 

The high demand for this technology made it more important to study the transmission 

medium for transporting the wave between clients to ensure a rapid, efficient 

exchange of information. To achieve this aim, many microwave transmission media 

have been studied and analysed to address various aspects which may affect their 

performance. 

Many types of printed transmission lines have been developed and applied in different 

microwave systems. The structures of the most commonly printed transmission lines 

and their related modifications are shown in Figure 2.2. These transmission lines have 

different standards of performance and manufacturing, as described in Table 2.1. 

A suspended substrate stripline transmission line is an important transmission 

medium which has many benefits such as low transmission loss, as well as the larger 

fabrication tolerance compared with the microstrip line. Many formulae have been 

developed to calculate the transmission line parameters. Some of these approaches 

are very complicated and need sophisticated mathematical derivation, for instance 

[47] and [48], whereas others are suitable for the suspended microstrip line in which 

the enclosure remains open, meaning there is no cover or side walls, as in [49]. Given 

this persistent need to develop new approximations for such lines, several 
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mathematical approaches appropriate for the SSS have been presented, for example 

in [50], and [46]. In this section, a detailed numerical analysis of the SSS transmission 

line is presented. It includes the mathematical formulae for the characteristic 

impedance, effective dielectric constant and coupled lines’ parameters. 

 

 

 
Figure 2.2 The common printed transmission lines and their modifications [51] 
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Table 2.1 Comparison of transmission lines’ characteristics [51]. 

Transmission 

line 

 

Q-factor 

 

Radiation 

 

Dispersion 

Impedance 

range 

Clip 

mounting 

Microstrip 

(dialectic) 

(GaAs, Si) 

 

 

 

250 

 

Low 

High 

 

 

Low 

 

20 to 20 

Difficult for 

shunt, 

easy for 

series 

 

Stripline 

 

 

400 

 

Low 

 

 

None 

 

35 to 250 

 

Poor 

 

Suspended Stripline 

 

 

500 

 

Low 

 

None 

 

40 to 150 

 

Fair 

 

Slotline 

 

 

100 

 

Medium 

 

High 

 

60 to 200 

Easy for 

shunt, 

difficult for 

series 

 

Coplanar 

Waveguide 

 

 

150 

 

Medium 

 

 

Low 

 

20 to 250 

Easy 

 for series 

and shunt 

 

Finline 

 

 

500 

 

None 

 

Low 

 

10 to 400 

 

Fair 

 

2.2.2 Structure of the Suspended Substrate stripline filters  

Suspended substrate stripline (SSS) is a structure in which a transmission line 

is etched out of a dielectric substrate and the whole structure is suspended inside a 

metallic box so the circuit exists between two air layers, as shown below in Figure 2.3. 

The SSS has many advantages, including lower passband loss, a high quality factor, 

lower spurious radiation, more temperature stability and lower manufacturing 

tolerance [52].  
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Figure 2.3 Suspended Substrate Strapline [53]. 
. 

According to this structure, a few of the electric and magnetic fields extend to 

the dielectric substrate, whereas the majority encounter the surrounding air. This 

feature in addition to the used thin substrate of a small dielectric constant, will lead to 

a low passband loss [52] and a high unloaded quality factor that is almost equal to an 

air dielectric substrate stripline [54]. Moreover, the existence of the circuit in a closed 

conductive housing forms a TEM propagation mode and low dispersion [52]. However, 

both TE and TM modes can be excited in the box structure[55]. Furthermore, it has 

been revealed that this structure makes the SSS less dependent on the temperature 

variation of the dielectric substrate [56] compared with microstrip and stripline 

structures. This decrease occurred because the design’s resonant sections are 

suspended and surrounded by air, which mitigates the effect of temperature variance. 

As well as the aforementioned advantages, the SSS has less sensitivity to 

manufacturing's tolerance due to relatively large elements sizes compared to 

conventional structures of microwave filters such as microstrip and stripline. 

Crucially, the mechanical design of the metallic box has a significant effect on the 

circuit’s performance, for example, spurious TE and TM modes excited in the box can 

affect the filters stopband performance negatively. It has been found that the side walls 

of the enclosure and the grooves which are used to support the substrate 

mechanically as shown in Figure 2.3, affect characteristic impedance and the 
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wavelength’s reduction factor to some extent. According to [53], the authors carried 

out a numerical analysis of a transmission line with sidewall groves and a TEM mode 

approximation. They found that the characteristic impedance (𝑍𝑜) and the wavelength 

reduction factor (𝜆 𝜆𝑜
⁄ ) are increased rapidly as the depth of the grooves increased to 

a certain depth, afterwards, they become steady without change. They also found that 

this steadiness was because the groove’s effect is significant at small ranges of their 

depth d. Furthermore, they stated that these effects could be avoided by minimising 

the height of the sidewalls. To prove the effect of the enclosure grooves on the 

characteristic impedance of the transmission line, a single SSS transmission line was 

simulated. The testing enclosure had a height of 13mm, while the length and width 

were 100mm and 30mm, respectively. The experiment was performed at different 

frequencies for different groove’s depth and enclosure’s height of equals 13mm. Two 

substrates were used for this experiment, both of them were Roger’s substrate 3003 

[57], see Appendix A, with a dielectric constant of 3, but with different thickness of 

0.5mm and 3mm. The simulated result is for d/b against characteristic impedance, 

where d is the groove depth and b is the internal height of the enclosure. Figure 2.4 

(a) and (b), shows that the variation in characteristic impedance is more obvious for 

the substrate of 0.5mm thickness, this oscillation could be decreased by increasing 

either the groove’s depth or thickness of the dielectric substrate or both of them at the 

same height of the enclosure. 

  

 

 (a)         (b) 

Figure 2.4 Effect of the enclosure grooves on characteristic impedance for different substrate 
thicknesses and constant height for the enclosure (a) 13mm, 0.5 mm (b) 13mm, 3mm 
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However, the enclosure's height increase would decrease significantly the variation of 

the characteristic impedance regardless of the depth of the groove or the substrate 

thickness as shown in Figure 2.5 (a) and (b). Here, the same substrates have been 

used with an enclosure has a height of 20mm, 

 

  

(a)      (b) 

Figure 2.5 Effect of the enclosure grooves on the characteristic impedance for different enclosure 
heights and substrate thicknesses (a) 20mm, 0.5mm (c) 20mm, 3mm. 

 

According to the previous study, it is believed that deep change of the 

characteristic impedance which is shown in figure 2.4 (a) was due to introducing of a 

new TE10 wave guide that it can be revealed that the characteristic impedance can 

be controlled by choosing the right enclosure height and a suitable substrate 

thickness. 
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2.2.2 Derivation of the SSS characteristic impedance and effective 

dielectric constant  

Suspension of the transmission line significantly affects both the characteristic 

impedance and the relative dielectric constant. The air layers above and below the 

dielectric substrate reduce the effective dielectric constant, resulting in a wider strip 

conductor. Knowing that the concept of the effective dielectric constant can be 

described physically as the mean field in a randomly inhomogeneous medium [58]. In 

other words, the effective dielectric constant is defined as  the squared ratio between 

the squared speed of light to the phase velocity of the travelling wave in a certain 

dielectric substrate [39]. In [46], the characteristic impedance of the suspended 

transmission line presented in Figure1 is analysed, and can be expressed 

mathematically as: 

 𝑧 =
𝑧0

√ℰ𝑒
⁄  2.1  

 

Where, Z0 and ℰe are the characteristic impedance and the effective dielectric constant 

of the SSL, which is placed in an air-filled enclosure with identical dimensions. It has 

been clarified that the modified expressions are valid within the following condition, 

1≤ 
𝑎

𝑏
 ≤ 2.5, 1˂ ℰ𝑟˂ 4, 0.1 ˂ 

ℎ2

𝑏
 ˂ 0.5. 

The effective dielectric constant ℰ𝑒 of SSL has also been analysed, and can be 

expressed as follows: 

 

√𝜀𝑒 = [1 + ((𝐸 − 𝐹) ∗ ln (
𝑤

𝑏
) ∗ ln (

1

√𝜀𝑟

))]

−1

 2.2  

 

According to [46], the variable parameters E and F have two cases, the first case is 

for 1 ˂ w ˂ 𝑎 2⁄ , Thus:  

 
E =  0.2077 + 1.2177 ∗  (

ℎ2

𝑏
) −  0.08364 ∗  (

𝑎

𝑏
) 2.3  

    

 
F =  0.03451 −  0.1031 ∗  (

ℎ2

𝑏
) –  0.01742 (

𝑎

𝑏
) 2.4  

 

The second case is for 𝑎 2 ⁄ ˂ w ˂ a, thus: 
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E =  0.4640 + 0.9647 ∗  (

ℎ2

𝑏
) −  0.2063 ∗  (

𝑎

𝑏
) 2.5  

 

 
F =  0.03451 −  0.1031 ∗  (

ℎ2

𝑏
) –  0.02411 (

𝑎

𝑏
) 2.6  

The second part of this mathematical analysis resolves the characteristic impedance 

of the suggested transmission line. The authors [46] assumed two conditions defining 

the limits of this analysis. The first condition is for 0 ˂ w ˂𝑎 2⁄ , hence: 

 

𝑍0 =  
𝜂𝑂

2𝜋
 [(𝑣 + 𝑅) ∗ 𝑙𝑛 (

6

𝑤 𝑏⁄
+  √1 +

4

(𝑤 𝑏⁄ )2
)] 2.7  

where: 

 𝜂0 =  120π 2.8  

 
V =  −1.7866 –  0.2035 

ℎ2

𝑏
 +  0.4750 

𝑎

𝑏
 2.9  

 
R =  1.0835 +  0.1007 

ℎ2

𝑏
 +  0.09457 

𝑎

𝑏
 2.10  

The second condition is for 𝑎 2⁄  ˂ w ˂ a, then: 

 
𝑧0 = 𝜂𝑂 {(𝑣 + 𝑅) [

𝑤

𝑏
+ 1.3930 + 0.6670 ∗ ln (

𝑤

𝑏
+ 1.444)

 
]

−1

} 2.11  

where:  

 
V =  −0.6301–  0.07082 

h2

b
 +  0.2470 

a

b
 2.12  

 
R =  1.9492 +  0.1553 

ℎ2

𝑏
 +  0.5123 

𝑎

𝑏
 2.13  

 

This method is accurate within a margin of error of ±2% for 0 ˂ w ˂ 𝑎 2⁄  and ±3% for 

𝑎 2⁄  ˂ w ˂ a. Given that use of the mathematical analysis above is limited to particular 

dimensions, as explained, it can only be considered as an initial starting point for those 

designs which have dimensions outside the ranges mentioned, and it needs to be 

followed by an optimisation process using full-wave electromagnetic simulation 

software (EM) to obtain the required response. To verify the need for further 

optimisation by using EM full-wave simulations, the characteristic impedance of a SSS 

structure has been calculated by using the offered closed form equations and 

simulated for different transmission line width. The dimensions of the metal box and 

the dielectric substrate were chosen carefully to meet the limitations of equations, 
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therefor, the box dimensions were as follows: b=10mm, and a=10mm, While the width 

of the transmission line is being changed from w=4 to 5 mm on a step of 0.1 mm and 

the dielectric constant of the substrate 𝜀𝑟=3 and thickness (h)=0.5 mm. The results 

are shown on Figure 2.6. 

 

Figure 2.6 The calculated and simulated characteristic impedance of a SSS transmission line 

 

 It is obvious that the difference between the simulated and calculated results is about 

10%, this difference could be due to the excluding o the parasitic effect, loss tangent 

of the substrate and the conductor loss which are included in the simulated result. 

Those excluded parameters could play a key role in increasing of unwanted 

susceptance and reactance to the transmission line which might be the reason of the 

calculated difference [39]. However, the closed form equations could form a good 

approach to start any design especially at the absence of the expensive simulation 

software. 

 

2.2.3 Characteristic impedance of the broadside-coupled SSS 

In the previous section, the effect of the electrical circuit suspension on the 

characteristic impedance of the transmission line was discussed and framed in 

specific equations to calculate the suspended line’s characteristic impedance. 

This section highlights the effects of shielding on the suspended coupled lines. 

Coupling structure is an essential way of building microwave circuits, and is used 

extensively to implement microwave structures. There are different approaches for 
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different coupling structures. In [46], Shu et al. developed a numerical method for 

calculating the characteristic impedance of the broadside-coupled transmission lines, 

as shown in Figure 2.7: 

 

 

Figure 2.7 A cross-sectional view of a broadside-coupled SSSL [46] 

 

The coupled-line structures are defined by two main factors: coupling coefficient (k) 

and characteristic impedance (Z0). These parameters are calculated by applying the 

following formulae [46]: 

 
𝐾 =

𝑍𝑜𝑒 − 𝑍𝑜𝑜

𝑍𝑜𝑒 + 𝑍𝑜𝑜
 2.14  

 

 𝑍𝑜 = √𝑍𝑜𝑒𝑍𝑜𝑜 2.15  

 

where Zoo and Zoe are the odd and even modes characteristic impedances, 

respectively. The first step in finding those factors is addressing their odd and even 

mode impedances. From (1), the odd mode impedance (Zoo) can be expressed as 

[46]: 

 
Zoo =  

𝑍00
0

√ℰ00
⁄  2.16  

 

where: 
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𝟏

√𝓔𝒐𝒐

= 1 + 0.5 (𝐻 − 𝑃 ln (
𝑤

𝑏
+ √(

𝑤

𝑏
)

2

+ 1) (ln
1

√𝜀𝑟

+
1

√ℰ𝑟

− 1)) 2.17  

 

 and: 

 
𝐻 = 0.7210 − 0.3568

ℎ

𝑏
+ 0.02132

𝑎

𝑏
 2.18  

 

 
𝑃 = −0.3035 + 0.3743

ℎ

𝑏
+ 0.07274

𝑎

𝑏
 2.19  

 

On the other hand: 

 

𝑍𝑜𝑜
𝑜 =

𝜂𝑜

2
[𝑆 + 𝑇 𝑙𝑛 (

0.2
𝑤

𝑏⁄
+ √1 +

0.23

(𝑤
𝑏⁄ )2

)] 2.20  

 

where: 

 
𝑆 = −0.1073 + 1.67080

ℎ

𝑏
+ 0.007484

𝑎

𝑏
 2.21  

 

 
𝑇 = 0.4768 + 2.1295

ℎ

𝑏
− 0.01278

𝑎

𝑏
 2.22  

 

In the case of the even mode characteristic impedance: 

 
Zoe =  

𝑍𝑜𝑒
0

√ℰ𝑜𝑒
⁄  2.23  

 

Similarly, the even-mode dielectric constant has been expressed in [46] as: 

 1

√ℰ𝑜𝑒

= 1 + (𝐻 − 𝑃 ln
𝑤

𝑏
) ∗ ln

1

√𝜀𝑟

 2.24  

 

So: 

 
𝐻 = 0.2245 + 0.7192

ℎ

𝑏
+ 0.1022

𝑎

𝑏
 2.25  

 

 
𝑃 = 0.001356 + 0.06590

ℎ

𝑏
+ 0.01951

𝑎

𝑏
 2.26  
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Next, the formula for the identical even-mode characteristic impedance is considered 

as follows: 

 

𝑍𝑜𝑒
𝑜 =

𝜂𝑜

2𝜋
[𝑆 + 𝑇 𝑙𝑛 (

12
𝑤

𝑏⁄
+ √1 +

16

(𝑤
𝑏⁄ )2

)] 2.27  

where: 

 
𝑆 = −2.6528 + 0.9452

ℎ

𝑏
+ 0.4531

𝑎

𝑏
 2.28  

 

 
𝑇 = 1.4793 − 1.1903

ℎ

𝑏
− 0.04511

𝑎

𝑏
 2.29  

 

A comparison experiment in terms of the characteristic impedance has been 

established to justify the accuracy of theses equations, this study used the offered 

closed form equations and a simulation software. The dimensions of the metal box 

and the dielectric substrate were chosen carefully to meet the limitations of equations, 

therefor, the box dimensions were as follows: b=10mm, and a=10mm while the widths 

of the coupled transmission lines w=4 mm and the dielectric constant of the substrate 

𝜀𝑟=3 and thickness (h)=0.5 mm. The result of the experiment is depicted in figure 2.8. 

the difference between the experiment’s outcomes could be due to not being used the 

parasitic capacitance, the loss tangent and the loss of the conductor in the closed form 

equation. 

 

Figure 2.8 The calculated and simulated characteristic impedance of the SSS broad-side coupled 
transmission lines. 
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2.2.4 Characteristic impedance of the edge-coupled SSS 

Edge or parallel coupled lines have a different structure to coupled transmission 

lines in that their internal edges are coupled, as shown in Figure 2.9. As with the 

broadside coupling, this coupling structure supports two full-TEM coupling modes, i.e. 

the odd and even coupling ones. For the odd mode excitation, the coupled conductors 

carry opposite sign charges or so-called negative and positive charges, leading to the 

formation of an electric wall between the coupled conductors, as shown in Figure 2.10. 

 

 

Figure 2.9 A cross-sectional view of an edge coupled SSSL [59] 

 

 

 

Figure 2.10 Odd mode excitation and edge-coupled SSS 

 
 

In contrast, in the even mode excitation, both conductors carry the same charge 

whether positive or negative, which in turn leads to the formation of a magnetic wall 

between the coupled conductors [40], as shown in Figure 2.11. 
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Figure 2.11 Even mode excitation and edge-coupled SSS 
 

Several analytical techniques are applied to investigate the characteristic 

impedance of the suspended substrate stripline edge-coupled transmission lines, 

such as those described in [60]–[62]. According to [59], the most commonly used 

approach is the spectral domain technique, however, as mentioned, the problem of 

this method lies in the complexity of its mathematical procedures, as well as the 

difficulty of selecting the basis function. Therefore, a new method called the method 

of lines is proposed. This is based on a closed-form equation to analyse and 

synthesise the coupled lines’ characteristic impedance. The authors stated in [59] that 

the proposed technique’s analytical accuracy is about 3.5%, while it is the equivalent 

of around 5% for synthesis. However, this technique can be a first step in finding the 

odd and even characteristic impedances of the coupled lines, after which an 

optimisation technique can be used to obtain the optimal values. This approach is 

divided into two phases, the first of which involves addressing the equations for 

obtaining the effective dielectric constant, while the second phase involves calculating 

the characteristic impedance of both excitation modes.    

In the odd mode, the effective dielectric constant equation can be expressed as 

follows: 

 

 1

√ℰ𝑟𝑜

= 1 − 𝐸 (𝑙𝑛
𝑠

𝑎
− 𝐹) ∗ (𝑙𝑛

𝑤

𝑎
− 𝐺) ∗ 𝑙𝑛 ℰ𝑟 ∗ ℰ𝑟

0.03 2.30  

 

where: 

 

 
𝑠 = 10−4 {7.7291 [

𝑏

𝑎
+ 6.9924 ∗ (9.5 ∗ (

ℎ

𝑎
)

2

− 1)] ∗ [ln
ℎ

𝑎
+ 2.1657]

+ 561.62 ∗ (
ℎ

𝑎
)

2

− 6.7772 ∗ (
ℎ

𝑎
)} 

2.31  



 

31 
 

 

 
𝐹 = 60.4762 [(

𝑏

𝑎
− 6 ∗

ℎ

𝑎
)

2

∗ (1 + 2
ℎ

𝑎
) − 1.6012 ∗ (1 − 8 ∗ (

ℎ

𝑎
)

2

)]

∗ (𝑒
ℎ
𝑎 − 1.04684) + 1721.61 ∗ (

ℎ

𝑎
)

2

+ 19.027 ∗ (
ℎ

𝑎
) 

2.32  

 

 
𝐺 = 0.05154 ∗ [− (

𝑏

𝑎
− 0.8)

2

+ 0.3653 ∗ (1 − 8 ∗ (
ℎ

𝑎
)

2

)]

∗ [𝑒
ℎ
𝑎 + 54.554] + 9551.53 ∗ (

ℎ

𝑎
)

3

+ 34.76 ∗ (
ℎ

𝑎
) 

2.33  

 

It is shown in [59] that the accuracy of the odd effective dielectric approximation falls 

within an margin of error of about 2%. Moreover, the general formula of the even 

effective dielectric constant is presented as:  

 
1

√ℰ𝑟𝑒

= 1 − (𝐷
𝑠

𝑎
+ 𝐻 ∗ 𝑙𝑛 (

𝑤

𝑎
) + 𝑅) ∗ ln(𝜀𝑟) ∗ 𝜀𝑟

0.06 ∗ (
ℰ𝑟

2.8
)

(
𝑏
𝑎

−0.4) 3⁄

 2.34  

 

where:  

 
𝐷 = 𝐾11 (

ℎ

𝑎
)

3

+ 𝐾12 (
ℎ

𝑎
)

2

+ 𝐾13 (
ℎ

𝑎
) + 𝐾14 

 

2.35  

 

 
𝐾11 = −28794 (

𝑏

𝑎
)

2

+ 29.958 (
𝑏

𝑎
) + 52.861 

 

2.36  

 

 
𝐾12 = 0.92658 (

𝑏

𝑎
)

2

+ 2.2713 (
𝑏

𝑎
) − 20.653 2.37  

 

 
𝐾13 = −1.5075 (

𝑏

𝑎
)

2

+ 1.8914 (
𝑏

𝑎
) + 75778 2.38  

 

 
𝐾14 = −0.25477 (

𝑏

𝑎
)

3

+ 0.60480 (
𝑏

𝑎
)

2

− 0.48538 (
𝑏

𝑎
)

+ 0.16713 
 

2.39  

 



 

32 
 

 
𝐻 = 𝐾21 ( 

ℎ

𝑎
 )

3

+ 𝐾22 (
ℎ

𝑎
)

2

+ 𝐾23 (
ℎ

𝑎
) + 𝐾24 

 

2.40  

 

 
𝐾21 = −11.459 (

𝑏

𝑎
)

2

+ 18.744 (
𝑏

𝑎
) − 17.109 

 

2.41  

 

 
𝐾22 = 7.4499 (

𝑏

𝑎
)

2

− 11.927 (
𝑏

𝑎
) + 74606 

 

2.42  

 

 
𝐾23 = −0.33432 (

𝑏

𝑎
)

2

+ 0.552 (
𝑏

𝑎
) − 37.211 

 

2.43  

 

 
𝐾24 = 0.014317 (

𝑏

𝑎
)

2

+ 0.030418 (
𝑏

𝑎
)

2

− 0.0314 

 

2.44  

 

 
𝑅 = 𝐾31 (

ℎ

𝑎
)

2

+ 𝐾32 (
ℎ

𝑎
) + 𝐾33 2.45  

 

 

 
𝐾31 = −48.729 (

𝑏

𝑎
)

2

+ 115.45 (
𝑏

𝑎
) − 92.939 (

𝑏

𝑎
)

+ 22.5953 

 

2.46  

 

 
K32 = 1.4237 ∗ ln (

𝑏

𝑎
+ 3.2411) − 11.927 (

b

a
)

+ 74606 

 

2.47  

 

 
K33 = 0.014478 ∗ ln (

𝑏

𝑎
+ 0.23568) − 0.024308 

 
2.48  

 

It is clarified in [59] that the accuracy of the presented even dielectric constant analysis 

falls within a margin of error of around 2.5%. Similarly, odd and even characteristic 

impedance has been analysed using the same technique, namely the line method. 
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However, it is expected that both even and odd modes of the effective dielectric 

constants of broadside and parallel coupled lines are equal, because the dominant 

media is air in the presence of a very thin substrate. 

The odd and even characteristic impedances of the edge-coupled transmission lines 

𝑍𝑜𝑜 , 𝑍𝑜𝑒 are introduced as follows [59]: 

 𝑍𝑜𝑜 =
𝑍𝑜

√ℰ𝑟𝑜
⁄  2.49  

 

 𝑍𝑜𝑒 =
𝑍𝑒

√ℰ𝑟𝑒
⁄  2.50  

 

By assuming ℰ𝑟𝑜 = ℰ𝑟𝑒=1, It can be seen from the above equation that both odd and 

even characteristic impedances of the SSS are equal to those of the excitation modes. 

The odd mode characteristic impedance 𝑍𝑜 is written as [59]: 

 
𝑍𝑜 = 60𝜋2 𝑙𝑛 (2 ∗

1 + √𝐾1
′

1 − √𝐾1
′
)⁄  2.51  

 

where: 

 
𝐾1

′ = √1 − 𝐾1
2 2.52  

 

Also:  

  𝐾1 =
𝜑1

′

𝜑2
′  

 
2.53   

 

where: 

 
𝜑1

′ = 𝑄1 ∗ 𝑡𝑎𝑛−1 (
2𝑤 + 𝑠

𝑏
∗ 𝑄2) + 𝑄3 2.54  

 

 𝜑2
′ = 𝑄1 ∗ 𝑡𝑎𝑛−1 (

𝑠

𝑏
∗ 𝑄2) + 𝑄3 2.55  

 

 𝑄1 = 0.0361168 ∗ 𝑒𝑥𝑝(5.12𝑘) + 1.4404 

𝑄2 = 0.0316177 ∗ 𝑒𝑥𝑝(3.947𝑘) + 1.07319 

𝑄3 = 0.15988𝐾3 − 0.0895𝐾2 + 0.02535𝐾
+ 0.002311 

 

2.56  
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𝐾 = √1 − (
𝑒𝜋𝑎 𝑏⁄ − 2

𝑒𝜋𝑎 𝑏⁄ + 2
)

4

 

 

2.57  

 

The accuracy of the odd characteristic impedance falls within a  margin of error of 

around  3% [59]. 

Meanwhile, the even characteristic impedance is expressed mathematically as [59]: 

 𝑍𝑒 = 60𝜋2

𝑙𝑛 (2 ∗
1 + √𝐾2

′

1 − √𝐾2
′
)

⁄
 

2.58  

where: 

                                 𝐾2
′ = √1 − 𝐾2

′ 

 

𝐾2 = √
1 + 𝑡𝑔

2 ∗ 𝜑2
′

1 − 𝑡𝑔
2 ∗ 𝜑1

′  

 

2.59  

Knowing that,  𝜑1
′  and 𝜑2

′  are equivalent to those in equations (31a) and (31b). 

The next phase of this approach is to address the equations for synthesis. These aim 

to find the ratio between the physical width of the stripline and the metallic enclosure, 

making it easier to determine the stripline’s dimensions. A formulation for this ratio is 

developed in [59] as: 

 𝑤

𝑎
= 𝑒𝑥𝑝 (

𝑡2 + √𝑡2
2 − 4𝑡1 ∗ 𝑡2

2𝑡1
) 2.60  

 

where: 

 
𝑡1 = 𝐻𝐵1(

ℰ𝑟

2.8
)

𝑏
𝑎⁄ −0.4

3 /ℰ0.02 

 

𝑡2 = 𝐵1 + 𝑝1 ∗ 𝐸 (𝑙𝑛
𝑠

𝑎
− 𝐹) − (𝐵1 (𝐷

𝑠

𝑎
+ 𝑅)

+ 𝐻𝐵2(
ℰ𝑟

2.8
)

𝑏
𝑎⁄ −0.4

3 /ℰ0.02 

 

𝑡2 = 𝐵1 + 𝑝1 ∗ 𝐸 (𝑙𝑛
𝑠

𝑎
− 𝐹) − (𝐵1 (𝐷

𝑠

𝑎
+ 𝑅)

+ 𝐻𝐵2(
ℰ𝑟

2.8
)

𝑏
𝑎⁄ −0.4

3 /ℰ0.02 

 

2.61  
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 𝐵1 = 𝑑1(
𝑠

𝑎
)4 + 𝑑2(

𝑠

𝑎
)3 + 𝑑3(

𝑠

𝑎
)2 + 𝑑4(

𝑠

𝑎
)3 + 𝑑5 2.62  

 

 
𝑑1 = 49228.93(

𝑏

𝑎
)3 − 86515.93(

𝑏

𝑎
)2 + 50484.33 (

𝑏

𝑎
) − 9992.325 

𝑑2 = −29055.1 (
𝑏

𝑎
)

3

+ 51037.57 (
𝑏

𝑎
)

2

− 29730.67 (
𝑏

𝑎
) + 5949.112 

𝑑3 = 5949.73(
𝑏

𝑎
)3 − 10436.34 (

𝑏

𝑎
)

2

+ 6087.17 (
𝑏

𝑎
) − 1236.955 

𝑑4 = −489.14 (
𝑏

𝑎
)

3

+ 849.65 (
𝑏

𝑎
)

2

− 495.616 (
𝑏

𝑎
) + 104.9031 

𝑑5 = 11.9172(
𝑏

𝑎
)3 − 20.3952 (

𝑏

𝑎
)

2

+ 11.8292 (
𝑏

𝑎
) − 2.8858 

 

2.63  

 

 𝐵2 = 𝑚1 + 𝑙𝑛 (
𝑠

𝑎
+ 𝑚2) + 𝑚3     

𝑚1 = 16.132(
𝑏

𝑎
)3 − 27.578 (

𝑏

𝑎
)

2

+ 14.6088 (
𝑏

𝑎
) − 2.74812 

𝑚2 = −15.443 (
𝑏

𝑎
)

3

+ 27.658 (
𝑏

𝑎
)

2

− 16.409 (
𝑏

𝑎
) + 3.2731 

𝑚3 = 12.9051(
𝑏

𝑎
)3 − 20.6769 (

𝑏

𝑎
)

2

+ 10.0935 (
𝑏

𝑎
) − 0.6533 

 

2.64  

 

Knowing that p is equal to: 

 
𝑝 =

𝑍𝑜𝑒 − 𝑍𝑜𝑜

𝑍𝑜𝑒 + 𝑍𝑜𝑜
 2.65  

 

And:  

          𝑝1 =
𝑍𝑜𝑒

𝑍𝑜𝑜
⁄  

 
2.66  

 

Despite the limited conditions in which this approach can be used, it is considered a 

starting point for further optimisation to obtain the required dimensions of the edge-

coupled SSS transmission lines. These limitations are addressed as follows:  

2.22 ≦ ℰ𝑟 ≦ 3.8, 0.05 ≦ 
𝑤

𝑎
 ≦ 0.2, 0.054 ≦ 

𝑠

𝑎
 ≦ 0.26, 0.4 ≦ 

𝑏

𝑎
 ≦ 0.85 and 0.04 ≦ 

ℎ

𝑎
 ≦ 0.12 
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Figure 2.12 the calculated and simulated characteristic impedance of the SSS edge-coupled 
transmission lines. 

 

A comparison experiment in terms of the characteristic impedance has been 

established to justify the accuracy of theses equations, this study used the offered 

closed form equations and a simulation software. The dimensions of the metal box 

and the dielectric substrate were chosen carefully to meet the limitations of equations, 

therefor, the box dimensions were as follows: b=10mm, and a=10mm while the widths 

of the coupled transmission lines w=1.5 mm and the dielectric constant of the 

substrate 𝜀𝑟=3 and thickness (h)=0.5 mm. The result of the experiment is depicted in 

Figure 2.12. The difference between the experiment’s outcomes could be due to not 

being used the parasitic capacitance, the loss tangent and the loss of the conductor 

in the closed form equation. 

 

2.3 Conclusion 

 In this chapter the suspended substrate stripline has been highlighted briefly 

where some of the topics related to the subject of the research were discussed. A 

comparison table between different topologies has been presented, the effect of the 

graves on the characteristic impedance has been investigated and the mathematical 

derivation of the different SS coupling structures has been introduced. Although these 

mathematical equations are associated with some application limitations, yet they 

provide very good approximation approaches. These approaches are then followed 

by multiple optimization procedures to achieve the optimal response.   
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Chapter 3 

 Mechanically Tuned Suspended Substrate 

Stripline Lowpass Filter 

 

3.1 Introduction 

Lowpass filters play a significant role in the wireless communication systems. 

They are commonly placed between the base stations and transceiver to uproot 

undesired harmonics and spurious signals that are produced in the RF nonlinear 

mixing subsystems [2]. Recently, due to the high demand of the tunable devices 

because of the growing consumption of the frequency band, the importance of the 

lowpass filter extended further to become a key factor of developing the RF 

Reconfigurable devices. Tunable low pass filters present a wide tuning range in some 

tuning techniques and progressing suppression capabilities in their stopband. 

Furthermore, lowpass filter could be cascaded with other structures such as highpass 

or bandstop filter leading to a sophisticated bandpass or bandstop filters which have 

attractive characteristic in terms of centre frequency and bandwidth tuning. There are 

few works concerning the tuning of the lowpass filter have been published [63]–[68]. 

However, they fabricated as microstrip filters and utilized the electronic components 

for tuning continuously or in discrete manner. 

In this chapter, a different discrete tuning method is presented rather than using lossy 

electronic components. However, the chapter is divided into many sections, in 3.2, a 

full presentation of the analysis and synthesis equations of the suspended lowpass 

filter is introduced, in 3.3 a detailed design example is presented with full simulated 

and measured results followed by a discussion of the obtained results, in section 3.4 

the tuning mechanism is discussed, supported by a complete presentation of the 

tuning elements and their arrangement as well as the simulated and measured results, 

in 3.5 the work is summarized and an entire comparison with similar works is offered.  
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3.2 Suspended substrate stripline Lowpass filter analysis and Synthesis 

The design procedure of this filter starts by choosing the appropriate lumped 

lowpass prototype model. According to [69], The generalized Chebyshev prototype 

lowpass filter is used to design a SSS filter. The generalized Chebyshev lowpass filter 

circuit model is illustrated below in Figure 3.1. 

 

Figure 3.1 Generalized Chebyshev Lowpass Filter [69] 

 

This model then transformed to its equivalent distributed lowpass filter by applying 

Richards’s transformation [69] as follows, 

Since, the admittances of the shunt elements of lowpass prototype filter equals 

 
𝑌 = 𝑗

𝐶𝜔

1 − 𝐿𝐶𝜔2
 3.1  

 

Knowing that, LC=𝜔𝑜
−2 , at resonance and p=𝑗𝜔, then 

 
𝑌 = 𝑗

𝐶𝑝

1 +
𝑝2

𝜔𝑜
2

 
3.2  

 

Richard’s transformation leads to 

 𝑝 →  𝛼tanh (𝑎𝐿 𝑝) 3.3  

 

Where p is the complex frequency variable, α is a constant which controls the band 

covered by the first stopband so that the band becomes broader as α becomes smaller 

[56] and 𝑎𝐿 is the ratio of the length of the basic commensurate transmission line 

element to the phase velocity of the wave in such a line element [39]. More explanation 

on Richard’s transformation is provided in appendix B. Therefore, the admittance of 

the distributed lowpass filter becomes [69] 
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𝑌 =

𝜔𝑜 . 𝐶2(R)

2
tanh (2𝑎𝐿𝑝) 3.4  

Which is also can be expressed as 

 
𝑌 = 𝑗

𝜔𝑜 . 𝐶2(R)

2
tan(2𝑎𝐿𝜔) 3.5  

Since the admittance of the open circuited stub has a general form, that is 

 
𝑌 = 𝑗𝑌𝑜 . tan (

𝜔𝑙

𝑣
) 3.6  

 

Then, by equating (4) and (5) 

 
𝑗𝑌𝑜 . tan (

𝜔𝑙

𝑣
) = 𝑗

𝜔𝑜 . 𝐶2(R)

2
tan(2𝑎𝐿𝜔) 3.7  

 

From (3.7), it could be deduced that the lumped elements resonator can be realized 

as a distributed shunt open stub as shown below in figure 3.2. 

 

 

Figure 3.2 Richard’s transformation Lumped element resonator to distributed open stub [70] 
. 

 

Furthermore, the normalized characteristic impedance [69] of the distributed open 

stub can be expressed as 

 
𝑍𝑜 =

2

𝜔𝑜 ∗ 𝐶2(𝑅)
 3.8  

 

Moreover, from the hyperbolic arguments it can be found that 

 
𝑎𝐿 =

𝑙

2𝑣
 3.9  

 

Where, l and v indicate the length of the shunt open stub and the speeds of light in 

free space, respectively. It is known that the length of the open stop is equal to 
𝜆

4
 at 
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the resonance frequency (𝑓𝑜). As reported by [69], the centre stopband frequency 

occurs when the length of the stub equals 
𝜆

2
, this requires 

 𝑓𝑠𝑏 = 2 ∗ 𝑓𝑜 3.10  
 

Therefore 

 𝑙 =
𝑣

4 ∗ 𝑓𝑜
 3.11  

 

From equation (3.3) 

 𝜔 = 𝜔𝑜 ∗ tan(𝑎𝐿 ∗ 2𝜋𝑓) 3.12  
 

Then 

 𝑎𝐿 ∗ 2𝜋𝑓 = tan−1 (
𝜔

𝜔𝑜
) 3.13  

 

From (3.9) and (3.11) it can be realized that 

 
𝑎𝐿 =

1

8𝑓𝑜
 3.14  

 

Substituting (3.14) in (3.13), therefore 

 
𝑓𝑜 =

4𝑓

𝜋 ∗ tan−1 (
𝜔
𝜔𝑜

)
 3.15  

 

Since, the prototype cut-of frequency ω=1 at the bandage, a stub physical length equal 

to 

 
𝑙 =

𝑣

𝜋 ∗ 𝑓𝑏𝑙
∗ tan−1 (

1

𝜔𝑜
) 3.16  

 

Referring to [69] and [55], the lossless strip characteristic impedance can be 

expressed arithmetically as follows 

 𝑍𝑜 ∗ √𝜀𝑟 =
𝜂

𝐶
𝜀⁄
 3.17  

 

Where, ℰ𝑅 is traveling wave medium relative dielectric constant, 𝜂 is the free space 

impedance which is equal to 377.6Ω and 
𝐶

ℰ
 is the static capacitance per unit length 
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which is a ratio between the conductor carrying the wave and the dielectric medium 

permittivity as illustrated below in figure 3.3. 

 

Figure 3.3 Static capacitance of single suspended transmission line [55]. 

 

It can be seen that the total static capacitance between the suspended conductor and 

the ground planes surrounding are given by [55] 

 𝐶

𝜀
= 2 ∗ 𝐶𝑝 + 4 ∗

𝐶𝑓
′

𝜀
 3.18  

 

Knowing that, 𝐶𝑝 is the capacitance between the top and bottom of the conductor and 

𝐶𝑓
′ is the fringing capacitance between the edges of strip conductor both to the to the 

nearest ground plane. According to [55], the total parallel capacitance 𝐶𝑝 can be 

written as 

 
𝐶𝑝 =

2𝑤

𝑏 − 𝑡
 3.19  

 

Furthermore, the thickness of the transmission line of the printed circuit board can be 

assumed as zero, by using figure 5 in [71]  then 
𝐶𝑓

′

ℰ
 = 0.46, by substituting equation 

(3.19) into  (3.18) then 

 𝐶

𝜀
=

4𝑤

𝑏
+ 1.84 3.20  

 

By equating  
𝐶

ℰ
 of equations (17) and (20) then 
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𝑊 =

𝑏

4
∗ (

377.6

𝑍𝑜 ∗ √𝜀𝑟

− 1.84) 3.21  

 

 By substituting equation (3.19) into (3.18) and normalizing 𝑍𝑜 to 50Ω termination, 

then, 

 

 
𝑊 =

𝑏

4
∗ (

3.767 ∗ 𝜔𝑜 ∗ 𝐶2(𝑅)

√𝜀𝑟

− 1.84) 3.22  

 

Referring to Richard’s transformation, the series lumped inductors also transformed 

into a high impedance transmission line. According to [39], [69] the distributed 

transmission line can be approximated electrically as a π-network as illustrated in 

figure 3.4.  

 

Figure 3.4 Equivalent circuit of a length of transmission line. 

 

Where, Cp is the parasitic capacitance between the between the line and the ground 

planes. It is reported by [70] that these elements contributes the third transmission 

zero at infinity. The author affirmed that the series elements corresponds to the shunt 

circuited stubs because of the Richard’s transformation, therefore they produce infinite 

admittance at 2𝑓𝑜 when the electrical length equals𝜆
4⁄ . In contrast, the open circuited 

stubs which don’t contribute at this frequency. However, he emphasized, that due to 

the difficulty of the realization of the series short stubs on the printed circuit board, 

they can be realized as short transmission line to provide the inductive effect like the 

series short stubs at an electrical length below the quarter wave length. The 

obtainment of short series stub physical length can be achieved by using the following 

equation [72] 
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𝑙 =

𝑣

𝜔𝑐
sin−1 (

𝐿𝑟

𝑍𝑜
) 3.23  

 

Where, 𝐿𝑟 is an inductor value of the prototype lumped element circuit. 

Where, 𝑍𝐿 is the normalized impedance which equals [69] 

 𝑍𝐿 = 𝜔 ∗ 𝐿𝑟 3.24  
 

As shown, the value of the width should be chosen carefully so that the manufacturing 

resolution of such short transmission lines becomes higher and to decrease the 

deviation of the fabrication tolerances that could occurs during implementation. 

However, the designing process could be followed by an optimization phase to obtain 

the required response of the filter. 

Next section will discuss a real design example of the suspended substrate stripline 

generalized Chebyshev low pass filter. The details of the design procedures will be 

introduced in addition to the simulated and measured results.   

 

3.3 Generalized Chebyshev lowpass filter design example 

Assume that a Chebyshev filter has been constructed on a Roger Substrate 

with relative dielectric constant =3, substrate height = 0.5mm, copper 

thickness=0.017mm and dielectric loss tangent= 0.0031. The proposed filter order is 

11 with cut-off frequency equals 1.784GHz. The minimum return loss and stopband 

insertion loss equal to -20 dB and -60 dB, respectively. The porotype filter elements’ 

values which are correspond to the angular frequencies of ωo=1.29479 rad/s and 

ω1=1.13086 rad/s are chosen from [70] 

The design process starts by composing the circuit model of the filter using Microwave 

office (AWR) designing software as shown above in figure 3.1. The next step is the 

transformation the prototype lumped element to lowpass filter with a termination 

impedance of 50Ω at the predefined cut-off frequency. The transformation process is 

achieved by applying the following equations [39] 

 
𝐿 = (

𝛺𝑐

𝜔𝑐
) ∗ 𝑍𝑜 ∗ 𝐿𝑟 3.25  

 
𝐶 = (

𝛺𝑐

𝜔𝑐
) ∗

𝐶𝑟

𝑍𝑜
 3.26  

 



 

44 
 

Where 𝑍0 is the filter characteristic impedance and equal to 50Ω, 𝜔𝑐 is the filter’s the 

filter’s angular cutoff frequency and the lowpass prototype filter cutoff frequency 𝛺𝑐= 

1, while 𝐿𝑟 and 𝐶𝑟 are the inductors and capacitors, values of the prototype lumped 

element circuit respectively.  

The selected elements of the prototype generalized Chebyshev filter [70] and their 

transformed values are shown in table 3.1. 

 

Table 3.1 Prototype filter element values and their optimized transformed values 

R Element Prototype value Transformed value Unit 

 
11 

Lo (11) 0.50507 2.252926 nH 

L2 (11) 0.782383 3.489914 nH 

C2 (11) 0.762399 1.360309 pf 

 
9 

Lo (9)   1.27764 5.699067 nH 

L2 (9) 0.557858 2.488393 nH 

C2 (9) 1.06925 1.907807 pf 

 
7 

Lo (7) 1.33125 5.938201 nH 

L2 (7) 0.545154 2.431725 nH 

C2 (7) 1.09416 1.952253 pf 

 
5 

Lo (5) 1.33125 5.938201 nH 

L2 (5) 0.557858 2.488393 nH 

C2 (5) 1.06925 1.907807 pf 

 
3 

Lo (3) 1.27764 5.699067 nH 

L2 (3) 0.782383 3.489914 nH 

C2 (3) 0.762399 1.360309 pf 

1 Lo (1) 0.50507 2.252926 nH 

 

The next step of the filter design is the lumped element lowpass filter realization. The 

realization phase is initiated by calculation the dimensions of the distributed elements. 

Knowing that the characteristic impedance of the short transmission lines is chosen 

to be 150Ω which is related to the width of 2mm to simplify the fabrication process and 

obtain a good resolution quality. The simulated result of the proposed filter circuit 

model is presented in figure 3.5. 
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Figure 3.5 Generalized Chebyshev lowpass filter circuit model response. 

 

The calculated and optimized dimensions of the filter elements are tabulated in tables 

3.2. 

Table 3.2 The optimized dimensions of the filter elements 

 

 

 

 

 

 

 

 

 

 

The circuit of the filter has been built and simulated by using the commercial full wave 

simulation software, namely Sonnet ®. The layout of the filter’s distributed circuited 

and its related EM simulated response are shown in figures 3.6 and 3.7, respectively.  

 
 
 
 

Short transmission 
lines 

Lengths (mm) Width 

l1 0.9  
2.1 

W1 
w3 L3 3.4 

L5 1  
2.6 

W5 
W7 L7 1 

L9 3.4  
2.1 

W9 
W11 L11 0.9 

First and Fifth 
resonators 

Res1, 
Res5 

32.3 5.6 
Wrs1 
Wrs5 

 Res3 36.3 12.2 Wrs3 

Second and Fourth 
resonators 

Res2 

 Res4 
36.2 8.5 

Wrs2 

Wrs4 



 

46 
 

 

Figure 3.6 Layout of the generalized Chebyshev lowpass filter circuit with the calculated periodic 
elements. 

 

 

Figure 3.7 EM full-wave simulation response of the designed generalized Chebyshev lowpass filter 
[73] 
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The proposed suspended substrate stripline lowpass filter has been fabricated and 

placed in a metallic box with the dimensions of 12 mm, 53 mm and 70 mm for height, 

width and length, respectively. The measured and simulated responses of the filter 

are presented in figure 3.8. 

 
Figure 3.8 Measured and simulated responses of the generalized Chebyshev lowpass filter. 

 

An excellent agreement between the measured and simulated performance can be 

noticed. However, the slight difference in term of the return loss could be due to 

manufacturing tolerance of filter’s circuit. 

Next section will highlight the synthesis procedures of the tunable filter and introduce 

the measured and simulated responses. A new manual tuning structure will be 

introduced as the first work of its kind applied on suspended substrate stripline, to my 

best knowledge. 

 

3.3 Tuning analysis and synthesis of the generalized Chebyshev lowpass 

filter. 

As being discussed previously, there are many tuning means have been used 

with different structures and methods of the microwave filters. It has been noticed that 

most works have been tuned electronically despite its negative impact on the levels 
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of the filter losses. However, the diversity shortage of the tuning techniques that have 

been used with the planar lowpass filters led to propose the mechanical tuning method 

to be used with this filter. Moreover, the vast development of the small-size 

servomotors manufacturing motivated us to put more effort on the high-quality 

mechanical tuning method so that they can be integrated for automatic tuning 

capability. Moreover, the large width of the resonators which requires tuning varactors 

of very small values was another reason of choosing the1 mechanical tuning method. 

The tuning process of this filter is achieved by using a developed structure of the 

screws which are arranged together to move up/down, synchronously. These screws 

are placed at the top end of the resonators to tune the filter capacitively. The 

equivalent electrical circuit of the proposed tuning method is illustrated in figure 3.9 

and the mechanical structure of the screw is shown in figure 3.10. 

 

Figure 3.9 Equivalent electrical circuit of the proposed tuning method. 

 

 

Figure 3.10 Equivalent electrical circuit of the proposed tuning method. 
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By moving a screw down, the distance between the positive plate which is in our 

design the resonator that is facing the screw, and the ground plate which is the moving 

plate of the screw, decreases, hence the capacitance increased and vice versa. The 

relation between the capacitance value and the separation distance between the 

plates of the capacitor is as follow 

 
𝐶𝑠 =

𝜀 ∗ 𝐴

𝑑
 3.27  

 

Where, A is the area of the corresponding plates, ℰ is the dielectric constant which for 

this case equals 1 and d is the distance between the plates of the capacitor. According 

to this principle, the movement of the tuning screws toward or far from the top end of 

the resonators causes the increasing or decreasing the stray capacitance Cs between 

the resonator and the top ground as shown in above in figure 3.3.1, this leads to the 

retune the resonance frequency of the resonators, subsequently, retuning the cut-off 

frequency of the filter. To perform the capacitive tuning, an EM simulation carried out 

by using SONNET software for different gap levels. The simulated tuning result of the 

generalized Chebyshev lowpass filter is shown in figure 3.11 (a) and (b). 

 

   

Figure 3.11 Simulated tuning performance of the filter (a) S11 (b) S21 [73] 

 

The tuning range equals 109MHz that is from 1.675 GHz to 1.784 GHz, while the 

return and insertion loss vary from -10 dB to -16.5 dB and from -32 dB to -70 dB, 

respectively.  

The measurement process has been realized by fixing the proposed tuning structure 

to the filter’s containing box as shown in Figure 3.13. The measured responses of the 
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implemented suspended substrate stripline generalized Chebyshev lowpass filter is 

shown in figure 3.12 (a) and (b). 

  

Figure 3.12 Simulated tuning performance of the filter (a) S11 (b) S21 [73] 

 

The measured tuning range equals 109b MHz that is from 1.675 GHz to 1.784 GHz, 

while the return and insertion loss vary from -7 dB to -13 dB and from -50 dB to -20 

dB, respectively.  

It is clearly noticed that the insertion loss of both simulated and measured responses 

increases as the cut-off frequency decreases, however, it is lower in the simulated 

response. Meanwhile, the return loss of the simulated filter presents a slight difference 

during the tuning process, in contrast to that, the return loss of the measured filter 

suffers from the unwanted spurious responses is the bad grounding of the tuning 

screws in the stopband of the filter. It is believed that the reason of these spurious 

responses may return to the low grounding of the tuning screws. In more details, the 

use of the Teflon plugs which are shown in figure 3.3.2 causes a weak contact with 

the common ground circuit although they were attached to the ground through 

grounded washer and pins. The second suspected reason is the leakage of the 

electromagnetic field through the holes surrounding the rods of the screws. So, the 

fields are contained under the metallic cover which holds the main screw that control 

the movement of all tuning screws, this in turn may influence the characteristic 

impedances of the filter elements. 
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      (a) 

 

 

      (b) 

Figure 3.13 The manufactured mechanically tuned SSS lowpass filter (a) Side View 
   (b) Prospective View 
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3.4 Conclusion:  

A shielded suspended substrate stripline generalized Chebyshev lowpass filter 

is designed and implemented. This project is achieved in two phases, the first one is 

the designing and implementing the fixed frequency lowpass filter with cut off 

frequency of 1.784GHz with superb selectivity. The second phase is the tuning of the 

implemented filter. A mechanical tuning structure is designed, fabricated and used to 

tune the proposed SSS Filter as the first work of its kind used to tune suspended 

substrate stripline planar lowpass filter. Despite the slight difference between the 

simulated and measured results that may have been occurred due to a fault in the 

designed tuning mechanism, the main objective of this project has been achieved. 

However, better compatibility between the measured and simulated responses can be 

obtained by more modification of the tuning structure. In addition to that, the tuning 

technique can be automated by adding modern servo motors to obtain more accurate 

results, however, this equipment is very expensive and need high budget to buy them. 
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Chapter 4 

 Tunable combined Microstrip (MS) and 

Suspended Substrate Stripline (SSS) combline 

bandpass filter with two transmission zeros 

 

4.1 Introduction 

 Given the recent high demand for modern communication methods, and the 

crowded marketplace for wireless communications, bandpass filters perform various 

functions in instrumentation subsystems, radio communications and radars, for 

instance searching receivers and detection devices. Moreover, this filter is suited for 

the S band applications covering the frequency range from 2-4 GHz where 

communications satellites as well as surface ship and weather radars are all potential 

applications. 

 Different methods are applied to design bandpass filters, including the lowpass 

prototype filter transformation method and the image method. Furthermore, several 

topologies have been used to design SSL [1], such as interdigital filters [2] and [3], 

capacitive gap filters [4]–[6], combline filters [7] and cascaded filters [8]. However, it is 

claimed that the short-circuited transmission lines may increase the filter losses [1].  

In this chapter, a new structure for a microstrip and suspended substrate stripline 

(SSS) combination will be introduced. The proposed filter is composed of a combline 

filter, which is designed as an SSS, and two microstrip transmission zero extractors 

on either side of the filter. Such a diverse design provides two important characteristics 

– high-Q resonators and integration simplicity with other devices of a system. 

Moreover, using coupling reducers between the resonators contributed greatly to 

reducing the size of the filter, and effectively controlling the coupling between the 

adjacent resonators [9]. Equally, the transmission zero extracting method selected 

provides a simple way to tune both the upper and lower zeros, rather than the 

traditional method, namely cross-coupling. The combline filter topology has been 

chosen due to its distinguishing features, including its relatively small size and broad 

stopband.  
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This chapter is divided into six sections, with the first one explaining the combined 

bandpass filter’s design methodology. This section addresses the design of proposed 

filter as a lumped element circuit in detail. Next, the internal and external couplings of 

this structure are highlighted in the second section. The third section introduces the 

realisation of the distributed bandpass with complete distributed circuit design and full- 

wave simulated results. The fourth section discusses all the implementation 

procedures and presents and discusses the measured results. The fifth section 

focuses on the filter’s tuning process, including the biasing circuit of the tuning 

elements. It also outlines the techniques used to overcome the various difficulties 

encountered. Additionally, the simulated and measured results are introduced 

alongside a full description of the findings. 

   

4.2 Design methodology of the Four-Pole Combined MS and SSS Combline 

filter with two transmission Zeros BP Filter. 

A combline filter is a famous topology which is characterized by a simple 

design, a wide stopband and a small size compared with other types such as an 

interdigital filter structure [10]. It is typically composed of magnetically coupled 

resonators. These resonators are grounded at one end and open-circuited at the 

second far end, while the magnetic coupling is achieved through J-inverters, which 

are modelled as inductor networks located between the resonators. The equivalent 

circuit model of the conventional combline filter and J-inverter network are shown in 

Figures 4.1 (a) and (b) respectively, with the knowledge that the source ports could 

be coupled directly or magnetically to the circuit. 

 

 

Figure 4.1 Convectional equivalent circuit of (a) Combline filter (b) J-inverter 
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The centre frequency of the filter is determined by the resonance frequency of the 

resonators as follows:  

 𝑓𝑜 = √𝐶𝑎𝑛 ∗ 𝐿𝑎𝑛 4.1  

 

whereas the bandwidth of the filter can be controlled by controlling the coupling 

inverters 𝐽𝑘,𝑘+1, where 𝑘 = 1,2, … 𝑛 − 1. Moreover, the external coupling which 

normally affects the quality factor of the filter is controlled by 𝐽0,1 and 𝐽𝑛,𝑛+1, where n 

equals the order of the filter, given that all J-inverters are symbolised as network of 

inductors in the equivalent circuit of the combline filters as shown above in Figure 4.1 

(b). However, the mathematical discussion of the conventional combline filter is 

offered in [40]. 

In contrast to the conventional combline filters, the proposed filter uses three coupling 

reducers placed between the resonators of the filter. Their function is to adjust the 

mutual coupling between the coupled resonators, and to contribute to minimising the 

filter circuit’s overall size. The coupling reducer is symbolised as an inductance 

network, as shown in the equivalent circuit model of the designed filter in Figure 4.2 

(a). The method for using the coupling reducer is analysed in more detail later on in 

this chapter. However, It has been  proved in [28] that the shorted inductors of the 

network, which are presented as 𝑌𝑐1, will be absorbed by their adjacent inductance of 

the resonators. The absorption of these elements will lead the equivalent circuit to be 

similar to that of the conventional combline filter. Moreover, a frequency deviation 

might occur due to the change in the resonator inductances. A detailed explanation of 

the coupling reducers and the technique used to mitigate the expected frequency 

deviation is presented later in this chapter.  

Equally, the proposed filter introduces a new way of generating the transmission zero. 

This method depends on adding two MS resonators, which are put on either side of 

the input and output ports, rather than exploiting the cross-coupling which may exist 

between non-adjacent resonators. The proposed method is aimed at simplifying the 

controlling the locations of the attenuation poles. The circuit model of the designed 

filter and the simulated response are introduced in Figures 4.2 (a) and (b) respectively. 



 

56 
 

 

(a) 

 

(b) 

Figure 4.2 The combined MS and SSS BPF (a) Circuit model (b) Simulated response. 
 

 

4.3 The extraction method for the mutual coupling (𝑴𝒊,𝒊+𝟏) and external quality 

factor (𝑸𝒆𝒏) of the combined MS and SSS BPF 

 

The method presented below may provide a direct and easy method for 

determining the filter’s required dimensions [40]. This method uses another set of 

parameters to determine the width of the filter elements and the gap between them. 

These parameters are the mutual coupling between the resonators (𝑀𝑖,𝑖+1) and 

external quality factors ( 𝑄𝑒1and 𝑄𝑒𝑛) between the first and last resonators and their 

adjacent input and output ports respectively as shown in figure 4.3. The reason for 

preferring this method over others is the difficulty of including the exact level of the 
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parasitic capacitance effect such as open-end fringing, the coupling between non-

adjacent resonators, the  

 

Figure 4.3 Coupling relations between filter’s components 

 

effect of the via holes inductance [74] and the effect surrounding box’s machining 

tolerance of the wave travelling channel. These design parameters are given by [40]:  

 
𝑀𝑖,𝑖+1 =

𝐽𝑖,𝑖+1

√𝑏𝑖𝑏𝑖+1

=
𝐹𝐵𝑊

√𝑔𝑖𝑔𝑖+1

 4.2  

 

 
𝑄𝑒1 =

𝑏𝑖

𝐽01
2

𝑌𝐴
⁄

=
𝑔0𝑔1

𝐹𝐵𝑊
 

4.3  

 

 
𝑄𝑒𝑛 =

𝑏𝑛

𝐽𝑛,𝑛+1
2

𝑌𝐴
⁄

=
𝑔𝑛𝑔𝑛+1

𝐹𝐵𝑊
 

4.4  

 

where, 𝑀𝑖,𝑖+1 is the mutual coupling coefficient between the neighbouring resonators, 

𝐽𝑖,𝑖+1 is the admittance inverter between the filter’s elements, 𝑔𝑖, 𝑔𝑖+1 are the elements’ 

values of the lowpass prototype filter for 𝑖 = 0 𝑡𝑜 𝑛 + 1, 𝑌𝐴 is the terminating line 

admittance, 𝐹𝐵𝑊 is the fractional bandwidth of the filter and 𝑏𝑖, 𝑏𝑖+1 are the 

susceptance parameters of the resonators for    𝑖 = 1 𝑡𝑜 𝑛. Whereas, 𝑄𝑒1and 𝑄𝑒𝑛 are 

the external coupling coefficients at the input and output. The next phase of this 

approach is to satisfy the equations (4.2), (4.3) and (4.04) by using full-wave 

electromagnetic (EM) simulation technique.  

In the following sub-sections, the proposed technique discusses the calculated 

parameters separately. 
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4.3.1 External coupling extraction 

The external coupling coefficients can be extracted using two approaches 

depending on the obtained reflection response 𝑆11. These are the phase response 

method and the group delay approach of the return loss response 𝑆11 [40], where the 

phase response is described as a relation between the phase of the input signal and 

the output signal passing through a two-port network [75] while group delay is defined 

in [76] as the time of propagation of the envelope of a wave between two points 

provided that the envelope is not significantly distorted time. In terms of input 

admittance of the coupled resonator and the attached conductance (G), the resonator 

reflection coefficient 𝑆11 at the excitation port can be expressed as [40]. 

 

 

𝑆11 =
1 −

𝑌𝑖𝑛
𝐺⁄

1 +
𝑌𝑖𝑛

𝐺⁄
 4.5  

Where 

 𝑌𝑖𝑛 = 𝑗𝜔𝑐 (
𝜔

𝜔𝑜
−

𝜔𝑜

𝜔
) 4.6  

 

When, 𝜔 = 𝜔𝑜 + 𝛥𝜔 and 𝜔𝑜 = √𝐿𝐶, then 

 
𝑌𝑖𝑛 = 𝑗𝜔𝑜𝑐

2𝛥𝜔

𝜔𝑜
 4.7  

 

By substituting  (4.7) into (4.5), the reflection response at the excitation port can be 

expressed as [40] 

 
𝑆11 =

1 − 𝑗𝑄𝑒(2𝛥𝜔 𝜔𝑜⁄ )

1 + 𝑗𝑄𝑒(2𝛥𝜔 𝜔𝑜⁄ )
 4.8  

 

Where 

 𝑄𝑒 =
𝜔𝑜𝐶

𝐺⁄  4.9  

 

It should be noticed that, although 𝑆11 = 1 at resonance, the phase response changes 

against frequency, as depicted in Figure 4.4 [40]. It is shown that the bandwidth 

between ±90𝑜 is equal to:  

 𝛥𝜔±90 = 𝛥𝜔+ − 𝛥𝜔− =
𝜔𝑜

𝑄𝑒
 4.10  
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Therefore, the external quality factor by using phase response approach can be 

introduced as: 

 𝑄𝑒 =
𝜔𝑜

𝛥𝜔±90
 4.11  

 

A phase shift may occur if there is a difference in the reference plane of the design, 

where the reference plane is an imaginary plane perpendicular to the wave 

propagation direction at which the circuit is analysed from, so that the shift increases 

as the difference increases. According to [40], in this case the determination of the 

𝛥𝜔±90 should be applied from the frequency at which phase shift ±90 occurs with 

respect to the absolute phase at 𝜔𝑜. 

 

Figure 4.4 phase response of S11 [40]. 

 

Alternatively, the group delay as shown in Figure 4.5 can be used to extract the 𝑄𝑒, 

the group delay could be presented as [40],  

 𝜏𝑠11(𝜔) =
4𝑄𝑒

𝜔𝑜

1

1 + (2𝑄𝑒𝛥𝜔 𝜔𝑜⁄ )2
 4.12  

 

Since 𝜔 = 𝜔𝑜 + 𝛥𝜔, where  𝛥𝜔 = 0 at resonance 

 
 
 

𝜏𝑠11(𝜔) =
4𝑄𝑒

𝜔𝑜

1

1 + (2𝑄𝑒 . (𝜔0 𝜔𝑜)⁄ )2
 4.13  
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 Since 
1

1+(2𝑄𝑒)2
≪ 1 , then the maximum value of the group delay in equation 4.13 

reaches when  

 𝜏𝑠11(𝜔𝑜) =
4𝑄𝑒

𝜔𝑜
 4.14  

 

Once the group delay is found from the simulated or measured result as shown in 

figure 4.5, the external quality factor can be calculated be applying equation 4.15. 

 

 

Figure 4.5 Group delay of a bandpass filter 

 

 
𝑄𝑒 =

𝜔𝑜. 𝜏𝑠11(𝜔𝑜)

4
 4.15  

 

It is reported in [40] that the an extra group delay may be added if two condition are 

satisfied. These conditions are when the reference planes of the simulated reflection 

response 𝑆11 and that of the singly loaded resonators circuit are not coincided, the 

second is when the added phase shift is a frequency dependent. Nevertheless, the 

resonance frequency should be capable of being determined from group delay 

simulated frequency response. The last phase of this approach is to extract the 

required gaps between the resonators. This can be achieved by using a design curve 

for the simulated external couplings against the separation gaps to find the exact value 

satisfying the external quality factors which are calculated by using equations (4.3) 

and (4.4). 

Group delay 

𝜏𝑠11(𝜔0) 

𝑓0 
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4.3.2 Mutual coupling extraction 

The second phase of this extraction method is to address the internal gaps 

between the coupled resonators by extracting the mutual coupling coefficients. This 

method has been described extensively in [40] for electric, magnetic and mixed 

coupling structures. In the SSS planar filters, the absorption of the electromagnetic 

fields is smaller than that of other planar filters due to a reduction in the dielectric 

constant. For the combline filter topology, most of the current exists near the short-

circuited end and it reduces slightly along the edges of the transmission lines, leading 

to a decrease in the magnetic field between the transmission lines, and it becomes 

larger as it closes the opposite short-circuited end. The electric field remains constant 

between the transmission lines, and increases at the open-circuited end [74]. In [40], 

it has been proven that the superposition of both electric and magnetic coupling leads 

to what is called mixed coupling. Furthermore, it emphasises that both couplings may 

cancel each other out if the mutual inductance or capacitance has been allowed to 

change its sign. Nevertheless, it is believed that the predominant coupling in the 

proposed filter is the magnetic one due to the existence of the coupling reducers 

between the transmission lines, which mitigate the cross-coupling between non-

adjacent lines. The general formula of the coupling coefficient extraction can be 

expressed as [40]:  

 
𝑘 =

𝑓𝑝2
2 − 𝑓𝑝1

2

𝑓𝑝2
2 + 𝑓𝑝1

2  4.16  

 

where, 𝑓𝑝1 and 𝑓𝑝2 are characteristic frequencies corresponding to resonant frequency 

of the electric or magnetic coupling. The typical response of the coupled resonators is 

shown in Figure 4.6. The distance between the two resonant peaks depends on the 

strength of the coupling so that the strongest coupling leads to a wider separation and 

deeper trough [40].  
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.  

Figure 4.6 typical response of the coupled resonator [40] . 
 

 

4.4 Transmission zeros extraction method. 

Transmission zeros are a major issue when working with microwave filters due 

their importance in the design and implementation of high-selectivity filters. 

There are several methods for implementing transmission zeros, however, most of 

them depend on introducing a cross-coupling between non-adjacent resonators [40]. 

In the current design, the transmission zeros were extracted by using a couple of pole 

extractors on either side of the input and output ports. Compared with the cross-

coupling method, this way leads to a simpler method for handling the filter’s selectivity 

by controlling the locations of the transmission poles on both sides of the filter’s 

response. The circuit model of the presented extraction method is depicted above in 

Figure 4.3. The extractors are simply a couple of resonators located at either side of 

the input and output ports, and they are also magnetically coupled to them. The design 

of these resonators was started by selecting the resonance frequency of each 

resonator by using the following equation: 

 
𝑓𝑜 =

1

2𝜋√𝐿𝑇𝑛𝐶𝑇𝑛

 𝑓𝑜𝑟 𝑛 = 1 𝑎𝑛𝑑 2 4.17  

 

where 𝐿𝑇𝑛 and 𝐶𝑇𝑛 are the inductance and capacitance of the first and second 

transmission zero extractors. 
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The realisation of the resonators began by obtaining the microstrip transmission lines’ 

parameters, namely length and width. These parameters are presented in [40] as 

follows [40]:  

 
𝜆𝑔 =

300

𝑓𝑜(𝐺𝐻𝑧)√ℰ𝑟𝑒

 𝑚𝑚 4.18  

 

where c (the speed of light in free space) ≌3𝑥108 𝑚/𝑠, and ℰ𝑟𝑒 is the effective 

dielectric constant calculated with the following equation:   

 
ℰ𝑟𝑒 =

ℰ𝑟 + 1

2
+

ℰ𝑟 − 1

2
(1 +

10

𝑢
)

−𝑎𝑏

 4.19  

 

where 𝑢 = 𝑊
ℎ⁄ , and:  

 

𝑎 = 1 +
1

49
ln (

𝑢4 + (
𝑢

52
)

2

𝑢4 + 0.432
) +

1

18.7
ln [1 + (

𝑢

18.1
)

3

] 4.20  

 

 
 𝑏 = 0.564 (

ℰ𝑟 − 0.9

ℰ𝑟 + 0.3
)

0.053

 4.21  

 

The impedance of the transmission line is calculated as follows:  

 

𝑍𝑐 =
𝜂

2𝜋√ℰ𝑟𝑒

ln [
𝐹

𝑢
+ √1 + (

2

𝑢
)

2

] 4.22  

 

Where, 𝜂 = 120𝜋, and  

 
𝐹 = 6 + (2𝜋 − 6)𝑒𝑥𝑝 [− (

30.666

𝑢
)

0.7528

] 4.23  

 

The synthesis of 
𝑊

ℎ
 is also discussed in [40]. This ratio has two possibilities, these are 

whether 
𝑊

ℎ
≤ 2 or 

𝑊

ℎ
≥ 2. In the case where  

𝑊

ℎ
≤ 2, then [40]:  

 𝑊

ℎ
=

8𝑒𝑥𝑝(4)

𝑒𝑥𝑝(2𝐴) − 2
 

 

4.24  

Where 

 
𝐴 =

𝑍𝑐

60
(

ℰ𝑟 + 1

2
)

0.5

+
ℰ𝑟 − 1

ℰ𝑟 + 1
(0.23 +

0.11

ℰ𝑟
) 4.25  
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Otherwise 

 𝑊

ℎ
=

2

𝜋
{(𝐵 − 1)

− ln(2 ∗ 𝐵 − 1) +
ℰ𝑟 − 1

2 ∗ ℰ𝑟
[ln(𝐵 − 1) + 0.39 −

0.61

ℰ𝑟
]} 

4.26  

 

With 𝐵 =
60𝜋2

𝑍𝑐√ℰ𝑟
 

Since this proposed design is not a pure microstrip or a suspended substrate stripline 

and the resonators may suffer from a weak cross-coupling with the first and last SSS 

resonators, it was essential to perform another step to obtain the accurate parameters 

satisfying the required filter specifications. The next phase in the design process is the 

EM full-wave simulation to extract the accurate dimensions of the filter's elements and 

required distances between them by using simulation graphs. The proposed design 

method for the transmission zeros extractors is presented extensively in the next 

section, including the elicitation of the accurate parameters using the design graphs. 

 

4.5 Design Example of the fixed frequency combined MS and SSS combline BPF with 

two transmission zeros. 

 

Assume that a four-pole Chebyshev lowpass prototype filter with a passband 

ripple of 0.1dB has been chosen. The parameters of the lowpass prototype filter are 

[40]  g0 = 1, g1 = 1.1088, g2 = 1.3062,  g3 = 1.7704, g4 = 0.08181,  g5 = 1.3554. The 

bandpass combline filter is designed to have a fractional bandwidth of 2% at a midland 

frequency 𝑓0 = 3.31𝐺𝐻𝑧. By applying equations (4.02), (4.03) and (4.04) we obtain:  

 

 𝑀12 = 0.01662   𝑀23 = 0.01315 

 

 𝑀34 =0.05255  𝑀45 = 0.06006 

 

 𝑄𝑒1 =55.44   𝑄𝑒4 = 5.544 
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The filter is built on a Roger substrate RO3003 with a dielectric constant of 3, a 

thickness of 0.5mm and a tangent loss of 0.0013, while the design is put in an 

aluminium box with dimensions of 53mm x 13mm x 29.1mm. This substrate will be 

settled in an aluminium box which is machined to include both Microstrip and 

Suspended sections as shown in Figure 4.7. 

The width of the coupled resonators can be calculated by using the following equation 

[55]:  

 

𝑊 =
𝑏

4
∗ (

377.6

𝑍0√ℰ𝑟
− 1.84)    (4.23) 

 

where b is the suspended section height equal to the addition of heights above and 

underneath the substrates plus the thickness of the substrate in this example it equals 

13mm, ℰ𝑟 is the dielectric constant of the substrate. For the SSS situation, it depends 

on the ratio of the air volume to the thickness of the dielectric substrate. The air volume 

in this design is very big compared with the thin substrate used, therefore, ℰ𝑟 is 

assumed to be equal to the dielectric constant of the air, which equals 1. The 

characteristic impedance (𝑍0) of the resonators is assumed to be equal to 120Ω, this 

value has been chosen for better manufacturing tolerance and better etching 

resolution of the distributed transmission line. According to these values, the width 

was found to be equal to 4mm 
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Figure 4.7 Aluminium Enclosure of the filter (a) Front cross section view (b) Top view (c) right cross 
section view. 

 

 

Equally, their lengths are assumed to be slightly less than 𝜆 4⁄  at the filter’s resonance 

frequency 𝑓𝑜, for this design the lengths of the resonators are equal to 17mm. The 

input and output transmission lines are designed as a microstrip transmission lines, 

and have a width of 1.1 mm, which is the equivalent of 50Ω terminating 

impedances[40]. The layout of the distributed circuits used for full-wave 

electromagnetic (EM) simulation to extract the design parameters 𝑀𝑖,𝑖+1, 𝑄𝑒1 and 𝑄𝑒𝑛 

are shown in Figures 4.8 and 4.8 respectively. 

The extraction of the coupling coefficient process is initiated by setting up the full-wave 

electromagnetic (EM) simulation software, namely sonnet® [36]. The preparation of 

the software includes the choice of the substrate from the software library and entering 

the dielectric layers thicknesses of the substrate and the air above and underneath it. 

In this design, these thicknesses are 0.5mm, 6.5mm and 6mm respectively. Secondly, 

the resonators, which having the dimensions mentioned earlier and are drawn and 

separated using a coupling reducer. 
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After that, the resonators are positioned with their relevant coupling reducer in the 

middle of the virtual aluminium box, so that the distance between them and the source 

ports becomes far enough. Next simulation is performed at different gaps (𝑆1 and 𝑆2 ) 

and calculate the coupling coefficient of (𝑆1 + 𝑆2) by applying equation (4.12). The next 

step is to use the design curve of the coupling coefficient where the y-axis of this graph 

will host the simulated value of the 𝑀𝑖,𝑖+1 , while the selected distances of the 

simulation are on the x-axis. After repeating this step for many distances, the required 

gap can be extracted by locating the calculated value of the 𝑀𝑖,𝑖+1 on the design curve 

to find its related distance. Bear in mind that the theoretical coupling coefficient is 

calculated using the formula (4.2) and placed on the design curve shown in Figure 

4.10 (a). 

The external coupling extraction used a methodology in which 𝑄𝑒1 and 𝑄𝑒𝑛 were 

examined separately. This is shown in Figure 4.9, in which the bold wide line 

represents the 𝑄𝑒1 , while the second represents 𝑄𝑒𝑛. For instance, in the extraction 

of the 𝑄𝑒1, the first resonator is set near the input port and quite far from the output to 

satisfy the condition of the single-loaded resonator method mentioned is Section 4.3.1. 

The resonator location can be adjusted towards or away from the input source and, 

after the simulation is run, this distance is symbolised as (𝑆1), so that at each step the 

simulated external coupling is located on the design curve of the external coupling 

shown in Figure 4.9. After several simulations at different spaces, the required gap is 

obtained by locating the calculated  𝑄𝑒1 on the design curve of the external coupling 

curve, as shown below in Figure 10 (b). Similarly, the external coupling of the last 

resonator is accomplished by using the dotted resonator and removing the first one 

as shown in Figure 4.9.  

The readings of the simulated coupling coefficients and external coupling are listed in 

Tables 1 and 2 respectively. 
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Figure 4.8 Methodology Layout of the Coupling Coefficient Extraction. 

 

 

 

Figure 4.9 External coupling Extraction Methodology Layout. 
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Table 4.1 Simulated readings of the coupling coefficients 

S 𝑀12 𝑀23 𝑀34 

0.7 0.02844 0.02594 0.02713 

1.4 0.02658 0.02409 0.02589 

2.1 0.02534 0.02286 0.02466 

2.8 0.02351 0.02104 0.02283 

3.5 0.02229 0.02042 0.02163 

4.2 0.02108 0.01921 0.02103 

4.7 0.02047 0.01799 0.01921 

5.4 0.01925 0.01679 0.01801 

6.1 0.01805 0.01559 0.01679 

6.8 0.01684 0.01498 0.01559 

7.5 0.01624 0.01378 0.01498 
 

 

 

Table 4.2 Simulated readings of the external couplings 

S 𝑄𝑒1 𝑄𝑒4 

0.1 9.89 5.1 

0.3 16.37 8.1 

0.5 22.02 11.1 

0.7 28.07 14.2 

0.9 34.12 17.4 

1.1 41.46 20.9 

1.3 49.39 24.5 

1.5 54.66 28.4 

1.7 66.15 31.8 

1.9 77.51 36.96 

2.1 83.74 40.5 

 

The design curves of the simulated coupling coefficient and external coupling are 

presented in Figure 4.8.  
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Figure 4.10 Design curves of the filter (a) Internal Coupling Coefficient (b) External Coupling Factor. 

 

According to the previous readings in Tables 1 and 2, and by using the design curves 

in Figures 4.8 (a) and (b), the required distances in which the calculated coupling 

coefficients and external coupling have been satisfied are listed in Table 4.3. 

Table 4.3 The extracted distance of the coupling coefficients and external coupling 

 𝐌𝟏𝟐 𝐌𝟐𝟑 𝐌𝟑𝟒 𝐐𝐞𝟏 𝐐𝐞𝟒 

S (mm) 5.6 5.7 4.6 1.51 0.13 

 

The next step is to gather the filter's elements together and design them as a 

distributed element and apply the EM full-wave simulation on the structure to 

investigate the response and perform the required optimisations if needed. The 

(a) 

(b) 
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complete structure of the (SSS) Chebyshev combline filter, in which the input and 

output transmission lines are designed as a microstrip structure, and its response, are 

shown in Figure 4.11 (a) and (b) respectively: 

 

(a) 

 

(b) 

Figure 4.11 Combined SSS and MS Chebyshev combline filter (a) Filter circuit (b) Filter response [77] 

 

Figure 4.11 (a) shows that the resonators of the transmission zero have not yet been 

added, which may explain the flattest of the simulated response. 
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For the transmission zeros resonators, the required specifications were calculated 

using Equations 4.17 to 4.25 at 𝜀𝑟𝑒=2.48, 𝑓01=3.382GHz and 𝑓02=3.61GHz, where 𝑓01 

and 𝑓02 are the attenuation frequencies of the upper and lower attenuation poles. 

Furthermore, the lengths of the poles extractors are considered as a quarter of the 

guided wave length. Those lengths are calculated, and are equal to 14.4 for the first 

attenuator and 13.5 for the second. Both poles’ resonators are designed to have the 

same characteristic impedance as an initial value acceptable for more optimisation, 

and the transmission line impedance is equal to 50.2Ω.  

 

Figure 4.12 Combined SSS and MS Chebyshev including the resonators of the transmission zero [77] 
 

 

The next step is the addition of the resonators of the transmission zero which are 

denoted as A and B, as depicted in Figure 4.12.  

The resonator A extracts and controls the upper pole, while the resonator B for the 

lower pole. An EM full-wave simulation is carried out to optimise the width and the 

length of the poles extractors, whereas the gaps 𝑆1 and 𝑆2 were extracted using a 

design graph. The extraction method is performed on multi-steps so that at each step 

the gap and its related frequency were recorded in Origin data analyser software [78]. 

The processed data of gap A and gap B are shown in tables 4.4 where the lower 

transmission zero is generated by extractor B and upper transmission zero is 

extracted by A extractor. The next step is the choosing of the required transmission 
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location, in this step the appropriate location was selected by simulating the whole 

filter’s structure at different extractors’ gaps and choosing the best one.  

Table 4.4 The processed data of the upper and lower transmission zeros 

Gap 
Lower Transmission zero 

frequencies 
Upper Transmission zero 

frequencies 

0.1 3.05 3.48 

0.2 3.11 3.55 

0.3 3.14 3.59 

0.4 3.165 3.615 

0.5 3.18 3.635 

0.6 3.19 3.645 

0.7 3.2 3.655 

0.8 3.21 3.665 

0.9 3.215 3.67 

1 3.215 3.675 

1.1 3.22 3.675 

1.2 3.225 3.68 

1.3 3.23 3.685 

1.4 3.23 3.685 

1.5 3.23 3.69 

1.6 3.235 3.69 

1.7 3.235 3.69 

1.8 3.24 3.69 

1.9 3.24 3.69 

2 3.24 3.69 

 

The optimised length and width of the first transmission pole extractor is equal to 

1.1mm and 12.9mm respectively, while the second extractor dimensions equal 1.6mm 

and 13.5mm. The design graphs used to extract S1 and S2 are presented in Figure 

4.13. 

   

 
Figure 4.13 The processed design graphs of transmission Zero extractors  

(a) Lower transmission zero Gap (S1) (b) Upper transmission zero Gap (S2) 
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The final full-wave (EM) simulation response of the designed combined Microstrip and 

Suspended substrate stripline filter with two transmission zeros is shown in Figure 

4.14. However, the explained processes of the Combined bandpass filter should fulfil 

the conditions of good selectivity, manufacturing simplicity and high resonator 

accuracy. 

 

 

Figure 4.14 Simulated Combined SSS and MS Chebyshev Bandpass filter with two transmission 
zeros. 

 

4.6 Results and discussion of the Simulated and measured responses of the 

fixed frequency combined MS and SSS bandpass filter 

The combined MS and SSS bandpass filter with two transmission zeros has 

been fabricated and measured using HP 8510C Microwave Network Analyser. The 

measured and simulated results of the filter have been combined and are presented 

below in Figure 4.15. They show a good agreement between them in terms of the 

fractional bandwidth (FBW), and remarkable selectivity.  

Nevertheless, a marked difference between the measured and simulated losses can 

be seen. The measured insertion and return losses were -4.23 dB and -14.32 dB 

respectively, whereas the simulated losses were -2.47 dB 13.5 dB for the insertion 

and return losses respectively. There are thought to be two reasons behind this 

variance. The first is the manufacturing tolerance of the aluminium box surrounding 
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the filter and the weak grounding of the filter’s resonators, given that the tolerance is 

about ±10%. Manufacturing tolerance is critical, especially at the edges of the 

Microstrip sections, and it may affect the impedance of the input and output 

transmission lines significantly. This effect may cause a mismatch increasing the  

  

 

Figure 4.15 Simulated and measured responses of the Combined SSS and MS Chebyshev Bandpass 
filter with two transmission zeros [77] 

 

reflected power from the source ports. The second expected reason for the lack of the 

grounding is the substrate and the grounding mechanism used. The used substrate is 

very soft, while the mechanism of the grounding relies on the upper half of the 

aluminium box overlapping the transmission line, as shown in Figure 4.16. 

Consequently, the screws connecting the box’s two halves were tightened, leading to 

the compression of the dielectric substrate between them. This in turn led to a weak 

contact between the grounding plate and the bottom ends of the resonators. 
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Figure 4.16 Used grounding structure 

 

 

4.7 Tunable combined MS and SSS filter 

In this section, the continuous tuning of the narrow bandwidth combined MS 

and SSS BPF filter and its relevant transmission zeros are discussed and supported 

by a numerical example, given that varactors are used in the tuning function. 

 

4.7.1  Methodology of the bandwidth tuning 

The proposed method for tuning the bandwidth of the combline filters is 

presented in [28]. This method proved that the bandwidth could be tuned by using a 

variable coupling subnetwork reducer between the coupled resonators. The authors 

clarified that the bandwidth tuning subnetwork could take two different structures 

according to the value of the variable admittance (YBW), as depicted in Figures 4.17 

(a), (b) and (c) for 𝑌𝐵𝑊 →  ∞ and 𝑌𝐵𝑊 → 0, respectively. 

 

 

(a) 
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(b) 

 

  

(c) 

Figure 4.17 The coupling reducer subnetwork at (a) Bandwidth control subnetwork (b) YBW → 0  (c) 

YBW →  ∞  [79] 

 

By using the same principles of [28], the case where 𝒀𝑩𝑾 →  𝟎, the equivalent 

admittance of the bandwidth control circuit of the proposed filter could be expressed 

as:   

 
𝑌𝐶

(0)
=

𝑌𝑐1

2
+ 𝑌𝑐2 4.27  

 

while the resonance frequency is the same as the LC resonator, that is:  

 
𝑓0

0 =
1

2𝜋√𝐶𝑟𝐿𝑟

 4.28  

 

where 𝐿𝑟 and 𝐶𝑟 are the inductance and capacitance of the LC resonators. 

On the other hand, in the case where the admittance approaches infinity (𝒀𝑩𝑾 → ∞), 

the circuit model of the coupled resonator is turned in to that of Figure 4.16 (C). As 

can be seen, the admittance 𝑌𝑐1  would be absorbed by their adjacent resonators, 
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which in turn leads to the circuit model being modified to be similar to the circuit model 

of the conventional combline filter as shown in Figure 4.18. 

 

Figure 4.18 Circuit model of the combline filter with coupling reducer  

 

Thus, the equivalent admittance of the circuit can be expressed as [28]:  

 𝑌𝐶𝑒𝑞 = 𝑌𝑐2 4.29  

 

As is evident from Equations 4.26 and 4.28, 𝑌𝐶
(∞)

< 𝑌𝐶
0, so it can be deduced that the 

filter’s bandwidth has reduced during the transition from 0 → ∞ states of the variable 

admittance of the coupling subnetwork shown in Figure 4.16 (a). Simultaneously, the 

resonance frequency of the filter could deviated slightly due to the alteration of the 

resonator inductance, this deviation is expressed in [28]: 

  

 
𝛥𝑓 =

𝛼 − 𝑓0
(0)

𝑡𝑎𝑛𝜃0
(0)

𝜃0
(0)

+ (1 +
𝛼𝜃0

(0)

𝑓0
(0) ) 𝑡𝑎𝑛𝜃0

(0)

 
4.30  

 

 Where 

 
𝜃0

(0)
= tan−1 (

𝑌𝑟 + 𝑌𝑐1 + 𝑌𝑐1

2𝜋𝐶𝑟𝑓0
0 ) 4.31  

 

And 

 
𝛼 =

𝑌𝑟 + 𝑌𝑐1 + 𝑌𝑐2

2𝜋𝐶𝑟
 4.32  

 

 Furthermore, due to the lack of grounding through the use of the overlap technique 

that was seen in previous work, the authors decided to use a different grounding 

method. This method uses the grounding VIAS connecting the bottom end of the 
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resonators to the ground through the metallic box. Since these VIAS function as an 

inductance connected in series to the resonators’ admittances, they may add a slight 

frequency deviation to the resonance frequencies of those resonators. Therefore, their 

diameter should be chosen carefully to decrease the expected deviation as much as 

possible. However, the authors suggested the addition of a tuning elements to the 

resonators to overcome the issue of frequency deviation. This proposal has been 

applied by adding fine tuning screws above the resonators as shown in figure 4.19. 

The working principle of these screws is the same as the capacitor design, which is 

based on two opposite plates separated by an insulator. By changing the separating 

distance, the value of the capacitor changes according to this formula: 

 

 
𝐶 =

ℰ0ℰ𝑟𝐴

𝑑
   𝐹𝑎𝑟𝑎𝑑 4.33  

 

where ℰ0 is the free-space electric constant that equals 8.854𝑥1012 F/m, and ℰ𝑟 is the 

dielectric constant of the insulator. In this design, it equals 1, for air, A is the area of 

the overlapped plates in square metres and d is the separating distance between the 

plates in meters. 

This method has been chosen to reduce deviation because of the limited space. It 

also avoids the grounding complexity of the varactors’ biasing circuits, and minimises 

the losses that occur due to use of the electronic components, given that these screws 

have been manually rotated because of the prohibitive cost of the servomotors which 

could be used to perform this function. 

 

 

 
 

Figure 4.19 Fine tuning screws [80] 
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4.7.2  Design Example of the narrow bandwidth tunable combined MS and SSS 

combline BPF with two transmission zeros. 

A narrow bandwidth tunable combined microstrip and suspended substrate 

stripline filter with two transmission zeros was designed and fabricated [80]. Firstly, 

the filter was designed and tuned as a lumped element circuit using a commercial 

design software that is Microsoft office (AWR) [81]. The circuit diagram and simulation 

result of the designed circuit is shown in Figures 4.20 (a) and (b): 

The next step in the design is to transform the circuit from the lumped element to the 

distributed element form. The circuit was designed on a Roger substrate of 0.5mm 

thickness, a loss tangent of 0.0013 and a dielectric constant equal to 3, as depicted in 

Figure 4.21. 

As clearly shown in Figure 4.21 (a), grounding was achieved using VIAS that 

connecting the far end of the resonators to the bottom grounded layer [80]. It was 

thought this method could provide the required level of grounding. The dimensions of 

the designed filter and the coupling distances between them are listed in Tables 4.5 

and 4.6, respectively: 

 

Table 4.5 Filter distributed elements’ dimensions in (mm) [80] 

 
Transmission 
zero extrac1 

Transmission 
zero extrac2 

Rsn1 Rsn2 Rsn3 Rsn4 CR1 CR2 CR3 CR4 

Length  14.3 14.5 17.9 17.7 17.7 17.7 24.5 24.5 24.5 24.5 

Width  1.3 1.6 4 4 4 4 0.4 1.4 1.6 1.4 

  

Table 4.6 Filter elements coupling distances in (mm) [80] 

Coupled Elements Distance in (mm) 

Transmission zero extractor 1 and Input port 0.3 

Input port and Coupling reducer 1 (CR1) 0.4 

CR1 and Resonator 1 1 

Resonator 1 and CR2 1.8 

CR 2 and Resonator 2 3 

Resonator 2 and CR 3 0.7 

CR 3 and Resonator 3 3.4 

Resonator 3 and CR 4 0.7 

CR 4 and Resonator 4 1.8 

Resonator 4 and Output port 0.8 

Output port and Transmission zero extractor 2 0.6 
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(a) 

 

(b) 

Figure 4.20 The tunable designed filter (a) Circuit model (b) Simulated response 
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(a) 

 

 

 

(b)  

 

(c) 

Figure 4.21 The layouts of the tunable combined Microstrip and SSL filter (a) Top layer (b) Bottom 
layer (c) 3D View including tuning screws. [80] 
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The filter has been tuned electrically and fine-tuned mechanically using tuning screws 

as shown in Figure 4.21 (c). The tuning elements are listed below in Table 4.7, while 

the EM full-wave simulation result is shown in Figure 4.22. 

Table 4.7 A list of the used tuning varactor diodes [80] 

Tuning Components V1 (pf) V2 (pf) V3 (pf) 

Vc1 0.7 0.56 0.56 

Vc2 0.32 0.35 0.34 

Vc3 3.2 0.57 0.35 

Vc4 3.2 0.57 0.35 

Vc5 3.2 0.57 0.35 

Vc6 0.36 0.48 0.46 

Vc7 1.31 1.35 0.97 

  

 
Figure 4.22 Simulation result of the proposed filter at different varactor values (a) insertion loss (S21) 

in dB (b) return loss S11 in dB  [80] 
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The simulated performance of the filter against different tuning values of the varactors 

is presented in Table 4.8: 

Table 4.8 The tunability of the proposed filter versus tuning elements [80] 

 State 1 State 2 State 3 
F0 (GHz) 3.189 3.2 3.22 

BW (MHz) 74 52 37 

FBW (%) 2.32 1.62 1.15 

Insertion Loss (dB) -3.1 -3.81 -5.37 

Return Loss (dB) -12.2 -14.99 -17.34 

 

4.7.3 Measured results and discussion of the fabricated filter 

The same substrate of the fixed frequency combined filter was used for 

fabricating the tunable one. Two types of Skyworks Hyperabrupt Junction tuning 

varactors were used to tune the filter’s bandwidth, the first one was the SMV2019-

079LF, which was used to adjust the external coupling to mitigate the mismatch during 

the tuning process, whereas, the second type was the SMV2020-079LF, used to tune 

internal coupling between the resonators and to tune the resonators of the 

transmission zeros [80][82]. As presented in [80], the coupling coefficient between the 

resonators is controlled by changing the admittances of the coupling subnetwork that 

is formed after inserting the coupling reducers between the filter’s resonators. This 

aim was satisfied by developing the coupling reducers so that the tuning varactors 

could be inserted to variate their admittances, leading to the variation in the filter’s 

bandwidth. Moreover, the selectivity of the filter is managed by changing the electrical 

length of the transmission zeros. This objective was accomplished by attaching the 

tuning varactors to the pole extractors so that the electrical length of the extractors 

varied by changing the capacitance of the varactors, which relocated the transmission 

poles. 

Furthermore, tuning screws are cooperated with filters resonators to avoid the all-stop 

network cases which may occur when both the resonators and the couplings resonate 

at a quarter wavelength (λ/4) [55]. The performance measurements of the fabricated 

filter are shown in Figures 4.23 (a) and (b while the manufactured filter is shown in 

figure 4.24. 
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(a) 

 
(b) 

Figure 4.23  Measured result of the proposed filter at different varactor values: (a) insertion loss (S21) 
in dB (b) return loss S11 in dB [80] 
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Figure 4.24 Fabricated prototype of the filter and biasing circuit. 

 

The values of the tuning varactors and the recorded tunability are listed in tables 13 

and 14, respectively. 

 

Table 4.9 A list of the used tuning varactor diodes. 

Tuning Components V1 (pf) V2 (pf) V4 (pf) 

Vcm1 0.32 0.3542 0.3426 

Vcm2 0.557 0.557 0.557 

Vcm3 3.2 0.5721 0.35 

Vcm4 3.2 0.5721 0.35 

Vcm5 3.2 0.5721 0.35 

Vcm6 0.362 0.48 0.464 

Vcm7 1.309 1.35 0.97 

   

Table 4.10 The measured tunability of the filter 

 State 1 State 2 State 3 

F0 (GHz) 3.194 3.196 3.2 

BW (MHz) 88 82 59 

FBW (%) 2.76 2.57 1.94 

Insertion Loss (IL) dB -5.86 -6.46 -7 

Return Loss (RL) dB -11.2 -14.2 -19 

 

Table 4.9 shows that the measured bandwidth of the manufactured narrow 

tunable bandpass combined filter is from 59-88 MHz with a 3dB fractional of 1.94-2.7 

and an insertion and return loss between 5.86-7dB and 11.2-19 dB respectively. The 

asymmetrical response of the transmission zeros might be due to the filter’s circuit 
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asymmetrical structure and the existence of another transmission pole on the upper 

stopband. This pole is believed due to weak cross-coupling between non-adjacent 

resonators, which may lead to making the tuning process of the upper transmission 

zero more difficult, in contrast with the lower transmission zero. 

On the other hand, a remarkable difference could be seen between the 

measured and simulated results as presented in tables 4.8 and 4.10. Many factors are 

presented in [15] which are believed to cause this variance. The first one is the effect 

of the grounding via, these vias act as a shunt inductor, and their effect becomes more 

marked as their number increases, as explained previously. This effect is added to 

effect of the mismatch which increased during the tuning process. 

 According to [28], the effect of mismatch could be decreased be adding two tunable 

coupling reducers at the input and output to rematch the filter. However, this 

suggestion may increase the circuit dimensions and complicated the tuning process 

of the filter [28]. Manufacturing tolerance is another crucial reason. This may affect 

both the electrical circuit during the etching process and the aluminium box during the 

mechanical turning of the metal, each of which is about 10%, which has a meaningful 

impact on the filter’s performance. As an example, an electrical circuit etching error 

could lead to a different resonator length or width, meaning a different resonance 

frequency and different coupling coefficient. 

 Moreover, the change of the coupling reducers widths may lead to narrowing the 

bandwidth. despite of the fine tuning which was applied by using asynchronous tuning 

of the tuning`s screws to reduce the frequency shift, as shown in Figure 4.20 (c). 

However, an easier and more accurate fine tuning could be achieved electrically by 

adding tuning elements to the open end of the resonators for better response on the 

expense of the on increased tuning complexity. 

The bad tolerance in the box manufacturing may result in displacement of the 

microstrip and suspended elements, or a different height of the grounding planes, 

meaning different admittances mismatched circuit elements. However, these factors 

are unavoidable, and it is strongly believed that they cause this difference. 

Furthermore, the softness of the substrate may add another reasonable reason that 

cause this difference between the measured and simulated responses. It believed the 

substrate has bent slightly because of the screws fighting, this may lead to a different 
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impedance values of the suspended elements which in turn leads to the mismatch 

between them.  

Another reason for the disparity measured is the low-quality factor of the electronic 

tuning elements, which increases the insertion loss during the tuning process, 

however, his factor is a trade-off of the varactor tuning. 

 

4.7.4 Conclusion 

A narrowband combined microstrip and suspended substrate stripline with two 

transmission zeros was designed and fabricated as a fixed and tunable bandwidth 

filter. Both filters use two different structures, are combined in one circuit and introduce 

a new method of presenting transmission zeros on either side of the filter response, 

rather than the conventional cross-coupling method. The method introduced depends 

on two different Microstrip transmission zero extractors being placed on either side of 

the circuit and resonated at certain frequencies. 

The bandwidth tuning approach uses three coupling reducers, located between the 

coupled resonators. The transmission zeros are tuned effectively and easily compared 

with traditional methods of tuning the transmission poles. Furthermore, the tuning 

process was performed with tuning varactors, and asynchronous mechanical fine-

tuning was used to mitigate the effect of the frequency shift of the low manufacturing 

tolerance, and to avoid the all stop-network at the quarter wave length (λ/4) of the 

resonators. 

However, a good agreement between the simulated and measured results was 

obtained from the newly presented structure. 
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Chapter 5 

Study of Tunable Cascaded Suspended 

Stripline Bandpass Filter 

 

5.1 Introduction 

 Wise use of the frequency spectrum and effective management of this non-

renewable medium are the main challenges in working with recent and future wireless 

systems. This can be achieved by using reconfigurable/tunable filters, which have an 

adjustable front-end for selecting the required signals and isolating unwanted 

interferences on the crowded radio frequency spectrum. Bandpass filters (BPF) are 

potentially one of the good solutions to accomplish the mission of saving such that 

exhaustible and costly source. Therefore, several design methods and techniques for 

fabricating and tuning bandpass filters have been studied and extensively discussed. 

The cascading method, in which filters with distinct functions are integrated to perform 

a specific task, is one of the promising new BPF design methods. It offers the 

advantage of combining the diverse properties of two or more filters and structures to 

acquire the features of the various integrated filters. Several structures have been put 

forward for designing and implementing tunable cascaded BPFs so that each one has 

its own, predetermined job and specifications. In [83] and [84], two different topologies 

were used to design two microstrip wide band bandpass filters. In this work, cascaded 

high and lowpass filters were combined to design a wide passband filter. However, 

the filter’s response showed very narrow stopband, which may increase the probability 

of interference with neighbouring frequency bands. However, the second author used 

a broadband bandpass filter cascaded with a bandstop filter. This design aimed to 

obtain an ultra-wideband bandpass filter and increase the isolation band of the 

designed bandpass filter. In [85], a cascaded inductive and capacitive irises to design 

a waveguide BPF. However, the use of the bulky waveguide filters is limited to the 

high frequency applications to miniaturise the size of the fabricated filter, although 

their extraordinary performance. Another method of designing and implementing 

cascaded BPFs is presented in [17]. This method used the Substrate Integrated 
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Waveguide (SIW) bandpass and bandstop filters on a single layer to implement a 

mechanically tuned BPF with a wide stopband. Despite its remarkable performance, 

the low tolerance the regarding the required tighter spaces between VIAs may 

complicate the manufacturing process. As well as that, the introduction of frequency-

dependent dielectric loss into the guide makes the choice of the millimetre-wave 

application’s operating frequency a crucial matter. In [86], the authors introduced a 

cascaded highpass and lowpass Suspended SSS. However, they did not represent 

the isolation band of the filter, which is very important to avoid any expected 

interference in the high-power frequency bands. 

This chapter offers a new cascaded bandpass filter. It comprises of step impedance 

resonator (SIR) highpass filter and generalized Chebyshev lowpass filter. It includes 

two main subjects. The first of which revolves around the design methodology of a 

fixed frequency cascaded bandpass. It starts with a general view on the circuit model 

of the purposed cascaded filter, this is followed by a detailed explanation of the design 

of the highpass and generalized lowpass Chebyshev filters, finally the cascading of 

theses filters including the simulated and measured responses of the cascaded 

bandpass filter will be presented. The second subject discusses the designed filter’s 

tuning procedure. Furthermore, the design simulations and measurements at different 

tuning varactors values are offered alongside a detailed discussion. Finally, Section 3 

presents the chapter’s conclusion. 

 

5.2 Designing and implementing of a fixed-frequency cascaded BPF 

The concept of the cascaded filter was started by designing its general 

structure to verify its validity and feasibility. The filter comprised two integrated 

highpass and lowpass filters, as shown in Figure 5.1. The initial parameters of the 

highpass and lowpass filters were calculated by applying the method of the step 

impedance resonator (SIR) [74] and the generalised Chebyshev lowpass filter [69] 

respectively, as presented later in this section. Moreover, the coupled lines were 

calculated using the parallel coupled line equation which can be found in [40]. The 

optimisation process was applied using AWR simulation software [81] to obtain the 

required response. The design parameters of both filters are listed in Table 5.1 for the 

highpass filter and Table 5.2 for the lowpass filter. 
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(a) 

 

(b) 

Figure 5.1 The designed cascaded bandpass filter: (a) AWR filter layout (b) AWR simulation of the 
filter [87]  
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Table 5.1 The design parameters of the proposed cascaded bandpass filter 

 

Table 5.2 The design parameters of the proposed cascaded bandpass filter 

 

 

  

H
ig

h
p
a
s
s
 filte

r 

𝐄𝐯𝐚𝐥𝐮𝐚𝐭𝐞𝐝 𝐚𝐭 𝐟𝐇𝐜 = 𝟏. 𝟔𝟖 𝐆𝐇𝐳 

Impedance Electrical length 
𝑍𝑜𝑒1 200  

68.7𝑜 

𝑍𝑜𝑜1 100.8 

𝑍𝑜𝑒2 100.1  

83.4𝑜 

𝑍𝑜𝑜2 60.54 

𝑍𝑜𝑒3 200  

90𝑜 

𝑍𝑜𝑜3 10 

𝑍2 19.2  

𝜃2  75𝑜 

𝑍4 172.2  

𝜃4  61.2𝑜 

L
o
w

p
a
s
s
 filte

r 
𝐄𝐯𝐚𝐥𝐮𝐚𝐭𝐞𝐝 𝐚𝐭 𝐟𝐋𝐜 = 𝟏. 𝟒𝟕𝟖 𝐆𝐇𝐳 

Impedance Electrical length (𝜽) 

𝑍𝐸 117.8 𝜃𝐸 89.5𝑜 

𝑍1 117.8 𝜃1 8𝑜 

𝑍2 199.95 𝜃2 30𝑜 

𝑍3 61 𝜃3 1𝑜 

𝑍4 102.1 𝜃4 81.1𝑜 

𝑍5 192.4 𝜃5 14.9𝑜 

𝑍6 119.98 𝜃6 56.9𝑜 

𝑍7 10.99 𝜃7 10.7𝑜 
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5.2.1 Lowpass filter design 

As with all designs, the design process of the lowpass filter was initiated by 

choosing the right method to meet the final filter’s general requirements. The filter’s 

circuit model is shown in Figure 5.2. A generalised Chebyshev lowpass prototype filter 

of order 7 was chosen to obtain good selectivity and fast roll-off at the band edge of 

the proposed lowpass filter using fewest elements [87]. 

 

 
 

Figure 5.2 Circuit model of the proposed generalised lowpass Chebyshev filter [87] 

 

The parameters of this order are listed in [88], where the proposed insertion loss of 

the stopband and the return loss of the passband were selected to be ≥ 40 and ≤ 20 

respectively. Accordingly, the prototype filter’s elements’ values are listed in Table 5.3, 

accompanied by their transformation at cut-off frequency of 1.478GHz. The 

transformation process is accomplished using the following expressions [40] 

𝐿 = (
Ω𝑐

𝜔𝑐
)𝑍𝑜𝐿𝑟     (1) 

𝐶 = (
Ω𝑐

𝜔𝑐
)

𝐶𝑟

𝑍𝑜
     (2) 

 

Table 5.3 Prototype filter element values and their transformed values [87] 

R Element Prototype value Transformed value Unit 

 
7 

Lo (7) 0.59781 2.687695 nH 

L2 (7) 0.572575 2.574241 nH 

C2 (7) 0.871735 1.567694 pf 

 
5 

Lo (5) 1.36486 6.136277 nH 

L2 (5) 0.440692 1.981308 nH 

C2 (5) 1.13261 2.036842 pf 

 
3 

Lo (3) 1.36486 6.136277 nH 

L2 (3) 0.572575 2.574241 nH 

C2 (3) 0.871735 1.567694 pf 

1 Lo (1) 0.59781 2.687695 nH 
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 These values have been simulated using Microwave Office AWR software [81]. The 

simulated result is shown in Figure 5.3. 

 

 
Figure 5.3 Lowpass filter circuit model response [87] 

 

 

Next the lowpass prototype filter was realised to its equivalent distributed lowpass 

prototype filter by applying Richard’s transformation [55] and [56] : 

 

 𝑝 → 𝜔𝑜 ∗ tanh (𝑎𝐿𝑝) 5.1 

 

where 𝑎𝐿is a constant, p is a complex frequency variable [69] and 𝜔𝑜 is the resonators’ 

angular frequency in the lumped lowpass prototype filter.  

This transforms the series elements into short stubs of impedance 𝑍 = 𝛼𝐿, while the 

shunt LC series combination is converted to an open-circuited stub of admittance 𝑌 =

𝛼𝐶 [70], as shown in Figure 5.4.   
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Figure 5.4 Richard’s transformation of the proposed generalised lowpass Chebyshev filter  

 

The next phase of the generalised Chebyshev lowpass filter design process is the 

realisation of the equivalent full-wave structure, done using the transformed values 

presented in Table 1 and by applying the equations of the SSS [69]. The circuit was 

designed on Roger’s substrate of dielectric constant ℰ𝑟=3, thickness (h) = 0.5mm and 

loss tangent = 0.013. This substrate was placed inside a metal box made of aluminium 

with a width (a) = 50mm, length (L) = 70mm and height (b) = 12.5mm, so that the 

distances above and below the substrate were equal to 6mm, as shown in Figure 5.5. 

The calculated dimensions of the designed low pass filter are listed in Table 5.4. The 

circuit was simulated using full-wave electromagnetic (EM) simulation software 

SONNET [36]. The filter’s periodic structure and response are shown below in Figure 

5.6 (a) and (b) respectively. 

 
Table 5.4 Lowpass filter elements’ dimensions (mm)  

 1 2 3 4 5 6 7 

WL2 0.9 8.1 0.3 9.5 0.3 8.1 2.1 

LL2 4 31.7 2.8 32.6 2.4 31.7 3.4 
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Figure 5.5 The filter’s proposed mechanical structure 

 
 

    
(a)         (b) 

Figure 5.6 Generalised lowpass filter (a) distributed circuit (b) EM full-wave simulation of the filter [87] 

 

5.2.2 The design method for the proposed highpass filter 

A highpass filter (HPF) It can be designed by applying different techniques such 

as a quasi-lumped lumped or optimum distributed element [40]. However, the design 

process starts by constructing the equivalent circuit model of the filter to verify the 

proposed design method and to specify the required specifications.  

The proposed HPF is designed using two cascaded folded Step Impedance 

Resonators (SIRs) as well as a single pole extractor to generate a transmission zero 

prior to the cut-off frequency of the filter, as shown in Figure 5.7. 
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Figure 5.7 The equivalent circuit model of the proposed filter 

The aim of using SIR is to achieve the required passband with the least number of 

elements, while the aim of the transmission zero is to enhance the selectivity of the 

filter easily and effectively. 

 

5.2.2.1 The fundamentals of the SIR 

A step impedance resonator (SIR) is a transmission line which is used as a resonator 

to analyse the discontinuity in a transmission line having a step impedance [89]. There 

are many features for SIR such as the flexibility of tuning its transmission zeros by 

changing the transmission line parameters for instance the impedance ratio [89]. SIR 

has also the advantage of minimizing the circuit size by using less number of 

elements. Moreover, the characteristic impedance of SIR can be controlled 

independently during the deign process, more details about SIR are offered in 

appendix C. The effect of Step Impedance Resonators is discussed in [74], where it 

is explained that it comprises two transmission lines with different impedances, 𝑍1 and 

𝑍2. The layout of the SIR distributed transmission line and its equivalent lumped 

element circuit are shown below in Figure 5.8 (a) for K=
𝑍1

𝑍2
> 1 and Figure 5.8 (b) for 

K=
𝑍1

𝑍2
< 1. The electrical length of the SIR was calculated using two assumptions 

according to the required design. The first one can be expressed as 

 𝜃𝑡 = 𝜃2 + 2𝜃1 5.2  
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     (a)        (b) 

Figure 5.8 The distributed and lumped element circuit of the SIR (a) for 𝐤 > 𝟏 (b) for 𝐤 < 𝟏 

 

The impedance ratio (k) is another important design factor used to obtain the condition 

of the fundamental resonance, where 𝑘 = 𝑍1 𝑍2⁄  [74]. The input impedance of the SIR 

can be written as: 

 
𝑍𝑖 = 𝑗𝑍1.

(1 + 𝑘2). (tan 𝜃2 + tan 𝜃1) − 𝐾(1 − 𝑡𝑎𝑛2𝜃1)

2𝑘 tan 𝜃1 + tan 𝜃2(𝑘2 − 𝑡𝑎𝑛2𝜃1)
 5.3  

 

At the resonance 𝑍𝑖 → 0, this leads to: 

 tan 𝜃2. tan 𝜃1

1 − 𝑡𝑎𝑛2𝜃1
=

𝑘

1 + 𝑘2
 5.4  

For the case when 𝜃𝑡 = 𝜃2 + 2𝜃1, and since  

 1-𝑡𝑎𝑛2𝜃1 =
2.𝑡𝑎𝑛𝜃1

𝑡𝑎𝑛2𝜃
 5.5  

 Also, Assume that,  
𝑘

1+𝑘2 = 𝐴 

Then  

 𝑡𝑎𝑛2𝜃1. [𝑡𝑎𝑛𝜃2. 𝑡𝑎𝑛𝜃1]

2𝑡𝑎𝑛𝜃1
= 𝐴 

 

tan2𝜃1.tan𝜃2=2𝐴 

5.6  

 

Using equation 5.2, leads to 

 
𝑡𝑎𝑛𝜃2 =

2𝐴. [1 + 𝑡𝑎𝑛𝜃𝑟 . 𝑡𝑎𝑛𝜃2]

𝑡𝑎𝑛𝜃𝑟 − 𝑡𝑎𝑛𝜃_2
 5.7  

 

By applying cross multiplication and direct processing on the equation, then 

 𝑡𝑎𝑛2𝜃2 + 2𝐴 = (1 − 2𝐴). 𝑡𝑎𝑛𝜃𝑟 . 𝑡𝑎𝑛𝜃2 5.8  

Therefore, 

 
tan 𝜃𝑟 =

2𝐷 + 𝑡𝑎𝑛2𝜃2

tan 𝜃2(1 − 2𝐷)
 5.9  

Where 𝐷 =
𝑘

1+𝑘2
 𝑎𝑛𝑑 𝑘 ≠ 1 and using Equation 5.2 

According to [74], the minimum length with varying K occurs when: 

 𝜃2 = tan−1 √2𝐷 5.10  

 

The second case is for 𝜃1 = 𝜃2 = 𝜃0, and then the input impedance can be expressed 

as: 
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𝑍𝑖 = 𝑗𝑍1.

(1 + 𝑘 + 𝑘2)𝑡𝑎𝑛2𝜃0 − 𝑘

tan 𝜃0(2𝑘 + 𝑘2 − 𝑡𝑎𝑛2𝜃0)
 5.11  

 

As with 5.3, the resonance condition can be obtained from 5.7, so that 𝑍𝑖 → 0, and 

then: 

 (1+k+𝑘2) 𝑡𝑎𝑛2𝜃0- k=0 5.12  
 

𝜃0 = tan−1 √
𝑘

1 + 𝑘 + 𝑘2
 5.13  

 

Since the spurious frequencies at 𝑍𝑖 → 0  and the transmission poles at 𝑍𝑖 = ∞ are 

important to figure out the bandwidth of the proposed cascaded bandpass filter, it's 

reported [74] that the electrical lengths 𝜃𝑠𝑛(𝑛 = 1,2,3, … ) of the spurious frequencies 

𝑓𝑠𝑛1 and 𝑓𝑠𝑛2 can be derived from (5.7), resulting in [74]: 

 𝜃𝑠1 =
𝜋

2
 5.14  

 

 

𝜃𝑠2 = π − tan−1 √
𝑘

1 + 𝑘 + 𝑘2
 5.15  

Therefore, 

 𝑓𝑠1

𝑓0
=

𝜃𝑠1

𝜃0
=

𝜋

2tan−1 √ 𝑘
1 + 𝑘 + 𝑘2

 
5.16  

 𝑓𝑠2

𝑓0
=

𝜃𝑠2

𝜃0
=

𝜋

tan−1 √ 𝑘
1 + 𝑘 + 𝑘2

− 1 
5.17  

 

These equations could also be used to plot the relation between spurious frequency 

and the impedance ratio as shown in Figure 5.9. 

For the transmission poles, the numerator of (5.7) is assumed to be equal to 0, so the 

electrical length  𝜃𝑝𝑛(𝑛 = 1,2,3, … ) for the transmission zeros 𝑓𝑝𝑛1 and 𝑓𝑝𝑛2 can be 

formulated as follows [74]: 

 𝜃𝑝1 = tan−1 √2𝑘 + 𝑘2 5.18  

 

 𝜃𝑝2 = 𝜋 − 𝜃𝑝1 5.19  
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 𝑓𝑝1

𝑓0
=

𝜃𝑝1

𝜃0
=

tan−1 √2𝑘 + 𝑘2

tan−1 √ 𝑘
1 + 𝑘 + 𝑘2

 
5.20  

 

 𝑓𝑝2

𝑓0
=

𝜃𝑝2

𝜃0
=

𝜋 − 𝜃𝑝1

𝜃0
 5.21  

 

The relation between the spurious frequencies, transmission poles and the impedance 

relation (K) can be seen in Figure 5.10. 

 

 

Figure 5.9 The resonance condition of the SIRs  

 

Moreover, it can be seen below in Figure 10 that the bandwidth of the SIR is inversely 

proportional to the impedance ratio, so that the passband becomes narrower as the 

impedance ratio increases [7]. At the same time, the second spurious frequency 

moves away the first one. These facts are very important in choosing the right ratio of 

the SIR impedances in which the required fractional bandwidth and stopband are 

satisfied. 
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Figure 5.10 SIR spurious frequencies and transmission poles against the impedance ratio (K) 

 

5.2.2.2 SIR parallel coupling methodology 

Referring to the proposed HPF equivalent circuit model which is shown above 

in Figure 6, it can be seen that the proposed HPF comprises two coupled SIRs. The 

parallel coupling approach has been chosen to ease the manufacturing process by 

avoiding the problems which may occur to the response during the alignment of the 

broadside coupling. The parallel coupling approach and its equivalent circuit are 

depicted in Figure 5.11, where 𝑍𝑜𝑒, 𝑍𝑜𝑜 and θ are the odd and even impedances of 

the coupled lines and their associated electrical length, while the equivalent circuit is 

offered as two transmission lines of characteristic impedance 𝑍0, with an electrical 

length of θ and separated by a J-inverter. 

According to [90], the general form of the odd and even impedances of the coupled 

lines of an arbitrary lengths can be expressed as: 

 

 𝑍𝑜𝑒

𝑍0
=

1 + (𝐽 𝑌𝑜)𝑐𝑜𝑠𝑒𝑐𝜃 + (𝐽 𝑌𝑜)⁄ 2⁄

1 − (𝐽 𝑌𝑜)⁄ 2
𝑐𝑜𝑡2𝜃

 5.22  

 

 𝑍𝑜𝑜

𝑍0
=

1 − (𝐽 𝑌𝑜)𝑐𝑜𝑠𝑒𝑐𝜃 + (𝐽 𝑌𝑜)⁄ 2⁄

1 − (𝐽 𝑌𝑜)⁄ 2
𝑐𝑜𝑡2𝜃

 5.23  
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where 𝐽 𝑌𝑜⁄  parameter is a ratio of the 𝐽-inverter characteristic admittance to the 

characteristic admittance of the terminating line. This ratio can be expressed as [40]: 

 

 
𝐽01

𝑌0
= √

𝜋

2

𝐹𝐵𝑊

𝑔0𝑔1
 5.24  

 

 𝐽𝑗,𝑗+1

𝑌0
=

𝜋𝐹𝐵𝑊

2

1

√𝑔𝑗𝑔𝑗+1

 5.25  

 

 
𝐽𝑛,𝑛+1

𝑌0
= √

𝜋

2

𝐹𝐵𝑊

𝑔𝑛𝑔𝑛+1
 5.26  

 

 

Figure 5.11 Parallel coupled line and its equivalent circuit [2] 

 

where 𝑔 values are those of the lumped element lowpass prototype filter and the 𝐹𝐵𝑊 

is the fractional bandwidth of the proposed filter. 

 

5.2.3 HPF design example 

Since the lengths of the coupled SIR had already been obtained as listed in 

Table 5.5, the second step was to get their widths, and this aim could be done by 

using the characteristic impedances of the SIR elements and applying the following 

equation [55]: 

 
𝑊 =

𝑏

4
(

377

𝑍𝑜
 − 1.84) 5.27  
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Where b is the distance between the two ground planes of the enclosure and 𝑍𝑜 is 

impedance of the transmission line. Equally, the physical lengths of the SIR elements 

were calculated as follows [40]: 

 
𝑙 =

𝜃𝑜

𝛽
 5.28  

 

where 𝜃𝑜 is the electrical length of the SIR elements and 𝛽 is the propagation velocity 

which equals 2𝜋
𝜆𝑔

⁄ , also 𝜆𝑔 is the guided wavelength which is equal to 
𝑐

𝑓𝑜∗√𝜀𝑟𝑒
 , where 

c is the speed of light in free-space, which is equal to 3𝑥108 𝑚/𝑠, 𝑓𝑜 is the resonance 

frequency and 𝜀𝑟𝑒 is the effective dielectric constant of the SSS.  

 

Table 5.5 The calculated characteristics and dimensions of the SIR 

Impedance ratio K=1.5 

𝑍1 , 𝑤1 174 Ω, 4.5mm 

𝑍2, 𝑤2 114 Ω, 1.3mm 

SIR elements’ lengths (𝜃1) and (𝜃2) 50.8𝑜 

𝑙2 , 𝑙2 and 𝑙3 23.7 mm 

 

The third phase is to obtain the odd and even impedances, and these were calculated 

by applying the parallel coupled resonators method [40], where the electrical length is 

assumed to be λ/8. These values are listed in Table 5.6, and have been used to 

construct the circuit model of the filter using an AWR simulator [81]. The required 

response was achieved with a slight tuning of those parameters, as shown in Figure 

5.12, the tuned values of the odd and even impedance mode were as listed in Table 

5.6.  

Table 5.6 The obtained parameters of the parallel coupled resonators method 

SIR parameters Calculated Tuned 

𝑍𝑜𝑒1 

𝑍𝑜𝑜1 

251.279 

127.139 

236.502 

105.646 

𝑍𝑜𝑒2  

𝑍𝑜𝑜2 

197.42 

143.377 

261.96 

79.46 

𝑍𝑜𝑒3  

𝑍𝑜𝑜3 

251.282 

127.138 

277.902 

70.237 

𝑍1 166 257.8 

𝑍2 114 130.6 
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𝑍3 114 71.63 

𝑍4 166 151.6 

 

After this phase, it was necessary to choose a proper substrate, which in this project 

was a Roger substrate of dielectric constant ℰ𝑟, thickness (h) and loss tangent equal 

to 3, 0.5 and 0.013 respectively. This substrate was suspended inside a metal box 

made of aluminium of width (a), length (L) and height (b), equal to 50mm, 70mm and 

12mm respectively, where the distances above and below the substrate were equal 

to 6mm, as shown in Figure 5.13. 

 

 

Figure 5.12 HPF circuit model response 

 

The next step was to apply the extraction method at different distances between the 

coupled lines using the EM full-wave software SONNET ® [11]. This approach aimed 

to obtain the required gaps in which the value of the calculated odd and even 

impedances were equal to the extracted values at the filter’s specified resonance 

frequency.  

The results of the coupling impedance and the relevant gaps which satisfy the required 

response of the HPF are shown in Figure 5.14. 
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Figure 5.13 The proposed mechanical structure of the filter 
 

 

Figure 5.14 The coupling Impedances design graph 
 

The last phase of the HPF design process is the transmission zero resonator design. 

The proposed resonator was designed using Equations 5.20 and 5.21 at a frequency 

of 1.26. The distributed circuit of the proposed highpass filter has been constructed 

and simulated using full-wave simulation software Sonnet ® [36].  

The layout of the designed highpass filter is shown in Figure 5.15 (a), while the full-

wave simulated response is shown in Figure 5.15 (b): 
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 (a) 

 

(b) 

Figure 5.15 The designed highpass filter (a) The distributed circuit (b) The full-wave EM simulated 
response [87] 

 

Since the highpass and lowpass filters were designed separately, it was 

necessary to connect them to form the cascaded filter as shown in Figure 5.16. 

Another optimisation and slight modification was applied to achieve the required 

matching impedance between the integrated filters. For example, a slight change can 

be seen in that the width of last coupled line is minimised from 1.2mm to 0.4 mm. 

Another change is the addition a small fan stub to the line of the transmission pole 
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extractor, to suppress the stop-band harmonics of the upper stopband of the cascaded 

filter. A comparison of the EM simulation with the AWR simulation is shown in Figure 

5.17, the results for the cascaded filters show a narrow bandpass filter of very good 

selectivity, and a fractional bandwidth equalling 30% that ranges from 1.401GHz to 

1.74GHz. 

 

Figure 5.16 The final circuit layout of the cascaded SSS BPF filter [87] 

 
 

 

Figure 5.17 The designed cascaded SSS BPF filter (a) The distributed circuit (b) The full-wave EM 
simulation [87] 

 

The filter designed was fabricated using the same substrate of the previous 

designs, while the metallic box was modified to fit the size of the cascaded filter as 
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shown in Figure 5.19. The dimensions of the aluminium box were 85mm x 70mm x 

12.5mm. The measured response of the fabricated filter is shown in Figure 18. 

 

 

Figure 5.18 The measurement of the fabricated cascaded bandpass filter and its EM simulated 
response [87] 

 

 

 

Figure 5.19 The manufactured cascaded SSS bandpass filter   
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5.2.3.1 Conclusion 

 

 The new cascaded bandpass filter design was designed, simulated, fabricated 

and measured as presented previously. It was realised on a Roger substrate RO3003 

with a thickness, dielectric constant and dielectric loss tangent equal to 0.5, 3 and 

0.0013 respectively. The filter was then fixed in an aluminium box of dimensions 

equalling 50 x 70 x 12mm. The measured filter’s response showed very good 

agreement with simulated response, as shown in Figure 5.17. The responses were 

found to be almost identical, with a fractional bandwidth of 30%, plus insertion and 

return losses equal to 0.3dB and 18 dB respectively. However, the slight difference 

between the measured and simulated responses might be due to the manufacturing 

tolerance during the etching process.  

 

5.3 Feasibility of tuning the cascaded SSS BPF 

 In this section, the continuous bandwidth tuning of the designed cascaded SSS 

BPF is discussed, given that this was done with electronic tuning. Figure 5.20 shows 

that two modifications were made to the cascaded filter’s previous design. Firstly, the 

input edge coupling was replaced with a broadside coupling, to provide enough space 

for the additional lowpass filter, and avoid the delay which could have resulted from 

making another metal box to fit the filter’s circuit, while keeping the size as small as 

possible. Secondly, an extra lowpass filter was added to the circuit to suppress the 

spurious frequencies were seen in the filter’s response after adding the tuning 

elements to the filter’s circuit, and which became unacceptable during the tuning 

process. However, these modifications did not change the general specifications of 

the designed filter. 
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Figure 5.20 The full-wave circuit layout of the tunable cascaded SSS bandpass filter 

 

The added lowpass filter was designed using AWR simulation software [81] at 

a cut-off frequency of 2.045GHz. As shown in Figure 5.21, the filter circuit comprises 

two identical Step Impedance Resonators (SIRs) which were connected in parallel on 

either side of the feeding line. The simulated response of the circuit model is shown 

in Figure 5.22. 

These SIRs are realized using the methodology described in subsection (5.2.1.1), in 

which the impedance ratio (K) was chosen to be 0.58, the high and low impedances 

are 169Ω and 98Ω respectively, while the feeding line impedance is 192Ω. By using 

equations 5.1, 5.3, 5.4 and 5.5, the total length of the SIR was found to be equal to 

50.44𝑜, so that the lengths of the low and high impedance sections ( 𝜃1, 𝜃2) were equal 

to 23.46𝑜 and 26.98𝑜 respectively. The widths of the SIR elements were obtained using 

Equation (5.20). The full-wave circuit of the proposed stopband lowpass filter is shown 

in Figure 5.23. It was designed, simulated and optimised using EM full-wave 

simulation software SONNET [36]. The filter’s physical dimensions are listed in Table 

5.7, and the simulation result is shown in Figure 5.24. 
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Figure 5.21 The circuit model of the proposed stopband lowpass filter 
 

 

Figure 5.22 The circuit model of the proposed stopband lowpass filter 
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Figure 5.23 Stopband lowpass filter based on SIR 
 

 

Table 5.7: The optimised physical dimensions of the proposed stopband lowpass filter in mm 

𝑊1 𝑙1 𝑊2 𝑙2 𝑊3 𝑙3 

5.1 11.6 0.4 11.1 0.7 12.5 

 

 

Figure 5.24 EM full-wave simulation of the stopband lowpass filter based on SIR  
 

The tuning method for this filter was based on two methods. The first was mechanical 

tuning, done using tuning screws as explained in Chapter 3. This was done on the low 

pass filter section to tune the upper side of the filter’s response as shown in Figure 
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5.25. The resonance frequency of the lowpass filter 𝑓𝑂𝐿 moved downwards along the 

frequency access as the tuning screws moved down towards the resonators of the 

lowpass filter. The relationship between the resonance frequency and the height of 

the tuning screws can be expressed as follows: 

 
𝑓𝑂𝐿 =

1

2𝜋√𝐶𝑟 + (
𝜀𝑟 ∗ 𝐴

𝑑
)

 
5.29  

 

where 𝐶𝑟 is the resonator capacitance found in Table 5.3, 𝑑 is the distance between 

the screws plate and the resonators in mm, 𝜀𝑟 is the dielectric constant of the air in 

this design, which separates the two conductors in this design, and 𝐴 is area of the 

screws which can be calculated as the area of the circle, given that the diameter of 

each screw equals 8mm.  

The second method depends on the tuning varactors, whose capacitances change by 

changing the biasing voltage. These varactors were connected to one of the coupled 

stubs, as shown above in Figure 5.20, bearing in mind that the lengths of the loaded 

stubs were lessened before connecting the varactors. Accordingly, the electrical 

lengths of the loaded stubs change by changing the biasing voltage of the tuning 

devices, leading to change in strength of the magnetic coupling between the parallel 

coupled resonators, which in turns changes the filter’s bandwidth. In conjunction with 

this process, the location of the lower transmission zero is changed electronically to 

enhance the filter’s selectivity. The values of the tuning elements for different states 

are listed in Table 5.8 while the tuning full-wave simulated response is shown in Figure 

5.26 

Table 5.8 A list of the used tuning varactor diodes [80] 

Tuning state Tuning components V1 (pf) V2 (pf) V3 (pf) V4 (pf) 

S1 Vc1 0.95 0.34 0.39 0.3 

S2 Vc2 0.3 0.31 0.31 0.3 

S3 Vc3 0.35 0.35 0.38 0.45 
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Figure 5.25 EM full-wave simulation of the integrated lowpass filter’s mechanical tuning (a) Return 
loss (b) Insertion loss 
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Figure 5.26 EM full-wave simulation of the integrated highpass filter’s electronic tuning (a) Return loss 
(b) Insertion loss. 

  



 

116 
 

5.4 Conclusion 

 A cascaded bandpass filter has been deigned, it is composed of a generalized 

lowpass filter integrated with step impedance highpass filter. The project is divided 

into three main sections, the first one is the circuit model deigning and simulation result 

presentation. The second one is customised to present the design methodology of the 

fixed frequency cascaded bandpass filter starting by presenting the design process of 

its lowpass and highpass. The third section is for the tunable bandpass filter, so that 

the tuning approach has been explained and justified using an EM full-wave simulator. 

Two tuning methods have used in this project, the first one is electrical tuning which 

is used to tune the upper lower side of the passband where the tuning was used to 

tune the upper side of the passband. The principle of the used tuning techniques 

based on the tuning of the resonance frequency of both highpass and lowpass filters 

individually. The measurements of the filter were not included due to insufficient time. 

It will be completed once its circuit is fabricated and the electronic elements are 

soldered.  
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Chapter 6 

Conclusion and future work 

 

6.1 Conclusion 

Suspended Substrate Stripline filters (SSS) are a type of filter combining the 

benefits of Microstrip filters in terms of planar structure and of waveguide filters in 

terms of high unloaded quality factor [31]. They also have a number of advantages, 

such as low dispersion and reduced dependency on temperature variation. 

Nevertheless, there are also many disadvantages to this structure, including the 

relatively large size of the circuit element and surrounding metal box, particularly in 

low-frequency applications. This may be a major reason to limit the use of this type of 

filter in small mobile communications systems such as mobile phones, but only on 

fixed systems such as mobile phone base stations (BS). Secondly, there is the 

difficulty of obtaining good grounding levels for the suspended elements, which might 

be the cause of the wide gap in the terms of tunable SSS filters. A third problem is 

integration which forms a major concern and a problem for researchers because of 

the difficulty of exploiting the designs in various communications systems. For these 

reasons, this research focused on studying SSS filters in an attempt to present the 

advantages of this design and solve some of its disadvantages to expand its use 

across all areas of civil and military communications.  

 

A mechanically tuned generalised lowpass filter was introduced [91]. This project was 

started by introducing the design method and providing complete mathematical 

analysis of a fixed frequency filter. Following an EM full-wave simulation, the filter was 

fabricated and measured. It showed strong agreement between the simulation and 

measurement, with insertion and return losses of -0.2 dB and -13.03 dB respectively 

[91]. Next, a new structure for tuning screws was designed and used to tune the filter’s 

resonance frequency. A synchronous tuning method was applied manually. However, 

if an electronic tuning system such as servo-motors is available, it can be connected 

to the designed filter and used to tune it. The tuned filter was simulated and measured, 

and the tuning range was 109MHz from 1.675 to 1.784MHz with a passband’s return 
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and insertion losses from -7 dB to -13.03 dB and from -2.5 dB to -0.2 dB respectively 

[91]. The importance of obtaining a good grounding for the tuning elements was 

clarified from the resulting measured stopband’s spurious frequencies during the 

tuning process. 

 

The second project introduced in this thesis was a combined Microstrip and SSS 

combline bandpass filter with two transmission zeros [77]. This project investigated 

two major problems related to SSS structures, namely the possible and appropriate 

grounding techniques which can be used with the suspended transmission lines and 

finding a suitable method to integrate the SSS with other parts of the system. This 

design also aimed to introduce a new method for transmission zero extraction rather 

than the conventional cross-coupling method. This was done by constructing the 

filter’s circuit model and exploring the effect of different elements on the filter’s 

response using an AWR simulator [81]. Additionally, the method for extracting the 

transmission zeros involved adding two resonators on either side of the input and 

output ports, followed by simulation and an investigation into the effect of the lossy 

elements on the filter’s passband losses. Next, the external coupling and coupling 

coefficient extraction methods [40] were reviewed, and the metallic box for the 

proposed filter has been designed. Afterwards, the transformation from lumped 

element full-wave structure was started. During this phase, the length of the 

resonators was initially assumed to be equal to 𝝀 𝟒⁄  at the resonance frequency, which 

was 3.31GHz, while their width was calculated by applying the equation of the SSS 

transmission lines, which is introduced in [55] and [40], for the lines placed in the 

Microstrip section. The grounding of the resonator was realised at this stage by 

overlapping the enclosure internal edges and the transmission lines, while the tuning 

screws were placed above the resonators for fine- tuning to overcome the expected 

frequency shift which could be caused by the phase velocity discontinuity related to 

the use of different structures. The filter was simulated using EM full-wave simulator 

SONNET ® [36], then fabricated and measured. The return and insertion losses of the 

measured filter were 4.23 dB and -14.23 dB respectively. An investigation into the 

results found that the insertion loss had increased due to the lack of the resonators’ 

grounding. To start the second phase of this project, VIAs were added to the filter’s 
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circuit to ground the filter’s elements instead of using the overlapping method. As well 

as that, screws were used to fix the substrate to the box. Afterwards, the tuning 

elements were added to the circuit to tune the filter’s bandwidth. This was done by 

controlling a variable coupling subnetwork reducer electrically using varactors [82]. 

These were placed on the coupling reducers so that, by tuning their values, the 

coupling coefficients changed and, as a result, the bandwidth was tuned. In 

conjunction with that, there were two extra tuning tasks. The first one was to tune the 

external coupling to maintain the required coupling strength during the tuning of the 

coupling coefficients. The second was to tune the transmission zeros by changing the 

electrical lengths of their extractors using varactors. The filter was simulated, 

fabricated and measured, and then tuned from 59MHz to 88MHz with a fractional 

bandwidth of 1.94-2.7 and insertion and return losses between 5.86-7dB and 11.2-19 

dB respectively. The measurements were investigated and it is thought that varactors 

played a key role in the losses’ increase, as did the displacement of the filter’s 

elements, which affected their characteristic impedances. This displacement could 

have occurred due to the manufacturing tolerance of the enclosure, which is equal to 

10%. 

 

The third project was to design a cascade SSS tunable bandpass filter. A low filter 

was integrated to a highpass one to form the complete circuit of the cascaded filter. In 

the first phase of this project, the fixed frequency cascaded filter was designed 

comprising a generalised lowpass filter of order 7 cascaded with a Step Impedance 

Resonator (SIR) highpass filter. The filter was simulated, fabricated and measured, 

and there was a great match between the simulated and measured responses with a 

Fractional Bandwidth (FBW) of 21.4% and return and insertion losses of 18 dB and 

0.3 dB respectively. Next, the tuning phase was completed. In this phase, some small 

modifications were made to the original circuit. The first one was the addition of a 

lowpass filter to maintain the upper stopband of the filter. In the second modification, 

the input port was changed from edge coupling to broadside coupling in order to create 

enough space for the added lowpass filter. The tuning of this filter is based on two 

methods. The first one is to electrical change the coupling coefficients between the 

coupled SIR lines, which in turn tuned the passband’s lower side. The second tuning 
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method involved placing three tuning screws above the lowpass filter resonators, 

which tuned the passband’s upper side.  

 

6.2 Future work  

 Although the proposed works were investigated extensively, however, due to 

time restrictions, several aspects which emerged have not yet been explored. These 

need to be further investigated, and some promising outcomes are expected. These 

are listed below:  

1- completing the measurements and investigating the results of the tunable cascaded 

SSS bandpass filter. 

2- Investigating the capability of using 3D- printing technology to fabricate substrate-

less planar SSS microwave filters.  

3- Investigating the use of different tuning devices rather than lossy and bulky tuning 

elements. 

4- The possibility of miniaturizing the SSS-sized design for low-frequency applications 

using different design techniques such as a stripline structure. It is expected that using 

such techniques with high dielectric constant substrates will reduce the size of the 

transmission lines significantly.  
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Appendix A 

RO3000® Series Circuit Materials 
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Appendix B 

Richard’s Transformation  

 

Richard’s transformation is an approximate equivalence between the lumped and 

distributed elements [40]. According to Richards, the distributed networks made up of 

transmission lines having equal electrical lengths and lumped resistors [40].  

Richard’s transformation of the lumped elements can be applied as follows: 

 𝑝 →  𝛼tanh (𝑎𝐿 𝑝) B.1 
Where p= σ + jω is the complex frequency variable. 

By applying (B.1) to a capacitor then [55] 

 𝑌(𝑝) = 𝐶𝑃 → 𝛼𝐶tanh (𝑎 𝑝) B.2 

Therefore 

 𝑌(𝑝) → 𝑌0. tanh (𝑎 𝑝) B.3 

and 

 𝑌(𝑗𝜔) → 𝑗𝑌0. tan (𝑎 𝜔) B.4 

where  

 𝑌0 = 𝛼𝐶 B.5 
From (B.4) it can see that a capacitor has been transformed to in an open circuited 

stub by using Richard’s transformation. On the other, an inductor is converted to a 

short-circuited stub as follows  

 𝑍(𝑝) = 𝐿𝑃 → 𝛼𝐿tanh (𝑎 𝑝) B.6 

Therefore 

 𝑍(𝑝) → 𝑍0. tanh (𝑎 𝑝) B.7 

and 

 𝑍(𝑗𝜔) → 𝑗𝑍0. tan (𝑎 𝜔) B.8 

where  

 𝑍0 = 𝛼𝐿 B.9 
 

The transformation process (B.1) to (B.9), are shown in Figure B.1  



 

125 
 

 

Figure B.1 Lumped elements’ Richard’s Transformation  
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Appendix C 

Step Impedance Fundamentals  

 

Step impedance resonators have several types according to their electrical lengths as 

shown in Figure C 1. 

 
 

 

 

(a)        (b) 

 

(c) 

 
Figure C1 The SIR basic structures (a) 𝜆𝑔/4  (b) 𝜆𝑔/2  (c) 𝜆𝑔 [92]. 

 
As can be seen from Figure C1, that the basic structures compose of different 

fundamental elements as follows one for λg/4, two for λg/2  and four for λg [92]. The 

mathematical analysis of the resonance conditions, spurious frequencies and poles 

frequencies has been offered in section 5.2.2.1.  

It is also mentioned in [92] that the λg/4 SIR types are popular used with high 

dielectric constants due to small size. On the other hand, it is clarified that the λg/2 

can be an open ended or short ended SIR [92], where the open ended is more 

suitable for the stripline structures. There are several structures in which λg/2 could 
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be used, for instance the hairpin SIR structure can be utilized for structure 

miniaturizing [93], moreover, a multistep and tapered structures shown in figure C2 

are considered as 

 

(a) 

 

(b) 

Figure C2 advanced structures of SIR resonators (a) Multistepped (b) Tapered [92] 

 

an advanced structure of the λg/2 SIR resonators. Nevertheless, the multistepped is 

useless since its features are not important as that the step SIR’s and tapered 

resonators, it is very useful for analysing the line tapered resonators [92]. 

the Furthermore, the λg is useless as a single mode resonator due to it large-size, 

However, it is very useful in the applications of two orthogonal modes within a ring 

resonator of one wavelength [92].  
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