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Abstract

Architectures and Circuit Techniques for
High-Performance Field-Programmable

CMOS Software Defined Radios

Jianxun Zhu

Next-generation wireless communication systems put more stringent performance require-

ments on the wireless RF receiver circuits. Sensitivity, linearity, bandwidth and power consump-

tion are some of the most important specifications that often face tightly coupled tradeoffs between

them. To increase the data throughput, a large number of fragmented spectrums are being intro-

duced to the wireless communication standards. Carrier aggregation technology needs concurrent

communication across several non-contiguous frequency bands, which results in a rapidly growing

number of band combinations. Supporting all the frequency bands and their aggregation com-

binations increases the complexity of the RF receivers. Highly flexible software defined radio

(SDR) is a promising technology to address these applications scenarios with lower complexity

by relaxing the specifications of the RF filters or eliminating them. However, there are still many

technology challenges with both the receiver architecture and the circuit implementations. The

performance requirements of the receivers can also vary across different application scenario and

RF environments. Field-programmable dynamic performance tradeoff can potentially reduce the

power consumption of the receiver.



In this dissertation, we address the performance enhancement challenges in the wideband SDRs

by innovations at both the circuit building block level and the receiver architecture level. A series of

research projects are conducted to push the state-of-the-art performance envelope and add features

such as field-programmable performance tradeoff and concurrent reception. The projects originate

from the concept of thermal noise canceling techniques and further enhance the RF performance

and add features for more capable SDR receivers. Four generations of prototype LNA or receiver

chips are designed, and each of them pushes at least one aspect of the RF performance such as

bandwidth, linearity, and NF.

A noise-canceling distributed LNA breaks the tradeoff between NF and RF bandwidth by

introducing microwave circuit techniques from the distributed amplifiers. The LNA architec-

ture uniquely provides ultra high bandwidth and low NF at low frequencies. A family of field-

programmable LNA realized field-programmable performance tradeoff with current-reuse pro-

grammable transconductance cells. Interferer-reflecting loops can be applied around the LNAs

to improve their input linearity by rejecting the out-of-band interferers with a wideband low in-

put impedance. A low noise transconductance amplifier (LNTA) that operates in class-AB-C is

invented to can handle rail-to-rail out-of-band blocker without saturation. Class-AB and class-C

transconductors form a composite amplifier to increase the linear range of the input voltage. A

new antenna interface named frequency-translational quadrature-hybrid (FTQH) breaks the input

impedance matching requirement of the LNAs by introducing quadrature hybrid couplers to the

CMOS RFIC design. The FTQH receiver achieves wideband sub-1dB NF and supports scalable

massive frequency-agile concurrent reception.



Contents

List of Figures vi

List of Tables xvi

1 Introduction 1

1.1 Technology Trends of Wireless Communications . . . . . . . . . . . . . . . . . . 1

1.2 Challenges in Multi-Band Multi-Mode RF Front Ends . . . . . . . . . . . . . . . . 4

1.3 Challenges of High-Performance Field-Programmable Wideband SDR Receivers . 6

1.3.1 Wideband SDR Receivers Need Uncompromised RF Performance . . . . . 6

1.3.2 SDR Receivers Need Programmability for Dynamic Performance Tradeoff 8

1.4 CMOS Technology Scaling Enables New RF Techniques . . . . . . . . . . . . . . 10

1.5 Pushing for High-Performance Field-Programmable SDR Receivers . . . . . . . . 13

2 Review of Noise Cancelling Techniques for Wideband SDR Antenna Interface 17

2.1 Impedance Matching Requirements of Receiver Antenna Interfaces . . . . . . . . . 17

2.2 Noise Scaling in Analog Amplifiers . . . . . . . . . . . . . . . . . . . . . . . . . 18

i



2.3 Thermal Noise Cancelling Techniques . . . . . . . . . . . . . . . . . . . . . . . . 20

2.4 Practical Implementations of Noise-Canceling LNAs and Receivers . . . . . . . . 23

2.5 Limitations and Further Improvements of Noise Canceling Techniques . . . . . . . 27

3 Antenna Interface Bandwidth Enhancement with Noise Cancelling Distributed Am-

plifier 30

3.1 Introduction . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 30

3.2 Noise Canceling Distributed LNA . . . . . . . . . . . . . . . . . . . . . . . . . . 31

3.2.1 Limitations of CS-CG NC-LNA and DA . . . . . . . . . . . . . . . . . . . 31

3.2.2 Design of a Noise-Canceling Distributed LNA . . . . . . . . . . . . . . . 33

3.2.3 Proof-of-principle Prototype . . . . . . . . . . . . . . . . . . . . . . . . . 35

3.3 Simulation and Measurement Results . . . . . . . . . . . . . . . . . . . . . . . . 35

3.4 Comparison to the State of the Art . . . . . . . . . . . . . . . . . . . . . . . . . . 38

4 Input Linearity Enhancement of Field-Programmable LNAs with Interferer-Reflecting

Loop 40

4.1 Introduction . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 40

4.2 Field Programmable LNAs and LNA Linearization Techniques . . . . . . . . . . . 42

4.2.1 Field-Programmable LNA Architectures . . . . . . . . . . . . . . . . . . . 42

4.2.2 LNA and Receiver Linearization Techniques . . . . . . . . . . . . . . . . 43

4.3 The Interferer-reflecting LNA . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 46

4.3.1 The Operation Principle of the Interferer-Reflecting Loop . . . . . . . . . 46

ii



4.3.2 The IR Loop Enhances the Loaded Q of Passive Filters . . . . . . . . . . 48

4.3.3 The IR Loop Breaks the Trade-off between Bandwidth and Noise Penalty . 50

4.3.4 The IR Loop Improves the LNA Input Linearity . . . . . . . . . . . . . . . 52

4.3.5 IR Loop Analysis Summary . . . . . . . . . . . . . . . . . . . . . . . . . 59

4.4 Field-Programmable Interferer-Reflecting LNA Circuit Realization . . . . . . . . . 59

4.4.1 The Field-Programmable Wideband Noise-Canceling LNA Core . . . . . . 60

4.4.2 Feedback Buffer . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 61

4.4.3 Tunable Notch Filter Implementations . . . . . . . . . . . . . . . . . . . . 62

4.4.4 Stability Analysis . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 66

4.5 Experimental Results . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 67

4.5.1 Characterization of the Field-Programmable Noise-Canceling LNA Core . 69

4.5.2 Characterization of the FP IR-LNA with 8-Path Notch Filter . . . . . . . . 69

4.5.3 Characterization of the FP IR-LNAs with Passive LC Notch Filters . . . . 74

4.5.4 Discussion . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 75

4.6 Conclusions . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 77

5 Achieving Rail-to-Rail Blocker Resilience with Field-Programmable Hybrid Class-

AB-C LNTAs 79

5.1 Introduction . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 79

5.2 RF Transconductor Linearization Techniques . . . . . . . . . . . . . . . . . . . . 82

5.2.1 Large Signal Linearity vs. Small Signal Linearity . . . . . . . . . . . . . . 82

5.2.2 LNTA Linearity Enhancement with Derivative Superposition . . . . . . . . 84

iii



5.2.3 Resistive Source Degeneration . . . . . . . . . . . . . . . . . . . . . . . . 86

5.3 Operation Principles of the Hybrid Class-AB-C LNTAs . . . . . . . . . . . . . . . 88

5.3.1 The Class-AB-C Transconductor . . . . . . . . . . . . . . . . . . . . . . . 88

5.3.2 Class-AB-C Transfer Curve Alignment Non-idealities . . . . . . . . . . . 90

5.4 Circuit Implementation . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 93

5.4.1 Receiver Architecture . . . . . . . . . . . . . . . . . . . . . . . . . . . . 93

5.4.2 Hybrid Class-AB-C LNTAs . . . . . . . . . . . . . . . . . . . . . . . . . 95

5.4.3 Robust Biasing Scheme . . . . . . . . . . . . . . . . . . . . . . . . . . . 97

5.4.4 Baseband Trans-Impedance Amplifiers . . . . . . . . . . . . . . . . . . . 99

5.5 Experimental Results . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 101

5.6 Conclusions . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 105

6 Achieving Ultra-Low Noise Figure and Massive Frequency-Agile Concurrency with

Field-Programmable Frequency-Translational Quadrature-Hybrid Receiver Array 106

6.1 Introduction . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 106

6.2 FTQH Receiver Architecture . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 109

6.2.1 Tradeoff Between Input Impedance Matching and NF for LNAs and Re-

ceivers . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 109

6.2.2 Traditional Balanced LNAs . . . . . . . . . . . . . . . . . . . . . . . . . 109

6.2.3 Operation Principle of an FTQH Receiver . . . . . . . . . . . . . . . . . . 110

6.2.4 Calibration of the Impairments in a FTQH Receiver . . . . . . . . . . . . . 111

6.3 FTQH for the Realization of Wideband, Ultra-Low-Noise Receivers . . . . . . . . 117

iv



6.3.1 Prior Art in Ultra-Low-Noise Amplifiers . . . . . . . . . . . . . . . . . . 117

6.3.2 Ultra-Low-Noise CMOS Common-Source Transconductance Amplifier . . 118

6.3.3 FTQH Receiver Noise Budget . . . . . . . . . . . . . . . . . . . . . . . . 121

6.4 FTQH for Scalable Inter-Band Carrier-Aggregation Receivers . . . . . . . . . . . 122

6.4.1 Paralleling CS LNTAs with a Single QH . . . . . . . . . . . . . . . . . . . 122

6.4.2 Daisy Chaining FTQH Receivers . . . . . . . . . . . . . . . . . . . . . . 124

6.4.3 Supporting Intra-Band CA . . . . . . . . . . . . . . . . . . . . . . . . . . 125

6.5 FTQH Receiver Prototype Circuit Realization . . . . . . . . . . . . . . . . . . . . 125

6.6 Experimental Results . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 130

6.6.1 Ultra-Low NF FTQH Operation . . . . . . . . . . . . . . . . . . . . . . . 131

6.6.2 Linearity Measurements . . . . . . . . . . . . . . . . . . . . . . . . . . . 133

6.6.3 Concurrency and Carrier Aggregation Measurements . . . . . . . . . . . . 134

6.7 Discussion and Comparison to the State of the Art . . . . . . . . . . . . . . . . . . 136

6.7.1 Comparison to Low Noise SDRs and Wideband LNAs . . . . . . . . . . . 136

6.7.2 Comparison to Carrier Aggregation Receivers . . . . . . . . . . . . . . . . 138

6.8 Conclusions . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 139

7 Conclusions 140

7.1 Summary . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 141

7.2 Future Research . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 144

Bibliography 146

v



List of Figures

1.1 5G capability perspectives from the ITU-R IMT-2020 vision recommendation; dif-

ferent sets of parameters will to be adopted depending on use cases [1]. . . . . . . 2

1.2 The block diagram of a modern multi-mode multi-band RF front end. . . . . . . . 5

1.3 Statistic distributions of the UMTS mobile station (handset) transmit power under

different depolyment scenarios. . . . . . . . . . . . . . . . . . . . . . . . . . . . 9

1.4 Performance enhancements to the wideband SDR receivers and the field-programmable

dynamic performance tradeoffs, annotated with prototype chips covered in this dis-

sertation. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 13

2.1 Noise scaling of an analog amplifier: (a) a unit voltage-mode amplifier (b) improv-

ing the SNR with noise scaling at the cost of multiple devices and a higher power

consumption. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 20

2.2 Conceptual block diagram of a noise-cancelling RF interface. . . . . . . . . . . . . 21

vi



2.3 The operation principle of two example wideband noise canceling LNAs: (a) a

CS-CG noise canceling LNA; (b) a noise canceling LNA with a resistive feedback

matching circuit. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 23

2.4 Operation principle of the frequency-translational noise-canceling (FTNC) receiver. 25

3.1 Simplified schematics of NC-LNA, DA and NCDA . . . . . . . . . . . . . . . . . 32

3.2 Simplified schematic of the NCDA prototype chip . . . . . . . . . . . . . . . . . . 34

3.3 Comparison of measurement results to post-layout simulations . . . . . . . . . . . 36

3.4 Die photo of the distributed noise canceling LNA . . . . . . . . . . . . . . . . . . 37

4.1 Review of translational loop techniques for interferer cancellation or impedance

matching; (a) feedforward loop that cancels out-of-band blockers at the output

of a matched LNA but not at the input; (b) negative feedback translational loop to

realize in-band impedance matching for a high input impedance LNA while out-of-

band blockers see a high impedance and create large unwanted voltage swings; (c)

positive feedback translational loop to realize in-band impedance matching with a

low input impedance wideband LNA. . . . . . . . . . . . . . . . . . . . . . . . . 44

4.2 (a) illustration of rf reflection at an lna input with an input impedance rin; (b) reflec-

tion coefficient s11 and voltage rejection ratio ar for varying input impedance; ar

quantifies the voltage swing in the reflected configuration compared to the matched

configuration; for the same s11, low impedance reflection provides high ar and

small voltage swings, while high impedance reflection results in low ar and high

voltage swings. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 46

vii



4.3 The proposed interferer-reflecting LNA topology. A frequency selective negative

feedback around a wideband matched LNA results in a bandpass profile for the

input impedance with a matched input impedance for the wanted signal and a low

input impedance for unwanted signals. As a result, the out-of-band blocker voltage

swings are reduced. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 47

4.4 Example to illustrate the loaded Q-factor enhancement by the interferer-reflecting

loop; (a) a parallel RLC tank is put directly at the input of the LNA as a bandpass

filter; the LNA is modeled as a broadband negative voltage gain a1 with a matched

input impedance Rin;(b) the same RLC tank placed in an IR-Loop as a notch filter;

(c) equivalent circuit of (b), showing that the impedance of the tank is reduced by

the loop gain. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 49

4.5 Comparison of the noise performance of the two LNA designs of Fig. 4.4; (a) in-

band noise model of the LNA with input filter (Fig. 4.4(a)); (b) in-band noise

model of the LNA with a filter in an IR loop (Fig. 4.4(b)). . . . . . . . . . . . . . . 50

4.6 (a) Simulated voltage gain from the source to the output (Av = 2Vout/Vs) of the

circuits in Fig. 4.4(a)(- -), Fig. 4.4(b)(–) with the same resonator and the circuit

in Fig. 4.4(a) with a scaled resonator (-o-) to match the bandwidth of the circuit

in Fig. 4.4(b) with the original resonator; (b) simulated noise figures for the same

circuits. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 51

viii



4.7 Analysis of the two-tone intermodulation linearity of (a) a non-linear LNA without

the IR loop; (b) a non-linear LNA with the linear IR loop; (c) a linear LNA with

non-linear feedback buffer in the IR loop. . . . . . . . . . . . . . . . . . . . . . . 54

4.8 Comparison between the theoretical model (4.19) and the simulations of LNA’s

OB-IIP3 due to feedback buffer non-linearities only. As the equivalent parallel

resistance R of the notch filter increases, and its attenuation improves, the OB-IIP3

is improved. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 58

4.9 Circuit schematic of the field-programmable interferer-reflecting LNA with an 8-

path notch filter. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 60

4.10 Comparison of the performance obtained with an N-path filter placed in the IR-

LNA topology vs. an N-path bandpass filter at LNA input. Switch sizes are kept

unchanged, while the capacitors are scaled by a factor of 11. The IR-Loop sig-

nificantly reduces the capacitor size and improves the out-of-band rejection of the

filter. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 63

4.11 Comparison between (left) a conventional 8-path notch filter at f0 with 12.5%

duty-cycle clocks requiring a clock generator at 8 f0 and (right) the proposed 8-

path notch filter at f0 with dual-edge triggered 8-phase 25% duty-cycle clocks

only needing a clock generator at 4 f0. . . . . . . . . . . . . . . . . . . . . . . . . 64

4.12 Different bonding options enables filter frequency programmability at packaging

time: (a) low inductance with short bond wires (approximately 1nH) (b) high in-

ductance with longer bondwires (approximately 1.5nH). . . . . . . . . . . . . . . 66

ix



4.13 Forty five different source impedance values have been used in simulation to verify

the stability of the IR-Loop against source impedance variations. (a) The 45 source

impedance points chosen to evaluate the stability of the IR-Loop cover the Smith

chart. (b) The real part of Z11 simulation results from 10MHz to 10GHz under the

45 source impedance values. The input impedance of the IR-LNA is marginally af-

fected by the source impedance variation and the strictly positive input impedance

guarantees stable operation. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 68

4.14 (a) IR-LNA 65nm CMOS prototype using an 8-path notch filter; (b) IR-LNA proto-

type using on-chip LC filter or bondwire-L-C filter; both prototypes have an active

area of 0.2mm2. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 68

4.15 (a) Measured single-ended to differential small-signal gain across different gain

codes and without the IR-Loop active; (b) gain imbalance of CS and CG outputs;

(c) phase imbalance of the CS and CG outputs. . . . . . . . . . . . . . . . . . . . 70

4.16 (a) Measured NF without IR-loop for different common-source stage configuration

codes; (b) NF at 800MHz without IR-loop vs. total LNA DC current consumption

for the different common-source stage configurations. . . . . . . . . . . . . . . . . 71

4.17 (a) Measured programmable operation at different frequencies of the IR-LNA with

the N-path notch filter programmed by the clock frequency; (b) programmable

operation at a given frequency with varying gain. . . . . . . . . . . . . . . . . . . 71

4.18 NF of the IR-LNA with N-path notch filter with and without the IR-Loop. . . . . . 72

x



4.19 Linearity measurements for the IR-LNA with N-path notch filter: (a) B1dB im-

provement at 80MHz offset; (b) out-of-band IIP3 improvement at 75MHz offset;

(c) B1dB and IIP3 improvement vs. offset frequency . . . . . . . . . . . . . . . . . 73

4.20 (a) Single-ended to differential small-signal gain for the IR LNA with on-chip

LC tank; (b) single-ended to differential small-signal gain for the IR-LNA with

bondwire LC tanks: (top) short bondwires and (bottom) long bondwires. . . . . . . 74

4.21 Measured NF of the IR-LNA with (a) on-chip LC filter and (b) bondwire LC filter

with and without the IR loop active. . . . . . . . . . . . . . . . . . . . . . . . . . 75

4.22 Measured B1dB improvement for the IR-LNA with a 900MHz blocker (a) on-chip

LC filter tuned to 2GHz and (b) short bondwire filter tuned to 2.1GHz. . . . . . . . 76

5.1 Existing antenna impedance matching solutions for LNTA based wideband re-

ceivers: (a) Gm boosted common gate LNTA; (b) frequency-translational noise-

canceling (FTNC) receiver; (c) frequency-translational quadrature hybrid (FTQH)

receiver; (d) negative feedback translation loop; (e) resistive feedback LNA with

an N-path filter mixer. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 81

5.2 The derivative superposition technique with two NMOS transistors biased in weak

and strong inversions respectively [2]. The third order derivatives cancel out with

each other around a Vgs of 0.45V. . . . . . . . . . . . . . . . . . . . . . . . . . . 85

5.3 Simulated DC transfer curves of (a) an NMOS transconductor with resistive source

degeneration; (b) normalized DC transfer curves with a progressively larger degen-

eration resistor. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 87

xi



5.4 The third order derivative of the transfer curves shown in Fig. 5.3. The profile is

shifted to the left with a progressively higher degeneration resistor. . . . . . . . . . 87

5.5 Compression mechanisms in a wideband voltage-mode amplifier and a wideband

transconductance amplfiier. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 88

5.6 The operation principle of the class-AB-C transconductance cell: (a) the simplified

schematic; (b) the combined transfer curve extends the linear input voltage range

and prevents clipping in the output current. . . . . . . . . . . . . . . . . . . . . . 90

5.7 Illustration of the class-AB-C alignment non-idealities: (a) perfect alignment, (b)

positive Vth misalignment with cross over distortion, (c) negative Vth misalignment

(d) large signal slope mismatch. . . . . . . . . . . . . . . . . . . . . . . . . . . . 92

5.8 Block diagram of the wideband field-programmable prototype receiver with CS

and CG class-AB-C LNTAs. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 94

5.9 (a) Schematics of the CS and CG field-programmable noise canceling LNTAs (bias

not shown); (b) three example operation mode of the noise canceling LNTAs. . . . 95

5.10 The bias voltage alignment criteria of the class-AB-C Gm cells. . . . . . . . . . . . 97

5.11 The LNTA bias generation and configuration circuits that are robust against PVT

variations. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 98

5.12 Linearity simulation results of the CS and CG LNTAs configured in the class-AB-C

mode across different process corners, supply voltages, and operation temperatures. 100

5.13 Simplified schematic of the programmable base-band OTA. . . . . . . . . . . . . 101

5.14 Die photo of the 40nm LP CMOS receiver prototype. . . . . . . . . . . . . . . . . 102

xii



5.15 The receiver performance measured with a 900MHz LO for different operation

modes: (a) noise figure vs. IF frequency (b) OB-IIP3 vs. two-tone offset frequency

(c) B1dB vs. blocker offset frequency. . . . . . . . . . . . . . . . . . . . . . . . . . 103

5.16 OB-IIP3 and B1dB at different LO frequencies, OB-IIP3 measured at 80MHz offset

and spacing and B1dB measured for a 200MHz offset. . . . . . . . . . . . . . . . . 104

5.17 DSB NF and conversion gain for LOs from 0.5 to 1GHz. . . . . . . . . . . . . . . 104

6.1 Operation scenario examples for LTE carrier aggregation: (a) intra-band contigu-

ous CA (Band 2), (b) intra-band non-contiguous CA (Band 2), (c) inter-band CA

(4-band case) [3]. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 108

6.2 Balanced LNA and its signal flow: (a) the desired signal from the antenna is ampli-

fied and the noise from RT is cancelled; (b) the reflected signals from the LNTAs

cancel at the in port and are redirected to the iso port when |GL|⇡ 1. . . . . . . . . 111

6.3 Architecture of the frequency-translational quadrature-hybrid receiver and its termination-

resistor noise-cancelling mechanism. . . . . . . . . . . . . . . . . . . . . . . . . . 112

6.4 Possible RF impairments of the FTQH antenna interface, where the imbalanced

QH S-parameters, the imbalanced LNTA input reflection coefficients, and the non-

zero reflection coefficients of the antenna and the RT all introduce cancellation

errors which can possibly degrade the RF performance. . . . . . . . . . . . . . . . 113

6.5 Achievable S11 under RF impairments: (a) S11 with QH imbalance errors only; (b)

S11 with GL phase imbalance with the phase imbalance of the QH kept at 5�. . . . . 114

xiii



6.6 Minimum achievable NF with RF impairments: (a) NF with QH imbalance errors

only; (b) NF with non-50W Rs (i.e. non-zero Gs). . . . . . . . . . . . . . . . . . . 116

6.7 Calibration of the FTQH baseband Cartesian combiner for optimum noise cance-

lation. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 117

6.8 Theoretical calculation (Equation 6.8) and schematic simulations of the NF of a

65nm CMOS LNTA at 1GHz vs. gm scaling, with a device fT of 90GHz. . . . . . . 119

6.9 The schematic of a two-channel common-source LNTA that enables wideband

voltage domain RF signal splitting. . . . . . . . . . . . . . . . . . . . . . . . . . 120

6.10 An FTQH carrier aggregation receiver array can be scaled by adding more parallel

receivers per QH and by daisy chaining QHs with parallel receivers. . . . . . . . . 123

6.11 The FTQH 65nm prototype receiver: (a) Die photo of the dual-channel FTQH

prototype chip showing two symmetric receiver channels on the left and right; (b)

RF section of the test PCB showing the wideband QH and the FTQH receiver chip;

the transmission lines are kept short and symmetric. . . . . . . . . . . . . . . . . . 126

6.12 The system block diagram of the two-channel FTQH receiver prototype chip. . . . 127

6.13 The schematic of the 8-phase passive mixer and the LO signal generator; each

prototype chip has two sets of LO generators. . . . . . . . . . . . . . . . . . . . . 128

6.14 The schematic of a single down-conversion signal chain with CS LNTA driven

8-phase HRM; each prototype chip has four such signal chains. . . . . . . . . . . . 129

xiv



6.15 Noise-figure measurements of the FTQH prototype as a field-programable wide-

band SDR: (a) NF measurements at 900MHz across a 20MHz IF bandwidth under

different operation modes; (b) NF measurements across different LO frequencies

under different operation modes; (c) NF measurements at 900MHz showing in-

field NF-power tradeoff. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 132

6.16 Linearity measurements of on channel A of the FTQH receiver with the IF band-

width programmed to 20MHz: (a) IIP3 and B1dB vs offset frequency; for OB-IIP3

the two tones are placed at around fLO+ foffset and fLO+2 foffset; (b) Linearity mea-

surements across LO frequencies; B1dB improves with 6dB LNTA gain backoff. . . 134

6.17 Four-channel inter-band CA measurements: (a) Block diagram of the two-chip 4-

channel CA setup; (b) Measured conversion gains of the four concurrent channel;

(c) NF measurement of each channel, the two low-frequency channels (C and D)

have 1dB NF penalty from the insertion loss of the first QH daisy chain stage. . . . 135

6.18 EVM measurements of the 4-channel CA setup: (a) Measured spectrum of the four

modulated input carriers each has approximately -70dBm integrated power; (b)

Demodulated constellations of the four carriers with a worst-case EVM of 2.8%. . 136

xv



List of Tables

3.1 Performance summary of wide-band CMOS LNAs . . . . . . . . . . . . . . . . . 37

4.1 Performance Summary . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 76

4.2 Comparison of the FP-IR-LNA to other state-of-the-art Programmable LNAs . . . 77

4.3 Comparison of the N-path IR-LNA to other state-of-the-art LNAs and receivers . . 77

5.1 Measurement Summary and Comparison to the State of the Art . . . . . . . . . . . 105

6.1 Comparison to the state-of-the-art high-performance SDR receivers and LNAs. . . 137

6.2 Comparison to the state-of-the-art CA receivers. . . . . . . . . . . . . . . . . . . . 138

xvi



Acknowledgments

I would like to thank my Ph.D. advisor, Professor Peter Kinget for his support for the last

five years. He is a dedicated and patient mentor who encouraged me throughout the course of

my Ph.D. study and helped me become a qualified researcher and engineer. I do hope that I have

learned from his excellent skills in engineering, research, writing, and management. I would also

like to thank my defense committee members: Prof. Yannis Tsividis, Prof. Harish Krishnaswamy,

Prof. Alyosha Christopher Molnar, and Dr. Yves Baeyens for their invaluable time, comments,

and feedback.

I would also like to thank, in no particular order, the current and past CISL members: Kshitij

Yadav, Karthik Tripurari Jayaraman, Baradwaj Vigraham, Jayanth Kuppambatti, Chun-Wei Hsu,

Chengrui Le, Tugce Yazigicil, Yang Xu, Meng Wang, Teng Yang, Tanbir Haque, Scott Newton,

Matt Bajor, Sarthak Kalani, Daniel de Godoy Peixoto, Shravan Nagam, Vivek Mangal, Yudong

Zhang, Guoxiang Han, Hassan Edrees and Aida Raquel for many collaborated projects, useful

discussions, and being excellent colleagues. I would also like to thank my colleagues at Silicon

Laboratories: Ramin Poorfard, Vitor Pereira, Yu Su, Sherry Wu and Krishna Pentakota for their

mentoring and help during my internship there.

I would like to further thank Elsa Sanchez, Kevin Corridan, Janice Savage, Zachary Collins, Ar-

turo Lopez, Yoel Rio, Jessica Rodriguez, William McCabe, Kington Chan, Chammali Josephs and

Laura Castillo of the Electrical Engineering department for their administrative support throughout

my Ph.D. study.

The work presented in this thesis was supported by the Defense Advanced Research Projects

xvii



Agency (DARPA) RF-FPGA program and by STMicroelectronics and United Microelectronics

Corporation (UMC) for chip fabrication donation in advanced CMOS processes. I would like to

thank their support for my research.

Finally, I would like to dedicate this dissertation to my family, especially my parents, my

brother, and my wife Huan. I could never be where I am without their unconditional love and

support. Their firm belief in me gives me strength and courage to go through the dark time and

their companion gives me warmth during the glorious moments. This work would not be possible

without you.

xviii



Chapter 1

Introduction

1.1 Technology Trends of Wireless Communications

The wireless communication technologies have seen rapid growth over the past two decades in

terms of the number of devices, the overage of the network, and the quality of the service. In

particular, mobile wireless communication systems evolved from the simple radio pagers to the

modern broadband 4G LTE cellular networks and will continue to evolve into the next-generation

(5G) systems. The data throughput of the networks have grown by several orders of magnitude and

the service types have evolved from basic voice and text messages into broadband Internet access

and content-rich multimedia applications. These applications further diversify into multiple cate-

gories each emphasize different aspects of the wireless link performance (Fig. 1.1). For example,

enhanced mobile devices such as next-generation smartphones need higher data throughput for

multimedia contents such as file sharing, video streaming, and real-time video chatting. Mission
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Figure 1.1: 5G capability perspectives from the ITU-R IMT-2020 vision recommendation; differ-
ent sets of parameters will to be adopted depending on use cases [1].

critical systems, such as those for public safety, autonomous vehicles, and drones, must guarantee

ultra-low latency and ultra-high reliability. The machine type communications (also known as the

Internet of Things) need to support a massive number of devices with lower power and cost.

To accommodate the proliferation of wireless devices and the ever-increasing data throughput,

more RF spectrums are also being introduced, especially for mobile communications. However,

due to legacy issues and different regional spectrum allocation policies, the available spectrums

are highly fragmented and are not always compatible between geological regions. For example,

the frequency bands for mobile communications have increased from the 4 bands in the GSM sys-

tem to more than 50 bands in the latest LTE standards scattered between 450MHz and 5GHz [3].

On top of the large number of frequency bands, utilizing the fragmented spectrums is also very
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challenging in terms of radio implementations. Technologies such as carrier aggregation (CA) are

being developed to stitch together multiple segments of contiguous or non-contiguous spectrums

to achieve a broader system bandwidth1. Furthermore, next-generation flexible spectrum sharing

paradigms for both licensed and unlicensed spectrums might allow multi-tier opportunistic spec-

trum utilization and need flexible cognitive radios (CR) that are able to sense and adapt to the RF

environment [4].

These seemingly conflicting requirements impose both great challenges and opportunities for

the wireless communication systems. To address these challenges, software defined radios (SDR)

are actively researched as promising candidates for the next-generation wireless radios in both

the academia and the industry. The original SDR concept [5] proposed to interface the analog

to digital converters (ADCs) and digital to analog converters (DACs) directly with the antennas

to digitize the entire spectrum of interest. The processing of the information can be performed

by software and easily reprogrammed. Such strategies are starting to be adopted in some special

application scenarios where either the carrier frequency is very low (AM radios) or the spectrum

utilization is relatively predictable and controllable with lower dynamic range requirements (digital

cable TV, DOCSIS). However, for other types of wireless communications, especially cellular

communication system, over 100dB of dynamic range is often needed at several GHz of carrier

frequencies. A single data converter that is able to handle such high dynamic range either has

extremely high power consumption or does not exist at all [6]. As a compromise between the power

consumption, cost, computation complexity, and flexiblity, practical modern SDRs are typically
1Carrier aggregation technologies are discussed with further details in Chapter 6.
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implemented with programmable multi-mode multi-band (MMMB) RF front ends and wideband

data converters.

1.2 Challenges in Multi-Band Multi-Mode RF Front Ends

Historically, high-performance narrowband receiver front ends often make use of external filters

such as band-selection filters, image-reject filters, and intermediate frequency (IF) filters to protect

the receiver from out-of-band interferers and to suppress spurious responses. These filters are usu-

ally implemented with high quality microwave resonators such as transmission lines and cavities,

or with acoustic resonators of surface acoustic wave (SAW), bulk acoustic wave (BAW) or film

bulk acoustic resonator (FBAR) technologies. These filters are often bulky, costly and difficult to

integrate with CMOS RFICs. Furthermore, they are often not tunable nor programmable in oper-

ating frequencies due to technology limitations. To reduce the cost and the form factor of receiver

front ends and to improve flexibility at the same time, the off-chip filters should be eliminated as

much as possible. The widely adopted zero-IF (direct-conversion) and low-IF receivers eliminate

the use of external image-rejection filters and IF filters. Challenges such as IIP2 and self-mixing

DC offsets can now be addressed with digital-assisted calibrations []. The band-selection filters,

however, are still critical components to protect the receiver from out-of-band interferers.

Multi-mode multi-band (MMMB) radios often adopt multiple band-selection filters and du-

plexers to support the different operation modes and different frequency bands. Fig. 1.2 shows a

typical block diagram of an RF front end of a modern mobile phone [7] that supports three gener-

ations of standards including GSM, WCDMA and LTE. These standards have different frequency
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Figure 1.2: The block diagram of a modern multi-mode multi-band RF front end.
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bands of operation, duplexing methods, and RF performance requirements such as sensitivity and

linearity. In order to meet the stringent RF requirements, a dedicated RF filter is often used for

each frequency band. As can be seen in Fig. 1.2, many RF filters and LNAs are connected to the

antennas with high-fanout RF switches. With an increasing number of bands and emerging carrier

aggregation band combinations [3], the RF front end complexity grows rapidly and it inevitably

increases the cost and the form factor of the radio solutions.

Wideband SDR receiver front ends with eliminated RF filters2 are possible substitutes for the

MMMB receivers. However, due to the stringent RF performance requirements, designing wide-

band receivers that have comparable performance to the traditional narrow-band receivers still

remain one of the major technical challenges.

1.3 Challenges of High-Performance Field-Programmable Wide-

band SDR Receivers

1.3.1 Wideband SDR Receivers Need Uncompromised RF Performance

Substituting the traditional narrow-band receivers with field-programmable wideband receivers is

very challenging due to the absence of the band-selection RF filters. The performance of the

wideband receiver must be significantly enhanced to match that of the narrow band receivers.

Wideband LNAs, such as the common-gate LNAs and the resistive feedback LNAs, typically

have higher NFs than the narrowband inductively degenerated LNAs. The requirement of main-
2Such receivers are referred to as SAW-less receivers in the rest of the dissertation.
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taining a matched input impedance often conflicts with the effort of reducing the NF with more

power consumption3.

Wideband receivers and LNAs need to have higher out-of-band blocker and interferer tolerance

without the protection of the RF filters. The out-of-band blocking mask specifications vary across

different wireless standards. For example, the wideband LTE receivers need to handle at least -

15dBm out-of-band blockers, the GSM receivers need to tolerate 0dBm blockers, and co-located

base stations, in the worse scenarios, can suffer from blocker levels as high as +10dBm [3]. Large

out-of-band blockers can cause gain compression due to the nonlinearities in the signal path of the

receiver. The linearity problems are especially prominent for wideband LNAs as they often apply

significant voltage gains to reduce the NF of the LNAs and to suppress the noise contributions of

the successive stages in the signal chain. However, undiscriminated amplification of the desired

signal and the interferers without filtering can desensitize the receiver through various distortion

mechanisms.

Without the band-selection filters, the wideband SDR receiver is also suspect to interferers

across a very wide frequency range. Mixers in the SDR receiver can pickup spurious interferers at

harmonics of the local oscillator (LO) frequency and corrupts the desired in-band signals. Thus,

wideband receivers need harmonic-rejecting techniques such as harmonic rejecting mixers (HRM)

or programmable RF anti-aliasing filters.

Finally, reciprocal mixing can be a very challenging issue in wideband SDR receivers [8].

Reciprocal mixing is caused by the mixing of out-of-band interferers and the phase noise of the

local oscillator (LO) signals at the corresponding offset frequencies. The mixing corrupts the in-
3This will be discussed in more details in Chapter 2.
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band desired signal with an additive noise proportional to the amplitude of the interferer. Thus, the

LO signals need to have lower phase noise comparing to the narrow band receivers.

1.3.2 SDR Receivers Need Programmability for Dynamic Performance Trade-

off

As Discussed above, achieving uncompromised RF performance with wideband SDR receivers

is a very challenging circuit design task. A multi-mode SDR receiver is often deployed to cover

several different standards, and it needs to meet the most stringent RF requirements among all the

supported standards.

A fixed SDR receiver that is designed to address the performance requirements of the worst-

case operation scenario often have penalties in some other aspects, usually in the power consump-

tion. For instance, receiver NF improvement is usually directly associated with an increased power;

linearity enhancement circuits can consume additional power. Apart from the power penalty, lin-

earity enhancement techniques often incur NF panelty on the receiver.

However, not all the standards have equally stringent performance requirements. For example,

GSM handset receivers need to tolerate larger out-of-band blocker than the UMTS and LTE re-

ceivers, but the UMTS and LTE receivers have higher sensitivity requirements even they have

larger carrier bandwidth. Other short-range broadband wireless standards such Bluetooth and

802.11 have large carrier bandwidth but relatively relaxed requirements on sensitivity. Even within

the one standard, the RF performance requirements can vary depending on the operation scenarios

and the RF environments. Shown in Fig. 1.3 are the transmit power statistics of UMTS mobile
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Figure 1.3: Statistic distributions of the UMTS mobile station (handset) transmit power under
different depolyment scenarios.

handsets in the urban and the suburban areas. Suburban deployments have significantly more

probability to transmit at its maximum power for an extreme coverage reach. The average trans-

mit power in the suburban area is 10.6dBm comparing to the 5.4dBm in the urban area. Thus,

in situations where the handset is close to the basestation with favorable channel conditions, both

the transmitter power and receiver sensitivity can be relaxed to save power consumption. The

presence of the blocker signals also depends on the proximity of the handset to the source of the

interferer and its transmit behaviors. Thus, flexible and field-programmable RF circuits are desir-

able building blocks for SDR receivers. The performance of the receiver, such as the linearity, NF

and power consumption, can be dynamically traded off depending on the operation scenario and

RF environments to optimize power consumption of the receiver.

Though an attractive concept, field-programmable RF circuits are not easy to design. Many of

the circuit parameters are strongly coupled with each other, and independent adjustments of each

performance aspect are not always possible. Also, adding programmability to the circuits can intro-
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duce additional parasitic resistance and capacitance, which can degrade the receiver and LNA per-

formance such as the bandwidth and NF. With the deeply scaled CMOS transistors, low-parasitic

RF switches are becoming feasible and create new opportunities for wideband programmable RF

circuits implementations.

1.4 CMOS Technology Scaling Enables New RF Techniques

Traditional RF and microwave circuit designs often work with discrete and distributed components

that are integrated on printed circuit boards (PCB). As the dimensions of the circuits and intercon-

nections are comparable to the wavelength of the signals, distributed element models are used.

Signals are represented as power or voltage waves and maximum RF power transfer is often de-

sired due to the difficulty of obtaining RF gains from low fT devices. The 50W system impedance

convention is widely adopted to facilitate the integration of different components such as antennas,

filters, amplifiers and mixers.

The development of modern CMOS RFIC shifts drastically from the traditional RF design

paradigm. Thanks to the technology scaling, modern CMOS devices have very high speed and yet

can be manufactured with very low cost and profile. CMOS RFICs are able to integrate most of the

transceiver circuits onto a monolithic substrate. At this scale, the dimensions of the devices and

interconnections are reduced from centimeters to micrometers, which is now much shorter than the

signal wavelength of the low-GHz signals. As a result, signal representations shift from waves to

currents and voltages, maximum power transfer becomes less critical, and the 50W convention is

no longer followed for the on-chip interconnections and interfaces.
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Modern commercial wireless radios are often integrated into a system-on-chip (SoC) platform

with massive digital signal processing (DSP) circuit and microprocessors. In these SoC implemen-

tations, highly scaled CMOS technologies are often favored for the intensive digital circuits. The

availability of of these fast devices dramatically changes the fashion of RF circuit design.

Traditional analog circuit techniques are being introduced into the low-GHz RF circuit de-

signs. The lower parasitic capacitance of the scaled CMOS devices makes the implementation of

inductorless wideband RF circuits possible. Traditionally, inductively source-degenerated LNAs

are the dominating topology for integrated CMOS LNAs, and a classical implementation can use

up to three inductors. The LNA is narrow band and and can hardly be tuned across different op-

erating frequencies. Recently, wideband inductorless LNAs using resistive feedback, gm boosting,

and noise canceling techniques become increasingly popular. Linearization techniques such as

feedback and resistive degeneration are not uncommon for wideband RF receivers.

However, the lower breakdown voltage of scaled CMOS transistors eats into the voltage head-

room of the RF circuits. In conventional voltage-mode LNAs, the out-of-band interferers are also

amplified and the low output voltage headroom limits the linearity of the LNAs. This becomes

a more challenging problem with the low power supply voltage of the scaled technology. One

possible solution is to operate the LNA at a higher supply voltage and carefully bias the circuits

for reliable operations and a startup [9]. Another solution is to process the received signals in the

current domain with low noise transconductance amplifiers (LNTA) and avoid voltage gain before

filtering. These LNTAs can be co-designed with the current driven passive mixers as current sink

loads. Receivers using such circuit topologies have demonstrated higher than 0dBm out-of-band
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blocker tolerance [10]. Inverter-based RF and baseband circuits are also becoming more popular

due to the lower power supply voltage [11]. They are starting to be used as compact yet power

efficient transconductors.

CMOS transistors are being extensively used as switches in the RF circuits. In older technolo-

gies, the device parasitic capacitance often loads the circuits significantly and incur a large penalty

on the circuit bandwidth. With scaled transistors, low-resistance switches can be easily imple-

mented with much lower parasitics. Programmable circuits building blocks such as programmable

LNAs can have multiple sliced unit circuits and digitally controlled configuration switches. High-

speed switches are also used in the multi-phase harmonic-rejection passive mixers for frequency

conversion and in the high-Q N-path filters whose center frequency can be conveniently set by its

clock frequency.

Although most parts of a receiver front end can now be integrated into a single CMOS RFIC, the

antenna interface still has to follows the 50W system impedance convention due to the distributed

nature of the antennas and their feed lines. In situations where band-selection filters are needed,

the 50W interface is also necessary to maintain the transfer function and the specifications of the

RF filters. This input impedance matching requirement is one of biggest constraints on the LNA

and receiver design. We address the antenna interface challenge with multiple research projects

conducted in the scope of this dissertation.
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1.5 Pushing for High-Performance Field-Programmable SDR

Receivers

The objectives of this dissertation are to invent and investigate new SDR receivers architectures and

circuit building blocks for the next generation wireless communication systems. The conducted

research strives to advance SDR receivers technologies in three aspects: pushing the state-of-the-

art performance through circuit and radio architecture innovations, adding new features such as

concurrent reception, and introducing field programmability for dynamic performance tradeoff

and power optimization.

Wideband SDR
LNAs / Receivers

Ultra High 
Linearity

Massive 
Concurrency

Ultra Low 
Noise Figure

Ultra Wide 
Bandwidth

Scalable Power Consumption

Tr
ad

e
o
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o
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Figure 1.4: Performance enhancements to the wideband SDR receivers and the field-
programmable dynamic performance tradeoffs, annotated with prototype chips covered in this
dissertation.
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Fig. 1.4 illustrates the key research directions to push the performance and features of the

SDR receivers and the dynamic tradeoffs between different performance aspects. The aims are to

push for ultra high linearity, ultra low noise figure, ultra wide bandwidth and massive concurrent

reception. Shown in double arrows are the relationships between the performance aspects and

features that can be dynamically traded off.

Thermal noise canceling is a family of circuit techniques that are suitable for wideband antenna

interfaces. The noise canceling techniques can maintain a wideband RF input impedance matching

and achieve a low NF at the same time. In Chapter 2, we review the principle of the noise canceling

techniques, the existing circuit architectures, and their limitations and challenges.

In this dissertation, innovations at both the circuit and the receiver architecture level push the

capabilities of noise canceling techniques. Several modifications to the core idea of noise cancella-

tion are made to break the performance bottlenecks and fundamental tradeoffs. As a result, we can

enhance the RF performance and incorporate field programmability into the receivers. Research

conducted in these directions leads to four independent tapeouts of proof-of-principle CMOS LNA

and receiver chips for technology validation.

Pushing a wideband LNA antenna interface to the multi-GHz range while maintaining a low

NF across the whole operating frequency range is very challenging. Using larger devices for a

lower NF introduces more parasitic capacitance and inevitably reduces the RF bandwidth. Thus,

a tradeoff between the NF and the bandwidth must be made. We combine the architecture of

the common-source common-gate noise-canceling LNA with the distributed amplifier to uniquely

break this tradeoff. A CMOS noise canceling distributed LNA designed in 65nm CMOS technol-



15

ogy is demonstrated in Chapter 3. The LNA operates from DC up to 9.5GHz and still maintains a

low noise figure at low frequencies.

To push the input linearity of the LNAs and introduce field programmability, a family of

LNAs with interferer-reflecting loops (IR-Loop) was designed. IR-Loop is a technology that ap-

plies frequency-selective feedback loops around wideband LNAs to reduce the out-of-band input

impedance and to suppress the input voltage swing created by the blockers. Notch filters tuned to

the operation frequency create selectivity in the feedback loop. The filters can be implemented with

on-chip inductors and capacitors, bondwire inductors and on-chip capacitors, or switched-capacitor

N-path notch filters. Current-reuse CS and CG LNA cores are designed with programability in the

gain, NF, linearity and power consumption for dynamic power optimization. Two prototype chips

are designed and fabricated with a 65nm CMOS technology. Different filter technologies are used

and two different packaging configurations are used to program the bondwire inductance during

packaging time. Chapter 4 discusses the analysis, design and validation of the IR-LNAs in details.

The input linearity of an SDR receiver can be further pushed with the use of low noise transcon-

ductance amplifiers (LNTA) and current-mode passive mixers. Chapter 5 introduces the field-

programmable LNTAs with ultra-high linearity. The innovative class-AB-C LNTAs use class-AB

and class-C cells to complement and extend their linear operation range. The biasing circuits

maintain the linearity performance robustly across PVT variations. When connected to a noise

canceling receiver, the class-AB-C LNTAs can tolerate a maximum out-of-band B1dB of +11dBm

in the best case, which corresponds to a 2.24V peak-peak voltage swing at the input of the receiver
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without any RF filtering. In addition to the ultra-high linearity, the full receiver can be programmed

in different modes of operation to dynamically trade off the NF, linearity and power consumption.

To realize a sub-1dB NF and enable massive concurrent reception, we invented the frequency-

translational quadrature-hybrid (FTQH) technique. By combining quadrature hybrid couplers with

RFICs, the FTQH architecture breaks the tradeoff between the receiver input impedance matching

requirements and the actual input impedance used by the LNAs or LNTAs. The freedom to use

an arbitrary input impedance opens up many opportunities to minimize the NF and to support

massive concurrency. In chapter 6 we discuss the operation principle of the FTQH technique

and its circuit implementation to achieve an ultra-low NF and massively scalable concurrency

from a single wideband antenna. A 65nm CMOS prototype chip is demonstrated with a sub-

1dB minimum NF for signle-channel operation and up to 4 channel concurrent reception between

600MHz and 2.1GHz.

Chapter 7 summarizes this dissertation and provides avenues for future work and potential

improvements.



Chapter 2

Review of Noise Cancelling Techniques for

Wideband SDR Antenna Interface

2.1 Impedance Matching Requirements of Receiver Antenna

Interfaces

Traditional RF and microwave circuit often use a 50W system impedance to interface various build-

ing blocks. These designs work with discrete components that are either interconnected with RF

cable assemblies or integrated onto a single RF PCB. The dimensions of the components and inter-

connections are comparable to the wavelength of the signals, and the analysis and design of such

RF circuits often use distributed element models and S-parameters. Signals are typically repre-

sented as voltage or power waves normalized to a system impedance, which facilitates the integra-

tion of cables and separately designed components such as antennas, filters, couplers, amplifiers,

17
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and mixers. The 50W system impedance is a commonly accepted convention as a compromise

between loss and power handling.

The modern CMOS RFIC design makes a drastic shift in the analysis and design methodolo-

gies. Thanks to CMOS technology scaling and fast devices with an fT exceeding 200GHz, RFICs

can integrate most of the active circuits onto a single substrate. The dimensions of the devices

and interconnections decrease to micrometers and are much shorter than the signal wavelength at

several GHz. As a result, signals can now be presented as currents and voltages, and lumped ele-

ment models can be used. With the ability to co-design all the active circuits, on-chip RF circuit

interfaces no longer follow the 50W convention.

Even with highly integrated receivers, the antenna interface still needs to follow the 50W system

impedance convention due to the separately designed antennas and their distributed feed lines.

Also, band-selection filters need terminated 50W interface at all the ports to maintain their transfer

functions and specifications.

2.2 Noise Scaling in Analog Amplifiers

In traditional analog circuit designs, there is often a strong tradeoff between the noise performance

and the power consumption of a circuit. For example, considering an analog amplifier shown

in Fig. 2.1(a), the voltage-mode amplifier is driven with a input voltage signal composed of the

desired signal Vs and its noise V 2
n,s. The noise of the amplifier can be represented as an equivalent

input referred noise voltage V 2
n1. One of the possible implementations of the amplifier is a simple

common-source MOSFET with a transconductance gm driving a resistive load RL. The noise factor
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of the circuit shown in Fig. 2.1(a) is:

F =
A2V 2

n,s +A2V 2
n1

A2V 2
n,s

= 1+
V 2

n1

V 2
n,s

(2.1)

When multiple such amplifiers are put in parallel, the overall equivalent input and output impedances

both become N times lower and the voltage gain of each amplifier slice is reduced by N times. As

the signal and the noise from the source are amplified coherently by each amplifier slice, they add

up in magnitude at the output and the voltage gain from Vin to Vout stays the same as a single am-

plifier slice. The noise contributions from the amplifier slices, however, are often independent with

each other. Assuming that they are independent Gaussian white noise sources, the noise compo-

nents add up in power at the output instead of in magnitude. The noise factor can now be calculated

as:

Fscaled =
(NA)2 V 2

n,s
N2 +ÂN

i=1
V 2

n,i
N2

(NA)2 V 2
n,s

N2

= 1+
V 2

n1

N ⇥V 2
n,s

(2.2)

It can be observed that the noise factor of the amplifier can be improved by scaling up the circuit at

the cost of an N times larger power consumption and device area. The gain, linearity and bandwidth

do not change with such scaling, but both the input and output impedances become smaller. Such

impedance change is usually not critical for low-frequency analog circuits as they often have high-

impedance MOSFET gates at their inputs and the input impedance is largely capacitive. Scaling

up the circuits simply presents more load capacitance to the previous stage and may reduce the

analog bandwidth of the signal chain. In the case of RF LNAs, however, noise scaling cannot be

easily achieved by simply putting more LNA circuits in parallel. The RF interface of the LNA
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Figure 2.1: Noise scaling of an analog amplifier: (a) a unit voltage-mode amplifier (b) improving
the SNR with noise scaling at the cost of multiple devices and a higher power consumption.

often requires a 50W matched impedance, but the direct noise scaling method is not able to keep

the input impedance constant.

2.3 Thermal Noise Cancelling Techniques

Thermal noise cancelling is a family of circuit techniques that breaks the tradeoff between the input

impedance matching requirement and the noise scaling techniques. The key idea behind the tech-

niques is to measure the thermal noise created by the input matching circuit and to subtract it from

the desired signals to mitigate its noise contribution. A conceptual block diagram of the noise can-

celling RF interface is shown in Fig. 2.2. In order to separate the signal from the source (denoted

by s) and the noise from the matching circuit (denoted by n), two separate low-noise measure-

ments (denoted by m1 and m2) need to be performed around the matching circuit. Assuming that

the noise contributions from the matching circuits to the two measurements are fully correlated,
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Figure 2.2: Conceptual block diagram of a noise-cancelling RF interface.

the two measurements can be described mathematically with the following matrix equation:
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The matrix K denotes the transfer coefficients from s and n to m1 and m2. n1 and n2 denotes the

additive noise introduced by the two measurement circuits.

The two measurements are further processed with two coefficients c1 and c2 and summed as

the final output y.
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If we can design the matrix C and K to satisfy the criteria such that:


c1 c2

�
2

664
k11 k12

k21 k22

3

775=


a1 0

�
(2.5)

The final out now becomes:

y = a1s+ c1n1 + c2n2 (2.6)

The contribution from the matching circuit (n) is completely cancelled out at the final output.

The signal from the source is amplified by a gain of a1 and the noise from the matching circuits is

completely cancelled. The only noise contributions now comes from the two measurement circuits.

If we can apply noise scaling to these measurement circuits, then the overall noise figure can be

reduced by increasing the power consumption.

Notice that the variables used in the above analysis are all abstract and in practical implemen-

tations can be mapped to physical parameters such as voltage, current or even guided waves. c1

and c2 are also generalized gains that can be either real coefficients for broadband real signals,

complex coefficients for band-limited signals, or even complex conversion gains across different

frequency domains.
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Figure 2.3: The operation principle of two example wideband noise canceling LNAs: (a) a CS-CG
noise canceling LNA; (b) a noise canceling LNA with a resistive feedback matching circuit.

2.4 Practical Implementations of Noise-Canceling LNAs and

Receivers

Since the invention of the initial noise cancelling technique, many noise cancelling topologies

have been explored by both the academia and the industry [12]. In this section, we discuss sev-

eral suitable architectures for practical implementations. The input impedance matching circuit

can have different topologies and there are different implementations of the low-noise measuring

circuits and the combination circuits. Furthermore, the combination can be done at different signal

domains such as voltages and currents, and across the same or different frequencies.

Fig. 2.3(a) shows a simple common-source common-gate (CG) noise canceling LNA [13]. The

transconductance of the CG transistor M1 (gm1) is 20mS and provides a wideband input impedance

of 50W. It also converts the voltage signal at the input into a current signal as the first measurement.

The CS transistor has a transconductance of gm2. It takes the voltage signal at the input node and

also converts it into a current signal as the second measurement. The CG stage has a non-inverting
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voltage gain and the CS stage has an inverting voltage gain for the signal from the input. The

channel thermal noise from the CG stage (M1), however, propogate to the CS and CG output

current with the same polarity. By scaling the two load resistors (R1 and R2) properly, the two

measured signal currents are converted into voltages, with the signal from the source appearing

in the differential mode and the thermal noise from M1 appearing in the common mode. If the

next stage takes the output signal from the LNA differentially, the noise from the termination

resistor is cancelled. Thus, the CS-CG noise canceling LNA provides wideband input impedance

matching, noise cancellation and single-ended to differential conversion (balun) at the same time.

As discussed in Section 2.3, after the noise from the termination circuit is cancelled, the NF is

limited by the excess noise from the measurement circuits. In this particular case, the excess noise

from the CS stage can be reduced with the noise scaling at a cost of increased power consumption

(Section 2.2). The excess noise from the CG load resistor (R1) is not cancelled and can only

be reduced by increasing the value of the resistor. As gm1 is fixed due to the input matching

requirement, R1 is directly proportional to the voltage gain of the LNA. In the absence of RF

filtering, R1 cannot be increased without degrading the linearity of the LNA.

Another common implementation of the noise cancelling LNA is to use a resistive feedback

stage as the input impedance matching circuit (shown in Fig. 2.3(b)) [12, 14]. The impedance

matching is achieved by designing the feedback amplifier with a transconductance of gm1 = 1/Rs.

The noise contribution of the transconductor can be modeled as a shunt current source (i2n,1) from

its output to the ground. The noise current flows through R f and Rs and creates noise voltages at

the input and output nodes of the matching amplifier with the same polarity. The signal from the
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source (Vs), on the other hand, creates signal voltages at these two nodes with opposite polarities.

The voltages on these nodes can be sensed and combined with properly weighted transconductors

(gm2 and gm3) and summed with opposite polarity to cancel the noise contribution of the matching

amplifier. However, the noise contribution of R f (i2n, f ) cannot be modeled in the same way as

i2n,1 and cannot be canceled. Increasing R f can improve the minimum achievable NF and increase

the voltage gain at a cost of the linearity of the LNA. The two sensed voltages can be combined

either in voltage domain or in current domain. The current domain operation facilitates the use of

current-driven passive mixers for their higher blocker handling capabilities. However, the matching

amplifier still have a wideband voltage gain and has limited out-of-band linearity.

RS

VS
Rf

A

Cf

Rf

A

Cf

Gm

Cartisian 
Combiner

Out

fLO

Rm

in
2

Figure 2.4: Operation principle of the frequency-translational noise-canceling (FTNC) receiver.

Both the noise canceling LNAs shown in Fig. 2.3 have wideband RF voltage gains and have

limited blocker tolerance without RF filters. The NF of these LNAs are also tied to their voltage

gains and impose a linearity-NF tradeoff. Furthermore, as the combining circuits have fixed real

weights, an antenna impedance that deviates from 50W in both magnitude and phase can have

negative impacts on the NF of the LNAs.
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The frequency-translational noise-canceling (FTNC) receiver [10] addressed these challenges

by inserting frequency downconverters between the two low-noise RF signal measurements and the

noise-canceling combining circuits. Shown in Fig 2.4 is a simplified block diagram of an FTNC

receiver. The input impedance matching is achieved with a matching resistor (Rm) together with

the low input impedance of the passive mixer. The noise current generated by Rm generates a noise

voltage at the input node and also flows through the main passive mixer and is downconverted to

the I-Q baseband, which makes the first low noise measurement. A common-source transconductor

(Gm) measures the voltage at the RF input node, converts it into a current signal, and downconverts

it to the I-Q baseband with the auxiliary downconverter. With an ideal source impedance of 50W,

the signal from the source appear at the main and auxiliary I-Q basebands out of phase and the

noise from Rm appears at the two I-Q basebands in phase. A Cartesian combiner with complex

weights can be used to sum the two complex baseband signals and to cancel the noise from Rm.

The FTNC technique has several benefits comparing to the wideband NC LNAs. First, no

wideband voltage gains are applied to the RF input signals. RF signals are processed in current

domain and are only converted to voltages after baseband filtering. Second, relatively higher load

impedances can be used for lower NF. Similar to R1 in Fig. 2.3(a), R f 1 in Fig. 2.4 contributes ther-

mal noise that cannot be cancelled and limits the minimum achievable NF of the receiver. With the

filtering of the baseband transimpedance amplifiers (TIA), higher baseband load resistors can be

used to achieve conversion gains in the range of 40 to 50dB instead of a typical RF voltage gain of

15 to 25dB in the wideband NC LNAs. Third, the complex signal combining at the I-Q basebands

improves robustness of the noise canceling when the source impedance deviates from the 50W
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system impedance. By injecting a test signal from the main path and nulling it at the combiner

output, the noise canceling coefficients can be optimized. With these advantages, FTNC receiver

architecture is able to achieve sub 2dB wideband NF and tolerate 0dBm out-of-band blocker at the

same time.

2.5 Limitations and Further Improvements of Noise Canceling

Techniques

Noise canceling technique is a very promising circuit technique for wideband SDR receiver imple-

mentations. However, it still has several performance limitations and needs further improvements.

This dissertation pushes these limitations by breaking the tradeoff and constraints with circuit in-

novations.

Wideband noise canceling LNAs have tradeoffs between the NF and the RF bandwidth.

As discussed earlier, noise canceling technique can eliminate the noise contribution from the

impedance matching circuit and achieve a low NF by scaling up the low noise sensing circuits.

Such noise scaling not only increases power consumption of the receiver, but also introduces more

parasitic capacitance to the antenna interface and limits the maximum operation frequency of the

receiver. This tradeoff between the NF and the RF bandwidth can be broken by combining the noise

canceling techniques with microwave circuit techniques such as the distributed amplifier [15].

Chapter 3 will discuss this topic in more details.

Noise canceling techniques need low-noise high-linearity RF signal sensing circuit. The
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FTNC receiver architecture have shown that the bottleneck of the linearity of the receiver is the

auxiliary low-noise sensing circuits for the noise cancellation. Specifically, low noise transconduc-

tance amplifiers (LNTAs) are desired for their high-linearity current-mode operation. Chapter 5

discusses the design and implementation of ultra-high-linearity LNTAs that are resilient to rail-to-

rail blockers.

New topologies are needed for the impedance matching circuits. Most of the practical

implementations of the noise canceling antenna interface synthesize the 50W input impedance with

analog techniques. In most of the cases, the two low-noise measurement circuits have different

implementations and are intrinsically asymmetric.

The measurement with a lower gain often limits the minimum achievable NF. For example, in

the CS-CG NC LNA, the CG stage has only a unit current gain and limits the NF of the LNA. New

impedance matching circuits can be realized with distributed microwave components. Quadrature

hybrid couplers is a widely used microwave component that is able to achieve input impedance

matching and enable two symmetric low noise measurements such as the case in the balanced

amplifier [15]. This technique is discussed in Chapter 6 as the frequency-translational quadrature

hybrid (FTQH) receivers.

CMOS noise canceling receivers need ultra-low NF comparable to that of the III-V com-

pound devices. An ultra-low NF is always desired in wireless communications as it directly im-

proves the receiver sensitivity. III-V compound devices dominate the ultra-low-noise sub-1dB NF

LNAs due to their high electron mobility. However, these III-V devices are costly and cannot be
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integrated with monolithic CMOS RFICs. With the FTQH techniques to be discussed in Chapter 6,

a first CMOS sub-1dB wideband receiver is realized with only one external passive component.

Existing noise canceling techniques cannot support concurrent receptions. Next-generation

wireless communications need concurrent wireless links to maximize the utilization of the frag-

mented spectrum in systems such as LTE Advanced. The implementation of concurrent wideband

receivers is very challenging and have either significant linearity and NF penalty. Thus, low-

penalty RF signal splitting circuit techniques are highly desired. FTQH receivers (Chapter 6) can

be scaled up to realize a concurrent receiver array with its unique antenna interface.

Field programmability is desired for the dynamic performance tradeoffs and the power

consumption optimization. As discussed in Section 1.3.2, the field-programmable tradeoffs are

essential to optimize the power consumption of an SDR receiver without operating for the worst-

case scenarios in all RF environments. The field programmability is a theme that is consistently

followed in all the prototype chip designs throughout Chapter 4 to Chapter 6.



Chapter 3

Antenna Interface Bandwidth Enhancement

with Noise Cancelling Distributed Amplifier

3.1 Introduction

Common-source common-gate noise-canceling LNAs (CS-CG NC-LNA) [16] [17] are promising

for wideband SDR receiver front ends. But in a typical 65nm technology, it is difficult to obtain

sufficient input matching beyond 6GHz with an inductor-less design [16]. Resonated designs can

extend the input matching beyond 10GHz [17], but due to the resonated nature the amplifier has

low gain at sub-GHz bands, and is not suitable for lower frequency RF operation. Other noise-

canceling LNA designs also have similar issues [18].

Distributed amplifiers (DA) are capable of operating from DC up to very high frequencies.

CMOS DAs that have bandwidth larger than 10GHz are reported e.g., in [19–21]. DAs typically

30
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have relatively low gains due to the need of a matched impedance for the drain line. A second

fundamental draw-back of a conventional DA design is the noise contribution from the gate line

termination resistor at low frequencies. The noise figure usually increases rapidly when operating

below 1GHz which makes the distributed amplifier less suitable for SDR or CR applications where

there is a strong interest in low and high frequeny bands.

In this chapter, we introduce a hybrid topology that combines the features of a noise-canceling

LNA and a distributed LNA: the Noise Canceling Distributed LNA (NCDA). The physical 50W

gate line termination resistor of a classical DA is replaced by a common gate amplifier with a 50W

input impedance, and its noise is canceled at the differential output.

3.2 Noise Canceling Distributed LNA

3.2.1 Limitations of CS-CG NC-LNA and DA

A conventional CS-CG noise canceling LNA usually consists of a CS stage and a CG stage, as

illustrated in Fig. 3.1(a). The CG stage enables wide-band input impedance matching, and the

thermal noise associated with M2 is sensed by M1 and appears as common mode at the differential

output voltage [16]. The excess thermal noise is thus mainly contributed by M1 and load resistors.

By putting more CS branches in parallel, noise figure of the NC-LNA can be improved.

However, sizing up the CS stage inevitably increases the parasitic capacitance at the LNA

input. In combination with the capacitance from the bond pad and ESD diodes, input matching

bandwidth is eventually limited. The NC-LNA demonstrated in [16] has a -10dB S11 bandwidth of
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Figure 3.1: Simplified schematics of NC-LNA, DA and NCDA

no more than 6GHz. The work in [17] uses an inductor to resonate out the input capacitance. This

LNA achieves broad-band input matching up to 14GHz, at the expense of not being able to operate

below 1GHz.

Distributed amplifiers address the wide-band input matching problem in a different way. The

simplified schematic of a conventional DA is shown in Fig. 3.1(b). Two artificial transmission

lines (T-lines) are formed by inserting inductors (LG and LD) between CS branches. The parasitic

capacitors are absorbed into the T-line design. The input signal propagates along the gate T-line,

amplified by each branch and combined coherently in the drain T-line. As a result a very wide-band

operation is achieved (see e.g. [19–21]).
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The disadvantage of using distributed amplifiers as an LNA is the high noise figure at low fre-

quencies. The gate T-line of a DA is usually terminated with a physical resistor Rterm (Fig. 3.1(b)).

The noise transfer function from Rterm towards output is bandstop [19], thus the midband noise per-

formance is acceptable. However, at low frequencies, Rterm will add significant noise and impose

a minimum noise figure of 3dB due to the termination alone.

3.2.2 Design of a Noise-Canceling Distributed LNA

Considering the limitations of NC-LNA and DA, we propose a Noise-Canceling Distributed LNA

that combines desirable features of the two topologies. A simplified schematic is shown in Fig. 3.1(c)

to compare with an NC-LNA and DA.

The NCDA distributes the CS stage into multiple branches and inserts inductors in-between.

The input capacitance of the CS is absorbed into an artificial transmission line as in a distributed

LNA, which improves the operating bandwidth. At low frequencies, the inductors practically

become shorts, and the NCDA operates like a conventional NC-LNA and offers cancellation of the

noise from the gate T-line termination.

ESD protection at the LNA input is essential as the LNA is directly connected to a pad. The

large parasitic capacitance associated with the ESD diodes is substantial, but thanks to the dis-

tributed nature of the NCDA, these ESD diodes can also be divided into smaller parts and dis-

tributed to each CS branch [20].

The pad capacitance is lumped into capacitance of the first CS branch, and the parasitic of the

CG stage is lumped into the third CS branch. The total capacitance associated with each branch is
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designed as follows:

2C1G =C2G = 2C3G =CG. (3.1)

The capacitance of the three branches and two inductors of value LG form a two stage p network.

This approximates a transmission line with characteristic impedance of:

Z0G =
p

LG/CG = 50W. (3.2)

Similarly, the drain capacitance of the three branches and two inductors LD form the drain T-line.

To save power, the drain T-line uses a higher characteristic impedance of Z0D = 75W. Also, to

equalize the phase velocity in the gate T-line and drain T-line, The following constraints need to

be satisfied:

b = w
p

LGCG = w
p

LDCD. (3.3)
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Figure 3.2: Simplified schematic of the NCDA prototype chip
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3.2.3 Proof-of-principle Prototype

A complete block diagram of the NCDA prototype chip is shown in Fig. 3.2. Each CS branch

consists of a common-source cascode amplifier. ESD diodes are put close to the transistor to protect

the gates. Some extra capacitance Cext is appropriately added to equalize impedance and phase

velocity of the drain T-line. In addition to the basic NCDA topology, an inductive peaking inductor

L has been put in series with RD2. This NCDA is initially designed for integration into a complete

receiver, so the LNA is not suitable to directly drive a 50W load. To compensate the insertion loss

of the test fixtures, an on-chip differential buffer has been included to drive the signals off-chip

so that noise figure can be more accurately measured. To measure the frequency response and

linearity of the NCDA without being limited by the buffer linearity, a pair of resistive attenuators

are used to tap out RF signals without overly loading the NCDA with pad parasitics [22]. A pair

of dummy resistive attenuators has also been included on the chip so that the attenuator response

can be characterized and de-embedded.

3.3 Simulation and Measurement Results

Extensive post-layout simulations have been used to verify the prototype NCDA design. Small

circuit cells are extracted with Calibre PEX. Larger passive structures such as custom probe pads,

inductors and long interconnections are modeled with EM simulations with EMX. Multi-port S-

parameter models are used to ensure the best accuracy.

The prototype chip has been directly bonded to a printed circuit board (PCB) that provides all
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Figure 3.3: Comparison of measurement results to post-layout simulations

power supplies and bias currents. The RF signals are provided and measured with Cascade 40GHz

SGS differential RF probes. The microphotograph of the bonded die with RF probes landed on the

RF input and output pads is shown in Fig. 6.11(a). The dummy resistive attenuators have first been

characterized so that they can be de-embedded from the amplifier’s S-parameter measurements

taken with a 4-port Agilent N5230A vector network analyzer.

The amplifier’s small signal parameters are shown in Fig. 3.3(a) and Fig. 3.3(b). The NCDA
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Figure 3.4: Die photo of the distributed noise canceling LNA

Table 3.1: Performance summary of wide-band CMOS LNAs

[16] [23] [17] [18] [19] [20] [21] [24] [25] [26] This work
Topology NC-LNA NC-LNA NC-LNA NC-LNA DA DA DA Res FB Res FB Active FB NCDA

CMOS Tech. 65nm 65nm 180nm 90nm 180nm 130nm 130 90nm 90nm 65nm 65nm
Gain (dB) 13 10.7 9.7 7.8-12.3 8 15 20.47 22 25 13 12
BW (GHz) 0.2-5.2 DC-10 1.2-11.9 3.1-13.9 0.04-7 DC-12 0.4-10.5 0.5-7.0 0.5-8.2 DC-10 DC-9.5

NF min (dB) 3 2.9 4.5 2.7 4.2 2.5 3.29 2.3 1.9 4 2.8
IIP3 (dBm) 0 -3.5 -6.2 -6.4 3 0 -11.5 -10.5 -4 -1.5 4

VDD (V) 1.2 1 1.8 1 1.3 1 1.5 1.8 2.7 1.2 1.4
PDC (mW) 14 13.7 20 2.5 9 26 37.8 12 42 N/A 18
Area(mm2) 0.009 0.02 0.1 0.59 1.16 0.435 0.616 0.012 0.025 N/A 0.4

FoM 0.32 0.12 0.02 0.26 0.34 0.28 0.02 0.13 0.31 N/A 0.61

provides more than 12dB gain up to 9.5GHz. The single-ended gain of the CG stage rolls off

relatively quick, but is compensated by high frequency gain peaking of the CS stages. The mea-

surement results match well to the post-layout simulations. The measured input matching S11 of

the NCDA is shown in Fig. 3.3(c). The S11 is better than -10dB up to 9.5GHz.

The noise figure (NF) of the LNA is measured using the noise figure personality on an Agilent

E4446A spectrum analyzer with an NC436B noise source from Noisecom. In order to obtain



38

accurate NF measurement results, the whole circuit is powered with batteries and all bias controls

are properly shielded. The differential output from the on-chip buffer is converted into singled-

ended signal with a wide-band hybrid. Insertion loss of the input cable, adaptors and probes are

carefully characterized and de-embedded from the raw data. The measured NF is slightly lower

than simulation results, but is within tolerance of the device model and measurement uncertainty.

All linearity measurements are conducted using the resistive attenuator interface. The differ-

ential output signal is converted to single-ended for the spectrum analyzer. 1dB compression point

(P1dB) of the NCDA is around -7dBm across frequencies (Fig. 3.3(e)). Two-tone intermodulation

tests are conducted at multiple frequencies with the two tones placed 5MHz above and below the

center frequency. The average IIP3 across frequencies is +4dBm (Fig. 3.3(f)).

3.4 Comparison to the State of the Art

In this section, we compare the NCDA prototype with state-of-art wide-band CMOS LNA de-

signs. Several representative publications have been collected, including noise canceling LNAs,

distributed LNAs and resistive feedback LNAs. Their specifications are summarized in Table 3.1.

The following figure of merit (FoM) [19] has been used to compare LNA designs of different

topologies and specifications; it combines gain, linearity, NF and power:

FoM =
G⇥ IIP3

(F �1)PDC
. (3.4)

Variables and their units are defined as follows. The IIP3 quantifies the linearity of the LNA and
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has a linear unit of mW. F is the linear noise factor of the LNA, and F�1 quantifies its excess noise

contribution. PDC is the quiescent power consumption and uses unit of mW. G denotes voltage gain

of the LNA and uses dimensionless linear scale. This unitless FoM appropriately approximates

the physical interdependence of an LNA’s specifications and provides a valid evaluation standard

across different designs and topologies.

Looking at Table 3.1, it can be observed that this NCDA prototype has the highest FoM amongst

comparable state-of-the-art designs. This indicates that the NCDA topology strikes a good balance

between all the specifications mentioned in the FoM.

Resistive feedback LNAs [24] [25] generally have high voltage gain, and good noise perfor-

mance compared to other topologies. However, their linearities are relatively low.Distributed LNAs

like [19] and [20] have a good FoMs due to low power consumption. [21] has good gain, but lin-

earity is significantly degraded. The NC-LNAs in [16] and [18] achieve decent FoMs, but [16] has

low bandwidth and [18] is not able to operate below 3GHz. [23] and [17] are very area efficient,

but only have moderate gain and linearity. [26] is comparable to this work if its power is lower than

3.5mW.

In conclusion, the noise-canceling distributed LNA is a good candidate when high bandwidth

operation and high linearity are desirable. Moreover, the NCDA is usable as LNA across the entire

operating band, for instance for software defined or cognitive radio applications.



Chapter 4

Input Linearity Enhancement of

Field-Programmable LNAs with

Interferer-Reflecting Loop

4.1 Introduction

The growth of wireless communications has resulted in a large number of different standards op-

erating in different portions of the spectrum. Software defined radios (SDRs) have been proposed

so a single device can operate with different standards or frequencies [27, 28]. Their implementa-

tion remains an active area of research given the challenging performance requirements in terms

of noise figure (NF), linearity and power dissipation. Multi-standard receivers are often designed

to meet the worst-case combination of requirements which leads to increased power dissipation.

40
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Given the continued growth in usage and data rates of wireless devices, the amount of interfer-

ence that receivers need to tolerate keeps increasing, while the spectral conditions can also vary

significantly from location to location and from time to time [29]. Therefore it is becoming more

and more desirable to design RF front ends that can dynamically adjust to the specific spectral

operating conditions and standards [27].

To address these needs, we are investigating field-programmable (FP) low-noise amplifiers

(LNAs) with input-linearity-enhancement interferer-reflecting (IR) loops. The operating frequency

as well as the noise-linearity-power performance envelope can be changed by the user in the field.

The LNA is the first building block in a receiver and often dictates the receiver NF and out-of-band

linearity; it is thus a key block to study for how to enable FP performance trade-offs.

We propose a FP interferer-reflecting LNA (IR-LNA) that is designed with a high degree of

programmability in terms of gain, NF, linearity and power consumption. In addition, a nega-

tive feedback interferer-reflecting loop is introduced to improve the out-of-band input linearity of

the LNA and to enhance the performance of programmable filters. The combination of high pro-

grammability and linearity enhancement makes the FP IR-LNA a promising solution for SDR front

ends.

The related art of FP LNAs and LNA/receiver linearization techniques is reviewed in Sec-

tion 4.2, and the concept of wideband interferer reflection is presented and analyzed in Section 4.3.

Section 4.4 discusses the design of the FP LNA core and the circuit realization of the IR-LNA

prototypes with different filter implementations. Experimental results are presented in Section 4.5

and conclusions are provided in Section 6.8.
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4.2 Field Programmable LNAs and LNA Linearization Tech-

niques

We briefly review prior research on FP LNA topologies. In cellular communication systems, the

out-of-band blockers are often only a few tens of MHz away from the desired signal. To reject

these blockers, high Q off-chip filters are typically used, but they are bulky, expensive and cannot

be tuned. We also review recent research on realizing integrated on-chip narrowband filtering or

providing equivalent linearity enhancements with linearization loops.

4.2.1 Field-Programmable LNA Architectures

Programmable LNAs can be implemented based on conventional topologies such as the common-

gate (CG) [30], resistive feedback [31, 32] or inductive degeneration [33] LNAs. In CG LNAs the

programming is limited to resistive load switching or a programmable input attenuator [30] due the

strict coupling between input matching and the transistor transconductance (Gm); this has drastic

NF penalties and does not improve the dynamic range. In resistive shunt-shunt feedback LNAs the

NF can be reduced by increasing Gm but the feedback and load resistor need to be changed in tan-

dem to maintain input matching [31,32,34]. Similar approaches can be used when the feedback is

through a translational loop [35]. A variant of the resistive feedback LNA with orthogonal gain and

linearity programmability was demonstrated in [36], but the linearity is relatively low (OB-IIP3 of

-16.3dBm [36]). The operating frequency of inductively degenerated LNAs can be programmed by
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switching in and out the common source devices [33] and the gain can be programmed by current

steering techniques [37]. However, realizing a programmable NF-power trade-off is difficult.

4.2.2 LNA and Receiver Linearization Techniques

Receivers for SDR applications need to operate with broadband RF selection filters or tunable

RF filters which often offer less blocker rejection. Recently, a variety of interferer filtering and

rejecting techniques have been explored to enhance the linearity of LNAs or receivers for SDR

applications.

N-path bandpass filters [38, 39] can be inserted between the antenna and the LNA to reject

out-of-band interferers. Due to the low impedance level at LNA input, large capacitors (e.g., 40pF

to 70pF [38, 39]) need to be used which take up a lot of chip area 1. They further require low

ohmic (e.g., 5W [38] to 10W [39]) and thus large switches which increases the clock power dissi-

pation. Mixer-first receivers [41, 42] similarly use the impedance frequency translation technique

of passive mixers to realize highly selective RF input matching with high linearity (OB-IIP3 of

+25dBm [41]) but have a higher flicker noise corner (200kHz [41]) due to the absence of RF gain

before downconversion. In [43] an N-path notch filter is implemented to reject a blocker at a

specific frequency. However, in this case, the blocker frequency needs to be known.

Translational loops down convert RF signals to baseband, perform filtering with low frequency

filters and upconvert the filtered signals back to RF to reject out-of-band interferers. In the feed-

forward interferer cancellation loop [44–46] (Fig. 4.1(a)) the auxiliary path inserts the out-of-band
1Passive impedance transformation such as baluns/transformers [40] can be used to increase the impedance level

at the LNA input, but these techniques come with linearity penalties.
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Figure 4.1: Review of translational loop techniques for interferer cancellation or impedance
matching; (a) feedforward loop that cancels out-of-band blockers at the output of a matched LNA
but not at the input; (b) negative feedback translational loop to realize in-band impedance matching
for a high input impedance LNA while out-of-band blockers see a high impedance and create large
unwanted voltage swings; (c) positive feedback translational loop to realize in-band impedance
matching with a low input impedance wideband LNA.
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interferers with opposite phase at the LNA output to do interferer cancellation. This only improves

the LNA output linearity. Due to the frequency dependent phase shift in the high-pass filters in the

aux. path the cancellation is also only effective for signals close to the band of operation.

Negative feedback translational loops (Fig. 4.1(b)) [28, 35] create an input impedance match

in the signal band for LNA circuits like Gm cells that have a high input impedance. The wanted

RF signals are downconverted to baseband, low-pass filtered and then up converted back to the

LNA input. However, for out-of-band signals, the loop gain is low and the input impedance is

high (see Section 4.3.1). As a result, the LNA input linearity and the out-of-band blocker tolerance

are degraded. Other negative feedback translational loops, e.g. in [47–50], suppress out-of-band

interferers at the LNA output but do not improve input linearity. Again, due to the limited baseband

bandwidth and phase matching, these loops only reject blockers close to the frequency of operation.

Negative feedback translational loops can also be combined with high-pass IF filters across an input

matched LNA to reduce the out-of-band input impedance and suppress blocker signals [51, 52].

In translational loops with positive feedback (Fig. 4.1(c)) [53] a wideband LNA is used with

a low input impedance (e.g., 20W), and the feedback increases the input impedance to 50W for

the desired signals. This enables wideband blocker rejection to the extent that a wideband low

input impedance can be realized, but this can require a substantial power dissipation. Gm boosting

techniques [53, 54] can reduce power dissipation but degrade the linearity. The positive feedback

gain further needs to be accurately adjusted to achieve the matched impedance [55]. Such RF

calibration is challenging and needs to be performed every time the gain code is changed.
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Figure 4.2: (a) illustration of rf reflection at an lna input with an input impedance rin; (b) reflection
coefficient s11 and voltage rejection ratio ar for varying input impedance; ar quantifies the voltage
swing in the reflected configuration compared to the matched configuration; for the same s11, low
impedance reflection provides high ar and small voltage swings, while high impedance reflection
results in low ar and high voltage swings.

4.3 The Interferer-reflecting LNA

4.3.1 The Operation Principle of the Interferer-Reflecting Loop

Our goal is to improve the LNA input linearity by making sure that input blocking signals do not

create large voltage swings at the LNA input. LNAs are most often operating in an impedance-

matched RF environment receiving their input signals from the antenna through RF switches,

filters, duplexers and transmission lines. For the desired signals, an impedance match is re-

quired to make sure signals do not undergo unnecessary attenuation or dispersion through the

RF components. However, for unwanted signals we can choose to use a mismatched termination.

Fig. 4.2(a) shows an LNA with an input impedance Rin connected to an RF signal source with

a source impedance RS through a transmission line with a characteristic impedance RS. For an

impedance match (Rin = RS), S11 [56] is low and the voltage rejection ratio AR = (VS/2)/VX is
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Figure 4.3: The proposed interferer-reflecting LNA topology. A frequency selective negative
feedback around a wideband matched LNA results in a bandpass profile for the input impedance
with a matched input impedance for the wanted signal and a low input impedance for unwanted
signals. As a result, the out-of-band blocker voltage swings are reduced.

0dB (Fig. 4.2(b)); VS is the source voltage and VX is the LNA input voltage. Assuming a matched

source impedance (RS), for large Rin, AR becomes as low as -6dB, and the signal can undergo up to

a 2x voltage gain compared to the matched condition. But for small Rin, AR can become arbitrarily

large and the voltage swing at the LNA input can be strongly suppressed. E.g., in a 50W system an

S11 of -3.3dB occurs for a low impedance reflection with an Rin of 9.4W, and voltage attenuation of

10dB (3.2x) compared to a matched case, or for a high impedance reflection with an Rin of 266W

but then the voltage swing is 4.5dB (1.7x) higher than the matched case.

A wideband input-matched LNA with a frequency-selective shunt-shunt feedback can realize

the desired frequency dependent input impedance (Fig. 4.3). A notch filter tuned at the desired

signal frequency is used in the feedback path. For the in-band signals, the feedback loop gain is

very small and the presence of the loop can be ignored. The input impedance is set by the LNA

input impedance which is designed to be RS. For out-of-band interferers, the loop gain is large.

The input impedance is then strongly reduced and low impedance signal reflection is obtained. To



48

the first order, the voltage swings at the LNA input are dominated by the in-band signals. Out-of-

band signals are shorted through the notch filter and its low impedance driver and the interferer

power is reflected back to the antenna. This approach has the following key advantages. First,

a broadband interferer rejection is realized that is only limited by the RF bandwidth of the loop

which improves with CMOS process scaling. In contrast, in a translational loop the bandwidth

is set by the baseband or IF amplifier and is much smaller. Second, the interferer rejection is

frequency agnostic. No prior information is needed about the interferer’s frequency in contrast to

several other approaches (e.g., [43, 46, 57]). Finally, no calibration is required. Finite suppression

in the notch filter only leads to relatively small impedance matching errors in the LNA at the

desired frequencies.

4.3.2 The IR Loop Enhances the Loaded Q of Passive Filters

An additional key feature is that the IR loop enhances the loaded Q factor of the notch filter,

which we illustrate with the following example. Let’s assume a parallel LC tank is available with

a given Q factor and tuned to the desired frequency. The first design option is to place the tank

at the input of a wideband LNA to create a bandpass response so that out-of-band interferers are

attenuated (Fig. 4.4(a)). At the input of the LNA, the impedance level is only 25W—RS // Rin,

both 50W—which results in a low loaded-Q and a broad filter passband. Alternatively, we can use

the same tank as a notch filter in an IR-Loop around the wideband LNA with inverting gain a1

(Fig. 4.4(b)). At resonance, the parallel tank has high impedance which strongly reduces the loop

gain, while at out-of-band frequencies, the tank has low impedance and the loop gain is high. The
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Figure 4.4: Example to illustrate the loaded Q-factor enhancement by the interferer-reflecting
loop; (a) a parallel RLC tank is put directly at the input of the LNA as a bandpass filter; the LNA
is modeled as a broadband negative voltage gain a1 with a matched input impedance Rin;(b) the
same RLC tank placed in an IR-Loop as a notch filter; (c) equivalent circuit of (b), showing that
the impedance of the tank is reduced by the loop gain.
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Figure 4.5: Comparison of the noise performance of the two LNA designs of Fig. 4.4; (a) in-band
noise model of the LNA with input filter (Fig. 4.4(a)); (b) in-band noise model of the LNA with a
filter in an IR loop (Fig. 4.4(b)).

equivalent circuit of the IR-Loop is shown in Fig. 4.4(c) using a Thevenin-equivalent model for

the feedback buffer with voltage gain of b and an output impedance of R1. Due to the negative

feedback the equivalent tank impedance is lowered (1�a1b) times while the resonant frequency

stays unchanged. The loaded filter Q is now set by the 25W impedance of Rs // Rin and a smaller

equivalent inductance and larger equivalent capacitance. The resulting loaded Q is higher and the

filter response has a narrower bandwidth by a factor of 1�a1b as long as the equivalent parallel

resistance Req = R/(1�a1b) is � Rs. However, due to the non-zero driver output impedance R1

only a finite out-of-band rejection can be achieved. Also, due to the finite Req the insertion loss

at the LNA input is slightly increased but we will show next that the associated noise penalty is

negligible.

4.3.3 The IR Loop Breaks the Trade-off between Bandwidth and Noise Penalty

The equivalent noise models for the two filtering alternatives of Fig. 4.4 are given in Fig. 4.5. To

model the in-band noise performance of the LNA, we can assume that all the reactive components
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Figure 4.6: (a) Simulated voltage gain from the source to the output (Av = 2Vout/Vs) of the circuits
in Fig. 4.4(a)(- -), Fig. 4.4(b)(–) with the same resonator and the circuit in Fig. 4.4(a) with a scaled
resonator (-o-) to match the bandwidth of the circuit in Fig. 4.4(b) with the original resonator; (b)
simulated noise figures for the same circuits.

are resonated out and that Rin = Rs. The subsequent analysis only focuses on the noise contribution

due to the filtering, since the LNA contribution is the same in both cases. For the filter placed at

the input (Fig. 4.5(a)) we easily obtain the noise factor as: F = 1+ RS
R . With the filter in the IR loop

(Fig. 4.5(b)) the effect of the negative feedback and the noise contribution from the feedback buffer

needs to be taken into account. The buffer noise is assumed proportional to the output resistance

R1 by a factor of g as is the case in a source-follower-type buffer. The noise factor is then:

F = 1+
RS(R+ gR1)

(R+ gR1 +RS/2)2 ⇡ 1+
RS

R
when R � gR1 and R � RS (4.1)

Assuming that R1 is made sufficiently small, the noise factors are approximately identical. Placing

the filter in the IR loop thus yields a sharper response without the noise penalty typically associated

with increased selectivity.

To verify the theoretical analysis, the circuits in Figs 4.4(a) and 4.4(b) are simulated for a
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wideband 20dB LNA with 2dB noise figure, a unity-gain buffer with R1 = 20W, and an on-chip

tank resonant at 1GHz with a Q of 15 (R = 500W, L = 5.3nH, C = 4.8pF). Fig. 4.6(a) shows the

voltage gain over frequency; as expected the IR-Loop reduces the 3dB bandwidth from 1.4GHz

to 182MHz, but causes around 3dB gain loss. The NF remains the same as shown in Fig. 4.6(b).

Simulations were also performed for a scaled tank at the input of the LNA that offers the same

selectivity; however, it has a 3dB noise penalty compared to the IR loop.

Due to the non-zero output impedance R1 of the feedback buffer (see Fig. 4.4(c)), the out-

of-band rejection for the IR loop is finite and as a result the voltage rejection ratio AR is limited

to:

AR =
2
Rs
+ 1�a1b

R1
2
Rs

(4.2)

which is 23.4dB in this example.

4.3.4 The IR Loop Improves the LNA Input Linearity

The improved filter sharpness thanks to the IR loop reduces the voltage swing at the LNA input

even for close out-of-band interferers; we now evaluate how this improves LNA input linearity

using the circuit models in Fig. 4.7.
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Effect of the Non-Linearities of the LNA Core

We first assume distortion is mainly generated in the LNA core whose transfer characteristic vout–

vin is modeled as a third order memoryless2 non-linearity: vout = a1vin +a3v3
in. For analysis of

intermodulation distortion Vs is A0cos(w1t)+A0cos(w2t). We write the spectral component of a

voltage signal V at frequency aw1 +bw2 as V(a,b); so V(1,0) and V(0,1) are the test tones and V(2,�1)

and V(�1,2) are the closeby IM3 components. Without loss of generality, we assume test tones at

frequencies higher than the operation band with 2w1�w2 = f0, so Vout,(2,�1) is the IM3 component

that needs to be minimized.

Without the IR Loop (Fig. 4.7(a)), the LNA presents a wideband matched 50W impedance and

the LNA input voltage is Vin,noIR(1,0) =
1
2Vs(1,0); the IM3 component of the output voltage is [8]:

Vout,noIR(2,�1) =
3
4

a3

✓
1
2

A0

◆3
. (4.3)

We now analyze the out-of-band IIP3 (OB-IIP3) of the LNA with the IR-Loop engaged (Fig. 4.7(b)).

Rsw models the parasitic series resistance3 between the feedback buffer and the filter. The feed-

back buffer is assumed linear and modeled with a linear transconductor representing the transistor

in a source follower. When the IR-Loop is engaged (Fig. 4.7(b)), the effect of the feedback loop

is analyzed using harmonic balance. Assuming w1 and w2 are out of band, the two-tone signals

see a largely resistive impedance (see Section 4.3.2). Applying KCL at the input node for the
2In wideband RF circuits a memoryless assumption is typically sufficient for the purpose of hand analysis. The

effect of second order non-linearities can be neglected due to low impedance at the LNA input at low frequencies and
the differential output signal.

3When using a discretely programmable L-C filter, this is the on resistance of the bank selection switches, and in
the case of an N-path filter, this is the on resistance of the switch transistors.
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Figure 4.7: Analysis of the two-tone intermodulation linearity of (a) a non-linear LNA without the
IR loop; (b) a non-linear LNA with the linear IR loop; (c) a linear LNA with non-linear feedback
buffer in the IR loop.
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out-of-band (1,0) test tone gives:

Vin,IR(1,0)�Vs(1,0)

Rs
+

Vin,IR(1,0)

Rs
= ID,IR(1,0). (4.4)

with Vs(1,0) = A0. KVL for the feedback path gives:

Vin,IR(1,0) + ID,IR(1,0) ·Rsw +Vgs,IR(1,0) =Vout,IR(1,0). (4.5)

For the (0,1) components similar relations are obtained. Assuming the LNA is operating with-

out gain compression, Vout,IR(1,0) =a1Vin,IR(1,0), and using ID,IR(1,0) = b1Vgs,IR(1,0), the fundamental

components of the input voltage can be calculated:

Vin,IR(1,0) =Vin,IR(0,1) =
A0

2

2
Rs

2
Rs
+ 1�a1

(Rsw+1/gm)

=
1
2

A0

AR
; (4.6)

note that AR is given by (4.2) with b = 1 and R1 = Rsw + 1/gm. For the in-band components

(2,-1), Vs(2,�1) = 0; applying KCL and KVL and the non-linear LNA and linear feedback buffer

characteristics yields:

2
Rs

Vin,IR(2,�1) = ID,IR(2,�1), (4.7)

Vin,IR(2,�1) + (R+Rsw)ID,IR(2,�1) +Vgs,IR(2,�1) =Vout,IR(2,�1), (4.8)

Vout,IR(2,�1) = a1Vin,IR(2,�1) +
3
4

a3(Vin,IR(1,0))
2Vin,IR(0,1), (4.9)

ID,IR(2,�1) = gmVgs,IR(2,�1). (4.10)
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The output IM3 component can now be calculated as:

Vout,IR(2,�1) =

 2
Rs
+ 1

R+Rsw+1/gm
2
Rs
+(1�a1)

1
R+Rsw+1/gm

!
3
4

a3(Vin,IR(1,0))
3 (4.11)

For typical circuit parameters4 (RS = 50W, R ⇡ 1kW, a1 ⇡ 7, Rsw ⇡ 30W and gm ⇡ 26mS), a1 is

sufficiently small and R � Rs, so that R/a1 � Rs, and

Vout,IR(2,�1) ⇡
3
4

a3(Vin,IR(1,0))
3 =

3
4

a3(
1
2

A0

AR
)3. (4.12)

Assuming the in-band gain is similar for both cases, the out-of-band IIP3 with and without IR loop

can now be evaluated using (4.3) and (4.12):

OB-IIP3,IR,dBm �OB-IIP3,noIR,dBm =
1
2
·20log

 
Vout,noIR(2,�1)

Vout,IR(2,�1)

!
⇡ 1

2
·20log(A3

R) =
3
2
·AR,dB

(4.13)

Another important linearity measure is the B1dB, i.e. the out-of-band blocker power level for

which the in-band signal gain is compressed by 1dB. The IR loop will similarly reduce the voltage

due to this blocker at the input of the LNA by AR. Given that every 1dB rejection of the blocker

voltage swing at the LNA input translates into 1dB of B1dB improvement, we obtain:

B1dB,IR,dBm = B1dB,noIR,dBm +AR,dB (4.14)
4E.g., based on the N-path IR loop prototype presented later.
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Effect of the Non-Linearities of the Feedback Buffer

Next, we analyze the impact of a non-linear feedback buffer on the OB-IIP3 (Fig. 4.7(c)). Now we

assume the LNA is linear with voltage gain a1 and all distortions come from the nonlinear Gm of

the buffer, modeled with a third order memoryless non-linearity ID = gmVgs+b3V 3
gs.Equations (4.4)

to (4.8) still hold and we can also write:

Vout,IR(2,�1) = a1Vin,IR(2,�1), (4.15)

ID,IR(2,�1) = gmVgs,IR(2,�1) +
3
4

b3V 2
gs,IR(1,0)Vgs,IR(0,1). (4.16)

Solving (4.4) to (4.6) for Vgs,IR(1,0) gives:

Vgs,IR(1,0) =
a1 �1

1+gmRsw
Vin,IR(1,0) =

a1 �1
1+gmRsw

✓
1
2

A0

AR

◆
(4.17)

Given Vgs,IR(1,0) =Vgs,IR(0,1), and solving for Vout,IR(2,�1):

Vout,IR(2,�1) = a1
3b3

4gm

✓
A0

2

◆3✓ a1 �1
1+gmRsw

1
AR

◆3
0

@ 1

1+ 2(R+Rsw)
Rs

+ 2
a1Rs

�a1

1

A (4.18)

OB-IIP3 is the value of A0/2 when |Vout,IR(2,�1)|= a1A0/2, so

OB-IIP3 = IIP3,Gm ·

vuut
�����

✓
1+2

R+Rsw

Rs
+

2
gmRs

�a1

◆✓
1+gmRsw

a1 �1
AR

◆3
�����. (4.19)
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where IIP3,Gm =
q

4
3 |gm/b3| is the IIP3 of the feedback buffer when driving an AC short. Using

the expression of AR obtained from (4.6) with b = 1 and R1 = Rsw + 1/gm, and using the same

typical circuit parameter as above, we obtain:

OB-IIP3 ⇡ IIP3,Gm ·
p

Attnotch (4.20)

with Attnotch the in-band attenuation of the L-C notch filter when driving an Rs/2 load given by

2R/Rs.

Simulations (Fig. 4.8) with a transistor-level and a third order polynomial Verilog-A transcon-

ductor model shown in Fig. 4.7(c) for the feedback buffer validated the theoretical model in

(4.19); the simulation parameters are derived from the circuits presented in Section 4.4: a1 = 7,

gm = 26mS, b3 = �60mA/V 3, Rsw = 30W and Rs = 50W; gm and b3 are extracted from linearity

simulations when the buffer drives an AC short. The theoretical analysis (4.19) matches well with
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the Verilog-A simulations; the discrepancy between the model and the transistor-level simulations

is likely due to the non-linear transistor output impedance ro. For large R, OB-IIP3 improves with

a 10dB/dec slope, as in (4.20).

The IR-LNA design targets OB-IIP3 of +15dBm. Typical R values for the on-chip filters that

will be used (see Section 4.4.3) range from 200W to 1kW resulting in an LNA OB-IIP3 >+19dBm

for an IIP3,Gm of +7.5dBm Assuming the buffer is designed with this linearity (see section 4.4.2),

it will not be the limiting factor for the linearity of the IR-LNA.

4.3.5 IR Loop Analysis Summary

We conclude that the IR-loop technique can improve the trade-off between filter bandwidth and in-

sertion loss for passive filters with finite Q. It reduces the equivalent tank impedance and improves

the loaded Q resulting in a sharper response, however without any additional noise penalty when

compared to placing the passive filter directly at the input of the LNA. The IR loop performs nar-

rowband filtering at the LNA input and suppresses the voltage swing due to unwanted out-of-band

signals resulting in significant input linearity improvements.

4.4 Field-Programmable Interferer-Reflecting LNA Circuit Re-

alization

The IR-LNA prototype chip (Fig. 4.9) is composed of a field programmable LNA core and an IR

loop with a feedback buffer driving tunable notch filters.
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4.4.1 The Field-Programmable Wideband Noise-Canceling LNA Core

The common-source common-gate (CS-CG) noise canceling LNA [13] is a wideband LNA topol-

ogy that breaks the tradeoff between input matching and NF; by scaling the Gm of the CS stage,

power consumption can be traded off with NF largely independent of input matching. In [13] this

tradeoff is performed at design time, we propose a more flexible topology whose performance en-

velope can be adjusted in the field. If we were to program the gain by changing the load resistors in

the standard NC LNA [13], the output common mode voltage would change substantially making

the interface to the next stage challenging. The complementary current reusing topology shown in

Fig. 4.9 overcomes this problem and has two key advantages. All the bias current flows through

the Gm cell itself, only the signal current flows through the loads; the output DC operation point is
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now largely independent of the Gm scaling. Current reuse further approximately doubles the Gm

for the same current consumption with a small penalty in input bandwidth.

The cascode CS Gm stage is split into 16 slices that can be individually turned off by pulling

the respective Vcasn to VSS and Vcasp to VDD. This allows to reduce the LNA power consumption

in the field at the expense of a higher NF. The signal currents from the complementary CS and

CG stages are pushed into trans-impedance amplifiers to improve the output bandwidth like in

the Cherry-Hooper wideband amplifier [58]. These RF-TIAs have resistive shunt-shunt feedback

with digitally programmable resistors. This allows to independently program the LNA gain and to

adjust the weighted combination of the CS and CG signals.

4.4.2 Feedback Buffer

The feedback buffer is implemented as a class-AB complementary source follower (M13 and M14

in Fig. 4.9). The source follower topology ensures a low output impedance. The complementary

structure can be biased with a low quiescent current (1.1mA) to save DC power, but when large

blockers are present, it can sink large currents. To minimize the body effect, triple-well transistors

are used. In the bias circuit the signal transistors are replicated as diodes while the DC bias cur-

rent and the output DC voltage Vcm,ref are controlled with feedback. The user can disable the IR

loop around the LNA by putting the feedback buffer in a high impedance state by appropriately

pulling the gate biases to VSS and VDD. The feedback buffer has been designed with a gm of 26mS

and an IIP3,Gm of +7.5dBm. Analyses and simulations presented in Section 4.3.4 show that this

performance is sufficient so that the buffer does not limit the LNA’s overall OB-IIP3.
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4.4.3 Tunable Notch Filter Implementations

In this work, we demonstrate three implementations for the tunable notch filter in the IR loop:

an LC filter with on-chip switchable capacitors and a spiral inductor, an LC filter with on-chip

switchable capacitors with bondwires as high Q inductors, and a low power switched-capacitor

N-path notch filter.

Compact, Low-Power N-path Notch Filter: N-path filters translate5 a baseband impedance to

RF frequencies realizing RF filters with high selectivity and tunable center frequency. An 8-path

switched capacitor filter is equivalent to a high-Q RLC resonator [43] (where R> 1kW when loaded

with 25W) and can be used directly in the IR-Loop to realize a narrowband filtering characteristic

that is tunable with the clock frequency. As analyzed in Section 4.3.2, the IR-Loop improves

the selectivity of the N-path notch filter and smaller capacitors can thus be used to achieve the

same bandwidth compared to the case where an N-path BPF is placed before the LNA input (see

Fig. 4.10). This saves chip area occupied by the capacitors. The N-path notch filter in this design

uses 4pF MiM capacitors for each path, which is much smaller than the capacitance needed for

a bandpass N-path filter in [38] or [39]. The effect of ON resistance RON of the switches is also

reduced by the loop, so smaller switches (50um/65nm) with an RON = 15W achieve the same out-

of-band rejection. This saves significant power in the switch clock drivers. Additional power

savings have been achieved by improving the N-path notch filter topology and clocking scheme

(Fig. 4.11). To overcome the significant loading to the input due to the combined bottom-plate
5In principle, the IR-LNA with an N-path filter could also be considered as a frequency translational loop. How-

ever, here we will model the N-path filter with an equivalent notch filter response [43] in order to analyze the IR-LNA
performance based on Section 4.3.2.
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Figure 4.10: Comparison of the performance obtained with an N-path filter placed in the IR-LNA
topology vs. an N-path bandpass filter at LNA input. Switch sizes are kept unchanged, while the
capacitors are scaled by a factor of 11. The IR-Loop significantly reduces the capacitor size and
improves the out-of-band rejection of the filter.

capacitance of all the branches in the conventional single-ended N-path notch filter [43], we use

switches on both sides of the capacitor (Fig. 4.11). Each switch is shared by two capacitors to

avoid the power penalty associated with driving extra switches. A set of 8-phase 25% duty cycle

overlapping clocks are used instead of the conventional 8-phase 12.5% duty cycle clocks. The eight

capacitors are sequentially selected by the overlapping phases of the two switches on either side

of each capacitor. The clock signals on the same side of the filter still need to be non-overlapping

to prevent discharging the capacitors during switch over time. The 25% duty cycle clock pulses

are twice as wide and easier to distribute and enable the operation at higher frequencies. Instead

of the conventional divide-by-8 ring counter [43], a lower power divide-by-4 dual-edge-triggered

latch divider operating at half the frequency is used for clock generation. The state machine of the

divider feedback guarantees a unique dividing mode, so flip-flop start-up reset is not required. The

clock frequency can be tuned between 0.8GHz to 6.4GHz corresponding to a 0.2GHz to 1.6GHz
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frequency tuning range for the notch filter. By employing these techniques, the measured power

consumption of the N-path filter is reduced to only 1mA at 200MHz and 5.5mA at 1.6GHz from

VDD of 1V.

The analysis of the proposed N-path notch filter is similar as for the conventional topology.

Non-idealities such as phase mismatch among different clock phases will cause clock emission

and harmonic folding and phase noise of the clock will cause reciprocal mixing [43]. In contrast

to the conventional N-path notch filter where the blocker to be rejected is at the same frequency

of the clock, in the IR-LNA the blockers are in the passband of the notch filter. This makes the

reciprocal mixing less an issue [43].

On-Chip LC Filter: An alternate solution is to realize the notch filter with on-chip spiral inductor

(1.1nH) and a switchable array of MiM capacitors (4.2pF to 6pF). This is a fully integrated solution

but has lower Qs (< 15) and thus poorer selectivity (R ⇡ 250W, loaded Q ⇡ 1.3 without IR-Loop).

However, there are no concerns about clock leakage.

Bondwire LC Filter: Bondwires can offer a high Q alternative (Q > 20 [59]) to realize the in-

ductors. At packaging time the wire length can also be altered to program the frequency while the

on-chip capacitors can be programmed in the field from 4.2pF to 6pF for fine tuning. Fig. 4.12

illustrates the approach for a QFN package where a floating pin is used as an intermediate landing

point.
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(a) (b)

Figure 4.12: Different bonding options enables filter frequency programmability at packaging
time: (a) low inductance with short bond wires (approximately 1nH) (b) high inductance with
longer bondwires (approximately 1.5nH).

4.4.4 Stability Analysis

The uncertain antenna impedance complicates the stability analysis of the LNA with IR loop sub-

stantially. Whereas in-band a matched source impedance can typically be assumed, the out-of-band

impedance can vary widely. Stability factors or source and load stability circles [56] are used to

evaluate amplifiers with uncertain source and load impedance. In the IR-LNA the load impedance

is well defined since it is intended to be used with an on-chip downconverter6. The LNA can thus

be analyzed as a one-port network with varying source impedance. As long as the real part of the

LNA input impedance remains strictly positive across a wide frequency range, the amplifier will

be stable for any arbitrary passive source impedance. However, for the N-path filter case, the LNA

input impedance depends on the source impedance and we have to resort to simulation to evaluate

the LNA input impedance for varying source impedances.

A set of periodic steady-state AC simulations are run with 45 different complex source impedance

values (Fig. 4.13(a)). Each simulation spans from 10MHz to 10GHz with linear 10MHz steps. At
6In our proof-of-principle prototype an on-chip buffer or resistive probe are used; both also have a well defined

impedance subject to minor process variations.
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frequency below 10MHz, the source impedance is shorted out by the RF choke for the CG stage

biasing and the circuit does not have enough loop gain to oscillate. Beyond 10GHz, the LNA has

little gain limited by finite circuit bandwidth. The input impedance Z11 of the LNA is calculated as

the ratio of the AC LNA input voltage and the AC current flowing into the LNA. The real part of

Z11 is plotted in Fig. 4.13(b) across 45 simulations with the N-path notch filter operating frequency

set to 500MHz. The spikes at low frequencies come from the fundamental and harmonic responses

of the N-path notch filter in combination with the effect of the IR-Loop. The simulations show an

in-band impedance close to 50W and low out-of-band impedance, as is expected from the analysis

of the IR-Loop operation. The high impedance around 5GHz is an artifact when operating close to

the bandwidth of the feedback loop. Other spurious responses are due to package parasitics.

The changes in source impedance only marginally change the impedance profile around the

in-band responses of the N-path filter. All the input impedance profiles have a strictly positive real

part, which guarantees stability for sources with passive impedance.

4.5 Experimental Results

A family of FP LNAs with IR-Loop linearity enhancement have been implemented in 65nm CMOS

using an identical LNA core but with different notch filters; the first prototype (Fig. 4.14(a)) uses an

8-path tunable notch filter and the second prototype with passive LC notch filters (Fig. 4.14(b)) can

be used with an on-chip capacitor array and an on-chip inductor or a bondwire inductor. For noise

figure measurements the LNA drives a differential output buffer that rejects the common-mode

noise; a pair of resistive probes are used for the linearity measurements (Fig. 4.9).
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Figure 4.13: Forty five different source impedance values have been used in simulation to verify
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Figure 4.14: (a) IR-LNA 65nm CMOS prototype using an 8-path notch filter; (b) IR-LNA proto-
type using on-chip LC filter or bondwire-L-C filter; both prototypes have an active area of 0.2mm2.
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4.5.1 Characterization of the Field-Programmable Noise-Canceling LNA Core

Fig. 4.15(a) shows the single-ended to differential small signal gain of the core wideband noise-

canceling LNA with the IR loop disabled. The amplifier operates with programmable gain from

200MHz to 2GHz; e.g., at 1GHz, the gain is programmable from 14dB to 22dB. The gain imbal-

ance (Fig. 4.15(b)) is within ±1dB and the phase imbalance (Fig. 4.15(c)) is around 2� at 0.2GHz

and gradually degrades to 15� as frequency increases to 2GHz. Fig. 4.16(a) shows open-loop NF

measurements with different numbers of CS Gm cells enabled; the feedback resistors in the tran-

simpedance stage are adjusted in tandem so that the gain remains balanced. Decreasing the number

of active CS Gm elements reduces the power consumption but degrades the NF (Fig. 4.16(b)); e.g.,

at 800MHz, 2.2mA of DC current can be saved at the cost of a 2.4dB NF penalty. A user can thus

dynamically trade power vs. sensitivity depending on operating conditions in the field.

4.5.2 Characterization of the FP IR-LNA with 8-Path Notch Filter

The measured gain and input matching of the N-path filter chip with the IR loop active and inac-

tive is shown in Fig. 4.17(a); the operation-band center frequency can be tuned from 200MHz to

1.6GHz while the 3dB bandwidth remains constant at 20MHz; the second order response of the N-

path filter can be clearly observed. The in-band S11 is lower than -10dB for operating frequencies

below 1GHz and degrades for higher operating frequencies bands due to the pulling by the para-

sitic capacitance at the LNA input. Fig. 4.17(b) shows the operation at 800MHz for varying gain

codes; as the gain is reduced, the loop gain reduces and the out-of-band S11 reduces, but in-band

matching is not affected by the gain tuning. The measured NF with and without the IR-Loop is
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Figure 4.15: (a) Measured single-ended to differential small-signal gain across different gain codes
and without the IR-Loop active; (b) gain imbalance of CS and CG outputs; (c) phase imbalance of
the CS and CG outputs.



71

0 0.5 1 1.5 2 2.5 3
0

2

4

6

8

10

Frequency (GHz)

N
oi

se
 F

ig
ur

e 
(d

B)

(a)

7 7.5 8 8.5 9 9.5
2

2.5

3

3.5

4

4.5

5

Current consumption (mA)

N
oi

se
 fi

gu
re

 @
80

0M
H

z 
(d

B)
(b)

Figure 4.16: (a) Measured NF without IR-loop for different common-source stage configuration
codes; (b) NF at 800MHz without IR-loop vs. total LNA DC current consumption for the different
common-source stage configurations.

0 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8
10

15

20

25

Frequency (GHz)

SE
 to

 D
iff

 G
ai

n 
(d

B)

0 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8
−30

−20

−10

0

Frequency (GHz)

S1
1 

(d
B)

(a)

0 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8
5

10

15

20

25

30

Frequency (GHz)

SE
 to

 D
iff

 G
ai

n 
(d

B)

0 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8
−30

−20

−10

0

Frequency (GHz)

S1
1 

(d
B)

(b)

Figure 4.17: (a) Measured programmable operation at different frequencies of the IR-LNA with
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Figure 4.18: NF of the IR-LNA with N-path notch filter with and without the IR-Loop.

shown in Fig. 4.18; engaging the IR-Loop7 degrades the NF by approximately 1.1dB. The 8-path

filter inherently introduces >0.35dB noise folding from high-order harmonics [38]; the additional

NF degradation might come from flicker noise of the LO divider and switch drivers [42]. The

IR-Loop suppresses interferers at the input of the LNA and improves the linearity. For an out-of-

band signal at an 80MHz offset S11 is -3.3dB so the IR-Loop has an AR of 10dB (Fig. 4.17), and

the B1dB improves from -15dBm to -4dBm (Fig. 4.19(a)) close to the 10dB predicted by (4.14).

Engaging the IR-Loop improves the OOB-IIP3 from +2.5dBm to +14.5dBm at an 75MHz off-

set (Fig. 4.19(b)), which is close to the value predicted by (4.13); Fig. 4.19(c) shows the B1dB and

OOB-IIP3 improvements vs. offset frequency. The in-band LO emission is measured to be -69dBm

at low operating frequencies and gradually increases to -50dBm at 2GHz. This is mainly due to

phase mismatches in the N-path filter.
7The in-band variation of the NF is due to the parasitic capacitor at the LNA input which pulls the LNA gain

response peak slightly lower than the N-path filter center frequency. The gain minimizes noise contribution from the
load resistors, whereas the feedback buffer noise is minimized the N-path notch filter. The combination of these two
effects explains the in-band NF variation.
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Figure 4.19: Linearity measurements for the IR-LNA with N-path notch filter: (a) B1dB improve-
ment at 80MHz offset; (b) out-of-band IIP3 improvement at 75MHz offset; (c) B1dB and IIP3
improvement vs. offset frequency
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Figure 4.20: (a) Single-ended to differential small-signal gain for the IR LNA with on-chip LC
tank; (b) single-ended to differential small-signal gain for the IR-LNA with bondwire LC tanks:
(top) short bondwires and (bottom) long bondwires.

4.5.3 Characterization of the FP IR-LNAs with Passive LC Notch Filters

By tuning the capacitor in the on-chip LC filter in the IR loop, the LNA can operate8 from 2GHz to

2.4GHz (Fig. 4.20(a)); at lower frequencies the tank Q degrades due to lower inductor Q and more

switch loss in the capacitor arrays as more capacitors are switched in; the LNA gain code has been

adjusted to overcome the gain degradation. Fig. 4.20(b) shows the operation of the IR-LNA with

the bondwire LC notch filter; two sets of chips were packaged with different bondwire lengths,

demonstrating coarse programming at packaging time. Further programming is achieved with the

on-chip programmable capacitor bank. Fig. 4.21(a) and Fig. 4.21(b) show the NF measurements

with the IR loop active and inactive for the on-chip LC filter and bondwire LC filter. These IR-

LNAs operate close to the upper bandwidth of the core LNA which results in a higher NF for the

IR-LNA9; more pronounced phase mismatches at higher frequencies in the CG branch also result
8The small notch on the left side of the peak response is due to the interaction with the bondwire based filter tank.

This can be avoided in future implementions.
9The bumps around 2GHz and 2.4GHz in the NF measurement without the IR loop are measurement artifacts.
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Figure 4.21: Measured NF of the IR-LNA with (a) on-chip LC filter and (b) bondwire LC filter
with and without the IR loop active.

in poorer noise canceling. The on-chip LC version has a higher NF due to a poorer filter quality

factor compared to the bondwire LC. Activating the IR loop (Fig. 4.22) improves the B1dB from

-9dBm to -5dBm in the on-chip LC case and -2dBm in the bondwire LC case 10. The LC notch

filter LNAs operate with a lower gain for improved stability because the notch filters operate close

to the corner frequency of the LNA. As a result, AR is limited to 5dB.

4.5.4 Discussion

The performance of the FP-IR-LNAs is summarized in Table 4.1 and is compared to state-of-the-

art programmable LNAs in Table 4.2. The IR-LNAs offer more programmability features than the

state-of-art programmable LNAs [30, 32, 33, 36, 48]. Also, comparing to these LNAs at maximum

gain, the IR-LNA has much higher out-of-band linearity with the IR loop activated. The N-path

filter based IR-LNA is further compared with state-of-the-art linearity enhancement techniques
10The larger B1dB might be caused by the interaction between the parasitics in the bondwire filter and the feedback

buffer.
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Figure 4.22: Measured B1dB improvement for the IR-LNA with a 900MHz blocker (a) on-chip LC
filter tuned to 2GHz and (b) short bondwire filter tuned to 2.1GHz.

Table 4.1: Performance Summary

Open Loop N-path Filter 
IR Loop

On-chip LC 
IR Loop

Bondwire LC 
IR Loop

Frequency (GHz) 0.1-2.1 0.2-1.6 2-2.4 1.7-2 / 2.1-2.4*
Gain (dB) 14-22 14-24 16-27 16-28
NF (dB) 2.4 3.6 5.4 4.9

B1dB-CP (dBm) -15 -4 -5 -2
Analog Current (mA) 8.1 9.2 9.2 9.2

LO Current (mA) 0 1.1-5.5 0 0

Power Supply (V) 1.6 (Analog) 1.6 (Analog) / 
1.0 (LO) 1.6 (Analog) 1.6 (Analog)

Power Consumption (mW) 13 15.8 - 20.2 14.7 14.7
* Long bondwire / short bondwire

in LNAs, receiver front ends and bandpass N-path filters in Table 4.3. Note that these designs

do not have, or have much more limited programmable NF, gain, operating frequency or linearity.

Compared to translational loop techniques [35,45,48,51,53], the IR-LNA has superior out-of-band

IIP3 performance. Due to the finite wideband loop gain adopted for agnostic blocker rejection, the

B1dB performance of the current IR-LNA prototype is not as high as [10, 39, 42, 45]. But the

IR-LNA consumes more than three times less clock power. In future versions, more power can be
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Table 4.2: Comparison of the FP-IR-LNA to other state-of-the-art Programmable LNAs
This Work [29] [31] [32] [35] [47]

Topology
Noise 

Canceling
Common 

Gate
Resistive 
Feedback

Resistive 
Feedback

Inductive 
Degeneration

Inductive 
Degeneration

Programmable Gain � � � � ✖ ✖
Programmable Frequency � � � � � ✔

Programmable RF Selectivity* � � � � � ✔
NF - Power Scalable � � � � � ✖

Linearity - Power Scalable � � � � � ✔
*The ability to activate/deactivate RF filtering

Table 4.3: Comparison of the N-path IR-LNA to other state-of-the-art LNAs and receivers
Design Type

Reference [31] [32] [35] [34] [41] [50] [52] [38] [42]

Topology Resistive 
Feedback

Resistive 
Feedback

Inductive 
Degen.

Feedback 
Trans. 
Loop

Feedback 
Tran. 
Loop

Mixer 
First

Freq Trans 
Noise 

Canceling

6th-order 
Bandpass

2nd-order 
Notch

CMOS Technology 90nm 180nm 90nm 45nm 65nm 65nm 40nm 65nm 65nm

Linearity Enhancement Off On Min Max* Off On Off On Off On

Frequency (GHz) 0.1-2.1 0.2-1.6 0.1-6 0.1-1 2.1-6 0.9-2.1 1.3-2.85 0.05-2.4 0.08-2.7 0.1-1.2 0.1-1.2

Gain (dB) 13-22 14-24 19.8 -35.4 0-21.5 12.8 16.9 24.7 22.5 23.4 20.9 37 48-52 43 41 80 70 25 -1.4

NF (dB) 2.4 3.6 1.9 51 2.7 1.88 2.16 7 7.2 3.9 6.8 2.7 5-6.5 3.2 5.7 5.5 2 2.8 1.2

OB IIP3 (dBm) +2.5 +14.5 +9.1 +28 -8.6 -16.3 0.5 N/R N/R +2.6 N/R +1.5 -2.3 -13 -5 +27 +13.5 +26 +18

B1dB-CP (dBm) -15 -4 N/R N/R N/R N/R N/R -30** -18** N/R 0 N/R N/R -23 -16 +5** 0 +7 +6

Analog Current (mA) 8.1 9.2 3 5 10-26.8 12.6 3-20.3 N/R 150 8 8 7.3 25 26 26 12 24 11.7 N/A

LO Current (mA) 0 1.1-5.5 N/A N/A N/A N/A N/A N/R N/R 0 21 N/R N/R 0 31 6-33 3-36 3-36 2-16

Power Supply (V) 1.2 1.8 1.2 1.3 1.2 1.2(RF) / 
2.5(BB) 1.3 1.2 1**

Power Consumption (mW) 13 15.8-20.2 5.4 9 12-32.2 22.7 3.6-24.3 N/R 375 20 45.2 9.5 30 31.2 68 37-70 35.1-78 18-57.4 2-16

*Bypass Attenuation Mode

N/R = Not Reported, N/A = Not Applicable

**Estimated

0.048-0.86 1.9 1.9 2-6

1.6 (Analog) /     1.0 
(LO) 1.8 2.5 2.5(Analog) / 

1.2(LO) 1.2

FP Noise-Canceling 
LNA

Common 
Gate

Feedback 
Trans. Loop

Feedforward 
Cancellation

Feedback 
Tran. 
Loop

65nm 130nm 65nm 65nm 65nm

LNA Receiver N-path Filter

This Work [29] [47] [9] [44]

used in the feedback buffer and switches to further improve out-of-band linearity. The IR-LNA also

performs broadband blocker rejection without needing to know the blocker frequency as in [43].

4.6 Conclusions

In this chapter, a family of field-programmable interferer-reflecting LNAs are analyzed, imple-

mented and measured. The proposed LNA architecture is highly programmable in terms of gain,

NF and linearity. An LNA input linearity enhancement technique named interferer reflection is

further proposed and delivers blocker agnostic linearity improvement. The technique can be im-
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plemented with N-path notch filters when wide tuning range and high Q filtering are required.

If clock emission or harmonic folding are of concern, LTI notch filters such as on-chip LC or

bondwire-LC filters can be used The selectivity of the notch filters is improved with the IR-Loop

without a significant noise penalty.



Chapter 5

Achieving Rail-to-Rail Blocker Resilience

with Field-Programmable Hybrid

Class-AB-C LNTAs

5.1 Introduction

Modern wireless communication systems need to support multiple wireless standards and an in-

creasing number of frequency bands. As the wireless spectrum become more congested, interfer-

ence management and mitigation becomes very challenging. Traditional receiver solutions often

use high quality SAW filters at the RF input to reduce the level of out-of-band interferers. Such

filters are usually not tunable in terms of their center frequency and bandwidth and are not suitable

for wideband software defined radios (SDR). State-of-the-art wideband SAW-less SDR receivers

79
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often use low noise transconductance amplifiers (LNTAs) combined with current-driven passive

downconversion mixers and/or N-path filters to avoid voltage-domain amplification of the block-

ers at RF frequencies. Such current-mode operation improves the out-of-band linearity such as

OB-IIP3 and B1dB.

One of the challenges of using LNTAs for SDRs is the receiver input impedance matching

requirement. Various circuit techniques have been demonstrated to achieve impedance matching

with NF penalties as low as possible. Fig. 5.1 shows several existing antenna interface solutions

with LNTAs. Some receivers use gm-boosted common-gate (CG) LNTAs for a wideband 50W input

impedance [9]. Frequency-translational noise cancellation (FTNC) receivers [10] use a mixer-first

receiver path or an CG LNTA path for input impedance matching and a common-source (CS)

LNTA path for noise cancellation. Frequency-translational quadrature hybrid (FTQH) receiver

(see Chapter 6) addresses the problem with a quadrature hybrid (QH) coupler and two identical

CS LNTAs. Input impedance matching is guaranteed with balanced operation and the thermal

noise from the termination resistor is cancelled at the baseband. CS LNTAs can also pair with

translation loops (see Chapter 4) to maintain in-band RF input impedance matching [35] [60]. For

voltage mode resistive feedback LNAs loaded with N-path filters [61] [62], the LNAs do not benefit

from the feedback loop due to the low loop gain at out-of-band frequencies. At these frequencies,

the linearity of the LNA approaches to that of the transconductor (Gm) cells used to implement the

LNA.

The out-of-band linearity of these circuits is often limited by the linearity of the LNTAs as the

rest of the signal chain are protected by filters before applying voltage gains to the out-of-band
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Figure 5.1: Existing antenna impedance matching solutions for LNTA based wideband receivers:
(a) Gm boosted common gate LNTA; (b) frequency-translational noise-canceling (FTNC) receiver;
(c) frequency-translational quadrature hybrid (FTQH) receiver; (d) negative feedback translation
loop; (e) resistive feedback LNA with an N-path filter mixer.
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interferers. As discussed in Chapter 1, field programmability for dynamic performance tradeoff

between NF, linearity and power can help to optimize the power consumption of the receiver when

extreme performance is not needed. Thus, field-programmable high-performance RF LNTAs are

critical building blocks for next-generation high-performance SDR receivers. In this chapter, we

present a family of noise canceling LNTAs with robust biasing circuits and demonstrate their re-

silience to extremely large blockers with rail-to-rail swings. The LNTAs are integrated into a

wideband SAW-less receiver front end to evaluate their performance.

5.2 RF Transconductor Linearization Techniques

RF transconductors (Gm) cells are the basic building components for LNTAs and their linearity

directly impacts the out-of-band linearity of the full receiver signal chain. In this section, we

briefly review the existing RF Gm cell linearization techniques and discuss their advantages and

limitations.

5.2.1 Large Signal Linearity vs. Small Signal Linearity

The linearity of a Gm cell can often be characterized by its small-signal linearity and large-signal

linearity, and they affect the performance of the receiver in different ways.

When multiple interferers are seen by the circuit, the finite small-signal linearity of the Gm cell

can generate undesired distortion signals through mechanisms such as intermodulation or cross

modulation. With certain frequency location relationships between interferers and the desired

signal, the distortion product can fall on top of the desired signal and corrupt its SNR. The small-
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signal linearity is usually quantified by specifications such as the second-order and third-order

intercept point (IIP2, IIP3) for intermodulation distortions and the third-order triple-beat (T B3) for

the cross modulation.

To analyze the small signal linearity, an wideband Gm cell is often modeled with a memoryless

weak distortion. The I-V transfer characteristic of the Gm cell can be represented by a third-order

polynomial in the form of:

Iout = a1Vin +a2V 2
in +a3V 3

in. (5.1)

And IIP3, IIP2, and T B3 can be calculated with ratios of the polynomial coefficients. The memo-

ryless assumption is typically valid if the bandwidth of the signals are much lower than the analog

bandwidth of the Gm cell. The polynomial is often obtained from a truncated Taylor series where

the high-order terms are negligible. This assumption is only valid when the excursion of the in-

put voltage stays within the confidence interval of the Taylor series. This is a versatile model for

circuits with weak distortions. However, if the interferer signals are large enough and the Gm cell

starts to see hard nonlinearities such as clipping, the higher order terms in the Taylor series quickly

grows to significant levels and cannot be neglected. In the presence of clipping behaviors, increas-

ing the number of terms in the polynomial cannot effectively extend the confidence interval of the

model.

The large signal linearity mainly affects the performance of the receiver through the mechanism

of blocking. Very large interferer can cause receiver saturation where the gain of desired signal is

severely compressed and the SNR is degraded. The large signal linearity is usually quantified by

specifications such as the 1dB compression point (P1dB) and 1dB blocking point (B1dB). P1dB is
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defined as the interferer power level where the gain of the interferer is compressed by 1dB. B1dB

is defined as the power level of an out-of-band interferer where the gain of an in-band small signal

is compressed by 1dB.

The large signal linearity is often limited by the hard clippings in the transfer curve of the

device where the device is cut off or goes into the triode region. The linear input range without

compression can often be estimated by inspecting the bias point and the swing limits on the transfer

curve.

Both the small-signal and large-signal linearity are both important metrics that determines the

receiver’s resilience to interferers. LNTA linearization techniques should consider both types of

linearity depending on the application scenarios.

5.2.2 LNTA Linearity Enhancement with Derivative Superposition

The I-V transfer curve of a MOS transistor in the weak-inversion region has expanding nonlinearity

due to the exponential I-V relation (a3 > 0). In strong inversion, it has compressing nonlinearity

due to velocity saturation and eventually goes into the triode region (a3 < 0). The linearity of the

LNTA can be improved with the derivative superposition (DS) technique where multiple transistors

are used in parallel with different bias voltages. The third order small signal distortion products

from the weak-inversion biased transistors and the strong-inversion biased transistors cancel out

with each other and IIP3 is improved as a result. The cancellation is optimum when the combined

transfer curve has a zero third order derivative at the bias point and thus such methods are named
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Figure 5.2: The derivative superposition technique with two NMOS transistors biased in weak and
strong inversions respectively [2]. The third order derivatives cancel out with each other around a
Vgs of 0.45V.

derivative superposition (DS). Fig. 5.2 ( [2]) shows an example of two NMOS transistors combined

with the DS method.

The DS method can effectively improve the small signal linearity in principle, but it still has

several drawbacks with practical implementation. First, the region where the cancellation happens

is limited and can only work with relatively small signal swings. In cases such as third-order

triple beat (T B3), where a strong modulated interferer is involved, the input voltage excursion

can go beyond the small cancellation region and the simple third-order polynomial model is no

longer valid. For a similar reason, simple DS methods do not improve the large-signal linearity.

Second, the DS technique requires carefully tuned device size ratios and biasing schemes to align

the devices with opposite derivative signs. The device sizing and biasing are sensitive to process,

voltage and temperature (PVT) variations. And the design is at the mercy of the accuracy of the

device model.
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5.2.3 Resistive Source Degeneration

Resistive source degeneration is a transconductor linearization technique widely used in analog

circuits [8]. It can be considered as a series-series feedback with the degeneration resistor as

the feedback network. Take a source-degenerated common-source transconductance amplifier for

example (Fig. 5.3(a)), the degeneration resistor Rs reduces the overall transconductance gain (Gm)

but linearizes the transfer curve of the amplifier. The Gm of the amplifier at a specific bias point

can be expressed as:

Gm =
gm

1+gmRs
. (5.2)

Where gm is the transconductance of the NMOS. It can be observed that when the loop gain gmRs

becomes much larger than 1, Gm will be determined by the feedback component as 1/Rs. Consider

different biasing conditions of the NMOS. When biased in weak inversion, gmRs is small and

Gm ⇡ gm, and we still see the exponential behavior. When biased in strong inversion, gmRs is large

and the transfer curve is linearized by the feedback.

Shown in Fig. 5.3(b) are the simulated transfer curves of a resistive degenerated transconduc-

tance cell with different Rs values. The transfer curves are normalized with their maximum drain

current at a 1V input voltage (VG). It can be observed that the transfer curve in strong inversion

regions become more linear as Rs inceases Fig. 5.3(b).

Fig. 5.4 shows the third order derivative (g3) of the simulated transfer curves (Fig. 5.3). The

increasing the resistive degeneration does not fundamentally change the overall profile of the third

order derivatives but rather shift the profile curve to lower voltages. When biased at a fixed VG, for
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Figure 5.3: Simulated DC transfer curves of (a) an NMOS transconductor with resistive source
degeneration; (b) normalized DC transfer curves with a progressively larger degeneration resistor.

example 0.65V, g3 reduces as Rs increases, which translates into better small-signal linearity such

as IIP3.
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Figure 5.4: The third order derivative of the transfer curves shown in Fig. 5.3. The profile is
shifted to the left with a progressively higher degeneration resistor.

As for large signal linearity, the source degeneration has improvements on the cut off voltage,

but has a penalty on the output headroom where the transistor goes into linear region. The source
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degeneration reduces the voltage swing across the transistors. This can reduce the stress on the

gate oxide of the MOS transistor and improve reliability under extremely large interferers.

The main penalty of resistive degeneration is the reduction in the equivalent transconductance

comparing to a standalone device. This translates into a direct penalty in the fT of the device.

5.3 Operation Principles of the Hybrid Class-AB-C LNTAs

The conventional transconductor linearization methods reviewed in the previous section can in-

crease the small-signal linearity but have limited improvements on the large-signal linearity. In

this section, we introduce a new LNTA topology that offers improvements on both the small-signal

and large-signal linearity.

5.3.1 The Class-AB-C Transconductor

ID

Vin

Vin(t)

Bias
ID2
ID1

Vin

ID1

ID2
ID2(t)

ID1(t)
RL

VD

Voltage
Amplifier

Trans-Cond.
Amplifier

Figure 5.5: Compression mechanisms in a wideband voltage-mode amplifier and a wideband
transconductance amplfiier.
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Fig. 5.5 shows the DC I-V transfer curve of an NMOS CS transconductor (gm cell) under dif-

ferent load configurations. In the first case, the gm cell drives a load resistor and operates as a

voltage amplifier, whereas in the second case, the gm cell drives an idea current sink and operates

as a transconductance amplifier. As the input voltage increases, the voltage amplifier goes into

the triode region earlier than the transconductance amplifier due to the lower output voltage head-

room. In common design practices, the NMOS transistors are often biased in the saturation region

with an overdrive voltage of 150mV to 200mV to guarantee strong inversion operation. When a

large voltage signal is applied to the NMOS input, the voltage amplifier suffers from clipping in

both the cutoff region and the triode region, and the transconductance amplifier only suffers from

cutoff clipping due to the extended saturation region thanks to the current-mode operation. The

transconductance amplifier operates in class-AB mode under large input blockers. If class-A mode

operation is desired to maximize the input voltage swing, the transistor must be biased at a higher

overdrive voltage. However, such biasing schemes are often discouraged due to the increased

power consumption.

In order to extend the input voltage swing of a NMOS gm cell, we can introduce a comple-

mentary class-C biased PMOS device (Fig. 5.6). The PMOS device stays cutoff in quiescent and

only pushes out current when a large input blocker is present. Its output current compliments the

current from the class-AB NMOS device and the combined transfer curve of the two devices has a

much larger linear operation range compare to the standalone class-AB transconductor. Due to the

composite operation of class-AB and class-C, we name this type of amplifier a hybrid class-AB-C

transconductor.
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Figure 5.6: The operation principle of the class-AB-C transconductance cell: (a) the simplified
schematic; (b) the combined transfer curve extends the linear input voltage range and prevents
clipping in the output current.

The input blocking point of this LNTA cell is no longer limited by the input linearity. The

compression limit is now at the output voltage swing of the LNTA, which depends on the load

impedance seen by the LNTA and the output swing headroom. With current-steering passive mix-

ers, the output linearity can be maximized.

5.3.2 Class-AB-C Transfer Curve Alignment Non-idealities

The transfer curves of the class-AB and class-C devices need to be properly aligned to effectively

improve the linear input swing range. The slope of the class-AB and class-C cells in their saturation

regions need to be the same. The threshold voltage of the class-AB and class-C cells need to be

aligned to prevent crossover distortion. And ideally, the shapes of the transition areas around the
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thresholds need to match with each other. In this section, we discuss these non-idealities and their

impact on the linearity performance of the LNTA.

In order to simplify the discussion of the transfer curve alignment, we use an empirical I-V

model to capture the key aspects of the behavior of the MOS gm cells. A two-region piece-wise

linear model is used where the transfer curve is divided into the cutoff region and the saturation

region. The output current is zero in the cutoff region and the slope of the curve equals gm0. This

simplified model does not capture the output compression of the transistors as it is not affected by

the alignment non-idealities of the class-AB-C cells.

The impact of the transfer curve misalignment can be modeled as an error transfer curve super-

imposed onto a linear transfer curve that is expected for an ideal alignment. Fig. 5.7 demonstrates

the non-idealities in the alignment and the corresponding error curves. When an interferer signal is

applied, the error curve generates an error current in addition to the linear output. The error current

can be expanded into harmonic components that affect the large-signal and small-signal linearities

of the LNTA. The fundamental term of the error current creates compression to the signal, and the

second and third-order harmonics affect the level of the intermodulation products.

Slope Mismatch

Slope mismatch between the class-AB and class-C cells results in an error transfer curve that

has a even symmetry (Fig. 5.7(d)). It is equivalent to the distortion created by a device whose

size equals the large signal gm difference between the class-AB and class-C cells. The ratio of

the slopes between the linear transfer curve and the error transfer curve (Fig. ??) determines the
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Figure 5.7: Illustration of the class-AB-C alignment non-idealities: (a) perfect alignment, (b)
positive Vth misalignment with cross over distortion, (c) negative Vth misalignment (d) large signal
slope mismatch.

maximum amount of gain compression when a large blocker is applied. IIP2 is especially prone to

the slope mismatch.

Vth alignment error

Another source of alignment error comes from the misalignment of the Vth of the class-AB and

class-C Gm cells. In the presence of Vth misalignments (Fig. 5.7(b), Fig. 5.7(c)), the error curve

only creates output currents when the signal crosses the alignment gap. If the signal swing is

large enough, the error curve acts as a limiter and the error current is approximately a duty-cycled
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square wave and does not increase with the input signal level. Thus, when the signal becomes large

enough, the error term becomes relatively less prominent.

Transition Region Mismatch

The characteristics of the transition regions in the transfer curves need to meet certain criteria

to realize perfect alignment that minimize both large-signal and small-signal nonlinearities. All

high-order derivatives need to have symmetric profiles around Vth to achieve a perfect alignment.

However, for physical MOS devices, the derivative profiles are typically asymmetric and cannot

realize perfect derivative cancellation across all the operation region (Fig. 5.4). Thus, it is advised

to avoid biasing the Gm cell near the Vth so that the small signal linearity is less sensitive to the

alignment error.

5.4 Circuit Implementation

To validate the performance of the class-AB-C LNTAs, we designed and sent a prototype receiver

chip out for fabrication in a 40nm CMOS LP technology. In this section, we discuss the architecture

of the receiver prototype and the implementation of the circuit building blocks.

5.4.1 Receiver Architecture

The prototype receiver (Fig. 5.8) has an architecture similar to the FTNC receiver [10]. The mixer-

first receiver in the main downconversion path is replaced with a CG LNTA to achieve a wideband

input-impedance matching. The reverse isolation of the CG LNTA reduces the LO leakage to the
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Figure 5.8: Block diagram of the wideband field-programmable prototype receiver with CS and
CG class-AB-C LNTAs.

antenna. The noise of the CG LNTA is sensed by the CS LNTA and canceled in the complex

baseband, and the receiver NF is dominated by the CS LNTA [10]. The programmable CS and

CG LNTAs are followed by I/Q single balanced current-driven 4-phase passive mixers. The down-

converted current signals are filtered and amplified by baseband transimpedance amplifiers (TIA)

and then combined with appropriate phase and gain adjustments in the complex basebands1. The

I/Q downconversion mixers use 4-phase 25%-duty-cycle clocks generated with a divide-by-2 cir-

cuit. The LNTAs are DC coupled to the passive mixers to reduce the load impedance seen by the

LNTAs.
1In our prototype the baseband combiners are realized off-chip for testing flexibility.
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5.4.2 Hybrid Class-AB-C LNTAs

Fig. 5.15(c) shows the detailed schematics of the class-AB-C CS and CG LNTAs. Both the CS

and CG LNTAs are composed of cascode NMOS and PMOS Gm cells. The Gm cells have multi-

ple source-degenerated slices and the bias voltage of each slice can be individually programmed.

Multiple Gm slices share a single cascode device as shown in the schematic. Each CG LNTA Gm

slice has a large signal transconductance of 30mS, and each CS LNTA Gm slice has a transconduc-

tance of 20mS. Each individual bias voltage can be programmed with an analog MUX into three

different modes: class-AB, class-C and OFF. In class-AB mode the transistor is biased in strong

inversion, in class-C mode the transistor is biased in deep weak inversion, and in the OFF mode

the |VGS| is set to 0V.
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Figure 5.9: (a) Schematics of the CS and CG field-programmable noise canceling LNTAs (bias
not shown); (b) three example operation mode of the noise canceling LNTAs.
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Both the CS and CG LNTAs are designed with a current-reuse topology (Fig. 6.9), where both

the NMOS and PMOS Gm cells contribute to the transconductance of the LNTA. The complemen-

tary topology offers lower noise than a single-transistor transconductor with a current-source load,

where the load noise can contribute excess thermal noise and degrade the NF. This is particularly

important for the CG LNTA since it does not have a high current gain. The CG LNTA uses two

off-chip choke inductors to provide the DC bias currents with low noise penalty.

The flexible LNTA architecture has a large number of possible biasing combinations which

makes a dynamic trade-off between LNTA noise and linearity performance and power consumption

possible in the field. To maintain balance in the DC bias current of the NMOS and PMOS Gm

cells, the number of class-AB NMOS cells needs to match the number of class-AB PMOS cells.

Additionally, the class-AB cells needs to be matched with an equal number of class-C cells for

the class-AB-C operation. In this section, we focus on three typical modes of operation shown in

Fig. 5.9(b). The CG Gm cells are always kept in the class-AB-C mode, while the configuration of

the CS cells is changed.

Low Noise Mode: When there are no extremely large blockers present and the highest sensitivity

is desired for the receiver, all 8 cells of the CS LNTA are programmed with class-AB bias to

maximize the CS branch Gm at the expenses of increased power dissipation.

High Linearity Mode: When large out-of-band blockers appear at the input, the CS LNTA is

programmed into a high-linearity mode with half the cells biased in Class-AB and the other half in

Class-C to handle the large blocker without compression. The NF degrades slightly due to lower

Gm and conversion gain comparing to the low noise mode.
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Figure 5.10: The bias voltage alignment criteria of the class-AB-C Gm cells.

Low Power Mode: In a benign RF environment with moderate blockers and a strong desired signal,

the CS path can be shut down completely to save power at the cost of an increased NF; in the current

implementation the CG path remains configured in the hybrid class-AB-C mode and the receiver

linearity remains excellent.

5.4.3 Robust Biasing Scheme

The discussions in Section 5.3.2 indicate that the process, supply voltage, and temperature vari-

ations can all impact the transfer curve alignment robustness and adversely affect the linearity of

the class-AB-C transconductor. Thus, it is critical to have properly designed Gm cells and biasing

circuits that can accommodate the PVT variations and robustly maintain the alignment accuracy.

Resistive degenerated Gm cells are used instead of stand-alone MOSFET devices to reduce
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Figure 5.11: The LNTA bias generation and configuration circuits that are robust against PVT
variations.

the slope mismatch. The large signal slopes of the short channel devices are often dominated

by velocity saturation, which is a strong function of the temperature and process variations. The

NMOS and PMOS devices can have relatively independent process corners and create P-N slope

mismatch between the NMOS and PMOS Gm cells in the class-AB-C mode. The large signal

slope of the resistively degenerated Gm cells are largely determined by the resistor value (see

Equation 5.2). By using matched resistors of a same value for the NMOS and PMOS degeneration,

the P-N slope mismatch becomes less sensitive to process variations. And as the resistors have

closely matched temperatures and temperature coefficients, the slope mismatch also becomes less

sensitive to temperature variations.

Fig. 5.10 illustrate the alignment criteria for the bias voltages of a class-AB NMOS Gm and a

class-C PMOS Gm. The bias voltage of the class-AB NMOS cell (Vbn,ab) needs to be higher than
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the threshold voltage of the NMOS cell (Vth,n) by Vov. To ensure that the PMOS starts pushing out

current as soon as the NMOS is turned off, the absolute bias voltage of the PMOS cell needs to be

Vov higher than its absolute threshold voltage. This puts the PMOS into deep weak inversion and

it operates in class-C mode. Fig. 5.11 shows the bias voltage generation circuits for the LNTAs.

The class-AB bias voltages are generated by pushing a constant current into a unit Gm cell. A DC

feedback loop guarantees that the output DC voltage of the LNTA stays at half VDD. The threshold

voltages of the NMOS and PMOS Gm cells are found by pushing a small current into large unit Gm

cells. Two simple DC opamps calculate the overdrive voltages of the NMOS and PMOS class-AB

cells and adjust the threshold voltages accordingly to create the class-C bias voltages. Since the

bias voltages are generated with Vth as references, the Vth alignment tracks the PVT variations and

the errors are significantly reduced. Fig. 5.12 shows the simulation results of the P1dB and the IIP3

of the CS and CG LNTAs operating in class-AB-C mode. It can be seen that the linearity remains

excellent and consistent across PVT variations. The linearity of the CS LNTA reduces slightly

with the lower power supply, which is due to the lower output headroom, not due to the alignment

non-idealities.

5.4.4 Baseband Trans-Impedance Amplifiers

The baseband trans-impedance amplifiers (TIAs) are also important building blocks. To accom-

modate the programmability in the LNTA, the TIAs are also designed with capability to back

off in power when lowest noise is not required. Fig. 5.13 shows the simplified schematic of the

programmable operational transconductance amplifier (OTA) used in the TIAs. The amplifier is a
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Figure 5.12: Linearity simulation results of the CS and CG LNTAs configured in the class-AB-C
mode across different process corners, supply voltages, and operation temperatures.

traditional two-stage folded cascode fully differential OTA with Miller compensation. As the noise

of the TIA is dominated by the input stage, it is designed with three slices that can be switched

in and out. Programming the gm of the input stage changes the phase margin, and a pair of pro-

grammable compensation capacitors (C1 and C2) are needed to maintain stability. The OTA is

designed to operated with a 2.5V VDD and a 1.25V common voltage. 2.5V thick-oxide I/O tran-

sistors are used for reliability considerations. Degeneration resistors (R1 and R2) are added to the

output stage to shift the bias voltages of M15 and M16 and increase the headroom of M9 and M10.

The degeneration resistors further linearize the output stage.
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Figure 5.13: Simplified schematic of the programmable base-band OTA.

5.5 Experimental Results

The 40nm CMOS LP receiver chip has an active area of 1.6mm2 (Fig. 6.11(a)). Fig. 5.15 shows the

measured NF, out-of-band IIP3 and B1dB for a 900MHz LO frequency across the three operating

modes. The low noise mode has a 2.2dB NF, +15dBm OB-IIP3 and +5dBm B1dB while consuming

49mA. The high linearity mode has a slightly degraded NF of 3dB, but the OB-IIP3 improves to

+21dBm, B1dB improves to +8.5dBm and current reduces to 42mA. The low power mode has a

higher NF of 5.5dB and a moderate OB-IIP3 of +17dBm; the B1dB of +11dBm is the highest due to

the higher blocker tolerance of the CG LNTA. Assuming the CS downconversion path is powered
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down2, current consumption reduces to 20mA. The LO path power dissipation depends on LO

frequency and is the same for low noise and high linearity modes, but is half for low power mode.

LNTA 

LNTA Bias 

LO 
Gen 

Mixer 

TIAs 

Figure 5.14: Die photo of the 40nm LP CMOS receiver prototype.

OB-IIP3 measurements have been performed across the 3 modes and exhibit clean 3dB/dB

slopes indicating that the linearity improvement is largely independent of signal power and that

the IIP3 can be reliably obtained by extrapolation. Fig. 6.16(b) and Fig. 5.17 show the linearity

measurements for the high linearity mode and the NF and conversion gain measurements for the

low noise mode across LO frequencies. The baseband complex combiner is reconfigured at each

LO frequency for noise cancellation [10] whereas the LNTA biasing does not require calibration.

A key advantage of using a CG impedance matching path instead of a mixer-first path is the

significantly reduced LO leakage. The measured LO leakage of our prototype is as low as -84dBm.

Table 5.1 summarizes the measured performance, which matches well with the simulated per-
2Our prototype chip does not include the TIA and LO power down circuits, but they can be easily added; current

consumption of the low noise mode has been estimated based on the measured TIA and LO path current consumption.
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Figure 5.15: The receiver performance measured with a 900MHz LO for different operation
modes: (a) noise figure vs. IF frequency (b) OB-IIP3 vs. two-tone offset frequency (c) B1dB
vs. blocker offset frequency.

formance in the TT corner, and provides a comparison with the state of the art in wideband re-

ceivers and LNTAs. The presented design has comparable linearity to [42] but better NF. The

designs in [10, 63, 64] have slightly better NF, but this work has much higher blocker tolerance

and IIP3. The LNTA in [65] has a very high measured blocker tolerance, but the LNTA presented

here demonstrates similar linearity with much lower NF. This prototype is designed in a CMOS

LP technology and a high VDD is used to provide more headroom over the large Vth.

Note that the other designs are fixed whereas the field-programmability of the presented design
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Table 5.1: Measurement Summary and Comparison to the State of the Art

Design Type LNTA
Reference

Low 
Noise

High 
Linearity

Low 
Power

CMOS Technology 65nm 40nm 28nm 40nm 65nm
Frequency (GHz) 0.05-2.4 0.3-2.9 0.4-6 0.1-2.8 1.5-2.0
Max Gain (dB) 53 47 47 80 58 70 50 100mS

NF (dB) 2.2 3 5.5 5.5 1.9-2.1 1.8 1.8 6.5
OB IIP3 (dBm) +15 +21 +17 +27 +12 +5 +3 +20

B1dB-CP (dBm) +5 +8.5 +11 +5** 0 0 N/R +8
LO Leakage (dBm) -84.6 -85.6 -84.2 N/R N/R N/R -82 N/R

Analog Current (mA) 39.9 32.8 15.0 12 24 20.4 24 7.5
LO Current (mA) 4.4-20 4.4-20 2.2-10 6-33 3-36 1.6-23.6 0.5-12.2 N/R

Power Supply (V) 1.2(LO) / 
2.5(BB)

1.3 0.9 1.1 1.5

N/R = Not Reported

Field-Programmable RX Wideband RX
This Work 

[41] [9] [63] [64] [65]

40nm
0.4-2.0

2.5(Analog)/1.1(LO)

**Estimated

further allows to adapt to the RF signal environment, and switch to a low power mode when

extreme noise or linearity performance is not needed.

5.6 Conclusions

The proposed field-programmable wide-band noise-canceling receiver achieves a minimum NF of

2.2dB, a maximum B1dB of +11dBm, max OB-IIP3 of +21dBm while keeping LO leakage below

-84dBm. The high linearity stems from the use of the hybrid class-AB-C CG and CS LNTAs. The

ability to dynamically trade noise and linearity performance off with power consumption in the

field makes it a promising candidate for multi-standard software-defined radios.



Chapter 6

Achieving Ultra-Low Noise Figure and

Massive Frequency-Agile Concurrency with

Field-Programmable

Frequency-Translational

Quadrature-Hybrid Receiver Array

6.1 Introduction

Given the exponentially growing demands on data throughput, next generation wireless communi-

cation systems are expected to support 1000 times more traffic than today [66]. This will require

106
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opening up bandwidth for the radio access network. However, due to diverse regional policies, it

is challenging to find unified and contiguous wireless spectrum for global network deployments.

In LTE systems, for example, the spectrum is fragmented across now nearly 50 frequency bands

covering licensed and unlicensed spectrum [3].

The carrier aggregation (CA) technology utilizes the fragmented spectrum effectively by con-

currently communicating on multiple carriers from either the same band or different bands, called

intra-band and inter-band CA respectively (Fig. 6.1). Intra-band carriers are usually within several

tens of MHz in a single frequency band. Intra-band CA receiver architectures have been demon-

strated using two-step down-conversion [67], baseband complex filtering [60], or block down-

conversion assisted with digital image-rejection calibration [68, 69]. Inter-band carriers, however,

are usually hundreds of MHz apart making a single wideband receiver with sufficient dynamic

range impractical. Conventional solutions split carriers from different bands into independent RF

receivers with dedicated low-noise amplifiers (LNAs) and down-conversion signal paths [67], [60].

The RF signal splitting for these inter-band CA can be achieved with separate antennas or off-chip

low-loss diplexer or duplexer filter banks. A multi-antenna approach needs as many antennas as

the number of carriers, which is incompatible with the form factor of modern handheld devices.

The diplexer or duplexer approach needs high-quality filters co-optimized for each band combi-

nation. Given the demands for more than four inter-band carriers and the exponentially growing

band combinations (> 200) [3], neither of these signal splitting approaches scales well in terms of

system complexity for the aggregation beyond more than 2 carriers. The alternative is to split the

RF signal into separate down-conversion paths after a wideband LNA. However, this imposes too
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Figure 6.1: Operation scenario examples for LTE carrier aggregation: (a) intra-band contiguous
CA (Band 2), (b) intra-band non-contiguous CA (Band 2), (c) inter-band CA (4-band case) [3].

large a penalty on the receiver linearity since all interferers are also amplified without filtering [10].

State-of-the-art high linearity software-defined radio (SDR) receivers are realized with LNTAs and

passive down-conversion mixers to avoid RF voltage gain [10, 70, 71]. Thus, a frequency-agile,

scalable, RF-signal splitting technique using independent LNTAs is highly desired for inter-band

CA applications.

In addition, receivers with low noise figure (NF) are always desirable since they offer better

signal-to-noise ratios (SNRs), which improves receiver sensitivity for better network coverage and

can support higher order modulation schemes for larger data throughput.

We introduce the frequency-translational quadrature-hybrid (FTQH) receiver architecture [72]

that combines microwave techniques with modern CMOS RFIC and digital-assisted calibration cir-

cuits to achieve superior performance in terms of noise figure and massive reception concurrency.

Section 6.2 introduces the operation principle of FTQH receivers. Section 6.3 discusses opportu-

nities of adopting FTQH receivers in ultra-low-noise applications. Section 6.4 shows how FTQH

technology enables frequency-agile, scalable carrier aggregation. The prototype circuit realiza-

tion and the measurement results are presented in Section 6.5 and 6.6 respectively. And finally,
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the FTQH receiver architecture is compared with the state of the art in Section 6.7 followed by

conclusions in Section 6.8.

6.2 FTQH Receiver Architecture

6.2.1 Tradeoff Between Input Impedance Matching and NF for LNAs and

Receivers

In conventional RF LNA designs, the optimum noise matching and the input power matching

usually cannot be achieved simultaneously and there is a tradeoff between the noise figure (NF)

and input impedance matching [15]. LNA and receiver design techniques such as active gate

termination [73], common-gate Gm boosting [9, 74], resistive feedback [8, 35, 53, 60], and thermal

noise cancellation [10, 13, 75] all create a matched input impedance while trying to minimize its

impact on the NF. However, these techniques cannot be easily applied to RF signal splitting without

significant NF penalty from reduced signal gain or less effective noise cancellation.

6.2.2 Traditional Balanced LNAs

In the balanced1 amplifier architecture, there is no linkage between the RF input impedance match-

ing constraint and NF optimization of the LNA [15, 76]. It is widely used in high-performance

ultra-low-noise amplifiers and power amplifiers and uses quadrature hybrid couplers (QH) to

achieve input matching. The QH [15] is a symmetric 4-port microwave device that splits the
1Note that the “balanced” is used here with its meaning from the microwave field and is not used with the meaning

of “differential” as is more common in IC publications.
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RF input signal equally in power to the through (thru) and coupled (cpl) ports with a 90� phase

difference, and isolates the input (in) port from the isolated (iso) port. A wideband QH is usually

implemented with coupled transmission lines and a multi-section design can cover several octaves

of operation frequency range [15].

In a balanced LNA (Fig. 6.2(a)), two identical LNAs are connected to a QH at their inputs

and a QH at their outputs. The input QH provides RF input impedance matching with poorly

matched but identical loads (i.e. identical LNA input impedances). The waves reflected at the load

cancel each other out at the input port and input matching is achieved, while the reflected power

propagates to the iso port (Fig. 6.2(b)). If the QH’s load impedance is purely reactive (|GL| = 1)

and the QH has low loss, then almost all of the incident power is redirected to the iso port2. The

LNAs can still amplify the voltage signals without taking power from the incident signal. This is

an important feature that we will revisit in Section 6.4.2 to enable RF daisy chaining for scalable

CA.

6.2.3 Operation Principle of an FTQH Receiver

Balanced LNAs are designed as stand-alone amplifiers with wideband voltage gain, which incurs

a linearity penalty on the receiver chain following the LNA. Using highly integrated CMOS RFIC

designs, we can use two sets of LNTAs and passive mixers to down-convert the thru and cpl

signals to the complex baseband and combine them in quadrature as shown in Fig. 6.3. Instead

of performing the 90� phase shift at RF with an external output QH, it is implemented easily at
2The principle is much like that of a reflection phase shifter [15].
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Figure 6.2: Balanced LNA and its signal flow: (a) the desired signal from the antenna is amplified
and the noise from RT is cancelled; (b) the reflected signals from the LNTAs cancel at the in port
and are redirected to the iso port when |GL|⇡ 1.

the complex baseband. Similar to the balanced LNA, the phase shifts are configured such that

signals from the input port are amplified and combined in-phase in the baseband, while noise from

the termination resistor RT is canceled. With its quadrature operation across RF and baseband,

we name this receiver architecture a frequency-translational quadrature hybrid (FTQH) receiver.

Thanks to the input matching mechanism of the input QH, we can now use any type of LNTA

without any constraints on its input impedance.

6.2.4 Calibration of the Impairments in a FTQH Receiver

The main sources of the RF impairments (Fig. 6.4) are the QH gain and phase imbalance, the

imbalance between cpl and thru LNTA input reflections, the non-zero source or antenna reflection

coefficient (Gs), the non-zero reflection coefficient (GT ) of the termination resistor RT , and the gain

and phase mismatch between the two down-conversion paths on the RFIC. These impairments
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Figure 6.3: Architecture of the frequency-translational quadrature-hybrid receiver and its
termination-resistor noise-cancelling mechanism.

cause non-perfect signal cancellation and result in finite input S11 and NF degradation due to the

residual noise from RT .

Finite RF Input Return Loss

Assuming RT = Z0 and a lossless QH with perfect isolation (S41 = 0), the finite S11 is mainly

caused by imbalances of the QH, imbalances in the LNTA input reflection coefficients GL,cpl and

GL,thru, and the non-zero termination reflection coefficient GT . The cpl and thru QH S-parameters

have ideal values of S21,nom =� 1p
2

and S31,nom = jp
2
. Assuming a gain and phase imbalance while

maintaining the lossless condition |S21|2 + |S31|2 = 1, we have:

S21 =� 1p
2

p
1+a⇥ e j( 1

2 Df), S31 =
jp
2

p
1�a⇥ e j(� 1

2 Df), (6.1)
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S-parameters, the imbalanced LNTA input reflection coefficients, and the non-zero reflection coef-
ficients of the antenna and the RT all introduce cancellation errors which can possibly degrade the
RF performance.

where
p

1+a/
p

1�a is the gain imbalance ratio of the QH, and Df is its phase imbalance in

radians. When highly reflective LNTAs are used, the main imbalances in GL,cpl and GL,thru are the

phase error Dq caused by imbalances in parasitic capacitors and inductors. The imbalanced LNTA

input reflections are modeled as small phase shifts on the ideal GL:

GL,thru = GLe j 1
2 Dq, GL,cpl = GLe� j 1

2 Dq. (6.2)

Due to reciprocity, S12 = S21 and S13 = S31. The input return loss of the FTQH receiver now

becomes

S11,Rx = S21GL,cplS12 +S31GL,thruS13 +(S21GL,cplS42 +S31GL,thruS43)
2

⇡ (a+ j(Df+Dq))GL +G2
LGT .

(6.3)
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Figure 6.5: Achievable S11 under RF impairments: (a) S11 with QH imbalance errors only; (b) S11
with GL phase imbalance with the phase imbalance of the QH kept at 5�.

The achievable S11 with these non-idealities is shown in Fig. 6.5 with the QH gain imbalance

expressed in dB as 20log(
p

1+a/
p

1�a) and the phase imbalance Df expressed in degrees.

According to [77], the QH gain and phase imbalance can be controlled within ±0.5dB and ±5�

respectively across its operation frequency band. The input return loss S11 can then be kept well

under -15dB without calibration, which is acceptable for most wideband wireless receivers.

Termination Resistor Noise Residue

As shown in Fig. 6.3, the noise from RT should be completely canceled with a 90� baseband

combiner. However, the noise cancellation with a fixed baseband combiner can be limited by the

QH imbalance, and the residual noise directly degrades the FTQH receiver NF. The noise signals

at the baseband output due to the signal source noise V 2
n,s and the termination noise V 2

n,RT
are:

V 2
n,BB,s =V 2

n,s(S21Aconve j p
2 +S31Aconve jp)2, V 2

n,BB,RT
=V 2

n,RT
(S24Aconve j p

2 +S34Aconve jp)2, (6.4)
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where Aconv is the conversion gain of each receiver path. Considering only QH imbalance and

assuming S21 = S34, S31 = S24, the impact of the noise residue at baseband due to non-ideal can-

cellation can be quantified by its power ratio to the noise from the signal source:

V 2
n,BB,RT

V 2
n,BB,s

=
V 2

n,RT

V 2
n,s

0

@

p
1+ap

2
e(p�

1
2 Df) +

p
1�ap

2
e(2p+ 1

2 Df)

p
1+ap

2
e(

3
2 p+ 1

2 Df) +
p

1�ap
2

e(
3
2 p� 1

2 Df)

1

A
2

⇡ a2 +Df2

4
. (6.5)

Even with noiseless receiver circuits, the noise factor of the FTQH receiver will then be limited to

F ⇡ 1+
a2 +Df2

4
(6.6)

Fig. 6.6(a) shows the minimum achievable NF with noiseless receiver circuits under QH imbalance.

The NF penalty is less than 0.03dB for typical QH impairments, which can be neglected for most

systems.

The non-zero source or antenna reflection coefficient Gs has a much larger impact on the NF,

especially when highly reflective LNTAs are used [78]. The noise from RT is redirected to the

input and reflected back by Gs. This portion of the noise overlays on the input signal and degrades

the NF. To quantify the problem, we evaluate the minimum achievable NF with non-zero Gs. The

source noise signal power depends on the magnitude and the phase of Gs, which complicates the

analysis. Thus, we analyze a simplified scenario where the source is purely resistive. The noise

factor is:

F = 1+
1
4V 2

n,RT
(S24GLS12 +S34GLS13)Gs

1
4V 2

n,s
= 1+

RT

Rs

����
Rs �Z0

Rs +Z0

���� . (6.7)
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Fig. 6.6(b) shows the NF penalty due to source mismatch. A purely real antenna impedance of

Rs = 26W gives a moderate return loss of -10dB but introduces up to 2.06dB of NF penalty.
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Figure 6.6: Minimum achievable NF with RF impairments: (a) NF with QH imbalance errors
only; (b) NF with non-50W Rs (i.e. non-zero Gs).

Termination Noise Cancellation Calibration

The RT noise residue can be significantly reduced with digitally assisted calibration and replacing

the baseband fixed 90� combiner with a programmable, complex Cartesian combiner implemented

either in baseband analog circuits, or in the DSP after digitization (Fig. 6.7). A calibration RF test

signal is injected at the termination resistor RT and an adaptive algorithm controlling the combiner

is used to minimize the resulting baseband test signal power at the combiner output. The test

signal can be a small tone or a noise-like modulated signal; in our experiments, a -80dBm tone

has been used. The effectiveness of the noise cancellation depends on the total cancellation across

the receiver IF bandwidth (tens of MHz). For a receiver with an NF of 1dB with perfect noise

cancellation, a moderate cancellation of -20dB, which can relatively easily be achieved, gives an

NF penalty of only 0.03dB. When canceling the noise from RT , there is a possibility of a slight
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Figure 6.7: Calibration of the FTQH baseband Cartesian combiner for optimum noise cancelation.

noise figure penalty due to the reduced gain of the desired input signals, as the combiner might

not combine them completely in-phase. This noise figure penalty is usually less than 0.1dB if the

errors are small.

6.3 FTQH for the Realization of Wideband, Ultra-Low-Noise

Receivers

The FTQH receiver allows using an arbitrary LNTA input impedance, which opens opportunities

for ultra-low-noise front-end amplifiers with non-conventional topologies.

6.3.1 Prior Art in Ultra-Low-Noise Amplifiers

Traditionally, ultra-low-noise amplifiers with sub-1dB NF at room temperature are realized with

III-V devices in either single [79] or balanced mode [80]. Although these LNAs have excellent NF

and linearity, their power consumption is often too high for mobile terminals. They can currently
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also not be integrated with the CMOS RFIC to lower cost. CMOS ultra-low-noise amplifiers are

either narrow band [81], assume a non-50W system impedance [82, 83], or compromise the input

impedance matching requirements [83].

6.3.2 Ultra-Low-Noise CMOS Common-Source Transconductance Ampli-

fier

A common-source (CS) MOSFET can be used to achieve a sub-1dB NF if input impedance match-

ing is not required [83]. Driving a CS transconductor with a sufficiently small input capacitance

from a 50W Rs makes a wideband LNTA with a 6dB passive voltage gain [83] compared to an

impedance-matched LNA. Assuming the input capacitance is dominated by the Cgs of the MOS-

FET and operating at a frequency f which is much lower than the transit frequency fT of the

MOSFET, so that gate-induced noise can be neglected [84], the noise factor can be approximated

as:

F ⇡ 1+
g

gmRs
+ g
✓

f
fT

◆2
gmRs, (6.8)

where g is the channel-noise constant of the MOSFET and gm is the device transconductance.

When we scale up the size of the CS transistor and keep the current density unchanged (fixed

gm/ID and fT ), the gm increases and the NF of the LNTA improves (Fig. 6.8). However, the rate

of improvement quickly reduces and spending more power only reduces NF marginally. For very

large device sizes, the higher parasitic capacitance causes a reduction in the input RF bandwidth



119

resulting in a noise factor increase. Thus, for a given device fT , there is a direct tradeoff between

the NF, power consumption, and the RF bandwidth of a CS LNTA.
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Figure 6.8: Theoretical calculation (Equation 6.8) and schematic simulations of the NF of a 65nm
CMOS LNTA at 1GHz vs. gm scaling, with a device fT of 90GHz.

When driving an ideal current-sink load, the distortion of the LNTA is dominated by its input

nonlinearity and depends on the device’s (gm/ID) or overdrive (Vgs �Vth). The input linearity can

also be improved with circuit techniques such as resistive degeneration and/or derivative super-

position [2, 70]. However, improving the linearity will typically come at the cost of a reduced

effective device fT which directly impacts the NF-power-BW tradeoff.

Properly sized and biased inverters can be used as wideband transconductors for both analog

and RF applications [10, 11] with good noise and linearity performance. Fig. 6.9 shows the block

diagram and schematic of the inverter-based CS LNTA. The two-branch LNTA takes one single-

ended voltage input and generates two separate current outputs, which drive two independent pas-

sive down-conversion mixers for concurrent reception. The two branches each have a maximum

gm of 100mS and are composed of four binary-weighted inverter Gm slices with a unit weight gm

of 6.6mS. The inverter PMOS and NMOS transistors are sized with a ratio of 2:1. Each Gm slice
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can be powered on and off with source switching which offers better output voltage swing for

out-of-band blocker tolerance than drain switching. Using this field programmability, the LNTA

gm can be reduced to save power when high sensitivity is not needed. The LNTAs have DC cou-

pled inputs to avoid having to use a large capacitor array to couple to the multi-slice Gm core, as

this would degrade the NF by approximately 0.1dB. The AC coupling capacitors can be placed

off-chip if needed. The two LNTA branches have 200kW self-biasing feedback resistors which

do not degrade the NF. The two-channel LNTA operates with a VDD of 1.1V and a total power

consumption of 20mW, with a simulated NF3 of 0.32dB at 900MHz in the two-channel aggregated

high-sensitivity mode (Section 6.5).
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Figure 6.9: The schematic of a two-channel common-source LNTA that enables wideband voltage
domain RF signal splitting.

Due to the high gm values (100mS each branch) used in the LNTA, and relatively high load

impedance from the mixer Ron (10W) and TIA out-of-band input impedance (30W at a 200MHz

offset freq.) the LNTAs still have an out-of-band voltage gain larger than 1. With a 0.8V peak-to-

peak LNTA output voltage swing, the input referred out-of-band 1dB compression point (OB-P1dB)
3The NF was simulated on the stand-alone LNTA without the QH. It is then used as a baseline to estimate the NF

of the LNTA in the balanced mode with the QH.



121

at which the gain of the blocker is compressed by 1dB is around -10dBm. The out-of-band 1dB

blocking point (OB-B1dB) is the blocker power level for which the gain of an in-band desired

signal is compressed by 1dB. This is expected to be 3dB lower than OB-P1dB and is -13dBm. The

linearity of the full FTQH receiver is 3dB better than that of a single receiver path thanks to the

division of the input power by the QH over its two output branches. Thus, the estimated input

referred OB-B1dB of the full receiver is around -10dBm, which matches with measurements shown

in Section 6.6.

6.3.3 FTQH Receiver Noise Budget

The main contributors to the overall receiver NF are: the insertion loss of the QH, the thermal

noise of the LNTA, the mixer noise folding from higher harmonics, and the thermal noise from

baseband amplifiers and resistors. Our design target is to achieve a sub-1dB receiver NF for a

900MHz operating frequency including the noise penalty from the QH. In this design we use a low

loss off-chip coupler that operates between 0.7-2.7GHz with a < 0.3dB insertion loss below 2GHz

and a < 0.15dB insertion loss below 1GHz [77]. The QH insertion loss directly affects the receiver

NF and does not scale with the receivers’s power consumption. The LNTA has a simulated NF of

0.32dB at 900MHz, which can be improved by spending more power at the cost of reduced RF

bandwidth. The harmonic folding of noise in the down-conversion mixer also increases the NF of

the receiver. Assuming that the RF source and the LNTAs are wideband, noise folding increases

the output noise by a fixed ratio. A 4-phase mixer will have 0.81dB of noise penalty and the 8-
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phase harmonic rejection mixer (HRM) used in this work has a 0.17dB noise penalty [10]. This

noise folding cannot be improved with power scaling.

These three noise contributors limit the minimum NF of the receiver to 0.64dB. Although

the LNTA has substantial transconductance gain, the noise from the baseband trans-impedance

amplifiers (BB TIA) still contributes to the overall noise figure by about 0.15dB in the maximum

gain setting, where R1 = 0W, R2 = 4.8kW, R = 100W and Gm,T IA = 25mS (Fig. 6.14). This gives

an overall minimum NF of around 0.8dB, which is confirmed with full-signal-chain simulations

where the QH is modeled with measured S-Parameters [77]. Considering the possible additional

losses in the package or the PCB there is 0.2dB design margin to achieve sub-1dB NF at 900MHz.

6.4 FTQH for Scalable Inter-Band Carrier-Aggregation Receivers

An FTQH receiver array offers a versatile solution for inter-band carrier aggregation. The max-

imum number of concurrent channels can be scaled in two ways: we can attach M receivers in

parallel to a single QH and we can further daisy chain N QHs to support up to M ⇥N channels

(Fig. 6.10).

6.4.1 Paralleling CS LNTAs with a Single QH

The CS LNTAs not only have ultra-low NF, but are also suitable for concurrent operation. Their

high input impedance enables voltage domain RF signal splitting, and their reverse isolation of

the LNTAs improves channel-to-channel isolation. For balanced operation, the same number of
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LNTA branches should be attached to both the cpl port and the thru port to meet the input matching

condition.

As discussed in Section 6.3.2, there is a tradeoff between NF, power consumption, RF band-

width, and linearity. When putting LNTAs in parallel, the total parasitic capacitance at the LNTA

input is increased. Given a required RF bandwidth, the maximum acceptable amount of input

capacitance is fixed, and the corresponding total maximum gm of all the LNTA branches can be

determined from the technology device fT . Given this max. total gm, there is a tradeoff between

the number of supported concurrent channels and the NF of each channel. NF of each channel

increases as we distribute the total gm into more channels. The tradeoff can be improved by using

a more advanced CMOS technology node with higher device fT .

6.4.2 Daisy Chaining FTQH Receivers

As discussed in Section 6.2.2, the incident RF signal power is redirected to the iso port when highly

reflective LNTAs are used. The redirected signal can now be fed into another FTQH receiver.

Repeating this connection results in a cascaded receiver daisy chain. The daisy chaining works

with any amount of lossless parasitic capacitance attached to the thru and cpl ports as they only

affect the phase shift from the in port to the iso port, not the insertion loss.

The total insertion loss introduced by one stage of the FTQH daisy chain can be expressed as:

IL = 2⇥ (ILhybrid + ILT L1)+RLLNTA + ILT L2, (6.9)

where ILhybrid is the insertion loss of the hybrid coupler, ILT L1 is the loss of the transmission line
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connecting the hybrid and the receiver chip, RLLNTA is the return loss of the LNTA input, and ILT L2

is the insertion loss of the transmission line connecting one FTQH stage to the next (Fig. 6.10).

For a typical implementation, the insertion loss at 1GHz is around 1dB. The NF of the receiver

increases at higher frequencies, so assigning the high-frequency bands to the earlier FTQH stages

helps equalize the sensitivity accross all concurrent channels; alternatively, if the low-frequency

bands are allocated to the earlier stages, the best sensitivity for these bands can be achieved.

6.4.3 Supporting Intra-Band CA

The FTQH receivers split the carrier signals at the input of the LNTAs with arbitrary frequency

combinations. Thus, the FTQH architecture is compatible with existing receiver techniques that

use current driven passive mixers. Techniques demonstrated in [68] and [60] can possibly be

adopted by the FTQH design to support intra-band CA. Our prototype chip supports up to 70MHz

of RF bandwidth, where block down-conversion techniques [68] can be applied in the digital do-

main.

6.5 FTQH Receiver Prototype Circuit Realization

To validate the proposed FTQH receiver architecture, we designed a prototype chip in a stan-

dard 65nm CMOS GP technology with a size of 1.2mm⇥1.5mm and an active area of 1.1mm2

(Fig. 6.11(a)). Fig. 6.12 shows the block diagram of the prototype chip. Dual-branch CS LNTAs

are connected to the thru and cpl inputs for two independent FTQH receiver channels (A and B)

sharing the same off-chip wideband QH. The on-chip input interconnections of the LNTAs need
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Figure 6.11: The FTQH 65nm prototype receiver: (a) Die photo of the dual-channel FTQH proto-
type chip showing two symmetric receiver channels on the left and right; (b) RF section of the test
PCB showing the wideband QH and the FTQH receiver chip; the transmission lines are kept short
and symmetric.

careful layout to minimize the insertion loss. An M1-M2 metal ground shield is used to isolate the

input from the lossy substrate. Each output of the LNTAs is connected to a down-conversion chain

consisting of 8-phase passive harmonic down-converters followed by programmable BB TIAs and

resistive harmonic combination networks.

As discussed in Section 6.3.3, harmonic-rejecting mixers (HRM) are used to reduce folding of

the broadband noise from the antenna and the LNTA. The HRMs are realized with eight switching

paths driven by 8-phase 12.5% duty-cycle non-overlapping LO signals (Fig. 6.13). The 8-phase LO

signals are generated by a divide-by-4 divider realized with 4-stage differential CMOS latch [10].

The eight output signals are single-ended with a 50% duty cycle and with equally spaced phase

differences. This assumes that the divider is driven by a 50% duty cycle clock signal at 4 flo. To

reduce the power dissipation in the clock distribution, the LO signals are sent to the mixers with

a 50% duty cycle, and the local logics of each mixer switch select the proper phases to generate
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Figure 6.12: The system block diagram of the two-channel FTQH receiver prototype chip.
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the 12.5% duty cycle non-overlapping signals. A digital balun [85] (shown in Fig. 6.13) is used to

convert the single-ended LO signals to differential before driving the transmission gate switches.

The balun has less than 10ps of systematic clock skew and does not have significant impact on the

system performance. The inverter-based LNTAs can support an almost rail-to-rail output voltage

swing. Thus, we use transmission-gate mixer switches for their wide input-voltage range. The

on-resistance of the switches is designed to be less than 10W.

The down-converted signals are then amplified and filtered by eight programmable trans-

impedance amplifiers (TIA) and combined with weighted-resistor networks (Fig. 6.14). A resistor

ratio of 17:12:17 is used to approximate the desired conductance ratio of 1:
p

2:1 for harmonic re-

jection [8]. Unit resistor cells are used to realize the integer ratios for optimum resistor matching.

Dummy resistors are attached where necessary to the TIA branches to maintain the same amount

of resistive load for each TIA branch to mitigate systematic gain errors. The programmable TIAs

are also realized with inverter-based transconductor slices. The channel length of the transistors
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is increased to 500nm to reduce their flicker-noise. The TIAs are realized in pseudo-differential

Rauch Biquad [71] configuration with the bandwidth programmable from 6MHz to 35MHz. Ca-

pacitor C1 is realized as an NMOS capacitor 4 and C2 is realized with a switched, 2fF/µm2-MiM

capacitor array. In the current prototype chip, part of the harmonic rejection circuits and the base-

band Cartesian combiners for noise cancellation are implemented off-chip for maximum testing

flexibility. In the future, the combiners can be easily integrated on chip using techniques as in [10].

The FTQH receiver prototype is realized with highly programmable circuits that enable dy-

namic, in-the-field performance tradeoffs between noise, power, linearity and operation modes.

The gm of the LNTAs can be programmed to obtain different signal gains. The bottleneck of the

out-of-band blocker tolerance is at the output of the LNTAs, so backing off the gain improves lin-

earity and saves power at the cost of a worse NF. The baseband TIAs have programmable gain,
4We find that the linearity of C1 is not the bottleneck of the receiver linearity performance.
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bandwidth and power consumption by programming the values of resistors and capacitors and the

number of active slices in the TIAs.

The two FTQH channels can be driven with different LO frequencies for dual-band concurrent

reception mode. If very high sensitivity is needed, the two channels can be driven coherently

with LO signals from the channel-A divider, and the baseband signals of the two channels can be

combined to further reduce the NF. This is achieved by programming the LO multiplexers for the

channel-B mixer.

Due to the independent operation of each receiver channel, the linearity of the receiver does

not change between the low noise mode and the concurrent reception mode. Backing off in LNTA

gain does improve the out-of-band linearity as the bottleneck is at the LNTA outputs.

6.6 Experimental Results

The FTQH receiver prototype chip is packaged in an open cavity 6mm⇥6mm 36pin QFN package

and soldered onto a 4-layer FR-4 PCB for testing. To obtain good symmetry, the PCB transmission

lines for the receiver inputs are designed as short as possible for lower loss and the layouts between

the hybrid coupler and the receiver chip are kept symmetric to ensure consistency between the

reflection coefficients of the thru and cpl paths to improve the achievable S11. For packaging,

the chip is placed at the center of the QFN package cavity so that the bond wires of the thru

and cpl inputs introduce the same amount of parasitics. A grounded pin is placed between these

two inputs to improve the isolation between them. The programmable baseband combiners are
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implemented in the analog baseband domain with variable-gain amplifiers5 (VGA) and opamp

based combiners as shown in Fig. 6.12. The prototype chip has been characterized with extensive

system performance measurements. Since the receiver features ultra-low NF and scalable carrier-

aggregation operation, the measurements also fall into these two categories.

6.6.1 Ultra-Low NF FTQH Operation

The NF of the receiver is measured with a NoiseCom NC346A noise source and an Agilent

E4446A spectrum analyzer with the NF measurement personality. All the noise measurements

include insertion loss of the QH and of the FR4 PCB transmission line between the QH and the

chip input. The loss of the feed line to the QH input has been de-embedded. Before each NF mea-

surement, the noise cancellation calibration described in Section 6.2.4 is performed by injecting a

-80dBm test tone into the iso port and monitoring the down-converted tone at the baseband with

the spectrum analyzer. The amplitude of the tone is minimized by adaptively tuning the VGA gains

with an automated measurement setup. After calibration, the analog outputs of the two channels on

the same chip can be directly combined to improve the SNR as their phase difference is typically

less than 10�.

Fig. 6.15(a) shows the measured NF at 900MHz under different configurations. The channel-A

thru branch alone has a 5dB NF. Combining the channel-A thru and cpl branches cancels the noise

from the termination resistor and using the calibration shown in Fig. 6.7 reduces the NF to 1.8dB.

Combining the A and B channels coherently further reduces the NF to 1dB. The 0.2dB increase
5The VGAs are AD8330 [86] controlled by MCP4728 [87] 4-channel DACs.
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Figure 6.15: Noise-figure measurements of the FTQH prototype as a field-programable wideband
SDR: (a) NF measurements at 900MHz across a 20MHz IF bandwidth under different operation
modes; (b) NF measurements across different LO frequencies under different operation modes; (c)
NF measurements at 900MHz showing in-field NF-power tradeoff.
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compared to the simulated results is attributed to PCB losses between the hybrid and the chip input.

Also, the typical measurement uncertainty for the ENR of the noise source is ±0.1dB [88].

Fig. 6.15(b) shows the measured NF of the FTQH receiver for different LO frequencies. The

NF degradation at higher frequencies is caused by two factors: the hybrid coupler and transmission

lines have higher insertion loss at higher frequencies; the parasitic capacitance at the input of the

LNTA (approx. 1.5pF in total) limits the RF bandwidth to 2.2GHz and causes signal attenuation at

high frequencies. The NF for channel A and B combined stays below 1dB up to 900MHz and well

below 2dB up to 2.2GHz. After de-embedding the insertion loss of the QH and the transmission

line, the NF of the receiver chip is below 1.2dB all the way up to 2.2GHz.

The contour plot in Fig. 6.15(c) shows power-NF tradeoff when the current consumption in the

LNTAs and baseband TIAs are reprogrammed by turning on and off Gm slices in both blocks. In

the top part of the plot, the contour lines are mostly vertical, and the NF is dominated by the noise

of the LNTA. And we can reduce the bias of the TIA while maintaining the same NF. The dashed

line in the lower part of the plot indicates the optimum biasing configuration for minimum current

consumption for a certain receiver NF.

6.6.2 Linearity Measurements

The out-of-band linearity measurements of the receiver are shown in Fig. 6.16. Thanks to the high

isolation and symmetry between the two receiver channels, the linearity of channels A and B are

very close, and combining the two channels together does not affect the linearity. Thus, we only re-

port the linearity of channel A for maximum gain and with a 3dB IF bandwidth of 10MHz. Shown
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Figure 6.16: Linearity measurements of on channel A of the FTQH receiver with the IF bandwidth
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at around fLO + foffset and fLO +2 foffset; (b) Linearity measurements across LO frequencies; B1dB
improves with 6dB LNTA gain backoff.

in Fig. 6.16(a), both the B1dB and OB-IIP3 improve as the offset frequency increases. At 80MHz

offset frequency, the receiver has +8dBm OB-IIP3 and -15dBm B1dB respectively Fig. 6.16(b)

shows uniform linearity across different LO frequencies.

6.6.3 Concurrency and Carrier Aggregation Measurements

We validate the two proposed aggregation solutions with a concurrent receiver setup where two

FTQH chips are daisy-chained so that a total of 4 carriers can be received concurrently (Fig. 6.17(a)).

Channels A and B are configured to receive high-frequency carriers at 1900MHz and 2100MHz,

channels C and D receive carriers at 690MHz and 900MHz. Fig. 6.17(b) shows the measured

conversion gain of the four receiver channels. For NF calibration, a test tone of -80dBm is in-

jected into the daisy chain from the final stage termination resistor (Fig. 6.17(a)) and propagates

along the daisy chain to calibrate each receiver channel sequentially before the NF measurements.
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Figure 6.17: Four-channel inter-band CA measurements: (a) Block diagram of the two-chip 4-
channel CA setup; (b) Measured conversion gains of the four concurrent channel; (c) NF measure-
ment of each channel, the two low-frequency channels (C and D) have 1dB NF penalty from the
insertion loss of the first QH daisy chain stage.

Fig. 6.17(c) shows the measured NF of each channel, and the measured NF of a single channel is

overlaid as a comparison baseline for the CA case. It can be seen that the channels A and B on chip

1 have similar NF, within measurement tolerances, compared to the single channel measurements.

Channels C and D on chip 2 suffer a 1dB NF penalty from the insertion loss of the hybrid coupler

and the cables.

The 4-channel CA receivers are further evaluated with concurrent error vector magnitude
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Figure 6.18: EVM measurements of the 4-channel CA setup: (a) Measured spectrum of the four
modulated input carriers each has approximately -70dBm integrated power; (b) Demodulated con-
stellations of the four carriers with a worst-case EVM of 2.8%.

(EVM) measurements. Four modulated carriers are generated, combined, attenuated and fed into

the single antenna connector of the CA receivers. Each carrier is modulated with 5MSps 16QAM

with a = 0.35 with better than 1% EVM with Agilent E4438C. The power of each carrier is

controlled to approximately -70dBm at the input of the receiver array. The measured RF input

spectrum is shown in Fig. 6.18(a). The 4 baseband IQ signals are then captured concurrently with

two 4-channel oscilloscopes and analyzed with the Keysight 89600 VSA software. The demodu-

lated constellations are shown in Fig. 6.18(b). All carriers have lower than 2.8%rms EVM. These

receivers measurements were performed without IQ error calibration.

6.7 Discussion and Comparison to the State of the Art

6.7.1 Comparison to Low Noise SDRs and Wideband LNAs

In low-noise combined-mode the FTQH receiver has the best NF among the comparable wideband

CMOS SDR receivers as shown in Table 6.1. This does come at the price of increased power
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Table 6.1: Comparison to the state-of-the-art high-performance SDR receivers and LNAs.

Design Type Balanced LNA

Reference This Work [9] [61] [80]

Technology CMOS 65nm CMOS 40nm CMOS 28nm pHEMT
Frequency (GHz) 0.6-2.2 0.08-2.7 0.4-6 0.6-1.2

Max Gain (dB) 48 72 70 14-19
BB Bandwidth(MHz) 6-35 2 0.5-50 N/A

NF w/o Balun/Hybrid (dB) 0.6-1.2 1.5-2.1 1.8-2.4 0.4
NF w/ Balun/Hybrid (dB) 0.9-1.8 N/A N/R 0.56

Matched RF Input Yes Yes Yes Yes
OB IIP3 (dBm) 8 13.5 8 16*

B1dB-CP (dBm) -15 / -10 0 -13 1**
Analog Power (mW) 95 35.1-78 <40 250

LO Power (mW) 2.2-19 N/R N/R N/A (LNA only)
Power Supply (V) 1.1 1.3 0.9 5

N/R = Not Reported * In-band IIP3 **Estimated

Low Noise SDR Receivers

N/A = Not Applicable

consumption comparing to [10] and [62]. The out-of-band linearity is lower than [10] but the

presented work has more than 10 times higher IF bandwidth. Comparing to receivers with similar

IF bandwidth and power supply [62], the linearity is acceptable. Note that the NF of the FTQH

receiver is measured with the loss of the hybrid coupler included and operates with a single-ended

antenna interface. For some of the designs with differential RF input [62], the NF should be

compared incorporating the loss of the balun. The ultra-low NF of the FTQH receiver is further

compared to III-V pHEMT balanced LNAs [80]. Considering that the FTQH implements a full

receiver, the CMOS LNTA indeed has comparable NF to the III-V LNAs with much lower power

consumption. The linearity falls short due to the much lower available voltage headroom of CMOS

technologies.
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Table 6.2: Comparison to the state-of-the-art CA receivers.

Design Type
Reference

2-Channel 2-Chip, 4-Ch

Technology CMOS 65nm CMOS 45nm
Frequency (GHz) 0.6-2.2 0.6-2.2 0.5-3 0.5-3 1.96 2

CA Bands 2 inter-band 4 inter-band 2 inter-band 2 intra-band 1 inter-band              
2 intra-band 2 intra-band

Number of Antennas 1 1 2 1 2 1
Max Gain (dB) 42 42 50 50 45 37

BB Bandwidth(MHz) 6-35 6-35 1-30 N/R N/R 35
NF (dB) 1.3-3.2/Ch < 3.2/Ch* 3.8/4.7 4.8 4.5 3.9

OB IIP3 (dBm) 8 8 10 N/R 2.4 2.75
B1dB-CP (dBm) -15 / 10 -15 / 10 -1 N/R -15.5 NR

Harmonic Rejection 46/46 - 35/42 N/R >80 N/R
Analog Power (mW) 96 192 192** 168 155/435*** 15

LO Power (mW) 2.2-19 4.4-38 54-194*** 54-194*** N/R NR
Power Supply (V) 1.1 1.1 1.2/2.5 1.2/2.5 1.45/1.8 1

N/R = Not Reported N/A = Not Applicable
*Measured with band combination in Fig. 4    **Estimated from single channel data    ***Include PLL

Carrier Aggregation Receivers
This Work 

[59] [67] [68]

CMOS 65nm CMOS 65nm

6.7.2 Comparison to Carrier Aggregation Receivers

The FTQH receiver array is a unique single-antenna solution that delivers frequency-agile, inter-

band CA. It further delivers an NF comparable with state-of-the-art single-channel receivers while

offering up to 4-band CA (Table 6.2). The power consumption is lower than [60] and [67], but

these designs have integrated PLLs and/or ADCs, which makes a power comparison hard. The

prototype receiver has a programmable IF bandwidth from 6MHz to 35MHz, which is comparable

to the other CA receivers. The linearity of the FTQH receiver is lower than that of [60] due to lower

filter order6 and higher LNTA gain. The linearity is comparable to that of [67]. As for intra-band

CA, each FTQH channel can cover up to 70MHz of RF bandwidth, so that block down-conversion
6R1 in Fig. 6.14 is bypassed during the linearity measurements for consistency with the NF measurements. We

then effectively have a first-order IF filter.
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techniques [68] can easily be adopted in future work to support intra-band CA. The current receiver

prototype serves as a demonstration of the FTQH concept and is not claimed to be compliant to

specific communication standards. The challenge of interfacing with transmitters and RF front-end

filters remains the topic of further research.

6.8 Conclusions

In conclusion, the proposed FTQH receiver architecture gives the RF designer the freedom to

optimize the LNA/LNTA input impedance independent of RF input matching requirements. Com-

bined with frequency translational signal processing and calibration, FTQH receivers can achieve

exceptional noise figure with a wide operation frequency range. The FTQH receiver array also

demonstrates support for as high as 4 band inter-band carrier aggregation, which can be further

scaled with more parallel receivers or hybrid coupler daisy chains.



Chapter 7

Conclusions

The next-generation wireless communication technology will advance the performance and fea-

tures of the wireless systems in many aspects such as data rate, spectrum efficiency, energy ef-

ficiency, latency, and connection density. Although a unified framework is proposed to accom-

modate all kinds of wireless devices, they can have vastly different RF specification requirements

depending on the deployment scenarios and the RF environment during operation.

One of the major challenges faced by the next-generation wireless system is the ever-increasing

number of frequency bands as more RF spectrums are being introduced for a larger system band-

width. For mobile communication alone there are more than 50 different frequency bands spanning

a frequency range of 400MHz to 6GHz, including licensed and unlicensed bands, FDD and TDD

bands. These bands are highly fragmented due to legacy issues and often have overlap and con-

flicts across geological regions. Traditionally, this challenge have to be addressed with RF filters

customized for each frequency band. An array of such filters is often needed to support devices for

140
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a global deployment. The emerging carrier aggregation technology needs concurrent transmission

and reception from a single antenna and makes the filter band design extremely challenging.

High performance wideband software defined radios are promising candidates to relax the spec-

ifications of the RF filters or to completely eliminate them. However, several technology challenges

still need to be addressed. The SDRs need to have un-compromised performance comparing to the

existing narrow band solutions with RF filters, and significant performance improvements in terms

of sensitivity and linearity need to be realized. The SDRs also need to have field programmability

for dynamic tradeoffs of their RF performances, and to adjust them to suitable levels for optimum

power consumption under different operation scenarios. With the requirement of carrier aggrega-

tion, scalable and massive concurrency must be supported with low RF performance penalty and

complexity overhead.

7.1 Summary

This dissertation starts with a brief review of the thermal noise canceling technique and its existing

practical implementations as wideband LNAs and receiver front ends. The advantages and limi-

tations of the existing noise canceling techniques are identified and discussed. The technique is

suitable for high performance SDR receiver front end, but still need further improvement at both

the circuit level and the receiver architecture level. In this dissertation, four prototype LNA or

receiver chips are designed and each of them pushes at least one aspect of the performance such as

bandwidth, linearity, and NF.

The traditional wideband noise canceling LNAs improve the NF at the cost of a higher power
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consumption and larger parasitic capacitance, which limits the RF bandwidth of the antenna inter-

face. This bottleneck and fundamental tradeoff is identified and alleviated with the introduction of

distributed techniques (Chapter 3). The combination of a noise canceling LNA and a distributed

amplifier has a greatly improved bandwidth comparing to a conventional noise canceling LNA and

uniquely achieve low NF at both the low frequency and high frequency comparing to a distributed

amplifier.

Out-of-band linearity of the SDR receiver is critical to avoid desensitization by large blockers,

especially when the RF filter is eliminated. The linearity improvement can be improved either

by adopting high-Q programmable RF filters, or by improving the linearity and blocker tolerance

of the receiver circuits. We introduced the interferer-reflecting loop (IR-Loop) technique (Chap-

ter 4) to improve the input linearity of the LNA. Multiple programmable filter implementation are

demonstrated to have an enhanced loaded Q and lower NF penalty comparing to directly apply-

ing the filters at the RF input. We also introduced the hybrid class-AB-C LNTAs for rail-to-rail

blocker tolerance (Chapter 5). Transconductor cells that operate in different modes are combined

and aligned to extend the linearity operation range of the LNTA. Biasing circuits are designed

properly to guarantee robust operation across PVT variations.

The NF of the receiver directly affects the sensitivity of the wireless communication link. The

NF optimization in wideband LNA and LNTA design is often limited by the input impedance

matching requirements. We introduced the FTQH technology that adopts an quadrature hybrid

coupler at the inputs of the receiver for wideband input impedance matching (Chapter 6). This

technique completely alleviates the input matching constraint on the LNAs and LNTAs and an
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arbitrary impedance can be used to optimized the NF. With the use of current-reuse CS LNTAs,

wideband sub-1dB NF is achieved with a full-CMOS SDR receiver with only one external passive

components.

In addition to the performance enhancements of the SDR, more advanced features such as con-

current reception are needed for flexible aggregation of the fragmented spectrum. We introduced

the FTQH receiver array as a scalable solution to wideband frequency-agile inter-band carrier ag-

gregation. The unique antenna interface facilitates the use of high-input-impedance LNTAs and

enables voltage domain voltage splitting directly at the LNTA input nodes. In addition to the

voltage domain RF signal splitting, the FTQH receivers can also be daisy-chained as most of the

power from the antenna is reflected and redirected to the isolation port. The number of concurrent

reception channels can be scaled in two dimensions and forms a highly flexible receiver array.

Finally, field programmability is also featured in these designs to enable dynamic performance

tradeoff between the NF, linearity, power consumption and concurrency. For the IR-LNAs and the

FTQH LNTAs, the RF gm cells are implemented with multiple unit slices, each of which can be

digitally turned on and off for a dynamic tradeoff between the NF and power consumption. In the

class-AB-C LNTA design, each of the gm slice can be individually biased into a different operation

mode for a tradeoff between the NF, power, and linearity. The IR-Loop can be dis-engaged when

large blocker is absent to save power and improve NF. In the FTQH receivers, the parallel receiver

channels can be programmed to receiver multiple carriers concurrently or to receive the same

carrier coherently for an ultra-low NF.
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7.2 Future Research

The study presented in this dissertation leads to several topics for future research.

Some of the techniques demonstrated in this dissertation are compatible with each other and

can be combined to further push the performance of wideband SDRs. For example, the class-AB-

C LNTAs can be easily combined with the FTQH receiver architectures for an ultra-low-noise,

ultra-high-linearity receiver.

Modern receivers need to open up the IF bandwidth to accommodate a wideband carrier or

multiple adjacent carriers, and this makes the receiver more susceptible to close-by interferers. As

the duplexing frequency spacing of the transceiver becomes smaller, and the spectrum becomes

more crowded, the requirements on both the RF and IF filters become more stringent. In addition

to the blocker tolerance challenges, multiple out-of-band interferers can create intermodulation

products that corrupt the desired in-band signals. For close-by interferers, the filters offer limited

protection for the receiver. There are opportunities for digital-assisted intermodulation cancellation

schemes to improve the linearity of wideband SDRs for close-by interferers. If each interferer can

be measured with a sufficient SNR, their intermodulation product can also be reproduced with

high SNR. Thus digital cancellation of the intermodulation product will not impose significant

noise penalty on the desired signal.

The FTQH receiver array addresses the challenge of scalable concurrent reception. However,

scalable concurrent transmission and RF multiplexing circuits still remain a very challenging prob-

lem. Due to the various limitations of the current wideband duplexing methods, RF filters and

duplexers still cannot be completely eliminated. If multiple carriers need to be received and trans-
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mitted concurrently, an RF multiplexer needs to be specially designed for the specific frequency

band combination. Due to the large number of band combinations, the complexity of such antenna

interfaces grows rapidly. The FTQH technology has the potential to incorporate RF filters into the

RF daisy chain. As most RF filters are realized with high-Q resonators that have reflective out-of-

band impedances, they can be combined with quadrature hybrid couplers to realize a flexible and

modular antenna interface for concurrent transmission and reception.

The impedance and performance of the antennas on handset devices are susceptible to the RF

environments and the proximity of nearby objects. As a result, antenna impedance tuners are often

introduced to fight against such RF impairments and to adjust the antenna impedance closer to the

system impedance of 50W. Such impedance tuning circuit work best with a closed-loop control

system. The antenna impedance or VSWR is sensed and used to assist the control algorithm for

the impedance tuner. FTQH receiver needs a calibration process for optimum noise cancellation,

the coefficients obtained during the calibration process contain full information of the antenna

impedance. With proper calibration and de-embedding, the FTQH receiver can serve as a single-

port vector network analyzer and sense the antenna impedance with both the magnitude and the

phase information. The antenna impedance sensing can be performed at the frequency of each

carrier to be concurrently received. Designing impedance tuning circuits that can optimize the

antenna VSWR at several frequencies is also a challenging and valuable problem that is yet to be

solved.



Bibliography

[1] C. Langtry. (2016) Standards Development for Broadband Wireless Access. [On-

line]. Available: https://www.itu.int/net4/wsis/forum/2016/Content/AgendaFiles/document/

9d6c7b67-33a7-4ac6-96c7-ebf2231d83c2/ITU-BR Colin Langtry.pdf

[2] H. Zhang and E. Sanchez-Sinencio, “Linearization Techniques for CMOS Low Noise Am-

plifiers: A Tutorial,” IEEE Trans. Circuits Syst. I, vol. 58, no. 1, pp. 22–36, Jan 2011.

[3] 3GPP, “Evolved Universal Terrestrial Radio Access (E-UTRA); User Equipment (UE) Radio

Transmission and Reception,” 3rd Generation Partnership Project (3GPP), TS 36.101, Mar.

2016.

[4] R. T. Yazicigil, T. Haque, J. Zhu, Y. Xu, and P. R. Kinget, “RF Circuit and System Inno-

vations for a New Generation of Wireless Terminals,” in Proceedings of IEEE International

Symposium on Circuits and Systems (ISCAS), May 2016, pp. 2783–2786.

[5] J. Mitola, “Software radios: Survey, critical evaluation and future directions,” IEEE

Aerospace and Electronic Systems Magazine, vol. 8, no. 4, pp. 25–36, April 1993.

146



147

[6] B. Murmann. (2016) ADC Performance Survey 1997-2016. [Online]. Available: http:

//web.stanford.edu/⇠murmann/adcsurvey.html

[7] “MB86L12A 2G/3G/4G LTE Transceiver,” Datasheet, Fujitsu Ltd., 2010.

[8] B. Razavi, RF Microelectronics (2nd Edition). Prentice Hall, 2011.

[9] J. Borremans, G. Mandal, V. Giannini, B. Debaillie, M. Ingels, T. Sano, B. Verbruggen, and

J. Craninckx, “A 40 nm CMOS 0.4-6 GHz Receiver Resilient to Out-of-Band Blockers,”

IEEE J. Solid-State Circuits, vol. 46, no. 7, pp. 1659–1671, 2011.

[10] D. Murphy, H. Darabi, A. Abidi, A. Hafez, A. Mirzaei, M. Mikhemar, and M.-C. Chang, “A

Blocker-Tolerant, Noise-Cancelling Receiver Suitable for Wideband Wireless Applications,”

IEEE J. Solid-State Circuits, vol. 47, no. 12, pp. 2943–2963, 2012.

[11] B. Nauta, “A CMOS Transconductance-C Filter Technique for Very High Frequencies,” IEEE

J. Solid-State Circuits, vol. 27, no. 2, pp. 142–153, Feb 1992.

[12] E. A. M. Klumperink and B. Nauta, “Software Defined Radio Receivers Exploiting Noise

Cancelling: A Tutorial Review,” IEEE Communications Magazine, vol. 52, no. 10, pp. 111–

117, October 2014.

[13] S. Blaakmeer, E. Klumperink, D. Leenaerts, and B. Nauta, “Wideband Balun-LNA With

Simultaneous Output Balancing, Noise-Canceling and Distortion-Canceling,” IEEE J. Solid-

State Circuits, vol. 43, no. 6, pp. 1341–1350, June 2008.



148

[14] M. D. Tsai, C. F. Liao, C. Y. Wang, Y. B. Lee, B. Tzeng, and G. K. Dehng, “A Multi-Band

Inductor-less SAW-less 2G/3G-TD-SCDMA Cellular Receiver in 40nm CMOS,” in Digest

of Technical Papers IEEE International Solid-State Circuits Conference (ISSCC), Feb 2014,

pp. 354–355.

[15] D. M. Pozar, Microwave Engineering (4th Edition). Wiley, 2011.

[16] S. Blaakmeer, E. Klumperink, D. Leenaerts, and B. Nauta, “Wideband Balun-LNA With

Simultaneous Output Balancing, Noise-Canceling and Distortion-Canceling,” IEEE J. Solid-

State Circuits, vol. 43, no. 6, pp. 1341–1350, June 2008.

[17] C.-F. Liao and S.-I. Liu, “A Broadband Noise-Canceling CMOS LNA for 3.1-10.6-GHz

UWB Receiver,” in Proceedings of the IEEE Custom Integrated Circuits Conference (CICC),

Sept. 2005, pp. 161–164.

[18] T. Kihara, T. Matsuoka, and K. Taniguchi, “A 1.0V, 2.5mW, Transformer Noise-Canceling

UWB CMOS LNA,” in IEEE Radio Frequency Integrated Circuits Symposium, April 2008,

pp. 493–496.

[19] F. Zhang and P. Kinget, “Low-Power Programmable Gain CMOS Distributed LNA,” IEEE J.

Solid-State Circuits, vol. 41, no. 6, pp. 1333–1343, June 2006.

[20] Y.-J. Wang and A. Hajimiri, “A Compact Low-Noise Weighted Distributed Amplifier in

CMOS,” in Digest of Technical Papers IEEE International Solid-State Circuits Conference

(ISSCC), Feb. 2009, pp. 220–221,221a.



149

[21] Y.-S. Lin, J.-F. Chang, and S.-S. Lu, “Analysis and Design of CMOS Distributed Amplifier

Using Inductively Peaking Cascaded Gain Cell for UWB Systems,” IEEE Transactions on

Microwave Theory and Techniques, vol. 59, no. 10, pp. 2513–2524, oct. 2011.

[22] M. Darvishi, R. van der Zee, E. Klumperink, and B. Nauta, “A 0.3-to-1.2GHz Tunable 4th-

order Switched gm-C Bandpass Filter with >55dB Ultimate Rejection and Out-of-Band IIP3

of +29dBm,” in Digest of Technical Papers IEEE International Solid-State Circuits Confer-

ence (ISSCC), Feb. 2012, pp. 358–360.

[23] K.-H. Chen and S.-I. Liu, “Inductorless Wideband CMOS Low-Noise Amplifiers Using

Noise-Canceling Technique,” IEEE Trans. Circuits Syst. I, vol. 59, no. 2, pp. 305–314, Feb.

2012.

[24] B. Perumana, J.-H. Zhan, S. Taylor, and J. Laskar, “A 12 mW, 7.5 GHz Bandwidth, Inductor-

less CMOS LNA for Low-Power, Low-Cost, Multi-Standard Receivers,” in IEEE Radio Fre-

quency Integrated Circuits Symposium, June 2007, pp. 57–60.

[25] J.-H. Zhan and S. Taylor, “A 5GHz Resistive-Feedback CMOS LNA for Low-Cost Multi-

Standard Applications,” in Digest of Technical Papers IEEE International Solid-State Circuits

Conference (ISSCC), Feb. 2006, pp. 721–730.

[26] D. Leenaerts, R. van de Beek, J. Bergervoet, H. Kundur, G. van der Weide, A. Kapoor,

T. Y. Pu, Y. Fang, Y. J. Wang, B. Mukkada, H. Lim, V. Kiran, C. S. Lim, S. Badiu, and

A. Chang, “A 65 nm CMOS Inductorless Triple Band Group WiMedia UWB PHY,” Solid-

State Circuits, IEEE Journal of, vol. 44, no. 12, Dec. 2009.



150

[27] V. Giannini, P. Nuzzo, C. Soens, K. Vengattaramane, J. Ryckaert, M. Goffioul, B. Debail-

lie, J. Borremans, J. Van Driessche, J. Craninckx, and M. Ingels, “A 2-mm2 0.1-5 GHz

Software-Defined Radio Receiver in 45-nm Digital CMOS,” IEEE J. Solid-State Circuits,

vol. 44, no. 12, pp. 3486–3498, Dec 2009.

[28] R. Chen and H. Hashemi, “A 0.5-to-3 GHz Software-Defined Radio Receiver Using Sample

Domain Signal Processing,” in IEEE Radio Frequency Integrated Circuits Symposium, 2013,

pp. 315–318.

[29] L. V. der Perre, J. Craninckx, and A. Dejonghe, Green Software Defined Radios. Springer,

2009.

[30] H. G. Han and T. W. Kim, “A CMOS RF Programmable-Gain Amplifier for Digital TV With

a + 9-dBm IIP3 Cross-Coupled Common-Gate LNA,” IEEE Trans. Circuits Syst. II, vol. 59,

no. 9, pp. 543–547, Sept 2012.

[31] J. Sturm, X. Xiang, and H. Pretl, “A 65nm CMOS Wide-band LNA with Continuously Tun-

able Gain from 0dB to 24dB,” in Proceedings of IEEE International Symposium on Circuits

and Systems (ISCAS), May 2013, pp. 733–736.

[32] A. Geis, Y. Rolain, G. Vandersteen, and J. Craninckx, “A 0.045mm2 0.1-6GHz Reconfig-

urable Multi-Band, Multi-Gain LNA for SDR,” in IEEE Radio Frequency Integrated Circuits

Symposium, 2010, pp. 123–126.



151

[33] Y.-H. Wang, K.-T. Lin, T. Wang, H.-W. Chiu, H.-C. Chen, and S.-S. Lu, “A 2.1 to 6 GHz

Tunable-band LNA With Adaptive Frequency Responses by Transistor Size Scaling,” IEEE

Microwave and Wireless Components Letters, vol. 20, no. 6, pp. 346–348, June 2010.

[34] J. Borremans, P. Wambacq, C. Soens, Y. Rolain, and M. Kuijk, “Low-Area Active-Feedback

Low-Noise Amplifier Design in Scaled Digital CMOS,” IEEE J. Solid-State Circuits, vol. 43,

no. 11, pp. 2422–2433, Nov 2008.

[35] X. He and H. Kundur, “A Compact SAW-less Multiband WCDMA/GPS Receiver Front-End

with Translational Loop for Input Matching,” in Digest of Technical Papers IEEE Interna-

tional Solid-State Circuits Conference (ISSCC), 2011, pp. 372–374.

[36] S. Sen, D. Banerjee, M. Verhelst, and A. Chatterjee, “A Power-Scalable Channel-Adaptive

Wireless Receiver Based on Built-In Orthogonally Tunable LNA,” IEEE Trans. Circuits Syst.

I, vol. 59, no. 5, pp. 946–957, 2012.

[37] K. L. Fong, “Dual-Band High-Linearity Variable-Gain Low-Noise Amplifiers for Wireless

Applications,” in Digest of Technical Papers IEEE International Solid-State Circuits Confer-

ence (ISSCC), Feb 1999, pp. 224–225.

[38] A. Ghaffari, E. Klumperink, M. C. M. Soer, and B. Nauta, “Tunable High-Q N-Path Band-

Pass Filters: Modeling and Verification,” IEEE J. Solid-State Circuits, vol. 46, no. 5, pp.

998–1010, 2011.

[39] M. Darvishi, R. van der Zee, and B. Nauta, “A 0.1-to-1.2GHz Tunable 6th-Order N-Path

Channel-Select Filter with 0.6dB Passband Ripple and +7dBm Blocker Tolerance,” in Digest



152

of Technical Papers IEEE International Solid-State Circuits Conference (ISSCC), 2013, pp.

172–173.

[40] A. Mirzaei, H. Darabi, A. Yazdi, Z. Zhou, E. Chang, and P. Suri, “A 65 nm CMOS Quad-

Band SAW-Less Receiver SoC for GSM/GPRS/EDGE,” IEEE J. Solid-State Circuits, vol. 46,

no. 4, pp. 950–964, April 2011.

[41] C. Andrews and A. Molnar, “A Passive-Mixer-First Receiver with Baseband-Controlled RF

Impedance Matching, <6dB NF, and >27dBm Wideband IIP3,” in Digest of Technical Papers

IEEE International Solid-State Circuits Conference (ISSCC), Feb 2010, pp. 46–47.

[42] ——, “A Passive Mixer-First Receiver With Digitally Controlled and Widely Tunable RF

Interface,” IEEE J. Solid-State Circuits, vol. 45, no. 12, pp. 2696–2708, 2010.

[43] A. Ghaffari, E. Klumperink, and B. Nauta, “Tunable N-Path Notch Filters for Blocker Sup-

pression: Modeling and Verification,” IEEE J. Solid-State Circuits, vol. 48, no. 6, pp. 1370–

1382, June 2013.

[44] S. Ayazian and R. Gharpurey, “Feedforward Interference Cancellation in Radio Receiver

Front-Ends,” IEEE Trans. Circuits Syst. II, vol. 54, no. 10, pp. 902–906, 2007.

[45] H. Darabi, “A Blocker Filtering Technique for SAW-Less Wireless Receivers,” IEEE J. Solid-

State Circuits, vol. 42, no. 12, pp. 2766–2773, 2007.



153

[46] A. Balankutty and P. Kinget, “An Ultra-Low Voltage, Low-Noise, High Linearity 900-MHz

Receiver With Digitally Calibrated In-Band Feed-Forward Interferer Cancellation in 65-nm

CMOS,” IEEE J. Solid-State Circuits, vol. 46, no. 10, pp. 2268–2283, Oct 2011.

[47] T. Werth, C. Schmits, and S. Heinen, “Active Feedback Interference Cancellation in RF Re-

ceiver Front-Ends,” in IEEE Radio Frequency Integrated Circuits Symposium, 2009, pp. 379–

382.

[48] T. Werth, C. Schmits, R. Wunderlich, and S. Heinen, “An Active Feedback Interference Can-

cellation Technique for Blocker Filtering in RF Receiver Front-Ends,” IEEE J. Solid-State

Circuits, vol. 45, no. 5, pp. 989–997, 2010.

[49] S. Youssef, R. Van der Zee, and B. Nauta, “Active Feedback Receiver with Integrated Tun-

able RF Channel Selectivity, Distortion Cancelling, 48dB Stopband Rejection and >+12dBm

Wideband IIP3, Occupying <0.06mm2 in 65nm CMOS,” in Digest of Technical Papers IEEE

International Solid-State Circuits Conference (ISSCC), Feb 2012, pp. 166–168.

[50] V. Aparin, G. Ballantyne, C. Persico, and A. Cicalini, “An Integrated LMS Adaptive Filter

of TX Leakage for CDMA Receiver Front Ends,” IEEE J. Solid-State Circuits, vol. 41, no. 5,

pp. 1171–1182, May 2006.

[51] M. Kaltiokallio, V. Saari, S. Kallioinen, A. Parssinen, and J. Ryynaen, “Wideband 2 to 6

GHz RF front-end with blocker filtering,” IEEE J. Solid-State Circuits, vol. 47, no. 7, pp.

1636–1645, 2012.



154

[52] J. W. Park and B. Razavi, “A 20mW GSM/WCDMA Receiver with RF Channel Selection,”

in Digest of Technical Papers IEEE International Solid-State Circuits Conference (ISSCC),

Feb 2014, pp. 356–357.

[53] C. Izquierdo, A. Kaiser, F. Montaudon, and P. Cathelin, “Reconfigurable Wide-band Receiver

with Positive Feed-back Translational Loop,” in IEEE Radio Frequency Integrated Circuits

Symposium, 2011, pp. 1–4.

[54] W. Zhuo, S. Embabi, J. de Gyvez, and E. Sanchez-Sinencio, “Using Capacitive Cross-

Coupling Technique in RF Low Noise Amplifiers and Down-Conversion Mixer Design,” in

Proceedings European Solid-State Circuits Conference (ESSCIRC), Sept 2000, pp. 77–80.

[55] C. Izquierdo, A. Kaiser, F. Montaudon, and P. Cathelin, “Wide-Band Receiver Architecture

with Flexible Blocker Filtering Techniques,” in IEEE International Conference on Electron-

ics, Circuits, and Systems (ICECS), Dec 2010, pp. 894–897.

[56] D. M. Pozar, Microwave Engineering. Wiley, 2004.

[57] V. Aparin, “A New Method of TX Leakage Cancelation in W/CDMA and GPS Receivers,”

in IEEE Radio Frequency Integrated Circuits Symposium, June 2008, pp. 87–90.

[58] E. Cherry and D. Hooper, “The Design of Wide-band Transistor Feedback Amplifiers,” Pro-

ceedings of the Institution of Electrical Engineers, vol. 110, no. 2, pp. 375 –389, february

1963.



155

[59] M. Steyaert and J. Craninckx, “1.1 GHz oscillator using bondwire inductance,” Electronics

Letters, vol. 30, no. 3, pp. 244–245, 1994.

[60] R. Chen and H. Hashemi, “Reconfigurable Receiver With Radio-Frequency Current-Mode

Complex Signal Processing Supporting Carrier Aggregation,” IEEE J. Solid-State Circuits,

vol. 50, no. 12, pp. 3032–3046, Dec 2015.

[61] H. Hedayati, W. F. A. Lau, N. Kim, V. Aparin, and K. Entesari, “A 1.8 dB NF Blocker-

Filtering Noise-Canceling Wideband Receiver With Shared TIA in 40nm CMOS,” IEEE J.

Solid-State Circuits, vol. 50, no. 5, pp. 1148–1164, May 2015.

[62] B. van Liempd, J. Borremans, E. Martens, S. Cha, H. Suys, B. Verbruggen, and J. Cran-

inckx, “A 0.9 V 0.4-6 GHz Harmonic Recombination SDR Receiver in 28 nm CMOS With

HR3/HR5 and IIP2 Calibration,” IEEE J. Solid-State Circuits, vol. 49, no. 8, pp. 1815–1826,

Aug 2014.

[63] J. Borremans, B. van Liempd, E. Martens, S. Cha, and J. Craninckx, “A 0.9V Low-Power

0.4-6GHz Linear SDR Receiver in 28nm CMOS,” in Digest of Technical Papers Symposium

on VLSI circuits, June 2013, pp. C146–C147.

[64] H. Hedayati, W.-F. Lau, N. Kim, V. Aparin, and K. Entesari, “A 1.8 dB NF Blocker-Filtering

Noise-Canceling Wideband Receiver with Shared TIA in 40nm CMOS,” in IEEE Radio Fre-

quency Integrated Circuits Symposium, June 2014, pp. 325–328.



156

[65] M. Mehrpoo and R. Staszewski, “A Highly Selective LNTA Capable of Large-Signal Han-

dling for RF Receiver Front-Ends,” in IEEE Radio Frequency Integrated Circuits Symposium,

June 2013, pp. 185–188.

[66] E. Klumperink, S. Mattisson, and V. Vidojkovic, “ES3: How to Achieve 1000x More Wire-

less Data Capacity? 5G?” in Digest of Technical Papers IEEE International Solid-State Cir-

cuits Conference (ISSCC), Feb 2015, pp. 1–1.

[67] L. Sundstrm, M. Anderson, R. Strandberg, S. Ek, J. Svensson, F. Mu, T. Olsson, I. u. Din,

L. Wilhelmsson, D. Eckerbert, and S. Mattisson, “A Receiver for LTE Rel-11 and Beyond

Supporting Non-Contiguous Carrier Aggregation,” in Digest of Technical Papers IEEE Inter-

national Solid-State Circuits Conference (ISSCC), Feb 2013, pp. 336–337.

[68] S. C. Hwu and B. Razavi, “An RF Receiver for Intra-Band Carrier Aggregation,” IEEE J.

Solid-State Circuits, vol. 50, no. 4, pp. 946–961, April 2015.

[69] N. Klemmer, S. Akhtar, V. Srinivasan, P. Litmanen, H. Arora, S. Uppathil, S. Kaylor, A. Ak-

our, V. Wang, M. Fares, F. Dulger, A. Frank, D. Ghosh, S. Madhavapeddi, H. Safiri, J. Mehta,

A. Jain, H. Choo, E. Zhang, C. Sestok, C. Fernando, R. K. A., S. Ramakrishnan, V. Sinari,

and V. Baireddy, “A 45nm CMOS RF-to-Bits LTE/WCDMA FDD/TDD 2x2 MIMO Base-

Station Transceiver SoC with 200MHz RF Bandwidth,” in Digest of Technical Papers IEEE

International Solid-State Circuits Conference (ISSCC), Jan 2016, pp. 164–165.

[70] J. Zhu and P. R. Kinget, “A Field-Programmable Noise-Canceling Wideband Receiver with

High-Linearity Hybrid Class-AB-C LNTAs,” in Proceedings of the IEEE Custom Integrated



157

Circuits Conference (CICC), Sept 2015, pp. 1–4.

[71] I. Fabiano, M. Sosio, A. Liscidini, and R. Castello, “SAW-Less Analog Front-End Receivers

for TDD and FDD,” IEEE J. Solid-State Circuits, vol. 48, no. 12, pp. 3067–3079, Dec 2013.

[72] J. Zhu and P. R. Kinget, “A Very-Low-Noise Frequency-Translational Quadrature-Hybrid

Receiver for Carrier Aggregation,” in Digest of Technical Papers IEEE International Solid-

State Circuits Conference (ISSCC), Feb 2016, pp. 168–169.

[73] S. Jeon, Y. J. Wang, H. Wang, F. Bohn, A. Natarajan, A. Babakhani, and A. Hajimiri, “A

Scalable 6-to-18 GHz Concurrent Dual-Band Quad-Beam Phased-Array Receiver in CMOS,”

IEEE J. Solid-State Circuits, vol. 43, no. 12, pp. 2660–2673, Dec 2008.

[74] W. Zhuo, S. Embabi, J. P. de Gyvez, and E. Sanchez-Sinencio, “Using Capacitive Cross-

Coupling Technique in RF Low Noise Amplifiers and Down-Conversion Mixer Design,” in

Proceedings European Solid-State Circuits Conference (ESSCIRC), Sept 2000, pp. 77–80.

[75] F. Bruccoleri, E. A. M. Klumperink, and B. Nauta, “Wide-Band CMOS Low-Noise Amplifier

Exploiting Thermal Noise Canceling,” IEEE J. Solid-State Circuits, vol. 39, no. 2, pp. 275–

282, Feb 2004.

[76] K. Kurokawa, “Design Theory of Balanced Transistor Amplifiers,” The Bell System Technical

Journal, vol. 44, no. 8, pp. 1675–1698, Oct 1965.

[77] “X3C17A1-03WS 90� Hybrid Coupler,” Datasheet, Anaren Inc., 2013, rev. B.



158

[78] A. R. Kerr, “On the Noise Properties of Balanced Amplifiers,” IEEE Microwave and Guided

Wave Letters, vol. 8, no. 11, pp. 390–392, Nov 1998.

[79] J. Yao, X. Sun, and B. Lin, “1.5-2.7 GHz Ultra Low Noise Bypass LNA,” June 2014, pp. 1–3.

[80] “MGA-16516 - Low Noise, High Linearity Match Pair Low Noise Ampli er,” Datasheet,

Avago Technologies, 2010.

[81] M. Conta, E. Rodal, S. Anand, H. Jensen, H. Huang, Y. W. Lin, Z. Liu, F. D. Flaviis, and

K. Benboudjema, “A 0.9dB NF 9mW 28nm Triple-Band GNSS Radio Receiver,” in IEEE

Radio Frequency Integrated Circuits Symposium, June 2014, pp. 213–216.

[82] L. Belostotski and J. W. Haslett, “Sub-0.2 dB Noise Figure Wideband Room-Temperature

CMOS LNA With Non-50W Signal-Source Impedance,” IEEE J. Solid-State Circuits, vol. 42,

no. 11, pp. 2492–2502, Nov 2007.

[83] E. A. M. Klumperink, Q. Zhang, G. J. M. Wienk, R. Witvers, J. G. B. de Vaate, B. Woesten-

burg, and B. Nauta, “Achieving Wideband Sub-1dB Noise Figure and High Gain with MOS-

FETs if Input Power Matching is not Required,” in IEEE Radio Frequency Integrated Circuits

Symposium, June 2007, pp. 673–676.

[84] T. Lee, The Design of CMOS Radio-Frequency Integrated Circuits. Cambridge University

Press, 2004.

[85] N. Weste and D. M. Harris, CMOS VLSI Design: A Circuits and Systems Perspective (4th

Edition). Pearson, 2010.



159

[86] “AD8330 - Low Cost, DC to 150 MHz Variable Gain Amplifier,” Datasheet, Analog Devices,

rev. D.

[87] “MCP4728 - 12-Bit, Quad Digital-to-Analog Converter with EEPROM Memory,” Datasheet,

Microchip, 2010.

[88] “Noise Figure Measurement Accuracy - The Y-Factor Method,” Agilent Technologies, Ap-

plication Note 57-2, Feb. 2014.


