
Architectures and Integrated Circuits for Efficient,
High-power “Digital” Transmitters for

Millimeter-wave Applications

Anandaroop Chakrabarti

Submitted in partial fulfillment of the

requirements for the degree

of Doctor of Philosophy

in the Graduate School of Arts and Sciences

COLUMBIA UNIVERSITY

2016



c©2016

Anandaroop Chakrabarti

All Rights Reserved



ABSTRACT

Architectures and Integrated Circuits for Efficient,
High-power “Digital” Transmitters for

Millimeter-wave Applications

Anandaroop Chakrabarti

This thesis presents architectures and integrated circuits for the implementation of energy-efficient,

high-power “digital” transmitters to realize high-speed long-haul links at millimeter-wave (mmWave)

frequencies in nano-scale silicon-based processes. The proposed work opens up the possibility of

improving the data capacity and communication range of wireless channels by using a synergis-

tic combination of novel mmWave integrated circuit design as well as Multi-Input-Multi-Output

(MIMO) signal processing techniques. Such a cross-layer approach presents a holistic solution to

improve the capacity of backbone links as mobile data and voice services become ubiquitous.

Switching power amplifiers (PAs) in CMOS at mmWave frequencies are investigated as they

offer the potential for higher efficiency and harness the improving performance of the CMOS device

as a switch. The concept of device stacking in the context of the Class-E family of non-linear

switching PAs at mmWave frequencies is explored theoretically as well as experimentally for the

first time culminating in state-of-the-art unit cell prototypes. These unit cells are further used

in conjunction with a novel large-scale, low-loss, lumped-element power-combiner to realize the

world’s first CMOS mmWave PA with watt-class output power on-chip and high efficiency.

The quintessential trade-off between efficiency and linearity in PAs is addressed by means

of a novel linearizing architecture that simultaneously enables high output power through large-

scale power combining, digital amplitude modulation and high efficiency under back-off through

supply-switching and linearity through dynamic load modulation. Design considerations for supply-

switched direct digital-to-mmWave amplitude converters (DACs) are discussed. The proposed DAC

cell, in conjunction with large-scale power-combining, is used to demonstrate a high-power, highly

linear, three-bit mmWave DAC prototype with high efficiency under back-off. Supply modulation



for stacked Class-E PAs is investigated as a means of achieving high-resolution linear amplitude

modulation with high average efficiency. A Class-G supply modulator-based “hybrid” 4-stacked

mmWave Class-E-like power DAC is also presented for a practical implementation of high-resolution

mmWave power DACs with high output power as well as high peak and average efficiencies.

A 60GHz digital polar four element phased array transmitter in CMOS with watt-level output

power based on the Class-G supply-modulated hybrid power DAC is described. The prototype is the

first fully integrated high-power mmWave transmitter capable of supporting complex modulations

with high average efficiency. Experimental results are expected to be available in the latter half of

2016. The transmitter is envisioned to serve as a testbed for future studies of massive mmWave

Multiple-Input-Multiple-Output (MIMO) systems to realize long-haul, high-speed mmWave links

that can be used for wireless backhaul.
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CHAPTER 1. INTRODUCTION 1

Chapter 1

Introduction

Technology scaling in silicon process in conjunction with the feasibility of low-cost bulk-production

(particularly in CMOS) makes it an attractive choice for wireless applications. The ever-increasing

demand for low-cost portable devices and systems necessitates highly integrated wireless transceivers,

which can practically be realized only in deeply-scaled silicon technologies. In view of the over-

whelming digital content of a mobile platform, it is desirable that the architectures used to imple-

ment the RF components facilitate seamless scaling into advanced technology nodes.

Integrated millimeter-wave (mmWave) systems thus constitute a logical step to extend the ad-

vantages of silicon-based integration to higher frequencies in order to leverage the larger spectrum

bandwidth for future broadband cellular communication networks. Silicon integration at mmWave

frequencies also enables the realization of complex architectures [6, 7] that are customized for par-

ticular mmWave communication and sensing applications. Satellite communication and 60 GHz

Wireless HD are examples of mmWave high data rate communication applications. Radar-assisted

driving on the other hand is a sensing application. Vehicular radar applications typically favor

the 24 GHz and 77 GHz unlicensed bands. Radar transceivers, accompanied by signal processing,

have made a crucial impact on automotive system design resulting in the evolution of Advanced

Driver-Assist Systems (ADAS). Radar being weather-independent is the technology of choice for

detecting and avoiding collision since radar systems facilitate both long-range forward-looking as

well as short-range 3600 risk assessment.

Another important application of mmWave technology is in advanced imaging systems. At-

mospheric absorption profile has openings at 35 GHz, 94 GHz, 140 GHz and 220 GHz and the
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exact choice of frequency depends on specific application. In particular, mmWave imaging can be

utilized for homeland security (as in airports), aeronautics (for safe operations in bad weather)

and medical diagnostics. The application of mmWave technology to medical imaging devices for

screening, diagnosis and treatment of diseases is particularly exciting since conventional modalities

are cost prohibitive and are mostly limited to hospitals and health-care facilities. Recent studies

suggest that the mmwave regime could also be used to supplement the teeming 700 MHz-2.6 GHz

radio spectrum for cellular communications [8]. The high integration capability of scaled CMOS

technology facilitates complex digital signal processing to realize mixed-signal Systems-on-Chip

(SoCs) at mmWave that can provide the pathway to a plethora of exciting applications for future

wireless networks.

However, a major drawback of migrating to deeply scaled technologies is the limited breakdown

voltage as well as poor quality of on-chip passives, which form the bottleneck in efficient power

generation at mmWave. These, in conjunction with the high path loss at these frequencies, have

typically limited the deployment of mmWave transceivers to short-range links. However, burgeoning

long-range applications such as satellite communication in the 45 GHz band and high data-rate

wireless backhaul in the 71-76 GHz and 81-86 GHz bands have innervated research efforts for

the development of high-power, high-efficiency PAs in CMOS. A second major challenge in the

realization of energy-efficient transmitters arises from the trade-off between efficiency and linearity

in conventional PAs. Additionally, the transmitter must retain high efficiency when operating at

backed-off power levels to support complex modulations with finite peak-to-average-power-ratios

(PAPR).

1.1 Thesis Objectives

The goal of this dissertation is to present novel techniques for realizing of digital-intensive mmWave

transmitters in fine-line CMOS processes. Such “digital” transmitters harness the high integration

capability of nanoscale CMOS along with DSP-intensive mmWave architectural innovations to

realize high-power mmWave transmitters that can facilitate high-speed long haul links supporting

complex modulations with high average efficiency. From a technical standpoint, the contributions

of this thesis include detailed analysis of the architecture, implementation trade-offs as well as
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experimental validation along with prospects of utilizing the proposed research to address the

needs of future wireless systems.

1.2 Thesis Outline

This dissertation is organized as follows: Chapter 2 describes the challenges associated with realiz-

ing energy-efficient, high-power amplifiers in silicon at mmWave and introduces the concept of series

device stacking for switch-mode PAs to overcome the fundamental limitations of efficient mmWave

power generation. A loss-aware design methodology for Class-E PAs, suitable for mmWave imple-

mentations is presented. This is followed by detailed theoretical analysis, simulation and exper-

imental results pertaining to state-of-the-art stacked Class-E-like mmWave PAs implemented in

45nm SOI CMOS. A novel Multi-output Class-E PA topology is proposed for overcoming the fun-

damental challenges associated with voltage swings in stacked Class-E PAs. The chapter concludes

with a description of an ultra wideband Class-E-like PA array in Q-band that achieves watt-level

output power on-chip by using large-scale, low-loss power-combining of the stacked Class-E PAs.

Chapter 3 discusses the challenges associated with realizing high-power mmWave transmitters

that can support complex modulations with high average efficiency. The concept of a digital-

intensive direct digital-to-mmWave amplitude converter (DAC) using high-power DAC unit cells

is presented along with a summary of prior works on mmWave power DACs. This is followed

by the architectural overview, implementation trade-offs and experimental results for a 45GHz

1-bit Class-E-like mmWave power DAC. A linearizing architecture for mmWave power DACs is

discussed that simultaneously employs large-scale power combining for high output power, PA

supply switching for high efficiency under back-off, and digitally-controlled load-modulation for

linearization of switching PAs. A novel approach for realizing high resolution mmWave power

DACs with high back-off efficiency, by combining Class-G supply modulation with tail transistor

switching is also presented.

Chapter 4 describes detailed design considerations of a digital polar phased array transmitter

utilizing the foregoing concepts. The transmitter also incorporates an on-chip deserializing re-

ceiver for high-speed operation of the digital control bits to achieve high data-rates. The proposed

transmitter architecture thereby facilitates scaling-friendly DSP-intensive communication.
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Chapter 5 concludes the dissertation with an overview of the intellectual contributions. Plans

regarding experimental verification of the proposed transmitter prototype are discussed along with

the details of demonstrating a 60GHz 4×4 MIMO link using the transmitter prototype. The chapter

also proposes a long term research vision of leveraging the prototype to realize massively scalable

mmWave MIMO arrays with unprecedented data-rates for future wireless networks.
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Chapter 2

Stacked Switch-mode Millimeter-wave

CMOS PAs

Series stacking of multiple devices is a promising technique that can help overcome some of the

fundamental limitations of CMOS technology in order to improve the output power and efficiency

of CMOS power amplifiers (PAs), particularly at millimeter-wave (mmWave) frequencies. The

concept of device stacking has been explored at RF frequencies in the context of quasi-linear PAs

(Class-A, Class-AB) in both III-V compound semiconductor technologies as well as CMOS [9–13].

This chapter investigates the concept of device stacking in the context of the Class-E family of

non-linear switching PAs at mmWave frequencies to realize watt-class output power on-chip with

high efficiency.

Sections 2.1 and 2.2 describe the challenges associated with power generation and large-scale

power-combining at mmWave. The concept of series device stacking in PAs is discussed in Section

2.3 along with an overview of prior works on linear/quasi-linear stacked PAs. The challenges

associated with implementing switching PAs at mmWave frequencies is discussed in Section 2.4 and

a loss-aware Class-E design methodology suitable for mmWave operation is presented. Fundamental

limits on achievable performance of stacked mmWave Class-E-like PAs are derived and design

guidelines are provided for a practical implementation in Section 2.5. The theoretical results are

further explained by means of an analysis that identifies technology-dependent metrics governing the

performance of stacked Class-E-like CMOS PAs. Specifically, the analysis introduces a technology
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constant, referred to as the Switch Time Constant, which is an important technology metric for

switching PAs in addition to fmax. A comparison with conventional techniques of impedance

transformation and power-combining is also included to demonstrate the benefits of series stacking.

Section 2.5.6 describes the layout and modeling of stacked power devices. Sections 2.5.7 and 2.5.8

respectively discuss the implementation details and measurement results of CMOS prototypes at

45GHz that achieve saturated output power levels of 17-20 dBm at power-added efficiencies as high

as 35%, a record for CMOS mmWave PAs.

Section 2.6 discusses the challenges associated with realizing appropriate voltage swings at in-

termediary nodes in a stacked Class-E PA for true Class-E behavior of the stack. A novel topology,

referred to as the Multi-output Stacked Class-E PA, is described which addresses this issue by

utilizing an explicit “Class-E load network” at each intermediary node. A unique feature of this

scheme is that output power is available at all the intermediary nodes. Section 2.7.3 proposes a

means of “internally” power-combining all the output nodes. The potential instability resulting

from the internal power-combining is discussed in Section 2.7.4 along with guidelines to mitigate

the issue. Sections 2.7.5 and 2.7.6 respectively discuss the implementation details and measure-

ment results of two Q-band prototypes fabricated in IBM’s 45nm Silicon-on-Insulator (SOI) CMOS

technology that achieve saturated output power levels of 17-19 dBm at power-added efficiencies of

16-25%. The performance is inferior to the stacked 45GHz PAs in Section 2.5.8 owing to the use

of the body-contacted devices in the technology which exhibit lower speed.

Finally, Section 2.8 describes the first mmWave PA in CMOS with watt-level output power

which is realized by combining the efficient, stacked Class-E-like unit cell PAs described in Section

2.5 with a novel lumped-element power-combiner enabling one-step, large-scale, low-loss power-

combining at mmWave [14]. Eight-way combining of stacked 45nm SOI CMOS PAs results in

a PA array with watt-class (>27 dBm) saturated output power (3× higher than prior art) and

ultra-wideband operation (33-46 GHz).

2.1 Millimeter-wave CMOS Power Generation Challenges

CMOS scaling (Fig. 2.1(a)) has facilitated high-frequency operation of devices, which enables the

implementation of circuits and systems targeting mmWave applications. However, scaling comes
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Figure 2.1: (a) fmax of deep-submicron CMOS technology nodes from the literature. (b) Supply

voltage of deep-submicron CMOS technology nodes. Survey of the (c) saturated output power and

(d) PAE achieved by RF and millimeter-wave CMOS PAs prior to the work described in this thesis.

at the cost of a reduction in the breakdown voltage (Fig. 2.1(b)). Furthermore, the lossy silicon

substrate in CMOS results in an increase in the loss in active and passive components at high

frequencies. Coupled with the low available gain of devices, these factors constitute the bottleneck

in designing high performance mmWave, particularly high efficiency PAs with high output power.
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(a) (b) (c)

Figure 2.2: Conventional power combining techniques: (a) transformer-based series combining, (b)

Wilkinson combining and (c) zero-degree combining.

The low breakdown voltage limits the output swing, and consequently the output power that

can be delivered to a 50 Ω load. The load may be transformed to a lower impedance to enable

higher output power, but the poor quality of on-chip passive components limits the efficiency of

the transformation. The low available gain results in large input power requirements for mmWave

PAs, limiting power-added efficiency (PAE= Pout−Pin
PDC

).

2.2 Large-Scale Millimeter-wave Power Combining Challenges

A possible solution to realize high output power on-chip is to power combine the outputs of several

PAs. However, large-scale, low-loss power combining on silicon is fraught with several challenges

[14]. Transformer-based series power combining [15] (Fig. 2.2(a)) is limited by the asymmetry that

results from parasitic winding and inter-winding capacitances, causing non-constructive addition

of individual PA voltages and stability challenges [16]. With Wilkinson power combiners, the

transmission-line characteristic impedance Z0 required for combining n PAs is Z0 = 50
√
n Ω.

Thus, the maximum number of PA units that can be combined in a single Wilkinson is restricted

to two to four by the highest Z0 that can be achieved in the back end of the line (BEOL). Cascading

2:1 Wilkinsons (Fig. 2.2(b)) results in a severe increase in combiner loss. The zero-degree combiner
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[17], [18], [19] shown in Fig. 2.2(c) is essentially a current combining approach where the connecting

lines are designed to perform the necessary impedance transformation. This has the advantage of

not being restricted to the use of quarter-wavelength transmission lines of a fixed characteristic

impedance. However, it is a multi-step structure and its efficiency is a function of the impedance

transformation performed by each stage in the cascade.

These design trade-offs can be clearly appreciated from a survey of RF and mmWave PAs

reported in literature (Fig. 2.1) prior to the work described in this thesis. Fig. 2.1(a) depicts

the scaling of fmax of CMOS technology nodes based on prior reports [20]– [23], while Fig. 2.1(b)

depicts the scaling of supply voltage VDD. Experimentally, it would seem that as technology

scales, fmaxV
2
DD remains approximately constant and equal to 250 GHz-V2, although explicitly

deriving such a scaling law for constant-field scaling remains challenging due to the complex and

layout-dependent nature of loss mechanisms within nanoscale CMOS devices. This observation is,

however, consistent with the known fundamental trade-off (referred to as the Johnson limit [24])

between speed of operation and the breakdown voltage of a technology. If one assumes that a

PA designer chooses a technology with an fmax that is three times the operating frequency f to

ensure approximately 10 dB gain, that the PA is designed to directly drive a 50 Ω load with no

impedance transformation to maintain efficiency, and that the output node sustains a peak-to-peak

swing that is twice the VDD (i.e. no harmonic shaping), the output power of such a PA would be

250 GHz−V 2

3f × 1
2×50 Ω = 830 mW∗GHz

f . This scaling law indicates that achieving watt-class output

power at frequencies around 1 GHz is feasible, but typical output powers at, say, 60 GHz, would be

in the range of 10-15 mW if impedance transformation or power combining are not exploited. Fig.

2.1(c) largely bears out this trend, with some efforts achieving higher output powers through either

impedance transformation, power combining or a combination of the two. Fig. 2.1(d) indicates

that efficiency also degrades significantly as frequency increases, although an explicit scaling trend

for efficiency is more complicated because of the complex nature of loss mechanisms in active and

passive devices. Prior state-of-the-art PAEs at mmWave frequencies were thus generally below

20%, except for a few outliers.
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Figure 2.3: (a) Concept of series stacking in CMOS PAs with voltage swings annotated and (b)

prior art on stacked PAs at low RF frequencies.

2.3 Device Stacking in CMOS and SOI CMOS Power Amplifiers

Series stacking of multiple devices (e.g. Fig. 2.3(a)) is a potential technique that breaks these

trade-offs associated with CMOS PA design. Stacking of multiple devices increases the voltage

swing at the load, as the increased voltage stress can be shared by the various devices in the stack.

Thus, for a stack of n devices, the output voltage swing can be n times higher than that of a single

device (provided that design techniques are incorporated to ensure that each individual device sees

Vgs, Vgd and Vds swings that lie within permissible breakdown limits). Stacking, however, does not

alleviate the drain-bulk and source-bulk stress of the individual stacked devices. In particular, the

top-most device of the stack sees a drain-bulk swing that is equal to the n-times increased output
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swing of the stacked PA. Consequently, in bulk CMOS, the junction breakdown voltage limits the

maximum number of devices that can be stacked to 3 or 4 devices. However, in SOI CMOS, the

presence of an isolated floating body for each device eliminates this limitation. The number of

devices that can be stacked in SOI CMOS is only limited by the breakdown of the buried oxide

(BOX) below each device. This voltage is, however, higher than 10 V in IBM’s 45 nm SOI CMOS

process [25], enabling five or more devices to be stacked (assuming 2 V peak RF voltage swing per

device for long-term reliability [26]).

Prior works on stacked PAs at RF frequencies ((Fig. 2.3(b))) have explored the cases where

input power is provided only to the bottom-most device in the stacked configuration [27], [28]

as well as to all the devices in the stack through transformer coupling [29]. These works have

demonstrated the characteristics of stacking in a variety of technologies such as GaAs MESFET

[27], [29] and SOI [28]. More recently, stacking for mmWave PAs has been investigated in nanoscale

SOI CMOS [5,25,30,31]. However, while stacking has been predominantly explored in the context

of linear/quasi-linear PAs, the contribution of this thesis is investigation of nonlinear switching-type

stacked PAs at mmWave frequencies [1, 3, 14,32,33].

2.4 Loss-aware Design Methodology for Class-E Switching PAs

Switching power amplifiers are extensively utilized at RF frequencies owing to their (ideally) lossless

operation. The Class-E PA [34] has been of particular interest because of its relatively simple

output network. The design of switching PAs in CMOS at mmWave frequencies [25], [5], [32], [35]

is challenging due to the lack of ideal square-wave drives (resulting in soft switching), impracticality

of harmonic shaping of voltages and currents, low PAE due to the high input drive levels required to

switch the devices and high loss levels in the device/switch. Thus, at mmWave frequencies, one can

practically implement a “switch-like” PA at best. In this chapter, we explore stacked “Class-E-like”

PAs in SOI CMOS and low-power bulk CMOS technologies.

In order to determine if device stacking overcomes the speed-breakdown voltage trade-off of

CMOS technology scaling (quantified earlier using the fmaxV
2
DD product), it is important to deter-

mine if stacked Class-E-like PAs are able to increase output power without substantial degradation

in efficiency (the PA metric that is significantly impacted by transistor speed). To this end, a loss-
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aware Class-E design methodology has been developed [1] that revisits the Class-E design principles

in the presence of the increased losses that are seen at millimeter-wave frequencies in stacked PAs

in particular. The presence of a finite DC-feed inductance, switch ON-resistance (RON ) or passive

loss contribute significant complexity to the mathematical analysis of the Class-E PA. However,

integrated solutions using real electron devices necessitate that these non-idealities be taken into

account so as to avoid sub-optimal designs. The different sources of loss can be accounted for in 2

ways: 1) perturbation analysis, which assumes that losses are small enough so that currents and

voltages remain unchanged, or 2) comprehensive circuit analysis with all parameters derived in

presence of loss. The availability of thick upper metal layers in modern fabrication technology can

be exploited to implement high quality on-chip inductors (Q>15 in [36]). Consequently, pertur-

bation analysis can be used to estimate passive loss. However, at RF and mmWave frequencies a

comprehensive analysis for ON-resistance is essential. In [37], the authors incorporate the finite

DC-feed inductance into the analysis, but compute all sources of loss perturbatively. Other works
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Figure 2.4: Class-E PA with finite DC-feed inductance and non-zero switch on-resistance

have performed a comprehensive analysis with switch ON-resistance and finite DC-feed induc-

tance [38, 39], but impose one or both of the “Class-E switching conditions”, namely Zero Voltage

at Switching (ZVS) and Zero Drivative of Voltage at Switching (ZDVS). It must be emphasized that

these conditions are essential for high-efficiency operation only when losses are small. In presence
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of appreciable RON , it might be beneficial to sustain some ZVS loss in order to reduce conduction

loss. In this work, we analyze the Class-E PA in the presence of a finite DC-feed inductance and

finite RON without the constraints of either ZVS or ZDVS.

In addition, we present the first attempt to incorporate input power into the optimization

procedure. Traditional design approaches [37, 39] have aimed to optimize for drain efficiency (η =

Pout
PDC

). However, as mentioned before, a more relevant metric for efficiency of switching PAs at high

frequencies is the PAE. DC-feed inductance loss has been included in a perturbative fashion. The

improved design equations thus provide preliminary design points suitable for further optimization,

thereby minimizing tedious load-pull simulations.

2.4.1 Circuit Model and Assumptions

The circuit diagram of the Class-E CMOS PA is shown in Fig. 2.4. In the absence of RON and

passive loss, the switch voltage and switch current resemble those depicted in the inset in Fig. 2.4

when Class-E switching conditions are satisfied. For the ensuing derivations, we make the following

assumptions:

1. The active device (MOSFET in this case) can be represented by a switch with finite series

ON-resistance Ron in parallel with a linear capacitor Cout.

2. RON � 1
ω0Cout

.

3. The loaded quality factor (QL) of the series resonant filter in the output network is large.

4. Duty-cycle of the switch is 50%, though the analysis can be extended to any arbitrary duty-

cycle.

5. Filter loss is negligibly small, since filter inductance can be realized using bondwire induc-

tance.

2.4.2 Circuit Analysis

Let us assume that the switch is open (“OFF”) for 0 ≤ t < T
2 and closed (“ON”) for T

2 ≤ t < T ,

where T = 2π
ω0

is the switching period. We use the subscripts “ON” and “OFF” for voltages
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and currents to indicate the respective half-cycles. Using assumption 3, the load current can be

represented as

iload = i0cos(ω0t+ φ) . (2.1)

During the “ON” half-cycle T
2 ≤ t < T , we have the following relations:

VDD − VS,ON = L
diL,ON
dt

(2.2)

and VS,ON = (iL,ON − i0cos(ω0t+ φ))RON . (2.3)

The current through Cout is neglected in view of assumption 2. Using Eqn. (2.3), we can rewrite

Eqn. (2.2) as

dVS,ON
dt

+

(
RON
L

)
VS,ON − i0ω0RON sin(ω0t+ φ)

−
(
VDDRON

L

)
= 0 . (2.4)

The solution to this linear differential equation is of the form

VS,ON (t) = VDD + a1e
βt + a2cos(ω0t+ φ)

+ a3sin(ω0t+ φ) , (2.5)

where

a1 = VS,ON (
T

2
)− VDD −

RON i0e
−βT

2 + β
ω0
RON i0e

−βT
2 sin(φ)(

1 + β2

ω2
0

)
a2 =

−RON i0
1 + β2

ω2
0

, a3 =
−RON i0β

ω0

(
1 + β2

ω2
0

) , β =
−RON
L

, (2.6)

and VS,ON (T2 ) is a constant to be evaluated.

For the “OFF” half-cycle 0 ≤ t < T
2 , when the switch is open,we can write equations identical

to (2.2) and (2.3) and arrive at

d2VS,OFF
dt2

+
VS,OFF
LCout

− i0ω0

Cout
sin(ω0t+ φ)− VDD

LCout
= 0 . (2.7)
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The solution to this second order linear differential equation is given by

VS,OFF (t) =VDD [1− cos(ωst] + VS,OFF (0)cos(ωst)

+
V
′
S,OFF (0)

ωs
sin(ωst)

+
i0ω0sin(φ)

Cout
(
ω2
s − ω2

0

) [cos(ω0t)− cos(ωst)]

+
i0ω

2
0cos(φ)

Cout
(
ω2
s − ω2

0

) [sin(ω0t)

ω0
− sin(ωst)

ωs

]
, (2.8)

where ωs = 1√
LCout

= n0ω0, while VS,OFF (0) and V
′
S,OFF (0) are constants to be evaluated. The val-

ues for VS,ON (T2 ), VS,OFF (0) and V
′
S,OFF (0) can be arrived at by imposing the following continuity

conditions:

iL,OFF (0+) = iL,ON (T−), VS,OFF
(
0+
)

= VS,ON
(
T−
)

(2.9)

iL,OFF (
T

2

+

) = iL,ON (
T

2

−
) . (2.10)

The load impedance Zload is computed as the ratio of the fundamental component of the switch

voltage to that of the load current. Since no constraints have been imposed on either the switch

voltage or its derivative at switch turn-on, we need to account for possible capacitive discharge loss.

Under the assumption RON � 1
ω0Cout

, this loss can be estimated as

Ploss,cap = 0.5f0Cout

[
V 2
S,OFF

(
T

2

−)
− V 2

S,ON

(
T

2

+)]
. (2.11)

The loss in the switch is given by

Ploss,switch = RON ∗
1

T

∫ T

T
2

(
VS,ON
RON

)2

dt . (2.12)

In order to incorporate input power into the formulation, the input power (Pin) is approximated as

Pin = kf0CinV
2
on , (2.13)

where Cin = Cgs+Cgd in the triode region, Von is the input drive level in the “ON” half-cycle and k is

a fitting parameter determined from schematic simulations [40]. Finite reverse isolation (i.e. Cgd 6=

0) causes the value of parameter k to vary with the parameter n0 (since output network component

values change), but for preliminary analysis, this dependence is ignored. Finally, if Rchoke = ω0L
Qchoke
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is the series resistance in the DC-feed inductance, its loss can be calculated using perturbation

analysis as

Ploss,choke = Rchoke ∗
1

T

(∫ T
2

0
i2L,OFFdt+

∫ T

T
2

i2L,ONdt

)
(2.14)

The foregoing lead to a complete expression for PAE:

PAE = 1− Ploss
PDC

− Pin
PDC

(2.15)

where Ploss = Ploss,switch + Ploss,choke + Ploss,cap (2.16)

and PDC = VDD × IDC (2.17)

= VDD ×
1

T

(∫ T
2

0
iLs,OFFdt+

∫ T

T
2

iLs,ONdt

)
(2.18)

2.4.3 Optimization Procedure and Comparison to Prior Works

The circuit may now be optimized for PAE by choosing the appropriate load impedance. This is

achieved by means of a MATLAB code which sweeps the magnitude i0 and phase φ of the load

current to arrive at a design point with optimal PAE for a given device size, input drive level Von

and the parameter n0. A global optimization is performed subsequently by varying Von and n0 to

select the design point with highest PAE for a fixed device size. If the load impedance is different

from 50Ω, then a matching network needs to be designed to perform impedance transformation. In

prior works, the loss associated with this matching network has not been considered. In this work,

subsequent to PAE optimization, the device size (and all other circuit components) are scaled so

that Rload = 50Ω to determine the power that can be delivered to a 50Ω load and to eliminate the

loss in a matching network.

While this chapter and this thesis in general focuses on millimeter-wave PAs and transmitters,

in order to validate the developed theory, we use the 0.7µm channel-length thick-oxide devices in

IBM’s 0.18µm CMOS technology. The maximum instantaneous voltage swing in a cycle across any

two device terminals is typically limited to twice the recommended VDD for long-term reliability

in PAs [26]. The recommended VDD for these devices is 5V, making them suitable for moderate

and high-power applications. RON (Ω) = 5200/(W × (Von − Vth)), where W is the device width
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(a) (b)

(c) (d)

Figure 2.5: Contour plots for (a) output power, (b) drain efficiency and (c) PAE as functions of Von

and n0 for Class-E PAs based on the loss-aware design methodology using 0.7µm channel-length

thick-oxide devices in IBM’s 0.18µm CMOS technology. (d) Comparison of drain voltage waveforms

for a PAE-optimal 5GHz device-based design vs. theoretical and switch-based simulations.
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in microns and Vth=0.5V, Cout/W=0.9fF/µm and Cin/W=2fF/µm. Optimal PAE designs for

5GHz Class E PAs are determined from the MATLAB code as functions of Von and n0. Transient

simulations are also performed in Cadence using a switch-based model with appropriate RON and

Cout for the various points in Fig. 2.5(a),(b) and (c). These simulations show excellent agreement

with theoretical results due to the comprehensive analysis. From the contour plots, it is evident

that for a fixed n0, there exists an optimum value for Von which maximizes PAE, since an increase

in Von is accompanied by an increase in input power. For a fixed Von, PAE reaches a maximum

for a certain optimum value of n0. This is in contrast to the analysis of [37], where η increases

uniformly with n0 when only device loss is present. This is a consequence of incorporating passive

loss as well as optimization of PAE, since output power reduces significantly for high values of n0.

Table 2.1: Comparison of the generalized loss-aware Class-E analysis with prior techniques for

5GHz Class E PAs

Technique This work

Ron ignored
Ron+ZVS

Ron+ZVS

+ZVS+ZDVS +ZDVS

[37] [39] [41]

n 1.4 1.6 1.4 1.4

Cout(fF) 631 373 560 437

VDD(V) 3.34 3.09 3.1 3.09

Pdc(mW) 217 157 231 218

Pout(mW) 179 125 177 161

Pin(mW) 15 9 14 11

η(%) 83 79 77 74

PAE(%) 75 74 71 69

Table 2.1 compares the theoretical PAE-optimal design point from the presented methodology

with those resulting from prior art, all designs being scaled to drive a load with Rload = 50Ω.

Evidently, our approach results in the highest efficiency numbers, and while the work in [37] results

in a PAE that is similar, the output power is much higher in our approach. The design procedure is

used to find a PAE-optimal design point at 5GHz for the 0.7µm thick-oxide device. Passive losses

are included in the design procedure with a Qchoke of 15. The output series filter inductance is
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assumed to be obtained through the output bondwire. Integrated capacitors at 5GHz typically

have negligible loss levels. This PAE-optimal design point is used as the starting point for a

realistic design that utilizes PDK device models and is simulated in Spectre RF. Practical design

issues, such as non-ideal switching characteristics and finite reverse isolation of the device, require

minor modifications to the circuit parameters. A comparison between the drain waveforms of the

theoretical PAE-optimal design point, simulations based on an ideal switch-based model and the

PDK-model-based design is summarized in Fig. 2.5(d). A very close agreement is seen, proving

the usefulness of the methodology as a starting point for realistic yet optimal designs.

2.5 Millimeter-wave Stacked CMOS Class-E-like PAs
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Figure 2.6: (a) Stacked CMOS Class-E-like PA concept with voltage swings annotated in volts and

(b) simplification of the stacked topology for analysis using loss-aware Class-E design methodology.

2.5.1 Concepts

Fig. 2.6(a) depicts the concept of a mmWave stacked CMOS Class-E-like PA. The stacked config-

uration consists of multiple series devices, which might be of equal or different size. In order to

preserve input power and improve PAE at mmWave, only the bottom device is driven by the input

signal. The devices higher up in the stack turn on and off due to the swing of the intermediary



CHAPTER 2. STACKED SWITCH-MODE MILLIMETER-WAVE CMOS PAS 20

nodes. The topmost drain is loaded with an output network that is designed based on Class-E

principles (referred to as a “Class-E load network” 1), and consequently sustains a Class-E-like

voltage waveform. The intermediary drain nodes must also sustain Class-E-like voltage swings

with appropriately scaled amplitudes so that the voltage stress is shared equally among all devices.

In the 45 nm SOI and 65 nm CMOS technologies employed, the nominal VDD of the high-speed

thin-oxide devices is ≈1 V and for long-term reliability, the maximum swing across any two tran-

sistor junctions under large signal operation is limited to 2×VDD=2 V [26]. Consequently, for a

PA with n stacked devices, the peak output swing is 2n V as marked on Fig. 2.6(a), and the

appropriate intermediary node swings are also noted. Appropriate voltage swing may be induced

at the intermediary nodes through techniques such as inductive tuning [26], capacitive charging

acceleration [42] and placement of Class-E load networks at intermediary nodes [32] as detailed

later in this chapter. For simplicity, the circuitry used to induce appropriate voltage swing at the

intermediary nodes is not shown in Fig. 2.6(a). In order to conform to the peak ac swing limit

across the gate-source junction in the on half-cycle and the gate-drain junction in the off half-cycle,

the gates of the devices in the stack must swing as shown in Fig. 2.6(a). The swing at each gate

is induced through capacitive coupling from the corresponding source and drain node via Cgs and

Cgd respectively and is controlled through the gate capacitor Cn. The dc biases of all gates are

applied through large resistors.

From Fig. 2.6(a), it can be seen that for a 2-stacked switching PA, the gate of the top device is

connected to ground via a large capacitor and experiences no signal swing. However, this does not

reduce a 2-stacked switching PA to a regular cascode configuration because of the following reasons.

The main objective of stacking is to allow operation off a higher supply voltage by distributing the

overall voltage stress equally amongst the transistors. This is accomplished by engineering the drain

and gate nodes voltage profiles (as depicted in Fig. 2.6(a)) to ensure that all devices have the same

Vgs, Vgd and Vds swings, which results in a linear increase in the supply voltage with the number

of devices stacked. In stacked switching PAs, the nature of the voltage swings requires a constant

gate bias only for the second device. Conventional cascode PAs can operate off a higher supply

voltage as well but a linear scaling in supply voltage cannot be achieved. This is because the gate

1A “Class-E load network” consists of a DC-feed inductor to the power supply in parallel with a series resonant

filter connected to the appropriate Class-E load impedance.
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of the top device is usually connected to the supply voltage to maximize small-signal power gain.

The ensuing unequal voltage stress across the devices compromises long-term reliability and can

even enforce operation off a single-device supply voltage [43], [44], [45]. The simulated drain-source

and gate-source waveforms for the 2-stacked and 4-stacked Class-E-like PAs (Fig. 2.15 (a) and (b)

respectively, presented in Section 2.5.7) demonstrate that voltage swings are indeed equal for the

prototypes implemented in this work and serve to distinguish a 2-stacked switch-like PA from a

conventional cascode PA. This claim is further validated by comparing the measured performance

of the 2-stacked PA implemented in this work with a prior mmWave cascode PA [45] in Section

2.5.8.2.

2.5.2 Theoretical Analysis and Fundamental Limits

To facilitate a theoretical analysis, the improved loss-aware Class-E design methodology described

Section 2.4 and in [1] is employed. The devices (taken to be equal in size) in a stacked switching

PA are assumed to behave as a single switch with linearly increased breakdown voltage and ON-

resistance (Fig. 2.6(b)). As far as theoretical results are concerned, only the total ON-resistance

of the stacked configuration and output capacitance of the top device are pertinent. The output

capacitance of a stacked configuration should ideally scale down linearly with number of devices

stacked. However, wiring parasitics are significant at mmWave frequencies and there will be para-

sitic capacitance to ground from the intermediate drain/source and gate nodes which will prevent

linear scaling of output capacitance with stacking. As a worst-case estimate, the overall output

capacitance is taken to be the same as that of a single-device (=Cgd + Cds, where Cds = Cdb×Csb
Cdb+Csb

since the high body resistance in SOI technology causes Cdb and Csb to appear in series). It is

indeed this mechanism that prevents efficiency from remaining constant as we stack more devices,

as will be shown later in this chapter (graphically in Fig. 2.7(a) and theoretically in Eqn. 2.27).

The devices can be of different sizes and there could potentially be some benefit in tapering device

sizes as well [5], [4], since the gate capacitors conduct a portion of the device current. Thus, progres-

sive device size reduction up the stack would reduce parasitic capacitances and prevent capacitive

discharge loss at intermediate nodes. However, device size tapering has not been pursued in this

work.

The time-domain equations and corresponding design procedure for a stacked Class-E PA can



CHAPTER 2. STACKED SWITCH-MODE MILLIMETER-WAVE CMOS PAS 22

Table 2.2: Normalized device parameters used in loss-aware Class-E analysis

RON = Cout RON ×Cout Cin

Tech. RON ×W
$

= Cgd + Cds (Switch Time = Cgs + Cgd Pin = Pin
W

=
Cgd

W + Cds
W

#
Constant) =

Cgs

W +
Cgd

W

+

45 nm SOI 275 Ω− µm 0.769 fF/µm 211.5 Ω–fF 0.31 fF/µm 4.191×f0 × Cin × (Vhigh − Vlow)2

CMOS (Vgs=1V)

65 nm low-power 820 Ω− µm 0.48 fF/µm 393.6 Ω–fF 0.28 fF/µm 4.341×f0 × Cin × (Vhigh − Vlow)2

bulk CMOS (Vgs=1V)

Note: Ron, Cgs, Cgd, Cds = Cdb×Csb
Cdb+Csb

, Pin correspond to ON-resistance, gate-source, gate-drain and drain-source capac-

itances and input power (to switch a device between the triode and cut-off regions) respectively for a device of width

W (including layout parasitics). f0 is the operating frequency. Vhigh and Vlow refer respectively to the high and low

amplitude levels of a 45 GHz square-wave input signal.
$

Estimated in triode region of operation.
#

Estimated in cut-off region of operation.
+

Estimated as average of capacitance values in cut-off and triode regions of operation.

be obtained from those derived in Section 2.4 by simply replacing RON and VDD with n × RON

and n × VDD respectively. The reader is directed to [3] for the resulting (detailed) equations.

For various levels of stacking (n), the design methodology is used to analytically vary device-size

and dc-feed inductance to find the design point(s) with optimal PAE under the constraint of a

50 Ω load impedance to avoid impedance transformation losses. Device ON-resistance, output

capacitance and input-drive-power as functions of device size are determined from post-layout

device simulations and are validated through device measurements (discussed in Section 2.5.6).

The values for these parameters are shown in Table 2.2, where f0 is the operating frequency,

RON = RON ×W , Cout = Cout
W , Cin = Cin

W ,and Pin = Pin
W are technology parameters normalized to

the device width (RON , Cout, Cin and Pin being respectively the ON-resistance, output capacitance,

input capacitance and input power corresponding to a device of width W ). At mmWave frequencies,

the constants of proportionality in the input power functions take into account the power lost in

the gate resistance, and are consequently frequency dependent. The values of those constants

reported in Table 2.2 are based on 45 GHz simulations. In order to incorporate the loss of the

dc-feed inductance, a quality factor of 15 is assumed at 45 GHz based on measurements [35]. As

an example, for a stack of four devices (n=4), we start with an initial device size of 100 µm and



CHAPTER 2. STACKED SWITCH-MODE MILLIMETER-WAVE CMOS PAS 23

(a)

0

10

20

30

40

50

60

0

50

100

150

200

250

1 2 3 4 5 6

P
A

E
(%

)

O
u

tp
u

t 
P

o
w

e
r 

(m
W

)

Number of devices stacked (n)

Theory
Post-layout Sims
Switch sims 0

0.1

0.2

0.3

0.4

0.5

50

100

150

200

250

1 2 3 4 5 6

C
u

rr
e
n

t 
S

tr
e
s
s
 (

m
A

/µ
m

)

D
e
v
ic

e
 S

iz
e
 (

µ
m

)

Number of devices stacked (n)

Device Size
Current Stress

(b)

Figure 2.7: (a) Theoretical and simulated (post-layout) output power and PAE and (b) device size

and theoretical device stress for the optimal design as a function of number of devices stacked based

on the loss-aware Class-E design methodology at 45 GHz in 45 nm SOI CMOS. Loss in dc-feed

inductance is included for theoretical results. Output power and PAE for a switch+capacitor based

model for the 4-stacked configuration are also annotated.

set the tuning parameter ωs = 0.8 × ω0. The design methodology then determines the optimal

load impedance for highest PAE and the corresponding output power. The load impedance is then

scaled (along with device size, input and output powers) to have a real part of 50 Ω. The procedure

is repeated by changing the tuning parameter ωs. Finally, amongst all these design points for a

stack of four devices driving a 50 Ω load, the one with the highest PAE is chosen. This yields a

device size of 204 µm for the 4-stacked PA, with theoretical output power and PAE of 145 mW

and 48% respectively (as shown in Fig. 2.7). The procedure can similarly be used to determine the

corresponding metrics for other levels of stacking.

Fig. 2.7(a) depicts the optimal output power and PAE for different levels of stacking in 45 nm

SOI CMOS at 45 GHz. The optimal size of each stacked device and the associated device stress

(defined as the ratio of the average current drawn from the power supply to the device width)

are shown in Fig. 2.7(b). It is clear that due to the increasing achievable output voltage swing,

stacking in Class-E-like CMOS PAs enables dramatic increases in output power (near-quadratic

due to linear increase in output swing). The PAE reduces with increased stacking due to increasing

total switch loss. However the methodology ensures that the PAE degradation is gradual. In order
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to do this, the design methodology requires the size of each stacked device to increase with n to

reduce the individual (and hence overall) ON-resistance. Consequently, careful device layout is

required for high levels of stacking as it is challenging to layout large devices while maintaining a

high fmax. Another important consideration for device stacking is the current stress for the stacked

devices, which increases with the level of stacking. Current stress (or large signal current-density)

is the ratio of the average current drawn from the supply under large signal operation (IDC) to the

device width. Note that IDC is different from the bias current Ibias drawn with no input power (i.e.

under small signal operation), the latter being used to determine the current density for operating

at highest fmax in linear PAs. The current drawn under large signal operation is typically 1.5-2

times higher than the small signal bias current in our implementations. This implies that in a

practical implementation, the metallization of the source and drain fingers of the MOS devices

must be augmented with additional metal layers, if required, so that they can support the required

currents while satisfying electromigration rules for the technology. While Fig. 2.7(a) shows an

increasing trend for output power till 5 devices, at much higher levels of stacking, the assumption

in the theoretical analysis that the switch ON resistance is much smaller than the impedance of

its output capacitance [1] would be violated. Furthermore, there would be diminishing returns in

output power owing to increased losses with stacking. In practice, the maximum practical device

size, the maximum current stress that can be tolerated as per electromigration requirements and

drain-bulk/buried-oxide breakdown mechanisms would determine the maximum number of devices

that can be stacked. The post-layout simulated results for output power and PAE for the 2-

stacked and the 4-stacked Class-E-like PA prototypes implemented in this work (and described in

Section 2.5.7) have been annotated on Fig. 2.7(a) as well and show excellent agreement with the

theoretical output power. The post-layout simulated efficiency is lower by ≈20% owing to various

implementation losses and soft-switching at mmWave as well as power-loss at intermediate nodes

which are not accounted for in theory. However, the theoretical and simulated trends in PAE are in

agreement. Later in this chapter, a switch+capacitor based model for the device is constructed for

simulation-based investigation of power loss at intermediate nodes for a 4-stacked configuration.

The resulting output power and PAE (Fig. 2.7(a)) show excellent agreement with post-layout

device-based simulations and re-affirm the utility of a simplified theoretical analysis.
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2.5.3 Interpretation using Waveform Figures of Merit

An analysis using the unique properties of switching PAs facilitates a better understanding of the

underlying phenomena associated with device stacking and an interpretation of the results of the

loss-aware Class-E design methodology. An excellent description of the characteristics of switching

PAs can be found in [40]. We have

PAE = 1− Ploss
PDC

− Pin
PDC

(2.19)

where Pin and PDC are input power to the PA and the dc power consumption respectively. The

loss in the PA (Ploss) is given by

Ploss = Ploss,switch + Ploss,cap (2.20)

= I2
RMS,n × n×RON,n + Ploss,cap (2.21)

= I2
RMS,n × n×

RON,n
Wn

+ Ploss,cap (2.22)

where n is the number of devices stacked in series, RON,n is the ON-resistance of each device in the

n-stacked PA, Wn is the width of each device/switch and IRMS,n is the RMS value of the current

flowing through the stack of n switching devices (excluding the output capacitance). Ploss,cap

is the switching loss associated with the output capacitance of the PA and is dependent on the

topmost drain voltage value at the switching instant. In general, at mmWave frequencies, the

capacitive discharge loss is negligible compared to the conduction loss in the switching device(s).

This is evident from Table 2.3, where the conduction loss in the switch and the capacitive discharge

Table 2.3: Conduction loss and capacitive discharge loss for the optimal designs at different levels

of stacking described in Fig. 2.7. Values for the waveform figures of merit F 2
I and FC for loss-aware

and ZVS based designs are also tabulated.
Devices Device ON Output Device Conduction Output Cap. F 2

I FC F 2
I FC

Stacked size Resist. Cap.(Cout,n) Loss (mW) Switching Loss (mW) (loss-aware) (loss-aware) (ZVS) (ZVS)

(n) (µm) (Ω) (fF) (Ploss,switch) (Ploss,cap)

1 60 4.58 35.46 1.5 0 2.06 2.06 2.36 3.61

2 114 2.41 67.37 10.6 1.3 2.56 0.94 2.17 3.02

3 168 1.64 99.29 32.8 5.7 2.73 0.74 2.1 2.61

4 204 1.35 120.56 80.2 17.8 2.62 0.68 2.07 2.29

5 228 1.21 134.75 176.3 45.4 2.54 0.63 2.05 2.04
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loss have been tabulated for the optimal designs at different levels of stacking described in Fig.

2.7. Indeed, this reinforces our earlier assertion that the conventional ZVS/ZdVS-based Class-

E design methodology is not applicable at mmWave frequencies. Therefore, for the purpose of

simplifying our analysis, we shall ignore the contribution of the term Ploss,cap to the overall loss. In

a switching PA, the average current drawn from the supply is always proportional to IRMS,n. The

proportionality constant depends on the tuning of the load network [40]. Tuning of a Class-E load

network is determined by the the dc-feed inductance (Ls) and the load impedance (Zload) in relation

to the device output capacitance. Since we are in a regime where conduction loss is significant, the

proportionality constant will also depend on the value of the total switch ON-resistance (n×RON,n)

relative to the output capacitance Cout,n. Since RON,n×Cout,n is a technology constant, specifying

n, Cout,n, Ls and Zload completely characterizes the tuning of the stacked Class-E PA. It is also

therefore clear that the optimal tuning is likely to vary for different levels of stacking due to the

increasing total switch loss. Ignoring capacitive discharge loss, Eqn. (2.22) becomes

Ploss ≈ I2
RMS,n × n×

RON,n
Wn

=
I2
RMS,n

I2
DC,n

× I2
DC,n × n×

RON,n
Wn

= F 2
I,n × I2

DC,n × n×
RON,n
Wn

(2.23)

where FI,n = IRMS
IDC

is a waveform figure of merit defined in [40] and IDC,n is the average supply

current with n devices stacked.

For a stack of n devices, the supply voltage scales linearly with n. On the other hand, in a

switching PA, average supply current is proportional to the product of output capacitance, supply

voltage and the operating frequency (ω0), the constant of proportionality being dependent on the

tuning of the circuit. The linear dependence on output capacitance is simply an artifact of circuit

scaling properties, while the linear scaling with supply voltage arises from the fact that switching

PAs are linear with respect to excitations at the drain node (e.g. supply voltage) [40]. Denoting

the impedance of the device output capacitance at the fundamental frequency by

ZC =
1

ω0 ×
(
Cout ×Wn

)
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the waveform figure of merit FC is defined in [40] as

FC =
PDC
V 2
DC
ZC

(2.24)

For an n-stacked PA, VDC = (n × VDD) where VDD is the supply voltage for a single device PA.

Substituting

PDC = VDC × IDC,n = (n× VDD)× IDC,n

in Eqn. 2.24, we get

IDC,n = FC,n × ω0 ×
(
Cout ×Wn

)
× (n× VDD) (2.25)

Consequently,

PAE = 1−
F 2
I,n × I2

DC,n × n×
RON,n
Wn

(n× VDD)× IDC,n

− Wn × Pin
(n× VDD)× IDC,n

(2.26)

= 1− n× F 2
I,n × FC,n × ω0 × Cout ×RON

−
k × Cin × (Vhigh − Vlow)2

n2 × V 2
DD × FC,n × Cout

(2.27)

where k is the technology- and frequency-dependent constant of proportionality that results from

the input power functions as discussed in Section 2.4 and shown in Table 2.2.

Table 2.3 lists the values of the waveform figures of merit for designs based on the loss-aware and

ZVS methodologies for different levels of stacking. While the waveform metric FI is comparable for

both, the loss-aware methodology shapes the waveforms to minimize FC , thereby yielding optimal

designs with highest possible PAE.

The foregoing expression captures the variation in PAE in terms of technology constants and

number of devices stacked. The only design-related variables in this expression are the waveform

figures of merit. It is well known that RON ×Cout is the technology constant (which we shall refer

to as the Switch Time Constant) that determines the drain efficiency of a Class-E PA [40] for a

given operating frequency and this constant degrades linearly for an n-stacked device, since the ON-

resistances add in series while the output capacitance remains that of a single device. However, the

loss-aware Class-E design methodology optimizes the output network tuning to ensure that the PAE
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degradation is gradual as stacking is increased by minimizing the F 2
I,n×FC,n product. The benefits

of the loss-aware Class-E tuning methodology over the ZVS/ZdVS-based tuning methodology can

be appreciated in Fig. 2.8, where the F 2
I,n × FC,n product for the loss-aware design technique can

be observed to be lower than that corresponding to the ZVS design methodology by a factor of 2-3,

depending on the number of devices stacked.

Figure 2.8: Product of waveform figures of merit F 2
I,n and FC,n for stacked Class-E-like PAs in 45

nm SOI CMOS at 45 GHz based on the loss-aware and ZVS based design methodologies.

The preceding analysis also highlights the importance of Switch Time Constant as a technology

metric that determines the efficiency of switching PAs. For linear-type PAs, fmax is a sufficient

metric to gauge the PA efficiency. For switching-type PAs, fmax determines the input power

requirements (via the technology- and frequency-dependent constant k) while Switch Time Constant

determines the drain efficiency.

As the levels of stacking are increased, Switch Time Constant becomes more significant than

fmax. As can be seen in Table 2.2, and later in this chapter, 65 nm low-power bulk CMOS and 45

nm SOI CMOS have similar fmax but significantly different Switch Time Constants. Consequently,

it can be expected that switching-type PAs in 45 nm SOI CMOS will achieve higher efficiencies

than those in 65 nm low-power bulk CMOS. This is validated by our experimental results in Section

2.5.8.
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The loss-aware Class-E analysis takes into account several mmWave non-idealities, and there-

fore, the results in Fig. 2.7 represent the fundamental limits on achievable performance in stacked

CMOS Class-E-like PAs. The main non-ideality that causes deviation from these limits in practice

is soft switching of the stacked devices due to the lack of square-wave drives. Nevertheless, the

optimal design points predicted by the analysis are excellent starting points for simulation-based

optimization.

2.5.4 Stacking vs. Power Combining

Figure 2.9: Comparison of device stacking in Class-E-like PAs (based on loss-aware Class-E design

methodology) at 45 GHz in 45 nm SOI CMOS with (a) 2, 4 and 8-way Wilkinson-tree-based power-

combining and transformer-based series power-combining (the 2-stacked and 1-stacked Class-E-like

PAs obtained from the loss-aware Class-E design methodology are used with both the N-way

Wilkinson-tree-based and transformer power-combiners) and (b) impedance transformation at 45

GHz in 45 nm SOI CMOS (the 2-stacked and 1-stacked Class-E-like PAs obtained from the loss-

aware Class-E design methodology are scaled to increase output power and a 2-element L-C network

is used to transform the 50 Ω load to the optimal load impedance for the scaled PAs. Quality factors

for the inductor and capacitor are assumed to be 15 and 10 respectively at 45 GHz).

In order to appreciate the benefits of device stacking using the loss-aware Class-E design method-

ology, it is imperative to contrast this approach to conventional impedance transformation and

power combining techniques. To evaluate the performance of power combining, a 45 nm SOI

2-stacked Class-E-like PA (resulting from the loss-aware design methodology) with a theoretical
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output power of 34 mW and a corresponding theoretical PAE of 54% at 45 GHz is chosen, since it

has reasonable output power as well as the highest efficiency (Fig. 2.7(a)). Since the 2-stacked PA

is designed for an optimal load impedance of 50 Ω, a cascaded-tree of 2-way 50 Ω Wilkinson power-

combiners is chosen. A 2-way 50 Ω Wilkinson power-combiner with 70.7 Ω λ
4 transmission lines in 45

nm SOI CMOS technology has an EM-simulated efficiency η=0.87 at 45 GHz. An N-way cascaded-

Wilkinson-tree power-combiner (where N is an even multiple of two) will therefore have an overall

efficiency of ηlog2N . Fig. 2.9(a) compares the theoretical PAE, as a function of output power, for

different levels of device stacking with that of 2, 4 and 8-way Wilkinson-tree power-combining. For

a given output power, stacked Class-E-like PAs implemented using the loss-aware Class E design

methodology offer ≈10-20% higher efficiency compared to Wilkinson power-combining (using 2-

stacked PAs). Power-combining using transformers is a better alternative at mmWave frequencies,

since ideally transformer-based series power-combining has a constant efficiency with number of

elements combined. However, interwinding and self-resonant capacitances introduce asymmetry in

transformer power-combiners, degrade efficiency and cause stability problems, usually permitting a

maximum of two transformer sections to be combined in series [16]. Ignoring the effect of parasitic

capacitances, a 2-section series transformer-combiner is used to power-combine two 2-stacked PAs.

The secondary inductance is chosen for maximum efficiency subject to a 50 Ω load, and the PAs are

appropriately scaled to drive the load impedance presented by the primary of the transformer. As

shown in Fig. 2.9(a), transformer power-combining utilizing 2-stacked PAs can yield results similar

to stacking only under ideal conditions and is fundamentally limited to two-way combining. The

corresponding results for Wilkinson and transformer-based power-combining using 1-stacked (single

device) Class-E-like PAs obtained from the loss-aware design methodology are also included to em-

phasize the inefficacy of the traditional design technique of using single-device PAs for high-power

amplification.

2.5.5 Stacking vs. Impedance Transformation

The efficiency of the alternative technique of impedance transformation is dependent on the steep-

ness of transformation as well as the topology of the impedance transformation network. The

2-stacked and 1-stacked Class-E-like PAs in 45 nm SOI obtained from the loss-aware Class-E de-

sign methodology at 45 GHz are again employed for the purpose of comparison. In order to achieve
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output power comparable to those obtained from device stacking, the Class-E-like PAs are scaled

appropriately while an impedance transformation network is used to transform the 50 Ω load to the

corresponding lower load impedance for the scaled PAs. A 2-element L-C impedance transforma-

tion network is designed and used in each case. The quality factors of the inductor and capacitor

are assumed to be 15 and 10 respectively at 45 GHz, based on measured characterizations of induc-

tors, capacitors and transmission lines in the 45 nm SOI CMOS technology [35]. A comparison of

the PAEs of impedance transformation and device stacking is summarized in Fig. 2.9(b). Device

stacking results in designs with ≈10-30% higher efficiency for the same output power compared to

impedance transformation.

Once device stacking is exploited to the limit as dictated by secondary breakdown mechanisms

(e.g. that of the buried oxide in SOI), it is interesting to consider the combination of device stacking

with impedance transformation and/or power combining to achieve watt-class output power levels

at mmWave frequencies.

2.5.6 IBM 45 nm SOI and 65 nm CMOS Power Device Modeling

In the 45 nm SOI CMOS, an accurate high frequency model for the device which accounts for

Intrinsic Input Resistance (IIR) as well as layout-related wiring resistances, capacitances and in-

ductances of the gate, drain and source fingers and vias is non-existent. The model provided in the

design kit is augmented to incorporate the impact of IIR, which models the distributed character-

istics of the channel in a MOSFET [46]. While IIR is controlled by two parameters (XRCRG1 and

XRCRG2) in BSIMSOI modeling [47] (which default to 0 in the PDK), we have found that tran-

sient simulations in SPECTRE fail to converge when these parameters are assigned values based

on our device measurements. Consequently, a bias-independent resistance is added in series with

the gate to account for IIR. The bias independence of this resistor, along with its location (outside

the PDK device model), is a source of inaccuracy in our transient simulations. Wiring resistances

and capacitances are extracted using Calibre PEX. High-frequency models for the gate and drain

vias are simulated in the IE3D field solver [48].

The layout of a fabricated floating-body power device test structure in 45 nm SOI technology

employs a continuous array of gate fingers (40-70) with a finger width of 2.793 µm. We make use

of a doubly-contacted gate with a symmetric gate via on both sides to reduce gate resistance [46].
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Figure 2.10: Close-up of (a) devices and (b) devices with connections to gate capacitors in 4-stacked

PA layout implemented in 45 nm SOI CMOS.

Wiring resistances and capacitances are extracted for the entire stacked-device layout configuration

and high frequency models for the vias are added to this overall R-C extracted model. The layout

for the 4-stacked configuration is shown in Fig. 2.10, while the corresponding high frequency model

with parasitics is illustrated in Fig. 2.11. The source and drain fingers of the devices consist of

metal layers M1−M3 strapped so as to conform to electromigration requirements. The connection

from the source of the bottom device to the ground node supports a large current under large signal

operation. Consequently, this connection is augmented with thick metal strips in metal layers M2

and M3 strapped together, which also helps minimize the source inductance.

The measured fmax and fT of the test structures of the individual power devices used in the

implemented 45 nm SOI 2-stacked and 4-stacked PAs (distinct from the custom stacked layout

as discussed earlier) are shown in Figs. 2.12(a) and (b) respectively. Device measurements were

conducted up to 65 GHz using a pair of coaxial 1.85 mm (dc-65 GHz) ground-signal-ground (GSG)

probes, calibrated at the probe tip planes. The industry-standard Open-Short de-embedding was
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Figure 2.11: Augmented schematic of 4-stacked power device in 45 nm SOI CMOS with capacitive

and inductive layout parasitics.

performed to a reference plane at the top of the gate and drain vias. The measured fmax and fT

were obtained by extrapolating the measured Mason’s Unilateral Power Gain (U) and h21 at 20

dB/decade. The measured U is observed to have 20 dB/decade slope up to 65 GHz and the modeled

U exhibits the same slope up to fmax. Peak fmax of ≈180 GHz and ≈190 GHz are achieved for

these power devices.

It is difficult to achieve fmax for power devices that is similar to that of smaller devices due to

layout challenges [49]. For reference, our measurements reveal that a 1 µm×10
40 nm device achieves an

fmax of ≈250 GHz in this technology [46]. The use of a compact device layout with a continuous

array of large number of gate fingers with large finger width reduces the parasitic capacitance and
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Figure 2.12: Measured (extrapolated) (a) fmax and (b) fT of 2.793 µm×41
40 nm and 2.793 µm×73

40 nm power

devices in IBM 45 nm SOI CMOS across current density. These devices are used in designing the

2-stacked and 4-stacked PAs respectively. (c) Measured and simulated fmax for a 3 µm×50
60 nm 65 nm

low-power bulk-CMOS power device across current density.

causes the 204 µm device to have a higher fT compared to the 115 µm device However, the layout

also results in an increased gate resistance and lower fmax for the larger device. This prevents the

devices of the 4-stacked PA from being driven into a hard-switching condition, as will be discussed

later in this chapter. Splitting the overall device into several smaller devices (each with reduced

finger width and small number of gate fingers) wired appropriately in parallel should further improve

the fmax to approach 250 GHz and available gain [49]. It should be noted that such a multiplicity-

based layout approach might compromise fT due to increased wiring capacitance. In a switch-like

PA, a good balance between fT and fmax must be maintained.
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A similar device layout approach and modeling strategy is employed for power devices in IBM’s

65 nm low-power bulk-CMOS technology. A key point of difference, however, is the presence of IIR

modeling within the PDK, eliminating the need for an external IIR resistance. A 3 µm×50
60 nm power

device test structure is measured using the same approach as mentioned earlier (Fig. 2.12(c)). A

peak fmax of approximately 180 GHz is observed in measurement. It should, however, be noted

that while power devices in 65 nm low-power bulk-CMOS are able to achieve similar fmax to power

devices in 45 nm SOI CMOS, the width-normalized ON-resistance (quantified as RON in Table

2.2) is almost 3 times higher for the same gate drive level due to the high threshold voltage of the

low-power process (Vth=560 mV at the PA bias point). As will be demonstrated experimentally,

this leads to inferior performance for mmWave Class-E-like PAs in 65 nm low-power bulk-CMOS.

2.5.7 Implementation Details
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Figure 2.13: Schematics of 45 nm SOI CMOS Q-band Class-E-like PAs with (a) 2 devices stacked

and (b) 4 devices stacked.
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The schematics in Fig. 2.13(a) and (b) depict the Class-E-like PAs implemented by stacking 2

and 4 floating-body devices in 45 nm SOI CMOS technology. Device sizes and dc-feed inductance

values are chosen based on the theoretical analysis, while supply and gate bias voltages and gate

capacitor values are selected based on the considerations described earlier. For the first stacked

device (M2 in both designs), the gate voltage must be held to a constant bias as discussed previously.

This can be accomplished through a large bypass capacitor placed as close as possible to the gate to

mitigate stray inductance that can result in oscillations. DGNCAPs (which are device capacitors)

are suitable for this purpose since their wiring is in the lowest metal layer and they provide higher

capacitance density than VNCAPs (interdigitated finger capacitors). All other capacitors, including

gate capacitors for the higher stacked devices, which are not large in value, are implemented using

VNCAPs. For both the designs, the output harmonic filter is eliminated to avoid passive loss with

minimal impact on performance.

A key requirement for true Class-E behavior of the stack is for the intermediary drain nodes

to sustain Class-E-like voltage swings with appropriately scaled amplitudes. This also ensures that

the voltage stress is shared equally among all devices. Since at mmWave frequencies usually only

the bottom device is driven in a stacked configuration ( [30], [35], [5]), we rely on the voltage

swing of the lower device(s) to turn off the device(s) higher up the stack. Once the stacked device

turns off, the voltage of the intermediary node ceases to increase as the stacked device no longer

conducts current to charge the parasitic capacitance at the intermediary node. This deviation of

the intermediate node waveform from the desired voltage profile results in unequal voltage stress

across the devices and deteriorates the overall efficiency owing to conduction loss during the initial

period of the OFF half-cycle [42].

As was mentioned earlier, a tuning inductor may be placed at intermediary nodes to improve

their voltage swing and make them more Class-E-like. Simulation results indicate that the im-

provement in swing for the 2-stacked PA is offset by an increase in the conduction loss of the top

device. This can be explained as follows. The voltage swing at the intermediate node controls the

turn-on and turn-off of the top device. As shown in Fig. 2.14(a), in the absence of the tuning

inductor, the intermediate node voltage gets clipped to Vg2 − Vth2 once the top device turns off

during the OFF half-cycle [26]. The voltage remains unchanged at Vg2 − Vth2 till the end of the

OFF half-cycle, when the drain voltage of the top device reduces to Vg2 − Vth2 and the top and
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Figure 2.14: Simulated voltage profiles for 2-stacked Class-E-like PA (a) without tuning inductor,

and (b) with tuning inductor. (c) Close-up of voltage profiles with (bottom) and without (top)

tuning inductor.

bottom node voltages roll-off in tandem thereafter. Introducing an inductor at the intermediate

node results in a Class-E-like voltage profile (Fig. 2.14(b)), which causes the top device to turn

back on earlier during the latter part of the OFF half-cycle, as shown in Fig. 2.14(b). This leads to

additional power loss in the top device. Consequently, no tuning inductor is used in designing the

2-stacked PA. For the 4-stacked PA, a tuning inductor at Vd2 is seen to provide benefit. Intuitively,

a 4-stacked configuration can be viewed as a stack of two 2-stacked PAs with the inductor serving

as an inter-stage tuning element.

Fig. 2.15(b) shows the drain waveforms for the 4-stacked PA. As is evident, drain-source voltage

swings are almost equally shared across all four devices. The lack of a tuning inductor at Vd1 results

in a relatively flat-topped waveform. This is to be expected, in view of the foregoing discussion for

the 2-stacked PA. The situation is somewhat different for node Vd3. Despite the absence of a tuning

inductor, we can observe a Class-E-like waveform even when device M4 is off. This is a consequence
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Figure 2.15: Simulated drain-source and gate-source voltage waveforms of the Q-band (a) 2-stacked

Class-E-like PA (Vg1=0.4 V, Vg2=1.7 V, VDD=2.4 V) and (b) 4-stacked Class-E-like PA in 45 nm

SOI CMOS (Vg1=0.4 V, Vg2=1.8 V, Vg3=2.8 V, Vg4=4 V, VDD=4.8 V).

of capacitive coupling through Cgs and Cgd of M4 (in conjunction with capacitive voltage division

due to presence of the 80 fF gate capacitor), which induces voltage swing at Vd3 when M4 is not

conducting. This eliminates the need for a tuning inductor at Vd3. A similar voltage coupling does

occur for Vd2 as well. However, in that case the coupling is through two levels of devices and the

resulting series connection of intrinsic capacitances reduces the strength of the voltage coupled to

Vd2. Since M1 and M2 can be viewed as a 2-stacked PA with the tuning inductor serving as the

choke inductance in large signal, a tuning inductor is not required at Vd1 (as discussed before).

Another technique for inducing voltage swing at the intermediary nodes in a stacked configura-

tion is through the use of capacitive charging acceleration. The work in [42] describes two methods
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for accomplishing this. The first is by placing an explicit capacitor between every pair of intermedi-

ary nodes and the second is using the inherent drain-bulk capacitance of a device by connecting the

bulk and source nodes of stacked devices along with appropriate device sizing. The first method is

less desirable at mmWave frequencies owing to the poor quality factor of on-chip capacitors. The

second method is applicable only when the body terminal of the device is explicitly available to

the designer. Furthermore, the efficacy of such an approach would depend on accurate modeling of

the characteristics of the source-bulk junction. For the 45 nm SOI implementations, the body of

the floating-body devices is not accessible. Inductors, on the other hand, have better quality factor

than capacitors at mmWave frequencies. Therefore, in the implemented PAs, inductive tuning is

preferred to the capacitive feed-forward technique.
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Figure 2.16: Schematic of the two-stage 45 nm SOI CMOS Q-band Class-E-like PA with a 2-stacked

driver stage and a 4-stacked main PA.
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The lack of square-wave drive at mmWave frequencies results in soft-switching which increases

the input power required to drive the PAs into a hard-switching state. Thus, to ensure that the PAs

are driven into saturation, it is imperative to include a driver stage when delivering high output

power. A third prototype (Fig. 2.16) was designed in 45 nm SOI CMOS by cascading the 2-stacked

and 4-stacked designs discussed previously. The 2-stacked PA thus serves as the driver for the

4-stacked main PA, with an inter-stage matching network transforming the input impedance of the

main PA to the optimal 50 Ω load desired by the driver stage.
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Figure 2.17: Schematic of differential 2-stacked Class-E-like PA implemented in 65 nm low-power

bulk CMOS.

In order to demonstrate the benefit of scaled SOI technology over bulk CMOS for implementing

stacked PAs, a prototype 2-stacked PA was implemented in IBM 65 nm CMOS technology. The
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Figure 2.18: Post-layout simulated drain-source voltages and corresponding switch currents for (a)

2-stacked PA and (b) 4-stacked PA in 45 nm SOI CMOS.

schematic of the pseudo-differential 2-stacked Class-E-like PA is shown in Fig. 2.17. The design

strategy is similar to that of the single-ended 2-stacked PA in 45 nm SOI CMOS discussed previ-

ously. The differential input and output terminals are routed directly to GSSG pads for probing.

A pseudo-differential structure was chosen to facilitate an increase in the overall output power.

An important characteristic of switching PAs, which sets them apart from the linear classes,
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Figure 2.19: Comparison of post-layout simulated waveforms for device M2 of the 2-stacked PA in

45 nm SOI CMOS with theory.

Figure 2.20: Comparison of post-layout simulated waveforms for device M4 of the 4-stacked PA in

45 nm SOI CMOS with theory.

is the non-overlapping nature of switch voltage and switch current waveforms and the high har-

monic content of these waveforms compared to linear PAs. In a device-based implementation, it is

difficult to isolate the current flowing through the device capacitances from that flowing through

the “switch”. As a first order approximation, the currents through the external wiring parasitic

capacitances Cgs, Cgd, Cds and Cd0 are scaled in proportion to the ratio of the intrinsic to external

wiring parasitic capacitance, and their sum is subtracted from the total device current to arrive

at the switch-current in simulation. Fig. 2.18 shows the VDS and the corresponding Iswitch for
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the various devices in the 2-stacked and 4-stacked PAs implemented in 45 nm SOI CMOS, from

which the non-overlapping characteristic of voltage and current waveforms is clearly evident. Figs.

2.19 and 2.20 compare the switch voltage and switch current waveforms for devices M2 and M4 of

the 2-stacked and 4-stacked PAs respectively with theory. Aside from the sharp current spikes in

the theoretical waveforms at switch turn-on, there is excellent correspondence between theory and

simulation. The current spikes arise from the assumption of hard-switching, which is not possible at

mmWave. However, the soft-switching in simulation does not compromise the shaping of voltages

and currents and their harmonic content for the rest of the switching cycle. These results clearly

indicate the feasibility of switching operation at mmWave frequencies.

As mentioned before, the theoretical loss-aware Class-E design methodology approximates the

stacked configuration as a series connection of switches and assumes that appropriate voltage swings

are somehow ensured at the intermediate nodes. A more realistic model for the circuit is a stack of

switches, each accompanied by the corresponding intrinsic device capacitances (Cgs, Cgd, Cds, and

Cd,ground) and gate capacitors (except for the bottom switch). An ‘Elmore network’ of RC delays

is encountered in stacked linear PAs (owing to the simultaneous presence of capacitances and finite

device output resistances) which can cause phase shift in the voltages and currents as one moves up

the stack. It is unclear that there would be a similar ‘Elmore delay’ in stacked switching PAs, since

during the OFF cycle, the switch devices have very high OFF resistance. However, the capacitive

discharge loss at intermediate nodes might be non-negligible and can have a considerable influence

on overall efficient operation of the PA. Ignoring these losses in the theoretical analysis results in

PAE higher than what is obtained from actual device-based simulations.

For linear stacked PAs, the impact of ‘Elmore delay’ can be accounted (and compensated) for

theoretically [4] since a small signal model for the devices is used for the preliminary analysis and

design procedure. A similar endeavor for stacked switching PAs is challenging owing to non-linear

operation of the circuit. Consequently, we adopt a simulation-based approach to investigate this

effect for a 4-stacked configuration (without the tuning inductor) using a switch+capacitor based

model for the devices. The resulting circuit resembles that in Fig. 2.13(b) (sans the tuning inductor,

the input matching network and with a square-wave drive instead of a sinusoidal input), with

each device modeled as a switch augmented with intrinsic device capacitances. Layout parasitics

(capacitors, resistors and inductances) based on Fig. 2.11 are also incorporated in the circuit to
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Figure 2.21: (a) Post-layout simulated device voltages for the 4-stacked PA prototype without

tuning inductor in 45 nm SOI CMOS. (b) Simulated switch voltages for the same 4-stacked config-

uration without tuning inductor, using a switch+capacitor based model for the devices and layout

parasitics from Fig. 2.11.

facilitate better correlation with device-based results. The delay in the switch-voltage waveforms

exhibit close correspondence with those obtained from device-based simulations as well, as shown

in Fig. 2.21. Since the voltage profiles confirm no significant delay, the phenomenon of ‘Elmore

delay’ is not a concern in stacked switching PAs. The resulting output power and PAE are reported

in Fig. 2.7(a). The reduction in efficiency (≈ 20%) for the switch+capacitor based model indicates

that capacitive discharge loss at intermediate nodes is a more important practical consideration.

These results, in conjunction with the comparison presented in Fig. 2.20 indicate that ignoring

‘Elmore delay’ and the additional loss mechanisms in the theoretical analysis is not a crippling

limitation since it does not significantly alter the waveform characteristics and hence the impact

on switching behavior of the stacked configuration at mmWave frequencies. One would therefore

obtain output power similar to that predicted by theory, but at a lower PAE which follows the

theoretical trend (Fig. 2.7(a)). This also demonstrates the efficacy of a simple switch+capacitor

based model to predict the performance of a practical implementation.
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Figure 2.22: Chip microphotographs of the millimeter-wave stacked Class-E-like PAs with (a) 2

devices stacked in 45 nm SOI CMOS, (b) 4 devices stacked in 45 nm SOI CMOS, (c) a two-stage

cascade of a main PA with 4 devices stacked with a 2-stacked driver stage in 45 nm SOI CMOS

and (d) 2 devices stacked in 65 nm low-power bulk CMOS.

2.5.8 Experimental Results

The chip microphotographs of the PAs are shown in Fig. 2.22. The PAs are tested in chip-on-board

configuration through on-chip probing using two coaxial 1.85 mm (dc-65 GHz) ground-signal-ground

(GSG) probes.
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Figure 2.23: Small signal S-parameters of 45 nm SOI 2-stacked Class-E-like PA (Vg1=0.4 V, Vg2=1.7

V, VDD=2.4 V). Power consumption=49 mW.

2.5.8.1 Small Signal Measurements

The small-signal measurement setup is calibrated at the probe tip planes. The small-signal mea-

surements are conducted up to 65 GHz using an Anritsu 37397E Lightning VNA. Figs. 2.23 and

2.24 illustrate the simulated and measured small signal S-parameters of the 2-stacked PA and the
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Figure 2.24: Small signal S-parameters of 45 nm SOI 4-stacked Class-E-like PA (Vg1=0.4 V, Vg2=1.8

V, Vg3=2.8 V, Vg4=4 V, VDD=4.8 V). Power consumption=206 mW.

4-stacked PA implemented in 45 nm SOI CMOS. The measured peak gain of the 2-stacked PA is

13.5 dB at 46 GHz, with a -3 dB bandwidth extending from 32 GHz to 59 GHz. The -1 dB band-

width extends from 42 GHz to 52 GHz, making it suitable for wideband applications. The measured

peak gain of the 4-stacked PA is 12.3 dB at 48.5 GHz, with a -3 dB bandwidth extending from 37
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GHz to 56 GHz. The measured -1 dB bandwidth spans a wide frequency range from 43.5 GHz to

52.5 GHz. A frequency shift of ≈3-5 GHz is observed between measured and simulated curves for

both PAs in both S11 and S21. This can probably be attributed to over-estimation of capacitive

parasitics at design time. The fact that the PAs have a significant small-signal gain goes against the

concept of conventional Class-E PA design, but is simply an outcome of the “Class-E-like” design

methodology described in this work. The PA is designed for optimum performance at a Class-E

input drive level, at which point the devices can be regarded as hard-switching. However, at the dc

bias point, the devices are biased somewhat above the threshold voltage, imparting the circuit with

small-signal gain. Of course, this gain is less than the maximum gain available from the stacked

devices as the output load is designed based on Class-E principles. A modified version of the 45 nm

SOI 4-stacked PA, obtained by laser-trimming the tuning inductor, was also characterized, and its

simulated and measured small signal S-parameters are reported in Fig. 2.25. The measured peak

gain is 11.6 dB at 45 GHz, with a -3 dB bandwidth extending from 30 GHz to 55 GHz. The -1 dB

bandwidth extends from 36 GHz to 50 GHz.

The measured and simulated small-signal S-parameters of the 2-stacked differential PA imple-

mented in 65 nm bulk CMOS are illustrated in Fig. 2.26. The measurement setup and calibration

procedure are the same as discussed before, with the exception that coaxial 1.85 mm coplanar wave

ground-signal-signal-ground (G-S-S-G) probes are used for the measurements. However, one probe

of each differential pair is terminated with 50 Ω, so in essence single-ended measurements are being

performed. This stems from the practical challenges in creating a differential mmWave measure-

ment setup. The measured peak gain is 9.5 dB at 47 GHz with a -1 dB bandwidth extending from

44 GHz to 50 GHz.

2.5.8.2 Large Signal Measurements

The large signal measurement setup for the aforementioned PAs is shown in Fig. 2.27. The large

signal characteristics of the 45 nm SOI PAs are shown in Fig. 2.28(a) and Fig. 2.29. Measurement

results yield a peak PAE of 34.6% for the 2-stacked PA with a saturated output power of 17.6 dBm

at 47 GHz. Compared to the cascode PA in [45] operating at a similar frequency at supply voltages

close to the nominal single-device VDD of the technology, the 2-stacked prototype achieves 3-7 dB

higher output power along with 10-12% higher PAE. The 4-stacked PA has measured saturated
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Figure 2.25: Small signal S-parameters of 45 nm SOI 4-stacked Class-E-like PA with the tuning

inductor eliminated using laser trimming (Vg1=0.4 V, Vg2=1.8 V, Vg3=2.8 V, Vg4=4 V, VDD=4.8

V). Power consumption=206 mW.

output power of 20.3 dBm at 47.5 GHz at a peak PAE of 19.4%. For the trimmed version of the

4-stacked PA without the tuning inductor, a peak PAE of 18.3% was achieved at 42.5 GHz along

with a saturated output power of 20.3 dBm. Unlike the 2-stacked PA, the measured performance
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Figure 2.26: Small signal S-parameters (single-ended) of the 65 nm differential 2-stacked Class-E-

like PA (Vg1=0.8 V, Vg2=2 V, VDD=2 V). Power consumption=89 mW under small signal operation.

metrics of the 4-stacked PAs (particularly efficiency) are somewhat lower than those predicted by

simulations. This is an indication of unmodeled active losses, as there is good correspondence

between the measured and simulated characteristics of the various passive components [35]. The

loss in the active components depends on a proper choice of device layout as well as accurate
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Figure 2.27: Large signal Q-band measurement setup for the fabricated PAs.

modeling, as discussed in Section 2.5.6.

Large signal measurements were also conducted for the 2-stacked and 4-stacked PAs across

frequency (at the optimal bias point) and for different supply voltages (at a fixed frequency, keeping

gate biases constant). The results are depicted in Figs. 2.30 and 2.31. Large signal measurement

beyond 48 GHz was limited by the characteristics of the measurement equipment (specifically, the

Quinstar PA used to drive the PAs under test, as well as the isolator, dual-directional coupler and

the power sensors used in the measurement setup). Unlike the 2-stacked PA, the output power

does not increase with increasing supply voltage for the 4-stacked prototype. Once again, this can

probably be attributed to the device layout discussed previously that results in lower fmax.

This hypothesis is tested in measurement. As discussed previously, an important characteristic

of switching PAs is linearity with respect to supply voltage, which causes the average supply current

and the output power to scale linearly and quadratically with supply voltage respectively. This

unique feature distinguishes switching PAs from the class of linear PAs. At mmWave frequencies,

the various sources of non-idealities result in deviation from ideal Class-E characteristics. Thus, the

scaling of supply current and output power with supply voltage can be utilized as a useful metric

to determine the extent of switching characteristics of a PA in the mmWave regime. Fig. 2.32

illustrates the measured average supply current and saturated output power of the 2-stacked PA

in 45 nm SOI CMOS as a function of VDD and V 2
DD respectively. The respective linear trends can

be clearly observed, thereby corroborating the Class-E-like nature of the design. This also proves
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Figure 2.28: Measured gain, drain efficiency and PAE as a function of output power for (a) the 45

nm SOI 2-stacked Class-E-like PA at 47 GHz (Vg1=0.4 V, Vg2=1.7 V, VDD=2.4 V) and (b) the 65

nm differential 2-stacked Class-E-like PA at 47.5 GHz (Vg1=0.8 V, Vg2=2.1 V, VDD=2.8 V).
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Figure 2.29: Measured gain, drain efficiency and PAE as a function of output power for (a) the 45

nm SOI 4-stacked Class-E-like PA with the tuning inductor eliminated through laser trimming at

42.5 GHz and (b) the 45 nm SOI 4-stacked Class-E-like PA at 47.5 GHz (Vg1=0.4 V, Vg2=1.8 V,

Vg3=2.8 V, Vg4=4 V, VDD=4.8 V for both designs).
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Figure 2.30: Measured gain, saturated output power, drain efficiency and PAE (a) across frequency

(Vg1=0.4 V, Vg2=1.7 V, VDD=2.4 V) and (b) across supply voltage at 47 GHz of the 45 nm SOI

2-stacked Class-E-like PA (Vg1=0.4 V, Vg2=1.7 V).

that switch-like PAs can indeed be implemented at mmWave frequencies with appropriate design

methodology. The corresponding results for the 4-stacked PA with the tuning inductor are shown
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Figure 2.31: Measured gain, saturated output power, drain efficiency and PAE (a) across frequency

(Vg1=0.4 V, Vg2=1.8 V, Vg3=2.8 V, Vg4=4 V) and (b) across supply voltage at 47 GHz of the 45

nm SOI 4-stacked Class-E-like PA.

in Fig. 2.33. The 4-stacked PA’s measured characteristics deviate from expected trends. This

indicates that the devices are not being driven to a hard-switching condition, likely due to reduced
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Figure 2.32: Measured and expected (a) average supply current vs VDD and (b) saturated output

power vs V 2
DD for 2-stacked Class-E-like PA in 45 nm SOI CMOS. The profiles display the linearity

with respect to supply voltage associated with switching Class-E PAs, thereby establishing the

Class-E-like characteristics of the PA even at mmWave frequencies.

device fmax. It should be noted that [30] and [5] have realized large power devices at mmWave

with high fmax and hence the foregoing results for the 4-stacked PA should not be taken to mean

that Class-E operation is not possible for high levels of stacking.

The small-signal S-parameters and large-signal performance metrics of the two-stage PA imple-

mented in 45 nm SOI CMOS are summarized in Fig. 2.34. The measured peak gain is 24.9 dB at

51 GHz while a peak PAE of 15.4% was achieved at 47 GHz along with a saturated output power

of 20.1 dBm.

Large-signal measurements of the 2-stacked differential PA implemented in 65 nm bulk CMOS

yield a peak PAE of 28.3% with a saturated output power of 15.2 dBm at 47.5 GHz (Fig. 2.28(b)),

implying a saturated differential output power of 18.2 dBm. The lower efficiency of this PA com-

pared to the 2-stacked 45 nm SOI PA stems from the higher ON-resistance of the 65 nm devices.
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Figure 2.33: Measured and expected (a) average supply current vs VDD and (b) saturated output

power vs V 2
DD for 4-stacked Class-E-like PA in 45 nm SOI CMOS. The profiles do not display the

linearity with respect to supply voltage characteristic of switching Class-E PAs, owing to layout-

induced increased gate resistance which prevents hard-switching at mmWave frequencies.

2.6 Challenges Associated with Device Stacking in Class-E PAs

As was discussed in Section 2.5.7, in order to achieve true Class-E behavior and equal sharing of

voltage stress in a stacked configuration, all the intermediary drain nodes should sustain Class-

E-like voltage swings with appropriately scaled amplitudes. The two most popular techniques

for addressing this issue are (i) the inductive tuning technique, namely placing a shunt inductor

(Lmid) at the intermediary node(s) [26] and (ii) the charging acceleration technique (CAT) [42]

which utilizes feed forward capacitive coupling. The inductive tuning approach suffers from several

shortcomings at mmWave frequencies. Firstly, a series DC blocking capacitor is required, which

will contribute loss owing to poor quality factor of on-chip capacitors at mmWave frequencies.

The tuning inductor can consume considerable die area, unless special design techniques such as

transformer-based charging-acceleration [50] are utilized. In addition, the finite quality factor of

the tuning inductor would contribute to power loss. Furthermore, the circuit is quite sensitive to

the choice of the tuning inductor as discussed in [4], where laser trimming was employed to optimize

its value. The alternative charging acceleration technique works well at low RF frequencies, but
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Figure 2.34: (a) Measured small signal S-parameters and (b) measured gain, drain efficiency and

PAE as a function of output power for the two-stage 45 nm SOI PA comprising a 4-stacked main PA

and a 2-stacked driver stage at 47 GHz (Vg1=0.4 V, Vg2=1.7 V, Vg3=2.8 V, Vg4=4 V, VDD,1=4.8 V,

Vg5=0.4 V, Vg6=1.6 V, VDD,2=2.4 V). Power consumption=255 mW under small signal operation.

the poor quality and self-resonance of on-chip MIM/interdigitated capacitors used to implement

the feed-forward capacitor would degrade efficiency at mmWave frequencies.
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The following section describes a new means of achieving appropriate voltage swing(s) at the

intermediary node(s) for Class-E PAs employing device stacking. A “Class-E load network” is

connected at each intermediary node, resulting in a topology referred to as the Multi-output Stacked

Class-E PA that amounts to stacking multiple single-device Class-E PAs while retaining their

individual characteristics (Fig. 2.35(a)). Theoretical discussions regarding the unique features of

this topology along with measurement results of two Q-band prototypes in IBM’s 45nm SOI CMOS

technology demonstrating the concept are presented as well.

2.7 Multi-output Stacked Class-E PA
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Figure 2.35: (a) Multi-output Stacked Class-E PA and (b) corresponding simplified switch-based

schematic with drain voltage swings for lossless operation.
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2.7.1 Principle of Operation

The proposed Multi-output Stacked Class-E PA topology is based on the key observation that the

drain voltage profile in a Class-E PA is facilitated by the presence of the “Class-E load network”.

Extending this idea to the case where several devices are stacked, it is evident that incorporating an

appropriately tuned Class-E load network at each intermediary node would result in Class-E-like

voltage swings for all devices (Fig. 2.35(a)). Each device thus behaves as an independent Class-E

entity. Another important characteristic of the proposed topology is that output power is available

from each intermediary node, which had formerly been used only to turn off devices higher up in

the stack. The multiple output nodes can be power-combined internally to drive a single load with

increased power or can be used to drive other circuit blocks, making the proposed topology useful

as an active power splitter.

In order to facilitate theoretical analysis, we resort to the simplified schematic in Fig. 2.35(b)

with the drain voltage swings for lossless operation annotated. The devices are represented by

switches with output capacitance Cout,i and corresponding ON-resistance RON,i (i = 1, 2, ...n),

each driven by a square wave input with 50% duty-cycle. The calculation of output capacitance

Cout,i at the ith intermediary node is not straightforward owing to the complex capacitive network

formed by the device capacitances. However, one might use an approximate expression as follows:

Cout,i ≈ Cd0,i + Cgd,i + Cgs,i+1, i ε [1, n− 1] (2.28)

and Cout,n ≈ Cd0,n + Cgd,n (2.29)

where Cd0,i, Cgd,i, Cgs,i are respectively the drain-to-ground, gate-drain and gate-source capaci-

tances for the ith device. The above approximation is based on the observation that at the drain

terminal of the ith device, in addition to Cd0,i (which is the drain-to-ground capacitance), the

capacitance seen looking up the stack is Cgs,i+1 in the worst case (assuming that the externally

added gate capacitor Cg,i is relatively large). Similarly, the capacitance seen looking down the stack

results in a worst-case value of Cgd,i.

The ideal operation of the Multi-output Class-E topology can be understood by analyzing the

ON and OFF states in the absence of losses i.e. RON,i=0 (i = 1, 2, ...n). As shown in Fig. 2.36(a),

in the ON state, the drain terminal of each switch is pulled down to ground, so that in effect, we

have n independent Class-E PAs, each operating in its ON state. It should be noted that in this ON
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Figure 2.36: (a) ON state operation and (b) OFF state operation of lossless Multi-output Stacked

Class-E PA.

state, the switches that are lower in the stack must support the currents of the Class-E PAs higher

in the stack, potentially increasing their conduction loss when finite conduction loss is considered.

Similarly, during the OFF state (Fig. 2.36(b)), each switch is “open”, so that once again we have

n independent Class-E PAs operating in their respective OFF states. Consequently, we have true

Class-E behavior for the overall stacked topology. The individual Class-E load networks can thus be

designed for global waveform shaping to optimize for output power and/or efficiency of the stacked

configuration, as will be discussed subsequently. In a practical implementation, finite switch loss

will introduce interaction between the stacked devices in the ON state resulting in deviation from

independent Class-E behavior. However, assuming low-loss operation and designing the Class-

E load networks accordingly provides an excellent starting point for subsequent simulation-based

optimization.
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Depending on the “tuning” of the Class-E load network [40] of each stacked device, the corre-

sponding supply voltage should be chosen so that the maximum instantaneous drain-source voltage

swing of each device is Vreliability [26]. As discussed in [40], the waveform figure of merit

FV = Vpeak/VDD (2.30)

relates the peak drain voltage swing Vpeak to the DC supply voltage VDD of a single-device Class-E

PA. The peak drain voltage swings in a stacked configuration will increase linearly with the number

of devices stacked so that the total voltage stress is evenly distributed across the stack. The supply

voltage VDD,i for the ith stacked device must be chosen accordingly i.e. VDD,i = n× Vreliability
FV,i

.

2.7.2 Efficiency Analysis

The presence of device conduction loss, modeled by the corresponding switch ON-resistance RON ,

results in deviation from ideal operation of the proposed Multi-output Class-E topology. A compre-

hensive analysis of optimal tuning for single-device Class-E PAs in presence of significant conduction

loss was discussed in [1]. Extension of this analysis to the Multi-output Class-E PA is possible,

but the equations are too complex to provide practical design guidelines due to the interaction

between the switches in the presence of significant conduction loss (the switches lower in the stack

support the current of those above). A simplified analysis is performed here to gain intuitive un-

derstanding of important factors affecting overall efficiency. Referring to Fig. 2.35(b) we use the

notations IL,k and ikcos(ω0t + φk) to denote the DC-feed inductor current and the load network

current respectively for the kth switch in the stack. Let

Ik = IL,k − ikcos(ω0t+ φk) k = 1, 2, ...n (2.31)

The current through the kth switch during the ON half-cycle is then given by

is,k =
n∑

m=k

Im k = 1, 2, ..n. (2.32)

Eqn. (2.32) culminates in some important observations. Firstly, a switch supports the load and DC-

feed inductor currents of all the switches higher up in the stack, in addition to its own load network

current. Thus, the bottom device supports the largest current and it is imperative to minimize it’s

ON-resistance to maximize efficiency. However, too large a device size would increase input power
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and degrade PAE, thereby resulting in a trade-off in device size. Secondly, the current flowing

through the switches decreases up the stack so it is possible to taper the device size progressively.

Finally, the different Class-E load networks (and consequently their currents) can be potentially

tuned to shape the switch currents to further minimize conduction loss.

The conduction loss of the kth switch is given by

Ploss,k = i2s,k,RMS ×RON,k (2.33)

=
1

Ts

∫ Ts/2

0
i2s,k ×RON,k

=
1

Ts

∫ Ts/2

0

(
n∑

m=k

Im

)2

×RON,k (2.34)

where is,k,RMS is the RMS current flowing through the kth switch.

The drain efficiency can therefore be expressed as

η = 1−
∑n

k=1 Ploss,k∑n
k=1 PDC,k

= 1−
∑n

k=1 i
2
s,k,RMS ×RON,k∑n

k=1 VDD,k × IDC,k
(2.35)

where Ts is the switching period, the ON half-cycle is assumed to be from t=0 to t=Ts/2 and IDC,k

is the steady-state DC current drawn by the kth switch from its supply voltage VDD,k.

In order to gain better insight into the design trade-offs, we resort to the waveform figures of

merit as discussed in Section 2.5.3:

FI,k =
is,k,RMS

IDC,k
(2.36)

ZC,k =
1

ω0 × Cout,k
(2.37)

and FC,k =
PDC,k
V 2
DD,k

ZC,k

(2.38)

where ω0 is the operating frequency in rads/sec. It should be noted that the metric FI,k (related to

the shape of the current waveform) depends on the tuning of all devices above the kth device (unlike

a single-device PA or a stacked PA with no intermediary tuning networks) while FC,k depends on

the tuning of the kth device. Using these, eqn. 2.35 can be re-written as

η = 1−
∑n

k=1 (FI,k × IDC,k)2 ×RON,k∑n
k=1 FC,k ×

V 2
DD,k

ZC,k

(2.39)
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Since PDC,k = VDD,k × IDC,k, we can rewrite eqn. 2.38 as

IDC,k = FC,k ×
VDD,k
ZC,k

(2.40)

Substituting in eqn. 2.39, we get

η = 1−

∑n
k=1

(
FI,k × FC,k ×

VDD,k
ZC,k

)2
×RON,k∑n

k=1 FC,k ×
V 2
DD,k

ZC,k

(2.41)

From the foregoing expression, it is clear that the overall efficiency is determined by the relative

tunings of the Class-E load networks (represented by FI,k and FC,k values) and by the device-

size tapering (represented by Zc,k values). Consequently, there are multiple optimization variables

which can be chosen to tailor the output powers from the individual load networks while ensuring

the best possible efficiency. This possibility of global waveform engineering is in contrast to a

single-device Class-E PA where simply minimizing FI and FC is desirable.

For the remainder of the chapter, we shall focus on a special case of the Multi-output Class-E

PA with 2 devices stacked referred to as the Dual-Output Class-E PA. Switch-based simulations

were conducted at 45GHz based on theoretical results to observe the impact of relative device sizing

and tuning of Class-E load networks for the Dual-Output Class-E PA. The width of the top device

denoted by W2 was fixed at 100µm, while that of the bottom device (W1) was varied along with the

tunings of the respective Class-E load networks (given by n= 1
ω0×
√
LsCout

). The tuning-dependent

load impedances for each Class-E PA in the stack were determined based on the theoretically

optimal load impedance that ensures Zero Voltage Switching (ZVS) and Zero Derivative of Voltage

at Switching (ZdVS) under lossless operation [51]. The following parameters, obtained from device

characterization in IBM 45nm SOI CMOS using body-contacted devices, were used for switch-based

simulations:

Cout,1 = (0.59fF/µm)×W1 + (0.28fF/µm)×W2 (2.42)

Cout,2 = (0.59fF/µm)×W2 (2.43)

RON1,2 = (347.8Ω− µm)/W1,2 (2.44)

The respective supply voltages were adjusted to ensure that the overall voltage stress is evenly

distributed between the devices. Furthermore, ideal internal power-combining was assumed in

these simulations.
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Figure 2.37: (a) Drain efficiency as a function of device sizes W1 and W2 and load network tuning

(Ls × Cout) for Dual-Output Class-E PA using switch-based simulations at 45GHz, (b) efficiencies

from device-based simulations and (c) comparison of output powers from switch-based and device-

based simulations as a function of device size ratio W1/W2 with W2=100µm. (d) Variation of

real and imaginary parts of load impedances for the top and bottom devices of the Dual-Output

Class-E PA as a function of device size ratio W1/W2, with W2=100µm, obtained from theoretical

results at 45GHz using body-contacted device parameters in IBM 45nm SOI CMOS [1] (Note: Load

impedance for the top device shows no variation since W2 remains unchanged).

From Fig. 2.37(a) it is evident that for a given ratio of device sizes, there exists an optimal

tuning ratio for the respective Class-E load networks that maximizes drain efficiency. As expected,

drain efficiency keeps improving with increasing size of the bottom device due to reduction in
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conduction loss, though the incremental benefits diminish when W1/W2 ≥ 4. Furthermore, PAE is

a more relevant metric at mmWave frequencies and device-based simulations are used to evaluate

the impact of these trade-offs on PAE.

Device-based simulations were conducted (with lossless passives) using body-contacted devices

at 45GHz in 45nm SOI CMOS as a function of device size ratio W1/W2 with W2=100µm for the

optimal tuning (i.e. tuning for highest PAE) in each case. Lossless power-combining is assumed as

before and the load impedances for simulations are determined as in [51]. The drain efficiency and

PAE for device-based simulations are shown in Fig. 2.37(b). The absolute value of drain efficiency

differs from Fig. 2.37(a) owing to various non-idealities that are not accounted for in switch-based

simulations. Fig. 2.37(b) shows that the PAE is maximum for a device size ratio ranging from 1:1

to 2:1. This is because input power increases for larger ratios. Fig. 2.37(c) compares the output

powers generated by the top and bottom devices for both switch and device-based simulations. A

good agreement is observed. Although PAE is practically the same (and maximum) for a device

size ratio of 1:1 and 2:1, a sizing of 2:1 was chosen for the prototypes implemented in this work since

the simulated output power was about 1.5 times higher. Fig. 2.37(d) depicts the load impedances

for the top and bottom devices as a function of device size ratio. Device size ratios higher than

2:1 were thus avoided owing to lower PAE (due to high input power requirements) as well as steep

impedance transformation requirements that would further degrade the overall PAE.

The foregoing results provide design guidelines for a desired output power and the associ-

ated impedance transformation considerations. In the foregoing analysis, the loss in the passive

components was not taken into account. Incorporating passive losses, even in a perturbative fash-

ion, would make the theoretical analysis intractable and is best left to the simulation-based de-

sign/optimization stage. Nevertheless, the theoretical results provide a good starting point for

simulations.

2.7.3 Internal Power-combining

As mentioned earlier, the Multi-output topology can serve as a high-power high-efficiency active

power-splitter with unequal division ratios that can be incorporated into the design procedure

described earlier. As an alternative, the output powers available from the different intermediary

nodes can be power-combined internally to drive a single load. In this work, we investigate internal
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Figure 2.38: Illustration of internal power-combining for Dual-Output Class-E PA (biasing details

omitted). (a) Optimized load networks for the top and bottom devices. (b) The phase-shifts φ1 and

φ2 introduced by the impedance transformation networks M1 and M2 respectively should ensure

phase alignment at the transformed impedances RA and RB to ensure constructive power-combining

at the single output node. (c) Single load = RA ‖ RB driven by output powers from the top and

bottom devices. The single load is split between the individual load networks depending on the

power levels prior to internal power-combining such that equal voltage amplitude V1 is produced

across RA and RB.

power-combining and the ensuing design challenges and trade-offs for the Dual-Output Class-E

PA. The concept of internal power-combining is illustrated in Fig. 2.38 and can be understood by

traversing the figure from the left to the right. At each drain node, there is an optimal load network

and corresponding output powers Pout,1 and Pout,2 for the bottom and top devices respectively

(Fig. 2.38(a)). The single load (chosen to be 50Ω here) is split into two parts RA and RB for the

bottom and top devices respectively in the inverse ratio of the respective output powers i.e.

Pout,1
Pout,2

=
RB
RA

(2.45)

and RA ‖ RB = 50Ω (2.46)

Impedance transformation networks M1 and M2 are then used to transform the optimal load

impedances R1 + jX1 and R2 + jX2 to RA and RB respectively (Fig. 2.38(b)). If matching network

loss is ignored, the amplitudes across RA and RB will be the same due to the choice of load
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resistances that are inversely related to the output powers. Equal phases can be ensured by choosing

matching networks with similar topology and number of passive components. Another degree of

freedom that helps in ensuring equal phases is the fact that the transformed impedances (earlier

RA and RB) can have parallel reactive parts so long as they cancel out on connecting the output

nodes (or more precisely, add up to the pad capacitance). The relative output powers from the

different Class-E load networks is another design degree of freedom that can be used to optimize

efficiency and ease the design of the matching networks.

M2
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Rlarge

V1
Clarge

Matching 
Network

To Load
M2

M1

VDD,bot
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S12 improves 
by cascoding

MA

MB
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Stability must be 
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feedback loop

(a) (b)

Figure 2.39: (a) Feedback loop resulting from internal power-combining in the Dual-Output Class-

E PA and (b) cascode PA where common-gate device mitigates feedback through Cgd and improves

reverse isolation.

2.7.4 Stability of Dual Output Class-E PA vs. Cascode PA

Internally power-combining the different output nodes of the Multi-output topology results in

several closed loops with active devices, for which stability must be ensured at the frequency of

operation and at other frequencies. As shown in Fig. 2.39(a) for the Dual-Output Class-E PA, the

matching networks MA and MB, together with the device M2 form a closed loop which can give

rise to oscillatory behavior if the loop gain satisfies Barkhausen criterion. This is unlike a cascode

PA (Fig. 2.39(b)) where the common-gate device indeed helps to improve reverse isolation.
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Figure 2.40: Stability analysis for the Dual-Output Class-E PA. (a) PA without input stimulus, (b)

simplified circuit for small-signal analysis, with the input device replaced by its output capacitance

Cout,1 and output resistance Rout,1 and the top device modeled by its transconductance (gm),

output capacitance Cout,2 and output resistance Rout,2 and (c) equivalent circuit for calculation of

loop gain.

A small-signal analysis can be used to arrive at an expression for the gain of the loop resulting

from internal power-combining in the Dual-Output PA. As shown in Fig. 2.40(a), the input source is

removed and the bottom device is assumed to behave as a current source represented by its output

capacitance Cout,1 and output resistance Rout,1. The top device is modeled by its transconductance

(gm), output capacitance Cout,2 and output resistance Rout,2 (Fig. 2.40(b)). The load resistance RL

has been ignored to determine the stability in the case of an open-circuit load, since the presence of

a load generally improves the stability due to the loss it introduces. This results in the equivalent

circuit shown in Fig. 2.40(c). For this closed-loop system, one can derive

Loop Gain =
gmZ1Z3

(Z1 + Z2)(1 + gmZ3) + Z3
(2.47)

To ensure a stable design, the matching networks MA and MB should be chosen such that the

following oscillation conditions are avoided: —Loop Gain—≥ 1 and ∠(Loop Gain)=00. It should

be noted that the resultant circuit is a Colpitts/Hartley-like oscillator, and startup is harder to meet

when compared with a cross-coupled oscillator due to the voltage division involved in the feedback

loop. In addition, the low available gain at mmWave frequencies and the biasing of the PA devices
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in weak inversion for Class-E operation (resulting in low gm) help ease the stability problem of the

Dual-Output PA to a large extent. Nevertheless, choice of the matching networks is critical not only

for constructive power-combining, but also to ensure unconditional stability. We do not observe

any signs of instability in our prototypes, as shown later in Section 2.7.6. Nevertheless, if potential

instability is noticed at lower frequencies where devices have higher gain, frequency-selective loss

networks (such as graded capacitor-resistor pairs) can be employed at the gate bias lines and also

at the drain terminals (serving as supply bypass) [52].

2.7.5 Millimeter-wave Dual-Output Class-E-like PA Implementation
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Figure 2.41: (a) Dual-Output Class-E PA unit cell schematic (left) and impedance transformation

networks used for internally power-combining the output power available from top and bottom

devices (right). Impedance levels at pertinent nodes are annotated. (b) Drain-source voltage and

current waveforms for top and bottom devices exhibiting non-overlapping characteristics confirming

Class-E-like operation (Vgate,bot=0.6V,Vgate,top=1.8V, VDD,bot=1.3V, VDD,top=2.8V).

This section explores the design of a Dual-Output Class-E PA unit cell and a power-combined PA

employing two such unit cells. The unit cell PA, shown in Fig. 2.41(a) was designed for a saturated

output power of ≈15dBm (i.e. ≈30mW). The load impedance was split equally between the load

networks of the top and bottom devices in the PA implementations. Since the output amplitude is

the same, both devices deliver equal output power (≈12dBm) to the individual 100Ω loads. In order

to account for soft-switching at mmWave and poor quality factor of passive components employed
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in the impedance transformation networks, we assume a 3dB design margin in output power.

Utilizing the design methodology described in Sections 2.7.2 and 2.7.3, for each pairing of device

sizes the tuning of the individual Class-E load networks was varied to arrive at a global optimum for

PAE, while ensuring that the top and bottom devices deliver equal output powers to their respective

load networks. Finally, all the device sizes and associated component values were scaled so that

each device delivers ≈15dBm to its load network. It was found that PAE is optimized when the

bottom device is twice as large as the top device and both the load networks have the same tuning

n= 1

ω0×
√
Ls,1Cout,1

= 1

ω0×
√
Ls,2Cout,2

=1.412. This corresponds to real load impedances of 76Ω and 27Ω

for the top and bottom devices respectively. Intuitively, we would expect the bottom device to be

larger than the top device and drive a smaller load impedance to deliver the same power with half

the voltage swing. Fig. 2.41(a) illustrates the networks used for the top and bottom devices which

transform the respective optimal load impedances of 76Ω and 27Ω to 100Ω for power-combining,

while ensuring optimal phase and amplitude alignment at the final output node. In addition,

the topology chosen for the impedance transformation networks can conveniently absorb the pad

capacitance as well. The shunt transmission line used in the input matching network provides ESD

protection without any performance penalty.

A second PA prototype was implemented by current-combining two Dual-Output unit cells (with

larger device sizes, Fig. 2.42(a)) to further enhance the output power, approaching ≈20dBm on-

chip. The impedances at pertinent nodes are marked on the circuit diagram, while the impedance

transformation networks used for internal power-combining are illustrated in Fig. 2.42(b). Since the

50Ω load is equally split between the two current-combined unit cells, the optimal load impedance

for each device in the unit cell is transformed to 200Ω for internal power-combining. The increase

in load impedance along with device sizes (by a factor of almost two compared to the unit cell)

results in an impedance transformation that is four times steeper. Consequently, one can expect

higher losses in the matching networks and hence lower efficiency from the power-combined PA.

Alternative techniques such as transformer-based power-combining can be exploited to boost the

output power without sacrificing efficiency.

Following the approach described in Section 2.5.7, the simulated drain-source voltage and

switch-current waveforms for the Dual-Output PA unit cell is shown in Figs. 2.41(b). The non-

overlapping nature of the voltage and current waveforms along with their high harmonic content
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Figure 2.42: (a) Current-combined Dual-Output Class-E PA schematic. (b) Impedance transforma-

tion networks used for internally power-combining the output power available from top and bottom

devices. Impedance levels at pertinent nodes are annotated.

confirms switch-mode Class-E operation.

2.7.6 Experimental Results

(a) (b)

Figure 2.43: Chip microphotograph of (a) Dual-Output Stacked Class-E PA unit cell and (b)

two-way current-combined Dual-Output Class-E PA.
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The chip microphotographs of the two PAs are shown in Fig. 2.43. The Dual-Output Class-E

PA unit cell and the power-combined PA occupy 0.8mm×0.6mm and 1.06mm×0.6mm of die area

(without pads) respectively.

The layout and modeling of body-contacted power devices follows the strategy discussed in

Section 2.5.6. Two power device test structures with dimensions 1.5µm×100
56nm and 3µm×100

56nm (used in

the power-combined version of the Dual-Output Class-E PA fabricated in 45nm SOI CMOS) were

measured to have peak fmax of 135GHz and 105GHz respectively [32]. Usage of the available 40nm

floating-body devices and splitting the overall device into several smaller devices wired appropriately

in parallel should improve the fmax and hence the gain available from the device [49] and the

performance of our prototypes.

Fig. 2.44(a,b) and 2.44(c,d) illustrate the simulated and measured small signal S-parameters of

the Dual-Output stacked Class-E PA unit cell and the two-way current-combined PA implemented

in 45nm SOI CMOS. The measured peak gain of the Dual-Output unit cell PA is 9.8dB at 46GHz,

with a -3dB bandwidth extending from 41GHz to 57GHz. The -1dB bandwidth extends from 43GHz

to 51GHz, making it suitable for wideband applications. The measured peak gain of the power-

combined PA is 8.2dB at 51GHz, with a -3dB bandwidth extending from 45GHz to 57GHz. The

measured -1dB bandwidth spans 48GHz to 54GHz. As discussed previously in Section 2.5.8.1, the

PAs possess small-signal gain (despite being designed for Class-E operation under large input drives)

since at the DC bias point the devices are biased in weak inversion. The µ stability factor for the

prototypes, calculated using measured small-signal S-parameters, are depicted in Fig. 2.45(a). Since

the µ factor is always >1 throughout the measured frequency range, the PAs are unconditionally

stable.

The large signal performances of the fabricated prototypes are shown in Fig. 2.45(b) and (c)

respectively. The large signal performance of both the unit cell and the power-combined PA were

measured at 47.5GHz, despite the fact that small signal gain of the latter peaks at ≈50GHz

(Fig. 2.44(d)). Large signal measurement beyond 47.5GHz was limited by the characteristics of

the measurement equipment (specifically, a Quinstar PA used to drive the PAs under test). Mea-

surement results yield a peak PAE of 25.5% for the Dual-Output PA unit cell with a saturated

output power of 17.9dBm at 47.5GHz, and a peak PAE of 16% for the power-combined PA with

a saturated output power of 19.1dBm at 47.5GHz. Excellent agreement is observed between mea-
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Figure 2.44: (a) and (b) Small signal S-parameters of Dual Output Class-E PA unit cell

with Vgate,bot=0.52V,Vgate,top=1.6V, VDD,bot=1.2V and VDD,top=2.4V. (c) and (d) Small signal

S-parameters of current-combined Dual-Output Class-E PA with Vgate,bot=0.5V,Vgate,top=1.7V,

VDD,bot=1.1V and VDD,top=2.7V.

surement and simulation as a consequence of the active and passive device modeling efforts. The

current-combined PA achieves lower efficiency at 47.5GHz when compared with the unit cell due

to its steeper impedance transformations, larger power devices with lower fmax, and 50GHz center

frequency. It is worth mentioning that even though supply voltages greater than 1.25V (which is

the maximum recommended VDD in this technology) have been used in the prototypes, the actual

Vds across the devices in DC is always ≈1.1V owing to voltage drop across the interconnect resis-

tances. Furthermore, under large signal operation, bias values and input power are chosen to ensure

that maximum voltage difference across any pair of terminals never exceeds 2VDD,max=2×1.25V

for long-term reliable operation.
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Figure 2.45: (a) Small signal µ stability factors of Dual-Output Class-E PA unit cell and the

current-combined prototype, calculated using measured small signal S-parameters shown in Figs.

2.44(a), 2.44(b), 2.44(c) and 2.44(d) respectively. The stability factor is >1 over the measured

frequency range, indicating unconditional stability. (b) Large signal performance of the Dual-

Output stacked Class-E PA unit cell at 47.5GHz (Vgate,bot=0.6V,Vgate,top=1.8V, VDD,bot=1.3V,

VDD,top=2.8V). (c) Large signal performance of current-combined Dual-Output Class-E PA at

47.5GHz (Vgate,bot=0.5V,Vgate,top=1.9V, VDD,bot=1.4V, VDD,top=2.9V).

2.8 Millimeter-wave Watt-class Stacked Class-E-like Switching PA

Array in CMOS

As discussed previously in this chapter, recent works involving series stacking of multiple devices in

PAs have demonstrated moderate output powers (around 17-20 dBm) with high efficiency (20-35%)

in fine-line CMOS at mmWave frequencies. However, watt-level output power is yet to be achieved

at these frequencies.

This section describes a pathway to realize watt-level output power on-chip at mmWave from a

single CMOS IC. The use of a lumped quarter-wave combiner [14] that enables one-step, large-scale,

low-loss, on-chip power combining at mmWave frequencies, in conjunction with stacked Q-band

Class-E-like SOI CMOS PAs discussed in Section 2.5 results in watt-class operation (Psat >0.5 W)

from a 45 nm SOI CMOS PA array. Detailed discussions regarding the lumped quarter-wave

combiner can be found in [14] and only the highlights of the pertinent design considerations and

measurement results are presented here.
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2.8.1 Proposed Non-isolating Lumped Quarter-wave Combiner
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Figure 2.46: An n-way spiral-based lumped quarter-wave combiner with design equations.

The work in [14] proposes a quarter-wave combiner (shown in Fig. 2.46), which is essentially an

n−way Wilkinson combiner without the isolation resistors. In order to enable 8-way combining in

a single structure, a lumped π-section equivalent of a quarter-wave transmission-line is employed

in each path [53], with the π-section realized as a single spiral inductor (Fig. 2.47). To achieve

the desired Z0 = 50
√
n ohms and quarter-wavelength, the spiral must achieve an inductance of

L = 50
√
n/ωo (=500pH for n=8) and a parasitic capacitance of C = 1/(50

√
nωo) (=25fF for

n=8) on either side. Therefore, the number of elements that can be combined in a single step

will be limited by the achievable self-resonant frequency (SRF) of spirals in the BEOL. We found

that up to 12 elements may be combined based on achievable SRF, but pursued 8-way combining

in this work due to floor-planning considerations. The key insight is that larger-scale one-step

power combining is achieved compared to Wilkinson combining because spirals are able to achieve

higher Z0 (greater inductance for a given parasitic capacitance) than transmission lines via their

self magnetic coupling. Loss is also reduced as spirals are able to use wider line widths than thin

high-Z0 transmission lines. The combiner presents a 50Ω load to each PA. It is implemented in the
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top-most metal layer which has a thickness of 2.225µm and is 9.5µm above the substrate. Measured

breakouts show a spiral Q of 25 and 8-way combining efficiency of 75% at 45GHz, and excellent

agreement with EM simulations (78% at 43GHz). For comparison, 8-way-combining via a 3-layer

cascade of 2:1 Wilkinsons has a simulated efficiency of only 63%. A comparison of the lumped

quarter-wave combiner’s performance with conventional power combiners (three-level cascade of

2:1 Wilkinsons and a zero-degree combiner) can be found in [14].

2.8.2 Implementation Details
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Figure 2.47: Schematic of the 33-46 GHz watt-class PA array prototype.

In order to demonstrate the utility of the lumped quarter-wave combiner as a highly efficient,

large-scale power-combiner, a 33-46 GHz watt-class PA array prototype (shown in Fig. 2.47) is

fabricated in a 45nm SOI CMOS process. Eight stacked-FET PA unit-cells are combined using the

eight-way lumped quarter-wave combiner. The input power is delivered by means of an eight-way

input splitter whose details are discussed in [14]. The PA unit-cell used in the watt-class PA array

prototype is based on a two-stage design, where the driver is a two-stacked Class-E-like PA while

the output stage is a four-stacked class-E-like PA. A breakout of the two-stage PA unit cell was

discussed in Section 2.5.7.
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2.8.3 Measurement Results

Figure 2.48: Chip microphotograph of the 33-46 GHz watt-class PA array prototype. Chip dimen-

sions are 3.2mm×1.3mm without pads.

The 3.2 mm×1.3 mm watt-class PA array prototype (Fig. 2.48) is probed in a chip-on-board

configuration. The simulated and measured small-signal S-parameters are shown in Fig. 2.49(a).

A peak S21 of 19 dB is measured in small-signal at 50 GHz. The large signal performance vs

output power at three frequencies is summarized in Fig. 2.49(c) while the measured efficiency and

saturated output power across frequency are shown in Fig. 2.49(b). The PA achieves a peak Psat of

27.2dBm at 35GHz with a peak PAE of 10.7%. The prototype maintains 1 dB-flatness in saturated

output power (26-27 dBm) from 33-46 GHz while the measured PAE varies between 8.8% to 10.7%

in this range. It is interesting to note that the PA array achieves wider-bandwidth performance

than the PA unit-cells themselves (when they are loaded with a 50 Ω load impedance [3]) since

the eight-way lumped quarter-wave combiner’s input impedance tracks the optimal load impedance

required by the PA unit-cells over nearly the entire Q-band. Measurement below 33 GHz is limited

by the experimental setup, but it is expected that the PA’s bandwidth extends significantly below

Q-band. A preliminary probed RF stress test is performed where the watt-class PA array is operated

at the Psat drive level for approximately 12 hours at 44 GHz. The observed variations in output

power, drain efficiency and PAE are small (<0.5 dB, 1.4% and 1.4% respectively, Fig. 2.49(d)).

Drift in the setup (Quinstar driver PA, power sensors etc.), minor probe movements and DUT self
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heating due to imperfect conduction of heat away from the IC may be contributing factors. The

main purpose is to show the benefits of device stacking in distributing the voltage swing among the

stacked devices and the absence of immediate breakdown effects despite the high supply voltages

used.

(a) (b)

(c) (d)

Figure 2.49: (a) Simulated and measured small-signal S-parameters of the watt-class power-

combined PA array. Measured results showing (b) large-signal saturated output power, peak PAE

and drain efficiency at peak PAE across frequency. (c) Gain, PAE and drain efficiency across output

power levels for three frequencies. (d) Results of a preliminary probed stress test performed on the

PA for 12 hours.

2.9 Comparison with State of the Art

Table 2.4 depicts a comparison of the implemented stacked mmWave Class-E-like PAs to contempo-

rary state-of-the-art mmWave CMOS and SiGe PAs. The 65 nm PA is comparable to state-of-the-
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Table 2.4: Comparison of Fabricated PAs with State-of-the-art CMOS & SiGe mmWave PAs
Reference Technology Power Device Freq. VDD Psat η Peak PAE Gain ITRS FoM1

@
Class of Power Fully

fmax (GHz) (V) (dBm) (%) (%) (dB) FoM
∗∗

Operation Combining Integrated?

This 45nm SOI 190 GHz 47 2.4 17.6 42.4 34.6 13 59.43 13.85 Class E, None Yes

work CMOS (Measured) 2-stacked

This 45nm SOI 180 GHz 47.5 4.8 20.3 23 19.4 12.8 59.04 13.46 Class E, None Yes

work CMOS (Measured) 4-stacked

This 45nm SOI 190 GHz 47 2.4 (driver) 20.1 15.6 15.4 24.9 70.32 24.74 Class E, 4-stacked None Yes

work CMOS (Measured) 4.8 (PA) Two-stage cascade

This 65nm 180 GHz 47.5 2.8 18.2 35.8 28.3 11.2 57.45 12.34 Class E, Diff., with diff. output
$

Yes

work CMOS (Measured) 2-stacked

This 45nm SOI 138 GHz 47.5 2.8 17.9 33.8 25.5 9.8 55.3 12.5 Dual-Output Class-E, None Yes

work CMOS (Simulated) 2-stacked

This 45nm SOI 130 GHz 47.5 2.9 19.1 24.5 16 8.2 52.88 10.6 Dual-Output Class-E, Two-way current-combined Yes

work CMOS (Measured) 2-stacked

This 45nm SOI 190 GHz 35.1 2.4 (driver) 27.2 11.7 10.7 19.4 67.8 22.22 Class E, 4-stacked 8-way Lumped-element Yes

work CMOS (Measured) 4.8 (PA) Two-stage cascade λ/4 Power-combiner

[4] 45nm SOI 190 GHz 45 2.7 18.6 N/A 34 9.5 56.48 10.9 Class AB, None Yes

CMOS (Simulated) 2-stacked

[54] 32nm SOI N/A 60 0.9 12.5 N/A 30 10 52.83 N/A Class-E Diff. with diff. output
$

Yes

CMOS

[55] 40nm N/A 60 1 17.4 35.9 29.3 21.2 68.83 N/A Class AB 2-way diff. transformer combined Yes

CMOS

[56] 45nm SOI N/A 45 5.5 28 N/A 14 N/R N/R N/R Class AB, 4-way diff. No
++

CMOS 4-stacked spatial power comb.

[57] 40nm N/A 60 1 15.6 N/A 25 N/A N/A N/A N/A 2-way diff. transformer-combined Yes

CMOS (outphasing)

[45] 65nm SOI N/A 60 1.8 14.5 N/A 25 16 60.04 N/A Class AB, None Yes

CMOS cascode

[30] 45nm SOI 240 GHz 45 4 18.2 N/A 23 8 52.88 5.27 Class AB, None Yes

CMOS (Simulated) 3-stacked

[58] 65nm N/A 79 1 19.3 N/A 19.2 24.2 74.29 N/A N/A 8-way transformer and t-line combiner Yes

CMOS

[59] 65nm N/A 60 1 18.6 N/A 15.1 20.3 66.25 N/A N/A 4-way transformer combined Yes

CMOS

[5] 45nm SOI 250 GHz 45 5.1 24.3 21.3 14.6 >18 67 19.04 Class B/AB, Diff. with diff. output
$

No
+

CMOS (Measured) 4-stacked

[60] 90nm N/A 60 1.2 19.9 N/A 14.2 20.6 67.59 N/A N/A 4-way Wilkinson-tree combiner Yes

CMOS

[16] 65nm N/A 60 1 17.9 N/A 11.7 19.2 63.34 N/A Class A 4-way transformer and current combiner, Yes

CMOS diff. with diff. output
$

[61] 0.13µm 240 58 1.2 11.7 N/A 20.9 4.2 44.37 -3.23 Class E None Yes

SiGe BiCMOS (Measured)

[62] 0.13µm 240 GHz 42 2.4 19.4 N/A 14.4 6 49.45 1.84 Class E 2-way Wilkinson combiner Yes

SiGe BiCMOS (Measured)

[63] 0.13µm 240 GHz 45 2.4 14.75 N/A 30.8 7.8 50.5 2.9 Class B None Yes

SiGe BiCMOS (Measured)

[64] 0.13 µm SiGe N/A 41 4 23.6 N/A 31 12.5 63.3 N/A Class E, None Yes

2-stacked

[65] 0.13 µm N/A 45 2.5 21.7 25 22 9.3 57.5 N/A Class E 2-way Wilkinson combiner Yes

SiGe BiCMOS

[17] 0.13µm N/A 42 2.4 (driver) 28.4 N/A 28.4 18.5 73.9 N/A Class E 16-way power combined Yes

SiGe BiCMOS 4 (PA)

[66] 0.25µm GaAs N/A 40 6 27 N/A 26.6 16 69.29 N/A N/A None No
∗∗∗

pHEMT

[67] 0.12µm GaAs N/A 43.5 6 35.4 N/A 21 23 84.4 N/A N/A 16-way power combined Yes

pHEMT

∗∗
Defined as Psat(dBm)+ Gain(dB) + 20log10(Freq.(GHz)) + 10log10(PAE).

@
Defined as Psat(dBm)+ Gain(dB) + 20log10(Freq./fmax) + 10log10(PAE). The measured/simulated fmax of power devices is used for the calculations.

$
Ideal external lossless output balun assumed.

+
Uses off-chip bias-T for providing power supply.

∗∗∗
Uses bondwire inductor in output matching network. ++ Uses an on-PCB input matching network.
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art implementations in efficiency, despite the poor ON-resistance characteristics of the technology.

This is a direct consequence of the loss-aware Class-E design methodology. On the other hand, the

2-stacked PA in 45 nm SOI CMOS exhibits the highest PAE reported for a CMOS mmWave PA.

The PA reported in [31] exhibits similar PAE and output power, and also employs device stacking

in 45 nm SOI CMOS, but in the context of Class AB operation. The 4-stacked PA in 45 nm SOI

CMOS exhibits the highest output power achieved from a fully-integrated CMOS mmWave PA.

The work in [5] uses an off-chip bias-T to provide the supply voltage, and consequently does not

integrate the mmWave dc-feed inductor. Furthermore, it is a differential implementation with a

differential output, and assumes ideal 3 dB external differential-to-single-ended conversion. It is

important to study the output power delivered to a single-ended output pad when comparing works.

An on-chip dc-feed inductor is seen in simulation to introduce approximately 1 dB output-side loss

based on the quality-factor achievable in this technology. When these are factored in, the work

in [5] achieves comparable output power to our 4-stacked PA, with an associated PAE that is lower

than our 4-stack and comparable to our cascade PA. Other prior fully-integrated CMOS mmWave

PAs with comparable output power [58], [60], [32] rely on power combining. Since most of the

works reported in Table 2.4 operate at higher frequencies, it is important to use a figure-of-merit

(FOM) to ensure fair comparison. The ITRS FoM, defined as

ITRS FoM =Psat(dBm) +Gain(dB) + 10log10PAE + 20log10f0 (2.48)

where f0 is the operating frequency in GHz, takes into account four important performance metrics

of a PA. In order to incorporate technology limitations, the maximum oscillation frequency fmax

of the technology can be included as part of a modified FoM given by [68]:

FoM1 =Psat(dBm) +Gain(dB) + 10log10PAE + 20log10 (f0/fmax) (2.49)

The implemented single-stage prototypes achieve ITRS FOM and FoM1 comparable to current

state-of-the-art mmWave CMOS PAs and the highest amongst fully-integrated PAs which do not

employ power-combining. In particular, the two-stage cascade PA in 45 nm SOI CMOS achieves

the highest ITRS FOM amongst PAs which do not employ power-combining, and second highest

overall.

The Dual Output PAs achieve competitive performance in both ITRS FOM and FoM1, which

points to the efficacy of the Multi-output Class-E design methodology given the relatively low fmax



CHAPTER 2. STACKED SWITCH-MODE MILLIMETER-WAVE CMOS PAS 82

of the power devices in our prototypes (as a consequence of the usage of 56-nm body-contacted

devices and a continuous array of gate fingers). The use of the 40nm floating-body devices along

with a better multiplicity-based device layout is thus expected to improve absolute performance.

Design of minimum-loss matching networks that optimally distribute the output power at the

various intermediary nodes, along with potential applications of the multiple outputs for power

distribution in an integrated application constitute interesting topics for future investigation.

The eight-way power-combined PA achieves an output power of 27.2 dBm which is approximately

5 dB (3×) higher than any other CMOS mmWave PA and a very high ITRS figure-of-merit. The

implemented PA array also achieves the highest fractional bandwidth (33%). When compared with

the state-of-the-art SiGe mmWave PA [17], we see that aggressive device stacking in conjunction

with power-combining has enabled comparable performance despite the higher supply voltage of

0.13 µm SiGe. GaAs mmWave PAs [67] achieve higher output power but device stacking and

large-scale lumped-element power-combining have narrowed the gap.

2.10 Conclusion

The discussions and experimental results presented in this chapter indicate that aggressive stacking

in switch-like mmWave CMOS PAs in conjunction with low-loss, large-scale, lumped-element power-

combining enable the realization of efficient PAs in CMOS with watt-level output power at mmWave

frequencies for the first time. A state-of-the-art ultra-wideband watt-level CMOS PA at mmWave

frequencies has been demonstrated to verify the claims. This is a step towards enabling large-scale

deployment of low-cost, long-distance CMOS Q-band communication links.
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Chapter 3

Stacked Millimeter-wave Power DACs

The previous chapter outlined a pathway to realize energy-efficient watt-class mmWave CMOS PAs:

aggressive stacking in non-linear “switch-like” mmWave PAs to implement unit cell PAs with high

efficiency and moderate output power (≈20dBm) followed by large-scale power-combining of several

such unit cells using a low-loss combiner to achieve watt-level output power on-chip. The focus of

this chapter is to discuss the challenges associated with realizing transmitters that can efficiently

support complex digital modulations and propose architectural solutions to address these issues.

A discussion of the quintessential efficiency vs. linearity trade-off and efficiency under back-off

challenges in PAs is presented in Section 3.1 followed by an introduction to the concept of an RF

power DAC-based approach for realizing transmitters with high back-off efficiency in Section 3.2.

Prior works on mmWave power DACs is summarized in Section 3.3. Section 3.4 details a mmWave

power DAC-based PA architecture (first introduced in [69] and expanded in [14]), that simulta-

neously enables high saturated output power (Psat) through large-scale power combining, digital

amplitude modulation and high efficiency under back-off through supply-switching and linearity

through dynamic load modulation.

Section 3.4.2 describes the architectural overview, design considerations as well as implemen-

tation details and measurement results for high-power 1-bit mmWave DAC unit cells [33] used

in [14]. The implementation and measurement results of the overall 3-bit mmWave power DAC

( [14]) employing the unit cells are discussed in Section 3.4.3.

Section 3.5 describes supply modulation for stacked mmWave Class-E-like PAs as a pathway

to realize high-resolution power DACs while retaining high output power as well as high peak
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and average efficiencies. A novel supply-adaptive biasing scheme is proposed for stacked Class-E-

like power DACs to retain the benefits of stacking (equal voltage sharing) and Class-E switching

characteristics under supply modulation. Section 3.5.3 describes switched-capacitor supply modu-

lated stacked mmWave power DACs while a Class-G supply modulator-based “hybrid” mmWave

4-stacked power DAC is presented in Section 3.5.4 for a convenient practical implementation of

high-resolution mmWave power DACs with high peak and back-off efficiencies.

3.1 Linearity vs Efficiency Trade-off and Efficiency Under Back-off

Challenges for Conventional PAs

Figure 3.1: (a) Linearity vs. efficiency trade-off in conventional PAs and (b) efficiency under

back-off profile of conventional transmitters when supporting complex modulations.

As discussed in Chapter 2 there has been significant progress of late towards the implementation

of high-power, high-efficiency mmWave PAs in scaled CMOS through techniques such as switch-

mode operation and series stacking of devices [3–5] as well as power combining [14, 19, 56, 58].

Furthermore, a 0.5W PA was demonstrated in the Q-band using a single-step, 8-way, low-loss

lumped quarter-wave power combiner and stacked Class-E-like PA unit cells [14].

A second major challenge in the realization of energy-efficient transmitters arises from the trade-
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off between efficiency and linearity in conventional PAs. Quasi-linear PA classes (like class-A, class-

AB, class-B) are typically less efficient than their nonlinear counterparts (like class-E, class-D−1,

etc.), as shown in Fig. 3.1(a). Furthermore, it is not sufficient to achieve high efficiency operation

only at Psat. To efficiently utilize the spectrum and achieve high data-rates, PAs are operated in

highly backed-off regions to handle high-order modulations in a linear manner. Furthermore, the

high peak-to-average power ratios (PAPR) of high-order modulations implies that the PA would

spend an even larger fraction of the time operating at a backed-off power level. This causes the

average transmitter efficiency to plummet since the quintessential PA is most efficient near Psat and

exhibits poor efficiency under back-off (Fig. 3.1(b)). PAs employing architectures such as outphas-

ing [70,71] and Doherty [72] are extensively used at RF frequencies to achieve high efficiency under

backoff. However, the load modulation effect in outphasing is quite weak at mmWave frequencies

and does not provide significant benefits in efficiency under back-off [57]. The Doherty architecture

offers considerable improvement in efficiency under back-off but requires extensive linearization,

which can be challenging at the high data rates typically employed at mmWave frequencies [73].

3.2 RF DAC: A New Design Paradigm in Fine-line CMOS

The incredible advancements in mainstream CMOS technology suggest a paradigm shift in the

design philosophy of RF circuits, based on a fundamental observation:

“In a deep-submicron CMOS process, time-domain resolution of a digital signal edge transition

is superior to voltage resolution of analog signals” [74].

In other words, encoding information in the edge transitions of signals (time-domain) is prefer-

able to encoding in the amplitude levels (voltage domain) as in a conventional analog design ap-

proach. This suggests an analog/RF design strategy exploiting fast switching characteristics of

MOS transistors with fine control of timing transitions, while minimizing the reliance on voltage

resolution which is adversely affected by a continuous reduction in supply voltage and increasing

noise and interferer levels. Additionally, such “digital-intensive” architectures would be highly

reconfigurable thereby facilitating in-field performance optimization and reconfigurability across

bands and standards. An additional benefit would be portability from one process node to the next

with minimal modifications.
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The aforementioned benefits have impelled research efforts towards the realization of digitally

intensive/all-digital RF transmitters that simultaneously achieve high output power, linearity (po-

tentially through digital pre-distortion) and efficiency under back-off while being highly reconfig-

urable and portable [75–79]. The use of an RF Power Digital-to-Amplitude Converter (DAC) or

RF Power DAC provides a pathway to realize such “digital” transmitters and the next section

discusses the extension of the principles to realize the same at mmWave frequencies.

3.3 Prior Work on mmWave Power DACs

Figure 3.2: Direct modulator topologies for mmWave power DACs [2]: (a) Double-balanced

baseband-DAC topology and (b) double-balanced RF-DAC topology.

There have been some recent works on the implementation of high-power mmWave DACs

[2,80,81] that directly translate the design approaches for DACs implemented at RF frequencies to

mmWave. The work in [2] provides an overview of possible RF-DAC or direct-modulator topolo-

gies. The technique builds on the idea of using Gilbert-cell upconversion mixers (that commute

an RF/mmWave signal in the Gilbert-cell mixing pair/ mixing quad) and segmenting either the

transconductor or the mixing quad devices with independent control signals to implement a mod-

ulator with multi-bit amplitude resolution. A key difference is that unlike a conventional mixer,

both the transconductor and the mixing quad operate in switching mode in a modulator. De-

spite the higher energy-efficiency of a single-balanced topology, the strong data-dependent output

impedance variations result in significant AMAM and AMPM distortion. Consequently, a double-

balanced modulator topology is preferred for implementing direct modulators [2]. As illustrated in
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Fig. 3.2(a) and (b), two double-balanced modulator configurations are possible [2]: 1) baseband-

DAC, where the data are first applied at the gates of the bottom differential pair and are then

up-converted by the LO (mmWave) signal driving the gates of the Gilbert-cell mixing quad [80]

and 2) envelope-DAC or RF-DAC (Fig. 3.2(b)), where the LO signal is applied at the gates of the

differential transconductor pair and its envelope is modulated by the data applied at the gates of

the mixing quad [82].
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Figure 3.3: (a) Schematic of the mmWave 9-bit Power DAC presented in [2]. Simulated (b) output

power and output amplitude vs digital amplitude word and (c) drain efficiency and PAE vs. output

power of the 9-bit DAC at 90GHz in IBM 45nm SOI CMOS.
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Although in both cases the modulated carrier (mmWave) signal appears at the drain terminals

of the mixing quad, there are topology-specific nuances that must be considered for mmWave

purposes. As discussed in [2], the baseband-DAC arrangement allows the data inputs to be driven

with low-voltage standard CMOS logic at the expense of higher capacitive loading for the mmWave

(LO) and modulated output signals, since each phase of the LO and modulated output is loaded by

two devices. Moreover, the LO signal experiences the power gain of a single device, which can be

small at mmWave frequencies. The RF-DAC topology on the other hand facilitates higher gain for

the LO signal since it is amplified by a cascode stage and the gain can be further increased by series

device stacking [3], [4]. Additionally, the capacitive loading on the LO path is lower. However, the

high dc bias voltage at the gates of the cascode data devices necessitates CMOS drivers realized

with thick-oxide MOSFETs.

Fig. 3.3(a) shows the schematic of the stacked Gilbert-cell power-DAC proposed in [2]. Since the

large signal performance metrics as a function of the amplitude control word were not reported in [2],

the schematic in Fig. 3.3(a) was simulated in IBM 45nm SOI CMOS at 90GHz using the circuit

parameters reported in the work (without layout parasitics). The close correspondence between the

simulated peak output power, drain efficiency and PAE (Fig. 3.3(b) and (c)) with those reported

in [2] indicate that these simulations can be used as a reasonable representative of the characteristics

of the topology. As is evident from Fig. 3.3(c), despite incorporating multi-bit resolution into the

stacked mmWave power DAC, the technique suffers from poor back-off efficiency (
η−6dB

ηmax
=23%

and
PAE−6dB

PAEmax
=13.5%). This is expected, since the RF-DAC topology maintains a constant dc

power consumption irrespective of the amplitude control word, resulting in a linear degradation in

efficiency as output power is backed-off. The small signal transfer characteristics reported in [2]

suggest reasonable linearity with digital code. The corresponding large signal simulations indicate

a compressive output characteristic with amplitude word (if the DAC is viewed to have 7-bit

resolution considering amplitude word 128 to 256 or 0 to 128) which would necessitate Digital

Pre-Distortion (DPD) [83] for linearization. Alternatively, we can view it as a 5-bit DAC with a

linear output profile (control word 128 to 160 or 96 to 128).

In contrast, the work in [80] uses the baseband-DAC topology to realize an 8-bit I/Q power

DAC, where the dc power consumption scales with the amplitude control word. This facilitates a

more graceful Class-B-like back-off in efficiency (
η−6dB

ηmax
=50% and

PAE−6dB

PAEmax
=59%). However, this
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improvement in back-off efficiency comes at the expense of increased AM−AM and AM−PM non-

linearity (compared to the RF-DAC configuration) owing to the data-dependent output impedance

variations. It should be noted that a double-balanced topology for the baseband-DAC topology

does not reduce these non-linearities. The aforementioned results from contemporary power DAC

implementations suggest that we need more efficient schemes for realizing multi-bit mmWave power

DACs without sacrificing peak and average efficiencies as well as linearity.

3.4 mmWave Power DAC Based on Supply Switching, Power Com-

bining and Load Modulation

3.4.1 Mixed-Signal Linearizing Architecture for mmWave Power DACs

PA2

PA1
1

2

n

OUT

1

2

n

IN

Input Splitter Non-isolating 
Power Combiner

mmWave 
Input

Modulated 
mmWave 

Output

DSP

Baseband 
input

PAn

Zin(m)

Zin(m)

b1

b2

bn

Zoff

ON unit-cell PA OFF unit-cell PA Digital signal path

Rload

Figure 3.4: Digitally-controlled load modulated power DAC architecture.

Recently, high-power high-efficiency 1-bit mmWave DAC cells have been proposed [5] which

either operate in saturated output power mode or are turned off to maximize average efficiency.

Several such mmWave power DAC unit cells can be combined in a large-scale, on-chip/free-space

power-combining architecture (Fig. 3.4) to realize a power DAC with multi-bit resolution and

high efficiency under back-off. Depending on the nature of the combiner (isolating versus non-
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isolating), load modulation effects may be observed which can be exploited for benefit to linearize

the DAC [14].

A digitally controlled, supply-switched and load modulated switching PA architecture based on

Fig. 3.4 was proposed in [14]1. It is the first linearizing PA architecture at mmWave frequencies

that simultaneously employs large-scale power combining to enable high output power, PA supply

switching and load modulation for high efficiency under back-off, and load-modulation for lineariza-

tion of switching PAs. The architecture employs several (n) switching-class mmWave PA unit-cells

which can be individually turned ON or OFF by means of a digital control bit. These are combined

using a non-isolating power combiner to make an overall linear mmWave DAC with high back-off

efficiency through the load modulation of the combiner and the elimination of DC power consump-

tion in OFF PAs. Details regarding the implementation of highly linear direct digital-to-mmWave

DACs using this architecture can be found in [14] and only design considerations for the realization

of the 1-bit mmWave power DAC cells used in the work are presented in this chapter.
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1In collaboration with Ritesh Bhat, Columbia University.
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3.4.2 Millimeter-wave 1-bit Stacked Power DAC

Fig. 3.5 depicts the architecture of the proposed 1-bit mmWave CMOS power DAC used as a unit

cell in [14]. The mmWave path (Fig. 3.6(a)) in this mixed-signal architecture consists of a driver

stage followed by the main amplifier, both of which are Class-E-like PAs with 2 devices stacked (as

described in [3] and Chapter 2). Both stages are designed using the Class-E-like mmWave design
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Figure 3.6: Schematics of the proposed 1-bit mmWave power DAC with (a) mmWave path and (b)

digital path highlighted.
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principles described in [3]. The PA unit cell is augmented with digitally controlled switches at

strategic locations in order to facilitate high-speed 1-bit ASK (OOK) modulation (Fig. 3.6(b)):

(a) pMOS supply-switch M8 for the main PA (b) input-match switch M1 for the driver (c) gate-

bias switches M2 and M5 and (d) bias-control switches M9 and M10 for the driver and main PAs

respectively. When the PA is ON (Fig. 3.7), M8 is turned ON, allowing the PA to draw its dc

current. Simultaneously, M2 and M5 are turned OFF while M9 and M10 are turned ON, so that

the driver and the main PA receive their nominal operating gate biases. M1 is turned OFF as well,

since the input impedance of the driver is matched to 50Ω.
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Figure 3.7: Simplified schematic illustrating ON state operation of the proposed 1-bit mmWave

power DAC.

When the PA is turned OFF (Fig. 3.8), M8 is turned OFF ensuring that there is no wasteful dc

current drawn by the main PA. A different strategy is adopted for de-activating the driver PA. M2

shorts the gate of the driver’s input device (M3) to ground ensuring that an OFF driver draws no

dc current. The combination of these two techniques helps conserve power. M1 is also turned ON,

which, in conjunction with the series 44Ω resistor preserves input-match for the OFF driver. The

DAC cell is utilized in a large-scale power-combining architecture (Figs. 3.4, 3.22) which requires
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Figure 3.8: Simplified schematic illustrating OFF state operation of the proposed 1-bit mmWave

power DAC.

that an OFF PA present a short-circuit impedance to the combiner in order to facilitate load

modulation under back-off, resulting in a linear output amplitude with number of PAs ON [14].

This is accomplished by means of gate-bias switch M5 for the main PA, which applies a high gate

bias to M6 when the PA is in the OFF state. The switches M9 and M10 are turned OFF as well. A

single control bit bn is used for all the switches, with appropriate logic inversion. As shown in Fig.

3.6(b), the control bit is fed to two separate inverter chains: one driving the supply switch and the

other the input-match and gate-bias switches. The inverters in each path (in particular, the chain

driving M8) are sized up progressively to drive their respective load capacitances.

In 45nm SOI technology, the DC VDS,max is 1.2V, and the peak RF swing across any two device

junctions must be kept below 2 × VDS,max for the 40nm floating-body (FB) devices for long term

reliable operation. A thick-oxide pMOS device is used as the supply switch with a DC VDS,max of

2.4V. Therefore, at most two FB devices can be stacked in the main PA to prevent breakdown of

the pMOS supply switch in both ON and OFF states. To increase output power, the main PA is

designed for an optimal load of 25Ω, which is transformed to 50Ω using transmission lines.
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3.4.2.1 Design Considerations and Trade-offs

Ƭ1,Ƭ2« Ƭ=1/fmod
Cin,1

Ƭ1=Rbias,1×Cin,1

Rbias,1

Ƭ2=Rbias,2×Cin,2
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Cin,2

Rbias,2

Driver Stage Output Stage

Figure 3.9: Considerations for bias-path RC time-constant to support Gbps modulation in the 1-bit

Power DAC cell.

This section presents a detailed discussion of factors affecting modulation speed, dynamic power

dissipation, impact of digital path delays and supply/ground bounce.

3.4.2.1.1 Modulation Speed: The modulation speed of the DAC is essentially limited by the

bias-path RC time constants associated with nodes whose bias voltages are changed during turn

ON/OFF. In particular, bias resistors connected to the gates of M3 and M6 present an important

trade-off: a large bias resistor will have less impact on mmWave static performance but will slow

down the rise/fall time of the PA when it is turned ON/OFF (Fig. 3.9). Based on the total capaci-
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tance at the gate nodes, bias resistors of 1KΩ for the driver and 500Ω for the main PA were found to

be optimal for supporting Gbps modulation. Startup circuits can be used to accelerate the charging

and discharging process and resolve the trade-off between speed and mmWave performance.
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Figure 3.10: Incorporation of large decoupling capacitors into input and output impedance trans-

formation networks to minimize settling time of DAC cell.
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Figure 3.11: Impact of bias-path RC time constant on settling time of 1-bit Power DAC cell for

(a) 500Ω and (b) 1.5KΩ biasing resistor for input device M6 of output stage (simulated using a

100MHz 50% duty-cycle clock).



CHAPTER 3. STACKED MILLIMETER-WAVE POWER DACS 96

Referring to the power-combined DAC architecture in Fig. 3.4, it is evident that decoupling

capacitors are necessary in order to isolate the gate and drain biases of ON and OFF PAs. Con-

sequently, series decoupling capacitors were incorporated into the input and output impedance

transformation networks (Fig. 3.10). The value of the series decoupling capacitor needs to be

carefully chosen: a large series decoupling capacitor will increase the rise/fall time under modula-

tion due to increase in bias-path RC time constants but will have less impact on mmWave static

performance due to its lower series loss.

Fig. 3.11 underscores the importance of RC time constant on output settling time. In Fig.

3.11(a) a 140fF input decoupling capacitor and optimal biasing resistor are used for the main PA,

while Fig. 3.11(b) illustrates the situation where a 100pF input decoupling capacitor is used along

with a large biasing resistor. In the latter case, the output voltage fails to settle to its steady-state

value, which is slightly below 2V.
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Figure 3.12: Average DC power consumption and average drain efficiency (DE) of the supply-

switched DAC cell as a function of total supply bypass capacitance in the main PA (Cbypass,1) for

a 500MHz clock input with 50% duty-cycle.

3.4.2.1.2 Dynamic Power Dissipation: The charging and discharging of circuit nodes un-

der modulation is also associated with capacitive discharge loss (Fig. 3.12(a)), given by Ploss,cap =
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kf0C (∆V )2, where k is the activity factor2 of the modulation signal, f0 is the frequency of mod-

ulation, C is the capacitance at that node, and ∆V is the change in the node’s bias voltage upon

turn ON/OFF. The loss is particularly relevant for nodes associated with large capacitance, such

as the drains of M8 (connected to a large supply switch and large bypass capacitors) and M7 (con-

nected to large decoupling capacitors). The pMOS supply switch must be large to have a small

on-resistance to not degrade static drain efficiency. This comes at the cost of an increased parasitic

capacitance, which exacerbates the switching losses as the PA is turned ON/OFF, resulting in a

trade-off in its size. The input and output decoupling capacitors need to be optimized as well to

minimize switching loss. The input decoupling capacitor can be conveniently absorbed in the input

matching network thereby reducing its loss. A similar technique could not be utilized on the out-

put side, and the decoupling capacitance (which has a poor quality factor at mmWave frequencies)

was chosen carefully so as to minimize the degradation in static performance while not increasing

dynamic power dissipation too severely. The simulated degradation in average efficiency is shown

in Fig. 3.12(b) for a 500MHz clock input with 50% duty-cycle as the supply bypass of the main

PA is increased from the nominal design point, keeping the driver’s supply bypass and all other

capacitors unchanged. Evidently, there exists an optimal value for the supply bypass which should

be used to maximize PAE. It should be noted that a PRBS sequence has an activity factor of 1
4 ,

while that for a 50% duty-cycle clock is 1. Thus, a 500MHz clock input corresponds to a 2Gbps

PRBS (assuming settling time of the circuit is << 500ps so it can support the modulation).

3.4.2.1.3 Digital Path Delays and Rise/Fall Times: While digital path timing is critical

in all high-resolution DACs, its importance within a mmWave power DAC unit cell from average

efficiency and reliability points of view is described here. The delays and rise/fall times are carefully

tailored so that, as the PA is turning off, M8 turns OFF before M5 turns ON. Otherwise, there

would be a period of time when both M8 and M5 are ON, thereby applying a high gate bias to M6.

The resulting increase in current would degrade average efficiency and is likely to affect long term

reliability as well. This phenomenon is illustrated in Fig. 3.13 for a 500MHz clock input with 50%

duty-cycle, where slow rise time of the supply-switch control (Vctrl) results in a large drain current

IDS being drawn by the main PA before turning off. The slow rise time is created by introducing

2Defined as the average number of rising-edge falling-edge pairs per clock period.



CHAPTER 3. STACKED MILLIMETER-WAVE POWER DACS 98

M7

0.45V1.1V

M6
t0

t1

M7

0.45V1.1V

M6

t0<t<t1

2.6 V

Large
IDS

1.8 V 1.8 V

(c)

(a) (b)

High VGS,6

M5

2.6 V

M8 M8

M5

Vctrl

Figure 3.13: (a) Slow rise time of the supply-switch control (Vctrl) in the presence of extra digital

path interconnect, (b) the resulting spike in drain current IDS of the main PA in the DAC cell, and

(c) circuit illustration of the mechanism.

additional interconnect between the final inverter and the supply switch. This issue can be better

averted by using retiming to align the various digital signals.

3.4.2.1.4 Ground/Supply Bounce: Finally, the presence of supply and ground wirebond

inductances can cause the on-chip supply and ground nodes to “bounce” [84]. Fig. 3.14 illustrates

simulated supply and ground bounce using ground wirebond inductances of 300pH and supply

wireobnd inductances of 500pH. Evidently, the supplies of the output stage (main PA) and the
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Figure 3.14: Simulations illustrating bounce in the supplies of (a) the output stage (main PA) and

(b) driver stage of the 1-bit mmWave power DAC with 20pF bypass capacitances and without

them. Simulations comparing bounce in the on-chip (c) RF ground and (d) digital ground of the

power DAC in the presence and absence of 20pF bypass capacitances. Supply and ground wirebond

inductances of 500pH and 300pH respectively were used.

driver, as well as the on-chip RF and digital grounds sustain higher bounce in the absence of bypass

capacitance than when 20pF bypass capacitances are included. This is a particular challenge in
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RF DACs because there is a large change in dc current between the ON and OFF states (Fig.

3.15(a)). Ground/supply bounce can cause changes in the instantaneous VGS of devices, turning

them ON/OFF unpredictably which compromises desired functionality and can pose reliability

concerns as well. Furthermore, the ringing in the waveforms caused by ground/supply bounce

increases the settling time of the PA, thereby limiting modulation speed (Fig. 3.15(b)). Since

the high frequency signal path conducts a large current and would exhibit largest “bounce”, the

impact on the digital components can be mitigated by separating the on-chip grounds for the

digital and mmWave paths. In addition, by deriving all bias voltages from the on-chip power

supply and ground, and using sufficient on-chip supply bypass, ground and supply bounce can be

equalized so that device voltages become immune to them. Using large number of ground pads is

also recommended so that the on-chip and off-chip ground potential are comparable. Interfacing

to off-chip signal differentially e.g. using LVDS for digital signals and differential RF input and

output ports also improves resilience to ground and supply bounce.
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Figure 3.15: (a) Large change in current at the switching instant of the 1-bit power DAC. (b) The

resulting ground bounce (arising from ground wirebond inductance) causes ringing in the waveforms

affecting the settling time and hence modulation speed of the PA.
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Figure 3.16: (a) Simulation setup for input-side modulation of the mmWave 1-bit power DAC cell.

Simulated average large-signal performance at 45GHz with (b) supply-switching and (c) input-side

modulation, both using a clock input with 50% duty-cycle.



CHAPTER 3. STACKED MILLIMETER-WAVE POWER DACS 102

3.4.2.2 Comparison with Conventional Input-side Modulation

An alternative means of accomplishing OOK is modulation exercised from the input of the PA.

The supply-switched PA can be tailored to support input-side modulation by inserting a switch

(controlled by the modulating signal) in series at the input of the PA (Fig. 3.16(a)). The digital

path is deactivated, except for the control to the input-match switch M1, which is retained in order

to present the driving source with a 50Ω load when the PA is not driven. Figs. 3.16(b) and (c)

compare the simulated performance metrics of the supply-switched architecture with input-side

modulation. Evidently, amplitude modulation via supply-switching yields higher average output

power as well as average efficiency (since DC power consumption is eliminated when the PA is turned

OFF) and can therefore support modulation speeds of ≈ 700Mbps with average drain efficiency

>10%.

3.4.2.3 Experimental Results

The 1-bit power DAC (Fig. 3.5) is tested in chip-on-board configuration through on-chip probing.

A comparison of measured and simulated small signal S-parameter is shown in Fig. 3.17.

A peak S21 of 20dB is measured in small signal at 51GHz. The setup for conducting modulation

measurements is illustrated in Fig. 3.18. A R&S SMY01 signal generator serves as the input

clock for an Anritsu MP1763B PPG, which provides a PRBS as the ASK control bit to the PA.

The modulated waveform is displayed in an Agilent 86100B oscilloscope, which is triggered by a

“Pattern Sync” signal from the PPG. Average output power is measured using Agilent N1914A

power meter, while the modulated spectrum is observed on an Agilent E4448A PSA. A comparison

of measured and simulated performances under continuous-wave operation is shown in Fig. 3.19(a).

A saturated output power of 18.2dBm with a peak PAE of 15.3% is measured at 47GHz. OOK

modulation using a 27-1 PRBS was applied at modulation speeds ranging from 100Mbps to 1Gbps

along with a 47GHz carrier input at the Class-E drive level. Modulation rates beyond 1Gbps

could not be applied owing to the limitation of the clock generator. Fig. 3.19(b) summarizes the

measured large-signal average performance metrics for different modulation speeds. At 400Mbps,

an average output power of 15.7dBm was measured, and an average drain efficiency of ≈ 10% is

maintained. In Fig. 3.20, screenshots of the time domain waveform and the modulated output

spectrum are shown for a modulation rate of 1Gbps. The zoomed-in views for the time-domain
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Figure 3.17: Small-signal S-parameter measurements of the 1-bit digital-to-mmWave Power DAC

prototype.

output are shown in Fig. 3.21 from which the rise time and fall time are calculated to be ≈213ps

and ≈225ps respectively. No bit errors were observed at 1Gbps, indicating that the 1-bit power

DAC can be used beyond 1Gbps. The measured amplitude modulation depth (or extinction ratio)

is 32dB.

3.4.3 Linearized Multi-bit mmWave Power DAC using Supply-switching and

Digitally-controlled Load Modulation

3.4.3.1 Architecture

The 1-bit mmWave power DAC is used in a digitally-controlled quarter-wave load-modulated

switching PA array architecture (Fig. 3.22). Introduced in [69], several (n) Class-E-like mmWave

1-bit power DACs (described previously) are combined using the lumped-element quarter-wave
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Figure 3.18: Setup used for large-signal measurements of the 1-bit digital-to-mmWave Power DAC

prototype.

Figure 3.19: (a) Measured and simulated large-signal continuous-wave performance of the mmWave

1-bit power DAC cell at 47GHz, and (b) measured average large-signal metrics at 47GHz with 27-1

PRBS OOK at different speeds.

combiner (similar to the one described in Chapter 2). A key feature of the combiner is its load-

modulation behavior as PAs are turned OFF. Assume that n-m PAs are turned OFF, and m

PAs are kept ON. Each PA is designed to present a short-circuit output impedance to the com-
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Figure 3.20: (a) Measured DAC cell time-domain output with 1Gbps 27-1 PRBS OOK input and

47GHz carrier. (b) Measured DAC cell output spectrum with the 1Gbps OOK modulation.
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Figure 3.21: Zoomed-in view of the measured DAC cell time-domain output showing (a) rise time

and (b) fall time with 1Gbps 27-1 PRBS OOK input and 47GHz carrier. Setup losses have not

been de-embedded.

biner when turned OFF. The λ/4 branch transforms this short-circuit impedance to an open cir-

cuit at the combining point. Consequently, the impedance seen by the m ON PAs is Z2
0/(50m)

(=200/m ohms in the implementation described here, as Z0 = 100Ω, L=353pH and C=35.4fF).

Switching-class PAs are essentially voltage-source-like PAs which produce an output power that is
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digital paths are for the OFF PAs (shaded in grey) while the green digital paths are for the ON

PAs.

inversely proportional to load resistance. Consequently, the output power of each PA is given by

Punit ∝ V 2
DD/(200/m) ∝ m and the total output power is given by Pout ∝ m2. Thus, the load mod-

ulation makes the output amplitude linear with m. Various design considerations pertaining to this

architecture are thoroughly discussed and corroborated with theoretical analyses, simulations and

measurements in [14] and only the highlights of experimental results are discussed in this chapter.

Three possible usage scenarios may be envisioned for this architecture, namely: (i) as a mmWave

power DAC, where the input is maintained at a Class-E drive level and output amplitude is con-

trolled digitally by turning PAs ON and OFF, (ii) as a power amplifier with the digital control

purely exercised as a means of efficient static output power control (i.e. to support low-power

modes with high efficiency), and finally (iii) as a power amplifier where the output modulation

is constructed by means of a combination of input modulation and digital control for efficiency
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under back-off. Options (ii) and (iii) are enabled by the fact that the mmWave Class-E-like PAs

do possess linearity and small-signal gain due to soft-switching at mmWave frequencies [3]. The

third option bears some resemblance to a multi-step Doherty architecture [72], but is distinct in

the nature of the output combiner and the load-modulation mechanism.

3.4.3.2 A Linearized 3-bit 42.5GHz Power DAC Implementation

A three-bit mmWave power DAC operating at 42.5GHz is implemented based on the architecture

proposed in Section 3.4.3.1 (Fig. 3.22). Eight 1-bit mmWave power DAC unit cells (described

previously) are power combined using a lumped quarter-wave combiner (described in Section 2.8.2).

Since the power DAC unit cells have an optimal load impedance of 25Ω, the eight-way combiner

used in the power-combined array is designed to transform a 50Ω load at the output pad to a 25Ω

load at each of its inputs. This corresponds to Z0 = 100 Ω, requiring L=353 pH and Cp=35.4 fF

for the lumped element model at 45 GHz. The combiner has a peak efficiency of 65% and the spiral

used has QL = 12 and QC = 50 from EM simulations. The lower peak efficiency is due to the higher

transformation ratio and the lower QL of the spirals. Eight digital control lines (b1− b8) determine

the ON/OFF state of the unit-cells and thereby determine the PA array’s output modulation. The

lengths of these digital control lines are equalized to minimize skew in the digital control word

input to the PA array during modulation. Eight-way power-combining of the 1-bit DAC cells in

the linearizing architecture is expected to yield an effective three bit amplitude resolution along

with an output power of 25dBm, accounting for the combiner’s loss.

3.4.3.3 Experimental Results

The fabricated three-bit digital to mmWave PA array prototype is shown in Fig. 3.23 and has

an active area of 3.2 mm×1.3 mm. Small-signal S-parameter measurements shown in Fig. 3.24

indicate that input and output match are maintained across the digital control settings. The

measured large-signal Pout vs. Pin profile of the PA array measured at 42.5 GHz can be seen in

Fig. 3.25(a) across m. A Psat of 23.4 dBm is achieved when all PAs are ON. Fig. 3.26 shows

drain efficiency and PAE as a function of output power at 42.5 GHz across digital control settings.

The optimal drain efficiency and PAE contours depict how the digital control should be exercised

in conjunction with input modulation for maximum average efficiency for usage scenario (iii). Our



CHAPTER 3. STACKED MILLIMETER-WAVE POWER DACS 108

Figure 3.23: Chip photograph of the Q-band three-bit digital to mmWave PA array prototype.

measurements show a 2.25× improvement in drain efficiency and a 1.75× improvement in PAE at

6dB back-off over the baseline case where all PAs are always kept ON. The peak PAE (6.7%) and

output power (23.4 dBm) are lower than simulated (14% and 24.5 dBm) due to lower PAE in the

unit cell in measurement vis-a-vis simulation and frequency mismatch between the PAs and the

combiner. The PAE and gain under back-off (lower values of m) are also expected to be higher

in an SoC transmitter implementation, either through elimination of the input 50 Ω terminations

presented by OFF PAs (which degrade PAE and gain under back-off) through co-design with the

preceding driver stage or through the addition of another driver stage within each supply-switched

unit-cell.

Usage scenario (i) is a subset of scenario (iii) where the input power is kept constant at the peak

value and the PA behaves as a 3-bit quantizer. The efficiency vs Pout curve would therefore be a

set of discrete points for a constant Pin across m settings in Fig. 3.26. The measured saturated

output voltage (Fig. 3.25(b)) displays the expected linear profile with m demonstrating its utility

as a three-bit mmWave power DAC. The DNL and INL of the prototype are shown in Fig. 3.27.

The DNL never exceeds 0.5 LSB and the INL is always within 1 LSB. The simulated phase-shift

as a function of digital control word is shown in Fig. 3.25(b) and exhibits very small AM-PM

nonlinearity. Since a phase modulator was not implemented in this work, we resort to simulations

to determine the required phase modulator resolution to meet spectral mask requirements in a

complete mmWave transmitter implementation. Assuming that EIRP requirements in the 45GHz
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(a) (b)

(c) (d)

Figure 3.24: Measured small-signal S-parameters vs. digital control setting of the three-bit digital

to mmWave PA array prototype.

band for SATCOM applications are similar to those in the 60GHz regime, the IEEE 802.11ad

spectral mask can be used to illustrate the impact of phase modulator resolution on the output

spectrum of the linearized DAC as shown in Fig. 3.28. It can be seen that a phase resolution of 4

bits or higher in conjunction with this 3-bit power DAC can satisfy spectral emission requirements.

3.4.4 Comparison with State of the Art

Table 3.1 compares this work with state-of-the-art CMOS mmWave PAs, some of which employ

efficiency enhancing architectures. This PA achieves one of the lowest degradation in PAE under

6 dB back-off while having the highest saturated output power among PAs using such architectures.
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(a) (b)

Figure 3.25: (a) Measured output power versus input power and (b) measured saturated output

voltage and simulated phase shift for different digital control settings (i.e., different number of PAs

on) at 42.5 GHz for the three-bit digital to mmWave PA array prototype.

(a) (b)

Figure 3.26: (a) Drain Efficiency vs. Pout and (b) PAE vs. Pout for different digital control settings

(i.e., different ms) at 42.5 GHz for the three-bit digital to mmWave PA array prototype. *Curves

are slightly offset for clarity.

3.5 Supply-modulated mmWave Class-E-like Power DACs

The mmWave power DAC proposed in [14] demonstrated a pathway to realize mmWave power

DACs with high output power that can be turned ON and OFF at high speeds for supporting
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Figure 3.27: Measured DNL and INL of the three-bit digital to mmWave PA array prototype at

42.5 GHz.

Figure 3.28: Phase modulator resolution required to satisfy IEEE 802.11ad spectral mask when the

proposed mmWave 3-bit power DAC prototype is incorporated into a transmitter.
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Table 3.1: Comparison with State-of-the-Art mmWave PAs with Psat > 20dBm or employing

efficiency enhancing architectures
Ref. Technology Freq. VDD Pout,sat η

η−6dB

ηmax
PAEmax

PAE−6dB

PAEmax
Gainmax ∆f/f0 ITRS Area Architecture Fully Integration

(GHz) (V) (dBm) (%) (%) (%) (%) (dB) (%) FoM
4

(mm2) Integrated? Complexity

This work 45nm 42.5 2.6 23.4 8.2 70.7 6.7 67.7 15 32 58.8 4.16 Proposed 3-bit Yes Direct digital

SOI CMOS mmWave Power DAC to mmWave

[85] 40nm 80 0.9 20.9 N/R N/R 22.3 32.7 18.1 19.5 70.5 0.19 4-way diff. Yes

CMOS power combined PA only

[4] 45nm 41 5 21.6 N/R N/R 25.1 60 8.9 22 56.8 0.3 4-stacked PA Yes

SOI CMOS PA only

[86] 40nm 60 1.2 22.6 N/R N/R 7 35.7 29 11.6 75.6 2.16 8-way diff. Yes

CMOS power combined PA only

[56] 45nm 45 5.5 28 N/R N/R 14 35.7 N/R N/R N/A 11.25 4-way diff. No
7

SOI CMOS spatial power comb. PA only

[57] 40nm 60 1 15.6 23
6

28.5
6

N/A N/A N/A 11.6 N/A 0.33 Out-phasing Yes modulator

CMOS + PA

[73] 45nm 42 2.5 18 33 72.7 23 73.9 7 N/R
1

51.1 0.64 Doherty Yes PA only

SOI CMOS 2-stacked PAs

[80] 45nm 45 4 21.3 24 52.1 16 56.2 7.4 13.3 53.8 1.15 4-stacked 8 bit Yes modulator

SOI CMOS I/Q power-DAC + PA

[5] 45nm 45 5.1 24.3 21.3 N/R 14.6 N/R >18 15 67 7.67 4-stacked No
3, 5 Direct digital

SOI CMOS 2 bit power-DAC to mmWave

[87] 0.13µm 46 5 21.8 21 60 18.5 59.5 15 N/R 62.73 1.6 2-stacked Yes Direct digital

SiGe BiCMOS 1 bit Power DAC to mmWave

[88] 0.13µm 46 5 28.9 20 60 18.5 59.5 15 N/R 69.83 13.65 3-bit mmWave Yes Direct digital

SiGe BiCMOS Power DAC to mmWave

1Large-signal performance across frequency is not reported. 2Measurement below 33GHz is limited by equipment. 3Assumes 3dB external differential-to-single-ended converter. 4Defined as Psat(dBm)

+ Gain(dB) + 20 log10(Freq.(GHz)) + 10 log10(PAE). 5 Does not have an on-chip choke inductor (biased using external bias-Ts). 6Entire system metrics (for a fair comparison) inferred from supplied

graph assuming power consumption of I/Q mixer remains constant. 7 Uses an on-PCB input matching network.

complex modulations with high efficiency under back-off. However, the power DAC achieves 3 bits

of amplitude resolution with 8-way power-combining. Despite higher back-off efficiency, increasing

the amplitude resolution in [14] beyond 4 bits (using 16-way power-combining) is challenging.

Consequently, alternative means of modulation are desirable. This section discusses techniques to

realize high resolution mmWave power DACs that can support complex modulations while still

retaining high output power as well as peak and average efficiencies.

Switching PAs (and switches in general) are inherently linear with respect to excitations from

the drain side [40]. Thus, multi-level supply modulation for switching PAs can facilitate a linear

transfer characteristic from the digital word to the output amplitude. However, high efficiency

under back-off is also a key requirement when contemplating supply modulation for switching

PAs. We conduct a simulation-based experiment to investigate the back-off characteristics of the

2-stacked Class-E-like PA in IBM 45nm SOI CMOS described in Chapter 2 under ideal supply

modulation. Fig. 3.29 shows the (post-layout) large signal characteristics as the supply voltage

for the PA is varied in simulation. The output voltage follows the linear profile with VDD as
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Figure 3.29: Simulated (a) output amplitude and supply impedance (defined as VDD
Idc

, where Idc is

the supply current drawn under large signal operation) and (b) drain efficiency and PAE of the

2-stacked Class-E-like PA in IBM 45nm SOI CMOS (Fig. 2.13(a)) as the supply voltage is varied.

expected (Fig. 3.29(a)) while from Fig. 3.29(b),
η−6dB

ηmax
=84%, which is significantly higher than

a Class-B back-off (
η−6dB

ηmax
=50%). Of course, for a practical implementation, the efficiency of the

supply modulator has to be factored into the overall efficiency profile of the PA. Interestingly, the

supply impedance (shown in Fig. 3.29(a) and defined as VDD
Idc

, where Idc is the supply current

drawn under large signal operation) varies as the supply voltage is changed. This contradicts the

characteristics of Class-E PAs, since from Eqn. 2.25 in 2.5.3, the supply impedance of Class-E-like

PAs should remain constant with VDD. This suggests that the stacked configuration deviates from

desired stacked Class-E operation as the supply voltage is varied (while keeping DC biases of gates

fixed), potentially resulting in higher efficiency degradation under back-off (with respect to 84%

as shown in Fig. 3.29(b)) and unequal voltage stress across stacked devices (which can jeopardize

long term reliable operation).

These issues can be better appreciated by repeating the exercise for the 4-stacked Class-E-like

PA reported in Chapter 2 by varying the supply voltage while the DC biases of the gates are kept

fixed at their nominal values. Simulations indicate that
η−6dB

ηmax
=59% (Fig. 3.30(b)), which is close

to Class-B. More importantly, as shown in Fig. 3.30(c), as the supply voltage is reduced without

altering the DC biases of the gates, the device junction stress increases beyond the breakdown volt-
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Figure 3.30: (a) Schematic of the 4-stacked Class-E-like PA in IBM 45nm SOI CMOS discussed

in Chapter 2. Simulated (b) drain efficiency and PAE and (c) drain-gate stress of M3 and M4 as

the supply voltage is varied while keeping gate biases fixed at Vg1=0.45V, Vg2=1.65V, Vg3=2.85V,

Vg4=4.05V.

age, resulting in catastrophic failure. One might consider using a resistive divider based DC biasing

scheme for the devices in a stacked configuration, to scale the DC biases of the gates along with

the supply, as in [2] and shown in Fig. 3.31(a). The impact on relevant metrics under ideal supply

modulation is shown in Fig. 3.31(b) and (c) which indicate that despite significant improvement in

back-off efficiency (
η−6dB

ηmax
=80%) the variation in supply impedance persists, especially for low VDD

values. Additionally, the output amplitude exhibits non-linearity with supply modulation. For the
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(a)

(b)

(c)

(d) (e)

Figure 3.31: (a) Schematic of the 4-stacked Class-E-like PA in IBM 45nm SOI CMOS discussed in

Chapter 2 with resistive divider DC biasing. Simulated (b) output amplitude and supply impedance,

(c) drain efficiency and PAE as the supply voltage is varied. Nominally, Vg1=0.45V, Vg2=1.65V,

Vg3=2.85V, Vg4=4.05V for VDD=4.8V. (c) Comparison of desired (equal device stress) and actual

drain-source voltages of M1 and M4 for VDD=1.2V.

case VDD=1.2V, Fig. 3.31(c) and (d) compare the simulated drain-source voltages of devices M1

and M4 using resistive divider bias with (desired) waveforms that would be obtained by scaling
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down the Vds values at the full supply voltage. Evidently, the top device hardly sustains any voltage

swing when operating under reduced supply voltage. In the next section, we analyze the cause of

this problem and propose a novel circuit solution to address this issue.

3.5.1 Voltage Scaling with Supply for Stacked Class-E PAs

M3

M2

M1

Mn

0

0

0

0

C3

Cn

Cgs

Cgs

Cgd

Cgd

nVDD

LS
BPF @ ω0

XLoad

RLoad

2VDD

2(n-1)VDD

4VDD

6VDD
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4VDD

2nVDD

2VDD

0

C2

VON

VON

VON

Figure 3.32: Voltage swings at various nodes of stacked devices in Class-E PAs as a function of the

supply voltage.

It was discussed in Chapter 2 (Section 2.5) that appropriate gate swing for all stacked devices

is induced through capacitive coupling by means of device capacitances Cgs, Cgd as well as gate

capacitor Cn. The DC bias that is applied to each gate node (through a large resistor) must be

equal to the average value of the corresponding desired gate voltage swing. The appropriate DC

bias for each gate node can be derived using a simple analysis. Referring to Fig. 3.32, for an ideal

stacked configuration with “n” devices we require

Vd,i(t) =
i− 1

n
× Vd,n(t) (3.1)
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Therefore,

Vd,i,avg. =
1

T

T∫
T/2

Vd,i,OFF (t) dt = (i− 1)× VDD (3.2)

In order to turn OFF a device completely, Vgs,i=0 for t ε [T/2,T]. Thus,

Vg,i,OFF (t) = Vd,i−1,OFF (t) (3.3)

=⇒ Vg,i,avg. =
1

T

T/2∫
0

Vg,i,ON (t) dt+
1

T

T∫
T/2

Vd,i,OFF (t) dt (3.4)

=⇒ Vg,i,avg. =
VON

2
+ (i− 1)× VDD (3.5)

where VON is the input drive amplitude chosen for optimal PAE. Since the DC bias for the gate of

the input device is Vg,1,avg.=Vg,1,bias=VON/2, 3.5 reduces to

=⇒ Vg,i,avg. = Vg,1,bias + (i− 1)× VDD (3.6)

In other words, the DC bias of the gate nodes of stacked devices must vary with VDD as governed

by Eqn. 3.6 in order to retain the benefits of stacking (i.e equal voltage sharing) and Class-E

switching characteristics (i.e. constant supply impedance vs VDD) under supply modulation. This

hints at a supply-adaptive biasing circuit that can adjust the DC biases of gate nodes in accordance

with Eqn. 3.6 as VDD is varied. Fig. 3.33 depicts a circuit implementation that can perform

the aforementioned function for a 4-stacked PA. The (variable) supply voltage VDD,PA is used

by a resistive divider network (R1) to generate linearly scaled versions (V1 to V3) which are then

applied to a set of PMOS level-shifters. The programmable current source sets the Vgs of the

bottom NMOS device to Vg,1 while the PMOS level-shifters are sized to have the same Vgs. The

value of Vg,1 is applied as the DC bias of the input (bottom) device of the PA while the voltages

Vg,2−4 are applied to the stacked devices in the PA. Since the gate biases of the PMOS level-

shifters are linearly scaled versions of VDD,PA and they have Vgs=Vg,1 by design, the corresponding

source voltages are Vs,i=Vg,i=Vg,1+(i-1)×VDD, which is the desired voltage profile from Eqn. 3.6.

The relevant performance metrics comparing the proposed supply-adaptive biasing with resistive

divider biasing are summarized in Fig. 3.34 which indicate that the supply-adaptive biasing scheme

provides higher back-off efficiency while retaining a linear output profile and near-constant supply

impedance (except at very low VDD) with supply modulation.
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Figure 3.33: Supply-adaptive biasing circuit for providing DC bias of gate nodes in stacked Class-E

PAs.

3.5.2 Supply-modulators for mmWave Power DACs

As was mentioned in the previous section, though supply modulation for stacked switching PAs

can potentially facilitate high resolution power DACs with high back-off efficiency, the efficiency

of the supply modulator plays a critical role in determining the overall efficiency under back-off.

Typically, supply modulators can be categorized as:

• Linear modulators such as Low Dropout Regulators (LDOs) and Pulse-width Modulators [89].

The former suffers from poor efficiency while the resolution of the latter is limited by the

minimum pulse-width that can be generated reliably in advanced technology nodes.

• Switching modulators based on switched-inductor and switched-capacitor (SC) dc-dc convert-

ers. Switched-inductor converters (such as buck/boost/buck-boost converters) are capable

of high efficiency operation but usually require off-chip or bondwire inductors [90], making
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(a) (b)

(c) (d)

Figure 3.34: Comparison of large signal metrics for resistive divider bias and proposed supply-

adaptive bias for stacked Class-E PAs.

them less suitable for a fully integrated implementation. In contrast, high efficiency switched-

capacitor converters using on-chip capacitors have been demonstrated [91], [92], [93].

• Hybrid modulators, which employ a combination of linear and switching modulators [94–96]

.
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Figure 3.35: Architecture of a switched-capacitor supply-modulated mmWave power DAC with

high amplitude resolution to support complex modulations. The amplitude control word operates

at a symbol rate fs.

3.5.3 Switched-capacitor Supply-modulated Hybrid mmWave Stacked Power

DAC

As discussed in [93], [97] capacitors have substantially higher energy and power density than their

magnetic counterparts. This, in conjunction with better switch utilization makes the SC converter

a promising candidate for realization of efficient, fully integrated dc-dc converters with high power

density in CMOS platforms. Furthermore, capacitors have smaller footprint and higher quality

factor (at low frequency) than on-chip inductors. Consequently, a bank of efficient SC converters
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with different step-up and/or step-down ratios (i.e. gain configurations) can facilitate a large

number of output levels, which is suitable for supply modulation of power DACs with high amplitude

resolution. This is conceptually depicted in Fig. 3.35 where a reference voltage Vref is stepped

up/down depending on the SC gain configuration (i.e conversion ratio) that is activated by the

amplitude control word (operating at a symbol rate fs). It should be noted that a combination

of step-up and step-down gain configurations should be utilized, since SC converters exhibit poor

efficiency for high conversion ratios [98].

The SC conversion ratios (i.e. number of gain configurations) in the architecture of Fig. 3.35

should be chosen to maximize average efficiency when supporting complex modulations. Although

the PAPR (and hence the average efficiency) is dependent on the modulation format, we proceed

to choose conversion ratios assuming a PAPR of 6dB which is typical for higher order modulations.

The finite efficiency of SC converters (typically ≈80-90% for low conversion ratios and even lower

for steeper transformation) suggest using only a few gain configurations. This would inevitably

result in limited amplitude resolution for the power DAC. Thus, we adopt an approach where few

bits of amplitude resolution are implemented through supply modulation, while segmented source

degeneration (tail) transistors are used for additional amplitude control. Fig. 3.36(a) illustrates

a 4-stacked Class-E-like mmWave PA (driven by a 2-stacked Class-E-like driver) with a nominal

supply voltage of 4.8V. Since a 6dB reduction in output power through supply modulation requires

operation off a 2.4V supply, the corresponding 1-bit (i.e.two level) supply modulation is realized

through a combination of 1:2 step-up SC converter (with simulated efficiency of 80%) and an ideal

supply-switch, driven by a reference voltage of 2.4V. Additional amplitude resolution is incorporated

by means of a 7-bit binary-weighted tail transistor array. The use of segmented tail transistors is

in contrast to the baseband and RF-DAC topologies discussed in Section 3.3. The motivation for

this is as follows:

1. The output profile of a DAC should be monotonic (and ideally linear) with the digital code

(as demonstrated by the 3-bit power DAC in [14] and discussed in Chapter 3). The RF-DAC

approach presented in [2] results in an output profile with amplitude control word as shown

in Fig. 3.3. The output profile can be considered to be monotonic only for half the amplitude

word range (either from 0 to 128 or 128 to 256). Although the non-linearity in output profile

can be corrected in the individual ranges using DPD, the non-monotonicity would prevail.
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Figure 3.36: (a) Schematic of a 4-stacked Class-E like PA with two-level i.e. 1-bit supply modulation

and 7-bit binary-weighted tail transistor modulation. Comparison of simulated (b) drain efficiency

and (c) PAE under back-off (as fractions of respective peak values) of the proposed topology at

60GHz in IBM 45nm SOI CMOS with a case where back-off is exercised solely through tail transistor

switching. (Note: DC biases for gates of the 4-stacked PA are generated by a supply-adaptive

biasing circuit.)

2. The RF-DAC topology reduces the capacitive loading on the LO path and can provide higher

gain to the LO signal owing to the presence of cascode device. However, the LO and transcon-

ductor devices both operate in switching mode in a modulator. Thus, the increase in small

signal power gain of a cascode configuration relative to a common-source device is of little

significance under (large-signal) switching operation.

3. The mmWave signal flows through the devices in the data path. Given that a large segmented

array of devices is used to realize the data path, layout and accurate modeling of these devices

become challenging.

Using segmented tail transistors results in an output profile that is monotonic (although non-linear)

with the amplitude control word. Furthermore, the tail devices do not support mmWave signals,

thereby reducing the layout and modeling complexities significantly.

Fig. 3.36(b) and (c) compare the simulated back-off characteristics of the proposed topology
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Figure 3.37: (a) Schematic of a 4-stacked Class-E like PA with three-level supply modulation and

7-bit binary-weighted tail transistor modulation. Comparison of simulated (b) drain efficiency and

(c) PAE under back-off (as fractions of respective peak values) of the proposed topology at 60GHz

in IBM 45nm SOI CMOS with a case where back-off is exercised solely through tail transistor

switching. (Note: DC biases for gates of the 4-stacked PA are generated by a supply-adaptive

biasing circuit.)

at 60GHz with a case where amplitude resolution is implemented solely through tail transistor

switching. In both cases, reduction in output power is achieved by turning OFF tail devices.

Evidently, a combination of supply and tail transistor modulation results in better back-off efficiency

(
η−6dB

ηmax
=71%) compared to only tail device switching (

η−6dB

ηmax
=50%). Including an additional gain

stage (2:1 step-down) in the SC converter bank (3.37(a)) was seen to not provide any improvement

of back-off characteristics (Fig. 3.37(b) and (c)). This indicates that 1-bit supply modulation is

sufficient to ensure high efficiency at 6-dB back-off in this case.

3.5.4 Class-G Supply Modulated Hybrid mmWave Stacked Power DAC

It should be noted that in the context of stacking, the lower supply voltage(s) required for supply

modulation of a 4-stacked DAC can be readily available. This is because the 2-stacked driver

stage operates from a 2.4V supply while a nominal 1.2V supply (if needed) will be required by
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other components in a transmitter implementation anyway. Consequently, the SC modulators are

not necessary and switching between the different supply voltages can be accomplished simply by

using inverters operating between appropriate voltage levels. This is akin to a Class-G supply

modulation scheme [95, 96] which utilizes multiple supply voltages that are selected depending on

the output power requirement. Resorting to a Class-G approach has several other benefits. Firstly,

in a switched-capacitor implementation, inverter drivers would be needed to switch between the

different gain configurations. The Class-G scheme with inverter(s) for switching between supplies

provides a convenient means of accomplishing supply modulation without the loss associated with

SC implementation. More importantly, the simulation results presented in Figs. 3.36 and 3.37

assume that the efficiency of the SC converter remains constant as output power is backed off. This

is not strictly correct since by using tail switching to exercise power control, supply impedance

does not remain constant under back-off. In fact, the increasing source degeneration under back-

off results in deviation from Class-E switching characteristics so that supply impedance increases

with back-off and we approach a linear (current source) PA characteristic. The SC modulator

efficiency can degrade under the circumstances owing to deviation from the optimal design point.

Additionally, the SC converter requires a reasonably large output capacitor to reduce output ripple

and minimize EVM. The use of the Class-G supply modulation approach avoids all these issues

while retaining benefits of efficiency under back-off.

Based on the foregoing discussion and the simulation results of the precious section, a convenient

means of achieving 1-bit supply modulation would be to use an inverter toggling between 4.8V and

2.4V supplies (required by the 4-stacked PA and the 2-stacked driver respectively). This leads to the

proposed Class-G “hybrid” 8-bit power DAC architecture shown in Fig. 3.38(a). The MSB (8th bit)

is used to switch between supplies while output power back-off for a given supply voltage is achieved

by means of a 7-bit binary-weighted source degeneration transistor array (henceforth referred to as

the tail DAC). The (pre-layout) drain efficiency and PAE under back-off are summarized in Fig.

3.38(b) while the output amplitude and normalized AM-PM profiles are shown in Fig. 3.38(c).

The output amplitude profile is monotonic with the digital word, though 1-bit supply modulation

introduces additional non-linearity (aside from the compressive output characteristic inherent to

power DACs [78]). The use of DPD is expected to linearize the DAC and reduce the AM-PM as

well.
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Figure 3.38: (a) Schematic of the proposed Class-G supply modulated “hybrid” 8-bit mmWave

stacked power DAC with a 4-stacked Class-E like output stage and a 2-stacked Class-E-like driver.

One bit supply modulation is achieved using an inverter toggling between 2.4V and 4.8V supplies

while 7-bit binary-weighted source degeneration transistors provide additional amplitude resolution.

Simulated (pre-layout) (b) drain efficiency and PAE vs. output power and (c) output amplitude

and normalized AM-PM distortion vs amplitude control word at 60GHz in IBM 45nm SOI CMOS

(Note: DC biases for gates of the 4-stacked PA are generated by a supply-adaptive biasing circuit.)

As shown in Fig. 3.39(a), the proposed Class-G “hybrid” mmWave power DACs can serve as

an enabling technology to realize energy-efficient, high-power transmitters where a combination

of Class-G supply modulation and tail transistor switching can provide high amplitude resolution

while phase modulation is imposed on the mmWave signal so that complex modulations can be

supported. Non-linearity in the DAC can be corrected by using DPD. The result is a direct digital-

to-mmWave transmitter architecture with simultaneous large-scale power combining, linearity (Fig.

3.39(c)) and high average efficiency (compared to conventional transmitters, Fig. 3.39(b)) which

makes it suitable for scaling-friendly DSP intensive communication.
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(a)

(b)

(c)

Figure 3.39: (a) A direct digital-to-mmWave transmitter architecture suitable for scaling-friendly

DSP intensive communication (based on the proposed high resolution Class-G “hybrid” mmWave

stacked power DAC) with simultaneous large-scale power combining, (b) higher back-off efficiency

compared to conventional transmitters and (c) linear output profile and no AM-PM distortion.

3.6 Conclusion

Design considerations for supply-switched mmWave power DAC cells were presented. The pro-

posed DAC cell, in conjunction with large-scale power-combining, is suitable for implementing high

power, high efficiency mmWave transmitters capable of supporting complex modulation schemes.

A novel architecture employing large-scale power combining, dynamic load modulation, and supply-

switching has also been demonstrated and results in a high-power highly linear three-bit digital to

mmWave PA array prototype with high efficiency under back-off. Supply modulation for stacked

Class-E PAs was discussed as a means of achieving linear amplitude modulation with high average

efficiency. A supply-adaptive biasing circuit was presented to ensure appropriate scaling of DC bias

voltages of intermediary gate nodes in a stacked power DAC under supply modulation. Finally,

a Class-G supply modulator-based “hybrid” 4-stacked mmWave Class-E-like power DAC was pre-

sented for a practical implementation of high-resolution mmWave power DACs with high output

power as well as high peak and average efficiencies.
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Chapter 4

A Millimeter-wave Digital Polar

Phased Array Transmitter

The Class-G hybrid stacked mmWave power DAC proposed in Section 3.5.4 can serve as an enabling

technology to realize high-power “digital” mmWave transmitters with high average efficiency while

supporting complex modulations. The focus of this chapter is to present a transmitter architecture

that can leverage the benefits of the power DAC to realize the first efficient, high-power digital-

intensive mmWave transmitter for long haul links.

Section 4.1 presents an overview of conventional transmitter architectures along with the asso-

ciated merits and drawbacks. This is followed by a brief discussion of integrated mmWave phased

array transmitters in Section 4.2. A link budget analysis is presented in Section 4.3 to comprehend

the various system level requirements of mmWave links utilizing phased arrays. Section 4.4 dis-

cusses the design considerations and implementation details of a 60GHz four elemnt phased array

digital polar transmitter utilizing the proposed Class-G hybrid power DAC.

4.1 Overview of Transmitter Architectures

The power DAC proposed in Section 3.5.4 can be utilized in several transmitter architectures:

1. A Doherty architecture.

2. A Cartesian (I/Q) transmitter.
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3. A polar topology (as in Fig. 3.39(a)).

The traditional analog Doherty transmitter suffers from poorly defined onset of the auxiliary

PA(s) and requires large passive network area for the input and output delay lines (realized us-

ing quarter-wave transmission lines). The works in [99, 100] demonstrated an on-chip impedance

transformation network using transformers to replace the quarter-wave lines along with the use of

digital PAs. The resulting digital Doherty architecture achieves high back-off efficiency enhance-

ment along with an ultra-compact form-factor and broadband operation. However, the use of

transformer-based networks limits the scalability of the architecture owing to the non-idealities as-

sociated with interwinding and parasitic capacitances of transformers (as discussed in Section 3.1)

which cannot be easily compensated in a low-loss manner at mmWave. The foremost challenge with

the Cartesian architecture is the implementation of an output I/Q power-combiner with low inser-

tion loss as well as isolation between the inputs in order to minimize the I/Q crosstalk, which are

difficult to accomplish on-chip. The interaction between the in-phase and quadrature-phase paths

typically requires 2-D predistortion to meet EVM and spectral mask requirements [83]. While spa-

tial I/Q power-combining [101] can help overcome this issue, a fully integrated solution is preferred

for System-on-Chip (SoC) applications. The polar architecture allows driving the PA in saturation

without doubling the signal path for modulation (as in a Cartesian transmitter), resulting in higher

efficiency with a smaller footprint. Some major concerns about the polar implementation are the

bandwidth expansion in the amplitude and phase paths as well as delay mismatch between them

resulting in spectral regrowth and EVM degradation [102].

The digital polar architecture [78] is better suited for SoC applications and hence pursued in

this work. The Class-G hybrid stacked mmWave power DAC at our disposal can facilitate for the

first time long-haul mmWave links without resorting to off-chip high gain antennas. Consequently,

augmenting such a power DAC with a high-speed phase modulator (with appropriate resolution)

can facilitate a mmWave transmitter capable of supporting complex modulations with high average

efficiency (Fig. 3.28). However, to overcome the high path loss at mmWave, a directional trans-

mitted beam is preferred. This can be accomplished by a phased array transmitter implementation

using moderate-gain on-PCB antennas, with the added advantage of electronic beam steerability

(as opposed to mechanical alignment required for discrete high gain antennas).
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4.2 Integrated MmWave Phased Array Transmitters: An Overview

Phased arrays are a class of multiple antenna systems that provide beamforming and beam steer-

ing capabilities, thereby providing an electronic alternative to physically imposing antennas that

require mechanical maneuvering. A phased array realizes an ”effective” high gain antenna in which

phase-shifted signals from multiple low-gain antennas are combined to create a directional beam.

Additionally, the direction of the beam can be scanned by varying the phase shift in each antenna

element. The advent of scaled silicon processes has enabled operation in the mmWave regime

along with a reduction in the physical size of the system since the antenna size and spacing are

inversely proportional to frequency. Consequently, even though the invention of phased arrays was

motivated by military requirements and finds extensive use in defense applications, advancements

in IC technology have facilitated the integration of entire arrays on chip, making millimeter-wave

phased-array-based architectures feasible for mass commercial applications.

Antenna Gain = G dBi

Pout,Tx,i=P dBm

Tx1

Tx2

TxN

d
Ø

EIRP=P+G+20logN

c θ0

c θ1

c θN-1

Figure 4.1: EIRP in an N-element phased array transmitter each with peak unit element output

power of P dBm and antenna gain of G dBi. A phased array implementation improves the EIRP

by 20logN compared to a single element with the same output power and antenna gain.

A phased-array transmitter provides two significant advantages over isotropic transmitters:

1. For the same total transmit power, the power at the receiver is increased. The effective

isotropic radiated power (EIRP) of a transmitter in a particular direction is defined as the

power an isotropic transmitter would have to radiate to generate the same electric field in

that direction. For example, in an N-element transmitter (Fig. 4.1), if each element radiates
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P dBm and has the same antenna gain G(φ), the power radiated in the desired direction is

N2PG(φ) Watts. The N-element array improves the EIRP in the desired direction by 20logN

dB as compared to a single element, thereby increasing signal power at the targeted receiver.

2. The beamforming properties of the array ensure that the transmitter power is attenuated in

other directions so that the interference at receivers that are not targeted is reduced.

The operating principle of a phased array transmitter is illustrated in Fig. 4.1 using a trans-

mitter array with N elements spaced a distance d apart. Let us assume that the signal transmitted

by the first element is V1(t) = V (t)cos(ωRF t+α(t) + θ0). The phase shifter in the ith element adds

a phase shift θi−1 as a result of which its output signal Vi(t) is given by

Vi(t) = V (t− τi)cos(ωRF (t− τi) + α(t− τi) + θi−1) (4.1)

where τi = (i − 1)dsinφc is the associated path delay for a transmit angle of φ. The output of the

array after free-space combining is

Vout(t) =

N∑
i=1

V (t− τi)cos(ωRF (t− τi) + α(t− τi) + θi−1) (4.2)

Assuming that the path delay is much smaller than the time period of the highest modulation

frequency or that the modulation is narrowband,

V (t− τi) = V (t− (i− 1)
dsinφ

c
) ≈ V (t) (4.3)

and α(t− τi) = α(t− (i− 1)
dsinφ

c
) ≈ α(t) (4.4)

Applying these approximations to Eq. 4.2, we get

Vout(t) ≈ V (t)

N∑
i=1

cos(ωRF (t− τi) + α(t) + θi−1) (4.5)

= Re

(
V (t)ej(ωRF t+α(t))

N∑
i=1

e−j(ωRF τi−θi−1)

)
(4.6)

For a linear progression in phase shift across elements, θi−1 = iθ0. Eq. 4.6 can therefore be
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re-written as

Vout(t) = Re

(
V (t)ej(ωRF t+α(t))

N∑
i=1

e−j(ωRF (i−1) dsinφ
c
−iθ0)

)
(4.7)

= Re

(
V (t)ej(ωRF t+α(t)+ωRF

dsinφ
c )

N∑
i=1

e−ji(ωRF
dsinφ
c
−θ0)

)
(4.8)

= Re

(
V (t)ej(ωRF t+α(t)+ωRF

dsinφ
c )e−j

(N−1)(ψ−θ0)
2

sinN(ψ−θ0)
2

sinψ−θ02

)
(4.9)

where ψ = ωRF
dsinφ
c . It can be seen from Eq. 4.9 that

|Vout(t)| =

∣∣∣∣∣V (t)
sinN(ψ−θ0)

2

sinψ−θ2

∣∣∣∣∣ (4.10)

Hence, signals transmitted in a particular direction add constructively, while signals in other direc-

tions add destructively thereby resulting in beam formation. For a transmit angle φ the maximum

amplitude of Vout(t) is achieved when

ψ = θ0 = ωRF
dsinφ

c
(4.11)

A phased-array transmitter implementation helps overcome the high path loss at mmWave and

is therefore pursued in this work. The number of elements in the array depends on a combination of

circuit parameters as well as propagation losses and are best understood by means of a link budget

analysis.

4.3 Millimeter-wave Link Budget Analysis

It is instructive to perform a link budget analysis to comprehend the system-level requirements of

mmWave links using integrated phased-array transmitters. As shown in Fig. 4.2, let us consider

a phased-array transceiver with N elements in the transmitter as well as the receiver. We further

assume typical on-PCB antenna gain of 5dBi, 64QAM modulation with a bandwidth of 1GHz

and an SNR of 20dB at the receiver as well as 10dB link margin. Since an N-element phased-

array transmitter improves the SNR by N3 compared to a single element implementation, one can

derive the number of elements in the array to satisfy the link requirements at various frequencies

for a given output power per transmit element, the receiver noise figure (NF), the desired link

range along with the associated path loss (which is a combination of Friis propagation loss and
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Antenna Gain = G dBi

Pout,Tx,i=P dBm
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d

Figure 4.2: Phased array transceiver with N elements in the transmitter as well as receiver arrays

for link budget analysis.

atmospheric absorption). The stacked SOI CMOS mmWave PAs discussed earlier in this thesis

and those reported in [4,5] facilitate unprecedented improvement in output power thereby relaxing

the number of elements, or extending the link range for a given array size. Thus, we aim to maximize

the link range while using a moderate array size. Based on the saturated output power of state-

of-the-art mmWave PAs reported in Table 2.4, an output power trend for stacked SOI CMOS PAs

across frequency can be estimated as shown in Fig. 4.3(a). A literature survey of contemporary

state-of-the-art mmWave receivers reveals a trend for NF (Fig. 4.3(b)) while the path loss across

frequency for a 100m link is depicted in Fig. 4.3(c). The aforementioned considerations lead us

to array sizes across frequency as illustrated in Fig. 4.3(d) for transmitting 64QAM modulation

with 3.8dB PAPR. Since the 60GHz stacked power DAC discussed in Chapter 3 generates ≈25dBm

output power, the number of array elements is expected to reduce further. In fact, factoring in

the higher output power at 60GHz in the foregoing analysis yields an array size of ten. To reduce

design and integration complexity further, a four element phased-array digital polar transmitter at
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Figure 4.3: (a) Trend for output power vs. frequency of state-of-the-art stacked SOI CMOS

mmWave PAs determined from [3–5], (b) trend for Noise Figure (NF) of state-of-the-art mmWave

receivers across frequency, (c) path loss (sum of Friis propagation loss and atmospheric absorption)

for a 100m link across frequency and (d) array size for a phased array transmitter with output

power trend shown in (a) for a 100m link. Typical on-PCB antenna gain of 5dBi, 64QAM modu-

lation with a bandwidth of 1GHz and an SNR of 20dB at the receiver as well as 10dB link margin

are assumed for the calculation.

60GHz is pursued in this work to achieve high data-rates (≈6Gbps with 64QAM modulaion) while

maximizing the link range.
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4.4 Digital Polar Transmitter Implementation

Figure 4.4: Impact of (a) amplitude and (b) phase resolution on EVM for non-pulse-shaped 1Gsps

single-carrier (60GHz) 64QAM data in a digital polar transmitter. The various transceiver metrics

are the same as those assumed in the link budget analysis in Section 4.3 except a peak transmitter

output power of 25dBm.

The work in [81] presented the first mmWave (60GHz) digital polar transmitter in CMOS. The

implementation was based on a low RF design approach for power DACs as in [78, 83] whereby

several DAC unit cells are connected in parallel and each individual DAC cell is turned ON or

OFF by a gate control signal. Such a strategy is not suitable for mmWave implementations since

turning OFF a DAC cell results in loss of interstage matching between the driver stage and the

output DAC stage. Furthermore, the layout interconnects between the different DAC cells need to

be carefully accounted for and absorbed in the design without performance penalty. This limits

the maximum number of DAC cells that can be connected in parallel. Additionally, each DAC cell

needs to have a dc-decoupling capacitor at its input to isolate the gate biases of the DAC cells under

turn ON/OFF. The culmination of these design choices resulted in a low output power (≈10dBm)

and poor efficiency of the transmitter.

The focus of the remainder of this thesis is to demonstrate the first energy-efficient, high-

power digital polar mmWave phased array transmitter based on high resolution hybrid stacked

power DACs and capable of supporting unprecedented data-rates over long-haul links with high
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Figure 4.5: Output PSD of a 60GHz digital polar transmitter vs. symbol-rate using unshaped

64QAM symbols. Amplitude and phase resolution are eight bits each. The maximum symbol-rate

that satisfies the spectral mask without baseband pulse-shaping is ≈400Msps.

average efficiency. MATLAB-based simulations are conducted to determine the amplitude and

phase resolutions that satisfy EVM requirements in a digital polar implementation. The high

baseband modulation speeds (≈ several Gsps) at mmWave make it difficult to employ complex

pulse-shaping (such as raised cosine filtering) owing to the high oversampling rate that would be

required (≈tens of Gsps). The use of non-pulse-shaped input data would result in a violation of the

spectral mask (such as the IEEE802.11ad mask at 60GHz) and can be overcome by reducing the

symbol-rate. For a target EVM of -27dB, it can be seen from Figs. 4.4(a) and (b) that amplitude and

phase resolutions of 6 bits each are sufficient to meet the EVM requirement. However, to account

for non-idealities, we choose 8 bits resolution for amplitude as well as phase in our implementation.

Fig. 4.5 depicts the PSD resulting from unshaped baseband data symbols in a 60Ghz digital

polar transmitter with eight bits of amplitude and phase resolution. Despite the relaxed spectral

emission requirements at mmWave the only means of satisfying the spectral mask is to reduce the



CHAPTER 4. A MILLIMETER-WAVE DIGITAL POLAR PHASED ARRAY TRANSMITTER136

Figure 4.6: Output PSD of a 60GHz digital polar transmitter vs. symbol-rate using 64QAM

symbols. The baseband symbols are shaped using a tenth order low-pass digital FIR filter with a

cutoff frequency of 150MHz and an oversampling factor of eight. Amplitude and phase resolution

are eight bits each. The maximum symbol-rate that satisfies the spectral mask with baseband

pulse-shaping is ≈1000Msps.

symbol-rate to ≈400Msps thereby limiting the overall 64QAM data-rate to 2.4Gbps. The use of

mild digital filtering can circumvent this limitation to some extent. For example, using a tenth

order low-pass digital FIR filter with a cutoff frequency of 150MHz and an oversampling factor of

eight pushes the maximum symbol-rate to ≈1Gsps (Fig. 4.6).

Fig. 4.7 illustrates the (simplified) architecture of a 60GHz 4-element phased array prototype

fabricated in IBM 45nm SOI CMOS along with schematics of the major components: (a) the

mmWave transmitter element and (b) a high-speed digital interface. In order to alleviate input

power requirements at mmWave, an off-chip 30GHz signal is fed to a frequency doubler to generate

an on-chip 60GHz LO. The single-ended LO is converted to quadrature differential signals (by
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Figure 4.7: Simplified architecture of the stacked hybrid power DAC-based digital polar phased

array mmWave transmitter proposed in this work along with schematics of the transmitter element

(bottom) and the high-speed digital interface (right).

means of a quadrature hybrid) to drive a high-speed Cartesian vector modulator which imposes

phase information on the mmWave signal. The (single-ended) output of the phase modulator is

then amplified by a array driver and distributed to four transmitter elements. Each transmitter

element converts its single-ended input to quadrature differential ones (using a quadrature hybrid)

which then drive a Cartesian phase shifter that can set the phase of the corresponding transmitter

element to the appropriate value for phased array operation. In order to suppress output amplitude

variations as well as reduce power consumption of the phase shifter, its (differential) outputs are

fed to a limiting amplifier which in turn drives the hybrid 8-bit stacked power DAC described in

Section 3.5.4. A transformer at the output of the power DAC (not shown in Fig. 4.7) performs

differential-to-single-ended conversion to drive a 50Ω load.

The prototype has twenty-four digital control bits: (a) eight amplitude bits (common to the

DACs of the four transmitter elements) and (b) eight bits for each of the in-phase (I) and quadrature-

phase (Q) paths of the phase modulator. The control bits are provided by a high-speed digital

interface implemented using Current Mode Logic (CML). The digital interface accepts three serial

data inputs from Arbitrary Waveform Generator (AWG), along with a serial clock input and dese-



CHAPTER 4. A MILLIMETER-WAVE DIGITAL POLAR PHASED ARRAY TRANSMITTER138

rializes each data input by a factor of eight to generate the individual control bits. The DC biases

for the gates of the 4-stack DAC in each transmitter element are generated using local supply-

adaptive biasing circuits in order to minimize switching delays. The amplitude control bits need

to be symmetrically routed to all four transmitter elements. The phase control bits, in contrast,

have to be routed only to the phase modulator. Thus, the control signals need to be appropriately

buffered to minimize the skew in the amplitude and phase control paths. The following sections

describe design considerations and implementation details of the individual building blocks of the

transmitter prototype. All transformers and spirals used in the digital polar transmitter were sim-

ulated in EMX (provided by Integrand Software) which also provides a broadband lumped element

model suitable for transient simulations. The implementation details of the different components

of the proposed phased array digital polar transmitter are discussed in the following sections.

4.4.1 Digital Polar Transmitter Element

LO
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Figure 4.8: Schematic with detailed block-level interconnections of a transmitter element in the

proposed digital polar phased array transmitter with major building blocks highlighted.

A schematic with detailed block-level interconnections of the transmitter element is shown in

Fig. 4.8 while Fig. 4.9 depicts the layout of the same with the major building blocks highlighted.

4.4.1.1 Hybrid 8-bit Power DAC

The hybrid 8-bit power DAC proposed in Section 3.5.4 consists of two building blocks: 1) a 4-stacked

DAC implemented as a differential 4-stacked PA with 7-bit binary-weighted source degeneration



CHAPTER 4. A MILLIMETER-WAVE DIGITAL POLAR PHASED ARRAY TRANSMITTER139

transistor bank and 1-bit supply modulation and 2) a differential 2-stacked driver PA to provide

sufficient input drive to the 4-stacked DAC. The devices in the 4-stacked PA were chosen for a
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2
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4-stack 
DAC
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Figure 4.9: Layout snapshot of a transmitter element in the proposed digital polar phased array

transmitter with major building blocks highlighted.

differential output power of ≈325mW i.e. 25dBm (pre-layout) while the 2-stacked driver PA was
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designed for a Pout,sat 3dB higher than the input power required for the 4-stacked DAC. This

ensures sufficient design margin at the cost of reduced efficiency for the 2-stacked PA since it needs

to be operated at a backed-off power level. Since the power consumption and output power of the 4-

stacked DAC dominate, this translates to a negligible penalty in overall efficiency of the transmitter

element and the array. Both PAs were designed based on the loss-aware design methodology for

stacked Class-E PAs [14] discussed in Chapter 2. A transformer is used to transform a single-ended

load at the output pad to a differential 100Ω load for the 4-stacked PA. An interstage matching

network transforms the input impedance of the 4-stacked PA to a differential 100Ω load for the

2-stacked driver. A differential dc-feed spiral inductor in conjunction with an interstage matching

network transforms the input impedance of the 4-stacked PA to the optimal load impedance for

the 2-stacked driver. The simulated large signal performance metrics of the differential 4-stacked

PA and the differential 2-stacked PA are shown in Fig. 4.10(a) and (b) respectively.
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Figure 4.10: Simulated large signal performance metrics at 60 GHz in IBM 45nm SOI CMOS of

the (a) differential 4-stacked PA, (b) differential 2-stacked driver PA and (c) limiting amplifier of a

transmitter element in the proposed digital polar 4-element phased array transmitter prototype.

As discussed before, 1-bit supply modulation for the DAC is implemented by means of an

inverter toggling between the nominal 4.8V and 2.4 supplies of the 4-stacked PA and the 2-stacked

driver respectively. Since standard CMOS logic in IBM 45nm SOI CMOS permits a maximum

supply voltage of 1.2V, level-shifters are required to convert a logic level ranging between 0 and

1.2V to one toggling between 2.4V and 4.8V. Additionally, the level-shifters must support fast

switching speeds to facilitate high-speed amplitude modulation. The level-shifter used in the supply

modulation consists of a cascade of a low-voltage level-shifter [103] followed by a high-voltage (HV)
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one [103, 104]. The output of the HV level-shifter drives a set of progressively sized-up inverters

(toggling between 2.4V and 4.8V) to drive the capacitive load presented by the supply modulation

inverter. The tail DAC employs a common centroid layout to ensure good matching and linearity.

Furthermore, each binary-weighted segment has an inverter driver with progressive device size

scaling to ensure that the retiming flip-flops driving the different control bits experience the same

capacitive loading [78].

4.4.1.2 Limiting Amplifier

A limiting amplifier precedes the 2-stacked driver PA in order to further alleviate input drive

requirements of the transmitter chain. Additionally, the limiting amplifier is operated close to sat-

uration (unlike the 2-stacked driver PA) so that it irons out any residual amplitude variations of the

foregoing block (phase shifter). The limiting amplifier is implemented as a 2-stacked Class-E-like

PA, operating off a 1.2V supply voltage. The device size and load impedance for the limiting ampli-

fier are determined based on the input power requirements for the 2-stacked driver. A differential

dc-feed spiral inductor in conjunction with an interstage matching network transforms the input

impedance of the 2-stacked driver to the optimal load impedance for the limiting amplifier. The

simulated large signal performance metrics of the differential limiting amplifier are summarized in

Fig. 4.10(c).

4.4.1.3 Phase Shifter

Each transmitter element incorporates a phase shifter to facilitate beam-steering in a 4-element

phased array. The phase shifter is implemented as a vector (I/Q) interpolator based on a double-

balanced Gilbert cell topology [105,106] with 7-bit binary-weighted tail transistor bank. The digital

bits control the bias currents in the I and Q paths, thereby setting the phase shift based on the

ratio of the bias currents in the mixing quads. The control bits do not toggle the tail devices

ON and OFF directly, rather they connect or disconnect the gates of the switches from a bias

voltage (obtained from a diode-connected NMOS device in a reference current generator). This

enables control of the bias voltage and hence the output power of the phase shifter to ensure

that the limiting amplifier can be driven into saturation with sufficient design margin. An 8th bit

(MSB) commutes the bias current (of the I/Q path) between the two halves of the mixing quad,
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thereby providing phase inversion to facilitate 1800 phase control for I and Q independently, and

hence 3600 phase control for the phase shifter. Fig. 4.11(a) shows a schematic of the phase shifter

implemented in this work, while the phase shift error and output power variation for different phase

shift settings are summarized in Fig. 4.11(b) and (c) respectively. The series capacitor and shunt

dc-feed indcutor (implemented using CPW transmission lines) transform the input impedance of

the limiting amplifier to the optimal load impedance of the phase shifter. A maximum phase error

≈50 is obtained across all phase shift settings along with a maximum output power variation ≈1dB.

As discussed in the previous section, the limiting amplifier following the phase modulator will iron

out this power variation to provide a pure phase modulated mmWave input to the hybrid power

DAC.
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Figure 4.11: (a) Schematic of the vector (I/Q) interpolator used in the phase shifter of a transmitter

element in the proposed digital polar 4-element phased array transmitter prototype. Simulation

results at 60 GHz in IBM 45nm SOI CMOS for (b) maximum phase shift error and (c) corresponding

variation in output power of the phase shifter for different phase shift settings.
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4.4.1.4 Quadrature Hybrid

The quadrature hybrid is essentially a 3dB coupler with two broadside coupled microstrip lines as

described in [107]. High even mode impedance was achieved using slow-wave technique by opening

up slots of appropriate length and width in the ground plane. Low odd mode impedance confines

the signal between microstrips. The in-phase and quadrature-phase outputs of the hybrid are fed

to a pair of baluns that provide single-ended-to-differential conversion. The baluns, along with the

series capacitors transform the input impedance of the phase shifter to a 50Ω matched load at the

outputs of the hybrid.

4.4.2 Simulation Results of Transmitter Element

The performance of the overall transmitter element for different phase shift settings is summarized

in Fig. 4.12(a) and (b).
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Figure 4.12: Simulation results at 60 GHz in IBM 45nm SOI CMOS for (a) output power, drain

efficiency and PAE and (b) maximum phase shift error of the transmitter element in the proposed

digital polar 4-element phased array transmitter prototype for different phase shift settings.
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4.4.3 Phased Array Transmitter Common Path

This section describes the components that constitute the common path in the phased array trans-

mitter. The elements in the common path accept an off-chip mmWave signal, perform high-speed

phase modulation, and distribute the resulting signal to all the transmitter elements after appro-

priate amplification.

4.4.3.1 Frequency Doubler

In order to alleviate input power requirements at 60GHz, a frequency doubler is used at the input of

the phased array transmitter which accepts a single-ended 30GHz signal from an off-chip source and

performs frequency multiplication to generate an on-chip 60GHz signal for the transmitter. The

frequency doubler is implemented as a differential common-source amplifier with the drain nodes

connected together to extract the second harmonic of the input 30GHz signal. A transformer-based

matching network is used to match the differential input impedance of the doubler to single-ended

50Ω at the input pad.

4.4.3.2 High-speed Phase Modulator

The design of the phase moddulator is identical to that of the vector interpolator-based phase shifter

used in the transmitter elements, except that the device sizes here are larger in order to meet the

input drive requirements of an array driver PA following the phase modulator. Additionally, the

phase modulator tail DACs (I and Q) have progressively scaled inverter drivers driven by retiming

flip-flops, similar to the tail DAC of the 4-stacked PA. A balun at the output of the phase modulator

performs differential-to-single-ended conversion to drive the array driver PA.

4.4.3.3 2-stacked Array Driver PA

The array driver is a 2-stacked Class-E-like PA operating off a 2.4V supply voltage. It accepts the

phase modulated mmWave signal from the previous stage, amplifies it and distributes it to the

four transmitter elements. The device size of the array driver PA is same as that of the 2-stacked

driver PA used in the transmitter element. The input of the transmitter element is matched to

50Ω and it is convenient to use 50Ω CPW transmission lines to distribute power from the output of

the array driver PA to the inputs of the transmitter elements. However, this means that the array



CHAPTER 4. A MILLIMETER-WAVE DIGITAL POLAR PHASED ARRAY TRANSMITTER145

driver PA has to drive a load impedance of 50/4=12.5Ω. Since the power devices in the array driver

are optimized for a 50Ω load, an impedance transformation load is used to perform the required

impedance transformation. The input power to the array driver is then backed off till it generates

the output power required to drive the transmitter elements.

4.4.4 Delay Mismatch between Amplitude and Phase Paths

An important consideration in a digital polar architecture is matching the delay between the ampli-

tude and phase paths in order to minimize spectral regrowth and EVM degradation. If unfiltered

baseband data symbols are used, then the maximum delay mismatch between amplitude and phase

paths that can be tolerated is half a symbol period (assuming the symbols are sampled at the

middle of the period). However, baseband pulse shaping can reduce the delay mismatch toler-

ance substantially. For example, low-pass digital FIR filtering of baseband symbols with a cutoff

frequency of 150MHz and an oversampling factor of eight results in a maximum allowable delay

mismatch of ≈10ps while satisfying EVM and spectral mask requirements (Figs. 4.13(a) and (b)

respectively) for a baseband symbol-rate of 1Gsps.

Figs. 4.14 and 4.15 depict the settling behavior of the transmitter in response to changes only

in amplitude and phase bits respectively using square-wave control signals switching at 1GHz. The

worst-case delay between amplitude and phase settling times is ≈85ps. Based on these simulations,

the maximum symbol rate is estimated to be ≈5Gsps.

4.4.5 High-speed Digital Interface

The data-rate that can be achieved in a power DAC depends on both the settling time of the

DAC (in response to a change in one or more control bits) as well as the speed of operation of

the digital circuitry that provides the control signals. Based on the simulation results presented

in Section 4.4.3.2, the control bits can toggle at a maximum speed of ≈5Gsps. However, if the

source providing the control bits cannot operate at this rate, then it will form the bottleneck in the

operating speed of the DAC, rather than the mmWave path. For testing purposes, we can adopt

one of two approaches:

1. Acquire the high-speed control signals from an off-chip programmable source (such as a com-

mercial AWG or a PRBS generator) or
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Figure 4.13: Output PSD of a 60GHz digital polar transmitter vs. delay mismatch between am-

plitude and phase paths for 1Gsps 64QAM baseband symbols. The baseband symbols are shaped

using a tenth order low-pass digital FIR filter with a cutoff frequency of 150MHz and an oversam-

pling factor of eight. Amplitude and phase resolution are eight bits each. The maximum delay

mismatch that satisfies the spectral mask is ≈10ps.
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Figure 4.14: Settling behavior of the 60GHz digital polar transmitter in response to supply switching

using a square-wave control input (with 50% duty-cycle) at 1GHz. The settling time is ≈50ps.

2. Generate the high-speed control signals on-chip using either PRBS generators or programmable

memory.

The former is feasible if only a few control bits are needed (i.e. for testing low resolution DACs

as in [5]) and even then, high-speed analog front-end would be required to interface the off-chip

signals with on-chip circuitry. On-chip PRBS generators can overcome this bottleneck, but lack of

programmability makes them suitable for testing DACs that are inherently linear (or have internal

compensation for non-linearity as in [101]) and do not require DPD. On-chip memories provide

more flexibility, since they can be programmed for DPD while facilitating large number of control

bits. However, the memory capacity should be sufficiently large to store enough instances of a

constellation symbol. For higher order modulations, the resulting memory size can be large enough

that high-speed operation (≈ several Gsps) with large number of control bits becomes impossible.

In this work, we adopt an approach utilized in high-speed wireline communication. A high-

speed serial input is acquired from an off-chip source and is deserialized on-chip to generate the

required control bits. To avoid the use of an on-chip Clock and Data Recovery (CDR) circuit,

a serial clock input is also utilized. Since the proposed transmitter has twenty-four control bits
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Figure 4.15: Settling behavior of the 60GHz digital polar transmitter in response to phase modu-

lation using a square-wave control inputs (with 50% duty-cycle) at 1GHz. The phase modulator

switches between phase settings of 110 and 450. The settling time is ≈120ps.

(eight each for amplitude, I-phase and Q-phase control paths), three serial inputs are required

which are then deserialized by a factor of eight. It should be noted that for each control bit

(of, say the amplitude control path) to operate at ≈5Gsps, the corresponding serial input should

support eight times higher data-rate i,e ≈40Gsps. While technology scaling coupled with recent

advancements in wireline communication certainly facilitate serial links operating at such speeds

( [108–110]), they typically require inductive tuning techniques for wideband operation along with

complex equalization schemes depending on the channel characteristics. These add to area and

power overhead, and is impractical in the context of the present work since there are four serial

inputs (including clock). Fortunately, nanoscale CMOS has been shown to facilitate mixed-signal

circuit operation ≥20Gsps without using inductive peaking [111–113]. Thus, we aim for a CML-

based serial digital interface that can operate at ≈20Gsps, which when deserialized by a factor of

eight would translate to a symbol rate of ≈2.5Gsps. The architecture of the high-speed digital

interface is shown in Fig. 4.7 (right). The three serial data lanes consist of an Analog Front End

(AFE), which is essentially a Variable Gain Amplifier (VGA) followed by a Continuous Time Linear



CHAPTER 4. A MILLIMETER-WAVE DIGITAL POLAR PHASED ARRAY TRANSMITTER149

Equalizer (CTLE), driving a 1:8 deserializer (DeMUX) which generates the individual control bits.

The control signals for each path are buffered using standard CMOS logic and fed to retiming flip-

flops located at the digital inputs of the 4-stacked power DACs and the phase modulator. Each path

is retimed using its local clock signal (available at the output of the corresponding DeMUX) in order

to minimize routing complexity and clock skew. The serial clock path consists of an AFE followed

by a buffer that provides the clock signal to the three DeMUX blocks. The following sections

provide implementation details of the various components in the digital interface (all implemented

using 1.2V supply voltage).
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Figure 4.16: Schematic of the VGA used in the AFE of the high-speed digital interface for the

proposed 60GHz digital polar 4-element phased array transmitter.

4.4.5.1 Variable Gain Amplifier (VGA)

The first stage of the AFE consists of a VGA, implemented using a differential ac-coupled common-

gate amplifier (Fig. 4.16), that provides level conversion for the CTLE as well as gain [114, 115].

This topology was favored over the one proposed in [108] since the gain peaking in the latter for
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Figure 4.17: Simulated small signal voltage gain and return loss (S11) for (a) maximum gain setting

and (b) minimum gain setting of the VGA used in the AFE of the high-speed digital interface for

the proposed 60GHz digital polar 4-element phased array transmitter.

minimum VGA gain was found to be around 8dB over the frequency of interest (dc to 20GHz).

The common-mode voltage of the VGA input is generated by a replica source follower, which is

sized same as the main stage of the VGA. The VGA has ≈9.5dB gain control performed by two

variable resistors (Rseries and Rshunt). By exercising 2-bits of control in the value of Rseries and

5-bits in that of Rshunt, the voltage-division ratio of the input signal can be adjusted resulting

in VGA gain variation from -3.2dB to 6.3dB. Two differential 50Ω resistors constitute the input

termination network of the receiver. A common-mode feedback (CMFB) circuit (not shown in Fig.

4.16) sets the bias of the PMOS current sources. Fig. 4.17(a) shows the simulated small signal

gain and return loss (S11) of the VGA with peak gain setting, while the corresponding simulations

for minimum gain settings are depicted in Fig. 4.17(b). It can be seen that VGA achieves 3dB

bandwidth ≈30GHz (at peak gain setting) along with a wideband input match (S11 <15dB).

4.4.5.2 Continuous Time Linear Equalizer (CTLE)

The VGA drives the second-stage of the AFE in the digital interface: a peaking amplifier that

can provide additional fixed gain and can also be used to introduce a programmable amount of

low-frequency de-emphasis. The low-frequency de-emphasis (or high frequency peaking) effect is
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realized through reduction in the low-frequency gain relative to the high-frequency gain. Since the

circuit utilizes continuous-time analog blocks that are easily characterized with frequency-domain

models, it is also referred to as a Continuous Time Linear Equalizer or CTLE. Wireline transceivers

communicating over a backplane channel with high frequency-dependent loss (> 15dB) typically

employ feedforward equalization (FFE) at the transmitter and decision feedback equalization (DFE)

at the receiver. A combination of transmit and receive-side equalization helps minimize Inter

Symbol Interference (ISI) by compensating for the channel characteristics and maintains optimum

link performance with low Bit Error Rate (BER). However, the transmitter prototype discussed in

this work is expected to operate in a well-controlled environment with low-loss traces on a Rogers

PCB suitable for high frequency operation. Thus, a CTLE at the receiver (i.e. in the on-chip

digital interface) is sufficient to compensate such a benign channel [115].

W1Vin
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Peaking Amplifier
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+

Vout
-

W1Vin
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-

Vout
+
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VDD
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Figure 4.18: Schematic of the CTLE used in the AFE of the high-speed digital interface for the

proposed 60GHz digital polar 4-element phased array transmitter.

A simplified diagram of the CTLE is shown in Fig. 4.18. It uses a parallel amplifier topology,

where both amplifiers have the same input, which is the output of the VGA. The overall CTLE

response is a combination of the responses of these two amplifiers as described in [114, 116]. The

peaking level is adjusted by controlling the ratio of the bias currents to two amplifiers, one with a
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Figure 4.19: Simulated small signal voltage gain for (a) no gain peaking, (b) maximum gain peaking

and (c) programmable gain peaking of the CTLE used in the AFE of the high-speed digital interface

for the proposed 60GHz digital polar 4-element phased array transmitter.

fixed 10-dB peaking (peaking amplifier) and one with no peaking (auxiliary amplifier). The peaking

amplifier is implemented as a digitally adjustable source-degenerated differential amplifier with RC

source degeneration. As the degeneration impedance drops with increasing frequency, the amplifier

gain increases proportionately until the bandwidth limitation of the amplifier causes the gain to roll

off. This forms a peak in the gain/frequency characteristic. The frequency at which the peak occurs

(also referred to as the pole position) is adjusted by varying the value of the 5-bit binary-weighted

degeneration capacitor bank. Applying no bias current to the peaking amplifier and full bias to the

auxiliary amplifier produces no peaking (Fig. 4.19(a)). Conversely full bias on the peaking amplifier

and no bias on the auxiliary amplifier results in maximum peaking (Fig. 4.19(b)). Applying bias

to both the peaking and auxiliary amplifiers (for a given source degeneration) allows control on the

amount of peaking (Fig. 4.19(c)).

4.4.5.3 1:8 Deserializer (DeMUX) and Digital Retiming

The output of the CTLE drives a 1:8 deserializer (DeMUX) to generate the individual control

bits from the serial input. The static frequency dividers, master-slave flip-flops and clock buffers

in the DeMUX were all implemented using CML cicuits ( [111]). Each deserialized bit is fed to

a differential amplifier with current mirror load to perform differential-to-single-ended conversion

and make the output compatible with standard CMOS logic levels. As mentioned before, the I
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Figure 4.20: Simulated output waveforms of the 1:8 DeMUX using a 20Gbps PRBS input. The

input sequence has been offset for clarity.

and Q phase control bits need to be routed to the phase modulator while the amplitude control

bits need to be routed symmetrically to all four transmitter elements. Additionally, all control bits

(amplitude and phase) should have the same delay from the output of the respective DeMUXes

to the retiming flip-flops at the respective control inputs of the DAC/phase modulator. This was

accomplished by inserting buffers every 200µm on the routing lines and equalizing the lengths of

routing lines for the phase and amplitude control paths. A divided version of the serial input clock

is available at the output of each 1:8 DeMUX, which is routed along with the corresponding control

bits for retiming the data using standard cell flip-flops located in proximity of the DAC and phase

modulator digital control inputs. This ensures that there is minimum skew between the retimed

data while also avoiding complex and power-hungry distribution of a single clock all over the chip.

The simulated output of the deserializer for an input 20Gbps PRBS sequence is shown in Fig. 4.20.
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4.4.6 Simulation Results of Transmitter Prototype

Fig. 4.21 depicts a layout snapshot of the digital polar 4-element phased array transmitter pro-

totype while Table 4.1 compares the simulated performance of the array (under continuous-wave

operation) with state-of-the-art mmWave PAs with Psat > 20dBm or employing efficiency enhanc-

ing architectures.
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Figure 4.21: Layout snapshot of the proposed digital polar phased array transmitter with major

building blocks highlighted.
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Table 4.1: Comparison with State-of-the-Art mmWave PAs with Psat > 20dBm or employing

efficiency enhancing architectures
Ref. Technology Freq. VDD Pout,sat η

η−6dB

ηmax
PAEmax

PAE−6dB

PAEmax
Gainmax ∆f/f0 ITRS Area Architecture Fully Integration

(GHz) (V) (dBm) (%) (%) (%) (%) (dB) (%) FoM
4

(mm2) Integrated? Complexity

This work 45nm 60 4.8 29.6 21.6 14 21.5 13.5 19.7 N/A 78.19 6.5 Digital polar Yes Direct digital

SOI CMOS 4-element phased array to mmWave

[14] 45nm 42.5 2.6 23.4 8.2 70.7 6.7 67.7 15 32 58.8 4.16 3-bit mmWave Yes Direct digital

SOI CMOS Power DAC to mmWave

[85] 40nm 80 0.9 20.9 N/R N/R 22.3 32.7 18.1 19.5 70.5 0.19 4-way diff. Yes

CMOS power combined PA only

[4] 45nm 41 5 21.6 N/R N/R 25.1 60 8.9 22 56.8 0.3 4-stacked PA Yes

SOI CMOS PA only

[86] 40nm 60 1.2 22.6 N/R N/R 7 35.7 29 11.6 75.6 2.16 8-way diff. Yes

CMOS power combined PA only

[56] 45nm 45 5.5 28 N/R N/R 14 35.7 N/R N/R N/A 11.25 4-way diff. No
7

SOI CMOS spatial power comb. PA only

[57] 40nm 60 1 15.6 23
6

28.5
6

N/A N/A N/A 11.6 N/A 0.33 Out-phasing Yes modulator

CMOS + PA

[73] 45nm 42 2.5 18 33 72.7 23 73.9 7 N/R
1

51.1 0.64 Doherty Yes PA only

SOI CMOS 2-stacked PAs

[80] 45nm 45 4 21.3 24 52.1 16 56.2 7.4 13.3 53.8 1.15 4-stacked 8 bit Yes modulator

SOI CMOS I/Q Power DAC + PA

[5] 45nm 45 5.1 24.3 21.3 N/R 14.6 N/R >18 15 67 7.67 4-stacked No
3, 5 Direct digital

SOI CMOS 2 bit Power DAC to mmWave

[87] 0.13µm 46 5 21.8 21 60 18.5 59.5 15 N/R 62.73 1.6 2-stacked Yes Direct digital

SiGe BiCMOS 1 bit Power DAC to mmWave

[88] 0.13µm 46 5 28.9 20 60 18.5 59.5 15 N/R 69.83 13.65 3-bit mmWave Yes Direct digital

SiGe BiCMOS Power DAC to mmWave

1Large-signal performance across frequency is not reported. 2Measurement below 33GHz is limited by equipment. 3Assumes 3dB external differential-to-single-ended converter. 4Defined as Psat(dBm)

+ Gain(dB) + 20 log10(Freq.(GHz)) + 10 log10(PAE). 5 Does not have an on-chip choke inductor (biased using external bias-Ts). 6Entire system metrics (for a fair comparison) inferred from supplied

graph assuming power consumption of I/Q mixer remains constant. 7 Uses an on-PCB input matching network.

4.5 Conclusion

This chapter presented implementation details of a 60GHz digital polar four element phased ar-

ray transmitter with watt-level output power in IBM 45nm SOI CMOS based on a hybrid 8-bit

power DAC described in Chapter 3. A deserializing receiver was incorporated on-chip to facilitate

acquisition of high-speed control signals for the high-resolution DAC. The prototype has been sent

for fabrication and experimental results are expected to be available in the latter half of 2016. To

the best of our knowledge, this work demonstrates the first fully integrated high-power mmWave

transmitter capable of supporting complex modulations with high average efficiency.
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Chapter 5

Future Work

In this dissertation, the concepts, design and implementation of high-power, high-resolution, digital-

intensive mmWave power DACs in 45nm SOI CMOS process were discussed. This chapter presents

future directions for the research described herein for next generation wireless networks.

5.1 Short Term Goal: Prototype Measurements

Preliminary simulation results of the proposed digital polar power DAC-based transmitter prototype

were discussed in Chapter 4. The final experimental results demonstrating functionality of the

prototype are expected to be completed in the latter half of 2016. Since the use of Class-G supply

switching in conjunction with tail transistor modulation results in a non-linear amplitude profile

for the DAC (Fig. 3.38(c)), an important aspect of experimental verification would be the use of

DPD to facilitate linear operation while supporting complex modulations.

5.2 Long Term Vision: Massive Millimeter-wave MIMO for Wire-

less Backhaul

The escalation of wireless communication in recent years necessitates high-capacity links for back-

bone communication networks to handle the aggravated data flow. The eighth broadband progress

report from the FCC has concluded that “broadband is not being reasonably and timely deployed to

all Americans” particularly for data rates exceeding 3Mb/s [117, 118]. The high initial investment
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and repair costs of deploying fiber-optics backbone infrastructure (Fig. 5.1(a)) limit the overall

network capacity and deter expansion into rural/developing regions. A transformative wireless

infrastructure capable of achieving optical data-rates can overcome backhaul resource constraints,

leading to overall higher capacity for 4G, WiFi and WiMAX networks [119]. The rapid deployment

capabilities of such a system is also pertinent in situations like natural disasters to enable portable

high-speed wireless internet access [120]. These wireless links can also serve as the bridge between

optical links across rugged terrains (mountains and rivers) where trenching is impractical, or in

urban areas where installation costs are prohibitive.

MIMO element
(sub-array)

D

x

Fiber

(a) (b)

Figure 5.1: (a) Current fiber-optic based infrastructure for mobile backhaul and (b) alternative

MIMO-based approach for wireless backhaul using compact, massively scalable arrays at mmWave.

The capacity of wireless backbone links can be increased by increasing signal bandwidth. The

wide available bandwidth at mmWave frequencies has led to the exploration of mmWave for back-

haul. While mmWave (e.g. E-band or 71-76GHz/81-86GHz) backhaul links are commercially

available, data rates are typically limited to <5Gbps due to transceiver limitations. In particular,

high-speed analog-to-digital converters (ADCs) remain expensive and power-hungry, and ultimately

limit the signal bandwidths that may be exploited. Such mmWave backhaul links also typically

employ high-gain Cassegrain antennas to overcome the high propagation losses and atmospheric

absorption that plague mmWaves, but consequently require careful alignment and are sensitive to

wind gusts and building sway.
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Data rate can also be increased through the use of higher-order spectrally-efficient modulations,

but this once again requires increased SNR which stresses transceiver and ADC performance. Alter-

natively, a MIMO-based spatial multiplexing approach maybe employed to increase capacity. How-

ever, the spatial multiplexing factor has typically been limited in state-of-the-art MIMO links due

to the associated signal processing complexity and the large footprint of antenna arrays (typically

8×8 or 12×12) at low frequencies [121]. Interestingly, the reduction in feature size at mmWave (due

to reduced wavelength) enables massive antenna arrays within a compact footprint (Fig. 5.1(b)).

Such massive arrays can use a mix of linear beamforming to overcome the high path loss, and

massive MIMO to increase the data rate.
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Figure 5.2: Proposed massive mmWave MIMO architecture using high-power, high-efficiency

stacked mmWave power DAC transmitter together with novel digital signal processing schemes

for channel estimation and low-PAPR transmitter precoding to facilitate high-speed links.

Millimeter-wave MIMO [122] is being considered as an enabling technology for the next genera-

tion of wireless standards (5G) [8]. Since high atmospheric and propagation losses at mmWave can

degrade link performance, demonstrations of mmWave MIMO so far have relied on high gain anten-

nas and have been restricted to short-range links [123, 124]. However, such an approach can limit

scalability and robustness. Fig. 5.2 illustrates our long term research vision culminating in a scal-

able, precoding-based massive mmWave MIMO link which employs linear beamforming sub-arrays

(MIMO elements) at both the transmitter and the receiver. It utilizes a digital-transmitter-centric

mmWave MIMO architecture where MIMO precoding is pursued on the transmitter side to sim-

plify the receiver. Simple QPSK modulation is envisioned to relax MIMO receiver dynamic range

requirements (enabling, in the limit, 1-bit ADCs [125]) but recover aggregate data rate through
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massive MIMO spatial multiplexing. This simplification of the receiver architecture necessitates

precoding at the transmitter to ensure that a clean QPSK signal arrives at each receiver. The entire

signal conditioning complexity is therefore transferred to the transmitter, which can be addressed

by means of digital-intensive mmWave transmitters such as the one proposed in Chapter 4. MIMO

precoding enhances the signal peak-to-average-power-ratio (PAPR) at the transmitter (5.2.1). Ad-

ditionally, channel estimation using low-resolution ADCs is challenging. Therefore, efficient pre-

coding algorithms for co-design with the transmitter (to minimize PAPR and maximize back-off

efficiency) along with a novel level-triggered sampling-based channel estimation approach [126] is

being investigated in collaboration with Prof. Xiaodong Wang at Columbia University.

5.2.1 MmWave Massive MIMO Link Analysis

Figure 5.3: Survey across frequency of CMOS transmitter saturated output power (extrapolated

from works discussed in this thesis and those reported in [4,5,28,127,128]) and NF of state-of-the-art

CMOS receivers, and single-element path loss for 100m distance including atmospheric absorption

are shown. The resultant number of MIMO elements and corresponding sub-array size, PAPR at

the MIMO transmitter elements and data rate for our proposed massive MIMO system are also

depicted.

It is instructive to perform a cross-layer analysis of the achievable data rate in a massive
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mmWave MIMO link. A survey of state-of-the-art CMOS transceivers yields scaling trends for

pertinent performance metrics (transmitter saturated output power Psat and receiver NF) across

frequency. A link range of 100m and a typical antenna gain of 5dBi are assumed yielding the path

loss depicted in Fig. 5.3 including atmospheric absorption. The total aperture size is constrained

to 1m×1m, which is roughly the same size as the 3-foot Cassegrain antennas that are commonly

used for current E-band point-to-point backhaul links. The required Rayleigh spacing (=
√
Rλ/N

where R is the 100m communication distance, λ is the wavelength and N is the number of MIMO

elements along one dimension of the square array) for line-of-sight point-to-point MIMO dictates

the total number of MIMO elements that can be supported within the aperture (equal for the

transmitter and the receiver). To overcome the high path loss at mmWave, beamforming is re-

quired to achieve a sufficient SNR. Therefore as mentioned earlier, each MIMO element comprises

a sub-array of elements across which (RF) beamforming is performed. A spacing of λ/2 is as-

sumed between sub-array elements. Each MIMO stream is a 1Gsymbol/s QPSK signal. A purely

line-of-sight channel model is constructed for the system for simplicity, and conventional linear

zero-forcing (ZF) precoding is assumed across MIMO elements on the transmitter. Assuming equal

beamforming sub-array sizes at the transmitter and receiver, the required sub-array size to reach an

SNR of 20dB at each receiver MIMO element is determined through system analysis and MATLAB

simulations. The resultant PAPR arising from linear superposition of multiple QPSK streams at

each MIMO transmitter element due to precoding is also shown. Finally, the aggregate data rate is

computed as the number of MIMO elements times 2Gbps. The aggregate data rate per unit power

dissipation is also computed assuming:

• a frequency-dependent DC power consumption for each transmitting element, determined

from fitting a second-order polynomial to PAE trends for stacked PAs reported in this work

and those in [4, 5, 28,127,128] and

• a frequency-independent DC power consumption of 100mW for each receiving element re-

spectively (based on the survey of the state of the art).

Several interesting observations can be made from this analysis:

1. As frequency increases, the number of MIMO elements that can be supported increases due

to the decreasing Rayleigh distance, as does the aggregate data rate. At 60GHz and beyond,
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the MIMO starts to become massive (9×9), while at lower millimeter-wave frequencies (e.g.

28GHz) that are currently being explored, the MIMO order is smaller.

2. MIMO pre-coding increases the PAPR at each transmitter element, stressing power amplifier

performance.

3. At higher frequencies, the higher path loss, lower transmitter output power, higher PAPR due

to higher-order MIMO and degrading receiver performance necessitate increased beamforming

to achieve sufficient SNR, dictating larger beamforming sub-array sizes. This increases the

power consumption of the system, degrading data rate per unit power consumption.

4. The data rate per unit power consumption trend will dictate the choice of frequency for dif-

ferent applications - more power-constrained applications would benefit from lower mmWave

frequencies such as 28/38GHz, while links requiring higher aggregate data rate with relaxed

power constraints might use 60GHz and beyond.

5.2.2 Impact of MIMO Array Geometry on Transceiver Metrics

The foregoing analysis assumed that the MIMO elements are arranged in a square array. However,

the MIMO elements can be arranged in alternative geometries that might affect the performance

metrics in different ways. Fig. 5.4 depicts the various transceiver metrics across frequency for a

circular arrangement of MIMO elements. A comparison (Fig. 5.5) with the corresponding results

for a square array indicates that for the same peak data-rate, a circular array reduces the PAPR

variation across frequency albeit at the cost of energy-efficiency. This indicates that array geometry

is an important degree of freedom that can be exploited to facilitate a trade-off between different

performance metrics.

5.2.3 Demonstration of a Long-haul MIMO Link at 60GHz

Based on these preliminary theoretical investigations, we propose a mmWave MIMO demonstration

as shown in Fig. 5.6. A data-rate of 16Gbps (i.e. 2Gsps modulation bandwidth) is targeted

over 100m at 60GHz using a 4×4 MIMO system while satisfying the link constraints described

previously. Each MIMO transmit element is realized using the hybrid power DAC-based digital

polar phased array transmitter discussed in Chapter 4. Precoded QPSK data-streams generated
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Figure 5.4: The number of MIMO elements and corresponding sub-array size, PAPR at the MIMO

transmitter elements and data rate for the proposed massive MIMO system when the MIMO

elements are arranged in a circular array.

Figure 5.5: Comparison of transceiver performance metrics for square and circular arrangement of

MIMO elements in the proposed massive MIMO system.

using an Arbitrary Waveform Generator (AWG) will be applied to the MIMO elements along with

pilot sequences to facilitate LO phase recovery at the (off-the-shelf) receiver. The demodulated data

will be captured in an oscilloscope for further processing. Channel estimation and precoding will be

performed using the setup prior to data-transmission. Table 5.1 compares the targeted performance

of the proposed MIMO link with contemporary high-speed mmWave transceivers (academic as well

as commercial). The proposed demonstration can facilitate unprecedented data-rates at link ranges

not feasible using current technologies. Preliminary demonstration of such a long-haul MIMO link

using the proposed digital polar transmitter can provide a pathway to realize MIMO systems for

future wireless networks.
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Figure 5.6: Proposed demonstration of a 16Gbps 4×4 mmWave MIMO link at 60GHz over 100m

distance. Each MIMO transmit element is realized using the hybrid power DAC-based digital polar

four element phased array transmitter discussed in Chapter 4.

Table 5.1: Comparison of the proposed demonstration of a 4×4 mmWave MIMO link with contem-

porary high-speed mmWave links (academic and commercial).
Entity Freq. Link Range Tx Pout Antenna Gain Modulation Data-rate Architecture Application

This Work 60 GHz 100m 29.6dBm 5dBi QPSK 16 Gbps 4×4 MIMO Mobile Backhaul

IBM 60 GHz 54cm 9dBm 8dBi 16QAM 5.3 Gbps 16-antenna Beamformer IEEE 802.15.3c

IBM 60 GHz 10m 15dBm 7dBi QPSK-OFDM 0.64 Gbps Single Element TRx IEEE 802.15.3c

IMEC 60 GHz 3.6m/0.6m 10.8dBm
7.5dBi

QPSK/16 QAM 3.5/7 Gbps 4-antenna Beamformer IEEE802.11ad
(Array)

Tokyo Tech 60 GHz 0.9m/0.6m 10.3dBm 14dBi* QPSK/16 QAM 14/28 Gbps 4-channel Bonding* IEEE802.11ad/WiGig

UCSB 60 GHz 5m N/A 24dBi∗,# BPSK 2.4 Gbps 4×4 MIMO∗,# N/R

UCSB 60 GHz 4m -16.5dBm
24dBi(Tx)

BPSK 1.2 Gbps 2×2 MIMO∗,# N/R
40dBi(Rx)∗,#

NEC 70-80 GHz 1Km N/A N/A* QPSK-256QAM 1.6 Gbps N/A* Mobile Backhaul

Siklu 81-86 GHz 500m N/A 32dBi* QPSK-64QAM 1 Gbps N/A* Mobile Backhaul

∗ Uses high-gain parabolic/horn antennas. # Uses off-the shelf Tx and Rx components.

5.3 Conclusion

This chapter presented an overview of the future directions for the research described in this thesis.

Starting with experimental verification of the functionality of the digital polar phased array trans-
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mitter proposed in Chapter 4, we intend to demonstrate the utility of such a prototype in realizing

high-speed long-haul mmWave links by means of a 4×4 MIMO link at 60GHz. Aside from the

mmWave front-end, implementation of a scalable digital backend that can generate, distribute and

process high-speed signals with low power consumption and acceptable signal integrity presents a

significant challenge. Furthermore, such a massive system entails innovative packaging and ther-

mal cooling solutions. Our long term research vision pertaining to massive MIMO thus presents

an exciting opportunity for interdisciplinary research that requires co-investigation of novel circuit

and signal processing techniques, as well as exploration of digital intensive scalable arrays. A com-

bination of cost-effective nanoscale CMOS along with the potential for exploring digital-intensive

spatial processing techniques such as massive MIMO thus indicate an exciting future for research

in mmWave systems.
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Appendix A

Modeling of Passive Components in

IBM 45 nm SOI CMOS

Figure A.1: (a)Series capacitance (C = − 1
ω×imag( 1

Y21
)
) and (b) Q (= imag(Y21)

real(Y21) ) of a L=12µm,

W=11.42µm 280fF VNCAP from the PDK model, EM-simulation-based model and measurements.

The inductances and transmission lines used in the prototypes have been implemented using

CPWs in the topmost metal layer with a continuous ground plane underneath [3]. A 66Ω CPW

used in the PA designs has a measured quality factor of ≈18 in the Q-band (33GHz-50GHz) [46].

The capacitors used in the PA designs have been implemented using interdigitated capacitors called
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Vertical Natural Capacitors (VNCAPs). A W=11.42µm×L=12µm 280fF VNCAP has a measured

quality factor which ranges from 11 to 6 across the Q-band (Fig. A.1).


