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Abstract

System-on-Chip (SoC) was adopted in recent years as one of the solutions

to reduce the cost of integrated systems. When the SoC solution started to

be used, the final product was actually more expensive due to lower yield.

The developments in integrated technology through the years allowed the

integration of more components in lesser area with a better yield. Thus,

SoCs became a widely used solution to reduced the cost of the final product,

integrating into a single-chip the main parts of a system: analog, digital and

memory.

As integrated technology kept scaling down to allow a higher density of

transistors and thus providing more functionality with the same die area,

the analog RF parts of the SoC became a bottleneck to cost reduction as

inductors occupy a large die area and do not scale down with technology.

Hence, the trend moves toward the research and design of inductor-less

SoCs that further reduce the cost of the final solution.

At the same time, as the demand for home networking high-data-rates

communication systems has increased over the last decade, several stan-

dards have been developed to satisfy the requirements of each application,

the most popular being wireless local area networks (WLANs) based on

the IEEE 802.11 standard. However, poor signal propagation across walls

make WLANs unsuitable for high-speed applications such as high-definition

in-home video streaming, leading to the development of wired technologies

using the existing in-home infrastructure. The ITU-T G.hn recommenda-

tion (G.9960 and G.9961) unifies the most widely used wired infrastructures

at home (coaxial cables, phone lines and power lines) into a single standard

for high-speed data transmission of up to 1 Gb/s.



The G.hn recommendation defines a unified networking over power lines,

phone lines and coaxial cables with different plans for baseband and RF. The

RF-coax bandplan, where this thesis is focused, uses 50 MHz and 100 MHz

bandwidth channels with 256 and 512 carriers respectively. The center

frequency can range from 350 MHz to 2450 MHz. The recommendation

specifies a transmission power limit of 5 dBm for the 50 MHz bandplan

and 8 dBm for the 100 MHz bandplan, therefore the maximum transmitted

power in each carrier is the same for both bandplans.

Due to the nature of an in-home wired environment, receivers that can

handle both very large and very small amplitude signals are required: when

transmitter and receiver are connected on the same electric outlet there is no

channel attenuation and the signal-to-noise-plus-distortion ratio (SNDR) is

dominated by the receiver linearity, whereas when transmitter and receiver

are several rooms apart channel attenuation is high and the SNDR is dom-

inated by the receiver noise figure. The high-dynamic-range specifications

for these receivers require the use of configurable-gain topologies that can

provide both high-linearity and low-noise for different configurations. Thus,

this thesis has been aimed at researching high dynamic range broadband

inductor-less topologies to be used as the RF front-end for a G.hn receiver

complying with the provided specifications.

A large part of the thesis has been focused on the design of the input ampli-

fier of the front-end, which is the most critical stage as the noise figure and

linearity of the input amplifier define the achievable overall specifications

of the whole front-end. Three prototypes has been manufactured and mea-

sured using a 65 nm CMOS process: two input RFPGAs and one front-end

using the second RFPGA prototype.

Keywords: broadband, inductor-less, RF, front-end, high dynamic range,

wired communications
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Introduction

1.1 Thesis Framework

This thesis has been developed in the framework of industry through a joint fellowship

provided by Broadcom Corporation (initially Gigle Networks, prior to its acquisition)

and the Technical University of Catalonia (UPC). The research presented in this thesis

has been developed based upon the requirements provided by the company and it is

focused on the RF front-end part of a receiver for the ITU-T G.hn recommendation

(G.9960 [1] and G.9961 [2]) which received final approval in 2010. The recommendation

(the ITU’s term for standard) defines networking over power lines, phone lines and

coaxial cables with data rates up to 1 Gbit/s and contains a bandplan for RF over

coaxial cable (RF-coax), where this thesis is focused.

The work presented in this thesis was partly subsidized by the Spanish Ministry of

Industry under the Avanza R&D plan with project number TSI-020100-2009-597.

1.2 G.hn recommendation

As the demand for home networking high-data-rates communication systems has in-

creased over the last decade, several standards have been developed to satisfy the

requirements of each application, the most popular being wireless local area networks

1



1. INTRODUCTION

Figure 1.1: G.hn bandplans.

Bandplan Medium Number of carriers

50 MHz-B Powerline 2048
Phoneline 1024

Coax 256

100 MHz-B Powerline 4096
Phoneline 2048

Coax 512

100 MHz-P Powerline 1024

50 MHz-RF Coax 256

100 MHz-RF Coax 512

Table 1.1: Physical medium and number of carriers used in each G.hn bandplan.

(WLANs) based on the IEEE 802.11 standard. However, poor signal propagation across

walls make WLANs unsuitable for high-speed applications such as high-definition in-

home video streaming, leading to the development of wired technologies using the ex-

isting in-home infrastructure. The ITU-T G.hn recommendation (G.9960 and G.9961)

unifies the most widely used wired infrastructures at home (coaxial cables, phone lines

and power lines) into a single standard for high-speed data transmission of up to 1 Gb/s.

The G.hn recommendation defines a unified networking over power lines, phone

lines and coaxial cables. The physical medium available and number of carriers used

in each bandplan are listed in Table 1.1 and its distribution shown in Fig. 1.1. The

RF-coax bandplan, where this thesis is focused, uses 50 MHz and 100 MHz bandwidth

channels with 256 and 512 carriers respectively. The center frequency can range from

350 MHz to 2450 MHz. The recommendation specifies a transmission power limit of

5 dBm for the 50 MHz bandplan and 8 dBm for the 100 MHz bandplan, therefore the

power spectrum density (PSD) is the same for both bandplans.

Due to the nature of an in-home wired environment, receivers that can handle

2



1.2 G.hn recommendation

both very large and very small amplitude signals are required: when transmitter and

receiver are connected on the same electric outlet there is no channel attenuation and

the signal-to-noise-plus-distortion ratio (SNDR) is dominated by the receiver linearity,

whereas when transmitter and receiver are several rooms apart channel attenuation is

high and the SNDR is dominated by the receiver noise figure. The high-dynamic-range

specifications for these receivers require the use of configurable-gain topologies that can

provide both high-linearity and low-noise for different configurations [3, 4, 5, 6, 7, 8, 9,

10, 11, 12, 13].

The minimum value of SNDR depends on the design of each particular application.

The G.hn recommendation provides a maximum bit-error rate (BER). The maximum

data-rate of a communications system is limited by the maximum bit-error-rate (BER)

that is specified to achieve throughput requirements. SNDR, a parameter usually used

to define the dynamic range of an analog front-end, is directly related to BER [14, 15,

16]. Therefore, analog front-ends aim at providing a value of SNDR that is above a

specified minimum value for a given range of input signal power to comply with the

maximum allowed BER of the whole system.

The minimum value of SNDR ultimately depends on the maximum transmission

distance that wants to be achieved at a given throughput (as the transmission dis-

tance increases, the receiver signal power decreases and thus SNDR decreases) and the

maximum throughput that wants to be achieved at minimum distance (as the SNDR

increases, the throughput can be increased while maintaining the same transmitted

power). The system designer establishes the minimum SNDR of each stage in order

to achieve the target value for the whole receiver to comply with the specifications of

BER, transmission distance and throughput.

As will be seen in a later subsection, the required specifications for the G.hn front-

end provided by the company include a minimum value of SNDR that needs to be

achieved for a given range of input power.
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1. INTRODUCTION

1.3 Towards low-cost broadband inductor-less SoCs

System-on-Chip (SoC) was adopted in recent years as one of the solutions to reduce

the cost of integrated systems. When the SoC solution started to be used, the final

product was actually more expensive due to lower yield. The developments in integrated

technology through the years allowed the integration of more components in lesser area

with a better yield. Thus, SoCs have become a widely used solution to reduced the cost

of the final product, integrating into a single-chip the main parts of a system: analog,

digital and memory.

As integrated technology kept scaling down to allow a higher density of transistors

and thus providing more functionality with the same die area, the analog RF parts of

the SoC became a bottleneck to cost reduction as inductors occupy a large die area

and do not scale down with technology. Hence, the trend moves toward the research

and design of inductor-less SoCs that further reduce the cost of the final solution.

At the same time, as the demand for home networking high-data-rates communica-

tion systems has increased over the last decade, new communication systems using large

channel bandwidths such as G.hn have been created to satisfy these needs. Broadband

inductor-less design presents a challenge as inductors cannot be used for peaking in

order to compensate the parasitic capacitances.

1.4 Research Goals and Contributions

This thesis aims at researching high dynamic range broadband inductor-less topolo-

gies to be used as the RF front-end for a G.hn receiver complying with the provided

specifications. The main specifications of the RF front-end are defined in Table 1.2.

A large part of the thesis is focused on the design of the input amplifier of the front-

end, which is the most critical stage as the noise figure of the input amplifier defines

the achievable overall specifications of the whole front-end. Three prototypes have

been manufactured in two different runs using a 65 nm CMOS process: two input RF

programmable gain amplifiers (RFPGAs) and one front-end using the second RFPGA
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1.5 Thesis Organization

Specification Value

Number of gain settings 8
Output voltage (with 12 dB PAR input signal) ≥0.15 Vpp

SNDR ≥35 dB
Power consumption ≤50 mW

Input power dynamic range ≥80 dB
Maximum input power (100 MHz channel) 5 dBm
Maximum input power (50 MHz channel) 2 dBm

Table 1.2: G.hn RF front-end specifications.

prototype.

1.5 Thesis Organization

Chapter 2 contains an introduction to receiver front-end fundamentals. It explains

concepts that will be used later on in the design and measurement of the prototypes such

as noise, distortion and dynamic range. This chapter also presents available configurable

architectures and the reasons behind choosing pre-attenuation based topologies for the

design of the front-end.

Chapter 3 contains an introduction to design techniques for high-dynamic-range

broadband inductorless RF amplifier circuits. Some of these techniques are used in

the design of the amplifier prototypes, such as the active feedback input impedance

matching, providing further insight on its design in the proposed prototypes. Other

techniques, such as pre-attenuation based amplifiers to provide high dynamic range,

are expanded by providing new alternative circuit topologies improving the existing

performance.

Chapter 4 contains the design and experimental results of the first RFPGA proto-

type. The RFPGA is a fully-differential two-stage configurable pre-attenuation based

amplifier providing 4 different gain settings. One of the gain settings is provided by

by-passing the second amplifier, whereas the other 3 gain settings are provided by using

a switchable capacitive attenuation topology at the input. The RFPGA uses 2 different

methods of input impedance matching. The prototype has been fabricated in a 65 nm

5



1. INTRODUCTION

CMOS technology, packaged inside a QFN and measured on PCB.

Chapter 5 contains the design and experimental results of the second RFPGA pro-

totype. This RFPGA is a fully-differential double-input configurable pre-attenuation

based amplifier providing 4 different gain settings with a single stage using a switch-

able capacitive attenuation topology. The second RFPGA also uses 2 different method

of input impedance matching. The prototype has been fabricated in a 65 nm CMOS

technology, packaged inside a QFN and measured on PCB.

Chapter 6 contains the design and experimental results of the front-end prototype.

The front-end input amplifier uses the double-input (DI) RFPGA presented in Chapter

5. The mixer uses a folded topology composed of a current re-use transconductance

amplifier (CR-TCA) and a switching stage. The CR-TCA can be by-passed thus con-

necting the DI-RFPGA directly to the switching stage, providing another method of

configuration. Therefore, the front-end provides a total of 8 different gain settings. The

prototype has been fabricated in a 65 nm CMOS technology, packaged inside a QFN

and measured on PCB.

Chapter 7 contains the conclusions and suggestions for future research.
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2

Receiver Front-End

Fundamentals

2.1 Introduction

This chapter presents front-end fundamentals that will be used along the thesis. The

chapter starts by introducing the concepts of noise, sensitivity and distortion which

are basic measures for both individual circuits and front-ends. These three concepts

combine together to obtain the metric of dynamic range, which provides a measure

of the circuit’s capability to handle a large range of input power while maintaining a

minimum signal-to-noise-plus-distortion ratio (SNDR).

We also introduce the noise-power-ratio (NPR) metric which is the process used to

measure the front-end dynamic range in Chapter 6. Since the front-end is designed for

a multi-carrier system, a metric such as NPR that uses multiple input-tones provides a

more reliable measure of circuit distortion than the classical third-order intercept point

(IP3). The chapter ends by providing frequency conversion concepts to cover basic

mixer specifications.

7



2. RECEIVER FRONT-END FUNDAMENTALS

2.2 Noise and Sensitivity

Noise is a parameter of critical importance in any receiver as it corrupts the desired

signal carrying the information resulting in an increase of the bit-error rate (BER).

The addition of noise by a circuit is usually characterized by the noise factor (F) or

alternatively by the noise figure (NF) when using logarithmic scale, which is defined as

how the signal-to-noise ratio (SNR) changes from input to output:

F =
SNRin
SNRout

(2.1)

Since the signal of interest spans over a given bandwidth, the noise must be inte-

grated over that bandwidth for the calculations. Noise figure is related to sensitivity

in the sense that sensitivity is the minimum signal level the system can detect while

providing a minimum value of SNR (which is calculated from the maximum allowed

BER). By developing Eq. 2.1 we can define the sensitivity at room temperature as [17]:

Pinmin = −174dBm/Hz +NF + 10logBW + SNRmin (2.2)

By using the maximum allowed BER of the system, the system designer can extract

the minimum SNR value of the front-end. Then, the system designer sets the desired

sensitivity of the system which is calculated using the maximum desirable transmission

distance (as transmission distance increases, the signal is attenuated by the transmission

channel and the received signal power decreases). By using the minimum SNR and the

sensitivity and Eq. 2.2, the required NF of the whole front-end is obtained. Finally,

the NF of each single stage is established at system level so that the NF of the whole

front-end is below the calculated value. The total NF of the front-end can be expressed

by the NF and gain of each individual stage [18]:

NFtot = 10log

(
F1 +

n∑
i=2

Fi − 1∏i−1
j=1Gj

)
(2.3)

Where n is the number of stages and G is the gain of each corresponding stage. This
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2.3 Distortion

equation considers equal input and output impedances for each stage. For different

output and input impedances, which is usually the case in integrated circuits, the

cascaded noise figure can be expressed as [18]:

NFtot = 10log

F1 +
n∑
i=2

Fi − 1∏i−1
j=1G

2
j

(
Rinj

Routj−1+Rinj

)2 Routj−1

Routj

 (2.4)

Where Rin is the input impedance of each corresponding stage, Rout is the output

impedance of each corresponding stage and Gv is the voltage gain of each corresponding

stage. As can be seen from the equations, the noise figure of each stage is divided by

the gain of the previous stages when their contribution to the whole front-end is taken

into account. Therefore, the most critical stage in terms of noise figure is the input

amplifier since there is no previous amplification.

2.3 Distortion

Ideally, an amplifier device has a linear response from input voltage to output voltage.

However, in a practical implementation, the devices have a non-linear response as shown

in Fig. 2.1. In a simplified time-invariant model, the response of the amplifying device

can be represented as a Taylor series:

vout = a0 + a1vin + a2v
2
in + a3v

3
in + a4v

4
in + ... (2.5)

The first term is the output DC voltage of the amplifying device, and the second

term is the term of interest corresponding to the amplified input signal. The higher

order terms result in unwanted distortion components (intermodulation) which mask

the wanted signal reducing the SNR. If vin is composed of only one tone, the high-

order components are located at frequencies multiple to that of the input tone and the

unwanted distortion is located far from the frequency of interest. However, when the

input signal contains two or more tones, the high-order components generate harmonics

whose frequencies are a combination of the frequencies of the input tones. Some of these
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2. RECEIVER FRONT-END FUNDAMENTALS

Figure 2.1: Actual versus ideal behavior of an amplifying device.

combinations fall at the frequencies of the input signal, thus adding distortion at the

band of interest which decreases the SNR.

The most significant harmonics in terms of amplitude are due to the second-order

and third-order non-linearities [19] whose location is shown in Fig. 2.2. Second-order

harmonics can be minimized by using a differential topology. However, third-order

harmonics are present in both single-ended and differential topologies. Thus, the most

common measure of linearity for RF input amplifiers is the third-order input intercept

point (IIP3), which provides the value of input power for which the output wanted

signal and output unwanted third-order product have the same power, as shown in Fig.

2.3.

The high-order terms have a slope in logarithmic scale equal to that of the order of

the polynomial (second-order non-linearities have a slope of 2, third-order a slope of 3,

and so on). Therefore, intermodulation distortion is mainly important when handling

large values of input power, since for the small values the power of the harmonics

is much smaller than that of the signal of interest (Fig. 2.3). Then, as opposed to

noise where the required front-end NF is calculated by using the minimum SNDR for

the smallest input power signal, the required front-end IIP3 is calculated by using the

minimum SNDR for the largest input power signal. The cascaded IIP3, equivalent to

10



2.3 Distortion

Figure 2.2: Location of second-order and third-order non-linearities.

Figure 2.3: Third-order intercept point.

11



2. RECEIVER FRONT-END FUNDAMENTALS

the cascaded noise figure, can be calculated from the IIP3 and gain of each individual

stage for equal input and output impedances [18]:

IIP3tot = −10log

(
n∑
k=1

∑k−1
j=1 G

2
j

IIP3k

) 1
2

(2.6)

Where IIP3x is the third-order intercept point of each corresponding stage and Gx

is the voltage gain of each corresponding stage. One difficulty in obtaining a closed ex-

pression for the front-end cascaded IIP3 is the distortion components of different stages

combine between themselves in a way that depends on the phases of each individual

component [20]. The previous equation considers the conservative worst-case where all

the phases are equal and thus the intermodulation products add directly.

However, the IIP3 metric considers the case of only two input tones. Present broad-

band communications systems such as G.hn use a large numbers of carriers up to 512

and the theoretical distortion analysis of such a system becomes very complex. The

final objective of a distortion measure is to provide a reliable value of intermodulation

distortion (IMD) that can be used to calculate the SNDR of the system as shown in Fig.

2.4 for large and small input signal power. Multiple-tone IMD for SNDR calculation

can be obtained either by an indirect metric using IIP3 values such as composite triple

beat (CTB) [4] or direct metrics such as adjacent channel power ratio (ACPR) and

NPR [21, 22] which use a multiple-tone input signal.

As opposed to other communication systems where the distortion and SNDR are

based upon the interaction between the signal of interest and out-of-band blockers,

in this application there is only one channel with a signal of interest composed of

multiple carriers and the out-of-band blockers are filtered with a diplexer. Therefore,

the distortion and SNDR are based upon the interaction of all the in-channel carriers

between themselves.
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2.4 Dynamic Range

Figure 2.4: SNDR calculation at (a) Small input power (b) Large input power.

2.4 Dynamic Range

Dynamic range is defined as the difference between the maximum power and the mini-

mum power a circuit can handle, where the definition of maximum and minimum power

depends on each particular application. In the case of an RF front-end inside of a whole

receiver system, the maximum and minimum power the circuit can tolerate is defined

by the minimum SNDR the DSP stage needs to provide the required maximum BER.

The maximum power is limited by the distortion generated by the circuits whereas the

minimum power is limited by the sensitivity. This difference between the minimum and

maximum power values is the dynamic range of the system.

Standards such as G.hn require a large dynamic range as they can receive both large

amplitude input signals when both transmitter and receiver are connected at the same

wall electrical outlet, and very small amplitude input signals when transmitter and

receiver are located far from each other at different rooms. Such a large dynamic range

requires the use of Automatic Gain Control (AGC) [19]. When not using AGC, a front-

end must comply with the noise and distortion specifications simultaneously, which

given current CMOS technologies and power consumption constraints is not viable.

Therefore, configurable topologies are a common design solution in high dynamic range

13



2. RECEIVER FRONT-END FUNDAMENTALS

Figure 2.5: SNDR vs input power with constant SNDR steps.

front-ends [3, 4, 5, 6, 7, 8, 9, 10, 11, 12, 13].

Configurable topologies provide different gain settings with different specifications

of noise and linearity. For the lowest value of input power the front-end is configured

at the gain setting which provides the best noise figure, that being the highest gain

setting. As the input power increases the minimum SNDR is reached and the front-end

is configured at the next gain settings which increasingly provides better linearity, thus

resulting in better SNDR as shown in Fig. 2.5, until the maximum input power is

reached and the front-end is configured at the last gain setting providing maximum

linearity.

The ideal way to perform experimental measures of dynamic range is to use a

multiple-tone input signal equivalent to that of the practical application so that the

SNDR can be measured directly, instead of measuring separately the noise output power

and the distortion output power (through an indirect measure such as using IIP3 to

calculate the CTB [4]) and adding them together to find the floor level. This thesis

performs the SNDR measurements using the noise power ratio (NPR) metric.

2.4.1 NPR Measurements

NPR is a figure of merit used to measure the SNDR of a given circuit and provides a

more reliable value than indirect figures of merit calculated through the IIP3 measured
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2.4 Dynamic Range

Figure 2.6: NPR measurement process.

values [23]. The NPR measurement is based on creating a broadband input stimulus

with power, occupied bandwidth, carrier spacing and spectral shape equivalent to those

of the practical case and adding a notch at some frequency location inside the channel.

Then, the test signal is fed through the device under test (DUT) and the resulting

SNDR is measured at the output using a power spectrum analyzer, as shown in Fig.

2.6.

The important factor in an NPR measurement is for the SNDR at the input between

the signal of interest and the notch to be sufficiently below the maximum value of

SNDR that wants to be measured at the output. To obtain an input SNDR larger

than 60 dB in the front-end measures for this thesis, we use the Agilent Signal Studio

for Noise Power Ratio [24]. This method uses a computer, a vector signal generator

and a power spectrum analyzer connected via LAN or GPIB as shown in Fig. 2.7.

The vector signal generator creates an input signal with the specifications (channel

bandwidth, carrier spacing, number of carriers and signal power level) configured by

the user and the notch power level is measured using the power spectrum analyzer. If

the notch is not low enough, the computer configures the vector signal generator to

add pre-distortion to the generated signal in order to decrease the notch power. This

process is repeated continuously in a closed loop until the required notch power level

is achieved or the maximum number of iterations is achieved. A sample screenshot of

input signal after applying pre-distortion zooming into the notch is shown in Fig. 2.8,

and a sample screenshot of the resulting signal passing through a front-end including

down-conversion is shown in Fig. 2.9.
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Figure 2.7: Agilent Signal Studio for Noise Power Ratio configuration.
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Figure 2.8: Sample screenshot of NPR input signal after applying pre-distortion zooming
into the notch.

Figure 2.9: Sample screenshot of a front-end output NPR measurement zooming into the
notch.
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Figure 2.10: Common mixer implementation in CMOS (a) Single-ended (b) Differential.

2.5 Frequency Conversion

The RF signals in a receiver need to be down-converted to a lower frequency before

they go into the analog-to-digital converter (ADC) which transforms the waveform into

a digital signal. The process of digital conversion is not performed at RF due to the

high power consumption of ADCs at high frequencies. The circuit that performs the

frequency down-conversion process is called mixer and consists of two inputs, the RF

and local oscillator (LO) ports, and one output, the intermediate frequency (IF) port.

The mixer contains a circuit that multiplies the LO signal by the RF signal. The

product of these two signals can be decomposed into two components, one of which is

the sum of the frequencies of RF and LO and the other is the difference. Therefore, the

component of interest at the output (IF port) is the RF −LO term (or LO−RF if LO

has a higher frequency than RF) which converts the RF signal to a lower frequency.

The LO is usually a sinusoid signal.

The most common mixer topology in CMOS technology uses the structure shown

in Fig. 2.10 (single-ended and differential). The RF signal enters through the source

of the transistors and the LO signal through the gate. Two instances of LO signal are

used, one at 0 phase and the other at 180 phase identified as LO+ and LO- respectively.

The goal in the design process is to have only half of the transistors on at any given

time. The resulting differential signal at the output (the IF port) contains two terms as

previously mentioned, at the sum and difference frequency of the LO and RF signals.

18
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Figure 2.11: SSB and DSB mixer concepts.

The LO frequency can be higher/lower than the RF frequency in which case the

mixer topology is called single-sideband (SSB) and is shown in Fig. 2.11a. If the LO

frequency is located just in the middle of the RF signal, the mixer topology is called

double-sideband (DSB) or direct conversion and is shown in Fig. 2.11b.

In an SSB mixer, the IF signal contains only one instance of the RF signal and

two instances of white noise. Thus, the noise figure increases not only due to the noise

added by the mixer circuitry itself, but also due to the conversion mechanism. In a

DSB mixer, although the IF contains two instances of the RF signal and two instances

the white noise, it also contains 1/f noise. In this case, the noise added through the

conversion mechanism is due to the 1/f noise. Whether to use a DSB or SSB topology

is decided by the system designer. The mixer in this thesis is designed as an SSB

topology.

Mixers can be either active (they use a bias current) or passive (they use no biasing

current). Passive mixers have losses but generally provide a better linearity than active

topologies, whereas active topologies provide gain and thus a better overall front-end

noise figure. Although passive mixers have no biasing current, they require large LO
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amplitudes to provide a large linearity, indirectly resulting in a considerable increase

of the mixer power consumption. Thus, it cannot be considered that the passive mixer

has no power consumption. Also, a passive mixer has losses. If these losses need to

be compensated at later by adding gain using an amplifier, power consumption will be

increased further.

The most important specifications for a mixer are the same than the ones in an

amplifier: noise figure, linearity and gain. The mixer, however, has another specifica-

tion which is of importance, that being the isolation between ports (RF, LO and IF).

Isolation can be largely improved by using a differential topology. In the case of a dif-

ferential mixer, the isolation is ideally infinite although in a practical implementation

mismatch results in a finite isolation.
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High-dynamic-range Broadband

Inductor-Less RF Amplifier

Techniques

3.1 Introduction

This chapter introduces several techniques used in RF amplifiers to provide high-

dynamic-range and broadband behavior without using inductors. Some of the tech-

niques presented in this chapter are used in the design of the prototypes presented in

the following chapters. These include parallel resistance and active feedback for in-

put impedance matching, resistive loads and active loads for inductor-less loads and

configurable-gain capacitive-attenuation topologies for high linearity. Since these tech-

niques are all used in the design of the three prototypes, they are presented here for

ease of reference and to maintain the focus on the core circuit design in the prototype

design chapters.

The other techniques presented in this chapter which are not used in the design of

the prototypes have been analyzed and tested in schematic design during the thesis but

it was decided that they were not the most adequate solution to provide the required
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specifications. These techniques, although not used in the prototypes, are presented in

order to provide insight on the differences between the techniques used and not used

in the prototypes.

We initially discuss input impedance matching techniques that provide broadband

matching, including parallel resistance, resistive feedback, common-gate and active

feedback. Then, we present amplifier loading techniques that provide broadband gain,

including resistive load, active load, active inductors and capacitive peaking. Finally, we

present techniques to increase the linearity of an amplifier, including derivative super-

position, feedback, noise/distortion cancellation, post-distortion and pre-attenuation.

3.2 Input Impedance Matching

Input impedance matching can be performed either internally or externally. One com-

mon approach to internal broadband input impedance matching is performed by using

several narrowband amplifiers with inductors tuned at different frequencies for input

impedance matching, thereby covering all the required bandwidth [25, 26, 27]. This

approach takes a lot of chip space due to the large area occupied by the inductors,

which is undesirable in SoC solutions as the total cost increases significantly.

Using external matching (e.g. with an LC ladder [28, 29, 30, 31, 32]) avoids the chip

area constraints that forbid the use of integrated inductors. However, external com-

ponents also result in cost increase due to the additional printed circuit board (PCB)

area and the components. Thus, integrated inductor-less input impedance matching

is the most adequate solution in cost terms. This section describes how to perform

input impedance matching with parallel resistance, resistive feedback, common-gate

and active feedback.

3.2.1 Parallel Resistance

The most basic input impedance matching topology is to use a parallel resistance at

the input of the amplifier as shown in Fig. 3.1. The value of the parallel resistance
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Figure 3.1: Basic topology of the parallel resistance input impedance matching.

RP has the same value as the source resistance. Using this method, a real impedance

component is added to the input impedance, providing broadband input impedance

matching.

Besides the simplicity of its design, another advantage of this topology is that it

is highly suitable for high linearity circuits. This topology only requires one linear

passive component and the input signal is attenuated by half before going through the

amplifying transistor, improving the linearity of the whole topology.

This topology, however, results in a very high noise figure. On one hand, the resistor

itself generates thermal noise at the input which is added to the signal at the input

before any amplification is provided1. On the other hand, although attenuating the

signal by half results in higher linearity, it also results in higher noise figure.

Thus, the parallel resistor topology is most suitable for high linearity circuits which

do not require a low noise figure.

3.2.2 Resistive Feedback

The basic topology of the resistive feedback [27, 33] input impedance matching topology

is shown in Fig. 3.2. It is based on using a feedback resistor located between the drain

1The increase in noise factor in a whole chain due to a certain circuit or component is divided
by the total gain provided before that particular circuit or component. When a circuit or component
generates noise before any amplification is provided, the noise factor due to that circuit or component
is directly added to the total noise factor of the whole chain.
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Figure 3.2: Basic topology of the resistive feedback input impedance matching.

and the gate of the amplifying device. By placing this resistor, the input impedance

presents a real part that can be used for impedance matching.

As compared to performing input impedance matching by using a parallel resistance,

the signal is not attenuated at the input and therefore provides a better noise figure.

Nevertheless, the feedback resistor adds thermal noise which, depending on the required

value of the resistor to provide input impedance matching, may become a dominant

factor in the total noise generated by the amplifier.

When using resistive feedback, reverse isolation is degraded even when using a

cascode topology, therefore it is important to ensure that the circuit is stable within

the desired frequency range.

The resistive feedback topology provides good broadband impedance matching at

frequencies below a few gigahertz, but above that the capacitive component dominates

over the real part of the input impedance and the s11 is degraded. In this case, the

designer is forced to use a mechanism to compensate the imaginary part. The compen-

sation is usually done by using an inductor at the input [34, 35, 36] as shown in Fig.

3.3. [37] proposes a topology using a single compact low-Q on-chip inductor, showing

an improved trade-off between performance, power consumption, and die area.

A resistive feedback wideband low-noise amplifier (LNA) with feedforward noise

and distortion cancellation is presented in [38] as shown in Fig. 3.4. This topology

has no inductors and by using an amplifier between the gate of the main amplifying
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Figure 3.3: Resistive feedback using input inductor.

device and the gate of the cascode transistor is able to provide noise and distortion

cancellation.

3.2.3 Common-Gate

The basic topology of the common-gate input impedance matching is shown in Fig. 3.5,

which differs from the previous input impedance matching topologies in that the signal

enters through the source of the transistor instead of the gate. By using this method,

the input signal sees the transistor channel from source to drain, which provides the

real part of the input impedance. The input impedance of the common-gate topology

is thus the inverse of the transistor transconductance.

The common-gate topology is implemented with a current source at the source

of the transistor for applications up to the low gigahertz range [39, 40, 41] and can

alternatively use an inductor in place of the current source to enhance the bandwidth

of the input impedance matching [42, 43, 44, 45, 46]. The source inductor resonates

with the parasitic capacitances of the transistor thus extending the bandwidth.

25



3. RF AMPLIFIER TECHNIQUES

Figure 3.4: Resistive feedback using feedforward noise and distortion cancellation [38] (a)
Conventional resistive feedback LNA (b) Resistive feedback LNA using feedforward noise
and distortion cancellation.

Figure 3.5: Basic topology of the common-gate input impedance matching.
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Figure 3.6: Basic topology of the common-gate capacitive cross-coupling input impedance
matching.

Although the common-gate topology generally provides better noise figure than the

parallel resistance topology, the noise performance of the amplifier cannot be optimized

as the transconductance of the input transistor is fixed with a value inverse to the source

resistance in order to provide input impedance matching2 [42, 43]

One way to improve the noise figure of the common-gate topology is to use capacitive

cross-coupling [40, 42, 43]. This technique can only be used in differential topologies

and is shown in Fig. 3.6. When using this topology the input impedance is now equal

to the inverse of twice the transconductance of the amplifying transistor. Thus, for

a same value of source resistance, the amplifying transistors using capacitive cross-

coupling topology have double the transconductance compared to the case not using

it, therefore lowering the noise figure of the amplifier. This topology can be improved

by using dual capacitive cross-coupling [41], which further decreases the noise figure by

using two additional transistors and two additional capacitors, as shown in Fig. 3.7.

The common-gate topology can be used in conjunction with a common-source topol-

ogy to provide input impedance matching, single-ended to differential conversion and

noise-canceling simultaneously [47, 48, 49, 50]. The topology of such circuit is shown

2The noise figure of an amplifier with constant gain composed of a transistor and a load resistance
depends on the transconductance of the amplifying device.
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Figure 3.7: Basic topology of the common-gate dual capacitive cross-coupling input
impedance matching.

in Fig. 3.8 [47]. The input impedance of this topology at the low gigahertz range

is dominated by the resistive part provided by the common-gate transistor. As fre-

quency increases, the input impedance degrades faster than a standalone common-gate

topology due to the additional capacitance added by the common-source transistor.

The single-ended to differential conversion is provided by the difference in phase

shifting of the two amplifying devices. The common-gate transistor does not change

the phase of the input signal after amplification, whereas the common-source inverts

the phase of the input signal, resulting in a 180 degree shift. Therefore, the output of

the circuit provides a differential signal.

As for the noise-canceling property, it can be understood as follows. The noise

generated by the common-gate transistor can be represented by a current source that

generates both a voltage at the input node and a fully correlated inverse voltage at

the common-gate output. When the input noise due to the common-gate transistor is

amplified by the common-source device, it is shifted by 180 degrees. Then, the noise

generated by the common-gate transistor appears at both output branches with the

same phase as long as both devices provide equal gain. Thus, the noise generated by

the common-gate device is canceled and the noise figure is mainly dominated by the
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Figure 3.8: Combined common-gate common-source topology providing simultaneous
input impedance matching, single-ended to differential conversion and noise-canceling.

common-source transistor.

3.2.4 Active Feedback

The basic topology of the active feedback input impedance matching topology [51, 52,

53] is shown in Fig. 3.9. Input impedance matching can be achieved when the following

condition is fulfilled:

gm2 =
1

RS (1 + gm1RL)−RF
(3.1)

Where gm1 and gm2 are the transconductances of the two transistors and RS is the

source impedance the circuit needs to match. The transconductance gm2 can be tuned

either through the width of M2 or the biasing current IF . The equation only applies

to positive values of gm2. Therefore, the following condition for the RF value needs to

be complied with:
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Figure 3.9: Basic topology of the active feedback input impedance matching.

RF ≤ RS (1 +Av) (3.2)

Where Av is the open-loop voltage gain. It can be shown [51] that a higher value of

RF results in a higher noise figure but also higher linearity. Thus, the required value

of RF will depend on the specifications of each particular application.

Several variations can be applied to the active feedback basic topology. Active

feedback input impedance matching can be applied to a differential topology [53] by

duplicating the basic topology and adding a tail current source as shown in Fig. 3.10a.

The active feedback can also be applied to single-ended to differential conversion.

Fig. 3.10b shows such a configuration which, instead of duplicating the active feed-

back in both branches, combines the active feedback into a single branch achieving

higher loop gain bandwidth [54]. Another possible implementation of single-ended to

differential conversion with active feedback is shown in Fig. 3.10d. This topology uses

a common-gate common-source topology with local feedback. By adjusting the local

open-loop gain, the noise figure can be optimized by distributing the power consump-

tion among transistors and resistors based on their contribution to the total noise figure

[55]. The basic active feedback topology can also be modified into a dual active feed-

back topology which provides a higher and flatter broadband response at the cost of
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slightly higher noise figure [56, 57].

Another variation is to use AC coupling in the feedback loop [58] as shown in Fig.

3.10c. This variation, although allows for independent biasing of the feedback transis-

tor, adds a high-pass filter at the output node which modifies the circuit operation. The

current source in the feedback loop can be eliminated as shown in Fig. 3.10e, which

avoids the dependence of the input impedance on RF [59]. A current sink can also be

added at the input node (Fig. 3.10f) to make the input DC voltage level independent

of the feedback loop [51].

3.2.5 Implications on the prototype designs

This section has presented the following four input impedance matching topologies:

• Parallel resistance

• Resistive feedback

• Common-gate

• Active feedback

These topologies were tested on schematic in order to analyze their performance

and their suitability to the prototype designs. Since the final prototypes are config-

urable topologies with several gain settings (in depth analysis provided in Chapters 4,

5 and 6), two different input impedance matching topologies are used: parallel resis-

tance and active feedback. Parallel resistance is used at the lower gain settings where

non-linearities dominate and higher noise is allowed, thus making this topology more

adequate than the other three. At the higher gain settings the active feedback topol-

ogy was chosen as it provided better noise figure than the other two in the analysis

performed on schematic.
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Figure 3.10: Alternative active feedback input impedance matching topologies (a) Dif-
ferential (b) Single-ended to differential conversion with single-branch active feedback (c)
AC coupling at the output (d) Single-ended to differential conversion with local feedback
(e) Without current source at the feedback (f) Current sink at the input.
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3.3 Inductor-less Loads

The load in an amplifier is responsible for the I-to-V conversion at the output. Tradi-

tionally, inductors have been extensively used at the load both as a narrowband solution

[60, 61, 62] for applications such as GSM and WiFi (IEEE 802.11) and as a broadband

solution [36, 52, 63, 64] for applications such as UWB or DTV. As has been addressed

in previous sections, inductors occupy a large area and do not scale down with tech-

nology, therefore are cost restrictive for integration in a full SoC using cutting-edge

technologies. This section presents several broadband loading topologies without using

inductors.

3.3.1 Resistive Loads

The resistive loading is the most basic topology to be used as a load and is shown

in Fig. 3.11. It consists on using a resistance at the output which performs the I-

to-V conversion. Increasing the resistance value results in higher gain but decreases

bandwidth due to the low-pass RC filter effect between the load resistance and the

parasitic capacitance. Also, the voltage headroom decreases which worsens linearity.

This topology, although basic, is widely used in broadband amplifier design [4, 5,

6, 7, 8, 9, 10, 11, 12, 13] due to its simplicity and effectiveness. More complex loading

techniques are used to improve certain specifications at the cost of worsening other

ones, such active loads to provide better noise at the cost of decreased linearity and

active inductors to provide higher bandwidth at the cost of higher noise and lower

linearity.

3.3.2 Active Loads

The active load topology, as its name implies, uses active devices as the load of a cir-

cuit. Fig. 3.12a shows the basic topology of a differential amplifier with active loads

implemented using PMOS transistors. An amplifier using active loads provides higher

gain and lower noise compared to an amplifier using resistive loads with equal power
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Figure 3.11: Basic topology of an amplifier with resistive load.

consumption [65] and without sacrificing voltage headroom [66]. However, the addi-

tional non-linearities due to the transistors result in lower linearity, which is specially

important as the signal has already been amplified when it reaches the active loads

[25, 67, 68, 69].

Circuits using active loads commonly use a common-mode feedback (CMFB) topol-

ogy to set the DC voltage value at the output as shown in Fig. 3.12b. In this topology,

two large resistors are used at the output to obtain the common-mode voltage, which is

fed into an operational transconductance amplifier (OTA) and compared to a reference

voltage which is the desired DC voltage level at the output of the main circuit. The

middle point between the two resistors is virtually grounded but does not affect the

voltage swing headroom [66]. The control voltage at the output of the OTA can be

used to control either the tail current source or the gate voltage of the PMOS loads.

The resistors can be substituted for transistors operating in the linear region [70].

3.3.3 Active Inductors

Active inductors are topologies which, by using active devices, behave as an inductor

under certain operating conditions. Active inductors have several characteristics that

differentiate them from passive inductors, offering the following advantages [71]:

• Small area: since they use transistors instead of a metal spiral, active inductors

occupy small area and scale down with technology.

• Large and tunable self-resonant frequency: as technology scales down, active
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Figure 3.12: Basic topologies of a circuit with active loads (a) Differential amplifier with
PMOS loads (b) Differential amplifier with active loads and CMFB.

devices can operate at higher frequencies, which allows the use of active inductors

in high frequency applications.

• Large and tunable inductance: the inductance value is inversely proportion to the

transconductance of the transistors, therefore large inductances can be obtained

with small widths. Also, the inductance is tunable through several parameters

depending on each particular topology, such as current consumption or voltage

biasing, making active inductors suitable for multi-standard applications.

• Tunable quality factor: as with inductance, the quality factor is also tunable

through several parameters of the circuit.

Active inductors, however, also present several disadvantages compared to passive

inductors [71]:

• Limited dynamic range: since the active inductor behavior depends on a given

biasing of the transistors used in the topology, large-swing signals can take the
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Figure 3.13: Basic topology of an active inductor (a) Using one PMOS and one NMOS
transistor (b) Using two NMOS transistors.

transistors operating point outside the margin that guarantees inductive behavior,

becoming a resistive topology.

• Increased noise: the transistors in the active inductor topologies add additional

noise which may result in a considerable increase of the noise figure of the circuit.

This makes them most suitable for implementing loads, as the signal has already

been amplified previously and the effect on noise is smaller.

• Vulnerability to process variations and mismatch: active inductors are much more

vulnerable to changes in inductance and quality factor due to variations in tech-

nological parameters upon manufacturing.

• Reduced linearity: transistors are non-linear devices by nature, therefore using

them to implement active inductors results in a severe degradation of linearity.

When using active inductors as loads, this degradation becomes very important

since the signal has already been amplified.

The most common active inductor topologies are shown in Fig. 3.13. Fig. 3.13a

shows the topology using one PMOS and one NMOS transistor [72] and Fig. 3.13b

shows the topology using two NMOS transistors [73]. The advantages of using these
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topologies are evidently the reduction of chip area and processing cost compared to

integrated passive inductors, and the increased tunability. However, their main disad-

vantage is a low quality factor which also leads to increased noise [71]. The inductance,

series resistance and quality factor of the active inductor can be expressed as [74]:

L =
Cgs2
gm1gm2

(3.3)

RS =
go1

gm1gm2
(3.4)

Q =
1

gm1ωL
(3.5)

Where gm1 and gm2 are the transconductances of the transistors, go1 is the output

conductance and Cgs2 is the gate to source capacitance.

The Wu active inductors [75, 76] (Fig. 3.14) are a variation of the basic topology.

This topology only uses one current source (I1) and the second current source (I1) is

provided by the current of the circuit where the active inductor is attached, thus acting

as a current re-use topology. The cost of reducing the power consumption in a Wu

topology as compared to the basic topology is an increase in the series resistance as

given by:

RS =
go1 + go2
gm1gm2

(3.6)

Another active inductor topology is the Lin-Payne inductor [77, 78] shown in Fig.

3.15a. This topology provides the same inductance, series resistance and quality factor

as the basic topology while adding the advantage of requiring a lower minimum supply

voltage. The minimum supply voltage of the Lin-Payne topology is VT +2VTsat whereas

the basic and Wu topologies require 2VT + 2VTsat , thus increasing voltage headroom

which results in larger signal swing and better linearity.
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Figure 3.14: Active inductor using the Wu topology (a) PMOS (b) NMOS.

Figure 3.15: Active inductor topologies (a) Lin-Payne (b) Hara.
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The most simple implementation of an active inductor in terms of components is the

Hara topology [79]. This topology, shown in Fig. 3.15b, is implemented by using one

transistor and one resistor. Alternatively, the resistor can be changed for a transistor

operating in linear region to provide the required resistance value. The drawback of this

topology is the higher value of series resistance as compared with the other topologies.

The inductance and series resistance is given by:

L =
RLCgs
gm

(3.7)

RS =
1

gm
(3.8)

3.3.4 Capacitive Peaking

Capacitive peaking is an alternative to provide a similar effect to inductive peaking to

increase bandwidth [80, 81, 82, 83]. Inductive peaking topologies use a resistor and

an inductor in series as the load. Fig. 3.16a shows an amplifier using this structure

followed by a mixer stage. The bandwidth extension is provided by the addition of a

zero in the gain transfer function due to the inductor.

The same effect can be obtained by substituting the inductor in the amplifier load

for a capacitor at the next stage, as shown in Fig. 3.16b. A capacitor and a resistor

are placed in parallel at the source of the next stage’s transistor, resulting in the

same bandwidth extension effect by adding a zero to the gain transfer function of the

amplifier.

The gain of the inductive peaking and capacitive peaking can expressed as [84]:

AiL =
Iout
Iin

=
gm1RL

(
sLL
RL

+ 1
)

s2LLCgs1 + sRLCgs1 + 1
(3.9)

AiC =
Iout
Iin

=

gm2RL
1+gm2RS

(sRSCS + 1)

s2 RSCSRL
1+gm2RS

+ s
Cgs2RS+RSCS+Cgs2RL

1+gm2RS
+ 1

(3.10)

39



3. RF AMPLIFIER TECHNIQUES

Figure 3.16: Techniques for adding a zero in the gain transfer function (a) Inductive
peaking (b) Capacitive peaking.

The capacitive peaking effect can also be explained as follows using the resistive

degeneration concept. A resistive degeneration topology results in a decrease of gain as

the resistance value at the source increases. When a capacitor is added in parallel to

the degeneration resistance the following effect occurs. At low frequencies, the source

capacitor provides a large impedance and the impedance at the source is only that of

the source resistor. However, as frequency increases the impedance of the capacitor

decreases, decreasing the total impedance at the source node and therefore increasing

gain as frequency increases.

Due to the added capacitor at the source node of an amplifier, the capacitive peaking

topology is prone to have stability issues which requires an in depth analysis to ensure

that the designed circuit is stable in all the operating range. Also, this method only

adds a zero for a certain range of component values, which may difficult the design.

3.3.5 Implications on the prototype designs

This section has presented the following four inductor-less loads:
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• Resistive loads

• Active loads

• Active inductors

• Capacitive peaking

These topologies were tested on schematic in order to analyze their performance

and their suitability to the prototype designs. The fabricated prototypes use two dif-

ferent inductor-less loads: resistive and active. Resistive loads are used in the input

amplifier and in the switching stage of the mixer since they were found to provide the

best trade-off between bandwidth, linearity and noise. Active loads are used in the

transconductance stage of the mixer. As will be seen later (in depth analysis provided

in Chapters 4, 5 and 6), this stage is by-passable and only used at the higher gain

settings, where low linearity is allowed.

After in depth analysis and testing of the presented active inductor topologies, they

were found to be not suitable for this thesis’ prototypes due to a very low linearity.

Capacitive peaking was also discarded in order to avoid stability issues. Also, capacitive

peaking provides the zero in the gain transfer function only for a certain range of

component values, which further complicated the design of the prototypes since they

use several gain settings with different specifications.

3.4 High-Linearity Techniques

As previously presented, the dynamic range of a receiver is limited by noise at the low

power range and by linearity at the high power range. This section presents several

design techniques to increase the linearity of an amplifier in order to improve dynamic

range. Since the work presented in this thesis in based on using differential topologies

to provide immunity to the noise coming from the digital part of a SoC, this section

focuses on third-order intermodulation products since differential topologies have an

inherent high rejection to second-order products.
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Figure 3.17: Derivative superposition structure.

3.4.1 Derivative Superposition

The derivative superposition method [85, 86, 87, 88] is called as such because it uses the

third-order intermodulation products of an auxiliary transistor to cancel the third-order

products of the amplifying transistor as shown in Fig. 3.17. This process is explained

as follows. The small-signal output current of a common-source MOS transistor can be

expressed as a power series of the gate-source voltage [89]:

id(vgs) = g1vgs + g2v
2
gs + g3v

3
gs + ... (3.11)

Where gx are the coefficients defining the strength of each product. The term g1 cor-

responds the transconductance of the transistor (gm) whereas the term g3 corresponds

to the third-order non-linearities. Both coefficients can be calculated as:

g1 =
δID
δVGS

(3.12)

g3 =
1

6

δ3ID
δ3VGS

(3.13)

The dependence of g3 on VGS is such that the value of g3 changes from positive
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Figure 3.18: Derivative superposition technique [91]: Third-order coefficients of the main
and auxiliary transistors in the derivative superposition method.

to negative as the transistor changes between the weak, moderate and strong inver-

sion regions. The sizing and biasing point required to provide high gain and low noise

specifications results in a positive value of g3 [90]. In order to compensate that, the

derivative superposition method uses an auxiliary transistor working in weak inversion

that provides a g3 value equal to that of the amplifying transistor but with of opposite

sign as shown in Fig. 3.18 [91]. The two third-order derivatives cancel each other

and the resulting IIP3 is infinite. The achievable IIP3 in a practical implementation

is limited by process variations, mismatch and parasitic capacitances. Since the aux-

iliary transistor is working in weak inversion, its power consumption, noise and gain

contribution are negligible.

Besides the limitation of achievable third-order cancellation in practical implemen-

tations due to process variations, mismatch and temperature, this technique is also

limited by the weak inversion auxiliary transistor, which may not be able to operate at

a sufficiently high frequency and cannot handle large signals as it would result in the

device turning off, no longer providing the required g3 curve [91].

The two curves of g3 when using an auxiliary transistor are not symmetric, and thus

the range of gate-source voltage that provides third-order non-linearity cancellation is

very narrow. To increase the voltage range the designer can use several auxiliary
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transistor at the cost of degrading gain, noise and bandwidth [92].

3.4.2 Harmonic Termination

The harmonic termination technique is based on adding a termination network to the

circuit that modifies the contribution of second-order distortion to the third-order dis-

tortion. By tuning the termination impedances at certain frequencies, the amplitude

and phase of the second-order interaction terms can be adjusted to cancel the intrinsic

third-order distortion term [93].

A Volterra series analysis shows that the two-tone IIP3 of a common-source MOS

stage has an inverse dependence on the following term [94]:

ε(∆ω, 2ω) = g3 −
2g2

2

3
[2k(∆ω) + k(2ω)] (3.14)

Where ω is the angular center frequency of the two input tones, ∆ω is their frequency

separation, gx are the coefficients defining the strength of each product and k(x) is a

function that is defined by the circuit gain and the impedances looking into the source

and into the load (shown in Fig. 3.19). The term ε(∆ω, 2ω) shows that the total

third-order distortion depends on both second-order and third-order non-linearities.

This second-order interaction comes from feedback between output and input. The

feedback paths allow the second-order non-linearities to be mixed with the fundamental

tones resulting in the addition of an additional term to the total third-order distortion.

This additional term can be tuned in order to improve the IIP3 of the circuit.

It can be shown [94] that, if the real parts of the terminations impedances are

positive (which is the case for a stable amplifier), the term in brackets of Eq. 3.14 has a

positive real part. Therefore, ε(∆ω, 2ω) can be tuned closer to zero (i.e. no third-order

distortion) if g3 is positive. The amplitude and phase of the second-order term depend

on the input and output impedances. The termination impedances can be tuned at the

second-order frequency in order to improve IIP3 without modifying the value of the

termination impedances at the fundamental frequency to avoid affecting gain and noise
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Figure 3.19: Impedances affecting the behavior of the harmonic termination third-order
cancellation technique.

figure. The tuning is performed by using resonant LC tanks changing the impedance

at the ∆ω or 2ω frequencies

The main disadvantage of this technique is the requirement of a positive g3. In

a MOS transistor, g3 is negative when the transistor is operating in strong inversion

region and positive when the transistor is operating in the weak or moderate inversion

regions. However, in these latter two regions the transconductance and maximum

operating frequency are lower than in strong inversion region, making the technique less

suitable than other ones for use in RF applications [95]. Another disadvantage of this

technique is the difficulty of implementation in wideband systems since the impedance

tuning network needs to be optimized for a large range of frequencies without affecting

the behavior at the fundamental frequency.

In a circuit using a MOS in strong inversion, the third-order distortion cannot be

canceled but the circuit can be designed in order to decrease the contribution of the

distortion due to second-order interaction. A cascode configuration can be used to

decrease the impedance looking into the load (Z2) which improves IIP3 [96]. The use

of capacitive cross-coupling further reduces the impedance seen into the output node,

resulting in increased IIP3 [43]. However, the improvement provided by these meth-

ods are not as good as the harmonic termination, but avoids the use area-consuming

inductors and can be applied in wideband circuits.
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Figure 3.20: Noise/distortion cancellation topologies (a) Single-ended (b) Single-ended
to differential conversion.

3.4.3 Noise/Distortion Cancellation

The noise/distortion cancellation technique combines a common-source stage and a

common-gate stage to provide input impedance matching and simultaneous noise and

distortion cancellation of the matching device (the common-gate transistor). This tech-

nique can be applied to a single-ended topology [97] (Fig. 3.20a) or be used to provide

single-ended to differential conversion [47, 48, 98] (Fig. 3.20b).

The cancellation property can be understood as follows. The noise and distortion

generated by the common-gate transistor can be represented by a current source that

generates both a voltage at the input node and a fully correlated inverse voltage at the

common-gate output as shown in Fig. 3.21, where the fundamental signal is in solid

line and noise/distortion is in dashed line. When the input noise/distortion due to the

common-gate transistor is amplified by the common-source device, it is shifted by 180

degrees. Thus, the noise/distortion generated by the common-gate transistor appears

at both output branches with the same phase as long as both devices provide equal
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Figure 3.21: Signal phases in the noise/distortion cancellation topology: fundamental
signal in solid line and noise/distortion in dashed line.

gain. Thus, the noise/distortion generated by the common-gate device is canceled and

the noise figure and IIP3 is mainly dominated by the common-source transistor.

The noise/distortion cancellation technique can be designed using three approaches:

• The transconductances of the CS and CG transistors are equal and the load

resistors are also equal [99].

• The transconductance of the CS transistor is n times larger than the CG tran-

sistor, and the load resistors are equal [100].

• The transconductance of the CS transistor is n times larger than the CG tran-

sistor, and the load resistor of the CS branch is n times smaller than the resistor

of the CG branch [47].

The noise figure, voltage gain and gain imbalance of the first approach is indepen-

dent of the value of n. This approach has a high noise figure due to the low transcon-

ductance of the CS branch, since it requires the same transconductance than the CG

branch which is fixed by the input impedance matching. The second approach has

decreasing noise figure and increasing voltage gain as n increases. However, the gain

imbalance also increases with n. The third approach provides decreasing noise figure as
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n increases and voltage gain and gain imbalance are independent of n. However, this

approach has the challenge of designing a compact layout robust to process variations

and mismatch due to the different resistor size.

3.4.4 Post-distortion

The post-distortion technique uses the non-linearities generated by an auxiliary tran-

sistor to cancel the linearity of the main amplifying device similar to the derivative

superposition method [101, 102, 103]. This technique, however, uses a transistor op-

erating in the saturation region and is connected only at the output of the amplifying

device, hence not affecting input impedance matching.

The simplified schematic of the post-distortion technique is shown in Fig. 3.22a

with its respective circuit implementation [101] shown in Fig. 3.22b. The drain current

of transistor M1 can be expressed using a Taylor series as follows:

i1(vgs) = g1vgs + g2v
2
gs + g3v

3
gs + ... (3.15)

Where gx are the coefficients defining the strength of each product. The term g1

corresponds the transconductance of the transistor (gm) whereas the term g3 corre-

sponds to the third-order non-linearities. The non-linear gate voltage of M3 (vGM3
)

and the drain current of M3 (i3) can be expressed as follows [101]:

vGM3
= − α

g1
i1(vin) (3.16)

iout =
1

β

(
g1vGM3

+ g2v
2
GM3

+ g3v
3
GM3

+ ...
)

(3.17)

Where α and β are the transconductance ratios between M1 and M2 and between

M1 and M3 respectively. Combining Eq. 3.15-3.17, we can define the transconductance

and third-order non-linearity of whole topology [101]:
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Figure 3.22: Basic topology of the post-distortion technique (a) Core components (b)
Implementation in [101].

g1out = g1

(
1− α

β

)
(3.18)

g3out = g3

(
1− α

β
− α3

β

)
+

2(g2α)2

g1β
(3.19)

The equations show that the ratios between transconductances α and β affect both

the gain (which depends on g1out) and linearity (which depends on g3out). By choosing

adequate values of α and β it is possible to cancel the intrinsic third-order distortion

term (due to g3) and the total third-order distortion is only due to second-order inter-

action (dependent on g2). The values of α and β need to be optimized to avoid a large

gain loss.

This technique is highly dependent on the transconductances of the transistors and

thus highly dependent on biasing conditions, which limits the maximum achievable
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Figure 3.23: Alternative implementation of post-distortion (a) Implementation in [103]
(b) Implementation in [102].

IIP3 in practical applications due to process variations, mismatch and temperature.

Alternative implementations of the post-distortion technique are shown in Fig. 3.23a

[103] and Fig. 3.23b [102].

3.4.5 Configurable-Gain Topologies

As has been explained in the previous chapter, standards such as G.hn require large

dynamic range circuits. However, the maximum noise figure and minimum linearity

specifications do not need to be complied with at the same time. For large power input

signals, higher noise figure is allowed, whereas for small power input signals, lower

linearity is allowed. Thus, configurable-gain amplifiers can be used to provide higher

linearity by decreasing the gain as the input signal power increases.

Configurable-gain amplifiers are commonly designed by varying the load impedance

(ZL) [9, 10], varying the input transconductance (Gm) [11, 12, 13] or using pre-attenuation

based topologies [4, 5, 6, 7, 8], as shown in Fig. 3.24.

In variable-load amplifiers, the value of the load is modified to increase or decrease

the gain of the circuit. By decreasing the load value, gain decreases and the output

swing is smaller, resulting in the amplification device generating less distortion. How-
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Figure 3.24: Configurable-gain amplifier topologies: (a) Variable-load (b) Variable-Gm

(c) Pre-attenuation based.

ever, since the amplification device remains at the same operating point independently

of the load value, the linearity enhancement for each dB decrease in gain is less effi-

cient than the other topologies that provide gain configuration by varying the main

transconductor operating conditions or pre-attenuating the signal before amplification.

In variable-Gm amplifiers, the operating conditions of the input transconductance

are modified to change the specifications. In [11] a common-gate (CG) topology with

current steering (Fig. 3.25a) is used to provide gain control. In this topology large

degeneration is used to increase linearity performance, however this comes at the cost

of a much higher minimum noise figure, requiring the use of an external LNA. In [12]

a similar concept is used. In this case a common-source (CS) topology with current

steering and source degeneration is used (Fig. 3.25b), also resulting in a significant

increase of the minimum noise figure.

Pre-attenuation based configurable-gain amplifiers (Fig. 3.24c) are another option

for the design of a high-dynamic-range receiver. These topologies are based on adding
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Figure 3.25: Variable-Gm amplifiers with current steering and degeneration: (a)
Common-gate (b) Common-source.

attenuation (α) at the input before any signal amplification takes place. By using

this topology, the IIP3 of the amplifier core remains the same, but since the signal

that reaches the input of the amplifier has been attenuated, the third-order distortion

generated by the circuit is smaller. When α equals 0 dB, the received signal is fed

directly to the amplifier without adding any noise, avoiding any trade-off between

noise and linearity as with variable-Gm amplifiers.

Pre-attenuation based amplifiers can either be implemented with a resistive atten-

uation topology (Fig. 3.26a) [4] or a capacitive attenuation topology (Fig. 3.26b)

[5, 6, 7, 8]. The resistive attenuation circuit provides 6 dB of attenuation per stage

along with good impedance matching if resistor values are chosen accordingly. The

main drawback of this topology is the high noise figure due to the resistive termination

of the amplifier. The capacitive attenuation topology solves this problem by using a

ladder based on capacitors [104].
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Figure 3.26: Pre-attenuation based amplifier topologies: (a) Resistive (b) Capacitive.

3.4.6 Implications on the prototype designs

This section has presented the following five high-linearity techniques:

• Derivative superposition

• Harmonic termination

• Noise/distortion cancellation

• Post-distortion

• Configurable-gain topologies

Table 3.1 shows a silicon-verified performance comparison of the previously pre-

sented high-linearity techniques. This table is not provided to perform a strict com-

parison between topologies (which is not optimal since the fabrication process, power

consumption and bandwidth are different between circuits) but rather to show the

achievable values of IIP3 for each technique.

As the table shows, the best IIP3 results are achieved using configurable topolo-

gies (configurable-load and pre-attenuation). The large IIP3 values provided by these

topologies come at the trade-off of decreasing gain and increasing noise figure by using

several configuration settings. In wireless applications where different sets of specifi-

cations are not required, such as WiFi or Bluetooth, configurable-gain topologies are
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not used. However, for large dynamic range wireline applications such as G.hn that

require different sets of specifications, configurable topologies provide better linearity

and are more robust to process variations and temperature since they do not depend

on a very narrow range of biasing voltages. Also, input-attenuation based configurable-

gain topologies such as resistive attenuation and capacitive attenuation can scale by

adding more attenuation steps and thus providing higher linearity.
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4

RFPGA Prototype I:

Single-Input Switchable

Capacitive Attenuation

4.1 Introduction

This chapter presents the implementation of a 2-stage input-attenuation based radio-

frequency programmable gain amplifier (RFPGA) providing 4 different gain settings.

We propose the use of a new input-attenuation based topology consisting of a switchable

capacitive attenuation circuit over the commonly-used multiple-stage non-switchable

capacitive attenuation circuit. The chapter is divided in three sections: design, exper-

imental results and summary.

The design section starts with the core concept of the switchable capacitive at-

tenuation topology and then continues with the full circuit schematic of the topology.

After introducing the core topology, the section provides further insight into the input

impedance matching topologies used in the RFPGA (active feedback and parallel re-

sistance), the second-stage amplifier and the sizing of the components in the capacitor

ladder. The section ends by providing analytical expressions of the noise figure and
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input impedance value at the highest-gain setting, where the active feedback input

impedance matching is used.

The next section contains the experimental results of the manufactured 2-stage

switchable capacitive attenuation RFPGA topology. The circuit has been manufactured

using a 65 nm CMOS technology, packaged inside a QFN and solded on PCB. The

chapter ends with a summary section providing an overview of the contents presented.

4.2 Design

This sections starts by introducing the concept of the switchable capacitive attenuation

topology using basic blocks, without entering into transistor-level design, in order to

provide a basic understanding of the topology and its advantages. Then, the schematic

of the 2-stage RFPGA using switchable capacitive attenuation is presented, showing

the transistor-level design.

The circuit topology subsection of the 2-stage RFPGA is followed by several subsec-

tions providing more detail on the two selectable input impedance matching topologies

(active feedback and parallel resistance), the second-stage amplifier and the sizing of

the components in the capacitive attenuation ladder.

The design section ends by providing analytical expressions of the noise figure and

input impedance value at the highest-gain setting. The two subsections focus on the

highest-gain setting since this setting is the only one using the active feedback input

impedance matching topology, which uses a complex structure with several components

that affect the noise performance and input impedance value of the amplifier.

4.2.1 Core Concept

A configurable capacitive attenuation topology is used at the input of the RFPGA

to add attenuation to the input signal, thereby increasing the linearity of the circuit.

The capacitive attenuation circuit uses linear components (capacitors) to attenuate the

signal before it is amplified, as opposed to other topologies where gain is controlled at
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Figure 4.1: Capacitive attenuation topology, (a) Nonswitchable (b) Switchable

the amplification stage [33, 105, 106]. The linearity increase that can be achieved with

the capacitive attenuation topology is higher because the signal is attenuated before

entering any nonlinear amplifying device.

This chapter introduces a new switchable capacitive attenuation topology that re-

quires only one input amplifying stage (Fig. 4.1b), as opposed to the non-switchable

topologies presented in [5, 8] that require multiple input amplifying stages in parallel

(Fig. 4.1a). The switches in the switchable capacitive attenuator are implemented

using NMOS transistors. Because the contribution to distortion of an NMOS tran-

sistor operating as a switch is much higher than the contribution to distortion of the

input amplifier, the switches have no influence on the overall linearity of the circuit.

The negligible effect of the switches on the overall linearity has been verified through

simulation.

By maintaining only one switch closed at any given time (SW1-SW3), there is only

one low-impedance path available between the circuit input and the amplifying device,

which results in the amplifier requiring only one transconductance stage as opposed

to one transconductance stage per attenuation step in the non-switchable topology.

Hence, the switchable capacitive attenuation topology greatly reduces the total input

amplifier area. Such area savings may promote the integration of a complete SoC for

multistandard transceivers. Furthermore, a switchable capacitive attenuation topology

provides a higher bandwidth than a nonswitchable topology: by requiring only one

amplifying stage, the total parasitic capacitance at the output node is independent
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of the number of attenuation steps, whereas a nonswitchable topology requires one

amplifying stage for each attenuation step, increasing the parasitic capacitance at the

output node and thus reducing bandwidth for each attenuation step added to the

circuit.

The most important drawback of the switchable capacitive attenuation topology is

the increase in noise figure due to the on-resistance of the switches at the circuit input

node. This effect, however, can be minimized by choosing an adequate switch size. A

larger switch width lowers the on-resistance, thereby reducing noise but slightly de-

creasing bandwidth due to the increase in input parasitic capacitance. This enhanced

parasitic capacitance can be considered part of the capacitive attenuation ladder, reduc-

ing the value of the parallel passive capacitances as the switch width (and its parasitic

capacitance) increases. It has been verified through simulation that the effect of the

nonlinear parasitic capacitances of the switches is negligible compared to the other

nonlinearities generated by the circuit.

4.2.2 Circuit Topology

The schematic of the proposed wideband fully differential RFPGA is shown in Fig. 4.2

(biasings omitted). This RFPGA is composed of two stages. The first stage (LNA1)

is a configurable tailed-pair LNA with switchable capacitive attenuation. The second

stage (LNA2) is a conventional long-tailed pair amplifier with active loads and common-

mode feedback (CMFB). The objective of this topology is to obtain a high-dynamic-

range RFPGA using three methods of configuration: the new switchable capacitive

attenuation circuit, selectable impedance matching topology, and bypassing of LNA2.

The first stage is designed using thick-oxide 0.2 µm minimum channel length tran-

sistors so that the input devices can handle very large input amplitudes (0+ dBm)

without compromising their reliability. Since the input power level can change at any

time from minimum to maximum1 all the devices in LNA1 must use thick-oxide transis-

1The transmitter adjusts its frequency, bandwidth, bit loading and signal power depending on
the channel conditions and receiver location to maintain a minimum specified transmission bit-rate.
When the channel conditions change (e.g. due to interferers) or a new receiver enter the network, the
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tors to ensure the reliability of the whole circuit. If the circuit is configured at high-gain

setting and the transmitter changes at a given moment from minimum power to maxi-

mum power due to network changes, all the transistors in LNA1 will be exposed to a

large power signal for a certain amount of time and, therefore, their reliability can be

compromised2. The supply voltage in LNA1 is 1.8V. Having a higher voltage supply

also allows a larger voltage swing at the output, thereby providing better linearity. The

signal level at the input of LNA2 is limited by LNA1, which means thick-oxide tran-

sistors are not required. Thus, thin-oxide transistors are used, which allow for lower

area, lower power consumption, and a lower noise figure. The supply voltage in LNA2

is 1.2V.

By using these configuration methods, the RFPGA achieves a large dynamic range

capable of handling large-amplitude input signals (which require high linearity, as dis-

tortion dominates over noise) as well as small-amplitude input signals (which require

high gain and low-noise figure, since noise dominates over distortion).

The circuit has two output ports (one from LNA1 and one from LNA2) for mea-

surement purposes. This methodology was followed only for testing purposes in order

to measure the LNA1 performance standalone. In a practical application, where the

RFPGA is followed by a mixer, the bypass of LNA2 can be implemented by using

switches connecting the output of LNA1 to the output of LNA2 and the mixer input

as shown in Fig. 4.3. This solution is used in both DTV tuners [107] and wireless

receivers [108] to accommodate the high input power requirements and is used in the

design of the front-end prototype presented in a later chapter.

transmission re-adjusts itself to maintain the specified bit-rate given the new conditions.
2At the time of the circuit fabrication, the G.hn specification was still in early design stages and

it was decided that thick-oxide transistors were required given the maximum input power values at
that time. Later, when the specification received final approval, it was decided that the thin-oxide
transistors could handle the maximum input power levels without compromising reliability. Thus, the
second RFPGA prototype was designed only with thin-oxide transistors
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Figure 4.3: Proposed configuration of RFPGA prototype I in a front-end implementation.

4.2.3 Selectable Input Impedance Matching

The input impedance matching, which is performed using two different methods, pro-

vides different performance in terms of noise figure and linearity. The two methods are

active feedback and parallel resistor.

The active feedback input impedance matching topology is composed of M2, SW4,

RF , and Ibias. Because this topology has a small contribution to the overall noise figure

of LNA1, it is suitable for input impedance matching in the high-gain modes of the

RFPGA, where the circuit is expected to handle small-amplitude input signals, and

the SNDR is dominated by the circuit noise figure. This topology, however, has two

disadvantages that make it unsuitable for input impedance matching when handling

large-amplitude input signals. The first one is related to the linearity issues resulting

from the use of nonlinear feedback. It can be shown [51] that a large part of the

nonlinearities generated by this circuit are due to the presence of feedback transistor

M2. Nonlinearities generated by the active feedback can be reduced by increasing RF ,

although this in turn increases the noise figure of the RFPGA. The reader may note

that to maintain a single input impedance matching topology, this issue could be solved

by using an array of selectable resistors in place of RF and selecting higher resistance

values as higher linearity is required. This solution, however, has not been implemented

because of the second disadvantage of the active feedback topology, which is explained

as follows. The input impedance of the RFPGA when using the active feedback circuit
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is given by the following expression:

Zin = 2
1 + gm2RF
gm2 (1 +Av)

(4.1)

In this equation, Av is absolute value of the open-loop voltage gain of LNA1. As

can be seen, the input impedance value has an inverse dependence on the gain of the

circuit. When input attenuation is added using the switchable capacitive attenuation

circuit to increase linearity, the open-loop gain of the LNA1 (Av) is lowered, requiring

a lower RF to maintain good impedance matching (generally accepted as an s11 below

−10 dB), which results in a decrease of linearity. Thus, the active feedback topology

is not suited for input impedance matching in low-gain modes, and a second topology

(parallel resistor at the input using RM ) intended to handle large-amplitude input

signals is added to the circuit. Because the input impedance matching in such low-

gain modes is performed using a passive component, linearity is not affected. The only

drawback of the parallel resistance method is a larger noise figure, compared to using

the active feedback method. The parallel resistor method, however, is used only in

low-gain modes to handle large-amplitude input signals, which allows a higher noise

figure for a constant output SNDR.

In the designed prototype, input impedance matching is performed with active feed-

back at the highest-gain setting and with parallel resistance at the other gain settings.

4.2.4 Second Stage and By-Pass

The second stage of the RFPGA is a tailed-pair amplifier using active loads and a

CMFB to maintain a constant DC level at the circuit output. The objective of the

second amplifying stage is to provide additional gain with a low-noise figure to reduce

the effect of the following stages on the overall noise figure of the receiver. This stage is

used only in the highest gain configuration mode of the RFPGA, intended for handling

small-amplitude input signals that require high gain and a low-noise figure but allow

a low linearity. On the other gain modes of the RFPGA, the LNA2 stage is powered
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Figure 4.4: Capacitor ladder using a C-2C structure.

down and bypassed, connecting the output of the first RFPGA stage (LNA1) directly

to the input of the following circuit.

4.2.5 Switchable Capacitive Attenuation Capacitor Sizing

The capacitors in the capacitive ladder can be sized to obtain different gain steps, the

most usual being a C-2C structure [5, 6, 7, 8] as shown in Fig. 4.4. This structure

ideally provides 6 dB of attenuation for each step, resulting in an attenuation of 0 dB,

6 dB and 12 dB at the V1, V2 and V3 nodes respectively.

In a system using only one input tone as the signal of interest, the total distortion

is mainly dominated by the third-order intermodulation. In this situation, a constant

attenuation step with an input power increase equal to the attenuation step (e.g. 12 dB

input attenuation and a 12 dB increase in input power) results in the same signal to

noise plus distortion ratio (SNDR).

However, in wideband multi-carrier systems the total distortion is also largely af-

fected by the phase of each tone and the peak-to-average ratio (PAR) of the input

signal, and can also be affected to a lower degree by intermodulations other than the

third-order. Taking these behavior into account, different circuit topologies (such as

using active feedback or parallel resistance for input impedance matching) may result

in different SNDR for the same input power and voltage gain. Therefore, the design of

the gain steps in the capacitor ladder is done in order to comply with certain SNDR
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Figure 4.5: Capacitor ladder including the parasitic capacitances of the switches.

specifications which may not result in a constant attenuation step.

The capacitor ladder used in the amplifier provides 3 different attenuation values,

one of them being equal to 0 dB (at the V1 node). Therefore there are 4 available degrees

of freedom (the values of the capacitances) to solve a system of 2 equations, therefore 2

capacitor values are fixed and then the values of the other 2 capacitors are calculated.

The criteria used to fix the 2 capacitor values is bandwidth. The upper boundary of the

capacitances is established by the circuit bandwidth, since larger capacitances decrease

the bandwidth. The lower boundary of the capacitances depends on the parasitic

capacitances of other components when the practical implementation of the circuit is

taken into account.

In a practical implementation there are parasitic capacitances which modify the

capacitance structure of the ladder as shown in Fig. 4.5, therefore changing the at-

tenuation at each step. In a non-switchable topology the parasitic capacitances are

mainly due to the input amplifying transistor (CgsM1 and CgdM1
), whereas the the

switchable topology presented in this chapter also adds the parasitic capacitances due

to the switches (Cgs and Cgd).
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By considering that the parasitic capacitances of the switches are connected to an

AC ground, the capacitive ladder including parasitic capacitances can be drawn as

shown in Fig. 4.6 for each gain setting. The schematics distinguish between ON and

OFF capacitances since the NMOS transistors used as switches have different values of

parasitic capacitances depending on whether they are in linear region (ON) or cut-off

region (OFF). The capacitance CM1 is used to identify the parasitic capacitance due

to M1 and during the design stage has been approximated as the sum of CgsM1 and

CgdM1
.

These schematics including the parasitic capacitances are used to calculate the

required values of the ladder capacitors in order to obtain the required values of gain. As

has been previously mentioned, 2 capacitor values are fixed since there are 2 equations

and 4 degrees of freedom (4 capacitor values). As the value of the fixed capacitors

increases, the circuit bandwidth decreases. However, by decreasing the value of the fixed

capacitors it may become impossible to solve the equations as the parasitic capacitances

dominate and the range of achievable gains is very narrow. Also, the gain values become

more susceptible to process and temperature variations. The final values of the ladder

capacitors are obtained after iterating between the analytical model to obtain coarse

values and simulations to fine tune the circuit performance.

4.2.6 Optimization of the Active Feedback Impedance Matching

This section analyzes the noise performance and impedance value of the active feedback

topology. The noise analysis is performed by first obtaining analytical expressions of

the noise figure of the amplifier and then by showing how it can be optimized. The

impedance value analysis is performed considering high frequency effects (by adding

parasitic capacitances), obtaining an analytical expression of the input impedance value

and analyzing how it is affected by different values of total input and output capaci-

tance.

Since the active feedback input impedance matching topology is used only at the

highest gain setting of LNA1, where the SNDR is dominated by noise, it is important
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Figure 4.6: Circuit model of the capacitor ladder including switch parasitic capacitances
and channel resistance for (a) Gain setting 2 (b) Gain setting 3 (c) Gain Setting 4.
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Figure 4.7: LNA1 simplified schematic used for noise optimization calculations.

to optimize the component parameters to obtain the minimum possible noise figure

while complying with impedance matching requirements (s11 < −10 dB).

4.2.6.1 Noise Optimization

This subsection provides analytical expressions of the noise factor generated by the

amplifier at the highest gain setting where the active feedback is used to provide input

impedance matching. We obtain the analytical expressions by using a small-signal

model of the transistors and then we analyze the dependences of each term, which

shows that there exists an optimal value of noise factor.

The equations are calculated using the simplified schematic shown in Fig. 4.7. The

simplified schematic does not include the switchable capacitive attenuation ladder and

the parallel input impedance matching since both circuits are not used at the highest

gain mode. The resistance RSW is the channel resistance due to SW1.

The noise factor of the amplifier can be expressed as a sum of the noise factor

generated by each component [51]:
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F = FRS
+ FM1 + FRF

+ FSW1 + FM2 + FRL
+ FMbias

(4.2)

Without taking high frequency behavior due to capacitances into account (Cin and

Cout are negligible) and using simple network analysis, the noise factor of the amplifier

can be expressed as follows:

F = 1 +
2γ1RX
gm1

[
1

RX
+

gm2

gm2RF + 1

]2

+ 2RFRX

[
gm2

gm2RF + 1

]2

+

+2RSWRX

[
1

RX
+

gm2

gm2RF + 1

]2

+
2γ2gm2RX

(1 + gm2RF )2 +

+
2RX
g2
m1RL

[
1

RX
+

gm2

gm2RF + 1

]2

+
2γbiasgmbiasRX

(1 + gm2RF )2 (4.3)

In this equation, γ is thermal excess noise factor of each transistor, RSW1 is the

switch on-resistance, RX is half the source resistance, RL is the load resistance, gm is

the transconductance of each transistor and RF is the feedback resistance,

Re-writing Eq. 4.1, we can express the required gm2 (to obtain input impedance

matching) in terms of RX , RF and Av:

gm2 =
1

RX (1 +Av)−RF
(4.4)

Where Av is voltage gain of the amplifier and is defined as:

Av = gm1RL (4.5)

When the matching criteria of Eq. 4.4 and the voltage gain definition of Eq. 4.5 are

substituted into Eq. 4.3, the noise factor of the amplifier develops into the following

expression:
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F = 1 +
2γ1

gm1RX

[
2 +Av
1 +Av

]2

+
2RF

RX (1 +Av)
2 +

+
2RSW
RX

[
2 +Av
1 +Av

]2

+
2γ2

1 +Av

[
1− RF

RX (1 +Av)

]
+

+
2

gm1RXAV

[
2 +Av
1 +Av

]2

+ 2γbiasgmbiasRX

[
1− RF

RX (1 +Av)

]2

(4.6)

By using the approximation of Av � 1 and substituting RX for RS/2, the resulting

noise factor of the amplifier is:

F ≈ 1 +
4γ1

gm1RS
+

4RF
RSA2

v

+
4RSW
RS

+
2γ2

Av

[
1− 2RF

RSAv

]
+

+
4

gm1RSAV
+ γbiasgmbiasRS

[
1− 2RF

RSAv

]2

(4.7)

Component Noise Factor To decrease noise factor

RS 1 —

M1
4γ1

gm1RS
Increase gm1

RF
4RF
RSA2

v
Decrease RF

SW1
4RSW
RS

Decrease RSW

M2
2γ2
Av

[
1− 2RF

RSAv

]
Increase RF

RL
4

gm1RSAV
Increase gm1

Mbias γbiasgmbiasRS

[
1− 2RF

RSAv

]2
Increase RF

Table 4.1: Noise factor dependencies of each component of LNA1 at highest gain setting.

Table 4.1 uses the results obtained in Eq. 4.7 to present the parameters that need

to be modified to decrease the noise factor of each component. It is taken into account

that Av and RS are fixed at system level and therefore cannot be modified to decrease
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the noise factor. The following conclusions can be extracted:

• By increasing the transconductance gm1, the noise generated by M1 and RL de-

creases. To increase gm1, either M1 width or channel current can be increased.

The limit of the noise optimization is set by the bandwidth and power consump-

tion requirements, usually set at system level.

• By decreasing the channel resistance of the input switch, the noise generated by

the switch decreases. To decrease the resistance value, the width of SW1 should

be increased. Since a higher width increases input parasitic capacitance, the limit

of the noise optimization is set by the bandwidth requirements.

• By decreasing the resistance value of RF , the noise generated by RF decreases.

However, by decreasing the value of RF , the noise generated by M2 and Mbias

increases. Therefore, there exists a resistance value ofRF that provides an optimal

value of noise factor for the group composed by RF , M2 and Mbias.

The noise factor generated by RF , M2 and Mbias is analyzed in Fig. 4.8 using the

expressions presented in Table 4.1. Although as has been previously commented Av

and RS are usually set at system level, the graphical results are provided for different

values of Av and RS to show their effect on the amplifier performance.

Fig. 4.8a shows the combined noise factor generated by RF , M2 and Mbias as a

function of the resistance value of RF for 3 different values of voltage gain. As can

be seen, there exists a value of RF that provides an optimal (minimum) value of noise

factor. As voltage gain increases, the value of RF that provides the optimal noise factor

increases and the optimal noise factor value decreases. Fig. 4.8b shows the optimal

noise factor value as a function of voltage gain and for 4 different values of source

impedance. The results show that the optimal noise factor has a small dependence on

source impedance and a much larger dependence on voltage gain. The values of RF

and gM2 (transconductance of M2) that provide the optimal noise figure of Fig. 4.8b

are shown in Fig. 4.8c and Fig. 4.8d respectively.
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Figure 4.8: Optimization of the noise generated by RF , M2 and Mbias; (a) Noise factor
dependency on RF and Av (b) Optimal noise factor for different values of Av and RS (c)
RF resistance value that provides optimal noise factor for different values of Av and RS

(d) M2 transconductance value that provides optimal noise factor for different values of
Av and RS .
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Figure 4.9: LNA1 simplified schematic used for input impedance optimization calcula-
tions.

The analytical process presented in this section for noise factor optimization has

been used in the design process of the highest gain setting of the RFPGA. The pre-

sented noise equations have been used to obtain the approximate values of RF and gM2

that provide optimal noise factor and then fine tuning through simulation has been

performed to choose the final values.

4.2.6.2 High Frequency Behavior

This subsection provides analytical expressions of the input impedance value of the

active feedback including parasitic capacitances. We obtain the analytical expression

by using a small-signal model of the transistors and using two capacitances, one at the

input and one at the output, which represent the total parasitic capacitance at the

input and output nodes. The resulting expression of input impedance shows that there

is a peaking effect which depends on the value of the capacitances and that can be used

to extend the bandwidth of the input impedance matching.
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The equations in this section are calculated using the simplified schematic shown

in Fig. 4.9. The simplified schematic does not include the switchable capacitive at-

tenuation ladder and the parallel input impedance matching since both circuits are

not used at the highest gain mode. The series resistance of the activated switch is

neither included in the schematic as it has a negligible influence on the value of input

impedance.

To analyze the high frequency behavior it is necessary to include parasitic capac-

itances, especially at the input and output nodes since they present the highest ca-

pacitance loading. The capacitance at the input node is composed by the parasitic

capacitances of the switches and the passive capacitors of the capacitance ladder (Fig.

4.6a), whereas the capacitance at the output node is composed by the parasitic capaci-

tances of the amplifying transistors (M1), the feedback transistors (M2) and the input

capacitance from the next stage. Without loss of generality, the following analysis uses

two capacitances, Cin and Cout, each one representing the total equivalent capacitance

at the input and output nodes respectively.

In a general case for amplifiers, increasing the total output capacitance (Cout) results

in a decrease of the bandwidth of the amplifier, as the bandwidth depends on a low-

pass RC filtering effect, where C is the total capacitance seen at the output node.

However, due to the behavior of the active feedback input impedance matching at high

frequencies, it is possible to increase Cout (which is equivalent to allowing a higher input

capacitance from the next stage, easing its design) without decreasing bandwidth and

improving s11. This effect is explained as follows.

The input structure of a front-end is as shown in Fig. 4.10, including the source

resistance and the input amplifier. The voltage gain of an amplifier is given as the

quotient between the voltages at the output and input nodes:

GVamp(dB) = 20log

(
Vout
Vin

)
(4.8)

However, the input voltage of the amplifier depends on the voltage gain between

the source impedance and the input impedance of the amplifier, as given by:
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Figure 4.10: Input structure of a front-end.

GVsource(dB) = 20log

(
Vin
VS

)
= 20log

(
Zin

RS + Zin

)
(4.9)

If the amplifier input impendance (Zin) equals the source resistance (RS), the

impedance matching is ideal (s11 equals minus infinite when expressed in dB) and

the voltage gain between source impedance and input impedance (GVsource) is −6 dB.

However, in broadband circuits it is generally considered as good input impedance

matching an s11 below −10 dB. An s11 below −10 dB for an RS of 50 Ω results in a

range of |Zin| values between 26 Ω and 96 Ω (considering no imaginary part). The two

|Zin| boundaries result in a respective GVsource between −9.3 dB and −3.6 dB.

In practical broadband applications, Zin is not constant over frequency. Generally,

s11 is better at the low frequency range than at the high frequency range since the input

impedance is designed to be equal to that of the source resistance without including

capacitances, providing a very good s11 at low frequencies where capacitances have a

negligible effect. However, as frequency increases, the total input capacitance starts to

affect performance by decreasing the absolute value of Zin, which results in worse s11

and decreased GVsource .

The total voltage gain of the whole structure composed of source resistance and

input amplifier (Fig. 4.10) can be defined as:
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GVtotal(dB) = GVsource(dB) +GVamp(dB) (4.10)

Given the previous equation, the bandwidth of the whole structure in a general am-

plifier case is limited by both the amplifier gain (which decreases as frequency increases

due to the output capacitance) and the source gain (which decreases as frequency in-

creases due to the input capacitance).

Now we calculate the input impedance of the active feedback topology as a function

of frequency including the total input (Cin) and output (Cout) capacitances, which is

given by:

Zin(ω) = 2
(1 + gm2RF ) (1 + jωCoutRL)

−ω2CoutCinRL (1 + gm2RF ) + jω (Cin + Coutgm2RL + Cingm2RF ) + gm2 (1 +Av)
(4.11)

Due to the complexity of the resulting poles and zeros of the previous equation,

graphical results are provided showing the high frequency behavior of the active feed-

back input impedance matching for certain design parameters. The calculations are

made using an open-loop voltage gain (Av) of 12.5 dB, a source resistance (RS) of

50 Ω, an input capacitance (Cin) of 400 fF, and the RF and gm2 values are calculated

to obtain optimal noise factor as defined in the previous section.

For different values of Cout, Fig. 4.11a shows the real part of input impedance, Fig.

4.11b the imaginary part of input impedance, Fig. 4.11c the |s11| in dB and Fig. 4.11d

the absolute value of input impedance. The figure shows that as Cout increases, the

absolute value of input impedance gradually shows a peaking at high frequencies. As a

result, the s11 is better for higher values of Cout, therefore a higher output capacitance

(which is basically composed of the capacitances added by M1, M2 and the next stage

input capacitance) can be used to improve the input impedance matching.

Fig. 4.12a shows the source voltage gain (GVsource) for different values of Cout.

For a Cout value of 150 fF, the input impedance shows no peaking and, as previously

explained, GVsource decreases as frequency increases. However, for Cout values of 250 fF
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Figure 4.11: High frequency behavior of the active feedback input impedance matching
topology for different values of Cout: (a) Real part of the input impedance (b) Imaginary
part of the input impedance (c) |s11| in dB (d) Absolute value of the input impedance.
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and 350 fF, the input impedance peaking at high frequencies results in a source voltage

gain increase over frequency. Thus, although a higher value of Cout decreases the

bandwidth of the amplifier gain, it is offset by the bandwidth increase of the source

gain. Fig. 4.12b shows the voltage gain of the whole structure (GVtotal), which is

practically the same for the 3 values of Cout. Therefore, the active feedback input

impedance matching can be designed in order to allow a higher output capacitance

while providing better s11 and without decreasing the whole circuit bandwidth. This

effect has been used in the design of the RFPGA.

4.3 Experimental Results

The proposed fully differential RFPGA is fabricated in a double-oxide 65 nm/0.2 µm

minimum channel length CMOS technology (operating supply voltages of 1.2V and

1.8V respectively) and achieves a bandwidth from 500 MHz to 2.5 GHz. The die

microphotograph is shown in Fig. 4.14. The circuit is packaged inside a 36-QFN and

measured on the PCB with the setup shown in Fig. 4.13. The SMD external baluns

are used for single-ended-to-differential conversion, and an on-chip buffer at the output

of the RFPGA is used to drive the low-impedance load of the measuring equipment.

Both the baluns and on-chip buffer have been de-embedded from the presented results.

The PCB tracks have also been de-embedded using SOLT (short-open-load-through)

calibration. The first stage, which uses thick-oxide 0.2 µm minimum channel length

transistors, occupies an area of 0.028 mm2 and the second stage, which uses thin-oxide

65 nm minimum channel length transistors, occupies an area of 0.013 mm2, for a total

area of 0.041 mm2, which includes DC decoupling capacitors. The power consumption

varies from 28.8 mW (using only LNA1 with simple resistive termination) to 39.5 mW

(using both LNA1 and LNA2 and active feedback impedance matching).

A summary of the RFPGA configuration modes and measurement results is pre-

sented in Table 4.2. The RFPGA achieves a total voltage gain range of 30.6 dB, with

a maximum gain of 19.9 dB and a minimum gain of −10.7 dB, as shown in Fig. 4.15.
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Figure 4.12: Voltage gain using the active feedback input impedance matching topology
for different values of output capacitance (a) Source voltage gain (b) Total voltage gain
(source plus amplifier).
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Figure 4.13: PCB measurement setup.

Figure 4.14: Microphotograph of the RFPGA.
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Figure 4.15: Measured voltage gain of the RFPGA four settings.

The s11 is below −9.5 dB along the bandwidth in all operating modes, as shown in Fig.

4.16. Fig. 4.17 shows an IIP3 range of 37 dB with a maximum value of 22.8 dBm at the

lowest-gain setting. The noise figure (Fig. 4.18) is below 6.1 dB in the maximum-gain

setting. The noise figure at gain setting 1 is higher than at gain setting 2. The reason

is that gain setting 1 uses LNA1+LNA2, whereas gain setting 2 uses only LNA1, and

in both settings LNA1 has the same configuration; hence, it is to be expected that the

noise figure at gain setting 1 will be higher than at gain setting 2. However, it should

be noted that the RFPGA is designed with the goal of being integrated in a complete

SoC where it will drive a mixer, which commonly has a very high noise figure. As

system-level design theory dictates, the higher the gain of the LNA stage, the lower

the noise figure of the whole receiver. Hence, when integrated in a complete receiver,

the use of gain setting 1 will provide a better overall noise figure than gain setting 2,

as the higher gain will decrease the effect of the subsequent noisy stages.

The different configuration modes provide a high dynamic range RFPGA that can

handle both large amplitude signals (where high linearity is required, and low-noise
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Figure 4.16: Measured s11 of the RFPGA four settings.

Figure 4.17: Measured IIP3 of the RFPGA four settings.
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Figure 4.18: Measured noise figure of the RFPGA four settings.

figure is not) and small amplitude signals (where high gain and low-noise figure are

required, and high linearity is not). When to switch from one gain setting to another

depends on the minimum signal-to-noise-plus-distortion ratio (SNDR) established by

the application, which will be ultimately established by the throughput requirements.

The switch between gain settings is usually performed by means of an AGC system,

which is fairly complex and digitally-controlled in complete SoCs.

Finally, a comparison table with other similar circuits is provided in Table 4.3. The

proposed topology improves bandwidth and reduces layout area over a nonswitchable

attenuation topology (both capacitive and resistive), making it more suitable for high-

frequency applications. The circuits listed in the table provide different gain ranges, so

the maximum IIP3 needs to be taken in the context of the minimum gain of each circuit,

as higher attenuation results in higher IIP3. Regarding noise figure, the amplifiers in

[8, 105, 106] use single-ended topologies. For the same circuit component values and

the same operating point of transistors, single-ended topologies provide better a noise

figure than differential topologies. A differential topology with external single-ended
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to differential conversion was chosen in this design due to its higher immunity to the

noise generated by other blocks inside the chip, which is significant in a complete SoC

transceiver with analog, RF, and digital blocks. The amplifier in [4] uses a dedicated

non-configurable amplifier for the highest gain setting, in parallel with the configurable

amplifier, to provide a very low noise figure setting. Finally, the amplifier in [109] uses

inductors, which also provide a low noise figure but at the cost of a very large area

increase.

Setting 1 2 3 4

s11 (dB) <-9.5 <-10.9 <-13 <-14.3
Voltage Gain (dB) 19.9 11.9 -3.5 -10.7

NF (dB) <6.1 <5.7 <12 <18.7
IIP3 (dBm) >-14 >3 >15 >22
Power (mW) 39.5 31.1 28.8 28.8
Bypass LNA2 No Yes Yes Yes
ON switches 1 & 4 1 & 4 2 & 5 3 & 5

Impedance matching Act. Act. Res. Res.

Table 4.2: RFPGA Prototype I experimental results.

4.4 Summary

A two-stage wideband inductorless fully differential RFPGA with high dynamic range

has been presented. The first stage of the proposed circuit uses a new switchable capac-

itive attenuation circuit and two different impedance-matching topologies. The second

stage is a tailed-pair amplifier with active loads and CMFB. Hence, the RFPGA can

provide different sets of specifications by combining the switchable capacitive attenu-

ation and the impedance-matching topologies, using one or two amplifying stages by

powering up or down the second-stage and directly connecting the output of the first

stage to the next stage. The presented switchable capacitive attenuation topology re-

duces the total RFPGA area and improves bandwidth over nonswitchable attenuation

topologies, since it only requires one transconductance stage.

Analytical analysis is provided on the switchable capacitive attenuation topology
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Table 4.3: RFPGA performance comparison

Ref. [106] [8] [105] [4] [109] This work

Bandwidth 0.47∼0.77 0.47∼0.87 0.05∼0.86 0.048∼1 0.47∼0.856 0.5∼2.5
(GHz)

Voltage Gain −6∼19.6 −17∼16 −18∼14.4(3) −35∼15.4(3) −25∼25 −10.7∼19.9
Range (dB)

Minimum 1.69 4.3 2.5 2.4(4) 1.6 4.1

NF (dB)(1)

Maximum N/A 27 N/A 30 N/A 22.8

IIP3 (dBm)(2)

Power (mW) 5.3∼13.9 22 19.8 30.6 46.2 28.8∼39.5

Area (mm2) 0.325 0.32 0.663 0.25 1.5 0.041

Inductorless No Yes Yes Yes No Yes

Differential No No No Yes Yes Yes

Process 90 nm 0.18 µm 0.18 µm 0.18 µm 0.18 µm 2-oxide
65 nm /
0.2 µm

(1) Minimum NF at highest-gain setting
(2) Maximum IIP3 at lowest-gain setting
(3) s21(4) Uses a dedicated non-configurable amplifier for the highest-gain setting

adding parasitic switch capacitances showing that the capacitor values can be selected

in order to provide constant attenuation steps. This chapter also provides analytical

analysis on the high-frequency behavior of the input impedance of the active feedback

topology and on the noise figure at the highest-gain setting. The high-frequency analysis

of the active feedback shows that for certain values of the input and output capacitances

the input impedance has peaking behavior and may improve the input matching. The

noise analysis shows that there exists a value of feedback resistance that optimizes the

noise generated by the active feedback input impedance matching topology.

The fabricated RFPGA achieves a voltage gain range of 30.6 dB with four different

gain values and a 3 dB bandwidth from 500 MHz to 2.5 GHz, with a minimum noise

figure of 4.1 dB at maximum gain and a maximum IIP3 of 22.8 dBm at minimum

gain. The first stage dissipates 31.1 mW, and the second stage dissipates 8.4 mW. The

RFPGA is packaged in a 36-pin QFN and occupies a total area of 0.041 mm2 including

the DC decoupling capacitors at each stage.
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5

RFPGA Prototype II:

Double-Input Switchable

Capacitive Attenuation

5.1 Introduction

This chapter presents the implementation of a double-input switchable capacitive at-

tenuation RFPGA (DI-RFPGA) providing 4 different gain settings. We propose the use

of a new pre-attenuation based topology consisting of a double-input (DI) switchable

capacitive attenuation that provides area, bandwidth and noise improvements over the

commonly-used non-switchable multiple-stage (MS) non-switchable capacitive attenu-

ation circuit and the single-input switchable capacitive attenuation circuit presented in

Chapter 4. The chapter is divided in three sections: design, experimental results and

summary.

The design section starts with the core concept of the DI topology and then con-

tinues with the full circuit schematic of the topology. After introducing the topology,

the sizing of the various elements in the circuit are analyzed in order to provide the

same gain settings than the MS topology and finally and the section ends by providing
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an analysis of the noise generated at the different gain settings and compares it to the

MS topology under equal gain and power consumption. The comparison is given only

with respect to the MS topology since, as has been explained in the previous chapter,

it provides lower noise figure than the single-input switchable capacitive attenuation

topology.

The next section contains the experimental results of the manufactured DI-RFPGA

topology. The circuit has been manufactured using a 65 nm CMOS technology, pack-

aged inside a QFN and solded on PCB. The chapter ends with a summary section

providing an overview of the contents presented.

5.2 Design

This sections starts by introducing the concept of the double-input switchable capacitive

attenuation topology using basic blocks, without entering into transistor-level design,

in order to provide a basic understanding of the topology and its advantages. Then,

the schematic of the DI-RFPGA using switchable capacitive attenuation is presented,

showing the transistor-level design.

The circuit topology subsection of the DI-RFPGA is followed by a subsection ex-

plaining the design of the several gain settings in order to provide the same gain as in

the MS topology. By designing both topologies providing the same gain at all settings,

a more clear comparison of noise figure performance between topologies can be provided

in the next and last subsection. This last subsection finds the analytical expression of

the DI topology noise figure as a function of the MS topology noise figure and compares

them under different design scenarios.

5.2.1 Core Concept

Typical pre-attenuation based amplifiers with capacitive attenuation use a multiple-

stage (MS) Gm structure and a non-switchable capacitor ladder as shown in Fig. 5.1a

[4, 5, 6, 7, 8]. This structure has two main drawbacks. On one hand, it requires a
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Gm stage for each attenuation step, thus increasing the layout area it occupies as the

number of required attenuation steps increases. On the other hand, the load capacitance

is largely increased as the output capacitance of each Gm stage is added to the total

load capacitance, thereby significantly decreasing the amplifier bandwidth compared to

a single-Gm amplifier.

One structural solution to eliminate these two drawbacks is to use a switchable

capacitive attenuation topology (Fig. 5.1b) as presented in Chapter 4. This structure

adds switches (S1 − S4) at each attenuation step so that by closing no more than one

switch at any given time, only one path is available for the input signal to reach the

amplifying stage. Hence, only one Gm stage is required, reducing area and increasing

bandwidth as compared to the non-switchable capacitive attenuation topology.

The switchable topology, however, has a higher noise figure. The input switches,

which must be implemented using transistors in a CMOS technology, have a non-

negligible channel resistance which adds noise at the input node before amplifying the

signal. This is especially detrimental at the highest-gain setting which handles the

smallest amplitude input signals and therefore requires a very low noise figure.

To eliminate the drawbacks of these two topologies, we have designed a double-input

switchable capacitive attenuation topology as shown in Fig. 5.1c. At the highest gain

setting, switches S1−S5 are open and the circuit behaves as a cascoded common-source

amplifier without adding any input signal attenuation. At the other gain configurations,

switches S4 − S5 are closed and only one of the switches S1 − S3 is closed at any given

time to select the desired attenuation step. Thus, transistor M1 is cut-off and the

circuit operates as a common-source amplifier (M2 being the amplifying device) with

degeneration (provided by the on-resistance of switch S4). The voltage gain of the 4

gain settings can be defined as:

Avset1 = gm1RL (5.1)
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Figure 5.1: Implementations of capacitive attenuation PGAs: (a) Non-switchable (b)
Switchable (c) Double-input switchable.
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Avsetx =
gm3RL

αsetx(1 + gm3RD)
(5.2)

Where setx refers to the gain setting, set1 being the highest gain setting and set4 the

lowest gain setting, Avset1 is the voltage gain of the highest gain setting (cascoded CS

configuration), Avsetx the voltage gain of a non-highest gain setting (degenerated CS

configuration, where x can get the values of 2, 3 and 4), αsetx the attenuation added by

the capacitive attenuation circuit (which equals 1 for x = 2, and is equal to the desired

attenuation for x = 3 and x = 4) and RD the value of resistance degeneration of S4. The

size of the cascode, the degeneration and the capacitors in the capacitive attenuation

topology can be chosen to provide different gain steps, as required for each application,

as will be analyzed later. The degeneration provided by the channel resistance of switch

S4 linearizes the transconductance and therefore the amplifier provides better linearity

at the gain settings using attenuation, where high linearity is the main requirement.

By using the double-input topology, the DI-RFPGA provides a better performance

in terms of bandwidth and area than the MS topology and solves the noise problem

at the highest-gain setting due to the switch in series of the single-input switchable

capacitive attenuation topology. Also, as will be analyzed in a later section, the DI

topology provides better noise figure than the MS topology at all gain settings for most

of the practical implementations.

5.2.2 Circuit Topology

The full schematic of the manufactured DI-RFPGA (biasings omitted) is shown in

Fig. 5.2. The circuit uses a CMFB to set the output DC voltage level by controlling

the tail current. Following the same structure of the previously presented single-input

RFPGA in Chapter 4, the DI-RFPGA uses a selectable input impedance matching

scheme consisting of an active feedback for the highest-gain setting (gain setting 1)

and shunt resistor for the attenuation settings (the term attenuation settings is used to

refer to the gain settings other than the highest one, which are numbered as the gain
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settings 2, 3 and 4). The same analysis for input impedance calculation, high-frequency

effects and noise optimization can be applied to this topology.

To provide a more clear picture of the components used in each gain setting, Fig.

5.3 (gain settings 1 and 2) and Fig. 5.4 (gain settings 3 and 4) show the full schematic

of the DI-RFPGA for each of the 4 gain settings shading in gray the components that

are not used in the corresponding gain setting.

5.2.3 Sizing of the Attenuation Steps

The sizing of the various elements in the DI topology are analyzed in order to provide

the same gain settings than the MS topology. The reason for this process is to provide

a fair comparison (same gain and power consumption) of the noise figure generated by

both topologies in the next section. The comparison in this section and the next section

is performed only versus the MS topology, as it has been established in the previous

chapter that it provides a lower noise figure than the single-input switchable capacitive

attenuation topology.

As opposed to the multiple-stage and single-input topologies where the amplification

is performed by one circuit topology (common-source) and all the gain settings are

provided through the capacitive attenuation circuit, in the double-input topology the

amplification is performed by two circuit topologies:

• At gain setting 1, amplification is performed with a cascoded common-source

topology (Fig. 5.3a) and the input impedance matching with active feedback.

• At gain setting 2, amplification is performed with a degenerated common-source

topology (Fig. 5.3b) and the input impedance matching with parallel resistance.

• At gain settings 3 and onward, amplification is performed with a degenerated

common-source topology and the different gain steps are provided by a the ca-

pacitive attenuation circuit (Fig. 5.4). Input impedance matching is performed

with a parallel resistance.

Therefore, three different design objectives must be taken into account:
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Figure 5.3: Schematic of the differential double-input RFPGA with switchable capacitive
attenuation (a) Gain setting 1 (b) Gain setting 2
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Figure 5.4: Schematic of the differential double-input RFPGA with switchable capacitive
attenuation (a) Gain setting 3 (b) Gain setting 4
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• How to size the cascoded common-source circuit to obtain the same gain as the

common-source circuit in the MS topology and in the single-input topology.

• How to size the degenerated common-source circuit to obtain the same gain as

the first attenuation step in the MS topology and in the single-input topology.

• How to size the first attenuation step (and onward) of the DI topology to obtain

the same gain as the second attenuation step (and onward) in the MS topology

and in the single-input topology.

From here to the end of the chapter, it is considered that the cascode transistor

in the DI topology (M3) is designed with the same transconductance and size (width

and length) as the common-source transistor (M1) for a fair comparison between all

the gain settings of the DI and MS topologies.

The DI topology has been presented as requiring one additional transistor compared

to the MS topology. However, it should be noted that the MS topologies in the provided

literature use a cascode transistor due to its benefits and therefore the DI and MS

topologies have the same number of transistors. Still, the analysis from now on considers

a cascode-less MS topology to provide a worse case scenario.

The next three subsections analyze the sizing of the components in the DI topology

to provide the same gain as the MS topology. First, we compare the first gain setting

(highest gain setting) which in the DI topology corresponds to the cascoded common-

source topology, then we compare the second gain setting which corresponds to the

degenerated common-source without input attenuation and finally we compare the rest

of the gain settings which correspond to the degenerated common-source with input

attenuation.

5.2.3.1 Cascoded Common-Source Sizing

The highest-gain setting in the DI topology is composed of a cascoded common-source

topology whereas in the MS topology it is composed of a cascode-less common-source
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topology. As has been previously explained, this provides a worse case scenario com-

pared to the presented literature which uses an MS topology with cascode.

The simplified circuits (omitting input impedance matching and biasings) of the

MS topology and the DI topology at the highest-gain setting are shown in Fig. 5.5a

and Fig. 5.5b respectively. By using basic circuit theory, we can find the voltage gain

of both configurations respectively:

AvMS−set1 = gm1RL (5.3)

AvDI−set1 = gm1RL (5.4)

Therefore, the cascode transistor M3 in the DI topology has no effect on the gain and

as long as the components in both topologies are designed with the same parameters,

both topologies will provide the same voltage gain at the highest-gain setting.

5.2.3.2 Degenerated Common-Source Sizing

The second gain setting in the DI topology is composed of a degenerated common-source

topology whereas in the MS topology it is composed of a common-source topology with

one step of capacitive attenuation. The simplified circuits (omitting input impedance

matching and biasings) of the MS topology and the DI topology at the second gain

setting are shown in Fig. 5.5c and Fig. 5.5d respectively. By using basic circuit theory,

we can find the voltage gain of both configurations respectively:

AvMS−set2 =
gm1RL
α1

(5.5)

AvDI−set2 =
gm3RL

(1 + gm3RD)
(5.6)

The equations take into account the voltage divider effect due to the shunt resistance

input impedance matching, which for RM = RS adds the term 2 at the denominator.
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The objective is for the DI topology to provide the same gain as the MS topology,

therefore we equal the two expressions:

gm1RL
α1

=
gm3RL

(1 + gm3RD)
(5.7)

Considering that gm3 = gm1 and the size (width and length) is the same for M1 and

M3, we can re-write Eq. 5.7 to obtain the required value of degeneration resistance to

provide the same gain in both topologies:

RD =
α1 − 1

gm1
(5.8)

Thus, by using a degeneration resistance equal to the first attenuation step of the

MS topology (α1) divided by the transconductance of the input device (gm1), the second

gain setting of the DI and the MS topologies provide the same gain.

It should be noted that considering that gm3 = gm1 is not optimal and is done

only for comparison purposes with equally-sized components. In the DI circuit de-

sign, gm3 will be chosen in order to provide the required noise and gain specifications

independently of gm1.

5.2.3.3 Capacitive Ladder Sizing

The third and fourth gain settings in the DI topology are composed of a degenerated

common-source topology with one and two capacitive attenuation steps respectively,

whereas in the MS topology it is composed a common-source topology with two and

three attenuation steps respectively.

The simplified circuits (omitting input impedance matching and biasings) of the MS

topology and the DI topology beyond the second gain setting are shown in Fig. 5.5e

and Fig. 5.5f respectively. If the design guidelines provided in the previous section to

obtain the same gain in both the DI and MS topologies at gain setting 2 are followed,

the only requirement to provide the same gain in gain setting 3 and onward is that the

capacitive ladder has a constant attenuation step. Then, both topologies will add the
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Figure 5.6: Double-input switchable capacitive attenuation using a C-2C ladder and
including switch parasitic capacitances.

same attenuation step at each gain setting.

The analysis for the capacitor sizing of the switchable capacitive attenuation for the

DI-RFPGA is equivalent to that of the single-input switchable capacitive attenuation

RFPGA. Fig. 5.6 shows the input part of the DI-RFPGA substituting the switches

for NMOS transistors and adding the corresponding parasitic capacitances. The main

path of the circuit corresponding to the gain setting 1 can be neglected as the gate

of M1 is connected to ground and its transconductance and current consumption is

negligible at attenuation settings (settings 2, 3 and 4). Therefore, the capacitive ladder

of the secondary path in the double-input topology used during attenuation settings

is equal to that of the main path in the single-input topology and thus the capacitor

values can be tuned to provide constant attenuation steps of the desired value following

the analysis in Chapter 4.

Then, as long as the gain of settings 1 and 2 is equal for both the DI and MS

topologies by following the guidelines of the previous 2 subsections, the settings of each
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Figure 5.7: DI-RFPGA simplified schematic used for noise calculations at the highest-
gain setting.

topology will provide the same gain at settings 3 and 4.

5.2.4 Noise Comparison with the Multiple-Stage Topology

This section compares the noise figure of the DI topology versus the MS topology. The

MS topology is used in this section instead of the single-input switchable capacitive

attenuation topology presented in Chapter 4 since it provides a lower noise figure. The

first section analyzes the noise generated at the highest-gain setting, whereas the second

section analyzes the noise generated at the attenuation settings.

5.2.4.1 Noise at Highest-Gain Setting

The equations are calculated using the simplified schematic shown in Fig. 5.7. The

simplified schematic does not include the switchable capacitive attenuation ladder and

the parallel input impedance matching since both circuits are not used at the highest

gain mode.
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Component Noise Factor

MS DI

RS 1 1

M1
4γ1

gm1RS

4γ1
gm1RS

RF
4RF
RSA2

v

4RF
RSA2

v

M2
2γ2
Av

[
1− 2RF

RSAv

]
2γ2
Av

[
1− 2RF

RSAv

]
RL

4
gm1RSAV

4
gm1RSAV

Mbias γbiasgmbiasRS

[
1− 2RF

RSAv

]2
γbiasgmbiasRS

[
1− 2RF

RSAv

]2

M3 — 0

Table 5.1: Noise factor dependencies of each component of MS and DI topologies at
highest gain setting.

The noise factor generated by the amplifier can be expressed as a sum of the noise

factor generated by each component:

FDI = FRS
+ FM1 + FRF

+ FM2 + FRL
+ FMbias

+ FM3 (5.9)

By following the same process used in Chapter 4 in Eq. 4.2—4.7, we can calculate

the noise factor contribution of each term, which are summarized in Table 5.1. As can

be seen, the noise contribution of the cascode transistor M3 is 0 and all the other terms

are equal for both topologies. Therefore, given the current analysis, the DI has the

same noise figure than the MS topology at the highest-gain setting.

The previous analysis has taken into account a small-signal model which does not

include channel modulation effects, therefore the channel resistance (RDS) of M3 is not

present, which results in noise current generated by M3 not appearing at the output.

To further expand the analysis to provide a more real effect of the noise due to the

cascode transistor M3, the channel resistances (RDS) of the transistors are placed in

the small-signal model in parallel with the noise current sources of each transistor.
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Repeating the noise analysis adding the channel resistances, the noise factor due to the

cascode transistor is as follows:

FM3 =
4γ3gm2

g2
m1RS

R2
DS3

R2
DS1(1 + gm3RDS3)2

(5.10)

By approximating γ3 ≈ γ1 and RDS3 ≈ RDS1 since M1 and M3 are equally sized

and have the same current consumption, the equation can be re-written as:

FM3 ≈ FM1

1

(1 + gm1RDS1)2
(5.11)

Which provides the relation of noise factor generated by M3 as a function of M1.

The equation also contains two more variables, which are the transconductance and

channel resistance of the transistors. To obtain a more clear relationship between the

two noise factors, we need to give typical values to gm1 and RDS1.

The content of this thesis is centered on high-frequency wideband inductor-less low-

noise amplifiers. Since small output load resistances are required to comply with the

high frequency requirement, a large transconductance is required in the amplifying de-

vices to comply with gain specifications. To provide low-noise, a large transconductance

in the amplifying devices is also required. This results in a transconductance that is

usually in the range of 60 mS to 100 mS.

Channel resistances in this situation are typically of the order of 60 Ω to 120 Ω

(obtained through simulation). For the design implementation of this prototype, the

values of gm and RDS are 85 mS and 71 Ω respectively, resulting in the following noise

factor due to the cascode transistor:

FM3 ≈
FM1

49.5
(5.12)

Thus, for the design parameters of this prototype, the noise factor due to the cascode

transistor is negligible compared to the noise factor of the main transistor, and can be

considered that the DI and the MS topologies provide the same noise factor at the

highest-gain setting. Also, considering the practical applications of these topologies in
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low-noise high-frequency wideband inductor-less amplifiers (by using typical ranges of

gm and RDS), this assertion can be generalized to state that the DI topology provides

the same noise figure than the MS topology at the highest-gain setting.

5.2.4.2 Noise at Attenuation Settings

To compare the noise generated by the two topologies at attenuation settings (gain

settings 2, 3 and 4) the following methodology is followed. The noise factor of a

transistor depends on technology parameters such as γ, which is the thermal excess

noise factor of the transistor. At nanometer technologies such as 65 nm it is very

difficult to provide typical values for γ and generally it is not provided by foundries.

Therefore it is not possible to provide absolute values of noise figure for each topology

in order to compare them. In order to compare the two topologies, we are going to

calculate the noise figure of the DI topology as a function of the noise figure of the MS

topology. As will be seen later, this eliminates the γ parameter from the final equation.

The equations are calculated using the simplified schematics shown in Fig. 5.8a

and Fig. 5.8b for the DI and MS topologies respectively. As opposed to the highest-

gain setting, the schematics now include the attenuation provided by the capacitive

attenuation ladder (αDIx and αMSx , where x equals the gain setting) and by the parallel

resistance input impedance matching topology (RM ). The active feedback impedance

matching is neglected as it is powered-down at attenuation settings.

By following the same process used in Chapter 4 in Eq. 4.2—4.7, we can calculate

the noise factor contribution of each component, which are summarized in Table 5.2.

As can be seen, the noise generated by the common components in both topologies is

the same, and the DI topology has two additional components that add noise (RSW

and RD). However, the attenuation value α is different for each topology, as shown in

Table 5.3, where AttStep is the designed attenuation step of the capacitive ladder.

To compare the noise generated by the two topologies at attenuation settings, we

start by defining the total noise of the MS topology:

106



5.2 Design

Figure 5.8: Simplified schematics used for noise calculations at attenuation settings (a)
DI topology (b) MS topology.
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Component Noise Factor

MS DI

RS 1 1

RM 1 1

RSW —
8α2

DIRSW

RS

M1
8α2

MSxγ1
RSgm1

8α2
DIxγ1

RSgm1

RL
8α2

MSx

RSRLg
2
m1

8α2
DIx

RSRLg
2
m1

RD —
8α2

DIxRD

RS

Table 5.2: Noise factor dependencies of each component of MS and DI topologies at
attenuation settings.

Gain Setting αx
MS DI

2 1 AttStep

3 AttStep 2AttStep

4 2AttStep 3AttStep

Table 5.3: Attenuation values for the different settings of the DI and MS topologies.
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FMS = 2 +
8α2

MSx
γ1

RSgm1
+

8α2
MSx

RSRLg2
m1

(5.13)

We re-write the equation as:

FMS = 2 + α2
MSx

χ (5.14)

Where:

χ =
8γ1

RSgm1
+

8

RSRLg2
m1

(5.15)

Then we define the total noise generated by the DI topology:

FDI = 2 +
8α2

DIx
γ1

RSgm1
+

8α2
DIx

RSRLg2
m1

+
8α2

DIx
RSW

RS
+

8α2
DIx

RD

RS
(5.16)

We substitute Eq. 5.15 into Eq. 5.16:

FDI = 2 + α2
DIx

(
χ+

8RSW
RS

+
8RD
RS

)
(5.17)

Then we re-write Eq. 5.14 as:

χ =
FMS − 2

α2
MSx

(5.18)

And substitute Eq. 5.18 into Eq. 5.17:

FDI = 2 + α2
DIx

(
FMS − 2

α2
MSx

+
8RSW
RS

+
8RD
RS

)
(5.19)

Finally, Eq. 5.8 is substituted into Eq. 5.17 so that the gain of both topologies is

the same:

FDI = 2 + α2
DIx

(
FMS − 2

α2
MSx

+
8RSW
RS

+
8(αMSx − 1)

RSgm1

)
(5.20)

Using Eq. 5.20 we can get the noise factor of the DI topology for a given noise
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factor of the MS topology in order to compare them. The resulting difference between

the two noise factors will depend on the attenuation step of the capacitive ladder (see

Table 5.3 for the values of α for each topology and each gain setting) and the input

transconductance gm1. There are two other parameters in the equation, RS and RSW .

For the noise plots, the source resistance RS is set to 75 Ω which is the value defined

in the G.hn specification. The switch on-resistance RSW is set to 10 Ω. Although

the switch on-resistance used in the prototype design is 7 Ω, a higher value is used

to provide a less favorable situation for the DI topology and show that it still provide

better noise performance than the MS topology in most practical implementations.

The noise figure difference between the DI and MS topologies for the three attenu-

ation settings are provided for gain setting 2 in Fig. 5.9, gain setting 3 in Fig. 5.10 and

gain setting 4 in Fig. 5.11. The resulting group of figures provides the noise figure dif-

ference between the MS and the DI topologies for different values of transconductance,

MS noise figure and attenuation step.

The DI topology provides a better noise figure than the MS topology for the higher

range of transconductance. As the transconductance of the circuit decreases, the noise

figure difference decreases and the MS topology may even provide a better noise figure

than the DI topology. However, the content of this thesis is centered on high-frequency

wideband inductor-less low-noise amplifiers. Since small output load resistances are

required to comply with the high-frequency requirement, a large transconductance is

required in the amplifying devices to comply with gain specifications. To provide low-

noise, a large transconductance in the amplifying devices is also required. This results

in a transconductance that is usually in the range of 60 mS to 100 mS, where the DI

topology provides better performance than the MS topology.

The reader should also note that the results are dependent on the noise figure of

the MS topology at each gain setting, which is higher as more attenuation is used. The

MS noise figure values in the presented plots have been chosen so as to include within

its range typical NF values seen by simulation and in previous publications [5, 6, 7, 8].

It may be possible that the lowest value of MS noise figure in each subplot cannot be
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Figure 5.9: Noise figure difference between the MS and the DI topologies (Gain Setting
2) for different values of transconductance, MS noise figure and attenuation step.
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Figure 5.10: Noise figure difference between the MS and the DI topologies (Gain Setting
3) for different values of transconductance, MS noise figure and attenuation step.
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Figure 5.11: Noise figure difference between the MS and the DI topologies (Gain Setting
4) for different values of transconductance, MS noise figure and attenuation step.
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Gain Setting 1 2 3 4

s11 (dB) <−12.2 <−13.8 <−15.9 <−15.9
Voltage Gain (dB) 13.4 0.6 −7.9 −16.6

NF (dB) 3.2 10.8 17.7 24
IIP3 (dBm) −1.8 11.8 20.2 28.9
Power (mW) 24.3 23 23 23
Zin Matching Active Passive Passive Passive
ON switches 6 1,4,5,7 2,4,5,7 3,4,5,7

Table 5.4: RFPGA Prototype II experimental results.

achieved with current CMOS technologies and power consumption constraints.

Thus, the values for which the MS topology provides better noise figure than the

DI topology is for the lower range of transconductances with the lower range of noise

figures. The lower range of transconductances is typically not viable in high-frequency

inductor-less low-noise amplifiers, and it may not be possible to achieve the lowest

values of noise figure with low transconductances. Overall, the DI topology provides

better noise figure than the MS topology is most practical implementations.

5.3 Experimental Results

The DI-RFPGA has been fabricated in a 65 nm technology, packaged inside a 40-QFN

and measured on PCB. SMD external baluns are used for single-ended to differen-

tial conversion, and an on-chip output buffer is used at the output of the front-end

to drive the low-impedance load of the measuring equipment. Both baluns and the

output buffer have been de-embedded from the presented results. PCB tracks have

also been de-embedded using short-open-load-through (SOLT) calibration. The DI-

RFPGA occupies a total area of 0.042 mm2, including DC decoupling capacitors. The

very low-area inductor-less designs facilitates the integration of the RF front-end into a

complete transceiver SoC. The power consumption varies from 23 mW (at attenuation

settings) to 24.3 mW (at highest-gain setting where the active feedback is on) and the

bandwidth ranges from 300 MHz to 2.5 GHz.

A summary of the front-end gain settings and measurement results is presented in
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Figure 5.12: DI-RFPGA voltage gain measurement results.

Table 5.4. The front-end achieves a total voltage gain range of 30 dB, with a maximum

voltage gain of 13.4 dB and a minimum gain of −16.6 dB, as shown in Fig. 5.12. The s11

is below −12.2 dB along the bandwidth (300 MHz — 2.5 GHz) in all operating modes,

as shown in Fig. 5.13. Fig. 5.14 shows an IIP3 range of 30.7 dB with a maximum value

of 28.9 dBm. The noise figure has a minimum value of 3.2 dB at the maximum-gain

setting, as can be seen in Fig. 5.15.

A comparison with other configurable amplifier topologies using input attenuation

(either resistive or capacitive) is presented in Table 5.5. The proposed circuit shows a

large decrease in chip area with 0.042 mm2 as compared to 0.25 mm2, 0.32 mm2 and

0.325 mm2 for [106], [8] and [4] respectively. Although our circuit has been fabricated

in 65 nm technology, this is still between 6—8 times smaller chip area as compared to

1.4—2.8 shorter length technology.

Also, the presented circuit has an operating frequency up to 2.5 GHz, whereas the

other topologies operate up to 1 GHz. In terms of noise figure it is difficult to provide

a direct comparison due to differences in structure and bandwidth. The only topology
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Figure 5.13: DI-RFPGA s11 measurement results.

Figure 5.14: DI-RFPGA IIP3 measurement results.
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Figure 5.15: DI-RFPGA noise figure measurement results.

besides the one presented in this chapter that is both inductorless and differential is [4],

which uses a dedicated non-configurable amplifier optimized for low noise in parallel

with the configurable amplifier. [8] and [105] do not use a dedicated amplifier and are

inductorless topologies using input attenuation. However, the topologies are single-

ended which inherently provide lower noise figure than a differential topology.

Overall, the presented double-input RFPGA topology provides a performance im-

provement in terms of chip area and bandwidth, while providing comparable perfor-

mance in terms of noise figure, linearity and power consumption.

5.4 Summary

A wideband inductorless fully differential RFPGA with high dynamic range is pre-

sented. The proposed circuit uses a new double-input switchable capacitive attenua-

tion topology and two different input impedance matching topologies. The presented

DI-RFPGA maintains the bandwidth and area advantages of the switchable capaci-
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Ref. [106] [8] [105] [4] [109] This work

Bandwidth 0.47∼0.77 0.47∼0.87 0.05∼0.86 0.048∼1 0.47∼0.856 0.3∼2.5
(GHz)

Voltage Gain −6∼19.6 −17∼16 −18∼14.4(3) −35∼15.4(3) −25∼25 −16.6∼13.4
Range (dB)

Minimum 1.69 4.3 2.5 2.4(4) 1.6 3.2

NF (dB)(1)

Maximum N/A 27 N/A 30 N/A 28.9

IIP3 (dBm)(2)

Power (mW) 5.3∼13.9 22 19.8 30.6 46.2 23∼24.3

Area (mm2) 0.325 0.32 0.663 0.25 1.5 0.042

Inductorless No Yes Yes Yes No Yes

Differential No No No Yes Yes Yes

Process 90 nm 0.18 µm 0.18 µm 0.18 µm 0.18 µm 65 nm
(1) Minimum NF at highest-gain setting
(2) Maximum IIP3 at lowest-gain setting
(3) s21(4) Uses a dedicated non-configurable amplifier for the highest-gain setting

Table 5.5: DI-RFPGA performance comparison.

tive attenuation presented in Chapter 4 and at the same time reduces the noise at the

highest-gain setting by using a double-input topology that eliminates the requirement

of a serial switch at the input.

Theoretical analysis shows that the double-input topology can be designed to pro-

vide the same gain steps as the single-input switchable capacitive attenuation RFPGA

presented in Chapter 4 and the commonly-used non-switchable capacitive attenuation

topology. The presented double-input topology also improves the noise figure with

equal gain over the non-switchable capacitive attenuation topology at all gain settings

for most practical implementation cases.

The DI-RFPGA achieves a total voltage gain range of 30 dB, with a maximum

voltage gain of 13.4 dB and a minimum gain of −16.6 dB. The s11 is below −12.2 dB

along the bandwidth (300 MHz – 2.5 GHz) in all operating modes. The IIP3 range is

of 30.7 dB with a maximum value of 28.9 dBm and the noise figure has a minimum

value of 3.2 dB at the maximum-gain setting. The DI-RFPGA occupies a total area

of 0.042 mm2, including DC decoupling capacitors. The very low-area inductor-less

designs facilitates the integration of the RF front-end into a complete transceiver SoC

and the power consumption varies from 23 mW (at attenuation settings) to 24.3 mW

(at highest-gain setting where the active feedback is on).
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Front-End Prototype

6.1 Introduction

This chapter presents the implementation of a full RF front-end providing a total of 8

different gain settings. The input amplifier in the front-end is the DI-RFPGA topology

presented in Chapter 5 which provides 4 gain settings by using a double-input topol-

ogy and a switchable capacitive attenuation circuit. The frequency downconversion is

performed by a folded mixer whose transconductance stage can be by-passed. By com-

bining the two methods the front-end provides a total of 8 gain settings. Experimental

results of the circuit packaged inside a QFN package and solded on PCB are presented.

The chapter is divided in five sections: mixer topology, front-end architecture, circuit

design, experimental results and summary.

The mixer topology section starts by explaining the differences between passive and

active mixers and justifying the choice for an active mixer, followed by an explanation

of the sub-blocks which compose an active mixer and finally proceeds to show how the

mixer can be configured to provide different gain settings. This section is then followed

by the front-end architecture section which introduces the front-end structure (block

diagram) of the manufactured prototype.

Following the presentation of the front-end architecture comes the section that

describes in detail the circuits of the front-end blocks. The input amplifier of the front-
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6. FRONT-END PROTOTYPE

end is the double-input RFPGA topology presented in Chapter 5 which has already

been analyzed in detail, therefore it is not described in this section. The blocks of the

front-end presented in this section are the transconductance amplifier, the switching

stage and the buffers.

The next section contains the experimental results of the manufactured front-end.

The circuit has been manufactured using a 65 nm CMOS technology, packaged inside a

QFN and solded on PCB. Apart from the traditional measures given for any amplifier

and front-end, we also provide multi-tone measures that show a more realistic behavior

of the circuit linearity in a multiple-carrier wideband application. The chapter ends

with a summary section providing an overview of the contents presented.

6.2 Mixer Topology

As has been discussed previously, high dynamic range receivers require both low noise

and high linearity although the specifications do not require to be complied with at

the same time. When a full front-end with frequency downconversion is taken into

account, the decision of which mixer topology is the more adequate arises. Mixers

can be classified in two main categories: active and passive. Active mixers are more

adequate for small-amplitude input signals as they provide low-noise and high-gain,

whereas passive mixers are more adequate for large-amplitude input signals as they

provide high linearity.

For the current design, an active mixer topology was chosen since it is more ap-

propriate to comply with the requirements of low-noise and high-gain for the lowest-

amplitude input signals (it should be reminded that the higher the gain of the front-end,

the less the noise figure of later stages will affect the noise figure of the whole receiver).

The structure of an active mixer can be divided into three blocks as shown in Fig.

6.1, which are the transconductance stage, the switching stage and the transimpedance

stage.

When using an active mixer topology, the usual problem that arises in high dynamic
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6.2 Mixer Topology

Figure 6.1: Blocks in an active mixer.

range receivers is to comply with the linearity requirements, especially after the LNA

has provided amplification. One approach to solve this problem is to use an LNA-less

topology, where the LNA stage is eliminated and the received signal enters directly

into the mixer stage, which in this case it must be designed to provide input impedance

matching. The LNA-less topology, even when using an active mixer, has the disadvan-

tage of higher noise and lower gain, which presents a problem in high dynamic range

receivers.

Taking this approach further for configurable high dynamic range front-ends, the

receiver can be designed using a by-passable LNA and an active mixer, as shown in

Fig. 6.2a. Using this approach, at the highest-gain setting the front-end uses the LNA

and mixer, whereas at lower gain settings the LNA can be by-passed and the front-end

becomes an LNA-less topology, with the input signal entering directly into the mixer

stage. This approach, however, has three important disadvantages:

• If the LNA is designed as a configurable topology providing different gain settings,

they can no longer be used as the full stage is by-passed.

• The mixer design must include an input impedance matching circuit for the gain

121



6. FRONT-END PROTOTYPE

Figure 6.2: (a) Front-end with by-passable LNA and (b) Front-end with by-passable
mixer transconductance.

settings where the LNA is by-passed.

• The input switch adds noise that results in a non-negligible increase of the noise

figure, as there is no previous amplification. The increase in noise may put further

constraints to the noise/linearity trade-off.

In this chapter we propose the use of a front-end architecture that, instead of

by-passing the LNA, by-passes the transconductance stage of the mixer and uses the

input LNA as the transconductance stage of the mixer as shown in Fig. 6.2b. There-

fore, the front-end effectively becomes an LNA-less topology but maintaining the input

impedance matching topology and the configurability of the input LNA. Also, the

switch is now located at the output of the LNA, and thus it has a much lower influence

on the noise figure of the whole receiver as the signal is first amplified by the LNA.

6.3 Front-End Architecture

The implemented front-end architecture is shown in Fig. 6.3. The input LNA of the

front-end uses the double-input switchable capacitive attenuation RFPGA presented in

Chapter 5 providing 4 gain settings. The DI-RFPGA is followed by a buffer to obtain
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6.3 Front-End Architecture

Figure 6.3: Architecture of the implemented front-end.

a better isolation from the LO signal at the mixer stage.

The active mixer uses a folded topology composed of a current re-use transconduc-

tance stage (CR-TCA) and a switching stage. As previously mentioned, the transcon-

ductance stage of a typical active mixer (which in this front-end design corresponds to

the CR-TCA) can be by-passed thus connecting the DI-RFPGA directly to the switch-

ing stage and turning the front-end into an LNA-less topology where the DI-RFPGA

behaves as the transconductance stage of the mixer. The CR-TCA by-pass adds an

additional configuration mode which, combined with 4 DI-RFPGA gain settings, allows

the front-end to provide a total of 8 different gain settings.

The function of the buffer at the output of the switching stage is to isolate the

mixer from the baseband circuitry and to provide a low capacitive load to the mixer to

increase bandwidth, as the G.hn specification establishes channels of up to 200 MHz

bandwidth. The LO buffer is used to condition the LO signal to the requirements of

the switching stage. In this implementation, the LO signal is fed externally through a

signal generator for measurement purposes, whereas in a practical SoC implementation

the LO signal would come from a VCO. The switches are implemented using NMOS

switches. An additional block is added at the output of the DI-RFPGA to emulate the

load seen in a full I/Q receiver where the receiving paths are duplicated beyond the

input LNA.
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6. FRONT-END PROTOTYPE

Stage Power Consumption

DI-RFPGA 23.8 mW
DI-RFPGA Buffer 4 mW

CR-TCA 9.8 mW
Switching Stage 3.2 mW

Switching Stage Buffer 3.1 mW
LO Buffer 3.2 mW

Total 47.1 mW

Table 6.1: Simulated power consumption of each front-end stage.

6.4 Circuit Design

This section presents the various circuits used in the front-end including the current

re-use transconductance stage (CR-TCA), the switching stage, the buffers and the by-

pass. The DI-RFPGA is not present in this section as the circuit has been analyzed

in detail in Chapter 5. For ease of reference along the section, Table 6.1 provides the

simulated power consumption of each stage.

6.4.1 Switching Stage

The schematic of the folded mixer is shown in Fig. 6.4, with the switching stage

consisting of a double-balanced topology with tail current sources setting the power

consumption of the circuit and resistive loads to perform the current-to-voltage con-

version. The use of a folded mixer topology allows the use of different currents for the

transconductance and switching stages which allows for a better optimization of the

circuit, as the transconductance stage requires a high current to provide high gain and

low noise, whereas the linearity of the switching stage increases as the current through

the switching transistors decreases. The total power consumption of the switching stage

is 3.2 mW.

The maximum channel bandwidth defined by the G.hn specification is 200 MHz,

and we set the minimum baseband frequency at 10 MHz, therefore the mixer bandwidth

must stay between 10 MHz and 210 MHz.

The non-linear time-variant characteristics of a mixer makes the theoretical anal-
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6. FRONT-END PROTOTYPE

ysis of the circuit specifications very difficult, requiring the use of Volterra series and

several approximations, which is beyond the scope of this thesis. The simulated input

impedance of the switching stage for different LO frequencies is shown in Fig. 6.5. The

impedance has been obtained using a PSS-PSP simulation. As shown, the impedance

value is low, in the range of 100 Ω, which is of the same order as the load resistance

RL of the DI-RFPGA. When the by-pass is not active, the DI-RFPGA sees a large

impedance from the following stage (the gate of the buffer’s input transistor) whereas

when the by-pass is activated, the DI-RFPGA sees a low impedance from the following

stage with the same order of magnitude than its load resistance RL which reduces the

gain of the circuit. Thus, when the by-pass is active, the front-end gain is not only

lowered by avoiding the CR-TCA, but also by using a lower impedance in the stage

loading the DI-RFPGA.

In the measurements, the LO signal is fed externally to the switching stage through

an LO driver. Therefore, the LO driver performs input impedance matching to match

the output impedance of the signal generator. The LO driver is also in charge of setting

the required DC voltage level and amplitude of the LO signal at the output of the driver

which is directly connected to the switching transistors. The LO driver is designed as a

long-tailed common-source circuit with load resistance and consumes a total of 3.2 mW.

6.4.2 Current Re-Use Transconductance Amplifier

The schematic of the current re-use transconductance amplifier is shown in Fig. 6.4,

consisting of a differential NMOS/PMOS structure with common-mode feedback to

set the output DC voltage level through the tail current source. The current re-use

structure provides higher gain and lower noise figure than a common-source resistive

loaded amplifier, therefore this topology is chosen as it allows the front-end to provide

a lower noise figure at the highest-gain setting.

The by-pass switches are connected to the output of the CR-TCA, therefore all

devices of the transconductance amplifier connected to the output must be powered

down during the by-pass settings to provide a high impedance. Then, the only load
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Figure 6.5: Simulated input impedance of the switching stage for different LO frequencies.

impedance seen by the DI-RFPGA is the input impedance of the switching stage as

the high output impedance of the CR-TCA can be considered as an open-circuit.

The gain sizing of the CR-TCA depends on how the transition between the different

gain settings of the front-end work. The DI-RFPGA standalone provides 4 gain settings

with large attenuation steps. The objective when using the by-pass is to provide 4

additional gain settings that are inserted between the gain settings of the DI-RFPGA.

as defined in Table 6.2.

When changing from one gain setting to the next the goal is not to provide con-

stant gain steps, but to provide constant SNDR steps as shown in Fig. 6.6. Constant

SNDR steps are thus defined as having the same range of input power for each gain set-

ting. When the different gain settings are performed with the same circuit topology by

only changing the input attenuation, then constant attenuation steps result in constant

SNDR steps, as is the case in the attenuation settings of the DI-RFPGA. However,

when the different gain settings are performed with different circuit topologies, con-
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6. FRONT-END PROTOTYPE

Order DI-RFPGA By-pass
Gain Setting

1 1 No
2 1 Yes
3 2 No
4 2 Yes
5 3 No
6 3 Yes
7 4 No
8 4 Yes

Table 6.2: Order of the front-end gain settings.

Figure 6.6: SNDR vs input power with constant SNDR steps.

stant attenuation steps may not result in constant SNDR steps as each circuit provides

independent specifications of gain and linearity. This is the case for the gain settings of

the front-end, where 4 gain settings are provided by changing the input attenuation and

the other 4 by changing the front-end topology by-passing the CR-TCA and changing

the load impedance seen by the DI-RFPGA. Therefore, when sizing the devices and

components in the CR-TCA, it should be done so as to obtain as constant as possible

SNDR steps.
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Figure 6.7: Buffers schematic.

6.4.3 Buffers

The buffers used in the front-end are source followers with tail current as shown in Fig.

6.7 and they are used at the output of the DI-RFPGA and at the output of the switching

stage. In both cases the buffer isolates the DI-RFPGA and the switching stage from the

input capacitance of the following stages, which is of special importance at baseband

since the output of the front-end must be able to drive a large capacitance (larger than

4 pF) given the design requirements. The buffers also provide better system stability

as source followers provide very good isolation from output to input.

The buffers are designed to provide a high enough linearity so as to avoid affecting

the overall front-end linearity and maintaining a reasonable power consumption as

compared to the other stages. The sizing of the devices has been done to obtain an IIP3

above 32 dBm with minimum power consumption. The resulting power consumption

is 4 mW for the RF buffer and 3.1 mW for the baseband buffer.
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6. FRONT-END PROTOTYPE

Figure 6.8: Front-end prototype microphotograph.

6.5 Experimental Results

The front-end was fabricated in a 65 nm technology, packaged inside a 40-QFN and

measured on PCB. The chip microphotograph is shown in Fig. 6.8. SMD external

baluns are used for single-ended to differential conversion, and an on-chip output buffer

is used at the output of the front-end to drive the low-impedance load of the measuring

equipment. Both baluns and the output buffer have been de-embedded from the pre-

sented results. PCB tracks have also been de-embedded using short-open-load-through

(SOLT) calibration. The front-end occupies a total area of 0.119 mm2, including DC

decoupling capacitors. The very low-area inductor-less designs facilitates the integra-

tion of the RF front-end into a complete transceiver SoC. The power consumption varies

from 31.8 mW (at attenuation settings) to 46.8 mW (at highest-gain setting where the

active feedback is on) and the bandwidth ranges from 300 MHz to 2.5 GHz.

A summary of the front-end gain settings and measurement results is presented

in Table 6.3. The front-end achieves a total voltage gain range of 39.2 dB, with a

maximum voltage gain of 25.2 dB and a minimum gain of −14 dB, as shown in Fig.
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6. FRONT-END PROTOTYPE

Figure 6.9: Front-end voltage gain measurement results.

6.9. The s11 is below −9.5 dB along the bandwidth (300 MHz — 2.5 GHz) in all

operating modes, as shown in Fig. 6.10. Fig. 6.11 shows an IIP3 range of 37.8 dB with

a maximum value of 24.2 dBm. The single-sideband (SSB) noise figure has a minimum

value of 5.5 dB at the maximum-gain setting, as can be seen in Fig. 6.12.

The G.hn specification defines a multiple-carrier system and therefore SNDR mea-

surements with a multiple-carrier input provide a more detailed value of the linearity

of the circuit in an application, as the IIP3 measure only uses two input tones. For the

SNDR measurements of the front-end we opted for a traditional metric widely used,

the noise power ratio (NPR) measurement [23, 24]. The NPR measurement consists

in using a multiple-carrier input signal with a single notch at a given point inside the

channel and measure the difference between the carriers and the notch at the output.

The NPR measures have been performed using the Agilent E4438C ESG Vector Signal

Generator [110] and the Agilent Signal Studio for Noise Power Ratio [24]. The latter

is a computer software that, through a loop between a computer, the signal generator
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Figure 6.10: Front-end s11 measurement results.

Figure 6.11: Front-end IIP3 measurement results.
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6. FRONT-END PROTOTYPE

Figure 6.12: Front-end noise figure measurement results.

and a spectrum analyzer, adds pre-distortion to the input signal to obtain higher than

-80 dBc notches.

The signal generator is limited to 80 MHz of bandwidth, therefore that is the max-

imum bandwidth of the generated input signal for the NPR measurements. Each NPR

measurement has been performed using a 80 MHz channel bandwidth with 200 kHz

carrier spacing, therefore resulting in an input signal with a total of 400 carriers. A

frequency sweep for each gain setting has been performed. The NPR measure has been

repeated a total of 80 times locating the notch at different frequencies and using ran-

dom phases for each carrier. The maximum transmitted power defined by the G.hn

specification is 8 dBm. In the SNDR measures we use a maximum of 5 dBm power for

the input signal, where the 3 dB difference is to account for the minimum losses due to

connectors, cables and input diplexer.

The input and output spectra showing the full channel are plotted in Fig. 6.13 and

Fig. 6.14 respectively, using 5 dBm input power and the maximum attenuation setting,
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6.5 Experimental Results

Figure 6.13: Instance of the input signal in an NPR measurement (full channel view).
The input signal has a power of 5 dBm and 400 carriers with a 200 kHz spacing centered
at 2.05 GHz.

as this is the case which defines the minimum achievable SNDR of the system. It should

be noted that the notch value in these plots is higher than the real value, since to plot

the entire channel on the screen of the spectrum analyzer requires the use of a high

resolution bandwidth. Therefore, the calculation of the power at the notch includes

the power of the notch itself and power from the adjacent channels, as the resolution

bandwidth is not small enough. These plots are only provided with the intention of

showing the full channel and the out of band interferers which, although do not provide

exact values, give an idea of the signal PSD shape.

The input and output spectra using a zoom into the channel are shown in Fig. 6.15

and Fig. 6.16 respectively, using 5 dBm input power and the maximum attenuation

setting. The figures show a bandwidth of 5 MHz centered at the notch. Using a lower

plotted bandwidth allows for a higher resolution bandwidth, and the power at the

notch now shows the real value as it does not include power from adjacent channels.

The carrier amplitude difference between input and output is larger than the front-end

attenuation at gain setting 8 as defined in Table 6.3. This is because, as has been
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Figure 6.14: Instance of the output signal in an NPR measurement (full channel view).
The input signal has a power of 5 dBm and 400 carriers with a 200 kHz spacing centered at
2.05 GHz. The front-end is configured at the lower gain setting with a baseband frequency
from 10 MHz to 90 MHz.

Figure 6.15: Instance of the input signal in an NPR measurement (zoom into the carriers).
The input signal has a power of 5 dBm and 400 carriers with a 200 kHz spacing centered
at 2.05 GHz with a notch located at 2.026 GHz.
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Figure 6.16: Instance of the output signal in an NPR measurement (zoom into the
carriers). The input signal has a power of 5 dBm and 400 carriers with a 200 kHz spacing
centered at 2.05 GHz. The front-end is configured at the lower gain setting with a baseband
frequency from 10 MHz to 90 MHz with a notch located at 26 MHz.

previously explained, the measurement buffer used to drive the 50 Ω measurement

equipment has been de-embedded from the gain results, as this buffer is not used in

a full SoC product where the front-end will be followed by a high-input-impedance

integrated baseband amplifier. The zoomed spectrum figures show that the notch at

the input results in a 37 dBc SNDR at the output. Out of the 80 NPR measures at

different frequencies, this is the worst measured SNDR value.

Fig. 6.17 shows the evolution of the SNDR through a notch frequency sweep NPR

measurement together with the output power versus input power. The minimum value

of SNDR was fixed at 37 dBc as this was the worst measured SNDR at maximum

input power. Then, once the minimum SNDR was fixed, the SNDR evolution starting

at minimum power was measured, switching to the next gain setting as the minimum

SNDR was reached.

Fig. 6.18 shows the full channel output spectrum containing all the individual NPR

notch measurements. This plot has been created exporting the data points of one NPR
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Figure 6.17: SNDR and output power evolution versus input power.

measurement and then adding at the corresponding frequency the notch value measured

at each of the 80 NPR measurements. The histogram of the 80 NPR measurements is

shown in Fig. 6.19, showing a peak-to-notch with a minimum value of 37 dBc and a

maximum value of 55 dBc.

The manufactured front-end achieves the minimum specifications that were specified

to comply with the specifications of the G.hn full receiver chain. Table 6.4 shows the

required and achieved specifications of the front-end.

6.6 Summary

A wideband inductorless fully differential front-end with high dynamic range is pre-

sented. The proposed topology uses the DI-RFPGA presented in Chapter 5 as the

input amplifier and a by-passable CR-TCA to provide a total of 8 gain settings. When

by-passing the CR-TCA, the DI-RFPGA becomes the transconductance stage of the

mixer, thus the front-end behaves as an LNA-less topology.
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Figure 6.18: Full channel output spectrum containing all the individual NPR notch
measurements.

Figure 6.19: Histogram of the NPR notch measurements.
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Specification Required Front-end

Number of gain settings 8 8
Output voltage (with 12 dB PAR input signal) ≥0.15 Vpp ≥0.175 Vpp

SNDR ≥35 dB ≥37 dB
Power consumption ≤50 mW ≤47.1 mW

Input power dynamic range ≥80 dB 83 dB

Maximum input power (100 MHz channel)(1) 5 dBm 5 dBm

Maximum input power (50 MHz channel)(1) 2 dBm 2 dBm
(1) Accounts for a minimum loss of 3 dB due to connectors, tracks and diplexer

Table 6.4: G.hn RF front-end specifications.

The front-end achieves a total voltage gain range of 39.2 dB, with a maximum

voltage gain of 25.2 dB and a minimum gain of −14 dB. The s11 is below −9.5 dB

along the bandwidth (300 MHz – 2.5 GHz) in all operating modes. The IIP3 range is

of 37.8 dB with a maximum value of 24.2 dBm and the noise figure has a minimum

value of 5.5 dB at the maximum-gain setting. The front-end occupies a total area

of 0.119 mm2, including DC decoupling capacitors. The very low-area inductor-less

designs facilitates the integration of the RF front-end into a complete transceiver SoC

and the power consumption varies from 31.8 mW (at attenuation settings) to 46.8 mW

(at highest-gain setting where the active feedback is on). The SNDR of the front-end

is 37 dBc when using a 80-MHz 400-carrier input signal with 5 dBm input power.

140



7

Conclusions and Future Work

7.1 Conclusions

This thesis has been developed in the framework of industry through a joint fellow-

ship provided by Broadcom and the Technical University of Catalonia (UPC), and the

work presented has been partly subsidized by the Spanish Ministry of Industry under

the Avanza R&D plan with project number TSI-020100-2009-597. The research pre-

sented in this thesis has been developed based upon the requirements provided by the

company and is focused on the RF front-end part of a receiver for the ITU-T G.hn rec-

ommendation (G.9960 [1] and G.9961 [2]) which received final approval in 2010. The

recommendation (the ITU’s term for standard) defines networking over power lines,

phone lines and coaxial cables with data rates up to 1 Gbit/s and contains a bandplan

for RF over coaxial cable (RF-coax), where this thesis is focused.

System-on-Chip (SoC) was adopted in recent years as one of the solutions to reduce

the cost of integrated systems. When the SoC solution started to be used, the final

product was actually more expensive due to lower yield. The developments in integrated

technology through the years allowed the integration of more components in lesser area

with a better yield. Thus, SoCs have bocame a widely used solution to reduced the cost

of the final product, integrating into a single-chip the main parts of a system: analog,

digital and memory.
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As integrated technology kept scaling down to allow a higher density of transistors

and thus providing more functionality with the same die area, the analog RF parts of

the SoC became a bottleneck to cost reduction as inductors occupy a large die area

and do not scale down with technology. Hence, the trend moves toward the research

and design of inductor-less SoCs that further reduce the cost of the final solution.

At the same time, as the demand for home networking high-data-rates communica-

tion systems has increased over the last decade, several standards have been developed

to satisfy the requirements of each application, the most popular being wireless local

area networks (WLANs) based on the IEEE 802.11 standard. However, poor signal

propagation across walls make WLANs unsuitable for high-speed applications such as

high-definition in-home video streaming, leading to the development of wired tech-

nologies using the existing in-home infrastructure. The ITU-T G.hn recommendation

(G.9960 and G.9961) unifies the most widely used wired infrastructures at home (coax-

ial cables, phone lines and power lines) into a single standard for high-speed data

transmission of up to 1 Gb/s.

The G.hn recommendation defines a unified networking over power lines, phone lines

and coaxial cables with different plans for baseband and RF. The RF-coax bandplan,

where this thesis is focused, uses 50 MHz and 100 MHz bandwidth channels with

256 and 512 carriers respectively. The center frequency can range from 350 MHz to

2450 MHz. The recommendation specifies a transmission power limit of 5 dBm for

the 50 MHz bandplan and 8 dBm for the 100 MHz bandplan, therefore the maximum

transmitted power in each carrier is the same for both bandplans.

Due to the nature of an in-home wired environment, receivers that can handle

both very large and very small amplitude signals are required: when transmitter and

receiver are connected on the same electric outlet there is no channel attenuation and

the signal-to-noise-plus-distortion ratio (SNDR) is dominated by the receiver linearity,

whereas when transmitter and receiver are several rooms apart channel attenuation is

high and the SNDR is dominated by the receiver noise figure. The high-dynamic-range

specifications for these receivers require the use of configurable-gain topologies that can
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Specification Required Front-end

Number of gain settings 8 8
Output voltage (with 12 dB PAR input signal) ≥0.15 Vpp ≥0.17 Vpp

SNDR ≥35 dB ≥37 dB
Power consumption ≤50 mW ≤47.1 mW

Input power dynamic range ≥80 dB 83 dB

Maximum input power (100 MHz channel)(1) 5 dBm 5 dBm

Maximum input power (50 MHz channel)(1) 2 dBm 2 dBm
(1) Accounts for a minimum loss of 3 dB due to connectors, tracks and diplexer

Table 7.1: G.hn RF front-end specifications.

provide both high-linearity and low-noise for different configurations.

Thus, this thesis has been aimed at researching high dynamic range broadband

inductor-less topologies to be used as the RF front-end for a G.hn receiver complying

with the provided specifications. The main specifications of the RF front-end and the

achieved results with the manufactured front-end are listed in Table 7.1.

A large part of the thesis has been focused on the design of the input amplifier

of the front-end, which is the most critical stage as the noise figure and linearity of

the input amplifier define the achievable overall specifications of the whole front-end.

Three prototypes have been manufactured in two different runs using a 65 nm CMOS

process: two input RFPGAs and one front-end using the second RFPGA prototype.

The first RFPGA prototype is a fully-differential two-stage configurable pre-attenuation

based amplifier providing 4 different gain settings. The pre-attenuation circuit uses a

new switchable capacitive attenuation topology that increases bandwidth and reduces

chip area over a traditional non-switchable capacitive attenuation topology. One of

the gain settings is provided by by-passing the second amplifier, whereas the other 3

gain settings are provided by using a switchable capacitive attenuation topology at

the input. The RFPGA uses 2 different methods of input impedance matching. The

prototype has been fabricated in a 65 nm CMOS technology, packaged inside a QFN

and measured on PCB.

The second RFPGA prototype is a fully-differential double-input configurable pre-

attenuation based amplifier providing 4 different gain settings with a single stage using
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a switchable capacitive attenuation topology. This topology proposes a new struc-

ture using double-input and switchable capacitive attenuation topology to increase the

bandwidth, decrease the chip area and decrease the noise figure over a traditional non-

switchable capacitive attenuation topology. The RFPGA uses 2 different method of

input impedance matching. The prototype has been fabricated in a 65 nm CMOS

technology, packaged inside a QFN and measured on PCB.

The front-end prototype has been designed using the double-input (DI) RFPGA

presented in Chapter 5 as the input amplifying stage. The mixer uses a folded topology

composed of a current re-use transconductance amplifier (CR-TCA) and a switching

stage. The CR-TCA can be by-passed thus connecting the DI-RFPGA directly to the

switching stage, providing another method of configuration. Therefore, the front-end

provides a total of 8 different gain settings. The prototype has been fabricated in a

65 nm CMOS technology, packaged inside a QFN and measured on PCB. A summary

of the front-end gain settings and measurement results is presented in Table 7.2.

Overall, the two fabricated chips which included three different prototypes have

been successful, providing accurate results in the experimental measures relative to

the schematic simulations. Also, the front-end prototype complies with the minimum

specifications provided by the company.

7.2 Future Work

Although the presented work is rather thorough, there are some issues that can be ad-

dressed to provide a more complete work in regards to the commercial implementation

of the proposed front-end.

The proposed topologies have been simulated using a large range of temperatures

and Monte-Carlo analysis to ensure that a large percentage of the fabricated chips com-

ply with the specifications. However, the designs do not include circuitry to compensate

for Process Voltage Temperature (PVT) effects. The inclusion of PVT-compensating

circuits that make the proposed design more robust, reduce the variations in specifica-
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tions and are capable of working along all the frequency range should be addressed.

The front-end design uses additional circuitry to replicate the impedance seen by

the input amplifier when using an I/Q topology. A complete front-end for commercial

implementation requires the design of the VCO and I/Q generation circuits as well as

the analysis of mismatch between the two branches.

Also, since the circuits fabricated in this thesis are to be included in a complete

SoC using digital blocks, analog blocks and memory, a detailed analysis of the effect of

substrate noise and signal coupling due to the other chip blocks is required, as well as

proposing mechanisms that make the fabricated designs more robust to those effects.
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