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Abstract

In this thesis a wideband radio frequency (RF) receiver, with integrated filtering that
can be precisely controlled by the local oscillator (LO) frequency to attenuate out-of-band
interferers, is presented. Two key blocks of the receiver are studied: low-noise amplifier
(LNA) and mixer. The LNA consists in a widely tunable narrowband balun-LNA with
integrated high-Q bandpass filters (BPF), which allows the attenuation of undesired in-
terferers that can corrupt the desired signal. The mixer is a passive current-driven circuit
that also performs filtering, due to its impedance transformation properties. For the LNA,
developed in 130 nm, simulation results show a voltage gain higher than 23.8 dB, a noise
figure (NF) lower than 3.3 dB, an IIP2 > 22 dBm and an IIP3 > −4 dBm, for a working
band between 0.3 GHz and 1 GHz with a power consumption of 3.6 mW. Regarding the
receiver analog front-end (AFE) it was obtained a NF lower than 10 dB, for intermediate
frequencies (IF) of interest, and an IIP3 of 0.23 dBm.

To convert the IF signal at the mixer’s output to the digital domain a current-mode
sigma-delta (Σ∆) modulator is employed. Since the Σ∆ was implemented using CMOS
65 nm technology, the studied receiver was redesigned in this technology to allow the full
integration of the receiver. Operating at full scale, the Σ∆ modulator shows a SNDR =

36.9 dB and an ENOB = 6.2 bits.

Keywords: High-Q BPF, N-path filter, widely tunable LNA, SAW-less receiver, current-
mode Σ∆ modulator, RF receiver.
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Resumo

Neste trabalho foi desenvolvido um recetor de rádio frequência (RF) de banda larga,
com filtros integrados que podem ser sintonizados através da frequência do oscilador,
para atenuar interferentes indesejados. Foram estudados dois blocos cruciais do recetor:
low-noise amplifier (LNA) e misturador. O LNA consiste num balun-LNA de banda es-
treita com filtros integrados, que permite a atenuação de sinais interferentes que podem
corromper o sinal desejado. O misturador consiste num circuito passivo que funciona em
modo de corrente e que, devido às suas propriedades de transformação de impedâncias,
também atua como filtro. Relativamente ao LNA, desenvolvido em CMOS 130 nm, foi
obtido um ganho de tensão maior do que 23.8 dB, uma noise figure (NF) menor do que
3.3 dB, um IIP2 > 22 dBm e um IIP3 > −4 dBm, para uma banda de funcionamento
entre 0.3 GHz e 1 GHz e um consumo de potência de 3.6 mW. Relativamente ao analog
front-end (AFE) do recetor foi obtida uma NF menor do que 10 dB, para as frequências
intermédias (IF) de interesse, e um IIP3 igual a 0.23 dBm.

Para converter o sinal à saída do misturador para o domínio digital foi utilizado um
modulador Σ∆ que funciona em modo de corrente. Como o Σ∆ foi desenvolvido em
CMOS 65 nm foi necessário redesenhar o recetor nesta tecnologia para ser possível obter
um recetor completamente integrado no mesmo chip. À saída do Σ∆ foi obtido um
SNDR = 36.9 dB e um ENOB = 6.2 bits, a operar em full-scale.

Palavras-chave: Filtros passa-banda com elevado Q, filtros N-path, LNA sintonizável,
recetor SAW-less, modulador SD de modo de corrente, recetor de RF.
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1
Introduction

1.1 Background and Motivation

With the evolution of wireless communications, the use of wireless devices had an huge
increase in the last years. These kind of communications avoids the need of a physical
connection between the multiple devices, reducing the overall system costs and area oc-
cupation, which is an huge advantage comparing with traditional (wired) systems. Due
to these systems’ popularity there is a large interest in create compact, functional and
low power devices with low cost. Contrary to other technologies, the CMOS (Comple-
mentary Metal–Oxide–Semiconductor) technology allows the development of low cost
and low power circuits that can operate at high frequencies. It also enables the circuit
full integration in the same die (System on Chip (SoC)), avoiding the need to match the
various Radio Frequency (RF) circuits’ inputs and outputs, to allow the maximum power
transfer between them, and the parasitic effects due to off-chip electrical connections at
high frequencies [1, 2].

One of the most interesting RF receivers topologies is the low-IF (Intermediate Fre-
quency), since it allows the receiver full integration and avoids problems related with
flicker noise, intermodulation, among others [3]. This kind of receiver has three key
blocks: Low-Noise Amplifier (LNA), Local Oscillator (LO) and mixer. The LNA has
the purpose of amplify the RF receiver’s input signal introducing almost no noise, since
this block noise contributions have an huge influence in the overall receiver Noise Fig-
ure (NF). There are two main types of LNAs: narrowband and wideband. Narrowband
LNAs are low noise but are limited to one specific frequency, occupy a large area, due
to the use of reactive components to perform the impedance matching, and require a
technology with RF options, to have inductors with high Q factor. On the other hand,
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1. INTRODUCTION 1.2. Thesis Organization

wideband LNAs support multiple frequencies but have, typically, a large NF and need to
guarantee the proper impedance matching over the entire working band. These kind of
LNAs can also be achieved by using multiple narrowband LNAs, with very low NF, but
that occupy a large area and have high power consumption. More recently, wideband
LNAs that employ noise and distortion canceling techniques [4, 5] have been proposed,
which can have NFs below 3 dB and occupy a small area.

The mixers are divided in two main groups: actives and passives. Active mixers can
provide gain, reducing the overall receiver NF, but have an high power consumption and
occupy a large die area. Passive mixers do not provide gain but are very small and low
power. Recently, current-driven passive mixers have become very popular due to their
high linearity, low noise and interesting impedance transformation properties [1]. These
kind of mixers require a Transimpedance Amplifier (TIA) at the output, to convert the
Intermediate Frequency (IF) signal to a voltage signal that can be processed by a typical
Analog-to-Digital Converter (ADC). However, a new sort of ADCs has been emerging
[6], that allows to convert a current signal directly to the digital domain, avoiding the use
of a TIA that occupies die area and add more noise to the receiver.

In order to minimize interferers that can corrupt the desired receiver’s input signal,
mainly by saturating the LNA, new filtering techniques [7–10], based in current-driven
mixers, have been recently employed. Since these filters are passive, they can be easily
integrated in the receiver, avoiding the use of external filters that occupy a large area and
have an high cost.

The main goal of this work is to design a complete wideband RF receiver Analog
Front-end (AFE) (except the LO) that employs the previously mentioned filtering tech-
niques to attenuate interferers that can affect negatively the overall circuit performance.
Also, to avoid the use of a TIA at the output of the current-driven mixer, a current-mode
Sigma-delta (Σ∆) modulator [6] is used to directly convert the IF signal to the digital
domain. The receiver blocks were employed in CMOS 130 nm and CMOS 65 nm.

1.2 Thesis Organization

This thesis is organized in six chapters, including this introduction, as follows:

Chapter 2 – Receiver Architectures and RF Blocks
This chapter introduces some basic concepts and definitions that are usually employed in
a RF receiver. It also reviews the key receiver architectures, including the low-IF, which is
used in this work, and presents an overview of the studied receiver blocks (LNA, mixer,
filters and ADC).

Chapter 3 – Wideband Cascode Balun-LNA
The circuit studied in this chapter consists in a wideband cascoded balun-LNA, which
performs conversion from single-ended to differential. This circuit employs noise and

2



1. INTRODUCTION 1.3. Main Contributions

distortion canceling techniques that allows to reduce its noise contributions. Also, to in-
crease the voltage gain and reduce the NF, the traditional load resistors are replaced by
active devices. The main purpose of the cascode stages is to allow the integration of a
filter, studied in chapter 4, in the LNA nodes. First, all the theoretical expressions (input
impedance, load impedance, voltage gain and noise factor) of the LNA are derived and
then the circuit is simulated using both CMOS 130 nm and CMOS 65 nm technologies.
Finally, both technologies are compared.

Chapter 4 – High-Q Bandpass Filter

In this chapter a high-Q Bandpass Filter (BPF), based in a current-driven passive mixer, is
reviewed. This filter performs impedance transformation that allows to shift a baseband
impedance to the input node, transforming a low-Q Low-pass Filter (LPF) in a high-Q
BPF. The circuit is intended to be used at the LNA nodes, to attenuate interferers that
are located outside of the input signals band. This filter is developed in two versions,
single-ended and differential, that will be employed according to the LNA nodes char-
acteristics. First, the filter theoretical expressions are analyzed in order to understand its
behavior and then the circuits are simulated in order to validate the obtained equations.
Finally, some considerations about its functioning are made.

Chapter 5 – Complete Receiver

In this chapter the full RF receiver is presented. The LNA with integrated filtering is
simulated and compared with the LNA of chapter 3, to understand the advantages and
disadvantages of this technique. This analysis is made for CMOS 130 nm and CMOS 65
nm. The current-driven passive mixer, that also has filtering properties, is studied and
then integrated in the full receiver, developed in 130 nm, with an ideal TIA block con-
nected to the mixer’s output. To avoid the use of a TIA, a new receiver architecture is
presented, employed in 65 nm. This receiver has a current-mode Σ∆ modulator con-
nected to the mixer’s output, to perform the conversion of the IF signal directly to the
digital domain. The interface between the mixer and the Σ∆ is made through a Current-
Buffer (CB) that allows to amplify/attenuate the IF signal so that the Σ∆ can operate at
maximum performance. All the circuits are validated through simulation.

Chapter 6 – Conclusions and Future Work

Finally, this chapter discusses the obtain results and presents further research sugges-
tions.

1.3 Main Contributions

A current-mode receiver architecture, integrated in a single chip, is employed to over-
come the problem created by interferers that can be located near the circuit’s operating
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frequency. To achieve the desired interferers attenuation, it was designed a widely tun-
able narrowband balun-LNA with integrated filtering that consists in the LNA and the
high-Q BPF of chapters 3 and 4, respectively, avoiding the use of external filters that in-
crease the overall circuit cost and area. To convert the desired signal to the digital domain
a current-mode Σ∆ modulator is used. The main advantages of this receiver are the in-
terferers attenuation, the reduced number of AFE blocks and its easy integration in the
same chip.

This work has originated a paper titled "A Widely Tunable Narrowband Balun-LNA
with Integrated Filtering" [11], presented at 2014 Mixed Design of Integrated Circuits &
Systems (MIXDES).

4



2
Receiver Architectures and RF Blocks

The main purpose of this chapter is to introduce basic concepts related with RF electronics
and to do an overview of receiver architectures and the RF front-end key blocks.

First, the basic concepts are introduced and the advantages and disadvantages of the
different receiver architectures are described. Then, the basic aspects of LNAs, filters,
mixers and ADCs are reviewed in order to understand their importance and how they
can be integrated in a receiver AFE.

2.1 Basic Concepts

2.1.1 Impedance Matching

Lumped circuit analysis assumes that the physical dimensions of the network are much
smaller than the electromagnetic wavelength and therefore the voltage and current do
not vary significantly over the physical dimension of the elements. However, at high
frequencies the network dimensions tends to be of the same order or even bigger than the
wavelength (which is inverse to the frequency), and the voltage and current no longer
remain spatially uniform over the network length so the transmission lines need to be
treated as distributed parameter networks. A transmission line can be represented by an
equivalent lumped circuit, as shown in Figure 2.1, where R, L, G, and C are frequency-
dependent parameters defined per unit length [12, 13]. The resistance R is related with
the finite conductivity of the conductors, the inductance L represents the self-inductance
of the wire and the mutual inductance between the two conductors, the capacitance C is
due to the proximity of the two conductors and the conductance G is the electric loss in
the material between the conductors.
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i(z,t)

v(z,t)
RΔz LΔz

GΔz CΔz v(z+Δz,t)

i(z+Δz,t)

Δz

Figure 2.1: Transmission line equivalent circuit representation (adopted from [13])

Applying the Kirchhoff’s Voltage Law (KVL) to the circuit of Figure 2.1, and using
cosine-based phasor notation for simplicity (considering steady-state sinusoidal regime),
is possible to conclude that

V (z) = (R+ jωL) I (z) ∆z + V (z + ∆z) (2.1)

and Kirchhoff’s Current Law (KCL) leads to

I (z) = (G+ jωC)V (z + ∆z) ∆z + I (z + ∆z) . (2.2)

Dividing the equations (2.1) and (2.2) by ∆z and taking the limit as ∆z → 0 results in the
following differential equations:

dV (z)

dz
= −(R+ jωL)I(z) (2.3)

dI(z)

dz
= −(G+ jωC)V (z) (2.4)

Deriving the both terms of (2.3) and (2.4), the wave equations for V (z) and I(z) are given
as follows:

d2V (z)

dz2
− γ2V (z) = 0 (2.5)

d2I(z)

dz2
− γ2I(z) = 0, (2.6)

where

γ =
√

(R+ jωL)(G+ jωC) (2.7)

is the complex propagation constant, which is frequency dependent. The solutions to
these equations are two exponential functions for the voltage and for the current that are
general solutions for transmission lines aligned along the z-axis, as shown in Figure 2.1,
at a specific point z [13]:

V (z) = V +
o e
−γz + V −o e

γz (2.8)
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I(z) = I+o e
−γz + I−o e

γz, (2.9)

where V +
o and I+o are, respectively, the voltage and current amplitudes of the incident

waves and V −o and I−o are the voltage and current amplitudes of the reflected waves.
The term e−γz represents the wave propagation in the +z direction and the eγz in the −z
direction. Deriving (2.3) and applying to (2.8), the current on the line is given by

I(z) =
γ

R+ jωL

(
V +
o e
−γz − V −o eγz

)
. (2.10)

Comparing the previous equation with (2.9) shows that the transmission line character-
istic impedance Z0 can be defined as

Z0 =
V +
o

I+o
= −V

−
o

I−o
=
R+ jωL

γ
=

√
R+ jωL

G+ jωC
. (2.11)

Assuming an arbitrary load impedance ZL located at z = 0, as shown in Figure 2.2,
and that an incident waveform is generated from a source at z < 0, from (2.8) and (2.10)
is possible to define ZL as

ZL =
V (0)

I(0)
=
V +
o + V −o
V +
o − V −o

Z0. (2.12)

Solving the previous equation in order to V −o /V +
o shows that the voltage reflection coeffi-

cient Γ, which is the amplitude of the reflected voltage wave normalized to the amplitude
of the incident voltage wave, is given by

Γ =
V −o
V +
o

=
ZL − Z0

ZL + Z0
. (2.13)

ZL

V+o e-γz 

V-o eγz 

Z0

0

Γ0

z

Figure 2.2: Transmission line terminated in an arbitrary load impedance ZL

Since the time-average power that flows along a transmission line is given by [13]

Pavg =
1

2

|V +
o |2
Z0

(
1− |Γ|2

)
, (2.14)
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2. RECEIVER ARCHITECTURES AND RF BLOCKS 2.1. Basic Concepts

to achieve the maximum power transfer to the load there should not exist reflected wave
in order to Γ = 0, so the load impedance must be matched to the characteristic impedance
of the transmission line (ZL = Z0), as stated in 2.13. RF antennas usually have a char-
acteristic impedance of 50 Ω so the first block of a receiver AFE (commonly a LNA) im-
plemented in an Integrated Circuit (IC) must have its input impedance matched to 50 Ω.
This match can be achieved using the transistors transcondutance, as it will be shown
further later, or using reactive elements that are problematic due to area consumption
and bandwidth limitation. The internal blocks do not need to be matched because the
distance between the blocks is so tiny that the electromagnetic wavelength is bigger than
the circuit dimensions.

2.1.2 Scattering Parameters

Due to the difficulties measuring voltage and current in a RF circuit, since these mea-
surements usually involve the magnitude and phase of traveling or standing waves, the
circuit measurements are made using the average power instead of the traditional open-
circuit or short-circuit measurements [12]. The scattering parameters (S-parameters) are
parameters that can be obtained through those power measurements in order to describe
the network. Considering a two-port network, as shown in Figure 2.3, with the the input
and output incident waves V +

1 and V +
2 , and the corresponding reflected waves V −1 and

V −2 , the input and output reflected waves voltage is given by [1]

V −1 = S11V
+
1 + S12V

+
2 (2.15)

V −2 = S21V
+
1 + S22V

+
2 , (2.16)

where Smn are the different S-parameters.

Two-Port

Network

V1

V1

V2

V2

Figure 2.3: Incident and reflected waves in a two-port network

• S11 is the input reflection coefficient and represents the accuracy of the input match-
ing. This parameter is the ratio of the reflected and incident waves at the input port
when there is no incident wave at the output port:

S11 =
V −1
V +
1 |V +

2 =0

8
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If the input of the network is completely adapted there is no reflect wave at the
input (V −1 ) and consequently S11 = 0. Usually a S11 < −10 dB means that the input
of the circuit is correctly matched.

• S12 is known as reverse voltage gain and characterizes the “reverse isolation” of
the circuit. This parameter is the ratio of the reflected wave at the input port to the
incident wave into the output port when the input port is matched:

S12 =
V −1
V +
2 |V +

1 =0

• S21 is the forward voltage gain of the network and represents the voltage gain of
the circuit, as expected. This parameter is the ratio between the reflected wave at
the output port and the incident wave at the input port, when the incident wave at
the output is zero:

S21 =
V −2
V +
1 |V +

2 =0

• S22 is the output reflection coefficient and represents the accuracy of the output
matching. This parameter is the ratio of the reflected and incident waves at the
output port when there is no incident wave at the input port:

S22 =
V −2
V +
2 |V +

1 =0

Those values depend of the working frequency of the circuit and are usually repre-
sented in units of dB.

2.1.3 Gain

Nowadays the signals at the input of receivers are very weak, commonly in the microvolt
(µV) range, so they need to be amplified in order to allow their processing by the receiver
circuit. This factor makes the gain a very important measure of the performance of an
amplifier or a mixer because it expresses the capability of the circuit to increase the am-
plitude of an input signal, ideally introducing no distortion [14]. Usually there are three
different types of gain considered in electronics: voltage gain, current gain and power
gain. For example, the voltage gain is defined as

Av =
vout
vin

. (2.17)

If Av > 1 the input signal is amplified and if Av < 1 the input signal is attenuated.
For simplicity, the gain is often expressed in dB. It is important to note that voltage
and current gains are expressed as Av,i|dB = 20 log |Av,i| and power gain is expressed
as Ap|dB = 10 log |Ap|.

9
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2.1.4 Noise

Noise is a random process, i.e. its instant value cannot be predicted at any time, that
is present in all electronic circuits due to external interference or physical phenomena
related with the nature of materials. Since the noise presence is inevitable and it degrades
the circuit behavior,it is important to analyze its impact, through statistical models, and
create methods that allow the minimization of its effect in the circuit [2]. In this section
the two main noise sources present in CMOS transistors, thermal and flicker noise, are
described. Finally NF will be presented, which is the most common measure of the noise
generated by a circuit.

2.1.4.1 Thermal Noise

The thermal noise in circuits is due to thermal excitation of charge carriers in a conductor.
It occurs in all resistors (including semiconductors) working above absolute zero temper-
ature and introduces fluctuations in the voltage measured across the device. This kind
of noise has a white (flat) spectrum that is proportional to absolute temperature [15]. In
a resistor the thermal noise can be modeled as a voltage source with a Power Spectral
Density (PSD) of V 2

n in series with a noiseless resistor (Thevenin equivalent), or as a cur-
rent source with a PSD of I2n in parallel with the same resistor (Norton equivalent) [1], as
shown in Figure 2.4. The average thermal noise power generated in a resistor is given by

V 2
n = 4kTR∆f, (2.18)

where k is the Boltzmann constant, T is the material temperature in Kelvin and ∆f is the
system bandwidth. Usually it is assumed ∆f = 1, for notation simplicity, which means
that the noise power is expressed per unit bandwidth.

*

R

R

Figure 2.4: Thevenin and Norton models of resistor thermal noise

The MOS transistors also exhibit thermal noise that is almost completely generated in
the channel due to carrier motion, and for long-channel devices operating in saturation
it can be modeled by a current source connected between the drain and source terminals
[2], as shown in Figure 2.5. In this case, the average thermal noise current generated by a
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MOS transistor is given by

I2n = 4kTγgm, (2.19)

where γ is the excess noise factor and has the value of 2/3 for long-channel transistors and
higher values for short-channel devices [16], and gm is the transconductance.

Figure 2.5: Thermal channel noise of a MOS transistor model

For the particular case of a MOS transistor operating in deep triode region, where
VDS ≈ 0, it acts like a voltage-controlled resistor with VGS used as control terminal,
and with an on resistance given by Ron ≈ rds = 1/gds. Then, as with the resistors, the
generated thermal noise current is given by

I2n = 4kTgd0, (2.20)

where gd0 is the transistor output conductance (gds) for VDS = 0. It is important to note
that in this operating region γ = 1, so it is omitted in (2.20).

Another source of thermal noise in MOS transistors is related with the gate resistance.
Despite being more negligible than the noise due to channel carrier motion, this effect is
becoming more important for the new technologies, as the gate length is scaled down [1].

2.1.4.2 Flicker Noise

Flicker noise is present in all active devices, although only occurs when a DC current is
flowing, and has origin in a phenomenon at the interface between the gate oxide (SiO2)
and the silicon substrate (Si). As charge carriers move at the SiO2 – Si interface, some
are randomly trapped and released introducing “flicker” noise in the drain current [2].
Beyond this phenomenon, other mechanisms are believed to generate flicker noise [17].
Unlike thermal noise in MOS transistors, this noise is more easily modeled as a voltage
source in series with the gate and exhibits the following PSD:

V 2
nf ≈

Kf

CoxWLf
, (2.21)

where Kf is a process dependent constant that is bias independent, Cox is the gate oxide
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capacitance, W is the transistor channel width and L is the transistor channel length. It
is important to note that Kf is lower for p-channel devices, so PMOS exhibit less flicker
noise than NMOS. Also, the flicker noise is inverse to transistor dimensions and to de-
crease the noise the device area must be increased. Since this noise is well modeled as
having a 1/f spectral density, as shown in Figure 2.6, it is also known as 1/f noise.

ffc

Thermal Noise

Flicker Noise

1/f corner

V 2nf

Figure 2.6: Power spectrum of flicker and thermal noise

The 1/f noise corner frequency, fc in Figure 2.6, can be obtained by converting the
flicker noise voltage (2.21) to current and equating the result to the thermal noise current
expressed in (2.19) [1], resulting in

fc =
Kf

WLcox

gm
4KTγ

. (2.22)

For today’s MOS technologies the corner frequency is relatively constant and falls in the
range of tens or hundreds of megahertz [1].

2.1.4.3 Noise Figure

The Noise Factor (F) or Noise Figure (NF) (when expressed in dB) is the most common
measure of the noise generated by a circuit and is defined as the ratio of the total available
noise power at the output of the circuit to the available noise power at output, due to
noise from the input termination, as shown in (2.23).

F =
No

NiGA
, (2.23)

where Ni and No are, respectively, the available power noise at the input and output of
the circuit, and GA is the available power gain of the circuit. By definition, Ni is the noise
power resulting from a matched resistor at To = 290 K [13].

Assuming that the circuit is a two-port network, as shown in Figure 2.7, with both
input and output ports adapted, if a power signal Si is applied at the input then the
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signal is totally transferred to the network output (according to maximum power transfer
theorem), and therefore the power gain of the circuit is expressed by

GA =
So
Si
. (2.24)

Noisy 

Two-Port

Network

VS

RS

RL

Si+Ni So+No

Figure 2.7: Noisy two-port network

Replacing (2.24) in (2.23) is possible to conclude that

F =
Si/Ni

So/No
=
SNRi
SNRo

(2.25)

or, in decibels,

NF = 10 log
SNRi
SNRo

. (2.26)

The previous equation shows that NF is a measure of the degradation in the Signal-to-
noise Ratio (SNR) between the input and output of the circuit, so if no noise is introduced
by the network, F = 1 or NF = 0 dB.

For a circuit with m cascaded stages the total NF is given by

NFtot = NF1 +
NF2 − 1

GA1
+ . . .+

NFm − 1

GA1 . . . GA(m−1)
, (2.27)

where NFx and GAx are the NF and the available power gain of the stage x, respectively.
This equation1 shows that the first stages in a cascade circuit are the most critical, since
the noise contribution of the stages decreases as the total power gain preceding that stage
increases [1].

2.1.5 Nonlinearities Effects

Although analog circuits can be approximated by a linear model for small-signal oper-
ation, modeled as a Taylor series in terms of the input signal voltage, as expressed in
(2.28), there are no ideal linear components due to some non-linear characteristics related
with noise, gain compression, etc., presented in real devices like transistors. These non-
linearities may lead to signal distortion, losses, interference with other radio channels,
among others [13]. Linearity is one important measurement of performance of a system

1Known as Friis’ equation [18].
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and describes the impact of the non-linearities over an output signal.

vo = a0 + a1vi + a2v
2
i + a3v

3
i + . . . (2.28)

If a sine-wave, vi(t) = Vo cos(ωt), is applied to the input of a device, the system re-
sponse can be well described as the following third-order polynomial:

vo = a0 + a1Vo cos(ωt) + a2V
2
o cos2(ωt) + a3V

3
o cos3(ωt) (2.29)

or

vo =

DC︷ ︸︸ ︷(
a0 +

1

2
a2V

2
o

)
+

Fundamental Harmonic︷ ︸︸ ︷(
a1Vo +

3

4
a3V

3
o

)
cos(ωt) +

2nd Harmonic︷ ︸︸ ︷
1

2
a2V

2
o cos(2ωt)

+
1

4
a3V

3
o cos(3ωt)

︸ ︷︷ ︸
3rd Harmonic

.

(2.30)

From previous equation is possible to conclude that a nonlinear system produces as much
harmonics as the order of its nonlinearities. The even order coefficients compromise the
DC component and the odd order coefficients affect the fundamental harmonic (ω) am-
plitude.

In this section, the 1 dB Compression Point (P1dB) and the second and third-order
intermodulation products will be presented since these parameters are very important
to analyze the system performance related with linearity, and they usually appear in the
system specifications.

2.1.5.1 Gain Compression

The 1 dB Compression Point (P1dB) quantifies the operating range of a circuit and is
defined as the input signal level that causes the gain to decrease 1 dB compared with the
ideal linear characteristic, as shown in Figure 2.8. Since the voltage gain of the signal at
the fundamental harmonic frequency ω0 is, as stated in (2.30), given by

Av =

(
vo
vi

)

ω0

= a1 +
3

4
a3V

2
o (2.31)

and typically a3 as the opposite sign of a1 [13], the gain of the circuit tends to be lower
than the expected for large values of Vo, which causes this gain compression and conse-
quently degrades de output signal. For an ideal linear circuit the gain would be equal to
a1.

Is important to note that the P1dB can be referred to the input (IP1dB) or to the output
(OP1dB). Typically it is given as the larger option, so for an amplifier is usually specified
as OP1dB and for a mixer as IP1dB .
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1 dB

Pin (dB)IP1dB

OP1dB

Pout (dB)

Ideal

Real

Figure 2.8: Definition of P1dB

2.1.5.2 Intermodulation Distortion

The previous nonlinearity considers only one signal at the input of the system. which
creates undesired frequency components at multiples of ω0 that usually lie outside the
passband of the circuit and do not interfere with the desired signal. If two signals are
applied to the circuit, there are other nonlinear effects that do not manifest themselves in
the previous situation, and can corrupt the desired signal since they produce harmonics
that are not multiples of the fundamental harmonic frequency. This phenomenon is called
Intermodulation (IM). For instance, assume that a signal vi(t) = Vo1 cos(ω1t)+Vo2 cos(ω2t)

is applied to a system modeled by (2.28). Considering only the second and third terms of
the Taylor series, the IM products at the output are given by

IM2 = a2

[
1

2
V 2
o (1 + cos(2ω1t)) +

1

2
V 2
o (1 + cos(2ω2t))

]

+ a2
[
V 2
o cos(ω1t− ω2t) + V 2

o cos(ω1t+ ω2t)
] (2.32)

IM3 = a3V
3
o

[
1

4
cos(3ω1t) +

1

4
cos(3ω2t) +

3

4
cos(ω1t) +

3

4
cos(ω2t)

]

+ a3V
3
o

[
3

2
cos(ω2t) +

3

4
cos(2ω1t− ω2t) +

3

4
cos(2ω1t+ ω2t)

]

+ a3V
3
o

[
3

2
cos(ω1t) +

3

4
cos(2ω2t− ω1t) +

3

4
cos(2ω2t+ ω1t)

]
.

(2.33)

These interacting signals will produce intermodulation products that originate harmon-
ics at the sum and difference of both input signals frequencies and their multiples, as
shown in Figure 2.9.
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Figure 2.9: Output spectrum of IM2 and IM3

If the both input signals frequencies, ω1 and ω2, are close, the second order intermodu-
lation products can be easily filtered from the output since they are far from the input
frequencies. However, the third order intermodulation products are very near of the in-
put signals, as shown in Figure 2.9, and corrupt the desired signals because it is very
difficult to filter them with a bandpass filter. From this analysis is possible to conclude
that the IM3 is more problematic than IM2 and requires special attention.

To understand in which point the curves of power output of fundamental frequency
and of the third-order intermodulation product would intercept if they were linear, i.e.
they do not suffer compression at high input power, the Third-order Intercept Point (IP3)
was defined. As shown in Figure 2.10, the IP3 can be input-referred (IIP3) or output-
referred (OIP3) and the chosen result is typically the largest value as in the P1dB.

Pin (dB)IIP3

OIP3

Pout (dB)

IP3

Compression

Figure 2.10: Definition of IP3

From Figure 2.10 is possible to note that the output power of the first-order product is
proportional to the input power and, since the voltage associated with the third-order
products increases as V 3

o , as shown in (2.33), the output power of the third-order product
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has a slope of 3, so they always intercept each other assuming that both are ideal (do not
suffer compression). A practical rule that is usually employed is that the IP3 is 10–15 dB
greater than P1dB [13].

For the second-order intermodulation product exists a similar analysis that is known
as Second-order Intercept Point (IP2).

2.2 Receiver Architectures

In a wireless system the receiver AFE is one of the most critical components since, due to
the communication medium (air), the received signals are usually very weak and noisy.
A wireless receiver needs to have the capability to filter the incoming signal in order to
eliminate undesired interferes that can corrupt it, and detect the information present in
the signal of interest. Since the signals are propagated at high frequencies, because it
is possible to store more information using higher bandwidth and the antennas size is
smaller, the receiver needs to convert those signals to lower frequencies. In summary,
a receiver needs to filter and amplify the received signal, introducing almost no noise,
and then down-convert that signal so that it can be demodulated and processed by a
digital system. The main blocks of a wireless receiver are the LNA, the LO and the mixer.
Receivers can be divided into three main groups: heterodyne, homodyne and low-IF, that
will be presented in this section.

2.2.1 Heterodyne Receiver

The super-heterodyne receiver, also known as IF receiver, is one of the most used receiver
topologies in wireless communication systems, and was proposed by Armstrong in 1917
[3]. As shown in Figure 2.11, the down-conversion is done in two steps. First, the in-
put signal is converted to a fixed IF, after being amplified by a LNA and filtered (by an
image rejection BPF), and then that signal is filtered by a channel select BPF and down-
converted to baseband.Finally, it is filtered again by a LPF. The down-conversions are
made by a multiplication (mixing) of the RF with the signal produced by the LO. At the
end the signal is converted to the digital domain by an ADC [1].

-90o

ADC

ADC

RF BPF IR BPF CS BPF

LNA

LO1

LO2

LPF

LPF

DSP

Figure 2.11: Super-Heterdoyne receiver architecture (adopted from [3])
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The main purpose of the image rejection filter (IR BPF) is to eliminate the image that
can be produced in the down-conversion, since two input frequencies can produce the
same IF, as shown in Figure 2.12. The channel select filter (CS BPF) filters the interferers
that are down-converted together with the signal and can corrupt it at the next down-
conversion. The choice of the IF needs to take into account that with high IF the image
rejection filter is easier to design and with low IF the suppression of interferers is easier
[3]. Due to the required high Q of the filters, they need to be implemented with discrete
components which is not a good solution for modern applications where a low-area and
low-cost design is required. The main advantage of this kind of receiver is that is possible
to handle modern modulation schemes that require IQ (in-phase and quadrature) signals
to fully recover the information.

ω ωRF ωLO ωIM ωIF 0 ωIF ω 

Image

IR BPF

Figure 2.12: Image rejection in super-heterdoyne receiver (adopted from [3])

Assuming that the receiver input signal is a sinusoid given by vRF (t) = VRF cos(ωRF t)

and the LO is another sinusoid given by vLO(t) = VLO cos(ωLOt), the signal at the output
of the first mixer is given by

vIF (t) = vRF (t) · vIF (t) =
1

2
VRFVLO [cos(ωRF t− ωLOt) + cos(ωRF t+ ωLOt)] (2.34)

with ωIF = ωRF − ωLO.

Although the RF BPF eliminates the unwanted signals that may be present in the spec-
trum and are far from ωIF , a major problem can occur if exists a signal with frequency
ωIM = 2ωLO − ωRF at the RF input of the mixer, called image signal. After the mixing,
this signal originates two signals at frequencies ω1 = ωLO−ωRF and ω2 = 3ωLO−ωRF , as
stated in (2.34). If no IR BPF is used, the frequency ω1 overlaps and degrades the signal
of interest, since |ω1| = |ωIF |. As shown in Figure 2.12, this filter needs to have an high
Q, mostly if ωIF is low.

2.2.2 Homodyne Receiver

The homodyne receiver, also known as direct-conversion receiver or zero-IF receiver,
translates the input signal to the baseband in a single down-conversion, using a LO with
the same frequency as the RF signal. This avoids the use of an external image rejection
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filter, and only a LPF is required after the mixer to do the proper channel selection, as
shown in Figure 2.13.

-90o

ADC

ADC

RF BPF

LNA LO

LPF

LPF

DSP

Figure 2.13: Homodyne receiver architecture (adopted from [3])

The BPF before the LNA is often used to suppress the interferers outside the receiver
band, so the Q requirements are not very demanding. The main advantages of this kind
of receiver are the low-power, low-area and low-cost realization [3]. Despite these ad-
vantages, homodyne receivers have several disadvantages, comparing with heterodyne
receivers, that prevent this architecture from being applied in more demanding applica-
tions [1, 3]:

LO leakage As shown in Figure 2.14, due to device capacitances between the LO and RF
ports of the mixer and capacitances or resistances between the LNA ports, the receiver
will couple signal to the antenna that will be emitted and can interfere with other re-
ceivers using the same wireless standard. This effect can be minimized with the use of
differential LO and mixer outputs to cancel common mode components.

LO

LNAPad

Substrate

Figure 2.14: Homodyne receiver LO leakage (adopted from [1])

DC offsets Due to the LO leakage, studied above, that appears at the LNA and mixer
inputs, a DC component is generated at the output of the mixer (this process is known
as LO ”self-mixing“) that can saturate the baseband circuits, preventing signal detection.
This topology of receiver needs DC offset removal in order to avoid this kind of problems.

Channel selection The LPF must suppress the out-of-channel interferers in order to be
possible to convert the desired baseband signal to the digital domain. This filter should
have high linearity and low-noise which makes it difficult to implement.
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Flicker noise This type of noise can corrupt the baseband signals, as explained in section
2.1.4.2, since its frequency is close to DC in these type of receivers.

Even-order distortion If two interferers exist near the channel of interest, after the mix-
ing one of the interferers components is shifted near to the baseband and appears at the
output together with the down-converted signal, as shown in Figure 2.15, which leads to
signal distortion. Thus, these kind of receivers must have a very high IP2. One solution to
avoid this problem is use differential LNAs and mixers, in order to eliminate even-order
harmonics.

LNA

LO

Feedthrough

ω ω1 ω2 

Interferers Desired 
Channel

ω 0

Figure 2.15: Effect of even-order distortion (adopted from [1])

I/Q mismatch Errors in the 90o phase shift circuit and mismatches between the I and
Q mixers result in imbalances in the gain and phase of the baseband I and Q outputs,
that can corrupt the down-converted signal constellation (e.g. in Quadrature Amplitude
Modulation (QAM)). Since modern wireless applications have different information in I
and Q signals, this aspect is very critical in direct-conversion receivers because it is very
difficult to implement high frequency blocks with very accurate quadrature relationship.

This kind of receiver requires very linear blocks and very precise quadrature oscilla-
tors, in order to avoid the problems described above, that are very difficult to achieve for
high frequencies.

2.2.3 Low-IF Receiver

Although the heterodyne receiver has high performance and flexibility, it requires the use
of external components, which does not allow the receiver full integration. On the other
hand, the homodyne receiver can be totally integrated but has some problems related
with flicker noise, intermodulation, etc. The low-IF receiver combines the advantages
of both types of receivers, and uses a mixed approach, which consists in select a low
intermediate frequency, avoiding the direct conversion problems previously indicated.
To overcome the image problem related with the non-direct conversion, without the need
of an image rejection filter, it is used a technique to cancel the image signal that consists
in a quadrature architecture that suppresses the image by generating a negative replica.
There are two main image rejection architectures, the Hartley and the Weaver [1, 3], as
shown in Figure 2.16.
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Figure 2.16: Image rejection architectures: (a) Hartley (b) Weaver (adopted from [3])

The Hartley architecture [19] mixes the RF signal with the quadrature outputs of
the LO and, after the LPF, one of the resulting signals is shifted 90o and subtracted
to the other signal, as shown in Figure 2.16a. For instance, consider that the signal
x(t) = VRF cos(ωRF t) + VIm cos(ωImt) is placed at the input of the receiver, where VRF
and VIm are, respectively, the amplitude of RF and image signals. After down-conversion
and filtering,

x1(t) = −VRF
2

sin[(ωRF − ωLO)t] +
VIm

2
sin[(ωLO − ωIm)t] (2.35)

x2(t) =
VRF

2
cos[(ωLO − ωRF )t] +

VIm
2

cos[(ωLO − ωIm)t]. (2.36)

Since a shift of 90o is equivalent to a change from sin to (− cos),

x3(t) =
VRF

2
cos[(ωRF − ωLO)t]− VIm

2
cos[(ωLO − ωIm)t]. (2.37)

Due to 90o the phase shift, this receiver produces the same polarities for the desired signal
and opposite polarities for image, in the two paths. Summing both signals, x2(t) and
x3(t), results in

xIF (t) = VRF cos[(ωRF − ωLO)t] (2.38)

Thus, the image component is canceled and the desired signal is doubled in amplitude.
The main problem of this architecture is the receiver sensitivity to the local oscillator
quadrature errors and the incomplete image cancellation due to the mismatches in the
two signal paths.

The Weaver architecture, as shown in Figure 2.16b, is similar to the Hartley architec-
ture, but the 90o phase shift is performed by a second mixing operation in both signal
paths. This kind of approach has the same problems of the Hartley architecture and it
suffers from an image problem in the second down-conversion, if the signal is not con-
verted to the baseband.
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2.3 Low-noise Amplifiers

This section discusses some LNA topologies and typical requirements for this kind of am-
plifiers. The LNA is typically the first stage of a RF receiver so its input impedance should
match the antenna characteristic impedance in order to maximize the power transfer, as
discussed in section 2.1.1. The LNA should introduce a minimum noise in the system
while providing enough gain for the required SNR. As expressed in (2.27), in a cascade
circuit the NF of the first stage (LNA) is dominant and should be very low, and the gain
should be very large to reduce the noise contribution of the next stages. Regarding the
circuit linearity, in a cascaded circuit it is limited by the stage with the worst IP3, and
the gain of the preceding stages affects negatively the IP3 of the subsequent stages, as
expressed in (2.39), so there is a trade-off between noise and linearity, since a low NF
demands a high gain as explained before [1].

1

IP3,tot
=

1

IP3,LNA
+

GA,LNA
IP3,mixer

+ . . . (2.39)

Regarding the LNA linearity, in most applications it does not limit the linearity of the
receiver since it is not affected by the gain of any stage, so usually the LNAs are designed
and optimized with little concern about this aspect.

Concerning the bandwidth, LNAs can be narrowband or wideband. In this section
some LNA topologies will be presented and their behavior with respect to input match-
ing, gain, and noise figure will be analyzed.

2.3.1 Narrowband LNAs

This kind of LNA works for a fixed input frequency so the input matching is easier to
achieve than in wideband LNAs, because the LNA only needs to be matched to the an-
tenna for that frequency, and the matching can be performed with reactive components.

2.3.1.1 Common-Source LNA with Inductive Degeneration

The Common-Source (CS) LNA with inductive degeneration [20], represented in Figure
2.17, is one of the most used topologies of narrowband LNAs because it allows easy input
matching, high gain and low noise figure.

The input impedance of this LNA is given by

Zin = s(Ls + Lg) +
1

sCgs
+
gm
Cgs

Ls. (2.40)

By choosing Ls + Lg to resonate with Cgs is possible to eliminate the imaginary terms
of the input impedance, so the impedance will look real near the desired operating fre-
quency. Adjusting the inductance Ls is possible to match the antenna impedance for that
frequency. Since the inductors are ideally noiseless, they contribute with almost no noise
to the LNA so it has a low noise figure. The main disadvantage of this circuit is the large
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Zin

Lg

Ls

RL

Figure 2.17: CS LNA with inductive degeneration

die area and the special RF options needed to design inductors with an high Q factor,
which increase the production cost.

2.3.2 Wideband LNAs

This kind of LNA operates in a large spectrum so it needs to have an high bandwidth
and the input impedance should match the antenna impedance for the all LNA working
band, so it can not be achieved using reactive components.

2.3.2.1 Common-Source with Resistive Input Matching

The resistive input matching is the easiest way to obtain a stable input impedance over
the LNA working band because, as shown in Figure 2.18, the input resistor is in parallel
with the transistor gate, which has infinite input impedance.

Zin

ZL

Rin

Figure 2.18: CS LNA with resistive input matching

The main drawback of this configuration is that the resistor introduces a significant amount
of noise to the amplifier. Assuming that the LNA has an available power gain GA and
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a noise power at output Pn, and the source has an impedance RS (from antenna) that is
matched to Rin, from (2.18) and (2.23) is possible to obtain the resulting noise factor:

F =
4kTRsGA + 4kTRinGA + Pn

4kTRsGA
= 2 +

Pn
4kTRinGA

(2.41)

that is at least 2, resulting in a noise figure greater than 3 dB.

2.3.2.2 Common-Gate

The Common-Gate (CG) [1, 21] is one of the most used topologies to implement wide-
band LNAs because it has an intrinsic wideband response. As shown in Figure 2.19,
its input impedance is approximately 1/gm, neglecting channel-length modulation and
body effect. Thus, the dimensions of the transistor and the bias current are chosen in
order to obtain gm = 1/RS = 20 mS for a 50 Ω antenna.

Zin

ZL

Vbias

Figure 2.19: CG LNA

Considering only the transistor thermal noise, and assuming that it is a long channel
device, the minimum noise factor of this topology can be easily calculated through (2.23),
where Ni = I2s and No = (I2s + I2d)GA.

F =
(I2s + I2d)GA

I2sGA
= 1 +

I2d
I2s

(2.42)

The average thermal noise at the input of the LNA due to the input impedance (transistor
source) is I2s = 4kT/RS = 4kTgm, and the average thermal noise generated at the gate of
a MOS device working at the active region, I2d , is given by (2.19), so

F = 1 +
4kTγgm
4kTgm

= 1 + γ. (2.43)

As shown before, for a long channel device operating in the active region γ = 2/3, so
the minimum noise factor of a CG amplifier is about 5/3, which corresponds to a noise
figure of 2.2 dB that is lower than the previous topology. The main disadvantage of
this LNA is the fact that the gain is given by GA = gmZL. Since gm is fixed due to the
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impedance matching, to increase the gain is necessary to increase ZL, and consequently
the noise figure increases, limiting the achievable gain. Usually this kind of LNA has a
noise figure above 3 dB. However, there are some noise cancellation techniques, such as
will be analyzed in the next chapter, that can be used to reduce the LNA noise figure.

2.3.3 Discussion

In this section it was shown that there are two major LNA architectures, narrowband and
wideband. Table 2.1 presents the main characteristics of both.

Table 2.1: Comparison between Narrowband and Wideband LNAs

Narrowband Wideband
Low NF High NF
High gain Low power
Large area due to the inductors Low area
High chip cost (special RF options) Low cost (Standard CMOS)

The LNA architectures presented in this section are single-ended, so they only have
one output. In order to transform the input signal into a differential signal at the output,
a balun structure can be used instead, as will be studied in the next chapter. The main
drawback of this structures is the extra loss and additional noise that are introduced,
since more components are required.

2.4 Mixers

The mixer is key block of a RF front-end since it is responsible for the frequency transla-
tion of a RF signal to an IF or to baseband, in a process called down-conversion. Ideally,
the output signal is a multiplication of the RF input signal by another RF signal provided
by a LO, as shown in Figure 2.20. The resulting signal consists in two frequency compo-
nents, equal to both the difference and sum of the input frequencies [3].

Mixer

fRF

fLO

LO

fIF = fRF ± fLO

f

fRF - fLO fRF + fLO

fLO fRF

Figure 2.20: Down-conversion mixer

Considering that the RF input signal has the form vRF (t) = cos(2πfRF t) and the LO

25



2. RECEIVER ARCHITECTURES AND RF BLOCKS 2.4. Mixers

has the form vLO(t) = cos(2πfLOt), the output of the mixer is [13]

vIF (t) =
K

2
[cos(2π(fRF − fLO)t) + cos(2π(fRF + fLO)t)] , (2.44)

where K is related to the voltage conversion loss of the mixer. For a down-conversion
mixer the desired frequency component is fIF = fRF − fLO, called lower sideband (LSB),
that can be easily selected by a LPF.

In this section the most important characteristics of mixers are reviewed: noise figure,
intermodulation points, gain, etc., and different types of mixers (active and passive) are
revisited [1, 3, 13].

2.4.1 Performance Parameters

Noise Since the mixer performs frequency translations, the noise at both sideband fre-
quencies are also converted with the same efficiency, which means that the effects of both
LNA and LO noise will appear at the mixer output. That’s why it is important to design
those components to have a low NF, as explained before. Also, the input noise of the
mixer is divided by the LNA gain so the NF of the mixer is very dependent of the LNA
characteristics. Another important aspect is the flicker noise. If the output frequency (IF)
is below the 1/f noise corner frequency (Figure 2.6), its effect will be very pronounced at
the mixer output, so the IF selection must be done carefully.

Conversion gain The voltage conversion gain of a mixer is given by the ratio between
the rms voltage of the IF signal and the rms voltage of the RF signal.

Voltage Gain (dB) = 20 log

(
VIF
VRF

)
. (2.45)

The conversion gain allows to distinguish between two different mixer types: passive
mixers, that have conversion loss (gain lower than one), and active mixers, that have
conversion gain.

Linearity Mixers perform a nonlinear operation, so the transistors behavior are nonlin-
ear and the LO port of the mixer should also be very nonlinear due to gain and noise
constraints. Due to these characteristics, there are undesirable spurious terms at the out-
put of the mixer that can affect the desired signal. In order to measure a mixer linearity
is used the IM (section 2.1.5.2). In an heterodyne receiver the third-order IM is the most
important because if the two input frequencies are close, the third-order IM components
will be close to that frequencies, making them very difficult to remove. In an homodyne
receiver the second-order IM is more important since the IM due to the two input signals
can be close to DC and corrupt the output signal band. Larger order IM products are usu-
ally ignored because they are far from the band of interest and have lower amplitudes.

It is important to note that the IP3 of a mixer is scaled down by the LNA gain, as stated
in (2.39), so there is a trade-off between the mixer NF and its linearity.
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2.4.2 Passive Mixers

This type of mixer do not operate as amplifying device and consequently its conversion
gain is lower than one. The easiest way to implement a mixer is by using a switch based
in a MOS transistor, as shown in Figure 2.21. Although this mixer consists in an active
device, it acts like a switch (operating at triode region) and consequently has no DC
consumption, high bandwidth, high linearity and very low flicker noise, which make it
very attractive for use in microwave circuits.

vRF

vLO

vIF

RL

Figure 2.21: Mixer using a MOS switch

The RF signal is placed at the source of the transistor and the LO signal, usually a
rail-to-rail square wave2, is fed trough the transistor gate. When the LO signal is at high
level the signal at the input is transferred to the output, since the switch is on, resulting
in a frequency translation of the input signal to a frequency given by the difference of
the RF and LO signals. This circuit is commonly called a return-to-zero mixer since the
output is zero when the switch turns off. If the resistor RL is replaced with a capacitor,
the mixer operates as a sample-and-hold circuit, because the output does not fall to zero
when the switch is off, resulting in an higher conversion gain. That configuration is called
non-return-to-zero mixer.

In modern RF design, the mixers are realized as a single-balanced (have a single-
ended input), as shown in Figure 2.22, or as double-balanced (have a differential input),
instead of the single-ended topology of Figure 2.21. With this techniques is possible to
obtain a conversion gain twice than the return-to-zero mixer, because the output signal is
differential. The double-balanced mixer also eliminates the LO-IF feed-through, which
translates the LO frequency to the output and can affect the mixer performance.

Current-Driven Passive Mixers

If the LNA as an high output impedance, it can be seen as a current source. Thus, the
input of the passive mixer is driven by a current source instead of a voltage source, and
exhibit different properties (gain, noise, input impedance, etc.). Since a mixer is a time-
variant circuit, the input impedance of a current-driven mixer is very different from a

2This guarantees that when the LO signal is high the transistor operates in the deep triode region.
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vRF
vLO

RL

vLO

vIF +

RL

vIF -

Figure 2.22: Single-balanced passive mixer using a MOS switch

voltage-driven mixer.

Considering the circuit of Figure 2.23a, from [22] is possible to conclude that the
switches mix the baseband waveforms with the LO, translating its spectrum to RF, as
shown in Figure 2.23b. Due to this effect, the input impedance around fLO is a frequency-
translated version of ZBB(f), i.e., if ZBB is a low-pass impedance (e.g. a capacitor), then
Zin(f) has a band-pass behavior. As will be analyzed in this work, this property can be
very helpful to filter undesired components of the RF signal. Another advantage of this
kind of mixer is that a device in series with a current source does not change the current
that passes through it, so its noise and non-linearity contributions are very reduced.

vLO

vLO

vout +

ZBB

vout -

ZBB

Iin

Zin

(a)

0 fLO 0 fLO

Iin (f)
0

Shape of ZBB(f)
Vout(f) upconverted 

to RF

f f

f

(b)

Figure 2.23: (a) Current-driven passive mixer, (b) input spectrum
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As will be demonstrated later the passive mixers do not need to use a 50% LO duty-
cycle, and the use of another duty-cycles (p. ex. 25%) can be very beneficial in terms of
gain, noise figure, harmonic rejection, among others [23].

2.4.3 Active Mixers

Unlike passive mixers, this topologies provide conversion gain greater than one that
helps to reduce the effect of noise generated by subsequent stages, as demonstrated in
section 2.1.4.3. Due to this property, these mixers are very used in RF systems. The
mixing operation is very similar to the passive mixers but instead of being used a MOS
switch, a differential pair is used, as shown in Figure 2.24, that operates in the satura-
tion region, and consequently provides current gain and high output impedance. In this
structure, known as single-balanced active mixer, the current source is controlled by the RF
signal and the differential pair is controlled by the LO signal. It converts the vRF to a
current that flows to one branch of the differential pair (where it is amplified) according
to the value of vLO, and it is converted again to voltage by the resistors RD, generating
the output differential voltage vIF . Since it is single-balanced, this mixer only operates
with a single-ended RF input.

vIF

vLO

vRF

RD RD

VDD

Figure 2.24: Single-balanced active mixer (adopted from [3])

Another very popular implementation is the Gilbert cell [24], also called double-balanced
active mixer, as shown in Figure 2.25, which as higher gain, lower NF, good linearity,
higher spurious rejection, higher port-to-port isolation and is less sensitive to even order
distortion, comparing with the single-balanced implementation. Due to its complexity
and number of active devices, the main drawbacks of this topology are the power con-
sumption and the increased area. Since it is double-balanced, this mixer needs a differ-
ential RF signal at the input to operate properly.
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vRF

vLO

RD RD

VDD

vIF

Figure 2.25: Double-balanced active mixer (adopted from [3])

2.4.4 Discussion

In this section two main mixer architectures were presented: passive and active. The pas-
sive mixers do not offer conversion gain but are very low power, have low noise and high
linearity. Also, a passive mixer can be current-driven instead of voltage-driven, which
have some advantages like baseband impedance transformation and low noise and non-
linearity contributions. The active mixers have as main advantage the conversion gain
greater than one that helps to reduce the noise contribution of the subsequent stages of
the receiver, but have more power consumption, noise (since they have DC current they
produce flicker noise), occupy more area due its complexity and have lower linearity.

Regarding the mixer inputs and outputs, the two main configurations are the single-
balanced and the double-balanced. Both have differential outputs, which doubles the mixer
gain relatively to a single-ended topology (Figure 2.21). The single-balanced implementa-
tion needs a single-ended signal at the input while the double-balanced needs a differen-
tial signal at the input, which sometimes requires the use of a balun, but has advantages
in terms of gain, noise, linearity, port-to-port feed-through (especially LO-IF), among oth-
ers. The disadvantages of double-balanced mixers comparing with single-balanced mix-
ers are the power consumption and increased area, due to the larger number of active
elements.
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2.5 RF Filters

With the growth of wireless communications the demanding of high-performance RF (or
microwave) filters is becoming huge due to the limitations of the frequency spectrum
and the consequently increase of communication standards. The frequencies that are
used to transmit the information are closer to each other, which means that there are more
interferers near the band of interest that need to be filtered in order to prevent the leakage
of out-of-band inter-modulation products and harmonics to the receiver [25]. Due to this
proximity, the filters must have an high Q factor, to suppress the nearest interferers, and
low losses in the interesting band, in order to not attenuate the desired signals.

A key filter in a RF receiver AFE is the SAW filter, shown in Figure 2.26, that attenu-
ates the out-of-band blockers at the input of the receiver and consequently prevents the
LNA saturation. The major problem of this filter is that it is very expensive and bulky,
and have insertion loss since is usually based in resonators [7]. In a passive filter based in
resonators the insertion loss is inversely proportional to its bandwidth and resonator Q
factor, and is proportional to the number of resonators [25]. Also, high-Q resonators are
physically large. Active filters can be used to avoid this problem, since they have gain
that compensates for the losses related with the resonators, but they suffer from harmonic
distortion, increased NF and non-linearities [26]. In order to save in area and cost, filters
based on resonators can be implemented in CMOS technologies and integrated in the re-
ceiver chip. However, unlike the off-chip filters, on-chip filters have low-Q factor, limited
tuning range and the integrated coils take large chip area. There are some techniques to
increase the Q factor but they degrade the filter noise and linearity [9].

SAW

LNA

Antenna

RX

Figure 2.26: Receiver AFE input

To overcome the problems of resonator based filters, an old technique, called N-path
filtering [27], has been widely used in modern receivers, including this work. This so-
lution is based in current-driven passive mixers, referred in section 2.4.2, and allows the
realization of a passive filter without inductors that can be precisely controlled by the
LO frequency, resulting in a very programmable filter that occupies low area. Also, these
filters have high linearity, an acceptable NF and an high-Q factor (e.g. Q = 98 for 6.1 MHz
bandwidth around 600 MHz) [7–10], as will be demonstrated later in this work. Due to
its simplicity, this kind of filters can be easily integrated in the receiver chip, avoiding the
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use of off-chip SAW filters.

Bandpass Filter Quality Factor

The quality factor (usually referred as Q factor) is a key parameter to measure the perfor-
mance of a BPF. The expression of the Q factor is given by

Q =
ω0

BW
, (2.46)

where ω0 is the filter center frequency and BW is the filter bandwidth, which is given
by BW = ω2 − ω1. Frequencies ω1 and ω2 are the frequencies at which the magnitude
response of the filter drops 3 dB relatively to its maximum value (at ω0), as shown in
Figure 2.27.

ω ω0 0 ω1 ω2 

Vmax 

Vmax -3 dB

Figure 2.27: BPF frequency response and Q factor

Thus, the Q factor is a parameter that measures the filter sharpness (or selectivity) and
as higher the Q factor is, the better is the filter. This means that an high-Q BPF can block
undesired signals that are closer to the band of interest, comparing with a low-Q BPF.

2.6 Analog-to-Digital Converters

Although the incoming signals of a RF receiver are in the analog domain, since the phys-
ical world is analog, with the evolution of the technology those signals began to be pro-
cessed in the digital domain because digital systems are more simple, cheap and flexi-
ble. To make this possible is necessary to employ an ADC, as shown in Figure 2.28, that
converts an analog signal to the digital domain. Due to the performance requirements
needed to digitize a RF signal, the ADC can not be moved towards the antenna because a
converter that fulfill these requirements is impractical in actual CMOS technology. This is
why the AFE has a very important role in wireless communications, because it converts
the RF signal to an analog signal that can be handled by the ADC.

Bout is the digital output word generated by the ADC with respect to the analog input
signal Vin and the analog reference signal Vref . It is important to note that the ADCs can
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ADCVin Bout

Vref

Figure 2.28: ADC block diagram

be voltage or current-driven, as will be verified in this work.
There are two main ADC types: Nyquist-rate and oversampling. The Nyquist-rate ADCs

generate output values that has a one-to-one correspondence whit a single input value
and usually operate at 1.5 to 10 times the Nyquist rate. The oversampling ADCs operate
much faster than the input signal Nyquist rate and filter the quantization noise that is not
in the desired signal’s bandwidth, in order to increase the output SNR [15]. This type of
ADCs are very popular for high-resolution medium-to-low-speed applications because
they allow to relax the requirements of the analog circuitry and consequently reduce
the circuit area and power consumption. Also, this type of ADCs allow the extraction of
extra bits of resolution than the Nyquist-rate converters, due to signal oversampling. The
devices that perform this kind of conversions are usually called Σ∆ modulators [15].

This project do not consist in the design of an Σ∆ modulator so only a very short
summary of this kind of converters is presented.
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3
Wideband Cascode Balun-LNA

A balun (which performs conversion from single-ended to differential) wideband LNA,
based in [4, 5], has been proposed. This topology is a good solution to integrate in a RF re-
ceiver because it can be directly coupled to a differential mixer without a separate balun
or impedance matching networks, while performing noise and distortion cancellation
through the CS stage. Since the output is differential it reduces harmonic distortion, im-
proving the linearity, and rejects power supply and substrate noise. The cascode devices
are used to allow the integration of a passive filter in the LNA nodes, as will be demon-
strated, but also contributes to decrease the effective input capacitance, which helps to
improve the impedance matching over the working band, and to increase the voltage
gain. In order to improve the LNA voltage gain and NF some existing techniques were
employed [28]. This design was implemented in two different technologies, CMOS 130
nm and CMOS 65 nm, that will be detailed and compared in the following sections.

This chapter is structured as follows: a theoretical analysis of the LNA is made and
the main equations for its characterization are derived and validated through simulation,
for both technologies.

3.1 Theoretical Analysis

The proposed LNA is represented in Figure 3.1. From basic circuit analysis it is known
that the CG and CS configurations have approximately the same voltage gain, in module,
but with opposite phase. Thus, the signal at the output of the CG stage (M1) is equal to the
input signal amplified, whereas the CS (M2) has the opposite phase, and the LNA output
signal is equal to the sum of the signals of these two stages since vout = vout+ − vout−.
On the other hand, the thermal noise produced by the CG stage (and modeled by in)
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generates a noise voltage vn,in at the input of the CS stage, since it flows into RS . It also
generates a noise voltage vn,out+, with opposite phase, at the CG output. Since the CS
inverts the voltage phase, both noise voltages at the output of the CG and the CS have
the same signal, and are canceled at the output of the LNA. To a full noise cancellation it
is critical that the gain of both stages is matched.

VS

RS

IBIAS
VB,CS

VB,CG

VB,CASC

VDD

VOUT+ VOUT-

M1

M2

M3 M4

M5 M6

in

vn,in

vn,out+ vn,out-

RL RL

RF

CF

Figure 3.1: Wideband cascoded balun LNA with CG noise cancellation

In order to improve the LNA behavior, the traditional load resistors were replaced by
PMOS transistors (M5 andM6) that operate in the triode region [28]. Thus, the impedance
seen at the LNA output nodes is approximately given by RL = rds = 1/gds, where gds is
the transistor output conductance. By employing this technique is possible to increase the
incremental load resistance with the same DC voltage drop, comparing with traditional
resistors, and consequently increase the voltage gain and reduce the circuit’s NF.

The following circuit equations are derived neglecting the transistors capacitive ef-
fects, the CG transistor body effect and the short-channel effects (due to the use of the
minimum L allowed by the technology in the transistors), for simplicity.
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3.1.1 Input Impedance

Assuming that the biasing current-source Ibias has a very high output impedance, the
LNA input impedance is given by the parallel of the CG and CS stages,

Zin ∼= Zin,CG ‖ Zin,CS . (3.1)

Since the CS input is the transistor gate, which have a very high impedance, Zin can be
expressed by [15]

Zin ∼= Zin,CG ∼=
1

gm,CG

(
1 +

Rcasc
rds,CG

)
, (3.2)

where gm,CG and rds,CG are, respectively, the transconductance and the output resistance
of the CG transistor. The Rcasc is the impedance seen from the cascode transistor (M3)
input (source) and is very similar to (3.2):

Rcasc ∼=
1

gm,Casc

(
1 +

RL
rds,Casc

)
, (3.3)

where gm,Casc and rds,Casc are, respectively, the transconductance and the output re-
sistance of the cascode transistor. For simplicity, considering that rds,Casc � RL and
rds,CG � Rcasc, then

Zin ≈
1

gm,CG
. (3.4)

3.1.2 Voltage Gain

Given that the LNA output is differential and the input signal of both stages is the same,
the voltage gain is given by [15]

Av = Av,CG −Av,CS ∼= gm,CG ·Rout + gm,CS ·Rout (3.5)

because the voltage gain of the CS has the opposite signal of the CG. Rout is the LNA
output impedance seen at one node and is expressed by Rout = rCG ‖ RL in the CG stage
and Rout = rCS ‖ RL in the CS stage, where rCG and rCS are the impedances seen from
the output of the cascode devices of the CG and CS stages, respectively, and are given
by rCx ∼= rds,Cx · rds,Casc · gm,Casc. Therefore, considering that rCG and rCS are very high
comparing with RL, then Rout ≈ RL and consequently

Av ≈ gm,CG ·RL + gm,CS ·RL. (3.6)

Since both stages need to have the same gain to allow the full cancellation of the CG
noise,

Av ≈ 2 · gm,CG ·RL (3.7)

37



3. WIDEBAND CASCODE BALUN-LNA 3.1. Theoretical Analysis

It is important to note that the cascode devices increase the output impedance of the
transconductors (input transistor plus cascode) but do not affect the voltage gain of the
LNA because these impedances (rCG and rCS) are much higher than the resistance of
the PMOS devices (RL), as explained before. Thus, from (3.5) is easy to understand that
increasing the resistance RL still improving the voltage gain comparatively with a LNA
without the cascodes, because rCG and rCS have almost no influence in Rout, since they
are in parallel with RL.

3.1.3 Noise Factor

The noise factor (or Noise Figure (NF) when expressed in dB) referred in 2.1.4.3, is one
of the most important measurements of a LNA, because this circuit is intended to have
low noise contributions since they have an huge impact in the receiver’s total NF. Since
the cascode devices don’t force current into the LNA, their noise contributions are very
reduced (it was verified by simulation that these transistors have a noise contribution
between 3% and 5% of the total LNA’s circuit) and consequentlyM3 andM4 were ignored
in this analysis, i.e. the analysis was made considering the basic CG and CS topologies.
Also, only the transistors’ thermal noise was considered, since flicker noise is negligible
at high frequencies.

3.1.3.1 Common-Gate Stage

The CG stage small signal noise model is presented in Figure 3.2. There are three main
noise sources that will be considered in this analysis: due to the source resistor (RS), due
to the CG transistor (M1) and due to the load resistor (RL). All of these sources will be an-
alyzed separately, ignoring the other noise sources, and added together in order to obtain
the stage’s noise factor. For simplicity, it was considered that gm1 � gds1 and rds1 � RL

in all calculations.

Thermal noise due to RS

Considering only the noise source fromRS , in Figure 3.2, the output noise power is given
by

V 2
nRS ,outCG

= V 2
nRS

A2
v,CG. (3.8)

In a CG stage, Av,CG ≈ gmRL
1+gmRS

[14] and from (2.18) it is known that V 2
nRS

= 4kTRS ,
which leads to

V 2
nRS ,outCG

≈ 4kTRS (gm1RL)2

(1 + gm1RS)2
. (3.9)

Thermal noise due to M1
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vgs1

+

-

*

gm1vgs1

rds1 RL

RS

X

Figure 3.2: Small signal noise model of the CG stage

Considering only the noise source from M1, in Figure 3.2, and applying the KCL at node
X, is possible to obtain

i =
InM1 − gds1 · VnM1,outCG

1 +RS(gm1 + gds1)
, (3.10)

which results in the following output noise voltage:

VnM1,outCG
= i ·RL ≈ InM1

RL
1 + gm1RS

. (3.11)

From (2.19) it is known that I2nM1
= 4kTγgm1 , leading to

V 2
nM1,outCG

≈ 4kTγgm1

(
RL

1 + gm1RS

)2

. (3.12)

Thermal noise due to RL

Finally, and considering only the noise source from RL, in Figure 3.2, and taking into
account that vgs1 = 0 V (since RS is ignored),

VnRL,outCG
= InRL

(rds1 ‖ RL) ≈ InRL
RL. (3.13)

The noise voltage at the CG input due to RL is equal to

VnRL,in =
VnRL,outCG

Av,CG
≈ InRL

RL
Av,CG

. (3.14)

However, this result does not take into account the effect ofRS . Considering the Thevenin’s
equivalent of the CG input, shown in Figure 3.3, the voltage at the transistor’s input is
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given by (3.15) [4].

RS

Zin,M1VS

Vin

Figure 3.3: CG Thevenin’s equivalent circuit

Vin =
Zin,M1

Zin,M1 +RS
VS ≈

1

1 + gm1RS
VS , (3.15)

with Zin,M1 ≈ 1/gm1 as stated in (3.4). Substituting VS by (3.14) leads to

Vin ≈
1

1 + gm1RS
· InRL

RL
Av,CG

. (3.16)

Considering that V 2
nRL,outCG

= V 2
inA

2
v,CG and I2nRL

= 4kT/RL (from (2.18)), is possible to
obtain the following output power noise, considering RS ,

V 2
nRL,outCG

≈ 4kTRL
(1 + gm1RS)2

. (3.17)

Noise Factor
As stated in (2.23), the CG stage noise factor is given by

F =
V 2
n,outCG

V 2
nRS
·A2

v,CG

, (3.18)

where

V 2
n,outCG

= V 2
nRS ,outCG

+ V 2
nM1,outCG

+ V 2
nRL,outCG

. (3.19)

The noise factor is

F ≈ 1 +
γ

gm1RS
+

1

g2m1
RSRL

(3.20)

3.1.3.2 Common-Source Stage

The CS stage small signal noise model is presented in Figure 3.4. As with the CG stage,
there are three main noise sources: due to the source resistor (RS), due to the CS transistor
(M2) and due to the load resistor (RL). For simplicity, it was considered that rds2 � RL

in all calculations.
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vgs2

+

-
gm2vgs2

rds2 RL*

RS

Figure 3.4: Small signal noise model of the CS stage

Thermal noise due to RS

Considering only the noise source from RS , in Figure 3.4, the output noise power can be
written as

V 2
nRS ,outCS

= V 2
nRS

A2
v,CS . (3.21)

In a CS stage, Av,CS ≈ −gmRL [14] and from (2.18) it is known that V 2
nRS

= 4kTRS ,
resulting in

V 2
nRS ,outCS

≈ 4kTRS · g2m2
·R2

L. (3.22)

Thermal noise due to M2

Considering only the noise source from M2, in Figure 3.4, and knowing that in this con-
figuration vgs2 = 0 V,

VnM2,outCS
= InM2(rds2 ‖ RL) ≈ InM2RL. (3.23)

From (2.19) it is known that I2nM2
= 4kTγgm2 , and consequently

V 2
nM2,outCS

≈ 4kTγgm2R
2
L. (3.24)

Thermal noise due to RL

Finally, considering only the noise source from RL, in Figure 3.2, and given that vgs2 = 0

V, the output noise voltage is given by

VnRL,outCS
= InRL

(rds2 ‖ RL) ≈ InRL
RL. (3.25)

From (2.18) it is known that I2nRL
= 4kT/RL, which leads to

V 2
nRL,outCS

≈ 4kTRL. (3.26)
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Noise Factor

As shown in (2.23), the CS stage noise factor is given by

F =
V 2
n,outCS

V 2
nRS
·A2

v,CS

, (3.27)

with

V 2
n,outCS

= V 2
nRS ,outCS

+ V 2
nM2,outCS

+ V 2
nRL,outCS

, (3.28)

resulting in the following CS noise factor

F ≈ 1 +
γ

gm2RS
+

1

g2m2
RSRL

. (3.29)

3.1.3.3 Complete LNA

Comparing (3.20) and (3.29) is possible to conclude that the noise factors of CG and CS
stages are identical. Since the noise generated by the CG stage appears at the CS input,
is necessary to obtain the noise power generated by the CG that manifests at the output
of the CS, i.e. is necessary to divide the noise generated by the CG stage by the CG gain
and multiply it by the CS gain, as shown in the following equations. Initially, the noise
generated by RS is neglected and added in the final equation, as with the thermal noise
analysis of RL in the CG stage. For simplicity, is assumed that gm1 = gm2 , as explained in
section 3.1.2.

V 2
nM1,outCS

= V 2
nM1,outCG

A2
vCS

A2
vCG

≈ 4kTγgmR
2
L (3.30)

V 2
nRL,outCS

= V 2
nRL,outCG

A2
vCS

A2
vCG

≈ 4kTRL (3.31)

Obviously, the noise generated by the CS also appears at the CG output, so is neces-
sary to perform an identical operation for these noise contributions.

V 2
nM2,outCG

= V 2
nM2,outCS

A2
vCG

A2
vCS

≈ 4kTγgmR
2
L

(1 + gmRS)2
(3.32)

V 2
nRL,outCG

= V 2
nRL,outCS

A2
vCG

A2
vCS

≈ 4kTRL
(1 + gmRS)2

(3.33)

The total noise at the LNA output is given by the sum of all the noise contributions of
both stages, V 2

n,outLNA
= V 2

n,outCG
+ V 2

n,outCS
,with

V 2
n,outCG

= V 2
nM1,outCG

+ 2V 2
nRL,outCG

+ V 2
nM2,outCG

(3.34)
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V 2
n,outCS

= −V 2
nM1,outCS

+ 2V 2
nRL,outCS

+ V 2
nM2,outCS

(3.35)

Since the CS inverts the signals at its input, the thermal noise generated by the CG
transistor (M1) appears at the CS output with opposite signal, as shown in (3.35), and is
canceled as desired. Thus, the LNA’s thermal noise depends only of M2 and RL. Apply-
ing the same logic as in (3.15), the LNA noise factor is given by

F =
(1 + gmRS)2(V 2

nRS
A2
vLNA

+ V 2
n,outLNA

)

(1 + gmRS)2V 2
nRS

A2
vLNA

= 1 +
V 2
n,outCG

+ V 2
n,outCS

V 2
nRS

A2
vLNA

, (3.36)

with AvLNA ≈ 2 · gm,CG · RL, as stated in (3.7), and V 2
nRS

= 4kTRS . Solving the previous
equation, and assuming that in the CG stage gmRS � 1 for simplicity,

F ≈ 1 +
γ

2gmRS
+

1

g2mRSRL
. (3.37)

As stated before, the previous equation shows that by increasing the load resistance RL
is possible to decrease the circuit NF.

3.1.4 Load Transistors Resistance

As explained before, PMOS devices (M5 andM6) were used to replace the traditional load
resistors. These transistors work in the triode region and behave like a voltage controlled-
resistor with VGS used as control terminal. At this region, the current that passes through
a PMOS transistor is given by [15]

ID = µPCox
W

L

[
(|VGS | − |Vtp|) |VDS | −

V 2
DS

2

]
, (3.38)

which leads to

RL = rds =

[
∂ID
∂VDS

]−1
=

1

µPCox
W
L (|VGS | − |Vtp| − |VDS |)

. (3.39)

From the previous equation is possible to conclude that if |VDS | (also referred as VRL
in

this work) is increased, the resistance RL also increases, and the voltage gain becomes
higher, as demonstrated before. Another option is to decrease VDSsat = VGS − Vtp. How-
ever, too keep the transistor operating at the triode region is necessary to guarantee that
0 < |VDS | < |VDSsat| and if VDSsat is reduced, this condition is more complicated to ac-
complish. For this work it was chosen VG = 0 V, which leads to |VGS | = VDD (because
the source of the transistors is connected to VDD) and guarantees that |VDSsat| > |VDS |, as
desired. By changing the transistors width (W) is possible to change VRL

to the intended
value, and consequently change RL.

As stated in (2.18) and (2.19), the thermal noise generated by a MOS transistor is

43



3. WIDEBAND CASCODE BALUN-LNA 3.2. Circuit Implementation using CMOS 130 nm

given by I2n,MOS = 4kTγgm and the thermal noise generated by a resistor is given by
I2n,res = 4kT/R. Considering that for a transistor operating in triode region γ = 1,

I2n,MOS

I2n,res
=

4kTgm
4kT/R

= gm ·R. (3.40)

For example, to obtain a resistance of 400 Ω, in a PMOS device is necessary a gm ≈ 1.6

mS (for CMOS 130 nm technology) and a resistor of R = 400 Ω. Thus, from (3.40) is pos-
sible to conclude that I2n,MOS ≈ 0.64 · I2n, res, which means that a transistor operating
at triode generates less thermal noise than a resistor. Also, since the voltage gain of the
LNA is higher, the associated NF is lower, as stated in (2.23). Due to the high circuit op-
erating frequencies, the flicker noise is negligible. This analysis proves that using PMOS
transistors as active loads, instead of resistors, increases the overall LNA performance,
increasing the voltage gain and reducing the NF.

This increase of the load resistance, compared with traditional resistors, also con-
tributes to the increase of the LNA output impedance, since Rout = rCG ‖ RL. Since the
mixer of the AFE is current-driven, as will be shown later, the LNA’s output impedance
needs to be high in order to approximate an ideal current source and guarantee the mixer
proper functioning.

As disadvantages, the bandwidth of the LNA is lower due to the transistors capac-
itances that reduces the frequency of the pole of the output node (dominant pole), and
the linearity suffers a penalty mainly due to the improvement of the voltage gain and the
intrinsic nonliniarities of MOS transistors [28].

3.2 Circuit Implementation using CMOS 130 nm

Given that the typical impedance of an antenna is 50 Ω, the LNA was designed to have
the same input impedance, to allow the maximum power transfer, as referred in section
2.1.1. The circuit’s supply voltage is VDD = 1.2 V. The biasing current was chosen to be
1.5 mA and VRL

= 600 mV, in order to have high load resistance values while ensuring
the sufficient DC voltage to keep all the transistors in the active region. The cascodes
were designed to have a reasonable input impedance to allow the integration of the BPF
that will be studied in the next chapter. In order to be possible to achieve the desired fre-
quencies, all the transistors have the minimum channel length (L) allowed by the CMOS
130 nm technology, which is 120 nm. The capacitor CF = 5 pF and the resistor RF = 20

kΩ are intended to isolate the CG and CS stages at DC, allowing both stages to have a
DC operating point independent of each other. They act as a Highpass Filter (HPF) with
a bandwidth of approximately 1.6 MHz.

From (3.4) is possible to fix the transconductance ofM1, and consequently ofM2 (since
the voltage gain of both stages needs to be equal to achieve the CG full noise cancellation),
in 20 mS. Different gm−RL relations was studied in [4, 5] but they consume more power
and this LNA is intended to have low current consumption. The DC voltage VB,CG was
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chosen in order to keep the desired operation of the transistor and give some room to
implement a bias current source with a simple current-mirror. The DC voltage VB,CS is
used to adjust the DC current of M2 to the desired value of 1.5 mA. Finally, VB,Casc was
chosen to be equal to VDD in order to allow all transistors to operate in the active region
and ensure a low gm (and consequently an high input impedance) of the cascode devices.

With respect to the cascode transistors, they were projected to have an input impedance
of about 300 Ω. This impedance value was chosen considering the filter that will be
employed at the cascodes input, and will be detailed in the next chapter. Since this
impedance is given by (3.3), to achieve Rcasc ≈ 300 Ω is necessary to have gm,Casc ≈ 3.3

mS. Notice that if Rcasc is very large, gm,Casc needs to be very small and, since gm =

2ID/VDSsat and ID is fixed, VDSsat becomes very large. In order to keep all the transis-
tors in the active region VDS > VDSsat, so if the input impedance of the cascodes is very
large, the transistors VDS needs also to be very large and is more difficult to keep all the
transistors in the active region, because the supply voltage is limited to 1.2 V.

Simulation Results

To verify the LNA parameters equations that were previously analyzed, some simula-
tions were made taking into account the circuit constraints that were referred before. Ta-
ble 3.1 shows the transistors dimensions, used in the simulation, and their DC operating
points (operating region, DC current, VDSsat and gm).

Table 3.1: LNA parameters (CMOS 130 nm)

Transistor W (µm) L (µm) Region ID (mA) VDSsat (V) gm (mS)
M1 75.2 0.12 active 1.50 109.6 20.1
M2 230.4 0.12 active 1.52 77.8 27.3
M3 5.6 0.12 active 1.50 298.1 3.8
M4 5.6 0.12 active 1.52 301.2 3.7
M5 7.2 0.12 triode 1.50 -736.7 1.9
M6 7.2 0.12 triode 1.52 -737.5 1.9

The chosen bias voltages are VB,CG = 535 mV and VB,CS = 383 mV. Relatively to M1

and M2 dimensions, the difference of sizes is explained by the body effect that were
ignored in the theoretical analysis and affects the CG transistor, increasing its gain. To
compensate this problem is necessary to increase the CS transistor gm in order to obtain
the same voltage gain at both stages. To increase gm, VDSsat should be decreased (because
gm is inverse to this voltage, as referred previously), which leads to a larger transistor.
With respect to transistors M3 and M4, the high VDSsat is due to the lower gm that is
needed to achieve a node input impedance of about 300 Ω, as desired. Regarding the
load resistance RL (transistors M5 and M6), it was obtained a value of approximately 724

Ω for the desired voltage drop of VRL
= 600 mV. As expected, these transistors operate

at the triode region. If traditional resistors were used, RL = 600mV/1.5mA = 400 Ω,
resulting in a lower voltage gain and output impedance, and an higher NF.
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As shown in Figure 3.5, the LNA input impedance is about 74Ω for lower frequencies
and starts to decrease at higher frequencies, achieving the value of 60 Ω at 1 GHz, which
is different from the target (equation (3.4)). This difference is mainly due to the fact that
the output impedance of the CG transistor (rds,CG) is not much larger than the input
impedance of the cascodes (Rcasc), as assumed in (3.4). This leads to an increase of the
LNA input impedance, as stated in (3.2). The decrease of the LNA input impedance for
higher frequencies is related with the parasitic capacitances of the transistors, that were
neglected in the section 3.1.1. However, despite this deviation from the desired value, it
was obtained S11 < −10 dB for frequencies below 3.6 GHz, as shown in Figure 3.6, which
means that the input of the LNA is matched for these frequencies.
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Figure 3.5: LNA input impedance

The LNA voltage gain, illustrated in Figure 3.7, is approximately 27.4 dB for lower
frequencies. The LNA has a bandwidth of 2.36 GHz and for this design was considered
a working band between 300 MHz (due to NF as will be explained) and 1 GHz, which
is suitable for the desired applications. The low bandwidth (comparing with other simi-
lar designs [4, 28]) is related with the load PMOS devices, as explained before, and with
the cascode devices that also contributes with parasitic capacitances to the output node,
decreasing the dominant pole frequency. The difference between the theoretical and sim-
ulated voltage gain is explained by the output impedance. At (3.6) it was assumed that
Rcx >> RL, which was not verified during the simulations and has as consequence the
reduction of the voltage gain, because both resistances are in parallel. Also, the cascode
parasitic capacitances have a negative influence in the circuit’s voltage gain, due to the
reduction of the cascodes’ output impedance (rCx), and were not considered in the theo-
retical analysis.
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Figure 3.6: LNA S11 parameter
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Figure 3.7: LNA voltage gain

Regarding the NF, shown in Figure 3.8, it is below 1.84 dB for the working band (300
MHz - 1 GHz), which is a very acceptable value for this kind of LNA. Below 300 MHz
the NF is higher due to the effect of the flicker noise (explained in section 2.1.4.2) and
the filter composed by CF and RF . For higher frequencies it starts to increase, mainly as
consequence of the reduction of the voltage gain. For the theoretical expression (equation
3.37)) the noise excess factor (γ) was considered equal to one, due to the short channel
effects of the transistors. The target (1.96 dB) and the obtained NF at the LNA working
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Figure 3.8: LNA noise figure

band are quite similar, which proves that the flicker noise is negligible at high frequencies,
since it was not considered in the theoretical expression, and that all the approximations
made in the theoretical analysis are valid. The higher NF obtained in the theoretical
analysis, comparing with the simulation results, is explained by the use of PMOS devices
as load resistors in the simulated circuit, that decreases the LNA noise contributions as
mentioned before.

Concerning linearity, the LNA presents IIP2 = −2.3 dBm (Figure 3.9) and IIP3 =

−9.7 dBm (Figure 3.10). To perform this simulation, two pure sinusoids were placed at
the input of the LNA, spaced 20 MHz, f1 = 600 MHz and f2 = 620 MHz. As expected,
due to the high voltage gain, IIP2 and IIP3 are below 0 dB. Also, the nonlinearities of the
active loads, referred in section 3.1.4, contribute to the degradation of the LNA’s linearity.

3.3 Circuit Implementation using CMOS 65 nm

This circuit was dimensioned considering the same aspects as the 130 nm circuit. The
only difference is the input impedance of the cascode devices that was chosen to be ap-
proximately 100 Ω, which makes the circuit easier to dimension due to gm constraints
explained in the previous section. Also, it was chosen VB,CG = 560 mV, VB,CS = 347 mV
and VB,Casc = 980 mV. Obviously these values depend of the circuit characteristics and
since the used technologies are different the bias voltages need to be different. To allow
a direct comparison between the circuits of both technologies, the transistors length was
decided to be 120 nm, as well as in the previous section.

Table 3.2 shows the transistors dimensions for the LNA developed in 65 nm and their
DC operating points.
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Figure 3.9: LNA IIP2

Figure 3.10: LNA IIP3
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Table 3.2: LNA parameters (CMOS 65 nm)

Transistor W (µm) L (µm) Region ID (mA) VDSsat (V) gm (mS)
M1 86 0.12 active 1.50 73.1 19.8
M2 120 0.12 active 1.51 61.0 22.1
M3 20 0.12 active 1.50 145.6 9.9
M4 20 0.12 active 1.51 146.02 9.9
M5 5.85 0.12 triode 1.50 -785.2 1.7
M6 5.85 0.12 triode 1.51 -785.3 1.7

The analysis that was made in the previous section still valid to this circuit, since
the LNA response and characteristics are the same. The obtained simulation results are
referred in Table 3.3.

Table 3.3: LNA simulation results (CMOS 65 nm)

Freq. Volt. Gain NF S11 IIP2 IIP3 Power VDD Tech.
[GHz] [dB] [dB] [dB] [dBm] [dBm] [mW] [V] [nm]
0.3 - 1 > 28.8 < 4 < -19 > 145.3m > -14.4 ≈ 3.6 1.2 65

It was obtained a load resistance RL ≈ 770 Ω and a bandwidth of approximately 4.5
GHz. The bandwidth increase, comparing with the 130 nm circuit, is related with the
transistors switching frequency that is much higher for CMOS 65 nm technology due to
the smaller parasitic effects and allowed channel lengths.

3.4 Discussion

The equations derived in section 3.1 are intended to help to dimension the circuit, but do
not have into account the body effect of the CG transistor, the short-channel effects and
the parasitic capacitances of the transistors, that have a some influence in the circuit func-
tioning. For the specific case of the parasitic capacitances, that have an huge influence in
the LNA bandwidth, they can be reduced by decreasing the transistors size, if a faster cir-
cuit is needed. For example, the largest capacitance of a MOSFET, Cgs, is approximately
given by [15]

Cgs ∼=
2

3
WLCox, (3.41)

where Cox is the gate capacitance per unit area. On the other end, to avoid short channel
effects is necessary to increase the transistor’s channel length, which reduce the maxi-
mum operating frequency since f ∝ 1/L2.

However, despite the differences between the theoretical and simulation results, due
to the approximations that were made, the performance of the LNA is within the ex-
pected. A table with the LNA key parameters, for the circuits using both 130 nm and 65
nm CMOS technologies, is presented below.
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Table 3.4: LNA simulation results

Tech. Freq. Volt. Gain NF S11 IIP2 IIP3 Power VDD
[nm] [GHz] [dB] [dB] [dB] [dBm] [dBm] [mW] [V]
130 0.3 - 1 > 26.6 < 1.84 < -13.2 > -2.3 > -9.7 ≈ 3.6 1.2
65 0.3 - 1 > 28.8 < 4 < -19 > 145.3m > -14.4 ≈ 3.6 1.2

Since the 65 nm circuit’s resistanceRL is higher, the voltage gain is higher, as verified.
The obtained NF for the 65 nm is more than the double comparing with the 130 nm circuit.
This discrepancy is related with the technology properties and the BSIM models that were
used in the Cadence simulations, which are different for the two used technologies and
need to be studied to understand this effect. Both circuits are matched to the antenna’s
impedance, as expected. Due to the higher gain, the IIP3 of the 65 nm circuit is poorer
than of the 130 nm circuit, as explained in 2.1.5.2. The low IIP3 of this kind of LNA is
related with the nonlinearities of the load devices and the circuit’s high gain. Thus, is
possible to conclude that both circuits can accomplish the desired function but the 130
nm circuit is much better in terms of NF and IIP3, although its voltage gain and IIP2 are
slightly lower.
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4
High-Q Bandpass Filter

In order to attenuate out-of-band interferers that can corrupt the signals at the receiver’s
AFE, specially by saturating the LNA, an integrated high-Q Bandpass Filter (BPF), based
in [7–10], is employed in this work. As referred in section 2.5, this filter is based in a
passive current-driven mixer (introduced in section 2.4.2), which has very interesting
properties related with impedance transformation. For example, if the filter’s baseband
impedance is a low-Q LPF (e.g. a capacitor), the impedance at its input will be an high-Q
BPF, as shown in Figure 4.1, centered in the LO frequency, ωLO.

ω3dB ωLO 0 +ω3dB ωLO -ω3dB 0 

Figure 4.1: LPF to BPF transformation

Due to this characteristic, the resulting filter exhibits high impedance for the desired sig-
nal frequencies (near ωLO) and offers a low impedance path to interferers that are located
outside of the filter’s cutoff frequency [29]. This behavior makes this kind of circuit ideal
for wideband receivers were is desirable to have high-Q BPFs than can be precisely tuned
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4. HIGH-Q BANDPASS FILTER 4.1. Theoretical Analysis

according to the input signal’s frequency.

This chapter is structured as follows: a theoretical analysis of the filter is made and
the main equations for its characterization are derived and validated by simulation.

4.1 Theoretical Analysis

The basic structure of the proposed High-Q BPF is shown in Figure 4.2a. This filter is
driven by a LO that produces rail-to-rail non-overlapped square waves with a frequency
equal to ωLO and a duty cycle of 1/M , as shown in Figure 4.2b, where M is the number
of phases of the filter. The pulse width of each phase is equal to TLO/M , where TLO is the
period of the clocks. This means that only one of the M switches is ON at a specific clock
phase, i.e. the current that flows to one of the baseband impedances is equal to the RF cur-
rent, if the corresponding switch is ON, or zero, if it is OFF. Usually, the impedance ZBB
is a capacitor (CBB), as explained before. However, if higher bandwidth is required, a
parallel RC should be used to have a lower droop in the filter response across the desired
band [7].

ZBB ZBB

LO1 LO2 LOM-1 LOM

iR
F (t)

ZBB ZBB

(a)

LOM-1

LOM

LO1

LO2

(b)

Figure 4.2: (a) Single-ended N-phase High-Q BPF. (b) LO waveforms for a N-phase filter

Assuming that all the switches are ideal, with an ON resistance equal to RSW , the
input impedance of the filter described in Figure 4.2 is given by [8]

Zin(ω) = RSW +
1

M
ZBB(ω) +

M

π2
sin2

( π
M

)
× [ZBB(ω − ωLO) + ZBB(ω + ωLO)]

+
M

4π2
sin2

(
2π

M

)
× [ZBB(ω − 2ωLO) + ZBB(ω + 2ωLO)]

+
M

9π2
sin2

(
3π

M

)
× [ZBB(ω − 3ωLO) + ZBB(ω + 3ωLO)] + . . .

(4.1)

From the previous equation is possible to conclude that the input impedance is a transla-
tion of ZBB to the integer harmonics of the LO, with a scaling factor that is inverse to M,
as shown in Figure 4.3.

To simplify the filter analysis, and since the desired signals are located near ωLO, the
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0

ZBB(ω)

ω ωLO 2ωLO 3ωLO 

Figure 4.3: Single-ended M-phase high-Q BPF input impedance spectrum

DC and high order terms can be ignored, leading to

Zin(ω) ∼= RSW +
M

π2
sin2

( π
M

)
× [ZBB(ω − ωLO) + ZBB(ω + ωLO)] . (4.2)

Given this approximation, the filter’s input impedance is approximately equal to the
baseband impedance ZBB shifted to the LO frequency, in series with the switch resis-
tance RSW , resulting in a tunable BPF that is precisely controlled by the LO frequency,
as desired. This allows the implementation of this type of filters in wideband receivers,
where the frequency of interest can vary significantly. As explained before, (4.2) shows
that the low-Q baseband impedance is transferred to a high-Q RF impedance. This means
that if ZBB exhibits a very high impedance at DC (e.g. the impedance of a capacitor is
infinite at DC) the filter’s impedance will be ideally infinite at ωLO and for frequencies far
from the frequency of interest the filter’s impedance will be equal to RSW , because ZBB
diminishes.

Regarding the number of phases, a higher M increases the filter in-band impedance,
decreases the folding components gain and moves the closest folding frequency compo-
nent to (M−1)ωLO, avoiding the folding of interferers situated in some harmonics of ωLO
on top of the desired signal [8]. This means that to avoid image related problems M ≥ 4,
otherwise the closest folding frequency will be located at ωLO. The main disadvantages
of using an high M are the increase of the number of necessary switches, that results in
a larger Bill of Materials (BOM) and consequently increases the filter noise contributions,
and the complexity of the LO.

Since the switches are implemented with MOSFETs, operating in deep triode region
(VDS ≈ 0), the channel region behaves like a voltage controlled resistor RSW that, for a
NMOS device, is given by [15]

RSW ≈ rds =

[
∂ID
∂VDS

]−1

|VDS=0

=
1

µnCox
W
L (VGS − VTn)

(4.3)

For a constant transistor length (L), by increasing the transistor width (W) is possible to
decrease the resistance RSW and consequently the impedance Zin(ω) also decreases for
frequencies distant from ωLO (at ωLO the effect of RSW is neglected because the filter’s
impedance is very high), as expressed in (4.2). Since the filter’s out-of-band impedance is
equal to RSW , this resistance should be very low in order to obtain the maximum inter-
ferers attenuation. However, from (2.20) is possible to conclude that if RSW is decreased
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the thermal noise current generated by the filter increases, leading to an higher filter’s
noise contribution. The main advantage of operating at the deep triode region is that due
to this region properties the resulting filter is very linear.

4.1.1 Single-ended Version

A 4-phase single-ended high-Q BPF, identical to the presented in Figure 4.2, is proposed
to be employed at the input of the LNA studied in chapter 3. This circuit was designed to
filter the input signal, attenuating undesired signals located outside of the interest band,
and to contribute to the LNA input impedance matching.

LNA
ZLNA(ω) 

Filter
Zin(ω) 

IRF(ω) 

Figure 4.4: Equivalent circuit of LNA input connected to the proposed high-Q BPF

Consider that the LNA has an equivalent input impedance ZLNA(ω) and is in parallel
with the proposed filter, as shown in Figure 4.4. If a current IRF (ω) is flowing into the
circuit (Norton equivalent) the ratio between the RF voltage and the RF current is given
as

VRF (ω)

IRF (ω)
= ZLNA(ω) ‖ Zin(ω). (4.4)

Substituting Zin(ω) by (4.2), and for a number of phases M,

VRF (ω)

IRF (ω)
∼= ZLNA(ω) ‖

(
RSW +

M

π2
sin2

( π
M

)
× [ZBB(ω − ωLO) + ZBB(ω + ωLO)]

)
.

(4.5)

This means that for frequencies near ωLO the equivalent node impedance is approxi-
mately equal to ZLNA(ω), because the filter impedance is very high (ideally is infinite) as
explained before, and the filter will not have much impact on the desired RF signal. For
frequencies far fromwLO the node impedance isZLNA(ω) ‖ RSW , which is approximately
equal to RSW considering that RSW � ZLNA(ω). This small impedance attenuates un-
desired out-of-band interferers.
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Considering a particular case where ZLNA(ω) is a resistor RLNA and the filter’s base-
band impedances are capacitors CBB , (4.5) can be written as [8]

VRF (ω)

IRF (ω)
∼= RLNA
RLNA +RSW

×
[
RSW +

M2

π2 sin2
(
π
M

)
RLNA

1 + jM(RLNA +RSW )CBB(ω − ωLO)

]
. (4.6)

Analyzing (4.6) is possible to verify that the resulting filter consists in a BPF with the
equivalent LPF bandwidth given by

ω3dB
∼= 1

M(RLNA +RSW )CBB
. (4.7)

Considering that the filter is symmetric, as shown in Figure 4.1, its bandwidth is equal
to 2 · ω3dB and the Q factor is Q = ωLO/(2 · ω3dB), as referred in section 2.5. By increas-
ing M is possible to decrease the bandwidth and increase the filter sharpness (Q) by M
times. The bandwidth also depends of the LNA input impedance and the filter’s switches
resistance.

For the specific case of M = 4, that corresponds to the filter used in this work, and
considering that RLNA � RSW , the transfer function at ωLO is

VRF (ωLO)

IRF (ωLO)
∼=
RLNA

(
RSW + 8

π2RLNA
)

RLNA +RSW
≈ 8

π2
RLNA. (4.8)

This means that, comparing with the LNA circuit without the BPF, the circuit gain drops
by 8/π2 = −1.82 dB at ωLO. This reduction of the gain is due to the higher harmonics
effect [7], referred in (4.4), that were ignored during the filter analysis and makes the
impedance seen from the filter finite, contrarily to the expected. If M takes a larger value,
the circuit input impedance is higher, as stated in (4.6), which means that for higher M the
effect of high order harmonics is less noticeable. For frequencies far from ωLO the transfer
function is equal to RLNA ‖ RSW , as shown before, which means that the maximum
out-of-band attenuation depends of RSW . To achieve the filter maximum performance
RSW should be close to zero and RLNA should be much larger than RSW , to achieve the
maximum gain at ωLO, as stated in (4.8).

4.1.2 Differential Version

For the differential nodes of the LNA, a differential version of the high-Q BPF, shown
in Figure 4.5, should be employed. This filter has the same functioning as the single-
ended version but, since is differential, presents the double of the input impedance. Also,
since the number of necessary switches is doubled, the filter noise contributions increases
substantially.
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LO1 LO(M/2)+1 LOM/2 LOM

iRF(t)

LO1 LO(M/2)+1 LOM/2 LOM

+

ZBB

-

ZBBZBBZBB

Figure 4.5: Differential N-phase High-Q BPF

The input impedance of the differential filter is given by [8]

Zin(ω) = 2RSW +
2M

π2
sin2

( π
M

)
× [ZBB(ω − ωLO) + ZBB(ω + ωLO)]

+
2M

9π2
sin2

(
3π

M

)
× [ZBB(ω − 3ωLO) + ZBB(ω + 3ωLO)]

+
2M

25π2
sin2

(
5π

M

)
× [ZBB(ω − 5ωLO) + ZBB(ω + 5ωLO)] + . . .

(4.9)

which means that the differential filter cancels all the even harmonics (including DC), so
the impedance around these harmonics is approximately zero (assuming RSW ≈ 0). The
input impedance spectrum is shown in Figure 4.6.

0

ZBB(ω)

ω ωLO 2ωLO 3ωLO 

Figure 4.6: Differential M-phase high-Q BPF input impedance spectrum

An interesting property of this filter is the fact that the baseband impedances ZBB(ω)

of two phases separated by 180o can be replaced by a floating impedance of size 2ZBB(ω),
as shown in Figure 4.7. This is very useful, specially if the baseband impedances are
capacitors (CBB) because two capacitors can be replaced by a capacitor of size CBB/2,
which results in a reduction of the capacitors area by four times [8].
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ZBB ZBB

X Y

X Y

2ZBB

Figure 4.7: Differential N-phase High-Q BPF with floating impedances

4.2 Circuit Implementation

To verify if the filter has the expected response, a setup circuit with the following param-
eters was employed: RLNA = 100 Ω, RSW = 10 Ω, CBB = 50 pF, M = 4 and fLO = 600

MHz. The simulation was made through PSS (with the LOs fundamental tones and no
output harmonics) and PAC analysis, with a DC current source (with PAC magnitude
equals to one) connected to the filter’s input. The LOs produce the waveforms1 shown in
Fig. 4.2b, with 1.2 Vpp, an offset of 600 mV and rise and fall times of 10 ps. The employed
technology is CMOS 130 nm. Figure 4.8 shows the obtained results of the single-ended
version of the filter, as well as the expected response, derived in section 4.1.
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Figure 4.8: Prediction of (4.6) vs. simulation results for single-ended BPF

As shown in Table 4.1, the obtained results are within the expected. The differences
of the simulated and expected results are mainly due to the approximations that were
made in (4.6). If an higher number of phases (M) is used, the simulated and expected
results become more identical because, as referred before, for higher M the effect of the

1All of the LO waveforms used in this work are equal to this one, except for the fLO parameter.
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other harmonics (including DC) is less noticeable.

Table 4.1: Single-ended high-Q BPF results

Bandwidth [MHz] Q Zin @ fLO [Ω] Zin [Ω]a

Prediction 14.5 41.4 82.8 9.1
Simulation 16.1 37.3 75.9 10
a out-of-band

From this simulation is possible to conclude that the filter exhibits high Q factor values
that are very difficult to achieve using traditional external filters, as stated in section 2.5.

In order to understand the behavior of the studied topologies a simulation was made
with the previous setup, but with fLO = 300 MHz (Figures 4.9 and 4.10). As expected,
the single-ended filter input impedance is similar to the presented in Figure 4.8 and the
differential filter input impedance is approximately the double of the single-ended ver-
sion, as referred in (4.9). Also, the bandwidth of the differential filter is the double of
the single-ended for the same input circuit, which means that the differential filter has a
lower Q factor.
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Figure 4.9: Single-ended BPF response with fLO = 300 MHz

As shown in Figure 4.10, the differential filter cancels the even order harmonics, as
referred in section 4.1.2, leading to a lower degradation of the signal at the desired fre-
quency component (fLO), that occurs due to the high order harmonics effects.
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Figure 4.10: Differential BPF response with fLO = 300 MHz

4.3 Discussion

The presented high-Q BPF is a very good solution to employ in an integrated RF receiver
due to its circuit’s simplicity and reduced number of active devices. This circuit performs
the conversion from a low-Q LPF to an high-Q BPF that is precisely controlled by the LO
waveform, with a minimum penalty in the overall circuit voltage gain. This allows to
filter the undesired interferers located at out-of-band frequencies, avoiding the use of ex-
ternal filters that requires an external chip that occupies more area and is more expensive.
Since it is passive, this filter has almost no power consumption and flicker noise, leading
to very low noise contributions to the receiver.

For single-ended nodes of the receiver, a single-ended version of the filter should be
used, and for differential nodes there is the need to employ a differential filter. The main
advantages of the differential filter are the full cancellation of the even order harmonics
and the double input impedance, comparing with the single-ended version. However,
since this circuit has more active devices for the same number of phases, its complexity
and noise contributions are higher and the Q factor is lower, for the same circuit charac-
teristics.

Regarding the number of phases, increasing M increases the filter in-band impedance,
decreases the folding components gain, moves the closes folding frequency component
to (M − 1)ωLO and increases the number of filter’s active devices (increasing the filter
noise contributions) and the LO complexity. In this work is used M = 4, which is the
best compromise between the circuit overall performance and complexity.
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5
Complete Receiver

As mentioned before, a RF receiver performs the conversion of a RF input signal to a
signal, with lower frequency, that can be handled by an ADC and thereafter be processed
by a digital circuit. This work consists in the receiver indicated in Figure 5.1. A low-IF
receiver was chosen for this work due to its simplicity and the possibility to allow its
full integration in the same chip, as explained in section 2.2.3. The studied circuit only
represents one branch of the receiver. To avoid image related problems two identical
branches, which operate in quadrature, are required.

LNA
vRF

LO

BiRF iIF

TIA

ΣΔ Bout

or

(65 nm)

(130 nm)

Figure 5.1: Complete receiver

The receiver consists in a LNA, with integrated filtering, that amplifies the input sig-
nal, a current-driven mixer that converts the RF signal to a baseband signal, a end block
(B) and a LO that was not studied in this work. The end block can be either a TIA (studied
in section 5.3), that converts the current IF signal to a voltage signal, or a Σ∆ modulator
(studied in section 5.5), that directly converts the current IF signal to the digital domain,
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as shown in Figure 5.1. The receiver that uses the TIA was developed in CMOS 130 nm
technology and produces a baseband voltage that is proportional to the RF signal that en-
ters in the LNA. The 65 nm receiver has the same characteristics of the 130 nm circuit but
instead of a TIA it uses a current-mode Σ∆. Also, it uses a current buffer to perform the
interface between the mixer’s output and the Σ∆ input, as will be explained in section
5.4.

This chapter is structured as follows: first, the block composed by the LNA studied
in Chapter 3 and the high-Q BPF studied in chapter 4 is analyzed and validated through
simulation and both technologies are compared. Then, the mixer and the TIA are re-
viewed and the complete receiver, composed by those three blocks, is studied. Finally,
the current-buffer that performs the interface between the mixer and the Σ∆ is reviewed
and the complete receiver using the Σ∆ modulator is analyzed.

5.1 Balun-LNA with Integrated Filtering

One of the biggest concerns in modern RF receivers is the attenuation of undesired inter-
ferers that can corrupt the RF signal and saturate the LNA. To overcome this problem,
two high-Q BPF were integrated in the studied LNA circuit, as shown in Figure 5.2.

The input filter consists in a single-ended high-Q BPF (studied in section 4.1.1), that
also contributes to impedance matching. The filter at the input of the cascode stages is a
differential high-Q BPF (studied in section 4.1.2). Both filters have four phases (M = 4).

As explained before, this block was developed in 130 nm and 65 nm CMOS technolo-
gies. In the next sections both circuits will be presented, analyzed and compared.

5.1.1 LNA With Integrated Filtering using CMOS 130 nm

For this specific circuit both filters were designed in order to the complete block have
a bandwidth of approximately 6 MHz. The filters’ component values are described in
Table 5.1.

Table 5.1: Filters’ component values (CMOS 130 nm)

Filter W (µm) L (µm) RSW (Ω) CBB (pF)
Single-ended 16 0.12 28.6 200
Differential 8 0.12 74 55

W and L are the switches dimensions, RSW is the switches ON resistance and CBB is the
baseband capacitances value. The filters’ behavior is very influenced by the transistors
dimensions, as explained in chapter 4. For example, if the switches resistance is large, the
filter noise contributions will be small but the filter’s effect is less noticeable (less ampli-
fication at ωLO and less attenuation of undesired signals), comparing with a lower value
of RSW . The chosen L is 120 nm, which is the minimum size allowed by the technol-
ogy. Since the transistors operate as switches (triode region), the short channel effects are
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Figure 5.2: Cascode balun-LNA with integrated filters

negligible and this size allows the devices to operate at the maximum speed, because the
maximum operating frequency is inverse to L2.

5.1.1.1 LNA Response Analysis

By integrating the both filters in the LNA nodes is expected a frequency response similar
to the shown in Figure 4.8. Figure 5.3 shows the LNA voltage gain for three different
LO frequencies: 300 MHz, 600 MHz and 900 MHz. Due to the filters’ properties, ex-
plained before, at frequencies near fLO the input signal flows almost completely through
the LNA transistors, since the filters’ input impedance is very large. For frequencies far
from fLO the filters’ impedance is much lower than the impedance of the LNA nodes,
and consequently the signal flows almost completely through the filters, resulting in less
amplification of the undesired interferers.

From this simulation is possible to conclude that the LNA behaves like a BPF with
an high Q factor, since it has a low bandwidth and is centered in a high frequency. The
obtained bandwidths and Q factors are presented in Table 5.2.

As desired, the bandwidth is approximately 6 MHz for the entire LNA working band.
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Figure 5.3: LNA voltage gain, for multiple values of fLO, with both filters (CMOS 130nm)

Table 5.2: Filtered LNA bandwidths and Q factors (CMOS 130 nm)

fLO (MHz) 300 600 900
Bandwidth (MHz) 5.7 6.1 6.6

Q 52.6 98.4 136.4

The variation of this value along the frequency is mainly due to the parasitic capacitances
that are frequency dependent and affect the circuit bandwidth. Regarding the Q factor,
it grows almost linearly with the frequency and presents high values, as expected. Since
out-of-band signals are corrupted by the filters, the NF at those frequencies is very high,
as shown in Figure 5.4.

The S11 parameter has the same shape of NF because for out-of-band frequencies the
filters’ impedance is very low (approximately RSW ), and since the filters are in parallel
with the LNA nodes, the equivalent input impedance is very low, resulting in a poor
input matching and consequently an high S11.

By using this technique is possible to employ a narrowband widely tunable balun-
LNA, which means that the resulting circuit is a narrowband balun-LNA (with a band-
width of about 6 MHz) that can be tuned to operate over the entire working band of the
LNA of chapter 3 (0.3 – 1 GHz), by programming the LO waveform, according to the RF
input signal frequency.

5.1.1.2 LNA Frequency Sweep

In order to understand the effect of the filters in the LNA response, it was made a fre-
quency sweep, for the entire LNA working band, to analyze the different parameters –
voltage gain, NF, S11, IIP2 and IIP3. This frequency sweep was performed in three dif-
ferent configurations: using only the input filter, using only the cascode filter and using
both filters.
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Figure 5.4: LNA noise figure, for multiple values of fLO, with both filters
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Figure 5.5: LNA voltage gain at fLO

Comparing the voltage gain at fLO (Figure 5.5) with the voltage gain of the LNA only
(referred in Table 3.4) is possible to conclude that when both filters are used the gain drop
is about 3 dB in the worst case. This reduction of gain is related with the filter properties
described in section 4.1.1, i.e., due to the harmonics effect the filters’ impedance is not in-
finite at fLO, as desired, and consequently the signal of interest does not flow completely
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through the LNA. Also, (4.8) despises RSW that obviously has an influence in the circuit
voltage gain at this frequency. As expected, the voltage gain decreases with the increase
of the number of filters. A solution to overcome this problem is to increase the number
of phases of the filters, as explained before.

Table 5.3: LNA out-of-band voltage gain

Filter Input Filter Cascode Both Filters
Voltage gain [dB] 21.5 14.7 9.6

The out-of-band voltage gain (Table 5.3) is approximately 10 dB when both filters are
used, for the entire LNA working band, which means that the undesired signals suffer an
attenuation of approximately 14 dB, comparing with the signals at the desired frequen-
cies. One interesting property is the fact that by increasing the number of the filters the
out-of-band gain suffers a huge reduction while the gain at fLO is only slightly reduced.
This means that if is desired an higher interferers attenuation more filters can be inte-
grated in the receiver’s circuit, with a minor penalty in the voltage gain at the desired
frequencies.
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Figure 5.6: LNA NF at fLO

Regarding the NF (Figure 5.6), it is approximately 1.5 dB higher than the LNA only
(Table 3.4), when both filters are used, and has the same shape of Figure 3.8, due to the
reasons that were explained before. As stated in section 4.1, by increasing the number of
filters the NF also increases, due to the filters noise contributions. Also, the differential
filter contributes with more noise than the single-ended filter due to the higher number
of devices. The lower voltage gain (relatively to the LNA only) also increases the NF, as
stated in 2.23.
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Figure 5.7: LNA S11 at fLO

Concerning the input impedance matching, Figure 5.7 shows that the LNA is matched
to the antenna’s impedance for the entire working band, in the three configurations.
When both filters are used is possible to obtain S11 < −17 dB (that is 4 dB lower than the
LNA only). As shown in Figure 5.7, the input filter improves significantly the impedance
matching, as referred before, because it is in parallel with the LNA input. Thus, this fil-
ter’s component values are limited to certain values because its impedance has an huge
impact in the LNA input impedance.

Since the most filtering effect is achieved when both filters are used, the IIP2 and IIP3

analysis were performed for the LNA with both filter integrated. In order to understand
the influence of the filters in the even-order distortion and intermodulation problems,
two pure sinusoids were placed at the input of the LNA, one at fLO and another at fLO +
20 MHz. It is important to note that the LNA bandwidth is approximately 6 MHz.

As shown in Figure 5.8, it were obtained IIP2 > +22 dBm and IIP3 > −4 dBm,
significantly better comparing with the values of the LNA only (Table 3.4). These values
are very acceptable for a wide number of applications like Global System for Mobile
Communications (GSM) and DVB-H [30]. The decrease of these parameters’ values with
the frequency is mainly due to the LNA non-linearities that are most evident for higher
frequencies and to the increase of the bandwidth, as stated in Table 5.2, that reduces the
filter sharpness and allow closer interferers to corrupt the desired signal.

5.1.2 LNA With Integrated Filtering using CMOS 65 nm

Since the technology used in the circuit of this subsection is different from the previous
one, the component values need to be dimensioned again in order to achieve the desired
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Figure 5.8: LNA IIP2 and IIP3

performance and characteristics. However, the analysis that was made in the previous
subsection is valid for this one, since the circuit is the same.

Regarding the bandwidth, it was desired a value of approximately 4.5 MHz for the
LNA with integrated filtering, which leads to the filters’ components values presented in
Table 5.4.

Table 5.4: Filters component values (CMOS 65 nm)

Filter W (µm) L (µm) RSW (Ω) CBB (pF)
Single-ended 10 0.06 32.7 400
Differential 5 0.06 83.4 95

The chosen length (L) is 60 nm, which is the minimum size allowed by the technol-
ogy. In order to verify the circuit’s behavior, it was made a simulation identical to the
presented in Figure 5.3. The results are shown in Figure 5.9.

As expected, the circuit has the same behavior as the one analyzed in the previous
subsection. As referred in section 3.4, the voltage gain of the 65 nm circuit is higher than
the 130 nm circuit. Also, interferers suffer a lower attenuation, about 12 dB (comparing
with 14 dB), because the switches impedances (RSW ) of this circuit are higher, and from
(4.6) it is known that the out-of-band impedance of the studied high-Q BPF is given by
RLNA ‖ RSW . Table 5.5 presents the obtained bandwidth and Q factor.

The variation of the bandwidth is related with the parasitic effects explained before.
Since this circuit has a bandwidth lower than the 130 nm version, the resulting Q factor
is higher, which means that the CMOS 65 nm narrowband balun-LNA is more selec-
tive and can attenuate blockers that are located closer to fLO. Obviously, this property
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Figure 5.9: LNA voltage gain, for multiple values of fLO, with both filters (CMOS 65 nm)

Table 5.5: Filtered LNA bandwidth and Q factor (CMOS 65 nm)

fLO (MHz) 300 600 900
Bandwidth (MHz) 3.8 4.5 4.7

Q 79 133.3 191.5

depends entirely of the filters component values and the LNA nodes impedances, and
are unrelated with the used technology. In order to obtain the LNA response parameters,
simulations identical to the presented in section 5.1.1.2 were made. The results are shown
in Table 5.6.

Table 5.6: Narrowband balun-LNA simulation results (CMOS 65 nm)

Freq. V. Gain Atten.a NF S11 IIP2 IIP3 Power VDD
[GHz] [dB] [dB] [dB] [dB] [dBm] [dBm] [mW] [V]
0.3 - 1 > 24.8 b > 12 < 6.3 b < -17 b > 20.2 > -1.3 ≈ 3.6 1.2
a Out-of-band attenuation
b At fLO

Comparing this values with the obtained for the LNA only (Table 3.3) is possible to
verify that the voltage gain suffers a drop of about 4 dB in the worst case, the circuit’s NF
increases approximately 2 dB and IIP2 and IIP3 parameters are much better, due to the
introduced filtering. This difference in the circuit parameters is mainly due to the filters’
characteristics. As with the 130 nm circuit, the filters can be dimensioned according to
the system requirements.
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5.1.3 LNAs Comparison

Table 5.7 shows a comparison of the LNAs with both filters integrated, for CMOS 130 nm
and CMOS 65 nm technologies.

Table 5.7: Filtered LNAs comparison

Tech. V. Gaina Atten.b NFa S11
a IIP2 IIP3

[nm] [dB] [dB] [dB] [dB] [dBm] [dBm]
130 > 23.8 > 14 < 3.3 < -17 > 22 > -4
65 > 24.8 > 12 < 6.3 < -17 > 20.2 > -1.3

a At fLO
b Out-of-band attenuation

The operating frequency (0.3 – 1 GHz), VDD = 1.2 V and power consumption (3.6 mW)
are the same for both circuits. Analyzing Table 5.7 is possible to conclude that both LNAs
are identical. The 65 nm LNA has better voltage gain and a larger working band (this
property was not studied in this work since both circuits were design to operate at the
same frequencies), as explained in section 3.3. However, the NF of the 65 nm is practically
the double of the 130 nm, due to the reasons explained in section 3.4 that need to be
analyzed in a future work. Thus, and although both circuits can achieve the desired
function, the 130 nm circuit proved to be the best solution to employ in an integrated RF
receiver, only because of the obtained NF. By using this technique is possible to attenuate
out-of-band interferers at least 14 dB (comparing with the signals at fLO), avoiding the
use of external filters, with a minimum penalty in NF (about 1.5 dB in the worst case)
and in voltage gain (about 3 dB in the worst case), comparing with the LNA of chapter
3. The IIP2 and IIP3 simulations demonstrate that the interferers suffer a considerable
attenuation, avoiding distortion and intermodulation problems that have an huge impact
in modern RF receivers, specially in the LNA stage. The higher IIP3 of the 65 nm circuit
is due to the lower bandwidth, which allows to attenuate interferers that are closer to the
desired signal, comparing with the 130 nm circuit.

It was verified that exists a trade-off between the filters’ performance (fLO and out-
of-band impedances) and the NF of the overall circuit. Therefore, the filters’ dimensions
should be chosen according to the circuit specifications. The only purpose of the chosen
values for both circuits is to verify if they have the desired behavior.

5.2 Passive Mixer and Transimpedance Amplifier

The mixer that was employed in this receiver has the same properties of the filter studied
in chapter 4, and is shown in Figure 5.10. Due to the mixer operate in current mode,
its noise contributions are reduced and is very linear, as referred in section 2.4.2. Also,
the use of the TIA at the mixer’s output guarantees that the variation of the VDS of the
switches is reduced, which improves the circuit’s linearity.
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Since the best LNA performance was achieved with the 130 nm circuit, the mixer was
developed in that technology and the transistors have a channel length of 120 nm, due to
the reasons explained before.
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Figure 5.10: Mixer and TIA schematic

The mixer’s outputs are connected to an ideal TIA with an input impedance of 100

kΩ, a transimpedance gain Avi = 10 kΩ and a bandwidth of approximately 8 MHz.
The mixer has quadrature outputs in order to handle modern modulation schemes, has
four phases and needs to be driven by the same signal that clocks the two high-Q BPFs
that are integrated in the LNA, since it has the same behavior. Regarding the input,
the simulations that were made in this section consider that the mixer is driven by a
load equal to the studied LNA’s output impedance, RL ≈ 700 Omega. Since this node
is differential, the total equivalent resistance is approximately 1.4 kΩ. The mixer input
impedance is shown in Figure 5.11.

Due to the configuration represented in Figure 5.10 the mixer’s input presents a lower
impedance for frequencies near fLO and an higher impedance for frequencies far from
the desired. This means that the mixer behaves like a notch filter, i.e. allows the desired
signals (near fLO) to flow to the circuit and be shifted to the IF, since it presents a low
impedance at these frequencies, and attenuates the signals located at undesired frequen-
cies (far from fLO) due to the large input impedance. The mixer was projected to exhibit
a bandwidth identical to the LNA studied in section 5.1.1 and taking into account the
TIA’s bandwidth that was previously referred. Dimensions of W = 34.4µm, which leads
toRSW ≈ 61Ω, were obtained for a mixer’s bandwidth of 5.7 MHz, with fLO = 600 MHz.

By applying a differential current RF signal with Iin = 10 µA and fRF = 601 MHz at
the mixer’s input, fed by a LO with fLO = 600 MHz, the signal at the output of the TIA
can be seen in Figure 5.12.
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Figure 5.11: Mixer input impedance with fLO = 600 MHz
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Figure 5.12: TIA output signal

As expected, the I and Q signals are identical, with a difference of 90o in phase. The
output signal has a value of vout = 45.4 mV, with a frequency equal to fRF − fLO = 1

MHz. This IF value was chosen taking into account that a low-IF is desired in order to
relax the ADC requirements. The mixer’s conversion gain (CGmixer) is given by

CGmixer = 20 log

(
vout

iin ·Avi

)
= 20 log

(
45.4m

10µ× 10k

)
= −6.86 dB (5.1)
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Figure 5.13: Mixer NF with fLO = 1 GHz

Regarding the NF, it is lower than 6 dB for frequencies above 100 kHz and for all the
interesting IF values (hundreds of kHz to few MHz), as shown in Figure 5.13. For this
simulation it was considered fLO = 1 GHz, which is the maximum operating frequency
of the receiver and, as with the LNA (Figure 5.6), is the working frequency where the
circuit has more noise contributions, i.e. for the other fLO values between 0.3 GHz and
1 GHz, the mixer’s NF is lower than the presented in this simulation. These noise con-
tributions are mainly due to the thermal noise of the mixer’s switches. Since the mixer
is passive, the flicker noise is negligible (decoupling capacitors were placed between the
LNA and the mixer to guarantee that there is no DC current flowing in this path). In order
to reduce the NF, the transistors’ size can be reduced to increase RSW and consequently
decrease the transistors’ current thermal noise, as expressed in (2.20). However, reducing
RSW increases the circuit bandwidth (and reduces the Q factor) and decreases the mixer’s
interferers attenuation as stated in (4.8), since RSW becomes closer to the LNA’s output
resistance. It also reduces the CGmixer, because the mixer’s input impedance grows and
consequently the RF signal flows less to the mixer’s path, being attenuated. As with the
LNA, the mixer should be projected according to the system requirements.

For the IIP3 simulation, shown in Figure 5.14, was obtained a value of 17.45 dBm,
which means that the mixer can handle large interferers without corrupting the desired
signal and is very linear, as expected in a current-driven passive mixer. For this simula-
tion two pure sine waves were placed at the mixer’s input, spaced 20 MHz, f1 = 1001

MHz and f2 = 1021 MHz, with a LO frequency of fLO = 1 GHz. As with the LNA
(Figure 5.8), the lower IIP3 value was obtained for this frequency, for the same reasons.

A summary of the mixer’s parameters is presented in Table 5.8.
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Figure 5.14: Mixer IIP3 with fLO = 1 GHz

Table 5.8: Mixer parameters

CGmixer [dB] NF [dB] IIP3 [dBm] Tech. [nm]
−6.86 < 6 > 17.45 130

5.3 Complete receiver with Transimpedance Amplifier

To validate if the developed receiver has the desired behavior, the blocks that were an-
alyzed in the previous sections were combined, resulting in the circuit of Figure 5.15. It
is important to note that this analysis was made only for the circuit at 130 nm, since the
best results were achieved using this technology. The 65 nm receiver will be referred in
the next sections.

LO

LNA
vRF iRF iIF vIF

TIA

Figure 5.15: RF receiver with TIA

By placing a pure sinusoid with fRF = 601 MHz and vRF = 1 mV at the input of the
receiver, with fLO = 600 MHz, the obtained simulation result for the receiver’s output
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signal is shown in Figure 5.16. As expected, this signal is the same pure sine wave trans-
lated to 1 MHz (as shown section 5.2) and with an amplitude of vout ≈ 142 mV, which
means that the mixer’s output current is approximately 14.2 µA.
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Figure 5.16: Receiver output signal with one sine wave at the input

As with the mixer (section 5.2), the receiver highest NF is verified when fLO = 1 GHz.
The obtained simulations results can be seen in Figure 5.17.
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Figure 5.17: Receiver NF with fLO = 1 GHz

For the desired IF values (hundred of kHz to few MHz) was obtained a NF < 10 dB
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and for the IF used in this work (1 MHz) the receiver’s NF is approximately 6.9 dB.
The large growth of the NF at high frequencies is mostly related with the LNA’s noise
contributions that, as shown in Figure 5.4, are very large for frequencies far from fLO.
For lower frequencies the LNA noise contributions are reduced due to the BPF effect of
the integrated filters’ baseband capacitors. Such as the mixer, the receiver’s NF has an
huge peak at fLO, but this frequency is very far from the desired IF and consequently this
effect is insignificant.

To test the interferers attenuation two pure sinusoids were placed at the receiver’s
input, both with the same amplitude vRF = 1 mV, one at fRF1 = 601 MHz and another at
fRF2 = 621 MHz (acting as an out-of-band interferer). The time domain response (Figure
5.18a) shows that the output signal is a sine wave at 1 MHz, as expected, but with a little
amount of noise that was introduced by the second sinusoid (fRF2).
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Figure 5.18: Receiver output signal with two sine waves (a) time domain (b) DFT

By analyzing the signal Discrete Fourier Transform (DFT) (Figure 5.18b) is possible to
conclude that exist two frequency components. The desired, at 1 MHz, and an undesired
component at 21 MHz. This second component is the fRF2 translated to the baseband.
However, this component is very attenuated (is more than ten times smaller than the
desired signal) and has a minor effect in the output signal. This proves that the receiver
can handle larger interferers without affecting to much the desired signal, since they are
attenuated more than 20 dB comparing with the signal at fLO.

Regarding the receiver’s IIP3, it was obtained a value of 0.23 dBm, as shown in Figure
5.19. For this simulation two pure sine waves were placed at the receiver’s input, spaced
20 MHz, f1 = 602 MHz and f2 = 622 MHz, with fLO = 600 MHz. Contrary to the
IIP3 simulation of the previous section, the chosen IF is 2 MHz and the fLO is not 1

GHz, which is the frequency where the IIP3 has the worst value, theoretically. This
discrepancy is due to simulator constraints that does not allow to use the previous values.
However, this analysis still valid and allows to understand the receiver’s behavior.
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Figure 5.19: Receiver IIP3

5.4 Current-buffer

In order to avoid the use of a TIA, to convert the IF current signal to a voltage signal
before the digital part of the receiver, a current-driven Σ∆ modulator [6] was used in
this work, which allows to directly convert the signal at the mixer’s output to the dig-
ital domain. The Current-Buffer (CB) studied in this section is intended to perform the
interface between the receiver’s AFE and the Σ∆ modulator, as shown in Figure 5.20.
This circuit is essential to guarantee the receiver proper functioning, since both blocks
(mixer and Σ∆) have different impedances, which causes the second circuit to load the
first one an consequently interfere with its operation. Also, this CB can provide current
gain (or attenuation) to allow the tuning of both circuits and ensure that the Σ∆ operates
at full-scale when the RF signal at the AFE’s input is maximum.

ΣΔ Bout

Iref

C.B.

LO

LNA
vRF iRF iIF K· iIF

Figure 5.20: RF receiver schematic with CB and Σ∆
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5.4.1 Theoretical Analysis

The studied CB [31, 32], presented in Figure 5.21, consists in a flipped voltage follower
current sensor (FVFCS) that operates as current mirror.

VDD

Vb,P

Vb,P

Vb,N

Ibias iin

iout

M1 M2

M3

M4 M5 M6

Figure 5.21: Current-buffer schematic

The transistor M3 is in a feedback loop, with unitary gain, and does not conduct any
AC current. This allows the circuit to have a very low input impedance, given by [32]

Rin ≈
1
gm3

(
1 + rds5

rds3

)
‖ rds1

gm1 (rds5 ‖ gm3 · rds3 · rds1)
, (5.2)

where gmi and rdsi are the transconductance and output resistance of transistor Mi, re-
spectively. For the specific case where rds3 ≈ rds5,

Rin ≈
2

gm1 · gm3 · rds3
. (5.3)

The output impedance of this configuration is given by

Rout ≈ rds2 ‖ rds6, (5.4)

which leads to an high output impedance. Since an ideal current buffer has null input
impedance and infinite output impedance (as an ideal current source), this circuit be-
haves almost like an ideal current buffer and is expected a minimum interference in the
AFE and Σ∆ circuits.

By changing the bias current (Ibias) is possible to modify the input and output impedances,
since gm ∼= 2ID/VDsat and rds ∝ L/ID [15], with ID = Ibias for the the input stage and
ID = Ibias/k for the output stage, where k is the CB multiplication factor. If Ibias increases,
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the input impedance decreases and the output impedance also decreases, but the circuit’s
power consumption increases.

As explained before, this circuit has unitary gain, due to the feedback of the transistor
M3. However, the current range of the AFE circuit is usually different from the Σ∆ and
there is the need to scale the gain of the CB. This can be achieved by changing the relation
of the transistors M1 − M2 and M5 − M6. For example, if it is desired iout = k · iin,
WM2 = k ·WM1 and WM6 = k ·WM5, where WMi is the channel width of the transistor
Mi . Thus, is possible to scale the current that passes through de output stage devices by
a factor of k, relatively to the current of the input stage.

Regarding the supply voltage, this circuit can operate with very low values, since the
maximum supply voltage (VDD) necessary to guarantee that all transistors operate in the
active region is given by the sum of the DC voltages of the input stage,

VDD,min = VGS,M1 + VDsat,M5 = 2VDsat + VTn. (5.5)

For 65 nm CMOS technology, VTn ≈ 300 mV. Obviously, a margin should be added to
VDD in order to guarantee that all the transistors are operating in the active region (VDS >
VDsat).

5.4.2 Simulation Results

Given that the mixer and Σ∆ circuits are differential, two identical CB (Fig. 5.21) were
used for the interface between these two circuits. However, this analysis only consider
one CB, for simplicity. This circuit was developed in CMOS 65 nm because the used Σ∆

was designed in this technology and all receiver’s blocks need to use the same technol-
ogy, in order to be possible to have a fully integrated RF receiver. To avoid short channel
effects, and considering that this circuit operates at relatively low frequencies, all the
transistors have a length of 150 nm. The dimensions and key parameters of all transistors
are presented in Table 5.9.

Table 5.9: Current-buffer parameters

Device W (µm) L (µm) ID (µA) VDsat (mV) gm (µS)
M1 5 0.15 21.3 54 374
M2 1.1 0.15 6.5 58 108.3
M3 4 0.15 20 61 321.3
M4 17 0.15 15 59 315.2
M5 17 0.15 19.9 60 411.4
M6 5.3 0.15 6.6 61 133.9

Since the bias current is small (Ibias = 15µA), the transistors need to have a low VDsat

due to channel width limitations (specially the transistor M2 that carries lower current).
A possible solution to this restriction is increase Ibias but it leads to a decrease of the
output impedance and more power consumption, as previously referred. Regarding the
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input and output impedances, were obtained Rin ≈ 500 Ω and Rout ≈ 140 kΩ, which
means that the CB has a behavior similar to an ideal current source (relatively low input
impedance and high output impedance).

Comparing the devices M1 and M2 is possible to conclude that k ≈ 0.3, which means
that the current at the output of the AFE is attenuated in order to the Σ∆ reach the full-
scale and does not saturate, as will be demonstrated in the next section. In order to verify
if the CB operation is within the expected, a pure sinusoid with iin = 30 µA and f = 400

kHz was injected in the circuit’s input. The simulation results are shown in Figure 5.22.
Comparing the input and output signals is possible to conclude that both signals have
the same frequency and iout ≈ 0.3 · iin, as desired. The phase shift of the output signal is
due to the CS transistor.
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Figure 5.22: Current-buffer time response

5.5 Complete receiver with Sigma-Delta Modulator

The employed Σ∆ modulator, referred in [6], consists in a current-mode passive second-
order continuos-time Σ∆, which allows to convert an analog current signal directly to
the digital domain, avoiding the use of a TIA that introduces noise and increases the
chip area and cost. In order to understand the circuit’s behavior when it is fed by an
ideal current source, an ideal sine wave was placed at its inputs, with iin = 7.5 µA and
fin = 420 kHz, with the Σ∆ reference current equals to Iref = 10 µA and a supply
voltage of VDD = 1 V. The obtained Fast Fourier Transform (FFT) is presented in Figure
5.23. Operating at full-scale, the Σ∆ has a resolution of 7.6 bits and an Signal-to-noise
and Distortion Ratio (SNDR) = 47.5 dB. These results will serve as base of comparison to
the complete receiver.
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Figure 5.23: Output spectrum of the Σ∆ modulator fed by an ideal current source

As referred before, the receiver studied in this section (Figure 5.20) is identical to the
receiver studied in section 5.3, without the ideal TIA block, but developed using CMOS
65 nm technology instead of CMOS 130 nm. Since both circuits have the same character-
istics, the receiver of this section was not studied (except the LNA block in section 5.1.2)
and its only purpose is to verify if is possible to integrate the Σ∆ at the receiver’s output.
For the complete receiver, shown in Figure 5.20, which uses the studied LNA and mixer,
and with a CB supply voltage of 1 V, the Σ∆ FFT shown in Fig. 5.24 was obtained. For
this simulation a pure sine wave with vRF = 880 µV and fRF = 600.42 MHz was placed
at the receiver’s input. The LO has a frequency of fLO = 600 MHz, which leads to a IF of
420 kHz.

Comparing with Figure 5.23, the ENOB decreases 1.4 bits, to 6.2 bits, and the SNDR
decreases 8.6 dB, to 38.9 dB. This penalty in performance is expected because the AFE in-
troduces a reasonable amount of noise to the desired signal and the CB has not null input
impedance and infinite output impedance, like an ideal current buffer, and consequently
has influence in the Σ∆ behavior, comparing with an ideal current source. For this supply
voltage, the CB DC power consumption (for the single-ended version) is about 42 µW.

As referred in section 5.4.1, the CB can theoretically operate with very low supply
voltages, in the order of milivolts. To analyze that characteristic, the supply voltage was
reduced by a 100 mV step from 1 V to 400 mV, while keeping the same transistors size.
The obtained results are presented in the Table 5.10.

For 400 mV it was impossible to guarantee that all the transistors operate in the active
region and the resulting simulation was very poor. From 900 mV to 500 mV the obtained
results are practically the same, with a penalty of 0.3 bits in the ENOB and 2 dB in SNDR.
This means that the circuit performance does not depend of the supply voltage and is
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Figure 5.24: FFT of Σ∆ modulator driven by the complete studied receiver

Table 5.10: FFT of Σ∆ modulator for sub-1V supply voltages

VDD (mV) SNDR (dB) THD (dB) ENOB
900 37.8 -44.2 6.0
800 37.8 -47.2 6.0
700 37.1 -44.1 5.9
600 36.2 -43.3 5.7
500 35.8 -42.3 5.7

only necessary to guarantee that all the transistors operate in the desired region.
With VDD = 500 mV, the CB DC power consumption (for the single-ended version) is

about 21 µ W, which is the half comparing with the simulation with VDD = 1 V.
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6.1 Conclusions

With the increase of wireless communications the frequency spectrum is becoming very
crowded, leading to more interferences. To overcome this problem is necessary to employ
filters that reject the unwanted signals at the receiver’s input. However, traditional filters
(e.g. SAW filters) are difficult to integrate in the receiver due to its complexity and area,
which makes impossible to employ an IC with the complete receiver, and have associated
problems related with impedance matching and cost.

In this work a wideband RF receiver was presented, based on the integration of high-
Q passive BPF filters in circuit nodes. To achieve the desired attenuation, two high-Q
BPF, based in a current-driven passive mixer, were integrated in a wideband balun-LNA
nodes. One at the input, that also contributes to the impedance matching, and another at
the cascodes’ input nodes. The mixer also performs some filtering due the current-driven
characteristics.

Regarding studied BPF, simulation results demonstrate that this filter is programmable
and can be precisely tuned by the LO, with a penalty of about −1.82 dB in the overall cir-
cuit gain, for a filter with four phases. This filter presents an high Q factor and, since it
is passive, has almost no DC power consumption and flicker noise, leading to low noise
contributions. By employing a differential version of the filter is possible to filter signals
located at the LO even order harmonics frequencies and obtain the double of the filter
input impedance, comparing with the single-ended filter.

The integration of the studied high-Q BPF in the wideband balun-LNA allows to ob-
tain a widely tunable narrowband balun-LNA that can attenuate out-of-band interferers
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about 14 dB (for the 130 nm circuit), with respect to signals located at fLO, with a mini-
mum penalty in the circuit voltage gain and NF (3 dB and 1.5 dB respectively), compar-
ing with the LNA only. Regarding the distortion and the nonlinearities, it was obtained
IIP2 > +22 dBm and IIP3 > −4 dBm, which are significantly better values comparing
with the LNA only and proves that the integration of the filters in the LNA increased
the circuit linearity and allows to attenuate interferers located near the interesting fre-
quency. Since the filters are passive, the LNA power consumption remains piratically
the same. By employing this technique is possible to avoid the use of external filters at
the input/output of the LNA, which require a multi chip circuit that has area and cost
penalty. Thus, is possible to reduce the overall circuit area and costs, and allow the full
integration of the receiver in the same chip. It was verified that exists a trade-off between
the filters’ performance and the NF of the LNA block, i.e. an increase of the filters’ out-of-
band attenuation leads to a reduction of the voltage gain at the desired frequencies and
to the increase of the circuit’s NF. Therefore, the filters should be projected according to
the system specifications. A comparison between the used technologies (CMOS 130 nm
and CMOS 65 nm) shows that both circuits have the intended operation but the 130 nm
circuit is much better in terms of NF (about the half comparing with the 65 nm circuit).

Regarding the 130 nm mixer, was obtained a conversion gain of about −6.9 dB, NF
< 6 dB and IIP3 > 17.45 dBm, which means that the mixer is very linear and can handle
large out-of-band interferers without corrupting the desired signal.

Simulation results of the complete receiver AFE, using CMOS 130 nm technology,
show an IIP3 = 0.23 dBm and a NF < 10 dB for IFs of interest. For an interferer located
at 20 MHz of the desired signal, with the same amplitude, was obtained an attenuation of
more than 20 dB, comparing with the signal of interest. with an attenuation of interferers
located at 20 MHz from the desired signal of 20 dB. This receiver was projected to work
at frequencies between 0.3 GHz and 1 GHz.

To allow the direct conversion of the current signal at the mixer’s output to the digital
domain, a current-mode Σ∆ was employed in the receiver. To perform the interface
between the mixer and the Σ∆, a CB with high dynamic range was developed, which
prevents that the Σ∆ loads the mixer, due to the different impedances of both blocks, and
affects its functioning. This CB also allows to scale the current at the mixer’s output in
order to the Σ∆ operate at full-scale when the signal at the receiver’s input is maximum.

The complete RF receiver, developed in 65 nm, causes a drop of 1.4 bits in the Σ∆ res-
olution, comparing with the Σ∆ driven by an ideal sine wave, being possible to achieve a
resolution of 6.2 with CB and Σ∆ supply voltages of 1 V. Regarding the SNDR, it was ob-
tained a value of 38.9 dB. This penalty is due to the noise introduced by the AFE and the
CB and the fact that the CB has not null input impedance and infinite output impedance,
as ideally desired. This means that the receiver AFE can be directly connected to a Σ∆

modulator without the use of additional blocks, like a TIA, that introduce more noise to
the circuit and increase the chip area and cost.
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6.2 Future Work

The realization of this work has introduced some interesting topics that can be further
improved.

The widely tunable narrowband balun-LNA can be optimized for a specific applica-
tion and compared with other existing circuits in order to understand the real advantages
of this circuit.

The receiver with the Σ∆ modulator could be investigated and tuned in order to
obtain a better overall performance and to understand the influence of the Σ∆ in the
AFE behavior.

Since this work consisted only in theoretical and simulation results, future work
should include the IC manufacture to validate the obtained results through measure-
ments.

Finally, a future work can consist in the design of the RF transmitter for a complete
transceiver front-end.

87



6. CONCLUSIONS AND FUTURE WORK

88



Bibliography

[1] B. Razavi. RF Microelectronics. en. Prentice Hall, Sept. 2011.

[2] B. Razavi. Design of Analog CMOS Integrated Circuits. en. Tata McGraw-Hill, Oct.
2002.

[3] L. B. Oliveira, J. R. Fernandes, I. M. Filanovsky, C. J. M. Verhoeven, and M. M. Silva.
Analysis and Design of Quadrature Oscillators. en. Springer, Nov. 2010.

[4] S. Blaakmeer, E. Klumperink, D. Leenaerts, and B. Nauta. “Wideband Balun-LNA
With Simultaneous Output Balancing, Noise-Canceling and Distortion-Canceling”.
In: IEEE Journal of Solid-State Circuits 43.6 (2008), pp. 1341–1350.

[5] S. C. Blaakmeer, E. A. M. Klumperink, D. M. W. Leenaerts, and B. Nauta. “The
Blixer, a Wideband Balun-LNA-I/Q-Mixer Topology”. In: IEEE Journal of Solid-State
Circuits 43.12 (Dec. 2008), pp. 2706–2715. (Visited on 01/24/2014).

[6] P. Sniatala, M. Naumowicz, J. de Melo, N. Paulino, and J. Goes. “A Hybrid Current-
Mode Passive Second-Order Continuous-Time SD Modulator”. In: Mixed Design of
Integrated Circuits Systems (MIXDES), 2014 Proceedings of the 21st International Con-
ference. June 2014, pp. 117–120.

[7] A. Mirzaei and H. Darabi. “Analysis of Imperfections on Performance of 4-Phase
Passive-Mixer-Based High-Q Bandpass Filters in SAW-Less Receivers”. In: IEEE
Transactions on Circuits and Systems I: Regular Papers 58.5 (2011), pp. 879–892.

[8] A. Mirzaei, H. Darabi, and D. Murphy. “Architectural Evolution of Integrated M-
Phase High-Q Bandpass Filters”. In: IEEE Transactions on Circuits and Systems I: Reg-
ular Papers 59.1 (2012), pp. 52–65.

[9] A. Ghaffari, E. Klumperink, M. C. M. Soer, and B. Nauta. “Tunable High-Q N-Path
Band-Pass Filters: Modeling and Verification”. In: IEEE Journal of Solid-State Circuits
46.5 (May 2011), pp. 998–1010.

[10] A. Ghaffari, E. Klumperink, and B. Nauta. “A Differential 4-Path Highly Linear
Widely Tunable On-Chip Band-Pass Filter”. In: 2010 IEEE Radio Frequency Integrated
Circuits Symposium (RFIC). May 2010, pp. 299–302.

89



BIBLIOGRAPHY

[11] M. Fernandes, L. B. Oliveira, and J. P. Oliveira. “A Widely Tunable Narrowband
Balun-LNA with Integrated Filtering”. In: Mixed Design of Integrated Circuits Sys-
tems (MIXDES), 2014 Proceedings of the 21st International Conference. June 2014, pp. 160–
165.

[12] R. Ludwig and P. Bretchko. RF Circuit Design: Theory and Applications. en. Prentice-
Hall, 2000.

[13] D. M. Pozar. Microwave Engineering. en. John Wiley & Sons, 2012.

[14] A. S. Sedra and K. C. Smith. Microelectronic Circuits: International Edition. en. OUP
USA, July 2010.

[15] T. C. Carusone, D. A. Johnson, and K. W. Martin. Analog Integrated Circuit Design.
en. John Wiley & Sons, Limited, 2012.

[16] A. Abidi. “High-Frequency Noise Measurements on FET’s with Small Dimensions”.
In: IEEE Transactions on Electron Devices 33.11 (Nov. 1986), pp. 1801–1805.

[17] Y. Tsividis. Operation and Modeling of the MOS Transistor. en. Oxford University
Press, 1999.

[18] H. Friis. “Noise Figures of Radio Receivers”. In: Proceedings of the IRE 32.7 (July
1944), pp. 419–422.

[19] R. Hartley. “Modulation System”. Pat. US 1666206. Apr. 1928.

[20] D. Shaeffer and T. Lee. “A 1.5-V, 1.5-GHz CMOS Low Noise Amplifier”. In: IEEE
Journal of Solid-State Circuits 32.5 (May 1997), pp. 745–759.

[21] D. Allstot, X. Li, and S. Shekhar. “Design Considerations for CMOS Low-Noise
Amplifiers”. In: 2004 IEEE Radio Frequency Integrated Circuits (RFIC) Symposium,
2004. Digest of Papers. June 2004, pp. 97–100.

[22] A. Mirzaei, H. Darabi, J. Leete, X. Chen, K. Juan, and A. Yazdi. “Analysis and Opti-
mization of Current-Driven Passive Mixers in Narrowband Direct-Conversion Re-
ceivers”. In: IEEE Journal of Solid-State Circuits 44.10 (2009), pp. 2678–2688.

[23] D. Kaczman, M. Shah, M. Alam, M. Rachedine, D. Cashen, L. Han, and A. Ragha-
van. “A Single-Chip 10-Band WCDMA/HSDPA 4-Band GSM/EDGE SAW-less CMOS
Receiver With DigRF 3G Interface and 90 dBm IIP2”. In: IEEE Journal of Solid-State
Circuits 44.3 (Mar. 2009), pp. 718–739.

[24] B. Gilbert. “A Precise Four-Quadrant Multiplier with Subnanosecond Response”.
In: IEEE Journal of Solid-State Circuits 3.4 (Dec. 1968), pp. 365–373.

[25] I. Hunter. Theory and Design of Microwave Filters. en. IET, Jan. 2001.

[26] I. Hunter, A. Guyette, and R. D. Pollard. “Passive Microwave Receive Filter Net-
works Using Low-Q Resonators”. In: IEEE Microwave Magazine 6.3 (Sept. 2005),
pp. 46–53.

90



BIBLIOGRAPHY

[27] L. E. Franks and I. W. Sandberg. “An Alternative Approach to the Realization of
Network Transfer Functions: The N-Path Filter”. en. In: Bell System Technical Journal
39.5 (Sept. 1960), pp. 1321–1350. (Visited on 06/19/2014).

[28] I. Bastos, L. Oliveira, J. Goes, and M. Silva. “MOSFET-Only Wideband LNA with
Noise Cancelling and Gain Optimization”. In: Mixed Design of Integrated Circuits and
Systems (MIXDES), 2010 Proceedings of the 17th International Conference. June 2010,
pp. 306–311.

[29] A. Mirzaie, A. Yazdi, Z. Zhou, E. Chang, P. Suri, and H. Darabi. “A 65nm CMOS
Quad-Band SAW-Less Receiver for GSM/GPRS/EDGE”. In: 2010 IEEE Symposium
on VLSI Circuits (VLSIC). 2010, pp. 179–180.

[30] R. Roovers, D. Leenaerts, J. Bergervoet, K. Harish, R. van de Beek, G. van der Weide,
H. Waite, Yifeng Zhang, S. Aggarwal, and C. Razzell. “An Interference-Robust
Reeiver for Ultra-Wideband Radio in SiGe BiCMOS Technology”. In: IEEE Journal
of Solid-State Circuits 40.12 (Dec. 2005), pp. 2563–2572. (Visited on 08/27/2014).

[31] W. Sansen, M. Steyaert, V. Peluso, and E. Peeters. “Toward Sub 1 V Analog In-
tegrated Circuits in Submicron Standard CMOS Technologies”. In: Solid-State Cir-
cuits Conference, 1998. Digest of Technical Papers. 1998 IEEE International. Feb. 1998,
pp. 186–187.

[32] R. Carvajal, J. Ramirez-Angulo, A. Lopez-Martin, A Torralba, J. Galan, A Carlosena,
and F. Chavero. “The Flipped Voltage Follower: a Useful Cell for Low-Voltage Low-
Power Circuit Design”. In: IEEE Transactions on Circuits and Systems I: Regular Papers
52.7 (July 2005), pp. 1276–1291.

91



BIBLIOGRAPHY

92



A
Published Paper

"A Widely Tunable Narrowband Balun-LNA with
Integrated Filtering"

93



A. PUBLISHED PAPER

94



A Widely Tunable Narrowband Balun-LNA with
Integrated Filtering

Miguel Fernandes, Luı́s B. Oliveira, João P. Oliveira
Centre for Technologies and Systems (CTS) - UNINOVA

Dept. of Electrical Engineering (DEE), Universidade Nova de Lisboa (UNL)
2829-516 Caparica, Portugal

Email: mdm.fernandes@campus.fct.unl.pt, {l.oliveira,jpao}@fct.unl.pt

Abstract—A cascode balun-LNA with integrated out-of-band
filtering for radio applications between 300 MHz and 1 GHz
is proposed. First the high-Q bandpass filter (BPF) and the
low noise amplifier (LNA) are analyzed, separately, in order to
understand its characteristics and how both circuits can operate
together. To allow maximum out-of-band interferers attenuation
a single-ended and a differential filters are used in LNA, at the
input and at the cascode devices, respectively. Using standard
130 nm CMOS technology operating at 1.2 V supply voltage, we
obtained a voltage gain greater than 23.7 dB, noise figure (NF)
lower than 3.3 dB, IIP2 > + 22 dBm and IIP3 > − 4 dBm. For
out-of-band frequencies the interferers are attenuated, at least,
by 14 dB relatively to the desired signals.

Index Terms—CMOS, discrete filter, high-Q bandpass filter,
impedance transformation, inductorless LNA, noise cancellation,
N-path filter, SAW-less, tunable LNA, wideband matching.

I. INTRODUCTION

One of the major problems of radio receivers are the out-
of-band interferers, which can corrupt the desired signal. In
narrowband receivers this problem is solved with external
filters that are tuned for a specific frequency, but this kind
of approach is ineffective for wideband receivers since a large
number of frequencies are covered so it would be necessary
to have multiple front-ends for the various bands. Using the
filtering techniques presented in [1], [2] together with a balun-
LNA is possible to avoid external filters, as SAW filters, since
the filter band is precisely controlled by a clock frequency,
thus resulting in a tuned narrowband LNA that works over
a wide range of frequencies. The used LNA is based on [3]
and accomplish conversion from single-ended to differential
(balun), while performing noise cancellation, and wideband
input matching through a common-gate (CG) stage, which is
essential for wideband receivers. In order to achieve a higher
voltage gain and a lower NF we use active loads in the LNA
instead of the traditional resistors.

In this paper we propose, as far as the authors knowledge,
the first balun-LNA with embedded N-path filtering which
consists in a single-ended filter, that also contributes to input
impedance matching, and a differential filter, in order to
attenuate the out-of-band interferers.

This work was supported by national funds through FCT - Portuguese Foun-
dation for Science and Technology under projects PEst-OE/EEI/UI0066/2011
and DISRUPTIVE (EXCL/EEI-ELC/0261/2012).

The paper is structured as follows. Section II reviews the
high-Q BPF to show its characteristics and analyze the filter
response and the influence of the number of phases on its
behavior, in order to understand how it can be integrated
in the LNA circuit. Section III reviews the balun-LNA and
presents some modifications that were made to the circuit and
the simulation results. In section IV we analyze the simulations
results obtained for the filtered LNA and its advantages and
drawbacks compared with the previous section. Finally, section
V presents conclusions.

II. INTEGRATED HIGH-Q BANDPASS FILTER

The filter described in this section consists in a current-
driven passive mixer, which performs impedance transfor-
mation. This is possible because this kind of mixer has no
reverse isolation, which allows the frequency-translation of
the baseband voltage to around ωLO (and its odd harmonics)
[4] that is precisely controlled by the local oscillator (LO)
frequency. For example, if the baseband impedance (ZBB) is
a low-Q lowpass filter (LPF), the RF side impedance will be a
high-Q BPF with a center frequency equals to ωLO, as shown
in Fig. 1. Therefore, this filter exhibits high-impedance for
the desired signal frequencies (near ωLO) and offers a low-
impedance path to interferers that are located outside the filter
cutoff frequency [5]. These characteristics makes this kind of
filters ideal for wideband receivers where is desirable to have
high-Q BPFs that can be precisely tuned according to the input
signal frequency.

Since the filter is passive it is low power and has no flicker
noise, because it is proportional to the bias current [6].

ω3dB ωLO 0 +ω3dB ωLO -ω3dB 0 

Fig. 1. LPF to BPF transformation
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Fig. 2. (a) Single-ended 4-phase High-Q BPF. (b) LOs waveform for a 4-phase filter

A. M-Phase Filtering

The basic structure of a High-Q BPF filter is shown in
Fig. 2a. The ZBB impedance is usually a capacitor (CBB)
or, if wider bandwidth is required, a parallel RC [5]. The LO
produce rail-to-rail non-overlapped square waves with a ωLO
frequency and a duty cycle of 1/M , as shown in Fig. 2b,
where M is the number of phases of the filter.

Assuming that the switches are ideal with an on resistance
equals to RSW , the impedance of a single-ended M-phase
high-Q BPF, for the frequency of interest ωLO, is given by
[1]:

Zin(ω) ∼= RSW +
M

π2
sin2

( π
M

)

× [ZBB(ω − ωLO) + ZBB(ω + ωLO)]
(1)

From the above equation is possible to note that a higher
M increases the filter in-band impedance and from previous
works [1] it is known that a higher M decreases the folding
gain and moves the closest folding frequency component to
(M − 1)ωLO, avoiding the folding of interferers situated in
some harmonics of ωLO on top of the desired signal. To
prevent image problems it is recommended to use at least
M = 4.

For a MOS device, if VDS ≈ 0 (deep triode region) then the
channel region behaves like a resistor RSW that, for a NMOS,
is expressed by

RSW ≈ rds =
∂VDS
∂ID

=
1

µnCox
W
L (VGS − VTn)

(2)

Keeping the length (L) of transistors constant if the width (W )
is increased the resistance RSW decreases and consequently
the impedance Zin(ω) decreases too, as expressed in (1). The
main advantage of the triode region is that due to its properties
the resulting filter is very linear.

B. Single-ended Implementation

A single-ended high-Q BPF, as shown in Fig. 2a, is pro-
posed to be used at the input of the LNA and perform
impedance matching while filtering the input signal.

Assuming that the LNA have an equivalent input impedance
of ZL(ω) and is connected to a filter as in Fig. 2a, the
equivalent circuit can be shown in Fig. 3.

LNA
ZL(ω) 

Filter
Zin(ω) 

IRF(ω) 

Fig. 3. Equivalent circuit of LNA input connected to high-Q BPF

From basic circuit analysis it is known that VRF (ω)
IRF (ω) =

ZL(ω) ‖ Zin(ω) and from (1) is possible to obtain (3) defined
at top of the next page.

Considering a particular case where the LNA impedance,
ZL(ω), is equivalent to a resistor RL and the impedance ZBB
is a capacitor CBB , (3) can be expressed as [1]:

VRF (ω)

IRF (ω)
≈ RL
RL +RSW

×
[
RSW +

M2

π2 sin2
(
π
M

)
RL

1 + jM(RL +RSW )CBB(ω − ωLO)

]
(4)

From the previous equation is possible to note that to achieve
the filter maximum performance the switches resistance RSW
should be close to zero and the LNA impedance RL should
have a large value in order to the filter exhibit a very low out-
of-band impedance and a very large impedance for frequencies
near ωLO, filtering the out-of-band interferers and allowing the
desired signal to flow almost completely through the intended
circuit.

Since (4) results from an approximation of (3) the results
obtained for large values of M tend to be more correct than



VRF (ω)

IRF (ω)
∼= ZL(ω) ‖

(
RSW +

M

π2
sin2

( π
M

)
× [ZBB(ω − ωLO) + ZBB(ω + ωLO)]

)
(3)

the results achieved with lower values because the effect of
high order harmonics is less noticeable for bigger M [1].

Analyzing (4) is possible to verify that the circuit is acting
as a BPF with the equivalent LPF bandwidth given by (5), as
shown in Fig. 1.

ω3dB ≈
1

M(RL +RSW )CBB
(5)

Considering that the filter is symmetric its bandwidth is
approximately 2 · ω3dB . This shows that for a higher M the
filter bandwidth is lower and the Q factor is higher since Q =
ωLO/(2 · ω3dB).

Thus, simulating the circuit of Fig. 3 and comparing with (4)
is possible to verify that the results are pretty similar, as shown
in Fig. 4, except for frequencies out-of-band of the filter where
exists a little difference between the results mainly due to the
fact that (4) is an approximation, as indicated before. The
parameters used in this simulation are RL = 100 Ω, RSW =
10 Ω, CBB = 50 pF, ωLO = 600 MHz and M = 8.
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Fig. 4. Prediction of (4) vs. SpectreRF simulation results

In the simulation it was obtained a bandwidth of approxi-
mately 7 MHz with Q = 84, which is pretty similar to the
prediction of (5), and the out-of-band impedance is nearly
equal to RL ‖ RSW , as stated in (4).

The SpectreRF simulation was made through a PSS (with
the LOs fundamental tones and no output harmonics) and PAC
analysis with a DC current source (with PAC magnitude =
1) connected to the filter input. The LOs produce the waves
shown in Fig. 2b with 1.2 Vpp and rise and fall times of 10
ps.

C. Differential Implementation
For differential nodes of LNA is necessary to use a differen-

tial filter, shown in Fig. 5. As expected, the impedance Zin(ω)

CBB CBB

LO1 LO3 LO2 LO4

iRF(t)

LO1 LO3 LO2 LO4

+

-

CBB CBB

Fig. 5. 4-phase differential high-Q BPF

is similar to the single-ended version (equation (1)) but with
twice the gain as stated in (6) [1].

Zin(ω) ∼= 2RSW +
2M

π2
sin2

( π
M

)

× [ZBB(ω − ωLO) + ZBB(ω + ωLO)]
(6)

Another advantage of differential filters is the fact that
the even harmonics are canceled (including DC) [1], so the
impedance seen around those harmonics is approximately zero
(assuming RSW ≈ 0).

The analysis made in the previous subsection is valid for
this implementation so the expected results are the same.

III. CASCODE BALUN-LNA
The LNA described in this section consists in a common

gate (CG) and common source (CS) stages that are cascoded
mainly to allow the use of the BPF described in section
II-C, at the input of cascode devices, that is important to
attenuate the out-of-band interferers. As explained in section
II-B to achieve its maximum performance the filter needs to
be in parallel with a high impedance so the cascode MOS
transistors should have a low gm since the impedance of this
node is approximately 1/gm. To achieve the desired filtering
the impedance of CG stage needs to be equal to the CS stage
in order to the filter have the same impedance at both inputs.
The CG stage performs wideband input impedance matching
through its transconductance and the CS stage performs noise
cancellation, since both stages have opposite phases.

In order to improve the LNA performance the resistors
RCG and RCS described in [3] were replaced by PMOS
devices, as shown in Fig. 6, working in triode region and
acting as resistors. With this technique is possible to achieve
a higher resistance with the same voltage dropped by the
resistors, reducing the NF and increasing the voltage gain since
Av ≈ gm ·R.
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For the circuit of Fig. 6, but ignoring the both filters for
now, the following simulation results were obtained:

TABLE I
LNA SIMULATION RESULTS

Freq. Volt. Gain NF S11 Power VDD Tech.
[GHz] [dB] [dB] [dB] [mW] [V] [nm]
0.3 - 1 ≈ 27 < 2 < -13.2 ≈3.6 1.2 130

To achieve these results all the transistors have the minimum
channel length allowed by the technology (120 nm), in order
to be possible to achieve higher frequencies, and WM1 = 75.2
µm, WM2 = 230.4 µm, WM3,4 = 5.6 µm and WM5,6 = 7.2
µm.

The Fig. 7 shows the NF for the working frequencies
of LNA. Due to flicker noise the NF is higher for lower
frequencies and between 300 MHz and 1 GHz is below 2
dB, which is quite acceptable.

IV. CASCODE BALUN-LNA WITH FILTERING

To suppress the out-of-band interferers two filters were used.
A single-ended (analyzed in section II-B) at the input of LNA
and a differential (analyzed in section II-C) at the input of
cascode stages, as shown in Fig. 6. Both filters have four
phases in order to avoid image related problems as explained
in section II-A. To understand the influence of these filters in
the LNA response three different analyses were made. Only
with the filter at the input, with the filter at cascode stages and
with both filters.

A. LNA Response Analysis

As expected the filtered LNA gain have the same shape
of Fig. 4 since the filters impedance is high for in-band
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Fig. 7. LNA NF

frequencies and low for out-of-band frequencies, as shown in
Fig. 8. Thus, the signals with frequencies near fLO flow to
the cascode MOS transistors and the undesired signals flow
to the filters, and are not amplified, because its impedance is
much lower than the transistors one.
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Fig. 8. LNA voltage gain, for multiple values of fLO , with both filters

For those simulations the following bandwidths and Q
factors were obtained:

TABLE II
FILTERED LNA BANDWIDTH AND Q FACTOR

fLO (MHz) 300 600 900
Bandwidth (MHz) 5.7 6.1 6.6

Q factor 52.4 98.4 136.3

The bandwidth is almost constant for the entire LNA
working band so as the fLO is increased the Q factor gets
higher. As expected, a high Q is obtained for all frequencies
of interest.

Since out-of-band signals are corrupted by the filter the NF
is much higher for those frequencies, as shown in Fig. 9. The
S11 parameter have the same shape as NF because for the
undesired frequencies the filters impedance is very low (≈



RSW ) and since they are in parallel with LNA the equivalent
input impedance is also very low resulting in a poor input
matching and high S11.
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Fig. 9. LNA NF, for multiple values of fLO , with both filters

B. Simulation Results

To understand the influence of the filters in LNA response it
was made a frequency sweep, for the working band, to analyze
the different parameters - gain, NF, S11, IIP2 and IIP3.
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Fig. 10. LNA gain at fLO

Comparing the gain at fLO (Fig. 10) with the voltage gain
of LNA (table I) it is possible to note that if the number of
filters is increased the gain is lower, and for both filters the
LNA voltage gain is about 3 dB lower in the worst case. This
reduction of gain is related to the fact that the filter has not
an infinite impedance at fLO so the signal of interest does not
flow completely through the cascode stages resulting in less
amplification, as explained in section II-B.

Relatively to out-of-band gain (Fig. 11) is possible to verify
that for both filters the LNA has a gain of about 10 dB so
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Fig. 11. LNA out-of-band gain

the interferers suffer an attenuation of approximately 14 dB,
comparing with the signals at the desired frequencies. It’s also
possible to note that if two filters are used the out-of-band gain
is much smaller than if only one filter is used and the gain at
fLO is only slightly reduced.
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Fig. 12. LNA NF at fLO

For the circuit with both filters the NF is about 1.3 dB
higher than the LNA only (Fig. 7) and have the same shape
due to the reasons explained before, as shown in Fig. 12. This
noise increase is mainly due to the filter MOS switches thermal
noise and, assuming that the transistors are in triode region,
its current can be expressed by I2d (f) = (4kT ) /rds [7]. As
expected, the differential filter contributes with more noise
compared with single-ended filter since it has more transistors
on at the same time. Comparing the thermal noise expression
with (2) and (4) is possible to conclude that if RSW is raised
the NF decreases but the filter effect is less noticeable (less
amplification at ωLO and less attenuation of undesired signals),
as explained in section II-B, so there is a trade-off between
the filter performance and NF.

Regarding the LNA input, the Fig. 13 shows that it is
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Fig. 13. LNA S11 at fLO

matched to the antenna impedance for the entire LNA working
band and using both filters S11 < −17dB which is within the
specifications for most applications.

Since the single-ended filter is in parallel with the LNA
input its dimensions are limited to certain values because
a very low RSW will result in a low input impedance and
consequently a poor matching for the frequencies near fLO.

IIP2 and IIP3 simulations were made in order to understand
the influence of the filtering in the even-order distortion and
intermodulation problems. Two pure sinusoids were placed at
the input of the LNA, one at fLO and another at fLO + 20
MHz. The LNA bandwidth is approximately 6 MHz as shown
in table II.
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Fig. 14. LNA IIP2 and IIP3

As shown in Fig. 14 it was obtained an IIP2 > +22 dBm
and an IIP3 > −4 dBm, which is within specifications for
almost applications, for e.g. GSM and DVB-H [8].

V. CONCLUSION

In this paper we have analyzed the integration of high-
Q BPFs in a balun-LNA. We demonstrate that is possible
to attenuate the out-of-band interferers about 14 dB, with a
minimum penalty in NF, reducing the voltage gain for the in-
band frequencies less than 3 dB, comparing with the LNA.
Regarding the intercept points we obtained IIP2 > + 22 dBm
and IIP3 > − 4 dBm. Thus, it is possible to avoid the use
of external filters at the input/output of LNA. We verified that
exists a trade-off between the filters performance and the NF
of the circuit therefore the filters should be projected according
to the system specifications.
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