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Abstract

In this thesis a technology study of monolithic microwave integrated circuits (MMIC’s) for fu-
ture SAR systems operating at L-, C-, and X-band is performed. As a prerequisite for SAR
applications, these MMIC’s should demonstrate wideband performance with a high degree of
gain flatness and phase linearity. The wide signal bandwidth required in future SAR systems
makes the development of MMIC’s for this application challenging. Integrated circuit technolo-
gies suitable for implementing the key components in a wideband SAR system are identified.
These are a 0.8um, 35 GHz fr SiGe HBT process for the quadrature modulator/demodulator
subsystem and a 0.2um, 63 GHz fr GaAs pHEMT process for the RF up/downconverter sub-
system.

An investigation of the influence of substrate effects on the frequency response of SiGe HBT
wideband MMIC’s is performed. As part of the investigation, parameter extraction methods for
device models including substrate effects are developed for SiGe HBT devices, pad structures,
interconnect lines, and poly resistors. A direct parameter extraction method suited for modern
poly-silicon SiGe HBT devices is presented. The applicability of the direct parameter extraction
method for VBIC95 model parameter extraction is successfully demonstrated.

Wideband active mixers and input buffers are key components for the quadrature modula-
tor/demodulator subsystem. An analysis of the main bandwidth limitations in active mixers
based on the Gilbert Cell mixer topology is performed. Advanced circuit techniques are ex-
ploited, useful when the objective is to achieve wideband operation with high degree of gain
flatness and phase linearity. Experimental results for a wideband active mixer implemented in
the SiGe HBT process achieves a 8.5 dB conversion gain with 3 dB bandwidth of 11 GHz and
7.5 GHz for the input port and output ports respectively. The experimental results are well pre-
dicted by simulations and demonstrates state-of-the-art results compared with other wideband
active mixers implemented in comparable processes. The experimental results for an input
buffer in the SiGe HBT process achieves a 3 dB bandwidth of 6.6 GHz with excellent phase
linearity. These experimental results are well predicted by simulations. The developed key
components are well suited for further integration into quadrature modulator/demodulator SiGe
HBT MMIC’s.

Key components for the RF up/downconverter includes wideband active mixers, active baluns
and active output combiners. A fully integrated RF up/downconverter including active mixer,
active baluns on the input and LO port, and an active output combiner on the output port has
been implemented in the GaAs pHEMT process. The experimental results for the GaAs pHEMT
MMIC achieves a 10 dB conversion gain and a 9.5 GHz 3 dB input port bandwidth. The results
are comparable to best published results for state-of-the-art highly integrated wideband active
mixers based on FET technologies. RF downconversion from C-band to L-band is demonstrated
with an excellent conversion gain flatness over an 800 MHz bandwidth.



Resume

I denne afhandling beskrives et teknologi studie omkring monolitisk mikrobglge integrerede
kredslgb (MMIC’er) til fremtidens synthetisk apertur radar (SAR) systemer virkende ved L-
, C-, og X-band. Som en forudsetning ved SAR anvendelser, skal disse MMIC’er udvise
bredbandet egenskaber med en hgj grad af konstant forsterkning og fase linearitet. Den store
signal bandbredde pakraevede i fremtidens SAR systemer betyder at udviklingen af MMIC er til
dette formal er udfordrene. Anvendelige integrerede kredslgbs teknologier til at implementerer
hovedkomponenterne i et bredbandet SAR system er identificeret. Disse er en 0.8um, 35 GHz
fr SiGe HBT proces for kvadratur modulatoren/demodulatoren delsystemet og en 0.2um, 63
GHz fr GaAs pHEMT proces for RF op/nedkonverter delsystemet.

Der er foretaget en undersggelse af substrateffekters indflydelse pa frekvens responset for SiGe
HBT bredbandet MMIC’er. Som en del af denne undersggelse, er der udviklet parameter ex-
traktions metoder for komponent modeler inkluderende substrateffekter for SiGe HBT kompo-
nenter, pad strukturer, forbindelseslinier, og poly modstande. Der prasenteres en direkte extrak-
tions metode anvendelig for moderne poly-silicium SiGe HBT komponenter. Anvendeligheden
af den direkte parameter extractions metode til parameter extraction af VBIC95 modellen bliver
demonstreret med succes.

Hovedkomponenterne i kvadratur modulatoren/demodulatoren bestar af bredbandet aktive mixere
og indgangsbuffere. Der er foretaget en analyse af de hovesagelige arsager til bandbredde be-
greensningen i aktive mixere baseret pa Gilbert Celle mixer topologien. Anvendelsen af ad-
vanceret kredslgbsteknikker, brugbare nar malet er at opna stor bandbredde med en hgj grad af
konstant forsteerkning og fase linearitet, er blevet udnyttet. De eksperimentielle resultater for en
bredbandet aktiv mixer implementeret i SiGe HBT processen opnar en konvertionsforstaerkn-
ing pa 8.5 dB og en 3 dB bandbredde pa henholdsvis 11 GHz pa indgangsporten og 7.5 GHz
pa udgangsporten. De eksperimentielle resultater er temmeligt godt forudset fra simuleringer
og demonstrerer state-of-the-art resultater sammenlignet med resultater for andre bredbandet
aktive mixere implementerede i tilsvarende processer. De eksperimentelle resultater for en in-
dgangsbuffer i SiGe HBT processen opnar en 3 dB bandbredde pa 6.6 GHz med meget god
fase linearitet. Disse eksperimentielle resultater er temmeligt godt forudset fra simuleringer.
De udviklede hovedkomponenter er anvendelige for videre integration af kvadratur modula-
tor/demodulator SiGe HBT MMIC’erne.

Hovedkomponenterne for RF up/nedkonverteren indeholder bredbandet aktive mixere, aktive
balun’er og udgangskombinations kredslgh. En fuldt integrerede RF op/nedkonverter indhold-
ende aktiv mixer, aktiv balun’er pa indgangs- og LO porten, og et aktivt udgangskombinations
kredslgb pa udgangsporten er blevet implementeret i GaAs pHEMT processen. De eksperi-
mentielle resultater for GaAs pHEMT MMIC’en opnar 10 dB konvertionsforsteerkning og en
9.5 GHz 3 dB indgangsport bandbredde. Resultaterne er sasmmenlignende med de bedste pub-
liserede resultater for state-of-the-art bredbandede aktive mixere med hgj grad af integration
baseret pa FET teknologier. RF nedkonvertering fra C-band til L-band er demonstreret med en
meget god konstant konvertionsforstaerkning over en 800 MHz bandbredde.



Preface

This Ph.D. Study was carried out from February 1%, 2000 to April 30", 2003 at the section
for Electromagnetic Systems, @rsted-DTU, Technical University of Denmark, Kgs. Lyngby,
Denmark. The effective study period has been 39 month, including a 3 month extension. The
financial support for this Ph.D Study was provided by the Technical University of Denmark.
Associate Professor Jens Vidkjer acted as project supervisor.

The present study is closely related to the ongoing technology research project at the section for
Electromagnetic Systems: Next Generation Synthetic Aperture Radar (SAR); Microelectronics,
distributed systems and multi-frequency antennas (SAR++ for short), funded by the Danish
Technology Research Council.

Seven month of the Ph.D study has been spent during an external research stay at the center for
wireless communication, University of California San Diego (UCSD), California, USA. The
main research topic during the external research stay was on low phase noise fully integrated
voltage controlled oscillators (VCOs) in SiGe HBT technology. The external research stay gave
an opportunity to become familiar with a 0.5um, 47 GHz f1 SiGe HBT/BiCMOS process from
IBM, considered to be an alternative to the 0.8um, 35 GHz fy SiGe HBT/BiCMOS process from
AMS currently used at the section for Electromagnetic Systems, at the Technical University of
Denmark. Additional one month was spent at the Technical University of Denmark, performing
the experimental verification of the fabricated SiGe HBT VCOs.

Thesis Overview

The main part of this thesis consist of seven chapters. Chapter one and two gives a short intro-
duction to the project. The background for the SAR++ project is described and the SAR++ sys-
tem is introduced as an example of a state-of-the-art wideband SAR system. Detailed considera-
tions are made with respect to the quadrature modulator/demodulator and RF up/downconverter
subsystems. In chapter three suitable integrated circuit technologies for implementing the key
components in the quadrature modulator/demodulator and RF up/downconverter subsystems
are identified. These are a 0.8um, 35 GHz fr SiGe HBT process for the quadrature mod-
ulator/demodulator subsystem and a 0.2um, 63 GHz fy GaAs pHEMT process for the RF
up/downconverter subsystem. In this chapter the accuracy of the design-kit model in the SiGe
HBT process is investigated and it is found that improvements are needed. In chapter four
the influence of substrate effects on the frequency response of SiGe HBT wideband MMIC’s
is investigated. As part of the investigation, suitable equivalent circuit models for SiGe HBT
devices, pad structures, interconnect lines and poly resistors are extracted. A direct parameter
extraction method for SiGe HBT devices and the applicability for VBIC95 large signal model
parameter extraction is demonstrated. In chapter five SiGe HBT designs for the quadrature mod-
ulator/demodulator subsystem are described. Key components are wideband active mixers and
input buffers and the design and experimental verification of these circuits are discussed in this



chapter. Chapter six gives a description of GaAs pHEMT designs for the RF up/downconverter
subsystem. The design and experimental verification of a RF up/downconverter fully integrated
with active baluns, active mixer and active output combiner is discussed. Finally chapter seven
gives general conclusions regarding the total project.

The work performed on phase noise in fully integrated SiGe HBT VCOs as part of the external
research stay is documented in this thesis by appending an article accepted for publication at the
2003 IEEE Radio Frequency Integrated Circuits (RFIC) Symposium to be held in Philadelphia,
USA, later this year. The title of the paper is, Optimization of SiGe HBT VCOs for Wireless
Applications, and the article describes a combined theoretical and experimental study on phase
noise in fully integrated SiGe HBT VCOs.

Acknowledgments

First of all I want to thank Associate Professor Jens Vidkjer and the section for Electromagnetic
Systems for hosting the Ph.D. study. | want to thank all former and present members of the
SAR++ project group. A special thanks goes to the members of the analog project group,
Jens Vidkjeer, Viktor Krozer and Madalina Breten for interesting and inspiring dialogs. Also a
special thanks goes to Mogens Pallisgaard for assisting with all measurerents during the project
period. For an interesting and valuable external research stay | want to thank Professor Larry
Larson and all of his group at the center for wireless communication, UCSD, California, USA.
In connection with this | would also like to thank IBM for chip fabrication.

Finally I want to acknowledge the Technical University of Denmark for their financial support
to the Ph.D study and the Danish Technical Research Council for the financial support neces-
sary for chip fabrication.

Technical University of Denmark
Kgs. Lyngby, April 301", 2003.



Contents

Introduction

Wideband SAR System

21 SARPrinciple . . . . . e

2.2 Distortion in Pulse Compression SAR System . . . . .. ... ... ......
2.2.1 Transfer Function Requirements . . . . . . .. ... ... ... ....

2.3 System OVEIVIEW . . . . . . o o o
2.3.1 Quadrature Modulator/Demodulator Subsystem . . . . . ... ... ..
2.3.2 RF UP/Downconverter Subsystem . . . . . . ... ... .. ......

MMIC Technology for Wideband SAR System

3.1 Technology Considerations for Wideband Active Mixers . . . . ... ... ..

3.2 SiGeHBT Technology . . . . . . .. . . . . .
3.21 DCCharacteristics . . . . . . . . . ..
3.2.2 RF Performance Verification . . . . . ... .. ... ... .......

3.3 GaAspHEMT Technology . . . ... ... . .. . . .. .. .. ...,

Substrate Effects in SiGe HBT Technology

4.1 Substrate Effects in SiGe HBT Modeling . . . . . . . ... ... ... .....
4.1.1 Deembedding of Pad and Interconnect Line Parasitics . ... ... ..
4.1.2 Direct Parameter Extraction Method for SiGe HBT Equivalent Circuit .
4.1.3 Applicability of The Extraction Procedure For VBIC95 Modeling . . .

4.2 Substrate Effects in Basic Circuit Configurations . . . . . .. ... ... ...
4.2.1 Influence of Transistor Parasitics . . . . . .. ... ...........
4.2.2  Pad Structures and Interconnect Lines Modeling . . . ... ... ...
4.2.3 PolyResistor Modeling . . . ... .. ... .. ... ... .. .. ..

424 Experimental Results . . . . .. ... ... ... ... .

Lo o o1 O»

10
11
14

17
18
21
21
23
26



CONTENTS

5 SiGe HBT Designs for Quadrature Modulator/Demodulator Subsystem

5.1 Quadrature Modulator/Demodulator Configuration . . . ... ... ... ...

5.2 Wideband SiGe HBT Active Mixer Design . . . . ... ... ... ......

5.2.1

Bandwidth Limitation of The Gilbert Cell Mixer . . ... ... .. ..

5.2.2  The Principle of Strong Impedance Mismatch . . . . .. .. ... ...

5.2.3

Experimental Results

5.3 Wideband SiGe HBT Input Buffer Designs . . . . .. .. ... ... .....

5.3.1
5.3.2

Differential Amplifier Stage with Shunt Feedback . . . . . . .. .. ..

Experimental Results

5.4 System Design Simulation .

54.1

Quadrature Demodulator Configuration Simulation . . . . . .. .. ..

6 GaAs pHEMT Designs for RF Up/Downconverter Subsystem

6.1 RF Up/Downconverter Configuration . . . . . . .. .. ... ... ... ....
6.2 Balance Considerations in GaAs pHEMT Active Mixers . . . . . ... .. ..
The Effect of Mismatch . . . . . .. ... ... ... ... ......

6.2.1
6.2.2

Input Balun Imperfections . . . . ... ... ... ... ........

6.2.3 LOBalunImperfections . ... ... ... ... ... .........
6.3 Wideband GaAs pHEMT Active Mixer Design . . . . ... ... ... ....

6.3.1
6.3.2
6.3.3
6.3.4

7 Conclusions

Active Balun Design

Double Balanced Active Mixer Design . . . . . .. ... ... .. ..

Active Combiner Design . . . . . . . . ..

Experimental Results

61
62
62
63
66
70
74
75
77
80
80

83
84
84
86
86
87
88
88
90
91
01

96



Chapter 1

Introduction

A synthetic aperture radar (SAR) is an active microwave sensor used for high resolution map-
ping of the earths surface. The images obtained with SAR are actually a measurements of the
radar cross-section of the terrain mapped. A distinct advantage over other mapping techniques
is the operation that is independent of sun light and cloud cover. At the Technical University of
Denmark, research in SAR systems has been performed for several years. A fully polarimetric
and interferometric L- and C-band SAR system, known as EMISAR, has been developed and
operated during airborne campaigns [1].

A technology research project, known as SAR++, is currently being carried out at the Techni-
cal University of Denmark. The research is concentrated on improvements in terms of perfor-
mance, cost, and size in order to make SAR systems more broadly used. To met these objectives
the SAR++ project aims at improving design methods and technology for complex microwave
sensor systems involving wideband analog, digital, and antenna systems. Wide bandwidth is
needed in SAR systems in order to provide high spatial resolution. Future commercial applica-
tions of SAR data, such as cartographic mapping, may require signal bandwidths of up to 800
MHz [2].

The analog part of the existing EMISAR system was built with discrete connectorized compo-
nents as shown in Fig. 1.1. For the system considered in the SAR++ project, this technology is
considered obsolete. This is mainly because the primary goal for the SAR++ system is a signif-
icant higher signal bandwidth compared with the EMISAR system, which may not be possible
due to the unavoidable parasitics that exist between discrete components [3]. To achieve wide
bandwidth performance, new technologies like multi chip modules (MCM’s), and monolithic
microwave integrated circuits (MMIC’s) seems promising. In particular the small size, wide-
band performance, and flexible circuit design available with MMIC technology is interesting
for SAR systems [4-6].

In the analog part of the SAR++ system some subsystems have been identified as critical for the
performance, and the use of MCM technology together with monolithic microwave integrated
circuits will be attempted. These subsystems are the quadrature modulator/demodulator and RF
up/downconverter subsystems. The quadrature modulator/demodulator is expected to operate at
a 1.25 GHz (L-band) carrier frequency and should be capable of modulation and demodulation
of wideband linear FM-modulated signals. The RF up/donwconverter should provide frequency
conversion of wideband linear FM-modulated signals between 1.25 GHz and 5.4 GHz (C-Band)
or 9.5 GHz (X-band). In a wideband SAR system rather extreme requirements exist to the gain
flatness and phase linearity for the key components in the quadrature modulator/demodulator
and RF up/downconverter subsystem, unlike in any other application [2].
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Figure 1.1 RF up/downconverter and quadrature modulator/demodulator subsystems
in the analog part of the EMISAR system.

Current activity in the MMIC area mainly focus on wireless and optical communication sys-
tems. The trend in wireless communication is toward higher level of integration applying Si-
based technologies [7,8]. Circuits for wireless applications are typical of a narrowband nature
and therefore unsuitable for a wideband SAR system. Several optical communication circuits
operating up to 40 Gbit/second have been demonstrated in the literature [9, 10]. These circuits
demonstrates extremely large analog bandwidths, however the gain flatness and phase linear-
ity is not of primary concern. Furthermore, a typical optical communication system consist of
multiplexers, demultiplexers, transimpedance amplifiers and limiting amplifiers. These circuit
functions differs from up/downconverters, modulators and demodulators required in a wideband
SAR system. In general, it is found that commercially available wideband MMIC components
suitable for a high-performance SAR system are limited [2].

The purpose of this thesis is to describe a technology study into the development of MMIC'’s for
wideband SAR systems operating at L-, C-, and X-band frequencies. The study includes identi-
fication of integrated circuit technologies suitable for the implementation of the key components
for the critical subsystems in a wideband SAR system. Among the considerations are the device
performance in terms of the unity current gain frequency fy, maximum frequency of oscillation
fmax and noise performance as well as the possibility of prototyping in small quantities at a low
cost. To develop MMIC designs for a wideband SAR system, with stringent requirements on
the gain flatness and phase linearity, the accuracy of the available models becomes an important
issue. Part of the study have involved the verification, and whenever necessary, the improve-
ments of the available simulation models in the chosen integrated circuit technologies. The
ultimate goal is the ability to predict already from simulations, whether a given MMIC design
will degrade the performance of the final SAR system. An extensive investigation of circuit
configurations suitable for undistorted frequency conversion and amplification of wideband lin-
ear FM-modulated signals at L-, C-, and X-band have been performed and the main findings
will be described.

The thesis is organized as follows:

Chapter two gives a short introduction to a wideband SAR system. The basic SAR principle
is introduced and the relation that exist between bandwidth and resolution is shown. The re-
quirements on transfer function distortion in a pulse compression SAR system is discussed in
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terms of the impulse response parameters of importance for the SAR image quality. The sen-
sor configuration in the analog part of the SAR++ system is described, with emphasis on the
guadrature modulator/demodulator and RF up/downconverter subsystems. The specifications
for the quadrature modulator/demodulator and RF up/downconverter subsystems in the SAR++
system are given in this chapter.

Chapter three identifies relevant integrated circuit technologies for implementing the key com-
ponents for the quadrature modulator/demodulator and RF up/downconverter subsystems. A
0.8um, 35 GHz fy SiGe Heterojunction Bipolar Transistor (HBT) process is identified as suit-
able for the quadrature modulator/demodulator subsystem. For the RF up/downconverter sub-
system a 0.2um, 63 GHz fr GaAs pseudomorphic High Electron Mobility Transistor (pbHEMT)
process is chosen. Experimental results for DC and high-frequency S-parameter measurements
on transistor test structure in the SiGe HBT process, shows that the accuracy of the design-kit
model is poor and needs to be improved. The chosen GaAs pHEMT technology is suitable for
MMIC design, even at millimeter wave frequencies, and the accuracy of the design-kit models
will not be questioned here.

Initial investigations, using the 0.8um SiGe HBT process resulted in very poor agreement be-
tween simulations and measurements. Part of the explanation for this was that substrate effects
were not properly included in the simulation models. In chapter four, an investigation of the
influence of substrate effects on the frequency response of SiGe HBT wideband MMIC’s is
described. As part of the investigation, suitable equivalent circuit models for SiGe HBT de-
vices, pad structures, interconnection lines and poly resistors are extracted. A direct parameter
extraction method useful for finding the elements of the equivalent circuit model of modern
poly-silicon SiGe HBT devices including fixed oxide capacitances, fixed resistances and sub-
strate parasitics is described in details. The applicability of the direct parameter extraction
method for VBIC95 large signal model parameter extraction is demonstrated.

Possible implementations of the SiGe HBT MMIC’s for the quadrature modulator/demodulator
subsystem are given in chapter five. The key components are wideband active mixers and input
buffer stages. A simplified time-varying small-signal model for analyzing the bandwidth lim-
itation of the Gilbert Cell mixer is proposed. The analysis shows that it is in general possible
to consider separately the frequency response on the RF and IF port of the Gilbert Cell mixer.
Using the knowledge obtained from the analysis, suitable circuit techniques are described, use-
ful when the objective is to achieve wideband operation at both the input and output port of the
active mixer. It is verified by simulations, that these circuit techniques in fact improve the gain
flatness and phase linearity of the active mixer. The excellent performance of the wideband
active mixer circuit predicted by simulations are verified experimentally. An input buffer stage
consisting of a differential stage with active shunt feedback and DC adjustment are proposed.
The experimental results are reasonable well predicted by simulations. Finally a system design
simulation is described in which the designed active mixer is applied in a quadrature demodu-
lator configuration. Matched filtering, performed on the demodulated signal shows practical no
degradation compared with the ideal impulse response.

Possible implementation of the GaAs pHEMT MMIC for the RF up/downconverter is given
in chapter six. Besides the active mixer, the key components are active baluns, and active
output combiner. In the upconverter, LO leakage to the output port is of great concern due to
the AM/PM modulation process in the following non-linear high-power traveling wave tube
amplifier (the TWT). The cause of LO leakage in a GaAs pHEMT active mixer is discussed, in
terms of mismatch effects, input balun imperfections and LO balun imperfections. A compact
GaAs pHEMT MMIC with integrated active baluns on the input and LO ports and an active
combiner on the output port for C- and X-band SAR applications is described. The experimental
results for the GaAs pHEMT MMIC demonstrates wideband operation suitable for C-band SAR
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applications. The bandwidth of the GaAs pHEMT MMIC however, is significantly lower than
expected from simulations. Therefore wideband operation at X-band is not possible.

General conclusions regarding the total project are given in chapter seven. Suggestions for
future work is presented with background in the achieved results, and technological progress in
integrated circuit technologies during the project period.



Chapter 2

Wideband SAR System

Advanced high-resolution airborne synthetic aperture radar (SAR) systems involve wide band-
width analog, digital and antenna subsystems. In this chapter the SAR++ system, being de-
veloped at the section for Electromagnetic Systems at the Technical University of Denmark, is
shown as an example of a state-of-the-art high-performance wideband SAR system. Empha-
sis will be put on the analog subsystem, as monolithic microwave integrated circuit (MMIC)
technology will mainly be used in this part of the system.

First the basic SAR principle is introduced, and the importance of the signal bandwidth on the
resolution is shown. Then requirements for the transfer function distortion in a pulse compres-
sion SAR system is considered and the influence on the impulse response parameters (PLSR
and ISLR) of interest for the SAR image quality is discussed. The sensor configuration in the
analog part of the system is described, including a detailed description of the quadrature mod-
ulator/demodulator and RF up/downconverter subsystems. These subsystems are identified as
the most critical in wideband SAR systems.

2.1 SAR Principle

An airborne synthetic aperture radar (SAR) achieves high resolution in the along-track direction
(azimuth resolution) by coherently collecting echo data along the flight-track [2]. This way a
long aperture array antenna may be synthesized. The synthetic aperture array antenna beam
width is much smaller than the azimuth beam width for the real antenna and therefore results
in much better resolution. The SAR mapping geometry is illustrated in Fig. 2.1. It can be
shown [11] that azimuth resolution p5 for a SAR is range independent and given by

D

Pa= 5 (2.1)

where D is the physical length of the antenna.

To achieve high resolution in the cross-track direction (range resolution) a pulse of short du-
ration should ideally be transmitted. However, the transmitter in airborne SAR systems is
often peak-power limited resulting in little transmitted energy for short pulses. This leads to
an unacceptable reduction in the sensitivity of the SAR system [11]. Instead, a long linear
FM-modulated pulse is often transmitted and the high resolution in range is achieved by pulse
compression of the received echo signal. The pulse compression is performed by matched fil-
tering in the receiver. A compressed pulse with main lobe width 1/B results, where B is the
bandwidth of the transmitted linear-FM modulated pulse. The range resolution p, for a pulse
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Figure 2.1 SAR mapping geometry.

compression SAR system is given by
Pr=55 (2.2)

where c is the speed of light.

The resolution cell, defined as the product of the azimuth and range resolution, is a key perfor-
mance measure for SAR systems. Often a square resolution cell is chosen, giving the following
equation [2]

2

Psa = 752- (2.3)

The importance of the linear FM-modulated signal bandwidth on resolution is illustrated in Fig.
2.2. The SAR++ system with a 800 MHz signal bandwidth can achieve a square resolution cell
of 0.035m?.

100MHz
2.25m

200VHz
0.56 m?

400MHz
0.14m

| 800MHz
0.035m

Figure 2.2 Comparison of the square resolution cells for systems with different signal
bandwidths.

2.2 Distortion in Pulse Compression SAR System

In a pulse compression SAR system, such as the SAR++ system, the basic requirements are
related to the image quality obtained from a point target [12], the so-called impulse response.
The point target parameters of interest are the following:
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« 3 dB resolution.
« Peak side-lobe ratio (PSLR).

« Integrated side-lobe ratio (ISLR).

The impulse response is the output signal of the matched filter due to the received echo and
includes the effect of distortion due to non-ideal components in the receiver and transmitter.
Fig. 2.3 shows the impulse response for a point target from an ideal pulse compression SAR
system. In an ideal pulse compression SAR system the received signal would correspond to
the transmitted signal except for a time delay. The spectrum of the received echo is Hamming
weighted in order to suppress the large side-lobes due to an uniform amplitude characteristic of
the linear FM-modulated signal. The 3 dB resolution is the width of the main lobe at half the

0
3 dB Resolution

-20r PSLR
~ —40f
t/O
2
m
o -60}

_80 L

-1 L L L L L
00 -10 -5 0 5 10

t [ns]
Figure 2.3 Impulse response for ideal pulse compression SAR system.

maximum value as shown in Fig. 2.3, and is a measure of the minimum discernible detail of the
image. The peak side-lobe ratio (PSLR) is the ratio of the main lobe of the impulse response
to the peak side-lobe level. The PSLR is a measure of the ability of the radar to detect weak
reflective targets in the proximity of a strong reflective target. The integrated side-lobe ratio
(ISLR) is the ratio of the energy in the side-lobes to the energy in the main lobe. ISLR is a
measure of the attainable contrast in the image. In the SAR++ system with 800 MHz signal
bandwidth the basic requirements and goals for the point target parameters are stated in Table
2.1.

Requirements | Design Goals
3 dB resolution [m] 0.25 0.25
PSLR [dB] -30 -40
ISLR [dB] -18 -28

Table 2.1 Point target parameter requirements and design goals for the SAR++ sys-
tem (From [2]).

The point target parameters for a pulse compression SAR system is degraded by signal dis-
tortion occurring anywhere in the system [13]. Signal distortion occurs when the amplitude
response is not constant and the signal delay is not constant over the bandwidth of the sig-
nal. The result is a reduced resolution and increased side-lobe levels. The design goals for the
SAR++ system leads to stringent requirements on the transfer function for all components in
the system as will be discussed next.
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2.2.1 Transfer Function Requirements

The transfer function distortion in a pulse compression SAR system can be divided into three
different models [12] describing

« periodic distortion (ripples)
 random distortion

« slowly varying distortion.

The periodic distortion can be treated analytically by considering a linear transfer function
H(w) = A(w)el®® (2.4)

where w = 271f is the angular frequency. If a single sinusoidal amplitude and phase ripple exist

A(w) @(w)
s —— e s
— ®
Bandwidth

Figure 2.4 Signal transmission through non-ideal component with sinusoidal ampli-
tude and phase ripples.

over the frequency band of interest as shown in Fig. 2.4 the amplitude and phase part of the
transfer function in Eq. 2.4 can be expressed as [13]

A(w) = ap+ ancos(cw) (2.5)

and
®(w) = bow+ bysin(cw) (2.6)

where an and by, are constants describing the deviation from ideal behavior. The transmission
of an input signal s;(t) through a non-ideal component with a single sinusoidal amplitude and
phase ripple in the transfer function results in an output signal given by [13]

o) =20 1+ b0) + 5 (32450 ) st bo+0)+ 5 (52 ~bn ) s(t+b0-0)| . (27

2\ ap 2 \ ag
The first term in the expression describes the main response as an amplified and time-shifted
version of the input signal, whereas the second and third terms are the so-called paired echoes.
The relative amplitude of the paired echoes is an/(2a,) for zero phase ripple and by, /2 for zero
amplitude ripple. The paired echoes are displaced in time from the main response by t = +-c.
The contribution to PSLR from periodic transfer function distortion can be calculated from [12]

PSLRa = 20log (%‘) 2.8)

(]

for zero phase ripple and
PLSRp = 20log (%) (2.9
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for zero amplitude ripple. The insertion phase of a transmission line mismatched at both ends
leads to a periodic transfer function distortion due to multiple reflections [13]. The maximum
phase deviation by, is found from [13] as

tanb, = 1 (2.10)
(4Fr)
where L
_nret 2.11)
r+r

and r1 and ry are the input and output voltage standing wave ratios (VSWRS) assuming resistive
driving source and load impedances. The amount of allowed transmission line mismatch for a
given PLSR requirement can be found from Eqg. 2.9 using curves of constant phase deviation
versus input and output VSWRs as given in [13, page 64, Fig. 3.7]. The frequency period for
the ripples is w/(2Bl) where B is the propagation constant [13], meaning that a 1 meter long
air filled transmission line generates approximately 5 ripple periods in a 800 MHz bandwidth.
Because the position of the side lobes coincidence with the main lobe when the ripple has
a period of less than one cycle over the signal bandwidth the contribution to PSLR due to a
mismatched transmission line becomes unimportant below a critical length given as

__¢c 1
\/geffZB

where et is the effective permittivity for the transmission line structure. As the signal band-
width increases, the critical transmission line length decreases.

(2.12)

In the preceding analysis it was shown how periodic transfer function distortion leads to paired
echoes in a SAR system. In a real system, however, the transfer function exhibits a more
complex behavior. This complex behavior is described as random transfer function distortion
which can be analyzed by an expansion in Fourier components [12]. The Fourier components
will contribute to the side-lobes at many different positions. This mainly contributes to the ISLR
performance of the system calculated by [12]

ISLRA = 20log arns (2.13)
for an effective amplitude distortion a,ns and
ISLRp = 20109 @rms (2.14)

for an effective phase distortion @ s.

The last form of transfer function distortion is due to low-frequency phase errors. Low-frequency
phase errors are caused by slope error in the generated linear FM-modulated signal, and disper-
sive components including ripple components with less than one cycle over the signal band-
width [2,12,13]. The result is a broadening of the main lobe and an increase in the sidelobe
level.

In Table.2.2 a summary of transfer function requirements and design goals for the SAR++
system are given. The specification for periodic transfer function distortion takes the correlation
between the amplitude and phase ripples into account. For random transfer function distortion,
the amplitude and phase term is assumed uncorrelated. Furthermore it should be noticed that
the considered models for transfer function distortion only give first-order guidelines, which
should be aimed at in the beginning of a design. The true picture can only be obtained by
accurate simulations or measurements [2].
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Parameter Requirement Design Goals
PSLR=-30dB | ISLR=-18dB | PSLR=-40dB | ISLR=-28dB

Amplitude, Ripple [dB] 0.27 - 0.08 -

Phase, Ripple [Deg.] 1.8 - 0.6 -
Amplitude, RMS [dB] - 0.53 - 0.17

Phase, RMS [Deg.] - 3.6 - 1.1

Slow Phase Error [Deg.] - 60-90 - 45

Table 2.2 Summary of transfer function requirements and design goals for the SAR++
system (From [2]).

2.3 System Overview

In next generation SAR systems aiming at high resolution, increased system scalability, flexi-
bility and reduced system size the major challenges are related to [2]

 wide bandwidth
« design for modularity

» component integration.

The selected microwave carrier frequencies and signal bandwidths for different frequency bands
are shown in Table. 2.3. The choice of the carrier frequencies and signal bandwidths for the

Band | Carrier Frequency [GHz] | Bandwidth [MHz]
L 1.25 100
C 5.40 400
X 9.50 800

Table 2.3 Microwave carrier frequency and signal bandwidth for different frequency
bands (From [2]).

SAR++ system is related to the available frequency bands for radar applications and the fre-
guency dependence of the backscatter coefficient making certain frequencies more interesting
for remote sensing applications [2].

In Fig. 2.5 the sensor configuration to be used in the SAR++ system is shown. Different fre-
guency bands (L-,C-, and X-band) require different sensor configurations. A single channel is
used on the transmit side to generate the linear FM-modulated signal around the microwave
carrier. Multiple channels are needed on the receive side (only two shown in Fig. 2.5) to
be able to implement full polarimetry and interferometry. Each sensor consist of a number
of sections. The baseband section (BB Section) contains the digital signal generator (DSG)
that generates the 1/Q baseband signals, and the digital front end (DFE) that converts the de-
modulated 1/Q baseband signals to digital form. The BB-IF section contains the quadrature
modulator converting the I/Q baseband signals to IF and the quadrature demodulator converting
the IF to baseband. The BB-IF section will be implemented as one module (The IQMD mod-
ule) containing the quadrature modulator/demodulator subsystem. The BB-IF section will be
identical for all sensors. Frequency conversion from IF to RF, and RF to IF are performed in
the IF-RF section by the RF upconverter and downconverter, respectively. The RF-1F section
will be implemented as one module (The RFUD module) containing the RF up/downconverter
subsystem. In the L-band sensor the IF-RF section is absent as the IF signal from the BB-IF
section is already at L-band. The L-band sensor applies the homodyne technique, where the
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Figure 2.5 Sensor Configuration for the SAR++ system. In the L-Band sensor the
IF-RF section is omitted. The transmitting antenna (TX) and two receiving
antennas (RX H and RX V) is physical one single dual polarized antenna.

baseband signal is directly modulated and demodulated on the radiated microwave carrier. For
wideband SAR applications the homodyne technique has certain advantages compared with the
conventional heterodyne technique used in the C- and X-band sensor [14]. Most important is
the reduced complexity and fewer bandwidth limiting components. Finally the RF front-end
section contains the high power amplifier (HPA) generating the desired RF power level, the low
noise amplifiers (LNAS), polarization and T/R switch (PSW), and finally the (multifrequency,
dual polarized) antenna. A traveling wave tube (TWT) is used for the high power amplifier, be-
cause of the very large bandwidth offered. The TWT normally operates in a highly non-linear
mode (saturated mode). As indicated in Fig. 2.5 each section should be able to loop back the
signal from the output to the input for calibration purposed. The modular design approach en-
sures that adding an additional frequency band (Ku-band or higher) only requires the design of
a new RF front end and RF up/downconverter.

Additionally to the sensor configuration discussed above, an oscillator subsystem is required
in the SAR++ system. A highly stable LO oscillator (STALO) should serve as the system
reference oscillator to which all other oscillators must be locked to obtain coherency [2]. The
different LO frequencies to be used in the analog part of the SAR++ system are given in Table.
2.4. Lower sideband and upper sideband operation are assumed in the C-band and the X-band

Band | LO Frequency [GHz]
L 1.25
C 6.65
X 8.25

Table 2.4 LO frequencies used in the analog part of the SAR++ system (From [2]).

up/downconverters, respectively, in order to prevent significant interference from image bands.

2.3.1 Quadrature Modulator/Demodulator Subsystem

The quadrature modulator shown in Fig. 2.6a) is needed to convert the complex I/Q baseband
signal (DC-400 MHz) to IF (1.25 GHz+ 400 MHz). The basic modulator configuration consists
of two double balanced mixers, a quadrature phase shifter, a power combiner, and two low-pass
filters. The low-pass filters are needed to suppress the spurious signals from the digital signal
generator. The complex 1/Q baseband signal can be represented as

m(t) = I(t) + jQ(t) = a(t)el®V (2.15)
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Figure 2.6 Quadrature modulator for SAR system. a) Basic modulator configuration.
b) Output spectrum showing baseband leakage, LO leakage and harmonic
intermodulation products presents in the modulator.

where a(t) and 6(t) are the amplitude modulation and phase modulation respectively. The
output signal from an ideal modulator is given by

s(t) = O{m(t)e/2ot} — a(t) cos(2mf ot + O(t)) (2.16)

and represents a frequency conversion of the baseband modulated signal onto the carrier without
any by-products [14]. In a real modulator, amplitude and phase imbalance between the | and Q
branches produce an output signal given by

s(t) =0 { (m(t) + <% + j%") m*(t)) eizﬂftot} (2.17)

where x denotes the complex conjugation and Aa and Ag are the differential amplitude and
phase imbalance, respectively. This shows that the output of a real modulator consists of an
unwanted signal with reversed phase in addition to the ideal signal. The contribution to ISLR
due to amplitude and phase imbalance in the I and Q branches is determined as [12]

ISLR = 10log ((%)1 <A7(p> 2) (2.18)

Due to DC-offset in the input signals from the digital signal generator and non-ideal operation
of the double balanced mixers the LO signal may leak to the output of the modulator. The
LO leakage causes an amplitude modulation of the wanted signal which in turn is converted
into phase ripples by the AM/PM conversion process in the TWT. As shown previously, phase
ripples degrade the PSLR performance in a wideband SAR system. The amount of carrier
leakage allowed is determined by the allowed phase ripple by, as [12]

1 _bp

C=10mm/m 1 (2.19)

where C is the relative amplitude of the carrier and AM /PM is the modulation index (in rad /dB)
for the TWT. The AM/PM conversion process due to the TWT is discussed in more details
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when discussing the RF upconverter. Non-ideal operation of the double balanced mixers in
the modulator also creates baseband leakage and intermodulation products at harmonics of the
carrier frequency. These contributions, however, are easily removed by filtering following the
modulator. The output spectrum of the quadrature modulator is shown in Fig. 2.6 b).

The quadrature demodulator is needed to convert the linear FM-modulated signal at IF (1.25
GHz+ 400 MHz) to the complex I/Q baseband signal (DC-400 MHz). The basic demodulator
configuration is shown in Fig. 2.7 a) and consists of two double balanced mixers, a quadrature
phase shifter, a power divider and two low pass filters. The IF signal input to the quadrature

I(t) =— LPF ’:
o]

a0~ v [—(>)

a)
M(f)
DC-Offset
BB IFandLO  LO+IF
Leak 2xLO
+IF

T T T T T T T T T f [GHz]
05 0 05 10 15 20 25 30 35 40

b)

Figure 2.7 Quadrature demodulator for SAR system. a) Basic demodulator config-
uration. b) Output spectrum showing IF leakage, LO leakage, DC offset,
image response (IF+LO) and harmonic intermodulation products in the de-
modulator.

demodulator can be represented as [15]

S(t) = a(t) cos(2nfiot + 0(1)) = T eieriot 1 T Wjamticr (2:20)
The baseband | and Q signals are found as
1(t) = D{@} + D{@ei“"fuﬁ} (2.21)
and
Qt) = D{@} - D{@ej“"ﬁot} (2.22)

respectively. The low pass filters remove the components at frequency 2f o, and the real and
imaginary components of the complex modulation function m(t) are recovered. In a real de-
modulator imperfections due to amplitude and phase imbalance lead to a degradation in the
ISLR performance similar to that observed in the modulator. Non-ideal operation of the double
balanced mixers may lead to the LO signal leaking to the input of the demodulator and causing
a DC offset due to LO-self mixing [15] that adds to the DC offsets in the | and Q branches. DC
offset degrades the ISLR performance in a wideband SAR system. Distortion is caused if part of
the spectrum is removed by low-frequency cut-off [12]. Instead the demodulator is preferably
DC coupled and the DC-offset is removed by either feedback via a D/A converter [2] or a phase
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twiddling approach [1]. Besides the LO leakage mentioned above the non-ideal operation of the
double balanced mixers in the demodulator also creates IF signal leakage and intermodulation
products at harmonics of the carrier frequency. These contributions however are easily removed
by filtering following the demodulator. The output spectrum of the quadrature demodulator is
shown in Fig. 2.7 b).

In addition to the transfer function specifications given in Table. 2.2 the quadrature modula-
tor/demodulator subsystem should meet the specifications in Table. 2.5. The requirement on

Parameter Modulator | Demodulator
IF Frequency [MHz] 850-1650 850-1650
Modulation Bandwidth [MHZz] DC-400 DC-400
Amplitude Imbalance [dB] 0.47 0.47
Phase Imbalance [Deg.] 3.2 3.2
Carrier Suppression [dB] -31.8 -

Gain [dB] - 22
Noise Figure [dB] - 12
Return Loss [dB] -17.7 -17.7
Input 1 dB Compression [dBm] - -18

Table 2.5 Specification to the quadrature modulator and demodulator subsystem in
order to met the goals for SAR++ system (PLSR=-40dB, ISLR=-28dB)
(From [2]). The specifications not yet decided upon are marked with dashed
lines (-).

the return loss follows from the phase ripple specification (b, = 1.1°). Assuming equal amount
of input and output mismatch the return loss should be kept below -17.7 dB over the signal
bandwidth at all transmission line connections. A typical AM/PM modulation index of 5°/dB
is assumed in the calculation of the carrier suppression. The gain, noise figure and input 1 dB
compression point in the demodulator are chosen in order to optimize the sensitivity and dy-
namic range of the receiver under various backscatter conditions [2]. The 1 dB compression
point is chosen close to the peak signal saturating the analog to digital converters in the digital
front end. The requirements on the gain, noise figure and input 1 dB compression point in the
modulator will eventually be determined by the signal level from the digital signal generator
and the requirements on the transmitter signal to noise ratio (better than -50 dB). The large rela-
tive bandwidth of 64% required in the quadrature modulator/demodulator subsystem speaks in
favor of a monolithic approach.

2.3.2 RF UP/Downconverter Subsystem

The RF upconverter shown in Fig. 2.8 a) converts the IF (1.25GHz + 400 MHz) to RF (5.4
GHz+ 400 MHz for C-band or 9.5 GHz+ 400 MHz for X-band). Previously a 400 MHz band-
width for the C-band sensor was assumed, however the RF up/downconverter subsystem should
preferably be designed for a 800 MHz bandwidth in C-band and an even larger bandwidth in
X-band [2]. The basic upconverter consist of a mixer and two bandpass filters for removal of
the undesired responses from the quadrature modulator. When the IF signal is upconverted the
output signal consist, besides the wanted sideband, of an IF leakage, LO leakage and the un-
wanted image response, as shown in Fig. 2.8 b). The IF leakage is located far away in frequency
from the wanted RF signal and is easily removed by filtering. The LO leakage and image side-
band presents a larger problem. Depending on the stopband attenuation of the bandpass filter
at the output these unwanted signals may not be fully suppressed. The presence of these un-
wanted signals lead to an amplitude modulation of the wanted signal as already mentioned in
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Figure 2.8 RF upconverter for SAR system. a) Basic upconverter configuration.
b) Output spectrum showing IF leakage, LO leakage, image response
(IF+LO) in the upconverter (C-Band).

connection with the quadrature modulator. If the IF signal is represented as
siF (t) = O{m(t)e}?™"} (2.23)
the output of the upconverter becomes
sre(t) = O{m(t)el2MhF=folt L Cm(t)|e/2™ot 4 ||m(t)|e)2fiF+Tolty (2.24)

where C and | are the relative amplitudes of the carrier and image signals respectively. The
maximum amplitude ripple is found as [12]

a[dB] =20log(1+C+1) (2.25)

and results in phase ripples given by the relation

bn
where AM/PM in rad/dB is the TWTs modulation index. For a specified phase ripple the
relative amplitudes of the LO leakage and image signals assuming equal LO leakage and image

= = ( AV v . . 7

Double balanced mixers are highly recommended as these suppress the amount of LO leakage,
relaxing the requirements on the bandpass filter at the output.

The RF downconverter is needed to convert the RF signal (5.4 GHz+ 400 MHz at C-band or
9.5 GHz + 400 MHz at X-band) to IF (1.25 GHz+ 400 MHz). The RF downconverter consist
of a mixer and two bandpass filters similar to the RF upconverter. The requirement on the
carrier suppression is relaxed because the receiver is assumed to be linear. The image band is
downconverted to the IF by the downconverter and should be removed by filtering at the input
of the downconverter.

The RF upconverter/downconverter subsystem should be designed to meet the specifications in
Table. 2.6. The same consideration regarding return loss, AM/PM modulation index, gain, noise
figure, and 1 dB compression point applies for the RF up/downconverter as for the quadrature
modulator/demodulator. Again the large relative bandwidth speaks in favor of a monolithic
approach for the RF up/downconverter subsystem.
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Parameter Upconverter | Downconverter
RF Frequency (C-Band)[MHz] | 5000-5800 5000-5800
RF Frequency (X-Band)[MHz] | 9100-9900 9100-9900
Carrier Suppression [dB] -38 -

Image Suppression [dB] -38 -

Gain [dB] - 5

Noise Figure [dB] - 7.2
Return Loss [dB] -17.7 -17.7
Input 1 dB Compression [dBm] - -19

Table 2.6 Specification to the RF upconverter and downconverter subsystem in order
to met the goals for the SAR++ system (PLSR=-40dB, ISLR=-28dB) (From
[2]). The specification not yet decided upon are marked with dashed lines

).



Chapter 3

MMIC Technology for Wideband SAR
System

Following the discussion of the critical subsystem requirements in a wideband SAR system, this
chapter identifies relevant integrated circuit technologies for implementing the key components
for the quadrature modulator/demodulator and RF up/downconverter. MMIC technologies are
usually specified in terms of basic process features, such as transistor short-circuit unity current
gain frequency fr and maximum frequency of oscillation frax. In general, however, it is difficult
to compare different technologies based alone on such figures-of-merit, as these quantities refer
to conditions rarely met in circuit designs. Besides technological specifications, other important
aspects in choosing the best suited MMIC technology for a wideband SAR system are the
possibility for prototyping in small quantities, as well as the accuracy of the available simulation
models.

The I/Q modulator/demodulator and RF up/downconverter subsystems consist of mixer based
circuits and the bandwidth requirements of these circuits will first be discussed. Then a compar-
ison of the bandwidth capability of various integrated circuit technologies are presented based
on published results for state-of-the-art wideband active mixers of the Gilbert Cell mixer topol-
ogy. The Gilbert Cell mixer topology [16,17] is generally preferred for monolithic integration
due to its high conversion gain over a broad frequency band, and good port-to-port isolation,
compared with the passive Schottky diode double-balanced mixer [18]. Apart from substantial
conversion loss the passive Schottky diode double-balanced mixer may suffer from passband
ripples due to reflections between balun structures and the devices [19]. Passband ripples will
degrade the PSLR performance in a wideband SAR system, making passive double-balanced
mixers unsuited for this application. Following the initial discussion, suitable processes in SiGe
HBT and GaAs pHEMT technologies for SAR applications have been identified. These are a
0.8 um, 35 GHz fr SiGe HBT process for the quadrature modulator/demodulator and a 0.2 um,
63 GHz ft GaAs pHEMT process for the RF up/downconverter.

A basic overview of the device level performance capabilities in SiGe HBT and GaAs pHEMT
technology will be given. Also experimental results for measurements on transistor test struc-
tures in the chosen SiGe HBT process are described in order to provide verification of the
accuracy of the design-kit models used. It is found that the design-kit models in the SiGe HBT
process are inaccurate and need to be improved to predict the performance of the SiGe HBT
MMIC’s. The chosen GaAs pHEMT technology is suitable for MMIC design, even at millime-
ter wave frequencies and have proven to be accurate.

17
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3.1 Technology Considerations for Wideband Active Mixers

Wideband active mixers are important building blocks in the analog part of SAR systems that
require frequency conversion, modulation and demodulation of wideband linear-FM modulated
signals. Fig. 3.1 illustrates applications for wideband active mixers in a SAR system. In the
quadrature modulator the linear FM-modulated baseband signal is modulated onto a microwave
carrier at L-band. The L-band carrier is then upconverted into C- or X-band microwave carrier
in the RF upconverter. In the RF downconverter, a received C- or X-band linear-FM modulated
microwave carrier is downconverted to a L-band signal and demodulated to baseband in the
guadrature demodulator.

Wideband Active Mixer
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Figure 3.1 Block diagram of SAR system showing applications for wideband active
mixers.

The bandwidth requirements on the different ports for the active mixers in a SAR system are
determined by the need for undistorted transmission and reception of a wideband linear-FM
modulated signal through the system. During transmission and reception, all components in
the signal path contribute to the overall bandwidth shrinkage of the signal. If the individual
components are designed for a 800 MHz 0.1dB bandwidth, the combined result is assumed to
ensure a 800 MHz 3dB signal bandwidth for the full system. This sets a minimum requirement
on the high-frequency fall-off at the upper end of the frequency band of interest. In the case
of wideband active mixers for quadrature demodulation at L-band with a carrier frequency
of 1.25 GHz, the high-frequency fall-off should not exceed 0.1dB at 1.65 GHz. For the RF
downconverter, the high-frequency fall-off should not exceed 0.1dB at 5.8 GHz and 9.9 GHz
for the C-band and X-band SAR system, respectively. Assuming for now a 20 dB/decade high-
frequency fall-off rate for the conversion gain for active mixers based on the Gilbert Cell mixer
topology 1, the 1.65 GHz 0.1dB bandwidth requirement for the active mixers in the quadrature
demodulator translates into a 10.8 GHz 3dB bandwidth requirement. Thus, in order to receive a
linear-FM modulated signal around an L-band carrier at 1.25 GHz, a 10.8 GHz 3dB bandwidth

1The 20 dB/decade high-frequency fall-off rate corresponds to assuming a first order frequency response for the
conversion gain of the Gilbert Cell mixer topology.
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is actually required for the active mixer. Similar consideration for the active mixer in the C-
band to L-band RF downconverter, the 800 MHz 0.1 dB bandwidth requirement translate into a
37.9 GHz 3dB bandwidth requirement. For the X-band RF downconverter active mixer the 3dB
bandwidth requirements becomes even larger. Of cause the above consideration should be taken
with a grain of salt, as circuit techniques exist for compensation of the high-frequency fall-off
in active mixers, relaxing the 3dB bandwidth requirements. It will, however, serve as a rough
guideline for identifying relevant integrated circuit technologies for the key building blocks for
the critical subsystems in a wideband SAR system.

In Fig. 3.2 the input port 3dB bandwidth performance for state-of-the-art wideband active
mixers in InP HBT [18], Si BJT [19], [20], GaAs MESFET [21], SiGe HBT [22], [23], GaAs
HBT [24] and GaAs pHEMT [25] technologies is shown versus the transistors unity current
gain frequency fr (left plot), and maximum unity power gain frequency fax (right plot). The
input port bandwidth of an active mixer is found with swept RF/LO-frequencies and fixed IF-
frequency. In general, a good correlation is observed between the device ft and the reported
input port bandwidth performance independent of the technology used. Surprisingly, the device
fmax Seems to have only a secondary influence on the input port bandwidth performance for the
active mixers. In general, it seems like a 3 dB input port bandwidth of approximately fy/4 can
be achieved regardless of the integrated circuit technology considered.
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Figure 3.2 Input port bandwidth performance for state-of-the-art wideband active mix-
ers. Left: Input port bandwidth versus unity current gain frequency fy.
Right: Input port bandwidth versus maximum frequency of oscillation fx.
All results for the input port bandwidth are stated for a fixed low frequency
IF-frequency with swept RF/LO-frequencies.

The output port bandwidth capability of active mixers becomes an important issue in a SAR
system in two situations: a) when a wideband linear-FM modulated signal around a C/X-band
carrier is downconverted to L-band with the requirement on flat conversion gain over the cov-
ered frequency band, and b) when the active mixers are used for upconversion. In Fig. 3.3 the
output port 3 dB bandwidth performance for state-of-the-art active mixers in various technolo-
gies are shown versus the transistor unity current gain frequency fr (left plot) and maximum
frequency of oscillation fax (right plot). The output port bandwidth of an active mixer is found
with swept RF/IF-frequency and fixed LO-frequency. A few of the publications from the previ-
ous investigation have been left out of this figure [22, 23], as these only reported the input port
bandwidth performance. Instead, other publications have been included [26, 27] because the
performance of the output port in these active mixers were optimized for wideband operation.
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A poor correlation is observed between the output port bandwidth and the fr of the devices
in the various technologies. With a few exceptions, a tendency for higher output port band-
width with higher device fax is observed. It is interesting to notice that wideband operation
on the output port seems difficult to achieve with active mixers based on the Gilbert Cell mixer
topology.
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Figure 3.3 Output port bandwidth performance for state-of-the-art wideband active
mixers. Left: Output port bandwidth versus unity current gain frequency
fr. Right: Output port bandwidth versus maximum frequency of oscilla-
tion fmax. All results for the output bandwidth are stated for swept RF/IF-
frequencies and a fixed LO-frequency.

The previous investigations have shown that in order to achieve input port 3 dB bandwidths
above 10 GHz in active mixers, heterojunction transistor technologies should be used due to
the high fy offered by the devices in these technologies. With respect to the output port, band-
widths above 10 GHz have only been reported in InP HBT technology [18, 27] using devices
with foax above 100 GHz. The impressive 8 GHz 3 dB output port bandwidth reported in a
20 GHz frax Si BJT technology [20], however, shows that such high device fax is not nec-
essary in order to get wideband operation at the output port of the active mixer. Based on the
preceeding investigation of state-of-the-art wideband active mixers, a 0.8um 35 GHz fy SiGe
HBT-BiCMOS technology was found suitable in order to implement the designs for the quadra-
ture modulator/demodulator subsystem. Involved in the considerations for this choice have been
the excellent low-frequency and broadband noise properties offered in SiGe HBT technology,
as well as the possibility for low-cost prototyping in small quantities. Furthermore it seems
like active mixers based on Si BJT technologies have performed very well in the past taking
the relative low fr/fmax device performance into account. At last is should be mentioned that
the high density of integration offered in SiGe HBT technology is beneficial for reducing chip
area, and hence cost in the quadrature modulator/demodulator subsystems. The estimated 3 dB
bandwidth requirements for the C/X-band SAR system were not met with a Gilbert-Cell active
mixer in any of the technologies discussed in the previous investigation. Taking the possibility
of applying compensation techniques into account, a 0.2um 63 GHz f1 GaAs pHEMT tech-
nology was chosen for the MMIC designs in the RF up/downconverter subsystems. Again, the
possibility of low-cost prototyping in small quantities have been among the main considerations
for this choice.
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3.2 SiGe HBT Technology

The 0.8um 35 GHz fr SiGe HBT-BiCMOS BYR process [28] from Austria Mikro Systeme
International AG (AMS) was chosen for the implementation of the quadrature modulator and
demodulator designs. The key specifications for this process are given in Table 3.1 below.
State-of-the-art SiGe HBT technologies achieved typical fr/fnax values around 60 GHz back

Element Characteristics

SiGe HBT fr =35 GHz, fax =30 GHz and NF = 1.4dB@2 GHz
CMOS Less = 0.66pum

Poly/Poly Capacitors | 1.77 fF /um?

Poly2 resistor 75Q/0

Bpoly resistor 170Q/0

High resitive poly2 1.2KQ/0O

Metal Layers 2

Spiral Inductor L =1.8nH with Q =5.8@2 GHz

Table 3.1 Key Specification for the 0.8um SiGe HBT-BiCMOS BYR Process from AMS
[28, 29].

in 1999 [30, 31] when the technological considerations for the SAR++ system were initiated.
Recent reported SiGe HBT technologies aiming at 40 Gbit/s optical communication achieve
typical fr/fmax performance of 140/183 GHz [32]. Compared with these state-of-the-art SiGe
HBT technologies, the potential for wideband circuit design in AMS’s SiGe HBT technology
is clearly non-optimal. It is, however, believed to be sufficient for the quadrature modula-
tor/demodulator SiGe HBT MMIC'’s for the SAR++ system.

In Fig. 3.4, a schematic cross-section of a typical SiGe HBT device is shown. The SiGe HBT
device has a self-aligned structure with Si-poly contacts on silicon-dioxide which greatly re-
duces parasitic capacitances. Highly-doped poly-Si with resulting low resistance are used to
contact the narrow emitter. Base-poly is used to provide a low impedance connection to the
internal base region. The SiGe base layer is epitaxially deposited forming a Si-SiGe hetero-
junction at the base-emitter and base-collector junctions.

Si Ge HBT

C B E

Figure 3.4 Schematic cross-section of a double-poly SiGe HBT device in the BYR
process (From [29]).

3.2.1 DC Characteristics

The basic idea behind a heterojunction bipolar transistor is to introduce a large bandgap emit-
ter relative to the base in order to reduce the reverse injected base current and thus decouple
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the maximum current gain (3 in the transistor from the emitter to base doping ratio [33]. The
ability to change the emitter and base doping levels without degrading the current gain B is
advantageous in several ways, as described below

« lower emitter doping reduces the zero bias base-emitter depletion capacitance Cje, giving
high fr at low currents

« higher base doping reduces base sheet resistance, giving higher fax

« reduced base width modulation (the Early effect) allows higher collector doping, increas-
ing the current handling capability by delaying the onset of the Kirk effect [34].

The addition of Ge to the Si base reduces the bandgap relative to pure silicon, creating an n-
Si/p-SiGe emitter-base heterojunction and a p-SiGe/n-Si collector-base heterojunction. It turns
out, however, that there is a limited amount of Ge allowed in order to assure the SiGe film
stability during manufacturing [31]. The limited amount of Ge means that the band offsets in
the Si/SiGe heterojunctions are very small, and the full set of advantages discussed above are
not easily obtained. Instead, SiGe HBT devices often use a graded-base profile as shown in Fig.
3.5 where the Ge contents in the base is increased linearly from the emitter-base junction to the
collector-base junction. The graded-base SiGe HBT energy band diagram is compared to that
of a standard Si BJT and shows a finite band offset AEq e(x = 0) at the emitter-base junction
and a larger band offset AEgge(x = W) at the collector-base junction. The consequences of
introducing Ge into the base on the DC characteristics for the SiGe HBT can be expressed in
terms of these band offsets. First the influence of the current gain (3 on the Ge-induced band

AEg Ge(x=0)

l— AEg gel(grade) = ABq go(x=Wy) — AE; o(x=0)
> drift field !
-~

Ec

n* Si
emitter

Ey
n~ Si

collector

Figure 3.5 Energy band diagram for Si BJT and graded-base SiGe HBT Bipolar (From
[31]).

offsets in a graded-base SiGe HBT is found to be [33]

B O %eAEQ-Ge(#O)/ KT AEg Ge(grade) /kT (3.1)
b
where Ne is the emitter doping, Py, is the base doping and AEgge(grade) = AEgge(Wh) —
AE4ce(0) is called the bandgap grading term. This equation shows that the enhancement in
B depends exponentially on the emitter-base junction band offset and linearly on the bandgap
grading term. The exponential dependence of the emitter-base junction band offset is caused
by Ge-induced barrier lowering for electron injection from the emitter into the base, while the
current injection from the base into the emitter is unaffected. Even in the case of a triangular
graded-base profile with zero band offset at the emitter-base junction, the current gain is en-
hanced slighly due to the bandgap grading term. In applications which do not require large
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values of 3, it can be traded off for increased base doping, Py, in order to reduce the base re-
sistance. This in turn gives higher fax and better broadband noise performance [31]. The dc
value of (3 cannot be to low, however, as it determines the noise figure at low frequencies [35].
Another benefit of the Ge-induced band offsets in a graded-base SiGe HBT is an increasing
Early voltage, depending exponentially on the bandgap grading term. This in turn gives an
enhancement in the output conductance of the devices.

The verification of the DC characteristics for the SiGe HBT devices in the 0.8um process from
AMS has been performed using a HP 4145A Semiconductor parameter analyzer. In Fig. 3.6 the
measured forward Gummel and forward beta characteristics are compared with the design kit
model response for the 4x0.8um? SiGe HBT device. The measured forward Gummel charac-
terisitc is reasonably well predicted by the design-kit model except at very low voltages, where
a difference exist in the non-ideal component of the base current. The measured forward beta
is slightly lower than predicted from the design-kit model. This might be explained by the
fact that the forward beta parameter is sensitive to process spreadings. The measured forward
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Figure 3.6 Measured and modeled forward characteristics for 4x0.8um? area SiGe
HBT device. Left: Forward Gummel plot. Right: Forward beta.

output characteristic for the 4x0.8um? area SiGe HBT device is compared with the prediction
from the design-kit model in Fig. 3.7. The collector currents follow soft curves versus the
collector-emitter voltages, indicating that quasi-saturation is modeled in the design-kit model.
The modeling of the slope in the collector current versus collector-emitter voltage curve at high
collector currents, however, is exaggerated in the design-kit model. In general, reasonably good
agreements exist between the measured and predicted DC characteristics for the 4x0.8um? area
SiGe HBT device using the design kit model based on the VBIC95 large signal model.

3.2.2 RF Performance Verification

The benefits of the Ge-induced bandoffset on the frequency response of a graded-base SiGe
HBT is most easily illustrated in term of the expression for the unity current gain frequency fr
given by [36]

f L I(—T(C +Che) + o+ Te+T -’ (3.2)
T_ZTI qlc be bc b e c .

where I is the collector current, Cpe the base-emitter depletion capacitance, Cy. the collector-
base depletion capacitance, and Ty, Te, and T are the base, emitter and collector transit times
respectively. The energy band offset grading across the base region leads to a drift-field which
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Figure 3.7 Measured and modeled forward output characteristics for 4x0.8um? area
SiGe HBT device.

accelerates the electrons injected from the emitter to the collector, thereby decreasing the base
transit time compared to a traditional Si BJT. The enhancement in beta caused by the Ge-
induced band offset also leads to a lower emitter transit time [36]. In modern Si BJT’s the total
transit time from emitter to collector (and therefore the maximum ft) depends mainly on the
base and collector transit times [31]. In order to achieve the full benefit of the lower base transit
time offered in grade-base SiGe HBT devices, it is important to minimize the collector tran-
sit time. This is achieved by increasing the collector doping which incidentally also improves
the frequency response by delaying the onset of the Kirk effect [34]. Increasing the collector
doping, however, decreases the breakdown voltage BV, and there exist a trade off between
fr and the breakdown voltage BV¢eo. In general, a high fr value is achieved even at low cur-
rent levels, which is in fact the main reason for the recent interest in SiGe HBT technology
for wireless applications where the peak fy performance may be traded for decreased power
consumption [37].

It is often stated that the the maximum frequency of oscillation f.x is a more relevant figure-of-
merit for RF and microwave applications than the unity-current gain frequency ft because this
only describes the vertical structure of the transistor whereas fnax also include parasitics. The
effect on fax Of using a graded-base SiGe HBT device is best illustrated with the expression
[31]
fr

frrax 8CRe (3.3)
where Cg, and Ry, are the total collector-base capacitance and total base resistance respectively.
Both the increase in unity current gain frequency fr and the possibility of lowering the base
resistance by increased base doping offered by graded-base SiGe HBT devices tend to increase
fmax. On the other hand, the total collector-base capacitance depends on the collector doping
level and the transistor architecture used and should therefore be the same as for a similar
constructed Si BJT.

High frequency S-parameters measurement have been performed on various test transistor struc-
tures in the 0.8 ym SiGe HBT process from AMS in order to investigate the accuracy of the
design-kit model provided for the microwave simulator Advanced Design System (ADS) from
Agilent. The transistors were measured on-wafer using a HP8510B Network Analyzer in the
frequency range from 45 MHz to 26.5 GHz (For details on the experimental setup including
de-embedding of pad and interconnect line parasitics refer to chapter 4 of this thesis). The mea-
sured bias dependence for the unity-current gain frequency fr in the 0.8um SiGe HBT process
from AMS is compared to the results for the design-kit model in Fig. 3.8 for two SiGe HBT
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devices with different emitter area. The ft is extracted from measurements, de-embedded from
pads and interconnect lines parasitics, as

fr = h21 fineas (3.4)

where fregs IS taken in the region where the current gain with shorted output hoq falls with
20 dB/decade [35]. As expected from Eq. 3.2, fr shows a linearly increasing value at small
current levels where the first term dominates, achieves a peak value of fr ~ %_[(Tb—F Tc)_l at
medium current levels, and finally a high-current fall-off due to base-widening effect (the Kirk
effect). The peak value of fr ~ 26 GHz is extracted from measurement while corresponding
values for the design-kit model are fr ~ 30 GHz and fr = 22 GHz for typical and worst-case
process corners respectively. The worst-case process corner corresponds to the case with both
low beta and low speed. The maximum frequency of oscillation is the frequency where the
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Figure 3.8 Bias dependence of unity current gain frequency fy for two 0.8um SiGe
HBT devices with different emitter areas. Left: Emitter area 4x0.8um2.
Right: Emitter area 2x6x0.8um>.

transistor turns passive and can be extracted from the maximum available gain Gy in the
frequency range where the transistor is unconditionally stable [38]. Thus in the frequency range
where the stability factor Kgap > 1, the maximum frequency of oscillation is extracted from
measurements, de-embedded from pad and interconnect line parasitics, as [38, 39]

froex = \/Gmaxfmeas: \/ (Kstab—\/Ksztab_l) fmeas (3-5)

where feas must be in the range where Gy falls with 20dB/decade. In Fig. 3.9 the bias depen-
dence for the maximum frequency of oscillation f.gx extracted from measurement is compared
with the results extracted from the design-kit model. A value of fnax =~ 28 GHz is extracted
from measurement while the corresponding value for the design-kit model is fax =~ 35 GHz
and frax &~ 22 GHz for the typical and worst-case process corners. In Fig. 3.10 the magnitude
and phase of the measured de-embedded S-parameters for a 4x0.8um? area SiGe HBT device
biased at Vce=1.5V, Ic=1.4mA are compared with the design-kit frequency response. The fall-
off frequencies for the magnitude of S1; and S»; are well predicted by the design-kit model
which is important because this fall-off is mainly determined by the transistor input bandwidth.
At frequencies above 5 GHz the phase of S11 starts to deviate from the measurements, however,
which may be due to inaccuracy in the modeling of the distributed base region in the transistor.
The magnitude and phase of S1», describing the feedback in the device, are accurately predicted

Y21

Y12
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Figure 3.9 Bias dependence of maximum frequency of oscillation fax for two 0.8um
SiGe HBT devices with different emitter areas. Left: Emitter area 4x0.8um>.
Right: Emitter area 2x6x0.8um>.

by the design-kit model in the full frequency range. The magnitude and phase of Sy, starts to
deviate at frequencies around a few GHz. This is critical as the magnitude and phase of S, de-
pends to a large extent on the collector to substrate capacitance and substrate parasitic modeling
which are important parasitics for the bandwidth estimation in circuits such as wideband active
mixers. In Fig. 3.11 the magnitude and phase for the measured de-embedded S-parameters
for a 2x6x0.8um? area SiGe HBT device biased at VVce=1.5V, Ic=4.2mA are compared with the
design-kit frequency response. As for the smaller size SiGe HBT, the fall-off frequencies for
the magnitude of both S11 and S»1 are accurately determined, whereas the phase response of S11
deviates already at frequencies above a few GHz. The same apply to the magnitude and phase of
S12 and Sy, describing the feedback in the device and substrate parasitics respectively. Again it
is believed that inaccurate modeling of the distributed base region is the reason for the deviation
in both S1, and the phase in S11. The measured S-parameters on transistor test structures show
large qualitative differences compared with the frequency responses for the design-kit models,
which is caused by improper modeling of the parasitics around the intrinsic SiGe HBT device.
This inaccuracy in parasitics modeling is unacceptable for succesful microwave integrated cir-
cuit design in wideband SAR applications. Therefore the next chapter is devoted to accurate
high-frequency modeling of devices and basic circuit configurations in the 0.8um SiGe HBT
process from AMS.

3.3 GaAs pHEMT Technology

The 0.2um, 63 GHz fr GaAs pHEMT EDO02AH process from OMMIC was chosen for the im-
plementation of the RF up/downconverter MMIC designs. The EDO2AH process is intended
for microwave applications up to milimeter wave frequencies. Both depletion and enhance-
ment mode transistors are available for design. In addition to the active devices, the ED02AH
process offers high quality inductors, capacitors, resistors, via holes and air bridges. The key
specifications for the EDO2AH process are given in Table 3.2. Furthermore it should be men-
tioned that measured results on a 1.5nH spiral inductor in the EDO2AH process demonstrated a
16 GHz self-resonance frequency. This makes compensation techniques using spiral inductors
interesting for wideband SAR applications at X-band frequencies and below.

A schematic cross-section of a conventional GaAs HEMT device is shown in Fig. 3.12. A



MMIC Technology for Wideband SAR System 27
1 0 180
0.9 120 3.5 {160
140 & g l40g
0.8 o o
~ 60 2 . {1203
— o, — h=}
%7 80 P {1005
(=] [=2]
@ 23 @ lan £
£0.6- 1003 IS 80 %
1208 160 &
0.5 1.5
{-140 {40
0.4 {-160 {20
kl . . . . N
0. 5 15 20 5 30-80 0. 5 T 20 36
Frequency [GHz] Frequency [GHZ]
0.07, 180 1 0
0.08f 1160 R - 120
E—
| 14% 0.95 1-40 'g
0.05¢ o o
- —12005), s {-60 §
7004 100% 3° lsog
=3 o =3 %)
© ©
I {80 © 1005
£0.03 2 £ 5 - 2
{60 8 -1205.
0.02} =
y 140 0.8 -140
oot oo -160
‘ 0.7 s s 1180
9 5 5 30 5 %5 30+

15 20
Frequency [GHz]

10 15 20
Frequency [GHz]

Figure 3.10 Frequency dependence for S-parameters for 4x0.8um? area SiGe HBT
device biased at Ve = 1.5V, Ic = 1.4mA. Solid and dashed lines represent
measured and design kit model frequency response respectively.

Element

Characteristics

pHEMT

fr =63 GHz, NF = 0.9dB@12 GHz

Spiral Inductor*

L = 1.5nH with Q =8@12 GHz

Table 3.2 Key Specification for the 0.2um GaAs pHEMT EDO2AH Process from OM-
MIC [40](* Based on measured results).

heterojunction interface is created at the layer of undoped GaAs and the n-doped AlGaAs. The
electrons in the n-doped AlGaAs layer may become trapped at the heterojunction interface.
These trapped electrons accumulate in a thin sheet at the heterojunction interface, also know
as the two dimensional (2D) electron gas [41]. The density of trapped electrons is controlled
by the applied gate voltage. A more positive gate voltage increases the electron density and
therefore the drain-source channel current. Because of the undoped GaAs layer, the ionised
impurity scattering is reduced. As a result, the mobility for the electrons in the two dimensional
electron gas is enhanced, hence the name High Electron Mobility Transistor. The practical
consequences of the high electron mobility are high unity current gain frequency fr, high gain,
and low noise. Conventional HEMT devices suffer from low current drive capabilities caused
by the small conduction band offset at the GaAs/AlGaAs heterojunction. In a pseudomorphic
HEMT (pHEMT) device an AlGaAs/InGaAs heterojunction interface is grown on GaAs. The
confinement of the electrons in the channel in the pHEMT is better leading to better performance
than in the conventional HEMT [41].



MMIC Technology for Wideband SAR System 28
0.9 0 12 180
0.8 {-20 " {160

-40 g 140'?

. 60 P _ 11209

— k=N — k=l

3 1803 3 1005

0. ) =4 2

£ 1005 £ 180 g

3 @
- 1205 1608
{-140 {40
{-160 20
0.5 10 1 20 %5 5180 05 15 ' %5 38
Frequency [GHz] Frequency [GHz]
0.14 180 1 0
012 P {160 0.95 -20
1140, 0.9 _— o {40 7
0.1} I o

_ —120;_)7 _0.85 1-60 15’:,’

o~ N =

o.08 l1062  Hosg 80 &

= N = N

% — g S~ 0

£0.06 = ~ 180 £ £0.75 100%

. RN ©
————————————— s {60 8 0.7 120§
0.04 by ! -
_— {40 0.6 -140

0.02 oo 0.6 -160

% 1520 25 ) 05 35 3000
Frequency [GHz]

0 15 20
Frequency [GHz]

Figure 3.11 Frequency dependence for reverse S-parameters for 2x6x0.8um? SiGe
HBT biased at Ve = 1.5V, I = 4.2mA. Solid and dashed lines represent
measured and design kit model frequency response respectively.
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Figure 3.12 Schematic cross-section of a conventional GaAs HEMT device.



Chapter 4

Substrate Effects in SiGe HBT
Technology

Advanced Si/SiGe bipolar technologies makes use of a high-resistivity (p~) substrate with a
typical resistivity of 20Q — cm. In Si-based monolithic microwave integrated circuits (MMICs)
this results in a significant high-frequency loading of circuit nodes involving both transistors
and passive elements. The nonzero dielectric constant and the conductivity of the Si-substrate
may also lead to unwanted coupling between components that otherwise are supposed to oper-
ate independently. Equivalent circuit models suitable for predicting the loading due to substrate
effects have been presented in [42, 43] while substrate coupling effects have been discussed
in [44-46]. In the past, however, investigations of the influence of substrate effect in actually
circuit designs have been mainly limited to mixed-signal circuits [47], and low-noise amplifiers
(LNA’s) [48]. The influence of substrate effects on the frequency response of SiGe HBT wide-
band MMICs is not obvious. In order to investigate this influence, a combined experimental
and simulation study is performed on basic circuit configurations. Especially the frequency
response of a differential amplifier stage, often used in integrated circuit design will serve as
a canonical example for the present discussion. The experimental part of the study consist of
extracting suitable equivalent circuit models from fabricated test structures. These equivalent
circuit models are then used in the simulation of the differential amplifier stage to investigate
the influence on the frequency response.

First, an accurate high-frequency small-signal model including the parasitic elements associated
with the SiGe HBT device structure in the 0.8 um SiGe HBT process from AMS is found using a
direct parameter extraction method. The applicability of the direct parameter extraction method
for VBIC95 large signal modeling is shown.

The study of substrate effects in basic circuit configurations consist of an investigation of the
importance of various parasitics on the frequency response of a SiGe HBT differential amplifier.
The extraction of equivalent circuit models for the pad structure, interconnect lines and poly
resistors from fabricated test structures in the 0.8 um SiGe HBT process from AMS is described.
Specially the importance of SiGe HBT device parasitics and substrate parasitics associated with
pad structures, interconnect lines, and poly resistors for matching simulations to experimental
results will be discussed.

29
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4.1 Substrate Effects in SiGe HBT Modeling

Accurate modeling of parasitics associated with the individual transistors is a prequisite to
achieve wideband operation. As the frequency of operation increases, the influence from par-
asitic substrate effects becomes more important and must be accurately accounted for in the
modeling of the SiGe HBTs. Existing methods for substrate parasitic extraction relies on either
numerical optimization techniques [49,50], or cumbersome numerical simulation with require-
ment on process information often not available [43]. It is well-known that numerical opti-
mization techniques may lead to extracted elements values which depends on the starting value
and may be non-physical [51]. Thus in recent years a trend toward direct parameter extraction
methods for the small-signal equivalent circuit of bipolar devices have been observed [51-56].
Most of these paper have been concerned with parameter extraction for GaAs HBTs where the
substrate have no direct effect on the performance. Direct parameter extraction methods have
been reported for Si BJT [52] and SiGe HBTSs [56], however substrate effects were not taken
into account in these methods.

Here a direct extraction method for SiGe HBTSs is described. Unlike previous reported extrac-
tion methods, the method presented here can be used to determined the elements associated
with the parasitic transistor action. The method uses a multi-step deembedding approach and
requires knowledge of the measured S-parameters for the SiGe HBT biased in forward active,
cut-off and saturated regions. The applicability of the extraction procedure for VBIC95 large-
signal model parameter extraction is discussed and the performance is experimentally verified
in the frequency range from 45 MHz-26.5 GHz.

4.1.1 Deembedding of Pad and Interconnect Line Parasitics

For characterizing high-frequency devices on Si-substrates by on-wafer measurements, it is
generally preferred to use an Impedance Substrate Standard (ISS) followed by de-embedding
of parasitics from the test-fixture [57]. For successful parameter extraction of SiGe HBTS it is
essential that an accurate deembedding procedure is applied to remove the influence from pads
and interconnect lines. For this purpose, the methods reported in [58-60] have traditionally
been used. These methods differs in terms of complexity, accuracy and number of on-wafer
standards required. All existing de-embedding methods rely on a physical interpretation of the
parasitics associated with pads and interconnect lines. The accuracy depends upon the extent
that the physical interpretation for a given de-embedding method is fulfilled in the design of the
experiment.

The layout of the test-structure including the SiGe HBT devices is seen in Fig. 4.1. The devices
under investigation are a single-emitter SiGe HBT with area 4x0.8um?, and a double-emitter
SiGe HBT with area 2x6x0.8um? fabricated in the 0.8um SiGe HBT process from AMS. The
ground-shielded pad configuration uses an n*-layer underneath the signal pad. The potential
of the substrate is tried to ground with a p*-guard ring around the devices. The emitter is
connected together with the substrate and have a low-impedance connection to RF-ground. All
on-wafer high-frequency measurements (45 MHz-26.5 GHz) were performed using a HP8510B
network analyzer calibrated up to the probe tips by an ISS calibration substrate. Cascade GSG
probes were used to contact the test structures on the chips.

The general equivalent circuit representation for the test-structure with a ground-shielded pad
configuration is shown in Fig. 4.2. The coupling from the pads to the shield is represented as
a shunt admittance Yps, and the shield conductance due to nonzero resistivity of the ground-
shield is represented as the admittances Ys. The loading from the interconnect lines is here
absorbed in the shunt admittances Y5 and Y connected across the base-emitter and collector-
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Figure 4.1 The layout of the SiGe HBT test devices with single and double-emitters.

emitter terminals of the SiGe HBT device. A shunt admittance Yy is connected across the base-
collector terminals of the SiGe HBT. The use of a ground-shielded pad configuration ideally

—&l—
o Lo
2?2
Yoo | |[=—Y1s Yo | Vs
- e
‘A z, ' Yo
G . - G
T

Figure 4.2 Equivalent circuit representation of SiGe HBT with ground shielded pads.

prevent coupling between the input and output pads through the substrate [61]. As a results the
coupling admittance Ypp can in some cases be left out of consideration. In Fig. 4.3 the measured
coupling between input and output pads in a simple open structure without interconnect lines,
and an open structure with interconnect lines all the way up to the (removed) device under test
are compared. As expected, it is observed that the ground shielded pad configuration results in
very small coupling for the open structure without lines. The open structure with lines shows
that a significant part of the coupling is due to the small gap between the lines where the device
under test is to be placed. Therefore both the neglect of the substrate coupling admittance
Ypp, and the placement of Yy between the base-collector terminals of the SiGe HBT in Fig.
4.2 seems to be justified. The question remains whether the placement of the loading due
to the interconnect lines across the SiGe HBT device terminals is valid, or it is more correct
to place all of this loading at the pads, as assumed by the three-step de-embedding method
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Figure 4.3 Measured coupling between ground-shielded pads with and without inter-
connect lines.

described in [60]. In order to investigate the influence of the placement of the parasitics from the
interconnect lines, two different de-embedding method were applied to measured S-parameter
on the single-emitter SiGe HBT device. In the variant described below of the distributed method
reported in [59] (The Koolen de-embedding method) the shunt parasitics are all placed across
the transistor terminals, and the de-embedded Y-parameters for the device are found in three
steps as follows. First, the measured Y-parameters, Yeas, are de-embedded from pad parasitics
as

Yd1 = Ymeas — Ypad (4-1)

where Y59 are the measured Y-parameters for an open standard without lines. Next, the mea-
sured Y-parameters de-embedded for pad parasitics are converted into Z-parameters and the
series parasitics Zp, Ze, and Z. are subtracted as

_ 111
Yd2 = (Ydll - (Yshort - Ypad) 1) (4-2)

where Yqort are the measured Y-parameters for a short standard. The last step is to subtract the
parallel parasitics Yps and Ycs due to the interconnect lines as

Yz = (Yaz — ((Yopen — Ypad) " — (Yenort — Ypad) ) ) (4.3)

where Yopen are the measured Y-parameters for an open standard with the device under test
removed. This de-embedding method requires three standards, an open without lines, an open
with lines, and a short standard. In the method reported in [60] (The Cho-Burk de-embedding
method) the parasitics from pads and interconnect lines are de-embedded in three-steps. In this
method, the shunt parasitics due to pads and interconnect lines are first subtracted from the
measured Y-parameters as

Y110pen + Y120pen 0
Yd1 = Yimeas — 4.4
a meas [ 0 Y220pen + Y120pen ( )

where Yopen are the measured Y-parameters for the open standard with lines. Then the series
parasitics due to the interconnect lines are de-embedded as

-1

Y11open + Y 0 -
Yoo = [Y21_ (Y _ 1lopen 120pen 4.5
“ ( at < sort |: 0 Y220pen +Y120pen ( )
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where Ygort are the measured Y-parameters for the short standard with all lines connected to-
gether. The last step is to subtract the shunt element across the input and output lines as

Y120pen _Y12open ( 4 6)

Yaz = Ya2 —
—leopen YlZopen

The variant of the Cho-Burk de-embedding method described above uses only two standards,
an open standard with lines, and a short standard with all lines connected together. The original
methods requires four standards, two shorts, a thru, and an open standard. In order to investi-
gate the accuracy of the de-embedding methods described above, the base-emitter capacitance
Chep for the parasitic substrate transistor of a 4x0.8um? area single-emitter SiGe HBT device
is extracted using the method described in the next subsection after pad and interconnect line
parasitics have been removed using each of the two de-embedding methods just described. The
frequency dependence of the extracted capacitance as seen in Fig. 4.4 shows that the Cho-Burk
de-embedding method is superior to the Koolen de-embedding method for extracting small-size
parasitics. Therefore the Cho-Burk de-embedding method have been used for all succeeding
parameter extraction on SiGe HBT devices in this work.

20
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—e— Cho—-Burk de-embedding
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Figure 4.4 The base-emitter capacitance Cpep for the parasitic substrate transistor
of a 4x0.8um? area single-emitter SiGe HBT extracted from measured S-
parameters using the Koolen and Cho-Burk de-embedding methods.

4.1.2 Direct Parameter Extraction Method for SiGe HBT Equivalent Circuit

Small-signal equivalent circuit models for SiGe HBT devices can naturally be divided into
an intrinsic part describing the transistor action in a vertical structure underneath the emitter,
and an extrinsic part due to unavoidable parasitics associated with the device structure as seen
in Fig. 4.5. The intrinsic part is described with the well-known hybrid-1t equivalent circuit
which follows from a linearizion of the Gummel-Poon large-signal model in the forward active
region [62]. The transconductance g, contains a delay component T in order to model the excess
phase shift which becomes noticeable at frequencies approaching ft for the devices [63]. The
base-emitter capacitance Cpe contains both depletion and diffusion components, while the base-
collector capacitance Cyc only includes the depletion components. The intrinsic base resistance
Rpi models the current dependent part of the total base resistance, arising due to conductivity
modulation of the internal base sheet resistance [64]. The reduced base-width modulation (the
Early effect) experienced in SiGe HBTs means that the output conductance g, can be neglected.
As shown in Fig. 4.5, the parasitics in the extrinsic part includes fixed base, collector, and
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emitter series resistances and parasitics due to substrate transistor action Cpep, Cpcp, and Res.
Furthermore, in modern double-poly SiGe HBT devices a large part of the total capacitance
between base-emitter and base-collector terminals is due to fixed oxide capacitances shown in
Fig. 4.5 as Cpe and Cpqo respectively. The small-signal equivalent circuit model shown in Fig.
4.5 should be able to accurately describe the behavior for a SiGe HBT from DC to frequencies
in excess of fy of the devices for all current levels up to the point where base-widening effects
starts to dominate the device behavior.

Intrinsic HBT

'
' '
[ I

E
\ Extrinsic HBT

O™ Imee?

Figure 4.5 High-frequency equivalent circuit model for a double-poly SiGe HBT device
in the forward active region.

Fixed Access Resistances and Fixed Oxide Capacitances

In the cut-off mode, the small-signal equivalent circuit model for a HBT consist only of capaci-
tances and resistances [65] as shown in Fig. 4.6. In the lower frequency range, where the effects
of the resistors remains negligible, the resulting capacitance network have a Tetopology so that
the total input capacitance Cj, can be found as [66]

oCin = D(Y]_l +Y12) (4.7)

where Y1; and Y1» are measured Y-parameters de-embedded from pad and interconnect line
parasitics. Similar, the total feedback capacitance C ¢, between base and collector terminals can
be found as

WCtp = O(—Y12). (4.8)

The measured frequency dependence of the imaginary part of the above Y-parameter equation
for a 2x6x0.8 um? area SiGe HBT device biased in the cut-off region are shown in Fig. 4.7
(left plot). A linear frequency dependence is observed verifying the capacitive behavior. The
input capacitance Cj, includes both the fixed oxide capacitance Cpeo, and the voltage dependent
base-emitter depletion capacitance Cpe. Thus the input capacitance is given by

C.
Cin = Coeo + % (4.9)
(%)
P
where Cje is the zero bias base-emitter depletion capacitance, Pe is the built-in potential for the
base-emitter junction, and Mg is the base-emitter junction grading term. Extraction of Cpe iS
accomplished by fitting this equation to measured C;, for a reverse biased, as well as slightly

forward biased base-emitter junction. The feedback capacitance C+, includes both the fixed
oxide capacitance Cpeo, and the total voltage dependent base-collector depletion capacitance.
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E .

Figure 4.6 Small-signal equivalent circuit valid when the SiGe HBT is biased in cut-off
mode.

The base-collector Cp and parasitic base-emitter depletion capacitances Cpep are assumed to
have the same voltage dependence, so that the feedback capacitance is written as

where Cjc and Cjep are the zero-bias depletion capacitances for the base-collector and para-
sitic base-emitter junctions respectively, while P is the built-in potential for the base-collector
junction and Mc is the base-collector junction grading term. In Fig. 4.7 (right plot), the excel-
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Figure 4.7 Extraction of base-emitter and base-collector junction capacitances for a
2x6x0.8 pm? area SiGe HBT device. Left: The resulting frequency de-
pendence of imaginary part of the Y-parameters in cut-off mode (Ve =
—1.5V,Vee = 0.0V). Right: Model fit for total base-emitter and base-collector
capacitances using extracted values for fixed oxide and depletion capaci-
tances.

lent model fits to measured data for the input capacitance C;,, and feedback capacitance C¢y, are
shown using extracted values for the fixed oxide capacitances, zero bias depletion capacitances,
built-in potentials and junction grading terms for the base-emitter junction and base-collector
junction.

In order to find the access base, emitter, and collector resistances in bipolar transistors, the
methods described in [62] have traditional been used. These methods are based on oversim-
plifications of the model and the extracted values must be refined by optimization. Instead, it
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has been shown that a HBT biased in saturation at zero collector-emitter voltage and driven
with a very large forward base current I, can be represented with a simple T-equivalent circuit
model consisting only of external base, emitter, and collector access resistances [66]. In a SiGe
HBT, things are complicated by the presence of the parasitic substrate transistor which starts
to conduct current in saturation. In the saturation region, a significant part of the applied base
current Iy, will flow in the substrate because the parasitic base-emitter junction turns on. The
remaining part of the current will flow thru the forward biased emitter-base, base-collector, and
parasitic base-emitter junctions. The transport current cancels internally so no current flows
into the collector. Now, as the base current Iy, increase toward infinity, the dynamic resistances
of the base-emitter, base-collector, and parasitic base-emitter junctions decrease toward zero
and a simple T-equivalent circuit consisting of the fixed base, collector, and emitter series re-
sistances results despite the substrate conductance. At very high base currents the base, emitter,
and collector resistances are given by the equations

Rox = 0O(Zu1—Z12) (4.11)
Re = 0O(Z12) (4.12)
Rx = 0(Z22—Z12) (4.13)

where Z11, Z1> and Zy, are measured Z-parameters de-embedded for pad and interconnect line
parasitics for a SiGe HBT biased in the saturation region. The frequency dependence of the
real part of the measured Z-parameter equations for a 2x6x0.8 um? area SiGe HBT device are
shown in Fig. 4.8 (left plot). The flat frequency dependence verifies that all internal junction
resistances short-circuits all the internal capacitances as they should. The extraction of the fixed
base, emitter, and collector resistances are based on the extrapolation of the plots of the real
part of the above Z-parameter equations versus 1/Ip, up to the ordinate as illustrated in Fig.
4.8 (right plot). Only a very small part of the applied base current will actually flow through
the intrinsic base resistance, explaining the observed slow variation of (J(Z1; — Z12) with base
current.
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Figure 4.8 Extraction of fixed base, collector and emitter series resistances for a
2x6x0.8um? area SiGe HBT. Left: Frequency dependence of real part of
Z-parameters when the SiGe HBT is in the saturation region (Vee = 0.0V,
Ip = 16.8mA). Right: Evolution of the real part of the Z-parameters versus
1/1p.

In Table. 4.1 a summary is given of the extracted values obtained for the fixed oxide capaci-
tances and the fixed series resistances for both the 2x6x0.8 um? area, and the 4x0.8 um? area
SiGe HBT devices.
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Parameter | Extracted Value Extracted Value
(2x6x0.8um2?area) | (4x0.8um?area)

Cheo [fF] 21.26 9.54

Choo [fF] 9.75 2.76

Rox [Q] 145 31.0

Re [Q] 0.7 3.0

Rex [Q] 75 18.0

Table 4.1 Extracted fixed oxide capacitances and fixed access resistances parame-
ters for 2x6x0.8um? area and 4x0.8um? area SiGe HBT devices.

Substrate Parasitics Extraction

Once the fixed access resistances and fixed oxide capacitances have been extracted, it is possible
to remove their influence by de-embedding. It should be noticed that the emitter resistance can
not be de-embedded at this point, as the parasitic substrate network is connected to the emitter
node as shown previously in Fig. 4.5. The equivalent circuit model for the SiGe HBT in the
cut-off region after de-embedding can then be represented as shown in Fig. 4.9. Straightforward

+ Intrinsic HBT

\ Extrinsic HBT

Figure 4.9 Small-signal equivalent circuit model for a SiGe HBT biased in the cut-off
region after fixed oxide capacitances and fixed base and collector access
resistances have been removed.

analysis on the equivalent circuit in Fig. 4.9 shows that the Y-parameters Y, and Y1, are given
by

juChep , juCpe(1+ juCheRyi)
Yoo = ———— + |6Cpep + - 4.14
2= 17 joCoopRe %%t T je(Coo + Coo)Rs (4.14)
and G
: J[ Q&
Y10 = — J6Cpep — - 4.15
12 16 bep 1+ j(JL)(Cbe + Cbc) Rui ( )

where the influence of Re has been neglected for simplicity. The influence of the parasitic
base-emitter capacitance Cpep Can be removed by adding the two Y-parameters together

Yor i Yy, — _ AWCbp — W’ ChcCheRbi
2T T 11 j6CoopRs 1+ j6(Cpe+ Cho)Roi
j(*ﬁbcp
: _ 4.16

where the approximation is valid for w?CpCreRpbi = 0, Which is equivalent to neglecting the
internal feedback path through the device. Thus, the substrate resistance Rs and parasitic base-
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collector admittance wCpcp are extracted as follows

1
Rs=0( ——— 4.17
® <Y22 + Y12> (#.17)
and L
WChep = T\ (4.18)
a <Y22+Y12>

The frequency dependence of the extracted substrate resistance and parasitic substrate base-
collector admittance for a 2x6x0.8 um? area SiGe HBT device are shown in Fig. 4.10. At
low frequencies, the extraction of the substrate resistance is inaccurate because the measured
Y-parameters are dominated by capacitive effects. At high frequencies especially, the extracted
parasitic base-collector capacitance shows a frequency dependence. It has been verified, by
simulation on a realistic small-signal model, that this frequency dependence identify the fre-
guency region where the approximation used for the substrate extraction becomes inaccurate.
The extraction of the substrate parasitics should therefore be confined to the frequency range
where the substrate resistance Rs shows flat characteristics and wCpcp depends linear on the
frequency.
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Figure 4.10 Extraction of substrate parasitics for a 2x6x0.8 pm? area double-emitter
SiGe HBT biased in the cut-off region (Vee = 1.5V,Vpe = OV).Left: Fre-
guency dependence of the extracted substrate resistance Rs. Right: Fre-
guency dependence of the extracted parasitic base-collector admittance
WChep.

The parasitic base-collector capacitance is a voltage dependent depletion capacitance described

by the usual type of equation
Cicp

(%)

where Cj¢p is the zero bias parasitic base-collector depletion capacitance, Ps is the built-in po-
tential for the parasitic base-collector junction, Mg is the parasitic base-collector grading term,
and Vg is the substrate to collector potential. In Fig. 4.11, the model fit is compared to measured
parasitic base-collector capacitance Cpcp using extracted values for the zero bias depletion ca-
pacitance, built-in potential, and junction grading term for the parasitic base-collector junction.
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Figure 4.11 Model fit for parasitic base-collector capacitances using extracted values
for the depletion capacitance

In Table. 4.2, a summary is given for the extracted values obtained for the substrate resistance
Rs and parasitic base-collector capacitance Cpcp. The parasitic base-emitter capacitance is ex-
tracted after the elements for the intrinsic hybrid-Ttequivalent circuit are extracted as discussed
next.

Parameter | Extracted Value Extracted Value
(2x6x0.8um2?area) | (4x0.8um?area)

Rs [Q] 428.2 965.4

Cjcp [fF] 59.95 34.04

Ps [V] 0.55 0.55

Mg 0.3 0.3

Table 4.2 Extracted substrate resistance Rg and parasitic base-collector junction ca-
pacitance parameters Cjcp, Ps and Ms for 2x6x0.8um? area and 4x0.8um? area
SiGe HBT devices.

Determination of Intrinsic Hybrid-mt Equivalent Circuit

At this point all external elements of the small signal equivalent circuit for the SiGe HBT
device have been extracted, except the parasitic base-emitter capacitance Cpep. It is however
possible to extract the intrinsic elements of the hybrid-1t equivalent circuit independently of
this capacitance [56]. In order to do this, the influence from the external elements of the SiGe
HBT must first be removed using the following multi-step de-embedding approach: Step 1) de-
embed fixed oxide capacitances; Step 2) de-embed fixed base and collector resistances; Step 3)
de-embed substrate resistance and parasitic base-collector capacitance (bias dependent); Step
4) de-embed fixed emitter resistance. The small-signal equivalent circuit model after the de-
embedding procedure have been applied can be represented as shown in Fig. 4.12.

Using the multi-step de-embedding procedure described above, the complicated SiGe HBT
equivalent circuit shown in Fig. 4.5 have been reduced to the simpler hybrid-rt small-signal
topology. The commonly used Gummel-Poon large-signal model reduces to the hybrid-Ttsmall-
signal topology, when linearized and several methods exists for the parameter extraction for this
circuit [51-56]. Most of the previous methods have used Z-parameters due to the distributed
nature of the base network. During the parameter extraction on the SiGe HBT devices in this
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Figure 4.12 Small-signal equivalent circuit model for a SiGe HBT biased in the forward
active region after fixed oxide capacitances, fixed access resistances,
parasitic base-collector capacitance and parasitic substrate resistance
have been removed.

work, however, methods based on Y-parameters have proven best suitable. This might be due
to the small but non-negligible output conductance distorting the Z-parameters in a manner
which makes certain assumptions for the parameter extraction methods unfulfilled. Now, the
parameter extraction for the internal hybrid-1t using the Y-parameter method reported in [56]
will be described in detail, with emphasis on the verification of the assumptions in this method.
Analytical expressions for the Y-parameters of the equivalent circuit shown in Fig. 4.12 are
easily derived. The results are stated below

Obe + J0(Cpe + Cix)

Y11 = - + jwC 4.20
1 1 Rui(Gbe+ j9(Coe+ Chc)) J0-bep (4.20)
— JChe -
Yo = - — JuC 4.21
2= T R (Goo+ J0Coot Coa)) 10 PeP (4.21)
gmoe 1“" — juCpc .
Yo = - — jaC 4.22
2 T Ru(Goot J0(Coe+ Cog)) 0 %P (4.22)
joC e J9T 4 joC .
Y22 — J bC(gbe+ngD J be) + JQﬁbep (423)

1+ Rbi(9gbe + jw(Cpe+Chc))

where gpe = 1/Rpe has been used. The influence from the parasitic base-emitter capacitance
Chep are removed by forming the following terms

Obe + JWCpe

Ya=Y11+ Y12 = : 4.24
T T 1 Ryi(gbe + jW(Coe + Coo)) (24
Yo =Ya1— Y1 = Imme (4.25)

P A T Ryi(Gbe + JW(Che+ Cho)) '

JWCpcRpi (Gbe + Gmoe ™ " + j6Che)
Ye=Yo+Yi2= - . 4.26
¢ T T T 4 Rui(gbe + j0(Coe + Ch)) (420
The value of 1/|Yp|? is a quadratic function of frequency given by
)2 _ 2

Yol2  Gho Jfo
and verified by measurements on a 2x6x0.8um area SiGe HBT biased at V=1.5V, I;=4.2mA as
shown in Fig. 4.13. From Eq. 4.27 two useful terms are extracted as

_ 1 :1+Rbigbe
Yble—0 Omo

a (4.28)
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Figure 4.13 Extracted 1/|Yp|? for a 2x6x0.8um area SiGe HBT biased in the forward
active region (Vee=1.5V, I:=4.2mA) verifying the quadratic frequency de-

pendence.
and
1 32
p— | P _ Rui(CoetCu) (4.29)
w? Gmo
Dividing Y by Y} gives an expression from which two more terms are extracted as
Ya _; Obe
c=01(e J‘*”):— 4.30
<Yb Omo ( )
and y “C
d=0 —ae—i“T> = e 431
<Yb Omo (4.31)
where the excess phase delay though the device T is extracted from Y}, as
wb
Wt = — <1Yb +arctan ?) . (4.32)

In Fig. 4.14 a linear dependence on frequency is observed, except at low frequencies, for the
extracted value of wrt for a 2x6x0.8um? area SiGe HBT. Furthermore it is seen that dividing Y
by Yp+ Ya, the following term emerge

WlRe = = WRECpe (4.33)

Ya+Yb

from which Tre = Ry,iCyc follows. In Fig. 4.15 the linear frequency dependence of the extracted
value of wtrc for a 2x6x0.8um? area SiGe HBT is verified. The equations 4.28-4.31 together
with 4.33 are solved for the elements of the hybrid-Tt equivalent circuit as

. b—atre

Ry = 4.34
bi d —CTre ( 3 )
1
I = = cr. (4.35)
1

Rpe = ——— a.
be COmo ( 36)
«Che = dgmo (4.37)
Coo = C (4.38)

Rui
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Figure 4.14 Extracted wr for a 2x6x0.8um area SiGe HBT biased in the forward active
region (Vee = 1.5V, Ic = 4.2mA) verifying the linear frequency dependence.
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Figure 4.15 Extracted wtrc for a 2x6x0.8um area double-emitter SiGe HBT biased in
the forward active region (Vee = 1.5V, Ic = 4.2mA) verifying the linear fre-
guency dependence.

and from Eq. 4.25 the parasitic base-emitter capacitance Cpep are found as

j(*ﬁbc )
1+ gueRbi + joRp; (Cpe + Che)

WChep = 0 <—Y12 - (4.39)
In order to check the robustness of the parameter extraction method, the frequency dependence
of the intrinsic base resistance is shown in Fig. 4.16 for the 2x6x0.8um? area SiGe HBT device.
The extracted parameters, in general shows well-behaved frequency dependence.

In Table. 4.3 a summary is given for the bias dependent extracted values (at a fixed collector-
emitter voltage) obtained by the direct parameter extraction method for the SiGe HBT devices
under investigation. As a verification of the direct parameter extraction method, the excellent
agreement between measured and modeled S-parameters in the frequency range from 45 MHz-
26.5 GHz is shown in Fig. 4.17. The bias point corresponds to the peak f for the devices.
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Figure 4.16 Frequency dependence of the extracted intrinsic base resistance Ry,; for
a 2x6x0.8um? area SiGe HBT biased in the forward active region (Vee =
1.5V, 1. = 4.2mA).
Parameter Extracted Value:(2x6x0.8um?area) Extracted Value:(4x0.8um?area)
@Vee=1.5V | 1c=0.84mA | 1c=4.2mA | 1:=8.4mA | 1;=0.28mA | Ic=1.4mA | I;=2.8mA
Rpi [Q] 33.3 28.3 23.1 103.6 83.0 68.1
Che [fF] 14.8 16.5 22.8 2.0 2.8 3.8
Che [fF] 320 811 1625 113 295 576
Rpe [Q] 2388 464 222 6651 1273 603
Omo [MS] 33 142 240 11 49 88
T [pS] 3.32 3.04 2.28 2.48 1.8 0.8
Chep [fF] ~0 ~0 ~0 4.2 4.0 3.7

Table 4.3 Bias dependence of extracted parameters for 2x6x0.8um? area and 4x0.8um?
area SiGe HBT devices. For each transistor the first column corresponds to
the linear part of the fy versus I. curve, the second column corresponds to
peak-fr and the third column corresponds to the high-current fall-off part of

fr.

4.1.3 Applicability of The Extraction Procedure For VBIC95 Modeling

Though an accurate extraction method for the small-signal equivalent circuit of SiGe HBT de-
vices is certainly important, in order to estimate the influence from parasitic elements most
wideband circuit design requires a large signal model. The parameter extraction for large signal
models such as the VBIC95 model, usually requires optimization to extensive data [67]. In
order to preserve the physical behavior, however, it is beneficial to extract as many of the model
parameters as possible and minimize the number of unknowns in the final optimization process.
The applicability of the direct parameter extraction method in connection with VBIC95 model-
ing for SiGe HBT devices, will be illustrated next. The VBIC model includes several features
important to accurately model modern double-poly SiGe HBT devices. These includes [68,69]

* improved Early effect modeling

* parasitic substrate transistor modeling

« fixed oxide capacitance modeling

* quasi-saturation modeling
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Figure 4.17 Measured (-) and modeled (-0-) S-parameters in the
from 45 MHz-26.5 GHz for SiGe HBT devices biased i
tive region. Left: 2x6x0.8um? area SiGe HBT (Vee=1.5V,
4x0.8um2 area SiGe HBT (Vee=1.5V, Ic=1.4mA).

« excess phase modeling

« avalanche multiplication

* self-heating modeling.

frequency range
n the forward ac-
I.=4.2mA). Right:

The avalanche multiplication and self-heating modeling features will not be considered in the

present parameter extraction method. As the main motivation is improved

high-frequency mod-

eling of the SiGe HBT devices the accuracy of the model will not suffer by leaving out these

features. The equivalent circuit for the VBIC95 model is shown in Fig. 4.
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Figure 4.18 Equivalent circuit for VBIC95 model.

thermal network

Fixt
bc
Wlee (Ml 7 Qo S10
excess phase network

includes an intrinsic npn bipolar junction transistor based on the Gummel-Poon model, and
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a parasitic pnp substrate transistor modeled with a partial Gummel-Poon model. Fixed oxide
capacitances are added between the external base-emitter and base-collector nodes. Quasi-
saturation is modeled with the elements R, Qpex, and a modified Qpc. Excess phase is modeled
with a separate second order network which modifies the forward transport current.

The DC characterization for the SiGe HBT devices was performed on-wafer using a HP 4145A
Semiconductor Parameter Analyzer. The SiGe HBT devices were laid out in a common-emitter
configuration with the substrate and emitter terminals connected together. This was done for
accurate high-frequency characterization, but made the parameter extraction in the reverse re-
gion of operation for the VBIC95 model cumbersome. The high frequency measurements were
performed on-wafer in the frequency range from 45 MHz-26.5 GHz using a HP 8510B network
analyzer. The VBIC95 model parameter extraction will be described for the 4x0.8um? area
SiGe HBT device.

Early Effect Extraction

The modulation of the position of the base-emitter and base-collector depletion regions with
bias observed in bipolar junction transistors is called the Early effect. Because the Early effect
modeling in VBIC95 depends on the depletion charges, the first step in the extraction procedure
is to extract the junction depletion capacitance parameters. The base-emitter and base-collector
junction depletion capacitance parameters have already been extracted from S-parameters using
cut-off mode measurements. In Table. 4.4, a summary of the extracted junction depletion
capacitance parameters for the 4x0.8um? area SiGe HBT device are given. The partitioning of
the total zero bias base-collector junction capacitance into the intrinsic part Cjc and extrinsic
part Cjep is based on the ratio extracted under forward active bias at peak fr.

Parameter | Extracted Value | Parameter | Extracted Value
Cje [fF] 16.73 Cjep [fF] 4.07

Pe [V] 1.14 Pe [V] 0.55

Me 0.68 Mc 0.45

Cjc [fF] 2.85

Table 4.4 Extracted junction depletion capacitance parameters for 4x0.8um? area
SiGe HBT device.

The forward and reverse Early voltages, Ves and Vi, are found solving the following equations
[70]

(0] o — €] pelc/5d) 0} pe [ 1 Ve ] _ [ 1 ] w10
) be (A be — Clpele/90) | L 1/Ver -1

where superscripts f and r denote forward and reverse region of operation respectively, q; is
the normalized junction charge, c; is the derivative of q;, and g, is the output conductance. The
normalized junction charge is found from junction parameters as follows

o i 1
avi}:@j
]

o —Pj V, (1-Mj)
q = Mj—1<1_< —EJ> (4.41)

where Vj is the voltage, P; the built-in potential, and M; the grading coefficient for the junc-
tion in question. The extraction of the Early effect parameters from measurements should be

Cj =
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performed at a fixed low value of the base-emitter voltage in the forward region and a fixed
low value of the base-collector voltage in the reverse region. The extracted forward and reverse
Early voltages for the SiGe HBT devices are Ve = 84.65V and Vg = 2.25V respectively.

Gummel Measurements

The transport current in VBIC95 is modeled as [71]

Is Ve > <Vbci >)
lee = — | €X —ex 4.42
« Jb < P <NFVtv P NRVtv ( )

where Vpg is the internal base-emitter voltage, Vg is the internal base-collector voltage, Is is
the saturation current, gy is the normalized base charge, Nt and N, are the forward and the
reverse ideality factors respectively. The normalized base charge is modeled using depletion
charge components, and high level injection is modeled with the knee currents parameters Iy
and l;. The parameters ls, N¢, and Ixs for the forward transport current are extracted from
forward Gummel measurement in the range from 0.4-1.2 V. The base-collector voltage was set
to 0 V to avoid the influence from avalanche currents and self-heating effects [72]. The ideality
factor is extracted from the slope of the In(l¢) against Vpe curve at low voltages. The saturation
current is extracted taking the influence of the reverse Early voltage on the forward Gummel
characteristic into account [70] as

Is Ve
In <%> =In(l¢) — NPV (4.43)

where gp ~ 1+ be/Ver is the normalized base charge at low voltages. The current that cor-
responds to the current gain  at half of its peak value is defined as the forward knee current.
Because the current gain at high currents is influenced by series resistances, only a rough esti-
mate of the knee current can be extracted if these resistances are not known. The base-emitter
component of the base current consist of ideal and non-ideal components * as

Voei Voo
lbe = lbe <exp (N _b\‘jt ) —1> + lpen <exp <N b\C}t ) —1> (4.44)
el vtv envtv

where lpe, Ng and lpen, Nen are the base-emitter ideal and non-ideal parameters respectively. The
ideal component of the base current is due to recombination in the neutral emitter region and
at the emitter contact, while the non-ideal component is caused by recombination in the base-
emitter depletion region [62]. The non-ideal parameters are extracted from the In(ly) versus
Vpe curve in the forward Gummel plot at low voltages. The ideal parameters are extracted at
medium voltages where the influence from series resistances (Rpx, Rpi and Rg) is negligible.

The parasitic substrate transistor is modeled in VBIC95 similarly to the intrinsic transistor. The
parasitic transport current is given as

3 < ( o ) ( o ))
lecp = — | €X —ex 4.45
P Gop ¢ \NigVe) 0 \Nigiy 45

where Viep is the internal parasitic base-emitter voltage, Vicp is the internal parasitic base-
collector voltage, Isp, Ntp and gpp are the saturation current, ideality factor, and normalized
base charge for the parasitic substrate transistor. The normalized base charge only includes the
knee current Iy, to model forward high injection as the Early effects and reverse high injection
are not important for the parasitic substrate transistor. Because the substrate terminal have been

LActually in VBIC95 the base-emitter current is partitioning between an intrinsic component Ipe and extrinsic
component lpe Using the parameter W, in order to model to first order the distributed nature of the base.
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connected to the emitter terminal in the SiGe HBT device under test, it was necessary to extract
the saturation current and ideality factor from the reverse Gummel plot of the parasitic substrate
transistor. In order to measure the reverse Gummel plot for the parasitic substrate transistor the
SiGe HBT devices must be biased with a negative potential on the collector and base terminals
relative to the emitter, e.g —V, > 0V and Vi, = OV. The reverse current component for the
parasitic substrate transistor modeled (qpp = 1 for the reverse current component) as

Vbcp
lirp = lgp€X 4.46
trp = lsp €XP (prVtv ( )
will flow out of the base of the SiGe HBT device. The base-collector current for the parasitic
substrate transistor flows out of the collector of the SiGe HBT device and consist of a ideal and
non-ideal components modeled as

V V
lbcp = lbeip <eXp (N _bc\st ) - 1) + loenp (eXp <N bC\F;t ) - 1) (4.47)
cipVtv cnpVtv

where lpcip, Neip and Inenp, Nenp are the parasitic base-collector ideal and non-ideal parameters
respectively. The ideality factor for the reverse current component of Iy is extracted from the
slope of the In(l¢yp) versus Viep curve, and the saturation current lgp is extracted as

Nf thv

The non-ideal parameters are extracted from the In(lpcp) versus Viep curve in the reverse Gum-
mel plot for the parasitic substrate transistor at low voltages. The ideal parameters are extracted
at medium voltages, where the influence from series resistances (Rpp, Rs and Re) is negligible.
The base-emitter current for the parasitic substrate transistor is modeled as

Vi Vi
lbep = Ibeip <exp (Nb\ejt’ ) - 1) + Ipenp (exp <N b‘iz ) - 1) (4.49)
aviv cnVtv

where lpeip, Ngi and lpenp, Ncn are the parasitic base-emitter ideal and non-ideal parameters
respectively. The extraction of the parasitic base-emitter current parameters is complicated
by the fact that it is not possible to separate the substrate current component, base-collector
current, and the parasitic base-emitter current in the measurement. It turns out, however,
that the base-collector and parasitic base-emitter current can be estimated from a measure-
ment with a negative bias on the collector and zero bias on the base of the SiGe HBT device,
e.g —V¢ > 0V and V, = OV. In this measurement, the substrate transistor is saturated because
—Ve = Vioep = Vhep > 0V and the parasitic transport current cancels at low voltages, where the
approximation is most accurate. That is, at low voltages the base current consist only of the
base-collector and parasitic base-emitter current. This is verified by simulations on the ex-
tracted VBIC95 model that compares the parasitic base-emitter current in the reverse Gummel
plot (found by subtracting the substrate current from the base current) and the base current with
saturated substrate transistor 2. The results are shown in Fig. 4.19 and proves that the extraction
of the ideal and non-ideal parameters for the parasitic base-emitter current can be performed
from the measurement with saturated substrate transistor if the voltages is kept below 0.6 V. In
the measurement with saturated substrate transistor the emitter current le = —(lp + I¢) is influ-
enced by the reverse transport current parameters N, and l,. An approximate value for these
parameters can be obtained by fitting.

A summary of the VBIC95 model parameters extracted from Gummel measurements is given
in Table. 4.5. Because the parasitic resistors were already found using the direct parameter
extraction method, the high current parameters required very little optimization.

2In the extracted VBIC95 model the base-collector current is absorbed as part of parasitic base-emitter current.
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Figure 4.19 Comparison of parasitic base-emitter current lpep found from reverse
Gummel plot (lpep = Ip — Is) and saturated parasitic pnp substrate tran-
sistor (lpep = Ip at Vipep > OV and Vpep > 0V).

Parameter | Extracted Value | Parameter | Extracted Value
Is [A] 3.5e-18 Ngi 1.46
Nt 0.99 Nen 4.93
N; 1.01 Isp [A] 3.1e-19
Iks [MA] 6 Nsp 0.93
I [MA] 0.39 Ip [A] 00
lbsi [A] 53e-21 lbeip [A] 46e-21
lben [A] 53.9e-15 lbenp [A] 33e-18
Ng 1.01 Wsp -
Nen 2.41 lbip [A] 9.4e-15
Whe - Ibcnp [A] —
Ibc:i [A] - Ncip 1.13
Ibcn [A] - Ncnp -

Table 4.5 VBIC95 model parameters extracted from Gummel measurements for
4x0.8um area SiGe HBT device. Parameters kept at the default value are
denoted (-).

Quasi-Saturation Parameters

At high injection levels in the collector, the DC current gain drops as does the unity current
gain frequency due to base push-out into the lightly doped collector region. This phenomena is
called quasi-saturation and happens when the internal base-collector junction becomes forward
biased while the external base-collector terminal remains reverse biased [73]. In this operation
region minority carriers are injected into the collector from the base, effectively widening the
base and storing excess charge. Quasi-saturation is modeled in VBIC95 using the parameters
Rdi, Vo, Y, Hra, and Qo as explained in the VBIC95 model description [71].

The unmodulated intrinsic collector resistance R can be estimated using knowledge about the
collector epi-layer doping Nepi and the width of the lightly doped collector Wep; as

_ Wepi
0AeNepi Hn

Ci

(4.50)

where q is the electron charge, Ae is the emitter area, and |, is the doping dependent electron
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mobility. The epi-drift saturation voltage V, accounts for the influence from velocity saturation
on the current in the collector region. It can be estimated from

_ Wep Vsat
Hn

where v is the saturation velocity for electrons in Silicon. Conductivity modulation in the
collector region is modeled using the epi-doping parameter y which can be estimated from

2n; >2
= — 4.52
(e @52)
where n; is the intrinsic carrier concentration for Silicon. At high current levels the rise in
collector current with collector-emitter voltage is empirically modeled using the high current

parameter H¢s. Finally, the stored excess charge Qgo, important for high-frequency modeling
in quasi-saturation is estimated from

Vo (4.51)

1
Qoo = ZquWepi Nepi- (4.53)

Unfortunately the epi-layer doping is not known for the 0.8 pm SiGe HBT process from AMS.
Instead, the quasi-saturation parameters have been calculated for three different epi-layer dop-
ing levels as shown in Table. 4.6. An epi-layer doping level of Nepi = 1017 cm—3 seems to give
a good agreement between the VBIC95 model and measured forward output characteristic as
will be shown later. The high current parameter H,c¢ was kept at the default value.

Nepi [Cm73] R [Q] | Vo [V] Y Qw [C]
1lel6 650.2 0.33 4.16e-12 | 0.51e-15
5e16 156.1 0.40 | 166.5e-15 | 2.55e-15
1el7 97.5 0.50 41.6e-15 | 5.13e-15

Table 4.6 Calculated quasi-saturation parameter. Semiconductor parameters used in
the calculations are:n; = 1.02e10cm?, vey = 1e7cms ™2, pn(Nepi = 1e16cm—3) =
1.2e3cm?/Vs,pn(Nepi = 5e16cm—3) = 1e3cm?/Vs, pn(Nepi = 1lel7cm3) =
0.8e3cm?/V's (From [74]).

AC Parameters Extraction

The extraction of the VBIC95 model parameters of interest for the ac-modeling includes the
intrinsic base resistance Ry, the forward transit time parameters Ts, ¢, Vis, X, reverse transit
time Ty, and excess phase delay Ty.

The bias dependence of the intrinsic base resistance due to conductivity modulation is modeled
as Ryi/qp, where qp is the normalized base charge [69]. High-frequency S-parameters, mea-
sured at several bias points in the forward active region, is used to determine the intrinsic base
resistance by applying the direct parameter extraction method. As the collector current I goes
toward zero, the normalized base charge becomes approximately unity. The extraction of the
parameter Ry, is then achieved by extrapolating values of Ry, /qp Versus collector current I onto
the ordinate axis, as shown in Fig. 4.20.

The forward transit time 1+ is important for accurate modeling of the base-emitter diffusion
charge tlc. The current dependence of the total transit time from emitter to collector for a
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Figure 4.20 Intrinsic base resistance Ryi/qp versus collector current | extracted on
4x0.8um? area SiGe HBT device biased in the forward active region.

SiGe HBT device has been discussed previously in chapter 3 of this thesis. When the effect of
parasitic series resistances is included, the transit time is modified as [64]

g~ T+ 1 (Coe t -+ Coep) + (R + R Cix (454
T[fT Ic

where Cpe, Cpe and Cpep are depletion capacitances and Ty contains the transit times through the
base and collector regions. The forward transit time parameter T is extracted from a plot of the
transit time, found from measured fr, versus the inverse of collector current [62]. The transit
time extrapolated to the ordinate (infinity collector current) as shown in Fig. 4.21 (left plot) is
then given as Tt + (R¢ + Rex)Che, from which the forward transit time parameter T is easily
extracted. The bias dependence of the forward transit time is modeled according to

| 2 Vi
Tt = T5 (1+Qtfqb) <1+th <| +C|tf) exp 1 42(\:|/”> (4.55)
C .

where lf, Qt, Vit, and X¢s models the current and voltage bias dependence. These parameters
are extracted by fitting measured fr versus collector current I¢, for two different collector-
emitter voltages, as shown in Fig. 4.21 (right plot). In general, the bias dependence of the unity
current gain frequency is well predicted by the extracted VBIC95 model also in the high current
region where the Kirk effect results in the f fall-off.

The reverse transit time is important to model the base-collector diffusion charge 1, le, when the
base-collector junction becomes forward biased. It have been shown that the relation

Telke = Trlke (4.56)

should hold for the transport and charge models to be consistent in the VBIC95 model [71].
Once the forward transit time Ty, and knee current parameters lxs and I, have been extracted,
T, is found using the above relation.

The excess phase delay becomes important in the frequency range close to the unity current gain
frequency fr. In the direct parameter extraction method, the excess phase delay was modeled
as a phase shift affecting the small-signal transconductance as gmo€ '“*. An estimate for the
excess phase delay factor Tq can be extracted from high-frequencies S-parameters measured
on the SiGe HBT device biased in the forward active region, as shown in Fig. 4.22. At low
bias currents, the excess phase delay decreases with the increase of the current, but once base-
widening effects becomes noticeable it increases due to the increase in Tt [75]. The decrease



Substrate Effects in SiGe HBT Technology 51

70 - : . 50
—— Measured
—— Model
601
40f

501
7} V_=3.0V
%)
= —30} ce
=40 N
S o
o - _
:;\/,30 3 o0l V,&1.5V
B

20}

10t
10f
- TRGERIG,
0 . . L 0 N
0 2000 400(?1 6000 8000 lO'l 100 101
UIc[A™] Ic [mA]

Figure 4.21 Transit time parameter extraction for 4x0.8um? area SiGe device. Left:
Transit time versus inverse of collector current. Right: Bias dependence
of the unity current gain frequency fy.
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Figure 4.22 Bias dependence for excess phase delay T extracted from 4x0.8um? SiGe
HBT device (Vee = 1.5V).

in excess phase delay at low currents might be explained by the bias dependence of the delay
through the collector depletion region, which contribute to the total excess phase delay [75].
That is, as the current increases (with fixed collector-emitter voltage), the base-collector reverse
voltage, and hence the depletion width decreases, resulting in reduced transit time through the
collector depletion region. In the VBIC95 model, the excess phase delay is bias independent,
so the extracted value at low bias current should be used for Ty [75].

Table. 4.7 shows a summary of the ac parameters extraction using high-frequency S-parameters
for the 4x0.8um? SiGe HBT device.

Model Verification

The extracted parameters were applied to the built-in VBIC95 circuit component in the mi-
crowave simulator HP Advanced Design System (ADS) from Agilent, and the model verifica-
tion will be given here.

In Fig. 4.23, the VBIC95 model fit to measured forward Gummel and forward beta characteris-
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Parameter | Extracted Value | Parameter | Extracted Value
Rui [Q] 135 Vis [V] 1.3

Tt [pS] 4.0 It [A] 0.037

Xt 8 Tr [pS] 62.1

Qur - Ta [pS] 2.4

Table 4.7 VBIC95 model ac parameters extracted from measured high-frequency S-
parameters for the 4x0.8um? area SiGe HBT device. Parameters kept at the
default value is denoted (-).

tics are shown. The forward Gummel and forward beta characteristics are accurately modeled at
low voltages (compare with the design-kit model response described in chapter 3). The devia-
tion in the collector current at high voltages may be due to thermal effects not yet accounted for.
In general, the saturation current, base-emitter currents, ideality factors, reverse Early voltage,
series resistances, and knee current parameter which influence the forward Gummel and forward
beta characteristics seems to be accurately extracted. It should also be mentioned that the mea-
sured reverse Gummel plot for the parasitic substrate transistor, as well as the measured result
with saturated parasitic substrate transistor are reasonable predicted by the extracted VBIC95
model (not shown).
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Figure 4.23 Measured and modeled forward Gummel plot (left) and forward beta
(right) for the 4x0.8um? area SiGe HBT device.

The VBIC95 model fit is compared to the measured forward output characteristic for constant
base currents in the range from 20-100pA as shown in Fig. 4.24. The rather large forward
Early voltage extracted is verified by the observed current slope at low base currents. The
transition region from saturated to the linear region is well predicted by the calculated quasi-
saturation parameters for an epi-layer doping of 101" cm=2. The current slope observed in the
measured data at high base currents, however, is not included in the present VBIC95 model
because the high current parameter was kept at the default value. In order to fit this region the
quasi-saturation parameters needs to be optimized to the measured data with resulting loss of
the physical nature.

Fig. 4.25 shows the VBIC95 model fit compared to measured S-parameters for the 4x0.8um?
SiGe HBT device. The SiGe HBT device is biased at Vg = 1.5V, I = 1.4mA corresponding
to peak fr. The VBIC95 model is able to predict very well the frequency response of both
magnitude and phase for all measured S-parameters in the frequency range from 45 MHz-
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Figure 4.24 Measured and modeled forward output characteristic for the 4x0.8um?
area SiGe HBT device biased with constant base currents in the range
from 20-100pA.

26.5 GHz. Compared with the frequency response for the design kit model investigated in
chapter three of this thesis, the following improvements are observed. First, the frequency range
where the magnitude and phase of the S;; parameter are reasonable well predicted is extended
significantly. Also the magnitude and phase of the Sy, parameter are now well predicted in the
measured frequency range. The improvements are a result of more accurately modeling of the
distributed base region, parasitic capacitances and substrate parasitic modeling. The extracted
VBIC95 model should thus be more accurate for wideband circuit design, where the influence
from parasitics elements are important.

4.2 Substrate Effects in Basic Circuit Configurations

The investigation of substrate effects in basic circuit configurations is mainly concerned with
the influence from various parasitics on the frequency response of a SiGe HBT differential am-
plifier, as shown in Fig. 4.26. The reasons for choosing this rather simple circuit are its common
use in integrated circuit designs even at microwave frequencies, as well as the existence of a
theoretical expression for the bandwidth of an ideal differential amplifier in terms of the SiGe
HBT device parasitics. An ideal SiGe HBT differential amplifier consist only of the SiGe HBT
devices and ideal resistors. In reality the SiGe HBT devices are embedded in interconnect lines
and pads structures that add parasitics and therefore influence the frequency response. Also
the poly resistors may have a significant parasitics capacitance to the substrate that needs to be
taken into account.

After a discussion of the influence of the transistor parasitics, the extraction of suitable equiv-
alent circuit models for pad structures, interconnect lines, and poly resistors will be described.
It will be shown how the inclusion of these equivalent circuit models in simulations makes it
possible to predict the measured performance of a SiGe HBT differential amplifier.

4.2.1 Influence of Transistor Parasitics

The SiGe HBT differential amplifier shown in Fig. 4.26 was designed, using the design kit
for the 0.8 um SiGe HBT process from AMS, for a transducer gain S»; of 5 dB and a 3 dB
bandwidth of 4.6 GHz. The transistors in the differential pair (Q1 and Q) each have an emitter
dimension of 4x0.8um?, and the transistors in the current mirror have 8x0.8um? emitter area. A
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Figure 4.25 Frequency dependence for S-parameters for 4x0.8um? area SiGe HBT
device biased at Ve = 1.5V, I = 1.4mA. Solid and dashed line represent
measured and modeled frequency response respectively.

bias current of 2.85 mA was used in order to obtain the largest bandwidth performance.
The bandwidth capabilities of the SiGe HBT differential amplifier is expressed as [76]
1 1 2maw|Ciot | |awlfr
— =4+t +—5 (4.57)
f3dB fv Om 4 fmax

where f is the input bandwidth, |a,o| = gmRL is the low frequency voltage gain, and Cot = Cpec+
Chep + Chep +CL. The first term represents the response of the internal base-emitter junction to
an applied input voltage, and depends on the unity current gain frequency fr as

1 _ 9mRe
fv fT

(4.58)

where Ryy, is the total base resistance. The second term represents the conversion of the collector
current into an output voltage and is determined by the load impedance, the collector-substrate
and the total base-collector capacitance. The third term represents the Miller effect expressed
here in terms of the transistor parameters fr and fax.

The contribution from each term (input bandwidth, output loading, and Miller effect) in the
above expression, to the 3 dB bandwidth of the SiGe HBT differential amplifier can be calcu-
lated using extracted values for the 4x0.8um? SiGe HBT device. Table. 4.8 shows the individual
contributions calculated for SiGe HBT devices biased at Ve = 1.5V, Ic = 1.4mA and assuming
50Q source and load impedances. The calculated 3 dB bandwidth f3yg=4.1 GHz comes close
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Figure 4.26 SiGe HBT differential amplifier.

Contribution Value [GHz]
Input bandwidth 4.7
Output loading 110.9
Miller effect 49.2
fa4s 4.1

Table 4.8 Contribution from input bandwidth, output loading and Miller effect terms to
3 dB bandwidth of SiGe HBT differential amplifier.

to simulation expectations for the SiGe HBT differential amplifier and is mainly limited by the
low input bandwidth of the transistors in the differential pair. The insignificant contribution
from the Miller effect and output loading is a result of the low transducer gain and neglect of
output capacitive loading.

4.2.2 Pad Structures and Interconnect Lines Modeling

In order to reduce the influence from substrate coupling, it is recommended to apply ground
shielded pads [48]. The ground-shielded pad configuration uses an n*-layer underneath the
signal pad to prevent coupling to the substrate, as already mentioned in connection with the
transistor modeling. The pad structure model shown in Fig. 4.27 (left plot) was extracted from
on-wafer high-frequency S-parameter measurements in the frequency range from 45 MHz-26.5
GHz using an open test structure without any interconnect lines. The effect of substrate coupling
is neglected (e.g Ry is infinity) and the pad capacitance Cpqq is extracted as

1
D{ Y11+Y12}

using measured Y-parameters. The shield resistance is found as

1

Y 4.60
Y11+Y12} (4.60)

Rahietd = O{

The right plot in Fig. 4.27 shows the excellent fit to measured S5 for the extracted pad structure
model.
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Figure 4.27 Pad structure modeling. Left: Lumped element equivalent circuit model.
Right: Model fit (dotted line) to measurements (solid line) for Si1 in the
frequency range from 45 MHz-26.5 GHz.

In silicon bipolar processes, the metal-insulator-semiconductor interconnect line structure re-
sults in large wiring capacitances to the substrate. The loss in the substrate can not be ne-
glected at high frequencies and should be taken into account in the modeling of the interconnect
lines [77]. Even though the interconnect line in principle is a distributed structure, it is assumed
here that a simple T-type model as shown in left plot of Fig. 4.28 is sufficient accurate to model
the behavior of the interconnect line at least to 10 GHz. The equivalent circuit model consist
of a series resistance Rg, a series inductance Lg, an oxide capacitor to the substrate Cox, and
the substrate resistance Rgyp. Adding a shunt capacitor across the substrate resistance may be
necessary at higher frequencies where the dielectric properties of the substrate have to be taken
into account [43]. An interconnect line test structure with line length of 369um and line width
of 6.8um using the top metal layer in the SiGe HBT process from AMS was measured on-wafer
in the frequency range from 45 MHz-26.5 GHz. The elements of the equivalent circuit model
are extracted using Y-parameters de-embedded for pad parasitics as follows. First, the series
resistance and series inductance of the line are extracted as

-1
Rs= 0{— (4.61)
Y12
and L
wls = O{— (4.62)
Y12
respectively. The oxide capacitance to the substrate is then extracted as
WCox = ! (4.63)
e Y :
D{ Y11+Y12 }
and the substrate resistance as 1
Rap=0{—1}. 4.64

The frequency dependent lossy behavior of the interconnect line on silicon is clearly observed
in the right plot of Fig. 4.28. In general the fit to measured S,; and S5 is good except at very
high frequencies where it seems like the loss in the substrate is a bit to high in the model.

A summary of the extracted equivalent circuit elements for the pad structure and the intercon-
nect line are given in Table. 4.9. The elements of the interconnect line model can be scaled to
fit different line geometries, when necessary.
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Figure 4.28 Interconnect line model including pad structure parasitics. Left: Lumped
element equivalent circuit model. Right: Model fit (dotted lines) to mea-
surements (solid lines) for S1; and Sz1 in the frequency range from 45
MHz-26.5 GHz for a 6.8 pm wide and 369 pm long interconnect line im-
plemented in the top metal layer.

Parameter | Extracted Value | Parameter | Extracted Value
Cpad [TF] 126.1 Raied [Q] 31.7
Rs[Q] 3.3 Ls [pH] 371.1
Cox [fF] 315 Rab [Q] 124.9

Table 4.9 Extracted values of equivalent circuit element for pad structure and inter-
connect line model. The interconnect line is implemented in the top metal
layer with line length of 369um and line width of 6.8um.

4.2.3 Poly Resistor Modeling

The parasitic capacitance to the substrate of a poly resistor depends on the area and the perimeter
of the resistor. Shielding to the substrate are possible using a n-well underneath the poly resis-
tor or alternatively a p*-guardring could be placed around the poly resistor. High-frequency
S-parameters for a 200 Q poly resistor (Poly1) test structure was measured on-wafer in the fre-
quency range from 45 MHz-10 GHz. A p*-guardring was placed around the poly resistor in
the test-structure in order to define the potential of the substrate close to the resistor. The mea-
sured Y-parameters were de-embedded for pad structure and interconnect line parasitics, using
an open and a short standard. The Tetype equivalent circuit model for the poly resistor is shown
in the left plot of Fig. 4.29. The extraction of the elements follows the same procedure as for
the interconnect lines. As shown in the right plot of Fig. 4.29, the fit to measured S-parameters
S11 and Sy, after de-embedding is good. A very weak frequency dependence is observed for the
poly resistor implemented in the poly1 layer.

A summery of the extracted equivalent circuit elements for the poly resistor are given in Table.
4.10. The elements of the poly resistor model can be scaled to fit different geometries when
necessary.

4.2.4 Experimental Results

The layout of the differential amplifier implemented in the 0.8 um SiGe HBT process from AMS
is shown in Fig. 4.30. The differential amplifier was on-wafer measured using a HP 8510B
Network Analyzer in the frequency range from 45 MHz to 10 GHz. The network analyzer
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Figure 4.29 Poly resistor model without pad structure and interconnect line parasitics.
Left: Lumped element equivalent circuit model. Right: Model fit (dotted
lines) to measurements (solid lines) for S11 and Sp; in the frequency range
from 45 MHz-10 GHz for a 10 pm wide and 95 pym long poly resistor
implemented in the polyl layer.

Parameter | Extracted Value | Parameter | Extracted Value
Cox [fF] 40 Raw [Q] 50

Table 4.10 Extracted values of equivalent circuit element for poly resistor. The poly
resistor is implemented in the polyl layer with line length of 95um and line
width of 10pum.

was calibrated using a Cascade ISS calibration substrate placing the reference plane for the
measurements at the probetips. The circuit operated at a supply voltage of 5 V for V., and the
control voltage Vyias Was adjusted until a bias current of 2.85 mA was obtained. An additional
bias of 2.5 V was applied at the input of the differential stage through bias-T’s at port 1 and port
2. Two sets of measurements were performed. First S-parameters were measured from port 1
to port 3 with port 2 and port 4 terminated in matched loads and secondly from port 1 to port 4
with port 2 and 3 terminated. For these measurements Cascade WPH-705-PPGSGSGP probes
were used.

In order to investigate the prediction accuracy of the measured magnitude and phase character-
istics of S31 and S43, as well as the input and output return losses of interest for the SiGe HBT
differential amplifier, three levels of simulation complexity are used. The first level is a nominal
simulation performed on the ideal SiGe HBT differential amplifier using the extracted VBIC95
model. The second level of simulation complexity takes the pad structures and interconnect
lines parasitics for the input, output, supply and ground lines into account. The third level also
takes the load resistor parasitics into account.

From the nominal simulation, a 3 dB bandwidth of 4.6 GHz was expected, however the mea-
surement shows a disappointing 3 dB bandwidth of 2.4 GHz for S3; and 2.7 GHz for S4; as
shown in Fig. 4.31. The difference in 3 dB bandwidth between S3; and S4; is an indicator of the
imbalance in the differential amplifier. Also the phases of S3; and S4; are far from expectations
as are the input and output return losses as shown in Fig. 4.32. Clearly the frequency response
of the SiGe HBT differential amplifier is affected by other factors than the SiGe HBT device
performance. It should be notice that little difference was observed between the prediction abil-
ity of the design-kit model and the extracted VBIC95 model. Taking into account the substrate
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Figure 4.30 Layout of SiGe HBT differential amplifier.

effects due to pads structure and interconnect lines, the frequency response of the differential
amplifier becomes well-predicted. The interconnect lines parasitics is very important in order to
model correctly the phase characteristic in the SiGe HBT differential amplifier. As observed in
Fig. 4.31 and Fig. 4.32 the simulation results with inclusion of poly resistor parasitics coincide
with the simulation with pad structure and interconnect lines parasitics. This could however,
be expected as the large pad and interconnect line capacitances dominate the output capacitive
loading of the SiGe HBT differential amplifier.

In conclusion, the present investigation have shown that the frequency response of basic circuit
configurations depends to a large extent on substrate effects. Nominal simulation including only
the frequency dependence of the SiGe HBT devices fails to predict the measured bandwidth
capability and phase characteristics even in basic circuit configurations. Inclusion of substrate
effect parasitics associated with pad structures and interconnect lines are found important in
order to let simulation predict measured results with respect to the frequency response of a
SiGe HBT differential amplifier. Poly resistors show only weak frequency dependence and the
parasitics associated with these resistors do not influence the prediction of measured results.
All following simulation results presented for SiGe HBT circuits includes the parasitics from
the most critical interconnect lines and pad structures while the influence from the poly resistor
parasitics is neglected.
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Figure 4.31 Comparison of simulated and measured magnitude and phase charac-
teristics for SiGe HBT differential amplifier in the frequency range from
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Figure 4.32 Comparison of simulated and measured return losses for SiGe HBT dif-
ferential amplifier in the frequency range from 45 MHz-10 GHz. Left:
Input return loss. Right: Output return loss.



Chapter 5

Si1Ge HBT Designs for Quadrature
Modulator/Demodulator Subsystem

The quadrature modulator/demodulator subsystem is one of the most important building blocks
in wideband SAR systems as it is required in all sensors. Quadrature modulators and demodu-
lators for SAR systems have previously been developed using connectorized components. This
approach becomes ineffective as the bandwidth requirement increases. Instead, monolithic mi-
crowave integrated circuits (MMIC’s) should be used to implement these subsystem in order to
meet the stringent transfer function requirements over the signal bandwidth, minimize quadra-
ture modulator/demodulator imperfections, and reduce size and cost. SiGe HBT technology
seems to be well suited for the implementation of key components performing quadrature mod-
ulation and demodulation in a SAR system.

Typical specifications for a quadrature modulator/demodulator subsystem in a wideband SAR
system have been discussed in chapter 2 of this thesis, however nothing was decided about the
actual implementation of the SiGe HBT MMIC’s. In the present chapter, possible implemen-
tations of the SiGe HBT MMIC’s for the quadrature modulator/demodulator subsystem will be
discussed.

The wideband operation with resulting stringent requirements on gain flatness and phase lin-
earity in the quadrature modulator/demodulator have lead to a choice of a bottom-up design
approach. This means that in order to implement the SiGe HBT MMIC’s for the quadrature
modulator/demodulator, the suitability of basic circuit configurations for a wideband SAR sys-
tems have been investigated. In particular, wideband SiGe HBT active mixers and wideband
input buffer designs have been investigated in the present work. Though wideband active mix-
ers have been reported in Si/SiGe bipolar technologies [19, 20, 22, 23, 26, 77, 78], these have
mostly been optimized for downconversion performance in wireless applications. Such active
mixers are capable of frequency conversion of narrowband signals over a wide range of input
frequencies to a fixed low output frequency. This differs from the demands on the wideband
active mixers for SAR applications. For active mixers in SAR applications, a wideband signal at
the input port should be converted undistorted in amplitude and phase to the output port. Thus
active mixers for quadrature modulation and demodulation in SAR applications must exhibit
wideband operation on both the input and output ports. In order to meet these demands, a basic
understanding of the main bandwidth limitations of the Gilbert Cell mixer are needed. There-
fore, a simplified time-varying small-signal model for analyzing the frequency response of the
Gilbert Cell mixer is proposed. The analysis of the main bandwidth limitation of the Gilbert
Cell mixer shows that it is in general possible to consider separately the frequency response on
the RF and IF port. The frequency response on the RF port is limited by the input bandwidth
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of the transistors in the lower differential pair of the Gilbert Cell mixer while the IF port band-
width limitation arises due to the capacitive loading at the output nodes. Using the knowledge
obtained from the frequency response analysis, suitable circuit techniques are described, useful
when the objective is to achieve wideband operation at both the input and output port of the
mixer. The experimental results for an active mixer implemented in the 0.8um SiGe HBT pro-
cess from AMS are well predicted by simulations and have sufficient bandwidth performance
on both the input port and output port to be used in the quadrature modulator and demodulator
subsystem. Wideband input buffers are needed for adaption to the quadrature mixers and should
perform signal level adjustment, DC offset adjustment, input matching and single-ended to dif-
ferential conversion. An input buffer approach using a differential amplifier stage with shunt
feedback has been implemented in the 0.8um SiGe HBT Process from AMS. The experimental
results for these input buffers demonstrates wideband performance, although the bandwidth is
somewhat lower than expected from simulations.

Finally, a system design simulation setup is described which is capable of predicting the perfor-
mance of the SiGe HBT MMIC designs in terms of the PSLR and ISLR quantities of interest
for high resolution SAR applications. The quantities are evaluated by matched filtering of the
base-band quadrature signals, similar to what is done in a real SAR system.

5.1 Quadrature Modulator/Demodulator Configuration

Block diagrams for the quadrature modulator and demodulator are shown in Fig. 5.1. Both
consist of a 90° phase shifter and the modulator/demodulator core. The modulator core should
be implemented as one SiGe HBT MMIC and contains two double-balanced wideband ac-
tive mixers with their output currents combined together, input buffers for input matching,
DC offset adjustment as well as single-to-differential conversion, and an output buffer. The
demodulator core should also be implemented as one SiGe HBT MMIC, and contains two
double-balanced wideband active mixers, an input buffer for wideband input matching as well
as single-to-differential conversion, and two output buffers with DC offset adjustment. Several
approaches exist for monolithic integration of the 90° phase shifter together with the quadrature
modulator/demodulator [79-83]. These however, are either relatively narrowband or inaccurate
and conflict with the modular design principle for future SAR systems where a change in local
oscillator frequency should not require a full redesign of the quadrature modulator/demodulator
chipset.

It will be attempted to reuse the designed double-balanced wideband active mixers! and input
buffers for both the quadrature modulator and demodulator. This is in agreement with the
bottom-up design approach mentioned in the beginning of this chapter.

5.2 Wideband SiGe HBT Active Mixer Design

Wideband SiGe HBT active mixers based on the Gilbert Cell mixer topology [16] is generally
preferred for quadrature modulator/demodulator designs due to its double-balanced operation.
Double-balanced mixers are needed to suppress LO leakage to the output in the quadrature
modulator [81] and to prevent DC-offsets due to LO self-mixing in the quadrature demodulator
[84].

1The output buffers are considered to be a part of the active mixers, and will not be given special attention in this
work.
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Figure 5.1 Block Diagrams for quadrature modulator/demodulator showing possible
implementations of SiGe HBT MMIC's. Left: Quadrature modulator. Right:
Quadrature demodulator.

5.2.1 Bandwidth Limitation of The Gilbert Cell Mixer

The Gilbert Cell mixer topology shown in Fig. 5.2 consist of a quasi-linear transconductance
input stage (Q1-Q>), a switching quad (Qsz — Qg) and finally an output stage consisting here of
the load resistance (R.). The transconductance input stage converts the RF voltage signal into a
current which ideally is multiplied by +1 at the rate of the LO frequency by the switching quad,
enabling the wanted frequency conversion. While it is in principle possible to interchange the
RF and LO signals, it is preferred to apply the RF signal to the lower differential pair of the
Gilbert Cell mixer due to reduced Miller effect [18].
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Figure 5.2 Left: The Gilbert Cell mixer topology. Right: Time-varying small-signal
model for frequency response analysis.

The analysis of the frequency response of the Gilbert Cell mixer is based on the simplified
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time-varying small-signal model shown in Fig. 5.2 where Ry is the total base resistance. The
switching quad is represented as an ideal polarity-switch [85] as

4 4 4
== - — — .. 1
S(t) ncos(wLot) 3ncos(3wLot) + 5ncos(5wLot) (5.2)

where wy o is the LO angular frequency. The switching process eventually becomes limited by
the unity current gain frequency, f1, of the transistors in the quad. For frequencies below fr,
instantaneous switching of the quad can be assumed and the representation as an ideal polarity-
switch is valid. Due to the symmetry of the Gilbert Cell mixer, point A in Fig. 5.2 is virtual
ground for the RF signal, and a differential-mode half-circuit is sufficient for analysis [86]. As
point B and C are virtual ground for the LO signal, the lower differential pair is assumed to be
time-invariant. Assuming instantaneous switching of the quad points, B and C present, at all
times low impedance points for the RF signal due to the resulting Cascode connection. This
justifies the neglect of the internal feedback capacitance in the lower differential pair, because
of the reduced Miller effect, as well as any capacitive loading that might exist at points B and
C. The capacitive loading C, at the output consists mainly of the sum of the collector-substrate
and base-collector capacitances for the transistor pairs Q3, Q5 and Q4, Q6. While the capacitive
loading is modulated by the LO signal, and C, in principle is time-varying, the effect on the
frequency response is believed to be very small and a fixed value can be assumed. The presence
of the large LO signal and the small RF signal in the Gilbert Cell mixer in general results in
mixing frequencies in the output currents ijs1 and ijt2 at [87]

Gix = FWRE +NWLO (5.2)

where wrr is the RF angular frequency and n=..,—2,—1,0,1,2,.. as illustrated in Fig. 5.3a).
An equivalent representation is shown in Fig. 5.3b) where only the components at frequencies

W = Wp + NWLo (5.3)

with wp = |w o — Wre| have been included. That is, only the positive components of the upper
sidebands and the negative components of the lower sidebands are included in this represen-
tation. However, because positive and negative frequency components are related as i_p = i},
knowledge of one sideband component is sufficient. With this notation the RF signal is at fre-
guency w, for low-side mixing (LO frequency below RF frequency) and at frequency w_; for
high-side mixing (LO frequency above RF frequency). Considering low-side mixing only, con-
version matrix analysis is applied in order to find the conversion transconductance from the RF
input voltage v;¢ 1 into the differential IF output current at the IF frequency wp. The transcon-
ductance stage consists only of time-invariant elements, and is easily analyzed. The current
components i, from the transconductance stage then only includes frequency components al-
ready present in the RF input voltage signal as illustrated by the following equation

. Om

= ——5V 5.4
1 1+ J% I’f7l ( )
where the input angular bandwidth w, = 1/(CpeRpp) for the transistors has been used. The
conversion from the only nonzero current component i; from the transconductance stage into
the differential IF output current components becomes

Tk fx 2 2

Ilit1,—2 — lito—2 0 £ 0 —% 0 0

i —jr 2 0 2 o0 -2 0

1 ifl,—1 if2,—1 T 5 T 5 3mn

iitto—lifz0 [ =] O = 0 £ 0 0 (5.5)
P61 1 — i -2 0 2 90 2 i
lif11—lif21 3n , T I 1
if12 — lif22 0 -5 0 £ 0 0
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Figure 5.3 Spectrum of mixing frequencies in output currents iijs1 and ijs2. (&) Spec-
trum for ijr1 and ijs2 shown for |n| < 2. (b) Equivalent representation show-
ing positive components for the upper sidebands and negative compo-
nents for the lower sidebands. The prime is used to indicate that i{;; and
ii¢, are not the full spectrum’s.

where the Fourier coefficients of the polarity switching function S(t) have been applied. From
Equations 5.4 and 5.5 it follows that the frequency response of the conversion transconductance
Geny IS given as

2 Om
C T+ jon/wy
from which the main frequency limitation in the conversion from an RF input voltage into the
differential IF output current seems limited by the input bandwidth of the transistors in the
lower differential pair. For low frequencies (w; < wy) the above equation becomes identical
with previous reported results for the conversion transconductance [88], verifying the analysis
approach. The differential IF output current flows through the reactive load consisting of R
and C, and is thus converted into a differential IF output voltage. The voltage conversion gain
Ggy then becomes

Genv (5.6)

_2 gmRL

T (14 joor /o) (1+ jod/wr)
where wy_ = 1/(R.Cy). This equation shows that the two main bandwidth limiting mechanisms
in the Gilbert Cell mixer can be separated into limitations on the RF and IF port respectively.
First it is seen that the frequency response at the input port depends on the input bandwidth of
the transistors in the transconductance stage. This in turn depends on the unity current gain
frequency fr as

(5.7)

av

2T[f'|'

ImRbb
explaining the good correlation between RF port bandwidth for active mixers and f1 observed
in chapter 3. Second of all, it is found that the frequency response at the output port depends
on the capacitive loading at the output nodes of the Gilbert Cell mixer. This is in agreement
with the observed dependence of the output port bandwidth on fax in chapter 3. High frax
demands tight transistor structures. Tight transistor structures, in general, have low parasitic
capacitances.

w, = 21fy, = (5.8)
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As an example, consider a Gilbert Cell mixer designed for a voltage conversion gain of 20 dB
using 4x0.8um? area SiGe HBT devices from the 0.8um AMS process. For a tail bias current of
I+ = 2.8mA the RF port bandwidth is calculated using extracted values as

1

f, =
Y 21Cpe(Rpx + Rpi)

=4.73GHz. (5.9)

The 20 dB gain requirement translates into a load resistance R = 287Q from which the IF port
bandwidth is calculated as

1

fi =
" 2(2Chep + 2Chep + 2Che + 2Cheo)RL

= 8.81GHz. (5.10)

These should be taken as best case bandwidth estimates, as the influence from input and output
buffers, poly resistor, and interconnect line parasitics have not been considered. It thus seems
necessary to exploit advanced circuit techniques for extending the RF and IF port bandwidth of
the Gilbert Cell mixer.

5.2.2 The Principle of Strong Impedance Mismatch

The schematic of a wideband SiGe HBT active mixer design is shown in Fig. 5.4. The Gilbert
Cell mixer uses emitter degeneration for the transconductance stage and a shunt feedback stage
for the load circuit. Resistive emitter degeneration Rg in the transconductance stage allows a
significant extension of the RF port bandwidth. This is at the expense of reduced conversion
gain, however. A peaking capacitor Ce is used to extend the bandwidth with relaxed resistive
emitter degeneration. The shunt feedback stage provides a low impedance at the output node
of the Gilbert Cell mixer which increases the output port bandwidth. Furthermore, the transfer
function of the shunt feedback stage may have two complex conjugated poles with possible
improvement in bandwidth by high-frequency peaking [89]. The shunt feedback stage has
several advantages compared to other circuit techniques suitable for extending the output port
bandwidth. The output port bandwidth depends on the time constant at the output nodes of the
switching quad so the obvious solution would be to lower the value of the load resistor [18];
this however lowers the conversion gain as well, and a high-gain output buffer might be needed.
In another method [78], a common-base stage is inserted between the switching quad and the
load. This reduces the impedance at the output nodes of the Gilbert Cell mixer, however, with
limited head-room for the circuit. A straight-forward technique suitable for low-voltage designs
is to use a reactive load [26]. This approach however, requires on-chip inductors with high self-
resonance frequency which are usually not available in Si/SiGe Bipolar technologies. The shunt
feedback stage extends the bandwidth of the output port without sacrificing conversion gain. If
the current in the load circuit is kept small, the head-room limitations are reduced. The present
wideband SiGe HBT active mixer design follows the principle of strong impedance mismatch
between succeeding stages [90, 91]. The benefits of this principle for wideband circuit design
are as follows:

» Reduced influence from frequency dependent input and output impedances.

« All circuit nodes are low impedance meaning reduced influence from parasitic capaci-
tances.

« At high frequency where the mismatch is degraded the input and output impedances ap-
proaches complex conjugated pairs further extending the bandwidth [92].
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Figure 5.4 Wideband SiGe HBT active mixer with emitter degeneration of transcon-
ductance stage and shunt feedback load circuit. Input and output emitter
followers are used for improved impedance mismatch between stages.

The emitter followers are included for improved mismatch between succeeding stages as well
as level shifting and buffering. Impedance match at the RF and LO ports is provided by ac-
coupled 50Q shunt resistors. This simple scheme allows for the beneficial use of the input
wirebond inductance in an MCM environment to further improve the return loss [91].

The transconductance stage with emitter degeneration can be analyzed using the equivalent
circuit shown in Fig. 5.5. The transfer function from the input RF voltage v, to the output

Vie out

__2C

Figure 5.5 Equivalent circuit of transconductance stage with emitter degeneration.

current gy is expressed as

1 Ro/2 1 1 CeRetCoe(Rob+Re/2) ¢ | CoeRonCeRe 2 '
Vit (5) mRe/2 1 4 1+ng:/2 S+ 1+gr:Re/2 S

and, as expected, shows a reduction in low frequency transconductance gain. If the capacitor Ce
is not present and the transconductance stage is heavily degenerated, e.g if gmRe/2 > 1, then
the transconductance gain approach 2/Re and the bandwidth approaches fr. The capacitor Ce
generates a zero in the transfer function at —1/C¢Re Which can be used to peak the transconduc-
tance gain at high frequencies with relaxed emitter degeneration. The influence of the peaking
capacitor on the gain flatness and phase linearity of the transconductance stage is found by
simulations on the equivalent circuit shown in Fig. 5.5. From the frequency response of the
transconductance gain and phase shown in Fig. 5.6 it is observed that an optimal value of the
peaking capacitor Cg exist with respect to bandwidth extension, gain flatness, and linear phase
characteristic.
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Figure 5.6 Typical frequency response for transconductance stage with emitter de-
generation for different peaking capacitors Ce. Assumes a 4x0.8um? area
SiGe HBT device biased at peak fr. Left: Transconductance gain. Right:
Deviation from linear phase response.

The shunt feedback load circuit is most easily analyzed using feedback theory [93]. In order
to apply feedback theory, the equivalent circuit shown in Fig. 5.7 has been applied. A number
of approximations have been used to simplify the analysis. First, it is assumed that the signal
fed back through the device is much smaller than the signal fed back through R¢, so that the
base-collector capacitance can be neglected. It is further assumed that the forward transmission
through the feedback resistance is negligible compared with the transmission through the device
because the latter has gain. The complex load consists of a parallel combination of the load
resistance R and parasitic capacitance C_. The parasitic capacitance consists of the collector-
substrate capacitance of the differential transistor pair Q7 — Qg, the base-collector capacitance
of the emitter follower transistors Qg — Q19, and interconnect line parasitics in the active mixer
circuit shown in Fig. 5.4. The basic amplifier open loop gain, a, and feedback network transfer

Feedback network

Figure 5.7 Equivalent circuit of shunt feedback load circuit. The loading due to the
feedback network is absorbed in the basic amplifier.

function, f, are found from Fig. 5.7 as

—OgmR_ Rt
a= 5.12
(1+5s(Rt +Rpp)Cre) (1 +SRLCy) ( )
and
f= —i (5.13)
=R )

respectively, where Rl =R R¢/(RL+R¢) is the effective load resistance when the loading effect
from the feedback network is taken into account. From [93] the input impedance of this circuit
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is given as

Zia
1+af
where Zj, is the input impedance of the transistor with the loading due to the feedback net-
work absorbed. Inserting Equation 5.12 and Equation 5.13 into the expression for the input
impedance gives

(5.14)

zZi=

R+ 1+ SRpsChe
1+ ng’L 1+ S(Rf/(l + ng’L) + Rbb)Cbe

where it has been assumed that the time constant R_C_ is unimportant for the frequency response
of the input impedance. From Equation 5.15 a reduction in the input impedance is observed,
beneficial for wideband operation at the output port of the Gilbert Cell mixer. Similar, the output
impedance looking from the emitter followers back into the load circuit is expressed as

zi=

(5.15)

Rf_ 1+ S(Rt + Rpp)Che

S

ZOZ

(5.16)

where it again has been assumed that the R_C, time constant is negligible. If the low frequency
loop gain |ay| = gmR| is large, the output impedance shows an inductive component (rise with
frequency). The input impedance of an emitter follower has a capacitive component at high
frequencies, thus a complex conjugated match may exist at the interface between the shunt
feedback stage and the emitter follower stage. The transfer function for the transimpedance
gain can be represented by a second order response as

VO a —Rf
T ~ (5.17)
; 2k s
where
|ay|
5.18
“o= \/CLRI R¢+ Rbb Che ( )
and
(1 [CRL+(Rs +Rob)Coe)? 1 [((Rs + Ren)Che) (5.19)
lay|CLR] (Rt + Rub)Che 2 lay|CLR| :

are the natural angular frequency and the damping factor respectively. The approximation in
Equation 5.19 is valid if C_LR| << (Rt 4 Rup)Cphe, Which is normally the case. The frequency
wyp determines the bandwidth of the shunt feedback load circuit 2. The frequency response
peaks when the damping factor becomes k < 1/ \ﬂ2). In general, the following observations
regarding bandwidth and peaking of the frequency response for the shunt feedback load circuit
are made:

* For increasing loop gain, the bandwidth increases, once k < 1/ \f(2) however, the fre-
quency response peaks (optimal loop gain exist).

« For increasing feedback resistance the bandwidth decreases (conversion gain versus band-
width trade-off).

« For increasing load capacitance C,, the bandwidth decrease and the frequency response
peaks (however, capacitive loading is necessary for achieving gain flatness).

2At o the transimpedance gain is down by 2k compared with the low-frequency value.
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The derived expression for wo and k differs from is found in the literature, e.g. [89]. In the
referenced work, the influence of the load capacitance C is neglected. Following the above
discussion it should be obvious that both wg and k depends to a large extent on the load capac-
itance. To elaborate further on this point, simulation on an equivalent circuits for the the shunt
feedback stage has been performed for several values of the load capacitance C. The results are
shown in Fig. 5.8 (left plot), and agrees well with the theoretical predictions. Without the pres-
ence of a load capacitance, the transimpedance gain has a first order response and no peaking
occurs. To high a value of the load capacitance leads to a significant peaking in the frequency
response, which deteriorates the linear phase response as shown in Fig. 5.8. For a given loop
gain an optimal value of load capacitance exists, where both bandwidth extension, gain flatness
and linear phase characteristic occurs. This shows the importance of properly optimizing the
transistors in the differential stage as well as the emitter followers in the next stage. The conver-
sion gain of the Gilbert Cell Mixer depends upon R but is independent of the loop gain in the
shunt feedback stage. Thus, some degree of freedom exists in the design of the shunt feedback
load circuit for optimal performance.
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Figure 5.8 Typical frequency response of shunt feedback stage with different capac-
itance loading C.. Assumes a 4x0.8pm2 area SiGe HBT device biased at
peak fr. Left: Transimpedance gain. Right: Deviation from linear phase
response.

5.2.3 Experimental Results

The wideband SiGe HBT active mixer was implemented in the 0.8um SiGe HBT process from
AMS. The layout of the fabricated circuit is shown in Fig. 5.9. Ground-shielded pads have
been used to reduce the influence from substrate effects. Because the AMS SiGe HBT process
only has two metal layers available, great care have been taken to minimize interconnect line
parasitics. The circuit was laid out in a very compact and highly symmetric manner. An un-
avoidable asymmetry exists at the crossing of the transistors in the switching quad of the Gilbert
Cell mixer. The critical interconnect lines leading from the circuit core to the pads have been
laid out in the top metal layer. Special care has been given to shorten the critical interconnect
lines between the emitter follower stages. It is well known that capacitive loaded emitter follow-
ers may have an input impedance with a negative real component. The low output impedance of
the driving emitter follower or load circuit has an inductive component which together with the
parasitic inductance from the interconnect lines may lead to on-chip oscillation [91]. Passive
components are shielded from the substrate by n-well shields. The power supply is decoupled
on-chip with a 17.85pF capacitor. The chip size including pads is 0.9x0.9mm?Z.
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Figure 5.9 Layout of wideband SiGe HBT active mixer.

Measurement Condition and Experimental Setup

The circuit was measured on-wafer using a Cascade probe station with Cascade GSGSG probes
for connecting to the mixer ports and Cascade WPH-705-150-PPPPP power probes for the bias
supply. The measurement setup is shown in Fig. 5.10. The circuit was biased from a 5V
supply voltage (V) and a current consumption of 34mA was obtained by adjusting Vyias. Bias
for the LO and RF port were applied through bias-T’s. All measurements have been taken
single-ended by terminating the unused ports in 50Q loads. The output spectrum at the IF-port
was measured using a HP 8563E spectrum analyzer. For RF and LO port frequencies above
2 GHz, HP 8672A and HP 8671B synthesized CW signal generators (2-18 GHz) were used.
For measurement below 2 GHz, the internal generator of the HP 8510B network analyzer was
applied to the RF port and a SMIQO03 signal generator from Rohde and Schwarz (300KHz-
3.3GHz) was used for the LO port. The frequency dependent losses in the cables and probe
heads were estimated using a through line from an ISS calibration substrate and subtracted
from all measurements results. Measurement of the active mixer phase characteristic was not
possible using the available equipment.

Measurement Results and Discussion

The first issue in the verification of the active mixer is to find the optimum input power at the
LO-port. The quantity of main interest in mixer measurements is the power conversion gain,
defined as the ratio between the power delivered to the load (the spectrum analyzer) to the power
available from the generator. In Fig. 5.11, the measured down-conversion gain versus LO power
is shown for a LO frequency of 1.25 GHz and RF frequency of 1.65 GHz. At low LO power
levels, the conversion gain depends linearly on the applied LO-power because the transistors in
the quad do not have sufficient signal drive to operate as current switches. As the LO power
level increase, an optimum is reached where the assumption of ideal current switches applies.
Beyond this optimum point, the transistors in the switching quad saturate and the conversion
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Figure 5.10 Experimental Setup.

gain drops. All succeeding measurement results are based on an LO power level of 0 dBm where
the conversion gain is maximized. An input RF power level of -18 dBm was measured at 1dB
conversion gain compression. An RF power level of -30 dBm was used in the measurements to
ensure that the active mixer was not compressed. The bandwidth limitation of the active mixer

10
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19 15 10

-10 -5 0
LO Power [dBm]

Figure 5.11 Conversion Gain versus LO power (F.o = 1.25GHz,Frr = 1.65GHz,Ff =
Fre — FLo = 0.4GH2z).

is shown in Fig. 5.12. With both RF and LO ports swept in frequency with a fixed IF frequency
of 0.4 GHz, a conversion gain of 8.5 dB and a 3dB bandwidth of 11 GHz was achieved. A 3dB
bandwidth of 7.5 GHz was achieved with both RF and IF port swept in frequency and a fixed LO
frequency of 2 GHz. These measured results are very well predicted by simulation. As shown
in Fig. 5.13 the LO suppression at the IF port is better than -30 dB below 2 GHz and better than
-25 dB up to 16 GHz despite the single-ended operation of the Gilbert Cell mixer. Applying
single-ended to differential conversion at the LO port would improve the LO suppression even
further. Fig. 5.14 shows the RF and IF port return loss which has been found from on-wafer
S-parameter measurements on the mixer circuit. A reasonably good return loss below -17 dB is
observed at L-Band for the RF port due to the ac-shunted 50Q resistors while the IF port return
loss is very poor due to the low output impedance of the emitter followers in the output buffer.
The IF return loss, however, is not well predicted by simulation even though parasitics due to
interconnect lines have been included. The ripples observed at high frequencies in the IF port
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Figure 5.12 Comparison of measured and simulated input (RF) and output (IF) port
bandwidth limitation. Left: Conversion gain with swept RF-frequency
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Figure 5.13 LO suppression at the IF port versus RF port frequency (Fig =Fo—Frr =
0.4GHz).

return loss is very likely a manifestion of the problem with capacitive loaded emitter followers
as mentioned earlier.

After the presentation of the general characteristics for the designed active mixer the, usefulness
of the circuit in a quadrature modulator and demodulator for SAR applications will be shown
next. In the quadrature modulator and demodulator subsystems, the LO-frequency is fixed and
the IF and RF port frequencies are swept over a large bandwidth. The active mixers in this
application require flat conversion gain over the full bandwidth covered by the signal at the IF
and RF ports in order to modulate/demodulate the signal undistorted. As shown in Fig. 5.15
(left plot) the active mixer is capable of demodulation of a RF input signal with at least a 1.5
GHz signal bandwidth around a 1.25 GHz carrier. The variation in conversion gain over the
bandwidth is within +0.4 dB. Furthermore it is seen (right plot) that the modulation from a
baseband signal covering the frequency range from DC-1.2 GHz onto a 1.25 GHz carrier seems
possible. The higher conversion gain at low frequencies is caused by the use of ac-coupled 50Q
resistors on the input port. In the flat region, the variation over the bandwidth is within +-0.2 dB.
It is believed that these small variations over the covered frequency range are caused mainly by
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Figure 5.14 Comparison between measured and simulated wideband port return
losses. Left: RF port return loss. Right: IF port return loss.

inaccuracy of the spectrum analyzer readings and calibration of cable losses.
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Figure 5.15 L-Band conversion gain. Left: Downconversion gain with fixed LO-
frequency and swept RF-frequency (FLo = 1.25GHz, R = |FLo — Frel).
Right: Upconversion gain with fixed LO-frequency and swept RF-
frequency (FLo = 1.25GHz,Fyss = Lo+ Frr, FLss = FLo — Fre).

It is concluded that the designed wideband SiGe HBT active mixer has sufficient bandwidth to
be used as quadrature mixers operation in a wideband SAR systems. This has been made pos-
sible by careful investigation of the main bandwidth limitation in the Gilbert Cell mixer as well
as by exploiting advanced circuit techniques for extending the bandwidth performance at both
the RF and IF port. Actually, the designed SiGe HBT active mixer demonstrates state-of-the-art
results compared with other wideband active mixers implemented in comparable processes (see
chapter 3, Fig. 3.2 and Fig. 3.3).

5.3 Wideband SiGe HBT Input Buffer Designs

Input buffers are needed in the quadrature modulator and demodulator SiGe HBT MMIC’s for
several reasons. Input buffer can provide adjustment to compensate for the DC-offset present
in the input signals to the quadrature modulator. The problem with high noise from the active
mixers can be overcome if a low noise input buffer is placed in front of the mixer. Input buffers
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provide single-ended to differential signal conversion. Differential signals reduce substrate cou-
pling and instability problems due to parasitic ground and supply inductances [91]. An input
buffer with low gain imbalance and phase imbalance is needed at the LO port to reduce the LO
leakage to the input and output ports. The disadvantages of using input buffers are the reduced
linearity and added complexity of the quadrature modulator/demodulator SiGe HBT MMIC’s.

5.3.1 Differential Amplifier Stage with Shunt Feedback

From the above discussion it is clear that an ideal wideband input buffer, besides the usual
requirement on gain flatness and phase linearity, should fulfill the additional requirements:

Good wideband input impedance match.

DC adjustment possibility.

Low noise figure in 50Q environment.

Single-ended to differential signal conversion with low gain imbalance and phase imbal-
ance over signal bandwidth.

* Simple circuit configuration.

The wideband input buffer shown in Fig. 5.16 can be designed to meet all the above require-
ments. The circuit consists of a differential amplifier stage (Q1 and Q) with shunt feedback (R+,

VCC
% R R %
Q f—1  E— O
! Qo
R Ry o
IN1 IN2 N <10
& Q —t—
Qu1
v | v | 1.Q12 310
ffset Bias ffset OouT1
OO—E; : Qs k Qg
1 1 ——/ \W\V——o0UT2
V,

ee

Figure 5.16 Wideband Input buffer using differential amplifier input stage with shunt
feedback and DC offset adjustment.

Qs3, and Qg4). The use of an emitter follower in the feedback path increases the base-collector
voltage across the transistors (Q1, Q2) which increase the bandwidth of the circuit without de-
grading the input impedance match and noise figure [94]. The emitter follower may, however,
lead to stronger peaking due to the increased phase delay through the feedback path [95] and
should be optimized carefully. The offset adjustment implemented with transistors (Q7 and
Qg) controls the current through the feedback path which in turns controls the DC offset volt-
age [96]. Wideband operation for the input buffer is ensured by following the principle of
strong impedance mismatch between succeeding stages. The emitter followers at the output are
for improved mismatching, level shifting and output buffering. A series resistor of 31 Q has
been added to the outer emitter follower stage to improve the output impedance match. This
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also prevents the potential stability problem due to capacitive loading (from interconnect lines
and pads) of the emitter followers at the last stage.

The analysis of the differential amplifier with shunt feedback can be performed using feedback
theory, as was previously done for the shunt feedback load circuit for the active mixer. Things
are, however, slightly complicated by the presence of the emitter follower in the feedback path.
Due to the well known large bandwidth of emitter-followers [93], it can be assumed in the
analysis that the frequency response of the feedback path is not of importance for describing
the frequency response for the input buffer. The active feedback network can thus be analysed
using the low-frequency two-port model shown in Fig. 5.17(a). The two-port Y-parameters for

| |
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Vi Re (V) -\o/R¢ \)

(b)

Figure 5.17 (a) Low-frequency two-port model for active feedback network.(b) Equiv-
alent representation of the active feedback path.

the active feedback network are given as
1 1
be ~ Ri Ri (520)

where the approximation is valid if > 1. The equivalent representation of the shunt feedback
network shown in Fig. 5.17(b) clearly identifies the feedback transfer function f, and loading
due to the active feedback network [93]. The input and output impedances for this circuit are
given by Equations 5.15 and 5.16 respectively. Due to the reduced loading from the feedback
network, R{ =~ R_ should be used for the load resistance. The low-frequency condition for
impedance match to a source impedance Rg becomes

2R¢

Rs= ———
® 1+gmRe

(5.21)
where the factor of two accounts for the effective input impedance when the differential stage
is driven from a single-ended voltage source Vs. That is, a factor of two results because the
differential impedance is 2Z;. The transfer function for the input buffer is similar to that of
the shunt feedback load stage used in the active mixer, and the same conclusions about the
frequency response apply. In general, the feedback resistance R is a trade-off between high
gain/low noise (high R¢) and large bandwidth (low R¢). Too low a value of R, however, leads
to peaking and should be avoided.
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5.3.2 Experimental Results

The shunt feedback input buffer was implemented in the 0.8um SiGe HBT process from AMS.
The layout of the circuit is shown in Fig. 5.18. Ground shielded pads have been applied for
reduced substrate effects. An n-well shield was applied for all passive components. The circuit
has been laid out in a highly symmetric and very compact manner. Both the positive and neg-
ative power supplies are decoupled on-chip using 17.85 pF capacitors. The chip size including
pads is 0.9x0.6mm?2.

I .
mmm@w '__'_ minmmm
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Figure 5.18 Layout of wideband SiGe HBT input buffer.

Measurement Condition and Experimental Setup

The performance of the wideband input buffer was verified by on-wafer S-parameter measure-
ments using a HP 8510B network analyzer in the frequency range from 45MHz-10GHz. The
input buffer was measured applying the input signal through Cascade GSGSG probes with the
unused port terminated in 50 Q. The two output signals of the input buffer were measured in
turn using Cascade GSG probes with the unused port terminated in 50 Q. Bias supplies for
the circuit were applied using a Cascade PPPPP probe. The current consumption for the input
buffer was 17 mA from a +2.5V supply voltage. A bias control voltage, Vpias, Was used to
adjust the bias current. The two DC offset adjustment voltages were connected together in all
measurements (no imbalance compensation was used in the measurement). The experimental
setup is seen in Fig. 5.19.

Measurement Results and Discussion

It has been stated in the litterature, that the use of an emitter follower in the feedback path
may lead to strong peaking due to the increased phase delay in the feedback loop [95]. The
implementation of the DC adjustment network actually gives a possibility to experimentally
investigate the influence of the shunt feedback path with emitter follower on the frequency
response of the input buffer. In Fig. 5.20 (left plot), the benefits of the feedback path on the
input return loss and gain for the input buffer are shown. A superior performance with respect
to gain flatness, bandwidth, and input return loss was obtained using feedback, compared to the
condition where the feedback path was disconnected (Vagj = 0V). Also the phase characteristic
was found to be more linear with feedback than without feedback present as shown in Fig. 5.20
(right plot)
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Figure 5.19 Experimental Setup.
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Figure 5.20 Influence of shunt feedback path on the frequency response for the input
buffer. Left: Gain and input return loss. Right: Phase response.

The measured gain and phase of the input buffer from the input port (Port 1) to the output
ports (port 2 and port 3) are compared to simulation results in Fig. 5.21 and Fig. 5.22. In
general the prediction is resonable, however, the measured 3-dB bandwidths of 6.6 GHz and
5.8 GHz for S21 and S31 respectively, are somewhat lower than predicted by simulations. The
reason for this might be the combined influence from unaccounted interconnect line parasitics
and poly resistor parasitics. The measurements shows a 1 dB high-frequency fall-off in the gain
characteristic at 1.65 GHz and a +0.7° deviation from linear phase from DC to 1.65 GHz for
S»1. For Sz; the high-frequency fall-off at 1.65 GHz is 0.8 dB, and the deviation from linear
phase is +0.4°. In Fig. 5.23, the measured input and output return losses are compared with
the prediction from simulations. From measurements an input return loss around -15 dB at
frequencies below 2 GHz is found. Above 2 GHz the input return loss increases slightly but
stays below approximately -10 dB. The same observations apply for the return loss at the two
output ports. The good output port match arises because of the 31 Q series resistors used. The
measured input return loss is, however, approximately 10 dB above the simulation prediction
for frequencies below 2 GHz while the measured output return loss differs by 5 dB. The input
and output return losses are very sensitive to the value of the resistors explaining the observed



SiGe HBT Designs for Quadrature Modulator/Demodulator Subsystem 79

30 T T -
25 —— Simulation 150

20

15
10 1
5 ]
0 o
3 dB Bandwidth@6.6 GHz
5 1 ~150[ — Measurement
—— Simulation
- -200 ‘ :
100 2 4 6 8 10 0 2 4 6 8 10
Frequency [GHz] Frequency [GHz]

S21[dB]

|
a1
o

phase(S21) [degrees]
o

-100

Figure 5.21 Comparison of measured and simulated frequency response S21 for
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Figure 5.22 Comparison of measured and simulated frequency response S31 for
wideband input buffer. Left: Gain. Right: Phase response.

difference between measurement and simulation results 2.

Finally the single-ended to differential conversion performance for the input buffer was inves-
tigated. In Fig. 5.24 the measured gain imbalance and phase difference is shown. The gain
imbalance is below 0.5 dB for frequencies below 2 GHz and rises to 1.5 dB at 10 GHz. The
phase difference is within the ideal 180° by + 1° for frequencies below 2 GHz but rises as the
frequency increases.

The input buffer presented here, based on a differential stage with shunt feedback, seems well
suited for use in quadrature modulator/demodulator subsystems for wideband SAR applications.
The possible concern with unwanted peaking due to an emitter follower in the feedback path can
be disregarded, as proven experimentally. Actually, the use of shunt feedback with an emitter
follower is beneficial with respect to gain flatness, bandwidth, input impedance match, and
phase linearity. Adding the excellent single-ended to differential conversion performance for
this input buffer as well as the low circuit complexity it seems promising for further integration
together with the quadrature mixers.

SActually the 10 dB difference in input return loss could be caused by a change in low frequency input impedance
from 40Q to 45Q.
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Figure 5.23 Comparison of measured and simulated frequency response of input and
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Figure 5.24 Measured single-ended to differential conversion performance. Left: Gain
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5.4 System Design Simulation

The requirements on compoents for a wideband SAR system including monolithic microwave
integrated circuits (MMICs) are related to the impulse response parameters for the total system,
including transmitter, receiver and propagation path. In general, the MMICs should be designed
for wide bandwidth, gain flatness, and phase linearity over the frequency band of interest in
order not to degrade the impulse response parameters for the SAR system. Measurements of
certain frequency response parameters, such as return loss, gain, and phase responses can give
an indication of the suitability of a given design approach. It is, however, beneficial to be able
to predict the impulse response parameters for a given MMIC design alone from simulation. In
this section, a system design simulation using the designed SiGe HBT wideband active mixer
applied in a quadrature demodulator configuration is described.

5.4.1 Quadrature Demodulator Configuration Simulation

The system design simulation was performed in HP ADS from Agilent. The principle block
diagram for the quadrature demodulator configuration is shown in Fig. 5.25. Besides the SiGe
HBT wideband active mixers, the quadrature demodulator consists of low pass filters, power
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splitter and phase shifter. The low pass filters are implemented as the Butterworth type with
0.5 dB passbhand attenuation at 0.5 GHz and 40 dB stopband attenuation at 0.75 GHz in order
to suppress the IF leakage. The local oscillator signal is implemented as a sinusoidal voltage

source with available power of 0 dBm.
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Figure 5.25 Quadrature demodulator configuration for system design simulation.

The quadrature demodulator is driven from a linear FM-modulated signal described as [97]

Vie(t) =

B )2
Acos <2nf|pt+nT—p (t—%’) ) for0<t<Tp (5.22)

otherwise

where fir is the IF frequency, B the signal bandwidth and T the pulse lenght. The complex
baseband signal after quadrature demodulation is described as

m(t) = Vou + jVouq (5.23)

where Vo and Voug are the in-phase and quadrature-phase components of the linear FM-
modulated signal. In a real SAR system, a replica of the transmitted waveform serves as the
reference modulation function for the matched filtering. In the system design simulation this
corresponds to taking the reference modulation function as

2
Mref (1) = exp <T[TEp <t - %) ) (5.24)

The output of the matched filter is evaluated in the frequency domain as
So(f) = M(f)Mrer () (5.25)

where So(f), M(f) and Myt ( f) denotes the spectrum of the matched filter output, the complex
baseband signal, and the reference modulation function respectively. Hamming weighting is
applied to the spectrum of the complex baseband signal, before transforming back into the time-
domain, in order to reduce the time side-lobes due to the uniform amplitude of the linear FM
modulated signal. The matched filter output signal is shown in Fig. 5.26 for three different cases
using an 800 MHz bandwidth linear FM-modulated signal at a 1.25 GHz IF frequency. The
solid line represents the ideal impulse response obtained as the autocorrelation of the reference
modulation function. The dotted line represents the matched filter output of the quadrature
demodulator using Eq. 5.23 and thus includes the effect of the low pass filters. The main lobe
is distorted and the sideband level is raised in this case, as a result of the poor phase linearity of
the Butterworth filter used. The influence from the low pass filter can be eliminated by forming
the complex baseband signal as

m(t) = Vit + Vito (5.26)
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and perform the necessary filtering as part of the signal processing. This case is shown as the
dot-dashed line, hardly separable from the ideal impulse response. This shows that the designed
SiGe HBT wideband active mixer does not degrade the impulse response performance for the
total system.
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Figure 5.26 Matched filter output for quadrature demodulator using SiGe HBT MMICs
(fir=1.25 GHz, B=800 MHz, Tp=2ps.). The solid line is the ideal impulse
response, the dotted line is the impulse response of the quadrature de-
modulator including the low pass filters and the dot-dashed line is the

impulse response of the quadrature demodulator without the low pass
filters.



Chapter 6

GaAs pHEMT Designs for RF
Up/Downconverter Subsystem

High performance monolithic microwave integrated circuits are required for up/downconversion
of wideband linear FM-modulated signals around microwave carriers in a SAR system. GaAs
pHEMT technology have been chosen for implementing wideband active mixers for SAR ap-
plications at C- and X-band due to the high unity current gain frequency fr for the devices in
this technology.

The key specifications for the RF up/downconverter subsystem were given in chapter 2 of this
thesis. In the present chapter the possible implementation of the GaAs pHEMT MMICs for
the RF up/downconverter subsystem will be discussed. Very wideband performance has been
reported for monolithic integrated mixers in InP HEMT technology based on the distributed
mixing principle [98] and in GaAs HEMT technology based on a passive resistive mixer [99].
However the good microwave performance of GaAs pHEMT technology enables the design of
very compact fully integrated double-balanced active mixers based on the Gilbert Cell mixer
topology for downconversion applications up to 10 GHz as demonstrated in [25]. Frequency
conversion between L-band and C/X-band in a wideband SAR system will be investigated here
applying GaAs pHEMT technology for fully integrated double balanced active mixers.

In an upconverter for a wideband SAR system the LO leakage to the output port due to mixer
imbalance is a serious concern as this signal causes passband ripples due to the AM/PM conver-
sion process in the non-linear high-power traveling tube amplifier (the TWT). General equations
are presented suitable for prediction of the various causes of LO leakage for a GaAs pHEMT
Gilbert Cell mixer. Three special cases are considered in details. These are the effect of device
mismatch, input balun imperfections and LO balun imperfections. The investigation of device
mismatch shows the well-known result that LO leakage occurs due to mismatch in the lower
devices of the Gilbert Cell mixer [17]. Input balun imperfections do not lead to LO leakage
but the gain and phase imbalance affects the frequency converted signals. If the input balun
imperfections vary over the frequency range of interest transfer function distortion may occur.
LO balun imperfections lead to LO leakage at high frequency due to the forward transmission
path through the gate-drain capacitance of the devices in the switching quad of the Gilbert Cell
mixer. A differential output signal suppresses the LO leakage due to LO balun imperfections as
verified by simulations.

A monolithic integrated wideband GaAs pHEMT active mixer design based on the Gilbert Cell
mixer topology suitable for both up- and downconversion in a SAR system is then presented.
Good balance over a wide bandwidth is assured by including wideband active baluns on both the
input and LO port as well as a wideband active combiner at the output port. The experimental

83
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results for the GaAs pHEMT active mixer achieves a conversion gain of 10 dB and a 3 dB
bandwidth of 9.5 GHz on the RF port. The LO suppression is below -25 dB from 2-12 GHz.
The experimental results are comparable to best published results for state-of-the-art highly
integrated wideband active mixers based on FET technologies [21, 25, 100, 101]. However, the
GaAs pHEMT active mixer seems useful only for downconversion from C-band to L-band as
the measured bandwidth is not sufficient for operation to X-band.

6.1 RF Up/Downconverter Configuration

A possible implementation of a GaAs pHEMT MMIC for the RF up/downconverter subsystem
is shown in Fig. 6.1. It consist of a double balance mixer and baluns on the input (RF/IF)
and LO ports as well as a combiner on the output (IF/RF) port. A double-balanced structure
is chosen because of the good port-to-port isolation and spurious signal rejection [85]. Wide-
band passive balun structures suitable for monolithic integration have been reported in [102]
and [103]. However a careful examination of the experimental results for such passive balun
structures shows that the possibility of achieving wideband operation combined with the re-
quired gain flatness and phase linearity needed in a SAR system is questionable. Therefore an
all active design approach using active baluns, Gilbert Cell mixer topology and active output
combiner is chosen to achieve wideband operation, avoid passband ripples due to passive balun
structures and reduce size.

RF/IF

Figure 6.1 Implementation of GaAs pHEMT MMIC for the RF up/downconverter sub-
system.

It will be attempted to use the same GaAs pHEMT MMIC for both the RF upconverter and
RF downconverter subsystems. Thus wideband operation on all mixer ports are needed and
the active baluns and combiner should ideally cover the full frequency range from L-band to
X-band.

6.2 Balance Considerations in GaAs pHEMT Active Mixers

A schematic of a GaAs pHEMT active mixer suitable for monolithic integration is shown in
Fig. 6.2 and consist of input balun, LO balun, Gilbert Cell mixer and an output combiner.
Ideally the points where the drains of the upper devices (FET3— FET6) are connected together
represents a virtual ground for the input and LO signals and the drains of the lower device
(FET1—FET?2) are virtual ground for the LO signal [85]. Thus the Gilbert Cell mixer topology
ideally suppresses the LO leakage to the input and output ports as well as leakage from the
input port to the output port. However due to the unavoidable device mismatch and balun
imperfections the input and LO signal will leak to the output port. As mentioned before the LO
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leakage to the output port in an upconverter for a wideband SAR system is a serious concern
as this signal causes passband ripples due to the AM/PM conversion process in the TWT. The
effect of device mismatch and balun imperfections for the GaAs pHEMT active mixer shown in
Fig. 6.2 will now be discussed with emphasis on the mechanism leading to LO leakage.

ouT

I

Output
Combiner

LOo—— LOBaun

Iy I2
Vin ‘ l Vin2
FET1 FET2

IN o——— Input Balun

Figure 6.2 The GaAs pHEMT Active Mixer including input and LO port balun and
output combiner.

An analytical treatment is possible assuming a Gilbert Cell mixer without any frequency limi-
tations. However, LO leakage to the output port occurs at high frequencies due to the forward
transmission path through the gate-drain capacitances of the switching devices (FET3— FET6)
and can not be neglected. This contribution is taken into account using a LO leakage coefficient
y. The lower devices (FET1 and FET 2) are driven from small signal voltages Vi, and Vi and
the currents flowing in these devices are modeled as

Al

I1 = |ds+$+gmvinl (6-1)
Al

L = |ds—$+gmvin2 (6.2)

where lgs is the nominal DC-current in each of the transistors, Algs the DC-offset, g the
transconductance of each device. The DC-offset is caused by device mismatch due to threshold
voltage variation AV; and device area mismatch [86]. The current flowing through the upper
devices of the Gilbert Cell driven from a large LO signal at angular frequency w; o are modeled
as

I3=W1+ 11 <% + % <sin(a) cos(wiot) — sin(22q) cos(2wot) + )) (6.3)
la=Wie2+ 11 <%— % <sin([3) cos(wot) — sin(22[3) cos(2wiot) + )) (6.4)
Is=Wex+ 12 <%— % <sin([3) cos(wiot) — sin(22[3) cos(2wot) + )) (6.5)
le =Wo1+ 12 <% + % <sin(a) cos(wot) — sin(22q) cos(2wot) + )) (6.6)

where the effect of LO balun imperfections on the switching process is combined with mismatch
errors in the upper devices and cause a non-ideal duty cycle [84]. The non-ideal duty cycle
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means that the devices FET3 and FET6 conduct currents in the period 2a and the devices
FET4 and FET5 conduct currents in the remaining period, that is 23 = 21— 2a. The nominal
value of o = 11/2 occurs when the duty cycle is ideal. The high frequency LO leakage through
the gate-drain capacitances is modeled using the LO leakage coefficient y. The LO leakage
coefficient is in general frequency dependent and gives a contribution to the current in the upper
devices at the LO frequency due to the forward transmission of the LO drive signal. If a single-
ended output is extracted (I3 + Is or 14+ lg) the mixing process results in the following set of
general equations

a m—a 2 .

oo = —hit |2+ﬁsmacos(wLot)(I1—I2)+y(V|01+V|oz) (6.7)
a m—a 2 .

lp = E|2+ Il—ﬁsmacos(ml_ot)(ll—Iz)+V(V|01+V|oz) (6.8)

where higher order terms have been neglected because these do not contribute to the LO leakage.
The differential output current formed from these equations is represented as

Alp— %um Cop) = % (2?“ - 1) (o) + %sin(a)cos(ml_ot)(ll “). (69

In the following three special cases of mismatch and balun imperfections are investigated based
on these equations.

6.2.1 The Effect of Mismatch

The first case assumes ideal baluns but mismatch in the lower devices as well as in the upper
devices of the Gilbert Cell mixer. The input signals are modeled as Viny = —Vinz = Vin cos(wynt)
where wyy is the input signal angular frequency. The differential output current from the mixing
process is represented as

Alg= 3 (2 —1)Algs+gm (% — 1) Vincos(nt) + Zsin(a)Algscos(wot) +
%gmvinsin(a) cos((w o+ wn)t) + %gmvinsin(a) cos((wLo — wn)t) (6.10)

and shows a residual DC-signal, input signal leakage, LO leakage and upper and lower side-
bands at w o+ wyn. Notice that the input signal leakage depends on the matching accuracy
in the upper devices of the Gilbert Cell mixer and the LO leakage depends on the mismatch
in the lower devices as original stated in [17]. Furthermore it is noticed that the conversion
transconductance Gy depends on the matching accuracy of the upper devices as shown by the
equation

Gew = %gmsin(a) (6.11)

in agreement with recently published results for bipolar double balanced active mixers [84]. The
amount of mismatch depends on the layout of the circuit and are therefore difficult to predict by
simulations.

6.2.2 Input Balun Imperfections

The second case assumes ideal LO balun, zero device mismatch but non-ideal input balun. The
input signals to the Gilbert Cell mixer in this case are modeled as

Vim = Vin(1+a)cos(wint+ ) (6.12)
Vi = —Vincos(wynt) (6.13)
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where a and @are the gain and phase imbalance for the input balun, respectively. If single-ended
output is taken, and the gain and phase imbalance are small, the mixing process is represented
as

lor = OmVinyv/a2+ @2cos(oant) + 2gmVin (1 + 3) cos((wLo + win)t + 3) (6.14)
+2gVin (1 + 2) cos((tao — win)t — )

and shows input signal leakage along with upper and lower sidebands at w_ o + wn. The LO
leakage is fully suppressed in this case. If instead the output is taken differential the input signal
leakage to the output port is suppressed and the mixing process is represented as

Alg=2gmVin (14 §) cos((odo+ oan)t+ ) + (6.15)
26, Vin (1+ 2) cos((0a0 — win)t — 9).

It is observed that any gain imbalance or phase imbalance in the input balun are transfered to
the frequency converted signals. If either the gain imbalance or phase imbalance varies over the
frequency band of interest transfer function distortion occurs and degrades the impulse response
parameters in a wideband SAR system.

6.2.3 LO Balun Imperfections

The third case assumes ideal input balun, zero device mismatch but non-ideal LO balun. Notice
that o = 11/2 can be assumed in the present investigation as it has already been shown that the
mismatch in the upper devices leads to input signal leakage and do not affect the LO leakage.
The local oscillator signals are modeled as

Vi = Vio(1+a)cos(wLot + @) (6.16)
Viez = —Viocos(wot) (6.17)

where a and @are the gain and phase imbalance for the LO balun respectively. If single-ended
output is taken, and the phase imbalance are small, the mixing process is represented as

lor = Yv/a2+ @VioCos(WLot) + £gmVinCOS((WLo + win)t) + (6.18)
20mVincos((wLo — win)t)

and shows LO signal leakage along with upper and lower sidebands at w o %+ wyy. If instead
the output is taken differential the mixing process is represented as

2 2
Alo = —gmVin€0((wLo+ tIN)L) + —GmVin COS( (1o — GAN)Y) (6.19)
and the LO leakage signal is fully suppressed.

In order to verify the modeling of LO balun imperfections simulation on a GaAs pHEMT active
mixer have been performed with ideal input balun and all devices matched. The LO balun is
modeled with gain imbalance and phase imbalance, and the resulting LO suppression at the
output port is observed. The LO suppression at 6.65 GHz LO frequency versus gain and phase
imbalance is shown in Fig. 6.3. It is seen that for single-ended output an upconverter LO
suppression of -38 dB below the wanted sideband (assumed here to be at 0 dBm power level)
requires a gain and phase below 0.5 dB and 8 degrees, respectively. If the power level of the
wanted sideband is lower than 0 dBm the requirements on LO balun imperfections becomes
even more restrictive. If an active output combiner is included in the simulation on the GaAs
PHEMT active mixer, it is shown in Fig. 6.3 that the required upconverter LO suppression can
be met at relaxed LO balun requirements. The reason for this is that the LO leakage signal is
suppressed due to the differential operation of the active output combiner as predicted from the
modeling of LO balun imperfections.
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Figure 6.3 LO suppression at 6.65 GHz LO frequency in GaAs pHEMT active mixer
with LO balun imperfections. Left: LO suppression versus gain imbalance.
Right: LO suppression versus phase difference. The required upconverter
LO suppression for an output power level of 0 dBm is shown as a thick
dashed horizontal line.

6.3 Wideband GaAs pHEMT Active Mixer Design

The design considerations and experimental results for the GaAs pHEMT active mixer including
active baluns, Gilbert Cell mixer and active output combiner are discussed in this section. The
GaAs pHEMT MMIC requires no external matching, is ac coupled on the input and LO ports
and DC coupled at the output port.

6.3.1 Active Balun Design

An active balun for the GaAs pHEMT active mixer MMIC should in addition to the usual
requirements on gain flatness and phase linearity fulfill the following requirements:

Good wideband input impedance match

low noise figure in 50 Q environment (for the input balun)

« low gain imbalance and phase imbalance to reduce LO leakage to the output port (for the
LO balun)

« low gain imbalance and phase imbalance variations over the frequency range of interest
to prevent transfer function distortion (for the input balun).

Topologically active baluns in FET technologies can be divided into three different configura-
tions, the differential amplifier, the common-gate/common-source configuration and the FET
phase inverter as shown in Fig. 6.4. In an ideal differential amplifier the applied single-ended
voltage is evenly divided between the gate-to-source junctions of the differential transistor pair
and perfectly balanced output signal results. In a real differential amplifier the finite common-
mode rejection ratio due to the non-ideal impedance (Z¢) of the current source introduces a
significant imbalance in the output signals. The highest possible common-mode rejection ratio
is achieved by synthesis of a current source impedance with a negative real part [104]. The main
problem with this configuration is that the synthesis of the optimal current source impedance
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Figure 6.4 Active balun topologies. a) The differential amplifier. b) The common-
gate/common-source configuration. ¢) The FET phase inverter.

over a wide frequency range is difficult. The common-gate/common-source configuration orig-
inally reported in [105] provide wideband impedance match due to the common-gate connected
FET. It is capable of wideband operation, but the gain and phase imbalance are poor even
at low frequencies [106]. The FET phase inverter is based on a FET in a combined source-
follower/common-source degenerated configuration [85]. If the drain and source resistances
are identical the voltage gain from the gate to the drain and source in this configuration is ex-
pressed at low frequencies as

+gmR

__ *OmR 6.20
v 1+gmR+ A2 (6.20)

where R is the drain and source load resistance, gm is the transconductance of the FET and
Rgs is the drain-source resistance of the FET. Thus the signals at the drain and source have
equal amplitude and a phase difference of 180°. This condition can only be achieved at low
frequencies because the parasitic capacitances of the FET will result in two different outputs
at higher frequencies. To utilize this configuration in the gigahertz frequency range some kind
of phase adjustment circuit must be used [107]. Initial experimental results have shown that
the FET phase inverter exhibits small gain and phase imbalance (0.7 dB and 10° respectively)
and is capable of wideband operation with excellent gain flatness and phase linearity over the
frequency range of interest. The FET phase inverter thus seems like a promising active balun
configuration for the GaAs pHEMT active mixer MMIC.
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Figure 6.5 Active Balun based on the FET phase inverter configuration.

The schematic of an active balun design based on the FET phase inverter configuration is shown
in Fig. 6.5. A FET device (FET1) in a common-gate configuration provides wideband active
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impedance match to 50Q [108]. An inductances (Lg) is included in series to the gate of the
FET in the phase inverter (FET2) to extend the usable frequency range for the active balun.
The value of this inductance is carefully optimized for gain flatness and phase linearity. The
gate bias for FET2 is supplied through a high-value resistor. This biasing technique is very
attractive since the gate draws no current and the resistor increases the stability of the circuit
[41]. A transmission line following the source output of FET 2 is one possible implementation
of a phase adjustment circuits [107]. Fig. 6.6 shows the simulated performance of the FET
phase inverter with and without the transmission line. A transmission line length of 250um
improves the phase imbalance variation over the frequency range from 45 MHz-26.5 GHz from
above 20° to below 5°. Notice also the excellent gain imbalance possible with this active balun
configuration. A possible concern with this active balun configuration is the difference in output
impedance level at the drain and source terminal of FET 2. If the following Gilbert Cell mixer is
driven from non-identical source impedances imbalance is introduced in the circuit, especially
at higher frequencies.
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Figure 6.6 Simulated performance of FET phase inverter with and without phase ad-
justment circuit. Left: Gain Imbalance. Right: Phase difference.

6.3.2 Double Balanced Active Mixer Design

The main part of the active mixer is based on the Gilbert Cell mixer topology as shown in Fig.
6.7. The low output impedance of current sources in FET technologies do not eliminate the need
for an input balun as is often the case in bipolar technologies. The current source commonly
found in the transconductance stage of a Gilbert Cell mixer has been left out, because the input
balun provide the necessary balanced input signal. This also improves the voltage headroom in
the Gilbert Cell mixer. Because the bias level at the outputs of the active balun based on the
FET phase inverter is non-identical, both the input and LO ports are ac coupled. It should be
noticed that even a slight mismatch in the DC level input to the lower FET devices in the Gilbert
Cell mixer would lead to LO leakage as explained previously. The input bias voltage (V¢ pias)
controls the bias current in the circuit and can provide adjustment if process spreading in the
threshold voltage occurs. The LO bias voltage (Viopias) provide the necessary gate bias voltage
for the upper devices in the Gilbert Cell mixer. In the Gilbert Cell mixer the capacitive loading
at the output node needs special attention if wideband operation is needed on the output port. In
GaAs pHEMT technology the use of a shunt feedback load circuit, as applied successfully in the
wideband SiGe HBT Gilbert Cell mixer, becomes impractical as the drain and gate bias needs to
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be ac-coupled to prevent the devices from entering the linear region® . Instead an inductor (L)
is added in series with the load resistor R; to compensate the high-frequency degradation of the
conversion gain due to capacitive loading at the output [109]. This compensation technique is
useful in the GaAs pHEMT Gilbert Cell mixer because of the high self-resonance frequency of
the inductors available in this technology.

OouTl ouT2

LO1 o—— FET3 FET4 FETS FET6
Rpjas
Viopias
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% Rejas!
Viopias
INLo—] FET1 FET2 ——in2
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Figure 6.7 GaAs pHEMT active mixer based on the Gilbert Cell mixer topology.

6.3.3 Active Combiner Design

An active combiner is needed at the output of the Gilbert Cell mixer in order prevent the LO
leakage, caused by LO balun imperfections, from reaching the output port. An active combiner
design based on source follower stages and a differential amplifier output stage is shown in Fig.
6.8. With this configuration operation to DC is possible on the output port. Level shift diodes
are inserted in the source follower stages to provide the necessary bias for the differential am-
plifier stage. The series resistance components of the level shift diodes degrades the frequency
response of the source follower stages. Therefore a capacitor (Cs) is shunted across the diodes
to provide a short for the high-frequency signal. This permit an increase in high-frequency
gain and expansion of the bandwidth [109]. The differential amplifier stage is degenerated with
source resistors for increased linearity and wideband operation. An open drain arrangement
is used at the output because this allows for beneficial use of the bond inductance for further
extension of the output port bandwidth and allows easy adaption to various load conditions.

6.3.4 Experimental Results

The designed wideband active mixer including active baluns, Gilbert Cell mixer and active out-
put combiner have been implemented in the EDO2AH process from OMMIC. GaAs pHEMTs
with a gate length of 0.2um and a unity current gain frequency ft of 63 GHz are available with
this process. The layout of the fabricated circuit is shown in Fig. 6.9. The circuit is laid out in a
highly symmetrical manner to prevent device mismatch in the Gilbert Cell mixer. The balance
of the active balun is improved if the source interconnect line length is slightly increased over
the length of the drain interconnect line. However accidentally the length of the source and
drain interconnection lines were interchanged during the layout part of the circuit so the drain
interconnect line is actually longer than the source interconnect line. The balance of the active

1For pHEMT devices the linear region corresponds to the saturated region for bipolar transistors and the gain of
the devices drops significantly in this region.
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Figure 6.8 GaAs pHEMT active combiner based on source follower stages and a dif-
ferential amplifier output stage.

balun is therefore not optimum. The RF bias voltages were applied symmetrically to the lower
devices in the Gilbert Cell mixer in order to prevent any LO leakage due to DC offsets. All
power supplies is decoupled on-chip with capacitors. The chip size is 1.5x2.0 mm? including
pads.

Figure 6.9 Layout of wideband GaAs pHEMT active mixer including active baluns and
active output combiner.

Measurement condition and Experimental Setup

The circuit was measured on-wafer using a Cascade probe station and Cascade PPPGSGP
probes for contacting the input and LO port of the mixer. The output ports of the mixer were
contacted with a Cascade GSGSG probe. Bias for the circuit was supplied through the power
pads of the Cascade PPPGSGP probes and bias-T’s on the output ports. The experimental setup
is shown in Fig. 6.10. The circuit was biased from a 5V supply voltage (V4q) and the measured
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current consumption was 64mA. Several bias voltages are needed for adjusting the bias points
in the circuit. This allows the circuit to be adjusted for optimum RF performance even with
large process spreading in the threshold voltage. During the measurements the unused output
port was terminated in a 50Q load. The output spectrum at the output port was measured using
a HP 8563E spectrum analyzer. HP 8671B and HP 8672A synthesized CW signal generators
(2-18 GHz) were used for the input and LO port respectively. The frequency dependent losses in
the cables were estimated from through line calibration and subtracted from all measurements
result. Measurement of the mixer phase response was not possible with the available equipment.
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Figure 6.10 Experimental Setup.

Measurement Results and Discussion

The first part of the experimental investigation of the GaAs pHEMT active mixer is to find the
LO power requirements for optimum conversion gain. In Fig. 6.11 the conversion gain from a
RF frequency frequency of 5.4 GHz to IF frequency at 1.25 GHz is shown for a 6.65 GHz LO
frequency. The conversion gain saturates at about 10 dB for LO power levels above 10 dBm.
Therefore all succeeding measurements results are based on a LO power level of 12.5 dBm. The
1 dB compression point for the conversion gain is found at an input power level of -5 dBm which
corresponds to an undistorted output signal at power levels below +5 dBm. An input power level
of -30 dBm was used in all measurements assuring that conversion gain compression never
occurs. The bandwidth limitation of the GaAs pHEMT active mixer are shown in Fig. 6.12.
With both RF and LO ports swept in frequency with a fixed IF port frequency of 1.25 GHz a
conversion gain of 10 dB and a 3 dB bandwidth of 9.5 GHz was achieved as shown the left
plot of Fig. 6.12. The low RF port bandwidth makes the GaAs pHEMT active mixer unsuitable
for downconversion from X-band to L-band. The measured conversion gain is well predicted
by simulation at low frequencies however the high-frequency fall-off was not expected. This
high-frequency fall-off is believed to be caused mainly by insufficient bandwidth performance
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Figure 6.11 Conversion gain versus LO power (f o = 6.65 GHz, frr = 5.4 GHz, fir =
f|_o — fRF =125 GHZ).

of the active baluns. However the exact reason for this is still unknown. With swept RF port
frequency and fixed LO port frequency at 2.2 GHz the frequency response at the IF port is as
shown in the right plot of Fig. 6.12. The performance of the GaAs pHEMT active mixer was
not optimized for the particular situation investigated in the right plot of Fig. 6.12 explaining
the rather poor result in both measurement and simulation. The measured LO suppression is
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Figure 6.12 Comparison of measured and simulated input (RF) and output (IF) port
bandwidth limitations for the GaAs pHEMT active mixer. Left: Conversion
gain with swept RF frequency and fixed IF frequency (fir = fLo— frr =
1.25 GHz). Right: Conversion gain with swept input (RF) frequency and
fixed LO-frequency (fLo = 2.2 GHz, fig = fre — fL0).

better than -25 dB from 2-12 GHz as shown in Fig. 6.13. The expected LO suppression from
simulation on the active mixer circuit with active baluns having zero transmission line length
was about -40 dB. The observed difference may be explained by the non-optimal phase balance
due to the interchange of the drain and source interconnect line lengths in the layout. The drop
in LO suppression at higher frequencies supports the idea of limited bandwidth performance
of the active baluns. If an unexpected drop in the gain of the active baluns occurs at higher

frequencies less LO signal reaches the switching devices of the Gilbert Cell mixer and less LO
signal leak to the output port.

In order to demonstrate the usefulness of the desighed GaAs pHEMT active mixer in the C-band
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Figure 6.13 LO suppression at output port versus RF port frequency at fixed IF fre-
quency (f||: = f|_o— fre = 1.25 GHZ).

RF downconverter subsystem, frequency conversion of a wideband linear FM-modulated signal
from C-band to L-band was measured. The measured conversion gain versus RF frequency
with fixed LO frequency at 6.65 GHz is shown in Fig. 6.14. The conversion gain characteristics
shows a single ripple component of approximately 0.25 dB amplitude. Whether this is caused
by measurements inaccuracy due to the spectrum analyzer measurement and calibration of cable
losses or actually active mixer performance is unknown. However this single ripple component
would lead to a a PSLR performance of -30.6 dB barely fulfilling the requirement for the total
SAR system. This example demonstrates clearly the difficulties experienced in the verification
of monolithic microwave integrated circuits for a wideband SAR system. The performance of
the GaAs pHEMT MMIC can only be verified by measurements in a SAR system.
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Figure 6.14 Measured demonstration of C-Band RF downconversion (fio = 6.65
GHz, fir = fLo — frF).

In conclusions, the performance of the fully integrated GaAs pHEMT active mixer as a RF
downconverter from C-band to L-band have been successfully demonstrated. The experimental
results are comparable to best published results for state-of-the-art highly integrated wideband
active mixers based on FET technologies [21, 25,100, 101]. However, the GaAs pHEMT active
mixer do not have sufficient bandwidth for operation at X-band. The insufficient bandwidth
performance seems to be caused by the active baluns, however more measurements are needed
in order to clarify the problem.



Chapter 7

Conclusions

In this thesis a technology study of monolithic microwave integrated circuits (MMICs) for future
wideband SAR systems operating at L-, C-, and X-band has been performed. As a prerequisite
for SAR applications, these MMICs should demonstrate high degree of gain flatness and phase
linearity. A 0.8um, 35 GHz fy SiGe HBT process and a 0.2um, 63 GHz fy pHEMT GaAs
process was chosen for the implementation of the key components in the quadrature modula-
tor/demodulator and RF up/downconverter subsystems respectively.

To develop MMIC designs for a wideband SAR system, the accuracy of the available models
becomes an important issue. An investigation of the influence of substrate effects on the fre-
guency response of SiGe HBT wideband MMIC’s is performed. It is concluded that it becomes
necessary to include the substrate effects associated with pad structures and interconnect lines
in the simulations in order to match measured results even at L-band frequencies. As part of the
investigation, parameter extraction methods for device models including substrate parasitic are
developed. Especially a direct parameter extracted method suited for modern poly-Si SiGe HBT
devices is developed. The applicability of the direct parameter extraction method for VBIC95
model parameter extraction is successfully demonstrated.

Key components for the quadrature modulator/demodulator subsystems are wideband active
mixers and input buffers. A simplified time-varying small-signal model for analyzing the main
bandwidth limitation of active mixers based on the Gilbert Cell mixer topology has been pro-
posed. The analysis shows that in general it is possible to consider separately frequency re-
sponses at the input and output port of the Gilbert Cell mixer. Advanced circuit techniques are
exploited. They are useful when the objective is to achieve wideband operation with high degree
of gain flatness and phase linearity on the mixer ports. Experimental results on a wideband ac-
tive mixer implemented in the 0.8um, 35 GHz ft SiGe HBT process from AMS achieves a 8.5
dB conversion gain with 3 dB bandwidth of 11 GHz and 7.5 GHz for the input and output ports
respectively. The experimental results are very well predicted by simulations and demonstrates
state-of-the-art results compared with other wideband active mixers implemented in compara-
ble processes. In the frequency range of interest for the quadrature modulator and demodulator,
the active mixer achieves excellent gain flatness when the LO frequency is fixed at 1.25 GHz.
It is concluded that the designed SiGe HBT active mixer has sufficient bandwidth to be used
as gquadrature mixers in a wideband SAR system. The experimental results for an input buffer
implemented in the 0.8um, 35 GHz fr SiGe HBT process from AMS achieves a 3dB bandwidth
of 6.6 GHz with a 1 dB high-frequency fall-off and good phase linearity at L-Band. The gain
and phase imbalance for the single-ended to differential conversion are better than 0.5 dB and
=+ 1° respectively at L-band. In conclusions, the wideband input buffer seems promising for
further integration, however a redesign might be needed in order to achieve larger bandwidth
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performance.

Further work on the quadrature modulator/demodulator involves the full integration of wide-
band active mixers, and wideband input buffers into quadrature modulator/demodulator SiGe
HBT MMIC’s. Furthermore the use of quadrature oscillators locked to a highly stable external
reference oscillator is interesting from the point of wiev of increased integration level in the
analog subsystems. Recently a 0.35um, 70 GHz fy SiGe HBT process has become available
at a low cost. The key components will be redesigned in this faster process, and a significantly
larger bandwidth performance is expected.

Key components for the RF upconverter/downconverter includes wideband active mixers, active
baluns and active output combiners. The LO leakage in the RF upconverter is of great concern
in a SAR system due to the AM/PM modulation process in the following non-linear high-power
amplifier (the TWT). Though filtering at the output of the RF upconverter may reduce the prob-
lem, a good balanced performance is desired in the RF upconverter. The causes of LO leakage
in a GaAs pHEMT active mixer has been analyzed in terms of mismatch effects, input balun
imperfections and LO balun imperfections. A fully integrated RF up/downconverter including
an active mixer, active baluns on the input and LO port and an active output combiner on the
output port was implemented in the 0.2um, 63 GHz f; GaAs pHEMT process from OMMIC.
The experimental results for the GaAs pHEMT MMIC demonstrates a 10 dB conversion gain
and a 9.5 GHz 3 dB bandwidth at the RF port. These results are comparable to best published
results for state-of-art highly integrated wideband active mixers based on FET technologies.
RF downconversion from C-band to L-band is demonstrated with flat conversion gain over a
800 MHz bandwidth. The GaAs pHEMT active mixer seems useful only for downconversion
from C-band to L-band as the measured bandwidth is not sufficient for operation to X-band.
The experimental results for the GaAs pHEMT MMIC is well predicted by simulations up to
approximately 8 GHz, however unexpected bandwidth limitation occurs at higher frequencies.

Further work on the RF upconverter/downconverter mainly includes an investigation of the
cause of the insufficient bandwidth performance of the fully integrated GaAs pHEMT MMIC.
Initial investigations indicates insufficient bandwidth performance for the active baluns, how-
ever, the exact reason for this is still unknown.

In general terms, wideband operation have been demonstrated for key components in modu-
lators, demodulator, upconverters and downconverters in both SiGe HBT and GaAs pHEMT
MMIC technology. The wideband operation was not achieved at the expense of gain flatness
or phase linearity making the developed MMICs suitable for use in a wideband SAR system.
Parameter extraction methods for device models including substrate effects have been devel-
oped in SiGe HBT technology. As a consequence, a high degree of prediction ability has been
achieved for SiGe HBT wideband MMICs. Future work in this field should mainly concen-
trate on a higher level of monolithic integration of the critical subsystems, and the experimental
evaluation of the MMICs bonded onto MCM modules.
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Abstract —  This paper describes the optimization of
phase noise performance in fully integrated SiGe HBT
differential LC-tuned voltage-controlled oscillators (VCOs)
for wireless applications. An accurate expression for phase
noise in SiGe HBT LC-tuned VCOs is presented which
takes the nonlinear operation of the oscillator into account.
Design methods are shown which minimize the different
sources of phase noise toward the intrinsic limit set by
the resonator quality factor. A set of 2 GHz SiGe HBT
VCOs have been implemented in a 0.5 um, 47 GHz SiGe
BiCMOS process to provide experimental verification of
the benefits of the design methods presented in this paper.

I. INTRODUCTION

The present growth in wireless communication de-
mands more available channels. This in turn leads to
stringent requirement on the frequency stability of the
local oscillators in wireless systems. Thus in recent
years phase noise in fully integrated VCOs have been
a topic of active research [1]-[2]. Due to their relative
good phase noise performance, differential LC-tuned
oscillators, are usually the preferred topology for fully
integrated VCOs [3].

This paper presents the analysis and design of a fully
integrated 2 GHz SiGe HBT LC-tuned VCO with very
low phase noise implemented in a 0.5 um, 47 GHz, SiGe
BIiCMOS process. SiGe HBT technology was chosen
due to the excellent noise performance of the transistors
in this technology [4]. First an accurate expression for
phase noise in SiGe HBT differential LC-tuned VCOs
is presented which takes the non-linear operation of the
oscillator into account. Next the insight gained from the
analysis is used to design a SiGe HBT VCO with very
low phase noise.

The experimental results for a set of 2 GHz SiGe
HBT VCOs shows the benefits of the design methods
presented in this paper. The VCOs demonstrates very
low-phase noise performance at low power consumption
compared with other recent published results for SiGe
HBT VCOs.
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Fig. 1. SiGe HBT differential LC-tuned VCO with noise sources.

Il. PHASE NOISE IN SIGE HBT DIFFERENTIAL
LC-TuNED VCOs

A simplified schematic of a SiGe HBT differential
LC-tuned VCO with its most important noise sources is
seen in Fig. 1. The cross-coupled differential transistor
pair presents a negative resistance to the resonator due
to positive feedback. This negative resistance cancel the
losses from the resonator enabling sustained oscillation.
Frequency variation is achieved with a reverse-biased
pn-junction diode or MOS varactor. The resonator losses
are modeled as an equivalent resistance R., in parallel
to the resonator.

A. Non-linear Phase Noise Analysis

The close-in phase noise behavior at an offset f,,
from the carrier frequency fo in the differential LC-
tuned VCO is found from Leeson’s model [5]
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where k is Boltzmann’s constant, 7' is the absolute
temperature, Aq is the amplitude of oscillation, @ is the
resonator loaded quality factor, Af, s is the corner fre-
quency where 1/f device noise no longer predominate
and F is the excess noise factor.

The excess noise factor is determined by the wide-
band noise from the cross-coupled differential transistor
pair and the tail current source taking the non-linear
operation of the oscillator into account
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where AV is the signal level required to make the cross-
coupled differential transistor pair switch completely to
one side, f; is the unity current gain frequency, Ir is the
dc tail current and Sy, is tail current source noise spec-
tral density. This expression is derived using conversion-
matrix analysis [6] on the oscillator circuit assuming the
only important non-linearity is the transconductance of
the cross-coupled transistor pair.

+

B. Up-conversion of Low-Frequency Noise

The excess noise factor in Leeson’s model only in-
cludes noise injected into the feedback path of the VCO.
A different phase noise mechanism is the up-conversion
of low-frequency noise sources due to the modulation
of non-linear elements in the oscillator. Taking this up-
conversion into account a more accurate expression for
phase noise becomes
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where |K;..| and |K 4| are defined as the sensitivity
of the frequency of oscillation on low-frequency tail
current variations due to the indirect stability effect and
varactor AM-to-PM conversion respectively [7]-[8]. The
sensitivity of the frequency of oscillation on control
voltage noise with spectral density Sg, is described by
the varactor gain |Kvco| [9].

I1l1. Low PHASE NoISE SIGE HBT VCO DESIGN

The implementation of a low phase noise differential
LC-tuned VCO with noise filter and fully integrated
resonator is seen in Fig. 2 and will serve as the basis
for the following discussion. The variable capacitance
for frequency tuning is implemented with a series con-
nection of pn-junction diodes with capacitance C, and a
MIM-capacitance C,,,. This configuration linearizes the
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Fig. 2. SiGe HBT VCO with noise filter and fully integrated resonator.

overall capacitance variation with control voltage V.4
at the expense of reduced tuning range. In the present
design a quality factor Q ~ 10 is predicted for the fully
integrated resonator at 2 GHz.

A. Improvement by Noise Filtering the Current Source

In SiGe HBT differential LC-tuned VCOs the excess
noise factor F' is dominated by the noise from the tail
current source near even harmonics of the carrier fre-
quency. In order to improve phase noise this contribution
has to be minimized. An efficient way of doing this
is to use a noise filtering technique [10]. In Fig. 2
inductor L, and capacitor C, forms a 2nd order low-
pass filter which prevents noise at even harmonics from
being injected into the feedback path of the oscillator.
Inclusion of different size inductors shows regions of
both phase noise improvement and degradation over
the first order low-pass case with the capacitor C,
alone. This degradation of phase noise is explained
by the increasing inductance driving the oscillator into
the saturation region as illustrated in Fig. 3. In this
figure the simulated phase noise performance versus
tail current is compared to calculated phase noise using
(3) and neglecting the contributions from shot noise
and tail current source noise. It is seen that the phase
noise has been reduced toward the intrinsic limit set
by the resonator quality factor. The reason for this is
that inclusion of a large tail capacitance C; makes the
transistors in the cross-coupled differential pair conduct
in pulses at the peak of the oscillation waveform. Due
to the cyclostationary property of the shot noise sources
this will be the ideal operation condition with respect to
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Fig. 3. Phase noise at 100 KHz offset from 2 GHz carrier versus
tail current. Solid line: simulation, dashed line: calculated from (3)
without shot noise and tail current source noise contribution.

phase noise for the oscillator [1].

B. Indirect Stability and Effect of Varactor Non-linearity

The noise filter leaves low-frequency noise from
the tail current source unaffected. Two mechanisms by
which this gets transformed into close-in phase noise
is by the indirect stability effect and the AM-to-PM
conversion of the varactors. The indirect stability effect
is due to the modulation of the phase shift in the
feedback loop caused by low-frequency variations in
the tail current. According to Barkhausen’s criterion this
results in a variation of the frequency of oscillation
[8]. An open-loop gain analysis on the differential LC-
tuned VCO without noise filter gives the frequency of
oscillation as

1 1 Ry
fO - 27‘(’\/@ <1 271'\/@ QthReq> (4)

and predicts a rise in the frequency of oscillation at
low current levels due to the current dependence of f;.
Once driven into saturation the frequency of oscillation
drops due to the corresponding reduction of f; in this
region. When the noise filter is present the open-loop
gain depends on the capacitor C's which tend to reduce
the variation of the frequency of oscillation with tail
current. It is found however that this reduction depends
on the device sizes with significant effect only for
relative large devices. This is believed to be due to the
fact that f; is lower for larger devices at a given current
level and therefore the reduction with the noise filter
present is more significant for larger devices. From (3)
it is seen that the contribution to phase noise due to
the indirect stability effect depends on the sensitivity
of the frequency of oscillation on tail current variations
K, = 5{>. This sensitivity is evaluated for the SiGe
HBT VCO with and without noise filter as seen in Fig.
4. The small sensitivity observed with noise filter present
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Fig. 4. Oscillation frequency sensitivity on tail current variations.
Solid line: without noise filter, dashed line: with noise filter.

is due to the use of relative large devices which leads
to reduced variation of the frequency of oscillation with
tail current according with the above explanation.
Low-frequency noise from the tail current source is
also up-converted to the carrier as amplitude modulation.
Due to the non-linear C — V characteristic of the
varactors this amplitude modulation results in phase
modulation. The contribution to phase noise depends
on the frequency sensitivity on the oscillation ampli-
tude variations K4y = g—j;?). It can be evaluated by
biasing the VCO where K, ~ 0 and injecting a low-
frequency current tone through the tail current source
and observing the power in the up-converted sidebands.
A sensitivity of only |Kap/| = 64282 at V., = 0 is
calculated for the SiGe HBT VCO because of the good
linearity of the MIM-varactor configuration used.
Low-frequency noise on the tuning line modulates the
non-linear capacitance of the varactors giving rise to
phase noise variation with control voltage. The contri-
bution to phase noise due to this noise is dependent on
the frequency sensitivity on control voltage variations
Kyco = 2. The phase noise degradation due to
control voltage noise is very significant at the lower
tuning range where the varactors are most non-linear [9].
The stack of two varactors as seen in Fig. 2 reduces the
varactor gain Ky ¢o at the lower tuning range which in
turn reduces phase noise variation with control voltage.

1V. EXPERIMENTAL RESULTS

A set of three fully integrated 2 GHz VVCOs have been
implemented in IBM’s 0.5 um SiGe BiCMOS 5AM pro-
cess. This process offers a thick top Al metalization layer
for high Q-factor inductors. The first VCO (VCO1) is
implemented with the noise filter and stacked varactors.
The second VCO (VCO2) is identical to the first except
that the inductor in the noise filter have been removed.
A third VCO (VCO3) was implemented using single
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varactors scaled to provide the same overall capacitance
variation as with the stacked varactors.

The VCOs were measured on-wafer using a Cascade
probe station. Phase noise performance were measured
using a HP 8563E spectrum analyzer with HP 85671A
phase noise utility function. The wideband phase noise
performance of the first VCO is shown in Fig. 5. Due
to the very low 1/f device noise corner frequency
in SiGe HBT technology the phase noise slope is 20
dB/decade until the noise floor of the measurement setup
is reached. A summary of the measured performance
for all three VCOs are shown in Table. I. The designed
VCOs have identical phase noise performance; however
the VCO without the inductor in the noise filter have
higher power consumption than the other two. The phase
noise variation over the tuning range is lowest in the
VCOs with stacked varactors. This is due to the reduced
tuning gain Ky ¢ at the lower tuning range. The tuning
range however is lowered with stacked varactor which
is explained by the larger parasitic capacitance present
in this configuration. The single-ended output power for
all VCOs are better than -5 dBm.

Different VCOs are compared using a Figure-of-Merit
(FOM) that normalizes the phase noise performance to
the same frequency, offset and power consumption [11]
as

fo Pdiss

FOM =L —20log == + 10log —— 5
(fm) = 20log 42 + 10log 1 5 (9)

VCO1 | VCO2 | VCO3

Frequency [GHz] 2.150 2.161 2.156

Phase noise@100KHz [dBc/Hz] | -105.7 | -105.3 | -105.3

Tuning Range [MHz] 176 172 265

Phase noise variation [dBc/Hz] 2.47 3.00 3.84

Power consumption [mW] 10.8 12.2 10.8

TABLE |

SUMMARY OF VCO PERFORMANCE.

where Py;,, is the dc power dissipated by the VCO. In
this work we achieve a Figure-of-Merit of -182.0 dBc/Hz
which is comparable to the best published results for
Si/SiGe bipolar VCOs [7], [11]-[13].

V. CONCLUSIONS

Phase noise in SiGe HBT VCOs has been analyzed
and design methods to reduce it toward the limit set
by the resonator quality factor have been investigated.
The design methods have been experimentally proven
by measurement on a set of SiGe HBT VCOs showing
low phase noise at low power consumption.
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