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Abstract

This thesis is part of the general effort to increase the bandwidth of communication
networks. The thesis presents the results of the design of several high-speed electrical
circuits for an electrical/optical interface. These circuits have been a contribution
to the ESTA project in collaboration with the OptCom project. The aim of the
ESTA project was to investigate issues at 100 Gb/s and beyond, such as architec-
ture and components. The OptCom project had a more tangible purpose; to create
a 100 Gb/s optical/electrical transceiver demonstrator. The thesis focuses on the
design of VCO, LA and CDR circuits at the receiver interface, though VCOs are
also found in the transmitter, where a multitude of independent sources have to be
synchronized before they are multiplexed. The circuits are based on an InP DHBT
process (VIP-2) supplied by Vitesse and made publicly available as MPW. The VIP-2
process represents the avant-garde of InP technology, with f; and f,,q. well above
300 GHz.

Principles of high speed design are presented and described as a useful background
before proceeding to circuits. A static divider is used as an example to illustrate many
of the design principles.

Theory and fundamentals of L.C-oscillators, such as oscillator criteria, phase noise
and different topologies, are given as background.

The theory of PLL circuits is also presented.

Guidelines and suggestions for static divider, VCO, LA and CDR design are
presented using static divider, 50-100 GHz VCO and 100Gb/s LA+CDR circuits as
examples.

Finally, it is concluded that the VIP-2 process is suitable technology for creating
circuits for 100 Gb/s communication networks.

Keywords: Indium Phosphide (InP), DHBT, VCO, Colpitt, Static Divider, CDR,
PLL, Transceiver
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Sammenfatning pi dansk

Transmission af data (bl.a. telefoni) sker i dag ved brug af optiske fiber, som har stor
bandbredde og lang raekkevidde. Optiske kommunikationssystemer bestar af optiske
fiber og knudepunkter, som benavnes routere og switche. I knudepunkterne fore-
tages modtagelse og behandling af den indkomne data samt sendning af udadgaende
data. Behandlingen af data kan ske bade optisk og elektrisk. Enkle valg kan fore-
tages optisk, men mere kompleks behandling ma ske elektrisk. Det senere kraever en
omdannelse af signalet fra det optiske til det elektriske domane. Ligeledes kan der
ske en omdannelse af et signal fra det elektriske til optiske domaene.

Projektet omhandler udvikling af elektroniske kredse til graensefladen mellem det
optiske og det elektriske domaene, samt at forhgje bandbredden fra 10-40 Gb/s (i ek-
sisterende systemer) til 100 Gb/s. Forruden selve den fysiske omdannelse af signalet,
mellem lys og strgm, ma der tages hensyn til bade det optiske signals tab af synkro-
nisering og forholdsvis store bandbredde. Det fgrste skyldes at data transmitteres
optisk uden brug af et tilhgrende klokkesignal som angiver hvornar forskellige bits
i datastrgmmen begynder og slutter. Uden denne synkronisering er det vanskeligt
at fortolke og genskabe den oprindelige information. Det andet skyldes at optiske
signaler kan transmitteres ved stgrre bandbredde end hvad som er fysik muligt eller
pkonomisk rimeligt at behandle elektronisk.

En komplet elektrisk /optisk graenseflade bestar af mange forskellige kredse. Dette
projekt har fokuseret péa variable oscillatorer (VCO), som benyttes i flere af kred-
sene, omformning af frekvens og fase (static divider) samt genskabelse af data og
synkronisering (LA og CDR). Genskabelsen er en kompleks proces hvor der foretages
en genskabelse af det oprindelige signal i form, amplitude og synkronisering (3R).
Den store bandbrede har stillet hgje krav til de elektroniske kredse, som er blevet,
produceret i en avanceret InP proces fra Vitesse (VIP-2).
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Chapter 1

Introduction

1.1 The future of high speed communication sys-
tems!

IEEE established the 802.3 Higher Speed Study Group (HSSG) to develop a road
map ahead of 10 GbE. The HSSG was later transformed into the P802.3ba 40 Gb/s
and 100 Gb/s Ethernet Task Force, once the preliminary study was complete. The
objective of the Task Force is to amend the TEEE 802.3 standard to encompass
increased data rates while preserving as much of the current IEEE 802.3 standard as
possible. The target completion date for the amendment is June 2010.

The amendment will support MAC data rates of 40 & 100 Gb/s and provide
Physical Layer specifications which support 40 & 100 Gb/s operation over various
media, as summarised in table 1.1. It must also provide the appropriate support for
OTN. Amending the existing standard will maintain compatibility with the installed
base of IEEE 802.3 interfaces, previous investments in research and development
as well as principles of network operation and management. The amendment will
provide for the interconnection of equipment satisfying the distance requirements of
the intended applications.

nformation relating to the progress of the 40 & 100 GbE amendment to IEEE 802.3
can be found on the IEEE P802.3ba 40 Gb/s and 100 Gb/s Ethernet Task Force homepage:
http://www.ieee802.org/3/ba/

| Medium | 40 GbE | 100 GbE |
Backplane >1 m V
Cu cable > 10 m v v
OM3 MMF > 100 m | ,/ V
SMF > 10 Km v
SMF > 40 Km V

Table 1.1: Physical layer specifications to be defined by the HSE Task Force.
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1.1.1 The need for 40 & 100 GbE

The demand is driven by applications that have been demonstrated to require band-
width beyond the existing capabilities, as defined by the 10 GbE standard. These
include data centers, Internet exchanges, high performance computing and VOD.
Bandwidth requirements for computing and core networking applications are grow-
ing at different rates, which necessitates the definition of two distinct data rates for
the next generation of Ethernet networks in order to address these applications in a
cost, effective manner:

e Servers, high performance computing clusters, blade servers, storage area net-
works and network attached storage all currently make use of GbE and 10 GbE.
I/0 bandwidth projections for server and computing applications indicate that
there will be a significant market potential for a 40 Gb/s Ethernet interface.

e Core networking applications have demonstrated the need for bandwidth be-
yond existing capabilities and the projected bandwidth requirements for com-
puting applications. Switching, routing, and aggregation in data centers, Inter-
net exchanges and service provider peering points, and high bandwidth applica-
tions, such as video on demand and high performance computing environments,
have demonstrated the need for a 100 Gb/s Ethernet interface.

1.1.2 Technical feasibility

The principle of scaling the TEEE 802.3 MAC to higher speeds has been well estab-
lished by previous work within IEEE 802.3, such as GbE & 10 GbE. The principle
of building bridging equipment which performs rate adaptation between IEEE 802.3
networks operating at different speeds has been amply demonstrated by the broad
set of product offerings that bridge between 10, 100, 1000, and 10000 Mb/s. Sys-
tems with an aggregate bandwidth of greater than or equal to 100 Gb/s have been
demonstrated and deployed in operational networks. The IEEE 802.3 amendment
will build on the array of Ethernet component and system design experience, and
the broad knowledge base of Ethernet network operation:

e The experience gained in the development and deployment of 10 Gb/s technol-
ogy is applicable to the development, of specifications for components at higher
speeds. For example, parallel transmission techniques allow reuse of 10 Gb/s
technology and testing.

e Component vendors have presented data on the feasibility of the necessary com-
ponents for higher speed solutions. Proposals, which either leverage existing
technologies or employ new technologies, have been provided.

The reliability of Ethernet components and systems can be projected in the target
environments with a high degree of confidence. Presentations demonstrating this
have been provided by participants in the 802.3 HSSG.
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1.2 Transceiver components

A glance at the block diagrams of various communication systems reveal that all
systems, regardless of transmission medium, are made from a combination of just a
few basic building blocks. The VCO, static divider, limiting amplifier and the CDR,
circuits are among this handful of standard components. The VCO is an oscillator
used for synchronization of data streams or band selection. Synchronization is re-
quired for both CDR and MUX? circuits. The static divider creates a signal with
a clock frequency equal to a fraction of the frequency of a reference clock and may
also generate a quadrature half-rate® clock, which is often required by the decision
circuits found in MUX, DEMUX and CDR circuits. MUX and DEMUX circuits re-
quire a fractional clock signal for each level of multiplexing/demultiplexing, whereas
the clocking requirements for the CDR circuit depends on the choice of architecture.
A limiting amplifier is a non-linear amplifier that amplifies an input signal to a fixed
voltage level, assuming that the input signal is not too weak. The limiting amplifier
restores the digital property of a signal that has suffered shape and amplitude dis-
tortion. The CDR circuit performs retiming or even complete 3R* if it is combined
with a limiting amplifier.

1.2.1 Scope of the thesis

The circuits presented in this thesis are intended as building blocks for a 100 Gb/s
serial optical/electrical transceiver. The transceiver performs a conversion between
the optical domain and the electrical domain. The transceiver is placed between
the optical network and the electrical switch fabric or is used to insert data into an
optical switch fabric. The CDR function is part of the receiver path. A limiting
amplifier is placed at the ingress of the CDR circuit because the input data signal
has a very low (voltage) amplitude at this point. The VCO and static divider cir-
cuits are components of the CDR. circuits. The static divider is also of interest in
the receiver DEMUX and in the transmitter MUX, where it generates the clock fre-
quencies required for multi-stage multiplexing and demultiplexing. A block diagram
of a transceiver architecture is shown in fig. 1.1.

::.-'(_“;E‘:,‘_:—Detector LA CDRM—DeMux}-p| FEC/PM }

i 8 g or Switch

‘5.5 Convert to| iFabric

102/ ¢{Modulator—o!tage Mux [ SEE
Electro/ High-Speed Low-Speed
Optical Electrical Circuits i Electrical Circuits
Circuits InP/GaAs H CMOS/SiGe

Figure 1.1: Block diagram of an electrical/optical transceiver.

2Tf the incoming data channels are independently timed.
3Typically half-rate, but could be 1: 2", n € N* by iterating the process.
4Reshape, Reamplify and Retime, i.e. complete regeneration of the signal.
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The CDR function is required to recover the synchronization and data of the
incoming stream. The data signal is distorted during optical transmission, and the
optical network carries no separate synchronization signal (clock) to aid the interpre-
tation of the data, see fig. 1.2. The signal shape and amplitude can be regenerated

0111011000111110011010010000101011101100011111..

UL Do v o

Figure 1.2: PRBS prior to and after transmission.

by the LA, but the timing of the data is lost at the point of transmission. The
timing must be recovered for the data to be correctly interpreted. The CDR cir-
cuit utilizes the incoming data signal to generate a clock signal that is phase-locked
to the incoming data carrier, though the frequencies are not necessarily the same®.
The regenerated clock signal is subsequently used to capture the data using a deci-
sion circuit (i.e. D flip-flops). The regenerated clock signal is propagated alongside
the regenerated data to provide the essential downstream synchronization. Typi-
cally, the subsequent step is a demultiplexing process to (further) lower the signaling
bandwidth to a more manageable, and less costly, level.

The VCO is a voltage controlled oscillator and acts as the heart of the PLL based
CDR circuit. The VCO generates a clock signal and the phase of the clock signal is
adjusted to match the phase of the incoming data carrier. A VCO circuit may also
be used in the MUX where several data channels from independent sources may have
to be buffered and synchronized before being merged. The choice of VCO center
frequency depends on the system architecture and data bandwidth.

The static divider generates a (possibly quadrature) clock signal at 1:2 the fre-
quency of the incoming clock signal. A CDR circuit has an internal VCO whereas the
MUX and DEMUX circuits rely on external clocks. The quadrature signal is useful
for demultiplexing and for some types of phase detectors®. Several dividers may also
be daisy-chained to provide the clock signals for consecutive steps of multiplexing or
demultiplexing.

Design principles, simulation and measurement of the various circuits will be
discussed within individual chapters, while the process description will be confined
to an appendix.

5The VCO has a center frequency closely corresponding to a fraction of the bitrate, 1 : 2, n € Np.
The required center frequency depends on the choice of architecture.
6A CDR circuit component.
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1.2.2 State of the art circuits

Equipment is commercially available for 10 and 40 Gb/s communication systems and
circuits operating in this range” have been published in recent years in various ITI-V
technologies, such as InP, GaAs and SiGe. It is even possible to make the 10 Gb/s
serial interface circuits in CMOS, and higher bandwidths are being explored using
the same technology. The road ahead is as yet resolved, with several possibilities
currently being standardised and approved by the IEEE P802.3ba HSE Task Force.
It is likely that these original standards will be provisional, i.e. they will be based
on practical realisations and gradually fade away as technology develops and more
mature standards begin to emerge. The telecommunication industry would prefer a
standard of 2, 3 or 4x40 Gb/s to facilitate multiplexing and demultiplexing of existing
2.5/10/40 Gb/s channels, while the Ethernet standard has progressed in orders of
magnitude and thus could be expected to aim at 100 Gb/s. The developing 802.3ba
standards focus on 100 Gb/s Ethernet in various forms. None of these currently aim
at employing 100 Gb/s serial interfaces but instead utilise multiplexing schemes such
as 2 x50, 4x25 or 10 x 10 Gb/s. However, a 100 Gb/s serial interface is within reach
of current ITI-V IC technology. Several groups have been working to provide the
components and system verification of such interfaces. The experimental field has
traditionally been dominated by NTT and various small groups working at different
companies and universities.

Connecting circuits within a transceiver is no mean feat at 40 Gb/s and beyond.
The obvious solution is to achieve a high degree of integration, so that several circuits
can be merged into one or placed adjacently within customised flip-chip packages.
The road map for 40 Gb/s has been to begin with simple circuits and progressively
add complexity. The same path will be taken for 100 Gb/s. Several of the circuits
mentioned in the following will thus have varying degrees of complexity.

1.2.2.1 LA

The photo detector of the receiver generates a very weak current signal that has to
be converted into a voltage signal and amplified. This is performed by a TIA/TWA
circuit. The resulting signal is still weak and requires regeneration of shape and am-
plitude to regain its digital characteristics. This is the function of the LA circuit that
provides the appropriate input data signal to a CDR circuit. Both the photo detector
and the CDR circuit can be manufactured in InP technology but the processes for
the two types of circuits are not compatible. This makes it (as yet) impossible to
place both circuits on the same die. The solution has been to integrate the photo
detector and the TTA /TWA as one package. Integrating the LA with the TTA/TWA
would not be a good idea because the imperfect interface between the LA and the
CDR circuit would then require another LA at the ingress of the CDR circuit. Thus
the solution has been to integrate the photo detector and the TIA /TWA as a package
and the LA and the CDR circuit on a single die. Eventually, the TIA/TWA, LA,
CDR circuit etc. will be integrated on a single die and share a package with the
TTA/TWA.

"The 40 Gb/s data stream is encoded to provide error correction and line coding. The typical
bit-rates are 43 or 47 Gb/s.
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| Technology | InP | SiGe | CMOS |
1999 1, 20]
2000 31, 22, 23]
2001 3] 3,24,25 | [12
2002 2,6,20] | 27] 2R
2003 8,29, 30] | [31, 9, 4, 32] | 33, 34, 35, 36, 37, 38, 39, 40, 41, 42]
2004 7l 13 44, 45, 46, 47, 48, 49
2005 10,50] | [BL 52, 53] | [54, 55, 56, 57]
2006 11] 58] 59, 60, 61, 13, 62, 63]
2007 14, 15, 16, 17, 18, 64, 65, 19)

Table 1.2: Publications on CDR circuits at 10 Gb/s and beyond in the period 1999-
2007.

The performance of the LA must then be viewed in the context of the CDR
circuit. It’s most revealing characteristic is the input sensitivity it gives the CDR,
circuit. The input sensitivity is not a fail or pass parameter but a trade-off between
signal input power and BER in a particular environment. The HSSG objectives for
40 & 100 GbE aim at supporting a BER that is better than or equal to 1070 or
10712 at the MAC/PLS service interface.

1.2.2.2 CDR

The CDR circuit is the most, complex of the transceiver circuits. Siemens was first
out with a 40 Gb/s CDR circuit [1]. Lucent® was next with a 40 Gb/s CDR circuit
that also included a limiting amplifier and a 1:2 demultiplexer [2, 3, 4]. A 40 Gb/s
MUX was later developed to make an integration test [4]. NTT has a long history
in this field, including complex, low-power 10 Gb/s CDR circuits with integrated 1:4
DEMUX [5, 6]. A 40 Gb/s CDR circuit was then presented two years later [7], when
Inphi Corporation and Sierra Monolithics, Inc. published similar results [8, 9]. The
most recent development comes from the Fraunhofer Institute (Freiburg), where an
80 Gb/s CDR circuit with integrated 1:2 DEMUX [10, 11] has been developed. A
10 Gb/s CDR circuit emerged early on the CMOS front [12] and recent results have
pushed the bandwidth beyond that limit [13, 14, 15, 16, 17, 18, 19]. The achievement
demonstrated [14] is particularly impressive. All the published results on (electrical)
CDR circuits at 10 Gb/s and beyond have been assembled in table 1.2 to provide an
overview. The results have also been condensed into graphical form to illustrate the
recent trends. The results have been distributed according to bandwidth and type
of IC technology and presented in fig. 1.3.

1.2.2.3 Multiplexer and demultiplexer

Multiplexers and demultiplexers are not a particular topic of this thesis, but they are
based on the same D latches that are found in the phase detectors of CDR circuits.
NTT has steadily improved their InP process, resulting in matching performance in

8Several of the authors switched to CoreOptics during this period.
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Figure 1.3: Published results for CDR circuits with a bitrate > 10 Gb/s in the period
1999-2007 distributed according to bitrate and technology.

their MUX and DEMUX circuits. 10 Gb/s DEMUX circuits were the first to emerge
[5, 6] and were later followed by 50, 80 and 100 Gb/s MUX and DEMUX circuits
[66, 67, 68] based on similar high performance decision circuits [69, 70]. Several other
groups have also been involved [9, 32, 4, 11, 71, 18]. CTH has recently published a
100 Gb/s packaged demultiplexer [72, 73] as well as a 165 Gb/s multiplexer [74] for
a 100 Gb/s demonstrator system [75, 76]. Some CDR circuits have also been fitted
with on-chip multi-channel demultiplexers, e.g. [8, 32, 11, 71|

1.2.2.4 Static divider

The performance of static dividers are often used as a benchmark for IC technology.
Static dividers are digital circuits and are usually based on D flip-flops, thus providing
a realistic view of the performance a particular process may offer. There are two
known results using VIP-1 and VIP-2 [77, 78], and a few in other InP processes, e.g.
[79]. [77, 78] operate in the 40-80 Gb/s range.

1.2.2.5 VCO

VCO circuits are a bit tricky to compare for a VCO has many different parameters.
One or more of these parameters may be optimized, but often at the expense of other
parameters. An obvious reference is [78], because it has been manufactured in VIP-2.
Fraunhofer has the current bandwidth record for CDR circuits, and have published
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two (almost identical) VCO circuits that are explicitly intended for CDR circuits
[80, 81]. There are also a few InP-based VCO circuits in the W-band (75-110 GHz)
and beyond. These results have been placed in a table with a few key parameters for
easy comparison, see table 1.3. The phase noise and output power are the best values
achieved within the tuning range. Higher frequencies have been achieved using other
ITI-V technologies. These results have also been added to the table. The output
power, P,,;, is for differential output signals.
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Chapter 2
High-speed design

The O/E-interface consists of high-speed building blocks. The designer has to make
several choices, such as choosing an appropriate process technology and architecture
for the task, as well as employing various design techniques to achieve the specifica-
tions. Some of the design techniques will be described in this chapter.

2.1 Current Mode Logic

The CDR circuit consists of a mix of digital and analog components. The digital
components are based on the current mode logic (CML) family, also known as emitter-
coupled logic (ECL) [91]. The chief characteristic of CML is that the transistors are
always in the active region and can thus change state very rapidly, allowing CML
circuits to operate at a very high speed. The main disadvantage is that the circuits
are drawing a constant current, independent of the state, resulting in high current
densities and power consumption. Most of the power is turned into heat, which
has an adverse effect on circuit performance. Heat must be both restricted and
effectively dissipated, for excess heat may impede, damage or even destroy a circuit
if left unchecked. Current densities must also be limited to avoid electro-migration®.

CML gates are based on differential stages, as shown in fig. 2.1. The differential
stage can be fitted with a pair of emitter followers (also known as a common collector
configuration). This combination is denoted ECL. The emitter followers provide a
bias configuration supplying a suitable, constant voltage level to the differential stage.
The constant voltage level is at the midrange of the low and high logic levels to the
differential stage. A differential input signal will overlay the constant bias voltage
and pass almost unchanged (with respect to voltage amplitude) across the emitter
followers.

The emitter followers perform level shifting as well as decoupling (impedance
transformation) of the signal. The emitter followers act as buffers and can reduce

I Electro-migration is the transport of material caused by the gradual movement of ions in a
conductor due to the momentum transfer between conducting electrons and diffusing metal atoms.
The gradual process will cause erosion to conductors, eventually resulting in circuit failure. Fabs
specify design rules to avoid electro-migration, generally by applying limits for current densities
(given as I/um for a particular layer).

11
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Figure 2.1: CML principle using a differential stage and emitter followers (ECL).

the input load. The transistors of the emitter followers can be smaller than the
transistors of the differential stage. This reduces the parasitic capacitance, Cpc, of
the input and results in improved bandwidth.

The effective current gain of transistors decreases with frequency, reducing the
decoupling. Thus two (or even three) cascaded emitter followers are often required,
sometimes denoted E2CL. However, the improved decoupling comes at some cost to
signal amplitude, primarily because of parasitic voltage losses over rg in the tran-
sistor. The emitter followers also provide gain peaking near the the upper frequency
limit, extending the bandwidth.

ECL offers a number of advantages, but it also requires more area, current &
power relative to CML. ECL is used in critical circuits where speed is paramount,
whereas CML is used elsewhere.

2.1.1 ECL operation

The principle of the differential stage operation can easily be demonstrated using the
Ebers-Moll model [92]. A differential stage, with currents and voltages indicated, is
shown in fig. 2.2. The three current equations can be stated as:

_Is Va—Veo
e [ (B3t ) o
Is Ve —Vee

Icc = (B+1)Ia+1Ip) (2.3)
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Figure 2.2: Differential stage marked with currents and voltages.

The differential output voltage is:

‘/;)ut:VAA_VBB:R(IBB—IAA):Rﬁ([B—IA) (24)

Fiddling about? for a few minutes eventually yields:

RG (Icc +21g) (Vm) (Vm)
Vour = ————————= X tanh | —— | ® RIc¢c X tanh | —— 2.5
' (B+1) M\ cox i vy (2:3)
where:
V;ln = VA - VB (26)

The details are shown in section A.1. The resulting equation has the form V,,; =
f (Vin). The function is shown in fig. 2.3 for a set of typical values.  V,,; rises
steeply with V,, around origin for realistic values of R. A maximum differential
voltage swing of ~ RIcc can be achieved. For a cascade of identical differential
stages, the voltage swing can be found as V,,; = —V;,, in the curve, and is typically

2See e.g. UsingEnglish.com.
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Figure 2.3: Differential stage output voltage as a function of input voltage.

about 95% of the full voltage swing. The differential stage operates as a non-linear
amplifier, reshaping and reamplifying a differential signal that has become distorted
or weakened, providing the basis for digital logic.

2.1.2 CML or ECL

The choice between CML and ECL depends on a number of factors. The emitter
followers require additional power without contributing to the logical function. The
emitter followers also serve the purpose of buffering the collector load resistor of the
CML thereby isolating the load from the switching time constant. It is this property
that is usually given for arguing that ECL is faster than CML. This is probably true
for an SSI circuit operating in the transistor limited speed range. The argument be-
comes less convincing for MSI/LSI circuits where the current levels involved produce
RC time constant limited gate speeds. The increase in gate propagation delay caused
by the emitter followers is approximately equal to the transit time of the transistor.
This can be justified if the extra propagation delay is more than compensated by a
reduction in the RC time constant that the external load places on the differential
pair.

A capacitively loaded CML gate and switching waveforms are shown in figs. 2.4
& 2.5. The differential pair itself is given a zero delay to simplify the comparison.
The CML output voltage exhibits a typical RC time constant. The voltage swing,
Vs, is defined as Vg — V. The propagation delay, t,, is defined as the time when
the output voltage crosses the threshold at the midpoint between the logical levels,
(Vg — Vi) /2:

VsCrln (2 VeC

(2.7)
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Figure 2.4: Loaded CML gate. Figure 2.5: Waveform for CML gate
switching.

The worst case for the ECL gate is the falling edge. It is limited by the amount of
current available to drive the load from the pull-down current source, I;,. The loaded
circuit and corresponding waveform are shown in figs. 2.6 & 2.7. The propagation

Veno O

b [ofat %
Veeo 3 @'T t

Figure 2.6: Loaded ECL gate. Figure 2.7: Waveform for ECL gate
switching.
delay is:
VsCr,
t = 2.8
p,ECL 2 % IL ( )

The next step is to determine when the propagation delay for both CML and
ECL are equal:

tp,ecL — tp,omr =0 = (2.9)
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Prcr—Pomr | — || — |
Procr Ip =1 || Ip =21

Single-ended 30% ™%
Differential 50% 30%

Table 2.1: Power savings of CML relative to ECL, for stages with equal performance.

VsCr, - VsCp1n (2)
2><IL ID

0= (2.10)

Ip=2In(2)x I ~14x Iy (2.11)

The current sources of the differential stage and the emitter followers are typically
of similar size. The CML gate would then use about 30% less power than a ECL
gate with similar performance. The previous examples are all single-ended. One of
the features of ECL/CML is the complementary logic output function. Using a sec-
ond emitter follower on the complementary output would further improve the power
consumption advantage of the CML gate to about 50%. Operating the differential
stage at optimum current density would require twice the current through the core
relative to the emitter followers, given similar size transistors. The power advantage
of CML would then be reduced to 7% and 30% for single ended and differential out-
put respectively. The results are shown in table 2.1. The conclusion, so far, is that
CML has an inherent power advantage over ECL.

The differential voltage swing, Vj, is & RIcc. This is a straightforward formula,
but not any set of values for R and I is desirable. A large voltage swing will make
the signal more immune to noise, but requires a large R and/or substantial Ioc.
A large R increases switching time. The output load, Ciqa, is discharged through

a resistance, R, creating a time constant of 7r4; = RCjoaq. The switching time is
thus proportional to R (and Cjoaq). Icc is equally problematic. The circuit power
consumption, and thus heat generation, is P = —Vsglcco. An improved voltage

swing is therefore bought at the cost of switching time and/or power consumption.

CML has the additional feature of having a nearly constant current consumption.
This reduces the noise in the supply voltages considerably. Some current spikes occur
during switching due to the limitations of the less than ideal current source. The
problem can be mitigated by having adding on-chip decoupling capacitance to the
supply grid and by the design of the current source, see section 2.4.

2.2 Signaling and transmission lines

2.2.1 Signal wavelength

A chip consists of interconnected circuits. The interconnections are electrical signals
propagating through metal conductors. Some circuits are placed together to form
functional blocks, such as a VCO or an amplifier. Interconnects can be categorised
based roughly on length; short interconnects within functional blocks and long in-
terconnects between functional blocks. The reference to length is a bit loose, for it
is related to both the signal bandwidth and the physical length of the interconnect.
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An interconnect is considered short if | < A/4, i.e. the signal can safely be assumed
to be uniform over the length of the conductor. The wave nature of a signal can be
ignored for short interconnects but must otherwise be taken into consideration. The
signal wavelength is related to both the signal bandwidth?® and the signal propagation
velocity of a particular conductor:

af

The velocity is related to physical properties of the conductor and its surrounding
materials, as well as geometry:

I < \/4= (2.12)

1 c

RGN

The relative permeability, u,, is close to unity (for most materials), whereas

the permittivity, €., is effectively close to 4.0 for the VIP-2 process*. This yields

v =c/v4=1.5x10%n/s. The critical length, I., in VIP-2 can thus be easily found

for an interconnect, given the frequency. I. = 375 pm for a 100 GHz clock signal. The

designer must be mindful of the length of interconnections and take the appropriate
action where necessary.

(2.13)

2.2.2 Differential signalling

Differential signalling on balanced lines has several advantages over single-ended sig-
nalling [93]:

e A differential signal requires no common reference voltage, unlike a single-ended
signal. This facilitates signalling across different logic families (ECL, TTL etc.),
technologies (e.g. SiGe), circuits and chips.

e The voltage swing can be made lower, while maintaining the integrity of the
signal.

e Symmetrical pulse edges compensates for transients.

The lack of a common reference voltage eliminates the problem of jitter in the refer-
ence voltage affecting the interpretation of the signal. Noise is also improved by the
relative increase in amplitude and the rejection of common mode noise. An example
is shown in fig. 2.8.  The single ended signal is interpreted relative to a reference
voltage. A differentiator is used to discern the binary value. Both noise and (more
specifically) common mode noise may result in erroneous interpretation if the noise
amplitude crosses the threshold, as shown by the two errors slipping through.

3Tt is actually the spectral component with the highest frequency that dictates the minimum
wavelength. The spectral component with the highest frequency and the signal bandwidth are the
same for a baseband data signal. Not all signals employ the baseband, e.g. clock signals occupy
extremely narrow bandwidths while their respective spectrums are located around much higher
center frequencies.

4The effective €, depends on the configuration. The conductor is placed differently, relative to
the surrounding layers, for each of the four metal layers in the VIP-2 process. Metal 4 is the most
useful signal conductor due to its greater distance to substrate.
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Figure 2.8: The effects of noise in single-ended and differential signaling.

The differential signal is complementary, and the subtractor thus yields twice
the amplitude. The improved noise margin reduces the likelihood of errors. The
differential line is subjected to the same level of noise as the single-ended line, but
the noise is now significantly below the threshold and does not generate any errors.

The two lines are closely spaced to minimize the effects of interference. The in-
tention is to ensure that any noise source has equal influence on both of the balanced
lines. The noise would then become common mode. Common mode noise is effec-
tively eliminated at the differentiator, as shown by the example, whether it originates
in the source or along the lines.

The example shows how the effective signal amplitude doubles with differential
signaling. This is also true for the slope of the pulse edges, becoming twice as
steep. This allows for higher data rates with improved eye diagrams. Slope (o
1/RCloaa), Differential voltage swing (~ RIc¢) and power consumption (—VssIce)®
are somewhat interchangeable.

Differential signalling also has several disadvantages. Twice as many conductors
are used, requiring additional area, longer conductors (because of the larger area
occupied by the conductors) and possibly creating routing problems. The length of
the conductors also have to be matched to ensure synchronous arrival of the signal at
the receiver. Furthermore, the conductors must be closely spaced to reap the reward
of common mode suppression, particularly if significant noise sources are found on-
chip.

All of the circuits presented in this thesis employ differential signalling for all
signals, both analog and digital, with the exception of DC biasing signals.

5Reducing the voltage swing across the output resistors would reduce the —Vgg required for
driving the circuit. The circuit power consumption is P = —Vgglgg. A typical Vgg is -4 V and a
50% reduction of a 400mV voltage swing (200 mV) would save 5% of the power. Changes in Icc
for a particular circuit has a much greater impact. A 50% reduction in Icc would yield a 50%
reduction in both the voltage swing and in P.
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2.2.3 Termination and reflection

Signals are transmitted between circuits. For long transmission lines, the wave nature
of the signals can not be ignored. A simple circuit containing a source and a load is
shown in fig. 2.9. The difference between the impedance of the source, Zg, and the

Zs
— 1 O

C) VS [ — Z,

O
A4

Figure 2.9: Simple circuit configuration showing measurement location of reflection
coefficient.

impedance of the load, Z,, will cause a discontinuity. This will result in part of the
wave being reflected at the discontinuity. The reflection coefficient, I'; is the ratio
of the amplitude of the reflected wave to the amplitude of the incident wave. The
reflection coefficient is given by:

Zr —Zs

 Zp+Zs

The same process takes place whenever a wave encounters a discontinuity. The

formula shows that no reflection (I' = 0) occurs if the line and the load are impedance
matched: Zg = 7.

A simple case is shown in fig. 2.10. The source and the receiver are separated by

(2.14)

Vg O I @ l e

Figure 2.10: Transmission line without termination.

a transmission line with the characteristic impedance of Z,. The receiver consists of
emitter followers with high impedance (|Z1| > |Zo|) and the result is that much of



20 CHAPTER 2. High-speed design

the signal is reflected (|| &~ 1). The reflected wave will eventually arrive back at the
source, where Zg ~ R;. Another reflection will occur at the source if the source and
line are not perfectly matched (Zg # Zp). The signal will quickly stabilize for short
lines, but the effect on longer lines will be ringing and signal distortion.

The reflections can be dealt with by moving the load to the receiver, as shown
in fig. 2.11. It is possible to achieve a very good impedance match between the

Figure 2.11: Transmission line with single termination.

transmission line impedance and the load resistors, but the load will still present a
mismatch because of the input capacitance of the emitter followers. The resulting
reflections will eventually arrive back at the source, which is not impedance matched
at all.

Reflections on the transmission line can be efficiently reduced by employing
impedance matching at both the source and receiver. This is shown in fig. 2.12. The

. ¢ 9

Figure 2.12: Transmission line with double termination.

\Y

S8

load and source resistances have now been doubled, as well as the line impedance.
This could be difficult to implement. Resistors are manufactured from specialized
layers. Resistance depends on the geometry used and can cover a wide range of val-
ues, typically three orders of magnitude®. The same dynamic range is not possible

6The practical range is about 2 to 2000  for VIP-2.
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for transmission lines, as will be shown in section 2.2.4. Having double matched
termination is therefore only possible when load resistance, and thus the matching
line impedance, is sufficiently low for the transmission line impedance to be realized.

The voltage at the emitter followers can be amplified by utilizing the transmission
line as an inductive element, see fig. 2.13. The inductive line and the (parasitic)

Vanp ©

GND

Figure 2.13: Transmission line with inductive line.

load capacitance of the emitter follower will resonate and create gain peaking. The
effective inductance, L.y, is given by:

Z 27l
Legj = 5 tan <%> (2.15)

The gritty details have been relegated to section A.2. It should be noted that Ly
is proportional to Zy. The difficulties in achieving a high Z; effectively limit L.s¢.
The highest Z, that can be obtained using VIP-2 is about 52 Q. The length of the
transmission line has to be restricted to less than A/4, because the line appears to be
capacitive beyond this point. The line should be made well short of this boundary to
ensure that the signal spectrum is encompassed. L.fs also becomes less predictable
around this point. The effective inductance for a realistic VIP-2 transmission line is
calculated for various lengths and the results are presented in fig. 2.14. The effective
inductance is less than 100 pH for realistic lengths.

The effect of the inductive line will depend on the signal, and thus on the appli-
cation. An example will demonstrate the resonance between the inductive line and
the capacitive load. A frequency domain analysis is selected because it simplifies
the conditions. The setup is identical to fig. 2.13, but the differential stage source
is replaced with an ideal source. The rest of the components use their respective
models. Ry and Z, are both set to 52 €. [ is 150 um; equivalent to about 50 pH.
The emitter followers use minimum size” transistors. The input capacitance is about
7.3 pF, but somewhat frequency dependent; see section B.1 for details. The result
is shown in fig. 2.15 for various frequencies. The extra amplitude is useful, but the
price is ringing/overshot and group delay.

TWith respect to VIP-2. Minimum emitter width and length are 0.5 umx1.0 um, corresponding
to an effective area of 0.85 um?.
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Figure 2.14: Effective inductance of a transmission line. f=100 GHz, Z;=52 Q &
A=375 pm.

A time domain analysis will complete the picture. The setup is similar to the
previous example with a sinusoid source. Two different lengths of transmission line
are used, one 20 um and the other 200 um. The voltage at the emitter followers are
shown in fig. 2.16. The source signal is shown as reference.

The The rise and fall time of the signal can be improved by adding inductive
elements to the receiver load, as shown in fig. 2.17. The inductors are implemented
as microstrips shorted to ground. The method is known as inductive peaking [94, 95]
and increases the AC load resistance:

V:)ut
1;
Again, the inductor will resonate with load capacitance and the result will be ring-

ing and signal distortion (jitter). The effects of inductive peaking are demonstrated
in fig. 2.18.

— jwL + Ry, (2.16)

2.2.4 Conductor modelling and realisation

The CDR circuit is fairly large, both in physical size and number of components.
This makes it necessary to use long interconnections between sub-circuits. Long
signal lines® are modeled and realized as frequency dependent transmission lines to
more accurately predict their behavior.

Transmission lines use the top metal layer (metal 4) over an unbroken ground
(Venp) layer (metal 2), and the lines are adequately spaced to minimize coupling

8Length>\/10, or about 140um for a 100GHz signal in the VIP-2 process. Top and intermediary
er is 6.0 and 4.2 respectively.
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Figure 2.15: Simulation of inductive line with and without capacitive load.

(6-8 pm). 50 Q is used for most terminations, but 36 €2 at the latches. The highest
achievable impedance is 51.6 2 (3 pm metal 4 over metal 2), and a slightly wider
line (3.5 pum) yields almost exactly 50 Q. 33.9 Q can be achieved by 4.5 um metal 3
over metal2. The practical range is between 30-51.6 €).

2-D models for transmission lines exists in both ADS and Cadence, but the com-
plexity of the models make them very time-consuming for large circuits. The inherent
Cadence model is particularly slow, and tends to cause convergence difficulties more
often than not, when the initial state is computed. A simpler, frequency specific
model, is shown in fig. 2.19. It consists of a cascade of ten identical stages, creating
a simple, distributed model. Such a model was used extensively, but not exclusively,
for system simulations. Clock distribution in particular is confined to a narrow band-
width, suitable for a distributed model, whereas a PRBS sequence occupies a much
wider frequency band.

2.3 f; and f..

fr and fi,q. are important figures of merit for transistors, though neither directly
predicts digital circuit speed. f; is the cutoff frequency and is important for analysing
the bandwidth of small-signal amplifiers and the power gain of power amplifiers. The
cutoff frequency is given by the well-known approximation [96, 97] as follows :

1 1
te 2TTEC ~or [TE (C.]E + CJc) + 7B+ T0 + RCCJC]

(2.17)

where:

re = kZT/qIC (2.18)
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Figure 2.16: Time domain analysis of inductive line.
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Figure 2.17: Transmission line with inductive peaking at the load.

The maximum frequency of oscillation is approximated by:

|
Ny — 2.1

It is clear that f; and f,,q. of VIP-2 are very dependent on the collector current
density (and temperature for 75 & 7¢). ft and fiq. reach their global maxima
at around 3.8 mA/um?, as seen in fig. 2.20. Critical transistors (where switching
speed is paramount) are generally biased to operate around this point, but it does
result in a significant current (and power) consumption. The heat generated by
large circuits such as a CDR circuit can easily destroy the circuit if preventive and



2.3. [+ and faz 25

300 T T T T T

250

200 .

150 .

100 .

Effective inductance (pH)

o 1 1 1 1 1
0 50 100 150 200 250 300

Length (um)

Figure 2.18: The effect of inductive peaking on transients.
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Figure 2.19: Simple, distributed transmission line model. The model is shown single-
ended for the sake of simplicity.

remedying measures are not taken. Less critical parts of a circuit could be more
economical with respect to current density without any significant impact. In some
cases, such as current sources, f; and fi,q, should actually be minimised. Stability is
the hallmark of good sources and slower transistors become less susceptible to noise,
as will be shown in the following section.

Emitter followers have a fairly constant collector current, but the same is not true
for the differential stage. Current will almost exclusively pass through only one of
the two collectors when the stage is not switching, as shown (indirectly) in eq. 2.5.
The solution is to set the current source to drive twice the optimum current for either
transistor. The idea is that both transistors will have optimum current density, and
thus optimum switching speed, at the critical switching moment.
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Figure 2.20: f; and f,,4, for VIP-2 as a function of collector current density.

2.4 Current sources

Ideal current sources are used in CML based circuits, as well as in other designs
presented in this thesis. The physical realization of ideal sources offers a compromise
between complexity and performance.

2.4.1 Resistive current source

The simplest current source takes the form of a resistor, as shown in fig. 2.21. This
is a very simple solution with a compact layout. The resistor adds very little par-
asitic capacitance to the common emitter node, which is helpful in maintaining the
impedance at high frequencies.

The simplicity has its price. The current through the resistor is not constant, but
proportional to the voltage over the resistor, Is = Vg/Rcs. As a result, the current
is sensitive to variations in the common emitter node voltage, supply voltage (Vss),
process and ambient temperature. Obviously, Vsg can be adjusted to optimize the
output voltage swing to a particular process outcome, but this will impact the chip
globally. Furthermore, the voltage dependency means that the switching noise in
the differential stage is not decoupled from Vgg. Each source may only be a small
contributor, but having numerous sources on a chip exhibiting synchronous switching
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Figure 2.21: Resistive current source.

will make its presence felt. The noise will have a direct impact on analog circuits,
but could be acceptable for CML (though it would cause jitter in the eye-diagram).

2.4.2 Current mirror

A more complex current source is able to mitigate the short-comings of the resistive
current source. A current mirror is based on a transistor with a controlled reference
current. The reference current is being mirrored in one or more load transistors. A
current mirror is shown in fig. 2.22. The current mirror contains resistors, R, to
make the (current) source less dependent on the collector voltage and to dampen any
resonance with Vi,. The resistors are usually set to have a voltage drop of 200 mV
at nominal supply voltage, Vs = -4.2 V, and have minimum width with respect to
current density (to save space). The reference resistor, R,., fixes the mirror current
at the desired DC level and takes some heating off the transistor.

The current mirror is less sensitive to variations in Vg relative to the resistive
current source. The change in supply voltage, AV, is felt directly over R s for the
resistive current source:

Al ~ AV, /Res (2.20)

The voltage over the reference transistor in the current mirror can roughly as-
sumed to be constant, and AV, would thus be distributed over R,.; & R; :
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GND

VO

Figure 2.22: Current mirror with internal bias.

ALy = AViy/ (Ryes + Ry) (2.21)

The implication is that the current source will show less variation, given R,.y -+
Ry > R.s. This is a reasonable assumption, all else being equal.

An external control of the bias voltage may be desirable in some cases. This is
shown in fig. 2.23. An external bias signal, Vs, is connected to the current mirror
through a resistor, Rp;qs, of the same size as Rrefg. Setting Vj;qs to the same level as
Ve np would thus result in roughly doubling the current. The bias voltage originates
off-chip, and some stabilization is required to prevent undesirable interference from
noise sources such as switching noise. This is achieved by inserting a relatively large
capacitor (C' = 2.89 pF). The capacitor is connected through a resistor (R = 8.5 Q)
with the intention of dampening possible oscillations. The dampening resistor is
much smaller than the bias resistor to ensure that noise will be absorbed before
reaching the reference voltage node.

As previously mentioned, key transistors in the design have a current density of
3.5-4.5 mA /um? to maximize f; and fqa.. An optimized transistor is obviously not
desirable for a current source, which should react as slowly as possible (or ideally,
not at all) to any variation (primarily) in collector voltage. The current density
must therefore be set to a much different value. A higher current density would

9This is simply a reasonable size; no quantitative argument is implied.
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Figure 2.23: Current mirror with external bias.

be both wasteful and outside the safe envelope of operating conditions, and the
remaining option is to decrease current density by increasing the size (or number)
of the transistor(s). In general, the current mirror transistors have been limited to
a current density around or slightly less than 1 mA (commonly 0.95 mA). Lower
current densities are easily achieved but would take too much space (too large or too
numerous transistors) to be practical.

The current mirror load, m, has limitations. The bias current feeds the base
currents of both the reference and controlled transistors. This makes the mirror
dependent on m, and R,.; has to be adjusted accordingly. Parasitic capacitance,
C¢p in particular, is another issue. It couples the switching noise to the biasing
voltage. Experience indicate a reasonable limit for m around four. The simplified
current mirrors have been shown as driving m load transistors belonging to a single
differential stage, but the load transistors usually belong to parallel differential stages
and are not necessarily of the same size as the reference transistor.

An external bias signal requires a DC pad. Having several separate circuits on
the same chip with independent biasing would require an equal number of additional
pads. Obviously, using a common bias signal (and a single pad) for all current mirrors
is the most realistic choice, particularly for small circuits.

2.5 Layout

A schematic is a two-dimensional functional description of a circuit. Signals are
either drawn or represented by labels. Neither the functional blocks nor signals in a
schematic is limited by physical constraints. Some of these limitations first show up
during the layout step of the design process. A medium-size circuit, a static divider,
is used to demonstrate some of the issues at stake. The core of the static divider is
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shown in fig. 2.24, with some of the layout features visible.
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Figure 2.24: Layout of a CML static divider.

2.5.1 Power supply & distribution

Circuits are powered by voltage sources. The external sources should be stable and
immune to noise. The conditions on and off-chip will be different. Wires, leads,
pins, packages, bonding wires and pads will inevitably add distributed resistance,
capacitance and inductance to an otherwise ideal, external power supply. The internal
power distribution also suffers from limitations. Inductance may be negligible and
decoupling capacitance benevolent, but the resistance has a significant impact.

The digital CML supposedly exhibits a constant, current consumption. However,
the current sources are not, perfect. As a result, switching noise is inserted in the
power supply every time a digital gate or buffer changes state. The digital circuits are
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designed with an adequate noise-margin, but mixed-mode'® circuits are vulnerable.
The digital noise will affect the sensitive analog circuits. An obvious solution is to
have a completely separate analog and digital power supply [98]. The separation
should preferably encompass separate external power supplies as well. This requires
additional power supply pads or sharing the existing pads between the supplies.
The concept of separate supplies also offers the possibility for local voltage level
optimisation for performance or power consumption. An intermediary solution is
achieved by isolating only one of the supply levels, preferably the layer shielding the
signal lines. This method has been used in the CDR circuit presented in chapter 6.
The VCO in the CDR circuit has a separate Vgg to provide isolation, but also to
save power'! and optimize the collector current density in the VCO. A completely
separate supply, including Vg p, would have required more pads than was available;
most, if not all, of the circuits designed during the OptCom project have been pad
limited.

Another precaution is to lay out the digital and analog circuitry in different
sections of the chip. The two (or more) sections should be separated by guard rings.
This is particularly important for CMOS where a grid style power supply net will be
insufficient to protect against substrate noise. The guard rings protects against noise
by being low ohmic.

Multiple power supply pads (and bonding wires etc.) are advantageous with
respect to resistance and inductance (Liptqr = L || ... || L = L/n). Any available
pad not used for signalling should be assigned to power supply. AC signals use a
GSG configuration for shielding, inherently benefiting Vanyp access. The problem is
usually restricted to finding enough suitable pads for Vgg. Multiple pads also reduce
current density, which prevents electro-migration and decreases internal voltage drop.

Noise is being capacitively coupled into transmission lines, when the lines are
adjacent to substrate, other transmission lines and circuits. The noise can be ef-
fectively reduced by employing grounded shields between the transmission line and
noise sources. A simple shield is illustrated in fig 2.25. A grounded metal layer (M1)
is used to provide a shield between signal and substrate. The shield is extended by
two connected, parallel sidebars (M2) to reduce noise coupling through fringe capac-
itance. Nearly complete shielding is achieved by enclosing the transmission line, as
shown in fig. 2.26. Ideally, no capacitive coupling should exist between the trans-
mission line and the exterior. It requires a wide space and an additional metal layer,
which may not be attractive with regards to routing.

The shield should preferably employ a separate net (Vanp, shield) that is solely
used for shields. If this type of connection is not possible due to layout and space
constraints, then the noisy digital ground (Vanp, pigitar) can be used for shields,
although this does not provide ideal shielding. The digital ground is used even though
the digital circuits are themselves both more noise generating and noise immune
relative to analog circuits. Most of the effect on differential signalling will be common
mode and have little impact. Using the sensitive analog ground (Vanp,anatog) for
shielding both analog and digital routing would couple digital noise directly to analog

10Containing both analog and digital circuitry.

1 The VCO requires a Vgg of -5.0 V while -4.2 V is sufficient for the remaining circuits. The
VCO is fairly small in terms of power consumption relative to the remainder. Using a global Vgg
of -5.0 V would increase power consumption about 19 % in the remainder.
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Signal
+

Figure 2.25: Transmission line using par-  Figure 2.26: Transmission line fully en-
tial shield. closed by shield.

circuits.

Passing a signal as a shielded differential pair will diminish the effects due to
common mode noise and variation between local grounds, as noted in the section
on differential signalling (2.2.2). The circuits presented in this thesis use differential
pairs for all AC signals. Only partial shielding is employed, as demonstrated in
fig. 2.27.  The transmission lines (M4) are shielded by a ground layer (M2). The

Signal
+

Figure 2.27: Shielding of transmission lines.

space between the differential pairs is sufficient to minimize fringe coupling.

The supply voltages, Vanp & Vsg, are contained in coherent (but broken), sep-
arate metal layers, as seen in fig. 2.24. The two metal layers are adjacent: Vgg uses
M1 and Vgnp uses M2. This has a number of advantages:

e Supply routing at circuits is simplified as the supply voltages become almost
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omnipresent.

e Electro-migration is simpler to deal with. Large circuits will draw a significant
current. Even large, unbroken swaths of metal may not necessarily be enough
to avoid electro-migration, but it sure does help.

e Low voltage drop. A significant current will force a voltage drop in the metal
layers, however low the resistance. The result is that the supply voltage avail-
able on-chip is less than the external supply biasing, though there will also be
losses between external supply and the pads. Substantial areas of metal reduce
resistance and thus voltage drop and noise.

e Decoupling capacitance. There is some capacitance between the metal layers,
though this is generally much smaller than dedicated capacitors where layer
spacing (d) and dielectric material (€) is optimised: C' = % if fringe capacitance
is ignored. Most capacitors are in the base layers, underneath the metal. This
allows designers to put distributed decoupling capacitance underneath any area
that is used only for metal routing. VIP-2 uses a different approach, where
dedicated capacitors are sandwiched between two adjacent metal layers (M1
& M2). This is somewhat awkward with respect to routing, given the limited
number of metal layers (4) available, but acceptable for SSI/MSI. The presence
of unbroken M1 & M2 facilitates the utilisation of unused space on a chip as
decoupling capacitors. The placement of decoupling capacitors has no impact
on routing, as the differential pairs are placed above M2 (in M4).

e Shielding. The wide supply metal surrounding the circuits acts as low-ohmic
guard rings minimising voltage fluctuations and absorbing radiation.

The metal layers are opened up at active devices to minimize parasitic, capacitive
coupling. This is a compromise between providing a high quality power supply and
limiting parasitics. The compromise is partially based on qualified guesswork, as the
coupling between metal and transistor cells remains undefined in VIP-2.
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Chapter 3

Static divider

A divider is a circuit performing frequency division, typically 1:2, of an incoming
clock signal. A divider can be either static or dynamic, depending on the topology!.
The two types of topology have different characteristics.

The static divider is based on latches, and can operate over a very wide frequency
band, as shown in fig. 3.1. The band is limited by the operating speed of the latches

Bandwidth

Dynamic

Operating frequency
Figure 3.1: Properties of static dividers vs. dynamic dividers.

(at high frequencies) and the transition (rise and fall) time of the incoming clock
signal (at low frequencies). Failure occurs rather abruptly at the maximum operating
speed. The transition time is important because the latches become unstable when
switching occurs too slowly. The static divider would operate down to DC, or even
asynchronously, if given a square wave clock signal.

The dynamic divider resonates at a particular frequency, and the resonance is
induced by the incoming clock signal. The resonance (obviously) occurs over a much
smaller bandwidth relative to a static divider, to be both effective (high gain) and
immune to noise (by placing the noise outside the band). However, a resonating filter
can be made to operate at a greater speed than a static divider. A dynamic divider

1t is possible to give a static divider dynamic properties, limiting its range to narrower band-
width.

35
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must certainly be considered if the target frequency lies beyond the bandwidth of
latches.

Dividers can be used in several transceiver circuits. MUX & DEMUX circuits
with multiple stages requires several, mutually synchronized clocks that are both
fractions of a common frequency. Some phase detector architectures are based on a
quadrature phase clock, that can be generated by dividers (both static and dynamic)
from an ordinary clock source.

3.1 T flip-flop

A static divider is created by connecting two D latches in the form of a T flip-flop,
as shown in fig. 3.2 (with I/O buffers). The incoming clock signal is clocking both

0Q90
> 5/Q90
D latch D latch
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CLK _|CLK
CLK \_I\_L
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Figure 3.2: Schematic of a T flip-flop.

latches at alternate phase shifts, and the flip-flop input signal and the inverted flip-
flop output signal are connected. The signals are differential so the output signal is
inverted simply by switching the two complementary lines. The value stored by the
T flip-flop will change once every clock cycle. Each new value stored is the inverse of
the previous value, thus resulting in a new clock signal at exactly half the controlling
clock frequency. The principle is identical to that presented in [78], a design using
the same process (VIP-2), and in [77], using the preceding process (VIP-1).

The divided clock signal is accessible in two places, i.e. at the interfaces between
the D latches. The signals at the two extraction points have the same frequency, but
their phases are spaced 90° apart. A quadrature clock signal is achieved by using
both of the differential signals simultaneously.

The static divider is driven by an external clock signal which is buffered. The two
divided output signals are also buffered. The input buffer provides useful regeneration
of the signal in case of a substandard input signal. The output buffers are critical,
because the core is highly sensitive to load. Any additional load placed on the core
will decrease its maximum operating frequency. The buffers use emitter followers to
provide impedance transformation and minimize the load. A lack of buffers would also
make the maximum operating speed dependent on the external load. The maximum
operating speed for static divider circuits are often used as benchmarks for process
performance. In these cases, it is customary to use a single, buffered output to reduce
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the load as much as possible. This results in an asymmetric circuit that is faster, but
less versatile.

3.2 D latch

Two D latches are used to realize the T flip-flop of the static divider. The latches use
differential CML logic, as shown by the schematic in fig. 3.3. The interfaces are also
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Figure 3.3: Schematic of high-speed a D latch.

current mode, generating the voltage input signal at the ingress. A pair of inductors
were added to the load to introduce some inductive peaking, increasing the signal
slope and improving the eye-diagrams ever so slightly. The inductors are in the form
of transmission lines (microstrips in M4 over M2) with an effective inductance of
about 20 pH.

The clock signals have an extra stage of emitter followers for the purpose of level
shifting to the appropriate voltage level. The extra emitter followers also cause some
extra propagation delay before the clock signal reaches the switching transistors. The
additional delay can have a negative impact on data capture if the data and clock
signals and not optimally synchronized. In this particular case, the data is inherently
synchronized, and the extra propagation delay itself is not an issue.

All transistors are biased at an average current density of 3.8 mA/mm? to opti-
mize switching speed. The currents in the emitter followers are mostly DC, but the
switching transistors (data and clock) are pure AC (either 0 or 7.6 mA /mm?). This
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ensures that the switching transistors are at their optimum biasing condition at the

switching point, midway between the two current levels.

The layout of T flip-flop is of some interest, and it is therefore shown in fig. 3.4. A

&

¥

RN RN RN
/NN AR AN NRANARY

R
A R AR AR AR AR AR AR (1]

A LA ERAANAR AN

N

T

= = S :
et N MBI o
L Sl S8 ey
S EE D e
Ec il 2o
NS e8]

Lk L}o oD DD
;
. FLE
NUJU\ |

..

o

e TR T

I |

| SRS
G A

A 1

AREALALEARAAAANRARAARAAS
LN ANNAN

1 R 1
7 AR D O

AR AN AN S
NN NN
T

.

7

Figure 3.4: Layout of a CML static divider core.

typical design flow would include making the layout of each D latch, and then connect
the circuits appropriately. The schematic of the T flip-flop, fig. 3.2, shows how the
inverted output data is fed back as input data. In this layout, however, both latches
face each other and share the same I/O ports, seen as horizontal red lines (M2) in the
center, between the D latches. The two groups of transistors, top and bottom, each
represent a D latch. Transmission lines (long M4 microstrip curls shown at either
side of the layout) are employed at the output to achieve some inductive peaking,
increasing the bandwidth about 6% according to simulations. The inductors do give
the divider a slightly dynamic touch. The layout shows only the core itself (the T
flip-flop), input and output buffers/amplifiers being omitted. The signals are shared
between the latches and the buffers. External load has a major impact on the rise
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and fall times as it loads the core directly. Buffers are placed between the external
load and the core to minimize the load and make it it less dependent of the external
load..

3.3 Buffers

Simple amplifiers are used to buffer the input and output signals. The output buffers
consists of differential stages with a couple of emitter followers, as shown in the
schematic in fig. 3.5. The buffers are non-linear, as described in section 2.1.1. They
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Figure 3.5: Schematic of a buffer based on a differential stage.

maintain a fairly fixed signal swing down to very low input voltages, because the
output voltage switches rather steeply. The full voltage swing is ~ R x Ip. There
is seemingly no resistive load on the input of the output buffer, but this is because
the resistive load is placed on the D latch, in parallel with the buffer load. Thus the
inductive peaking also benefits the output buffer. The layout is shown in fig 3.6.

The input buffer is similar to the output buffer, but contains a resistive load on
the input, matching the transmission line. The component sizes are also optimized
to drive the static divider rather than provide a minimum load on the core.

3.4 Simulation

Simulations indicate that the D latches are capable of capturing data in excess of
150 Gb/s, but experience indicates that the extracted parasitics are likely to be a bit
on the pessimistic side. A MUX, using nearly identical D latches for D flip-flops, was
manufactured during the OptCom project [74]. Measurements showed “acceptable”
eyes at 165 Gb/s; testimony to the capabilities of VIP-2. The static divider can not
be expected to match this result, simply because the core load is greater than in a
chain of D latches; each latch has to drive a subsequent latch as well as an output
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Figure 3.6: Layout of a buffer based on a differential stage.

buffer. The static divider would likely be faster than a D flip-flop if the external load
was removed, but this would void any useful application.

The static divider is simulated by extracting parasitics and adding transmission
line models for the inductors and signal lines (albeit short) between buffers and core.
The T flip-flop is sufficiently small to be extracted in its entirety. This is advanta-
geous, because the D latches are so tightly bound. The transmission lines cannot be
accurately simulated using lumped, frequency specific, models. However, it does help
that the input and output signals each consists of a prominent spectral component,
for which the impedances can be assumed to be constant. The impedances can then
be matched to that particular frequency, most appropriately placed in the vicinity of
the maximum operating frequency, to preserve the wideband operation of the static
divider. The results are shown in figs. 3.7 & 3.8. It takes a little while for the
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Figure 3.7: Differential 100 GHz differ- Figure 3.8: 50 GHz quadrature phase
ential clock input (simulated). clock output (simulated).
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clock signal to induce an oscillation, cross the buffers and switch the core. This is
due to the initial condition with open latches, when both latches are in a metastable
state, and will have no impact on an application. The static divider operates up to
at least 114 GHz, providing a safe margin for the 100 GHz target. The static divider
is sensitive to core loading, and one of the output buffers could be removed if only a
single phase was required?.

3.5 Measurement

A photo of a particular version of the static divider is shown in fig. 3.9. The four

Figure 3.9: Photo of a static divider chip.

peaking inductors are rather prominent. The tangerine areas are MIM-capacitors
used for decoupling, and occupy most of the unused space. The capacitors are placed
below the ground plane and should not affect the signals. A large number of pads are
used, all of them connected; the design is clearly pad limited. Not all of the pads can
be utilized at the same time though, as there is a practical limit to the proximity of
probes. The signals are limited to three; two AC and one DC. The rest of the pads
are for VGND & Vss.

The design is differential, but the input configuration is single-ended. This is done
to simplify the test setup. It is rather difficult to transmit a high-speed differential
clock signal while maintaining the relative phase at the ingress. One of the two
differential input signals is therefore connected to a DC bias that may be adjusted
externally to a suitable voltage level. The bias signal is stabilized by an on-chip
capacitor, seen in the lower left corner. The remaining, single ended input signal,
must have twice the voltage amplitude to keep the sensitivity constant. A similar

2A common practise when speed is promoted at the cost of usability (relevance), e.g. at bench-
marking.
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choice has been made for the output signal, where only one of the four buffered signals
are routed to a pad. Again, it is difficult to trust the relative phase shifts between
the four output signals once they reach the detector. Given the architecture, it can
safely be assumed that the other three output signals will have to operate correctly
if the first one does.

The fastest clock signal that can be generated electrically in the MEL lab at MC2
is 43.5 GHz. This is only a fraction of the potential bandwidth, but sufficient to verify
that the operation is correct and according to specifications. The results are shown
in figs. 3.10 & 3.11.
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Figure 3.10: Single-ended 43.5 GHz clock  Figure 3.11: Single-ended 21.75 GHz
input (measured). clock output (measured).

The operation of the static divider is thus verified, but not the maximum operating
speed. The purpose of the static divider is to perform the conversion of a 100 GHz
differential clock signal to a 50 GHz quadrature phase clock signal. The divider was
therefore combined with two different 100 GHz VCO circuits, to be presented in a
chapter 4, to create the required 50 GHz quadrature clock versions of the VCOs.
The relatively low frequency of the resulting quadrature signal also provided an
opportunity for easy measurements and verification®. The combined VCO+SDIV
circuits verify that the static divider operates at 100 GHz+.

The stand-alone static divider was made as a back-up for testing in case of a design
flaw in either of the combined circuits. Such an error could have made it impossible
to debug the circuits separately, whereas the stand-alone static divider can be tested
and verified independently. The circuit is not intended for benchmarking, as it has
a quadrature output that loads the core excessively.

Finally, some specifications for the stand-alone 100 GHz+ static divider are given
in table 3.1.

3Measurements up to 50 GHz (and slightly beyond) can be performed directly using the Agilent
8565EC, without any mixers etc.
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| Circuit | Static divider |
Width 860 um
Height 560 pum
Area 0.48 mm?
Supply voltage -4.2V
Current consumption (core) 142 mA
Power consumption (core) 0.60 W
Current consumption (total) 224 mA
Power consumption (total) 0.94 W
Pad pitch 150 pm
Transistor count 26

Table 3.1: Specifications for the static divider circuit.
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Chapter 4

VCO

A VCO circuit is used to generate the clock signal in a CDR circuit. The CDR
circuit may require a full-rate, half-rate or quadrature half-rate clock depending on
the architecture of the phase detector. The quadrature half-rate clock is typically
generated using a combination of a full rate clock and a divider, though there are
other possibilities as well.

There are several different types of VCO circuits, two of which have been imple-
mented in this project. Several different versions have been made of these two VCO
types. The different versions of the VCO circuits are differentiated by their center
frequency, type of inductor, output buffer design and additional circuitry. Some of
the VCO versions have been combined with an integrated static divider and some
additional buffering.

The HBT technology is generally regarded to be the most suitable technology
for realizing low phase noise VCOs due to the inherently low 1/f noise [82, 84, 85,
86, 78, 90, 80, 99, 81], although oscillator topology and design is also crucial for the
results.

4.1 Phase noise & jitter

Clock circuits are found in many designs. VCO circuits are commonly used in front-
ends for synchronization (optical/electrical) or band selection (wireless). The in-
creasing frequencies for communication systems and relatively narrowing band gaps
forces the designer to pay close attention to the qualities of the clock signal.

The quality of a clock signal is typically described by its output power and its
phase noise or jitter. The phase noise is a description (in the frequency domain)
of the relative magnitude of the power density at a particular offset frequency from
the clock center frequency to the power density at the clock center frequency, usually
measured over a nominal bandwidth of 1 Hz. Jitter can be defined in several different
ways, e.g. period jitter, cycle-to-cycle jitter and accumulated jitter. Among these
definitions, period jitter is most often encountered. Period jitter is demonstrated
in the clock waveform in fig. 4.1. It can be described as the difference between the
measured period, Tp, and the ideal period, T, of a clock cycle:
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Figure 4.1: Period jitter in clock signal.

T,=Ty—1T, (4.1)

The random quantity 7} must have a zero mean, since the average clock frequency

over a sufficiently long time span is presumed to remain constant. The RMS of T}
can be defined as:

RMS (T}) =/ (T?) (4.2)

The next step is to define the phase noise spectrum, £ (Af). The power spec-
trum density of the clock signal is defined by S¢ (f). The phase noise spectrum is
then defined as the relative difference between the power density at the frequency of
interest S¢ (f. + Af) and the power density at the clock center frequency, Sc (fe)-
The definition of £ (Af) is illustrated in fig. 4.2. The relative difference is measured

Se(f)

Figure 4.2: Definition of phase noise spectrum.

in dB relative to the carrier and denoted dBc. The phase noise spectrum (in dBc)
can be expressed as:
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(4.3)

L(Af)=10-log [M}

Sc (f6>

The phase noise represents the ratio between the spectral amplitude at the fre-
quency of interest and the peak spectral amplitude at the center frequency, in dBc.
The phase noise is therefore a negative value, except at the carrier itself, where it is
0 dBc by definition.

Using the Fourier series expansion, the sinusoid signal of a clock signal with phase
noise can be written as:

C(t)=A sin@2rft+0(t)=A-sin (277 fe (t + ;T(?)) (4.4)

The period jitter becomes:
A
T onf,

The next step is to show the relationship between the period jitter, T}, and the
phase noise spectrum, £ (f), which is:

(4.5)

RMS (Ty) = 5 V) - - ALE / (1058 ar (4.6)
0

In some applications, such as SONET and Ethernet, the jitter is only monitored
within a specific band. In such cases, the RMS jitter within the band can be calcu-
lated as:

f2
RMS (T}) = 273fc 2/ (10%@) df (4.7)
f1

These expressions will prove useful later on in the chapter.

4.2 Design flow

Phase noise is one of the most important parameters for a VCO circuit. The criteria
for achieving low phase noise is given by Leeson’s equation [100] for phase noise:

1+<L)2 .[1+Aw1/f3] (4.8)
2-Q-Aw |Awl] ’

F represents the noise figure of the transistor, k is Boltzmann’s constant (8.617 x
107° eV /Kelvin), T is the absolute temperature, Ps;, is the signal power in the tank,
Q is the loaded @ of the tank, wy is the oscillation frequency, Aw is the offset from the
oscillation frequency, Aw, /¢s is the corner frequency of the 1/f noise. The equation

2-F-k-T

L (Aw) =10- log{

sig
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cannot be used directly to develop a VCO architecture, but it is phenomenological
and as such useful in order to get an understanding of how phase noise can be
minimized. The intrinsic noise figure of the transistor should be as low as possible,
to minimize the phase noise. The InP HBT technology, used in this thesis', has
an advantage over the HEMT technology because of the intrinsic low 1/f noise?.
Power consumption should be limited to keep heating, and thus temperature, as low
as possible. The signal amplitude in the tank should be maximized to increase the
power in the tank, and the @ of the tank should be as high as possible. All of these
factors have to be taken into account when attempting to achieve a low phase noise.

The oscillation frequency of a VCO circuit is usually adjusted by using a variable
capacitor in the tank, such as a varactor diode with variable bias voltage. A varactor
with high @ is important, but no dedicated varactor diode exists in the VIP-2 process.
A reverse biased transistor had to be used instead. Different transistor configurations
(width, length, number of fingers, B-CE or BE-C coupling etc.) were simulated to
find the diode (transistor) with the highest @). The single-finger B-CE configuration
was found to be the best choice in this respect. The superiority of the single-finger
configuration was somewhat surprising, as multiple fingers were expected to offer
lower base resistance for the same capacity.

The design flow follows a procedure developed at MC2, cf. [99]. The example
below describes the procedure for a Colpitt type VCO circuit, but the same procedure
was used for all of the VCO circuits presented in this thesis. The procedure follows
these iterative steps:

1. Loop gain analysis. A small-signal analysis is performed to ensure that 1) the
loop gain is >1, i.e. the gain will be greater than the losses, and that 2) the
phase shift, p, indicates a resonance (p € Zx180%, e.g. 0°) at the frequency
of interest, see fig. 4.3. These are simplified theoretical requirements, and the
results of the small-signal analysis will not be accurate in the time-domain
where the system is no longer linear. Some additional gain beyond the critical
level of unity is desirable to take the inevitable losses into account and to ensure
start-up. A gain between 2 and 5 is a useful target, as too much gain results in
additional noise. The phase and the gain is found by inserting an ideal current
source between the amplifier and the tank. The phase shift in the tank is the
phase of the voltage response at this point. The gain of the tank is found by

looking at the impedance in both directions: Gain(f) = I;Z((Zzimpk((f))))' The

threshold frequency, where the phase crosses the p € Z x 180° boundary (and
Gain>1), should be slightly higher than the target frequency, as small signal
analysis is somewhat more optimistic than large signal analysis with regards
to losses. Additional parasitics, found during extraction of the layout, will also
tend to lower the oscillation frequency by increasing the capacity of the tank.

2. Waveform optimization. A harmonic balance simulation is performed where the
collector current and the collector-emitter voltage waveforms are adjusted for
minimum conduction angle?, see fig. 4.4. The drive level for the tank is fairly

IDHBT to be precise.

2The low 1/f noise is an advantage, but it is not sufficient to prove HBT superior under all
circumstances; cf. [101].

3This will keep overlaying frequencies, and thus phase noise, to a minimum.
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Figure 4.3: The result of a small-signal analysis of a Colpitt type VCO circuit.

low in this example, but the well defined trace serves to illustrate the point.
Increased drive levels will cause distortion, but also increased signal power. The
tank voltage should have a magnitude comparable to the breakdown voltage of
the HBT*, to increase the power (and lower the phase noise) in the tank. If the
tank voltage is too small, the transistor area must be increased and the design
process has to restart from step 1. Vgog of the HBTs are monitored, and the
HBTs should not be allowed to reach into the saturation region®.

3. Varactor voltage sweep. The phase noise is checked over the varactor voltage
range, which is the range of the control voltage for the VCO circuit. Any
abnormal increase in the phase noise can normally be traced back to changes
in the I-Vop waveform performed in step 2. Unfortunately, the varactors have
their best @ where the tuning efficiency (%) is lowest (reverse biased), and
vice-versa (no bias).

4. Layout generation. An appropriate layout is made, and the layout is extracted
including parasitics and re-simulated. A secondary HB analysis is performed
to ensure that the waveforms remain fairly unchanged.

5. Redesign of the layout. The layout introduces parasitics in the circuit, and the
parasitics introduce losses. The layout must be redesigned if the layout step
introduces an increase in phase noise. EM-simulations (ADS Momentum) can
be used to increase the accuracy of the simulation, by extracting S-parameter
port models of the VCO circuit. The waveguides themselves appear to be more

4Breakdown voltage for VIP-2 is 4.5 V.

5The saturation region of operation is characterised by a forward bias potential on both the
base-emitter and the base-collector junctions (implying that Vg > Vg). Carriers are injected and
removed when the transistor enters and leaves the saturation state, acting as a parasitic capacitance.
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Figure 4.4: Simulated DC characteristics and trajectory for a 3x0.5x2.6 HBT.

reliably modeled by the inherent transmission line models in ADS and Cadence,
as long as they are not coiled. Step 1 must be repeated to ensure that both
the loop gain and the frequency at the threshold phase are still in the valid
range. Oscillation frequency, output power and relative tuning bandwidth is
found using large signal analysis.

4.3 Testing

The VCO circuits with integrated static dividers can be tested in a straightforward
manner, because their bandwidth is <50 GHz®. Measurements in the W-band (75-
110 GHz) are more complex because they must be executed in an indirect manner. An
external mixer is used to shift the clock signal to a frequency band within the range of
the spectrum analyzer. The local oscillator (LO) of the spectrum analyzer has a range
of 4.15-6.09 GHz and uses the 18th harmonic (74.7-109.62 GHz) to encompass almost
the entire W-band. The mixing process results in mixing products that generate a
number of false peaks. A standardized procedure has been developed by Agilent to
identify the correct peak, representing the center frequency of the oscillator.

The mixing introduces a significant attenuation (about 45 dB) that must be
compensated for when the spectrum is interpreted; see Appendix D. The setup is
shown in fig. 4.5. The attenuation in the mixer, the probe and the 1 mm cable
that connects them is frequency dependent. The manufacturers supply individual
calibration sheets with all components, but the frequency dependency necessitates a
manual conversion for each point. The attenuation for the mixer, probe and 1 mm

6The nominal bandwidth limit of the Agilent 8565EC spectrum analyser. The bandwidth is
actually slightly higher.
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Figure 4.5: VCO measurements in the W-band using harmonic mixer.

cable (13 cm) at 100 GHz is a total of 44.5 dB, or 40.9 dB, 1.191 dB and 2.46 dB
respectively. The total attenuation over the W-band can be tabulated to ease the
conversion. The table is found in Appendix D. The spectrum analyzer can also be
programmed to adjust the measurements directly by entering the attenuation table
point, by point. This is by far the simplest approach when multiple VCO circuits are
being tested. The compensated single-ended power spectrum for the Colpitt VCO
circuit #2, to be presented in section 4.6, is shown in fig. 4.6. The output power is

Single-ended output power (dBm)
N
o

S //N o

Figure 4.6: Colpitt VCO circuit #2 (mixed) power spectrum containing multiple
peaks, most of them false. The correct peak, representing the VCO center frequency,
is found by using a standardized identification procedure.

slightly above -10 dBm, representing a single-ended voltage swing of about 300 mV,
which happens to match the expected level. The output power for the differential
clock signal is 3 dB higher. The observed frequency band is sufficiently wide to show
several mixing products, one of them rivalling the true representation in amplitude.
The correct peak has to be identified before output power, oscillation frequency and
phase noise can be measured. In this case, the centre peak is the correct one, while
the other peaks represents various mixing products.

The phase noise can be measured once the correct peak has been identified and
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locked. The spectrum analyser is fitted with a phase noise module (a program) that
can make either a sweep or spot frequency measurement. The phase noise spectrum
for the Colpitt VCO circuit #2 is shown in fig. 4.7 below.

Phase noise (dBc)
N
o

m

-80 1 1 1 1 1 1

84 84.5 85 85.5 86 86.5
Offset frequency (MHz)

Figure 4.7: Colpitt VCO circuit #2 (mixed) phase noise spectrum.FALSE

The voltage supplies were not required to be filtered, given the measured noise
level”.

4.4 Colpitt VCO circuit #1 (microstrip)

The first design to be presented is a Colpitt type. The only published VCO circuit
using the VIP-2 process, [78], also happens to be a Colpitt type. Several other III-V
Colpitt VCO circuits for W-band applications have been published, e.g. [102, 103,
87, 88, 89, 80, 81], and two of them were probably intended for a CDR circuit [80, 81].

The VIP-2 VCO circuit [78] uses the intrinsic capacitance of a diode transistor,
Cpe, to dictate the resonance of the tank. This is quite feasible at 80 GHz, but
the type of capacitor limits the dynamic bandwidth of the VCO circuit because
the relative change in capacitance over a realistic control voltage span is not very
large. Also, the oscillation frequency of W-band VCO circuits generally require very

small passives (Wose = ,/%), which makes the circuits vulnerable to the effects of

parasitics. The variable (diode/transistor) capacitance becomes comparable to the
parasitic capacitance in the tank, particularly the input capacitance of the transistors.

"Biasing and voltage supplies introduce a low level of phase noise. The impact of such noise
sources is noticeable when sensitive measurements are carried out. Adequate shielding is necessary
to obtain reliable results, when VCO circuits with very low phase are being tested. Voltage sources
are usually filtered with 1 Hz low pass filters and (inherently stable) batteries are used for biasing.
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The whole design process must take this sensitivity into account, and parasitics must
be carefully modeled and limited.

A similar design [90, 104], also in InP HBT, offers a better dynamic bandwidth
and a more predictable behavior. The schematic of a Colpitt type VCO circuit
is shown in fig. 4.8. A more detailed schematic can be found in Appendix C, see
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Figure 4.8: Schematic of the Colpitt VCO circuit #1.

fig. C.1. The differential VCO circuit contains a resonator tank, an output buffer,
current sources and a tuning/biasing circuit.

The resonator consists of an inductor (a M4 microstrip over M2 ground) and a
capacitor (B-CE junction capacitance of the tuning transistors, C' & C’, and parasitic
capacitance, Cj, from Q2 & Q2’), with an amplifier (Q2 & Q2’) in between. The
oscillation frequency is roughly given by:

1
Wosc = Cbe—,Qz'C (49)

" Che.gatC

The frequency of the oscillator is tuned by biasing the capacitance, C & C’. The
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amplifiers (Q2 and Q2/) are fairly large, to provide large currents for high output
power, large signal power (low phase noise) and increased tuning range. Eq. 4.9
shows that the optimal tuning range occurs when Cj. and C have roughly the same
size. The amplifier compensates for internal losses in the tank and affects the output
power.

The VCO requires an output buffer to isolate the tank from the external load,
and the buffer should drain as little signal power as possible. The output signal is
connected to a simple, differential common base pair (Q1 and Qll), providing good
isolation at the cost of some additional power consumption.

The current sources and biasing are similar to the circuits used in the static
divider in chapter 3. An attempt was made to combine the two current sources
using large inductors (i.e. transmission lines) to isolate the two sides of the tank
[80, 81, 102, 103, 87, 88, 89], but sufficient isolation could not be reproduced. This
would have enabled a more efficient current source with respect to linearity and area.

The three large diodes (D1, Dy & D3) implement a virtual ground node between
the two resonators. The diodes have to be fairly large to offer a stable ground. The
two single-ended resonators are synchronized through the capacitors (C & C’), to
form a differential VCO circuit.

The inductor is the primary phase noise limiting component in a LC resonator
VCO circuit. The inductors can be realized using either transmission lines (I<\/4)
or conductor coils. The coils have a higher inductance for the same metal width and
length, and can therefore be made shorter. The smaller coil offers less loss, leading
to a higher self-resonance frequency, better @) and less noise. Coils are generally
used at lower frequencies [99, 105], whereas transmission lines dominates the W-
band [78, 81, 10], though there is a notable exception [84]%. A study of recent
CDR circuit milestones reveal that all the design teams have chosen transmission
lines for their VCO circuits [10, 7, 3, 4], even when a familiar alternative existed
[84]. The transmission line models inherent in Cadence and ADS also offered reliable
predictions of performance, compared to the more cumbersome EM simulations of
the coil. The ADS and Cadence models were compared with each other, as well as
an extracted model, and the results were found to be very close. A transmission line
(about 200 pm) was selected as the inductive element to play it safe.

The layout of the Colpitt VCO #1 chip is shown in fig. 4.9 , and two photos
are shown in fig. 4.10 & 4.11. The transmission lines, in the form of two loops,
are dominant features. The tangerine, grated areas are decoupling capacitors. The
capacitors are used for both stabilising the external tuning voltage and decoupling of
the supply voltage. The Colpitt VCO circuit #1 has been designed in two versions;
with (fig. 4.11) and without (fig. 4.10) the static divider presented in chapter 3°. The
simple version offers full-rate clock performance with very low power consumption,
while the divider version offers a quadrature half-rate clock signal. The lower output
frequency of the divider version makes it much simpler to test. Only one of the
(differential) quadrature clock signals is connected to a pad. The remaining clock
signals are safely assumed to perform as expected given correct operation of the first

8The design uses a single turn spiral inductor.

9There are also other variations. Some versions have longer transmission lines to ensure lower
oscillation frequency. These would be useful if the VCO frequency was too far off the target, beyond
the W-band. Fortunately, this situation never occurred.
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Figure 4.9: Layout of the Colpitt VCO circuit #1.

clock signal. Determining the relative phases of the four clock signals in the V-band
would be quite a challenge, without providing any additional, useful information.

The power and phase noise spectra of the Colpitt VCO circuit #1 circuit are
shown in figs. 4.12 & 4.13. The clock signal is seen as a peak in the power spectrum.
The phase noise is measured as a function of the frequency offset, and is shown in
fig. 4.13. The phase noise decreases with the offset frequency away from the carrier
frequency. Phase noise as a figure of merit is related to a particular offset frequency,
typically given at 100 kHz or 1 MHz. The phase noise makes it easy to compare
different VCO circuits, assuming that they have the same oscillation frequency. The
comparison can be extended to the case where the VCO circuits are operating at
different frequencies. This is done by normalising the frequency axis, based on the
assumption that the shape of the noise spectrum should match relative to the center
frequency. The Colpitt VCO circuit #1 can be tuned to an oscillation frequency
of 96.17 GHz, an output power of -7.77 dBm and a phase noise of -81.33 dBc at
1 MHz. The output power appears almost constant over the tuning range. More
surprisingly, the phase noise also appears to be almost independent of the tuning
voltage. The phase noise measurement itself contains some noise, and it is possible
that the difference is too small to be detected.

The Colpitt VCO circuit #1 circuit is a very satisfying design. It has a relatively
simple architecture, the inductors and capacitors are well modeled (as it oscillates
close to the target frequency of 100 GHz), it has a very low power consumption, and
the output power can easily be increased by adjusting the buffer. However, the phase
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Figure 4.10: Photo of the Colpitt VCO  Figure 4.11: Photo of the Colpitt VCO
circuit #1. circuit #1 including a static divider.
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Figure 4.12: Colpitt VCO circuit #1 (mixed) power spectrum.

noise is more than 3 dB higher than the -85 dBc predicted by the ADS modeling.

4.5 Negative resistance VCO circuit

The CDR circuit requires an operational VCO circuit. The Colpitt VCO circuit #1
was made for this purpose. The very long processing and design cycles of the VIP-2
process emphasizes the importance of working InP on the first run. A second VCO
circuit was designed simultaneously, to ensure redundancy in case the Colpitt VCO
circuit #1 did not perform as expected. A different architecture was selected for the
secondary VCO circuit, to spread the risk even further. The second VCO circuit
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Figure 4.13: Colpitt VCO circuit #1 (mixed) phase noise spectrum.

has an architecture known as a negative resistance type. The schematic is shown
in fig. 4.14. A more detailed schematic can be found in appendix C, see fig. C.3.
The oscillator tank is formed by L (L’) and C (C’). The differential architecture is
cross-coupled to give a negative resistance when viewed from the tank. The capacitor
is a B-CE coupled transistor, similar to the Colpitt VCO circuit #1. The inductor
is in the form of a transmission line (a M4 microstrip over M2 ground), but the
effective capacitance makes the required inductance much smaller. Thus, the length
of the transmission line is decreased accordingly, to about 85 um. This is somewhat
problematic, as a short length makes the transmission line more sensitive to fringe
effects and more difficult to model reliably. The output is further isolated from the
tank by the means of a buffer circuit, not shown in the schematic.

The layout of the negative resistance VCO circuit is shown in fig. 4.15. Two
versions of the negative resistance VCO circuit were made, shown in figs. 4.16 and
4.17. The second version (fig. 4.17) is fitted with an additional static divider. The
layout is obviously pad limited by the GSGSG probe required for biasing the circuit.
The surplus area is covered by decoupling capacitors.

The power and phase noise spectra of the negative resistance type VCO circuit
are shown in figs. 4.18 & 4.19.

The frequency of the negative resistance VCO circuit was a bit of a disappoint-
ment, as it is operating at the fringe (69.5-76.95 GHz) of the W-band (75-110 GHz).
Phase noise (>80 dBc at 1 MHz over the tuning bandwidth), output power (>-
10 dBm) and power consumption (115 mW) were closer to what the simulations
predicted. The relatively short transmission line is partially to blame for the slug-
gish frequency, but not to the extent seen here. The design is fairly small, though
some interconnects have lengths approaching the same order as the length of the
transmission line. However, EM simulations (Momentum) of the entire layout with
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Figure 4.14: Schematic of the LC type VCO circuit.

distributed ports, performed prior to tape-out, did not uncover such problems. The
transistor model provided by Vitesse is fairly simplistic when connected as a B-CE
diode in the reverse bias region. The effects of this were quite obvious when the B-
CE diode was initially simulated to characterize the component. However, this (less
than ideal) behavior does not seem to affect the Colpitt VCO circuit #1 much. The
combination of the above factors seem insufficient to fully explain the discrepancy,
and the matter has not yet been completely resolved.

4.6 Colpitt VCO circuit #2 (coplanar waveguide)

For a while, it was thought that the two VCO circuit designs presented in the previous
sections were not working properly, having extremely low output power and dismal
phase noise. It was eventually discovered that the perceived problems were due to
an incorrect calibration of the W-band mixer during the measurement setup. The
faulty measurements prompted a lengthy investigation into the properties of the VCO
circuits, without discovering any obvious flaw in either design. DRC, LVS, extrac-
tion process and models were found to be sound, leaving insufficient decoupling of the
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Figure 4.15: Layout of the negative resistance VCO circuit.

tank, parasitic tank losses'?, or the transmission line modeling as a possible (though)
unlikely sources of the problems. The fact that both circuit exhibited identical prob-
lems made the situation even more perplexing. The unexpected development forced
an immediate VCO redesign. A Colpitt type VCO design using coplanar waveguides
instead of transmission lines was made, partially based on [80, 81]. The schematic
is shown in fig. 4.20. A more detailed schematic can be found in appendix C, see
fig. C.2.

The design is similar to the Colpitt VCO circuit #1, but it is extended with
an AC-coupled output buffer. The extra amplifier was added to further isolate the
tank from the output and thus eliminate a potential problem source. A couple of
emitter followers level shift the signal to an appropriate level and drive a differential
amplifier. The differential amplifier is then loaded by a cascode stage.

The layout of the Colpitt VCO circuit #2 is shown in fig. 4.21. A photo of
the Colpitt VCO circuit #2 is shown in fig. 4.22. The picture reveals two slightly
different versions of the same VCO circuit, placed adjacently. Two versions with
different center frequencies were made with the intent that one of them would have
the 100 GHz target within its adjustable frequency range. The VCO circuit was
processed by Vitesse free of charge, but it was necessary to make the design as
compact as possible to fit into an otherwise unused space within the reticle. The two
versions have common DC pads to minimize chip area. This placement saved some

107t was thought that parasitics or losses were possibly underestimated.
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Figure 4.16: Photo of the negative resis- Figure 4.17: Photo of the negative re-
tance VCO circuit. sistance VCO circuit with an integrated
static divider.
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Figure 4.18: Negative resistance VCO circuit (mixed) power spectrum.

space, but also increased (doubled) the power consumption when one of the circuits
is under test, because both circuits become powered simultaneously. The result was
that the first circuit to be tested failed spontaneously during the test procedure, less
than a minute after reaching nominal supply voltage. The dies were subsequently
glued to a substrate using a heat conducting adhesive, which solved the problem.
The mirrored layout also means that the two circuits cannot be measured simply
by shifting the probes, or even by rotating the entire chuck. The probes have to be
either switched or the voltage supplies reconnected if the die is rotated. Rotating one
of the circuits 180, instead of mirroring, would have enabled testing both circuits
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Figure 4.19: Negative resistance VCO circuit (mixed) phase noise spectrum.

using the same setup, but the chuck would have to be rotated in between. Reusing
pads saves space but also creates new problems.

The design rules changed between the tape-outs for Colpitt VCO circuit #1 and
#2. The design rules were altered to improve yield. #2 has much smaller decoupling
capacitors because the current density passing through the interconnecting VIAs was
restricted to about 1/3 of the previous level.

The power and phase noise spectra of the Colpitt VCO circuit #2 has already
been presented in figs. 4.6 & 4.7.

4.7 VCO conclusion

Three different VCO circuits have been designed and tested. A tight schedule and
extensive manufacturing time has only allowed a single run of each design. The
test results are presented in table 4.1. The output power is stated as both single-
ended and differential, because all the VCO circuits are fully differential designs,
but measurements have been single-ended. The differential output power is 3 dB
higher. The supply voltage is stated as -5.0 V for all designs, but they operate up
to about -4.0 V!!. Power consumption (but also output power) can be reduced by
increasing the supply voltage'?. Two of the VCO circuits, Colpitt #1 and #2, are
performing close to target and could be perfected in another run. The performance
of the negative resistance VCO circuit is more dubious. The area of the three circuits
are clearly limited by the number of required pads.

11y is slowly decreased once the probes have been placed. The voltage level where the VCO
circuits start to oscillate is very noticeable on the spectrum analyzer.
12The supply voltage, Vsg, is negative.
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Figure 4.20: Schematic of the Colpitt VCO circuit #2 (coplanar).

| Circuit | Colpitt 1 | Negative resistance | Colpitt 2 |
Oscillation frequency (GHz) 96.12 76.95 85.29
Tuning bandwidth (GHz) 2.35 3.45 5.62
Single-ended output power (dBm) =777 -9.21 -9.63
Differential output power (dBm) -4.76 -6.20 -6.62
Phase noise (dBc @ 1 MHz) -81.33 -82.17 -83.83
Supply voltage (V) -5.0 -5.0 -5.0
Current consumption (mA) 35 23 85
Power consumption (mW) 175 115 425
Width (pm) 710 710 683
Height (um) 196 196 500
Area (mm?) 0.352 0.352 0.342
Pad pitch (pm) 150 150 150

Table 4.1: Overview of the performance of the three different VCO circuits designed

for the CDR circuit.
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Figure 4.22: Photo of the Colpitt VCO circuit #2 (coplanar).
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Chapter 5

Phase Locked Loops

The Phased Locked Loop (PLL) is a common regulating stage. It is used to adjust
the phase of an internal signal to match the phase of an external reference signal. It
is typically used in communication systems to synchronize a local oscillator [106]. In
the context of the CDR circuit, the PLL is used to set the frequency and phase of the
internal clock signal generated by the VCO circuit to match those of the incoming
data signal [107, 108]. The architecture of a basic PLL is shown in fig. 5.1. It consist

x(t) =PD~~t—+ D —»@—»1:N—I—> y(t)

t

Figure 5.1: A basic PLL architecture.

of a phase detector, a low-pass filter, a linear amplifier, a VCO and a 1:N divider.
Neither the amplifier nor the divider are necessary for the implementation of a basic
PLL. The purpose of the amplifier will become clear later in this chapter (as well as
in chapter 6). The divider is used to represent clock frequency division, such as the
1:2 divider described in chapter 3.

The PLL must operate according to given specifications. This means that the
behaviour of the PLL must be predictable and a mathematical model must be found
to express it. The PLL is a sampled, non-linear system, but it can be approximated
as a continuous, linear, time invariant system if certain conditions are met. The
analysis will be much simpler if these conditions are met, because S-domain analysis
can be applied. The conditions are:

e The phase detector is the only non-linear circuit in the PLL. The output of the
phase detector could be assumed to be linear and proportional to the phase
difference of the two input signals. This is a reasonable approximation when
the PLL is in the locked state, and the average frequency difference between
the two input signals is zero.

e The phase detector is digital and sample the incoming data at discrete intervals.
The entire PLL is therefore a discrete system, which is described using difference
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equations. This can be circumvented if the bandwidth of the PLL, wsqp, is
much smaller than the sampling frequency, % In typical designs, the loop
bandwidth is roughly one-tenth of the input frequency [107].

5.1 Phase detector

An ideal phase detector generates a signal, vpp, that is proportional to the phase
difference, A¢, between two signals:

UVPD :KPDA¢ (51)

Kpp is the gain of the phase detector. The ideal characteristics is illustrated in
fig. 5.2. In practice, the phase detector will exhibit a less than ideal behavior. Kpp

Vep
PD{—~ Vep

A

Figure 5.2: Characteristics of an ideal phase detector.

will not remain constant (or even linear) for large |A¢|. Kpp may also depend on
the amplitude and the duty cycle of the input signals. The shape of Vpp depend on
the type of phase detector. Some phase detectors generates a vpp in the form of a
series of pulses, each pulse having a duty cycle proportional to the phase difference.
In this case, it is the average value of vpp over a period that indicates the phase
difference. Such a phase detector can be realised using a XOR-gate. This is shown in
fig. 5.3 where Out = In® Ref. The waveforms reveal that Out has cyclic behaviour

n - TUUUUIUUTIUUULIUUL
Ref UL
Out  —HHHHAAA-HHRAHHH A

Figure 5.3: Waveforms for a XOR-type phase detector. Out = In ® Ref.

and changes as In & Ref moves in and out of phase. This is because Ref has a
higher frequency as In. For the same reason, Out has an average value of zero over
entire period.
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5.2 Low-pass filter

The low-pass filter suppresses high-frequency components in the phase detector out-
put, allowing the DC value to control the frequency of the VCO. There are many
different types of low-pass filters. A charge-pump filter [107, 11, 10, 106] will be used
later and will hence serve as a useful example. The schematic is shown in fig. 5.4.

Venp O—¢
ch . §RC
|
IV oyt O—— N | +—O Vout
(J,) gmvin CJ, gm/Vln
Vgs O—

Figure 5.4: Passive low-pass filter based on the charge-pump principle.

The output voltages can be expressed as:

v 7 Rc <R5+Rc+ ﬁ) v Rc (R5+Rc+ Scl,s) Re
out = —Vindm —Vindm X =
‘ g 2Rc + Rs + Sés g 2Rc + Rs + Sés Re + Rs + sCl’s
—gm o 1 ) = :|
Vin | Rs + Re + — | + Vin R 5.2
2Rc + Rg + ﬁ [ < s © sCyg ¢ (5-2)
—gmBc 1 I
out — ‘/1n Rs+ Rc+ — | + ‘/“«LR 5.3
" 2Rc+ Rs + & [ < s sCs) C] (53)

The differential output voltage and transfer function can then be found:

o —gm e —— 1 ) ]
V:)u _Vou = V;n Rs + Rc + —— +V;nR -
¢ ¢ 2Rc+Rs+séS [ ( s ot o c
—gmRc 1 ) — ]
2Rc + Rs + Sés [ ( s T sCs “
—gmBc (Rs + %)
2Rc + Rs + 505
Vout — Vou sRsCs + 1
Hpp(s) = —2——2 = g, Ro Sy (5.5)

Vi — Vin s(2Rc 4+ Rs)Cs + 1
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This can be recast in the form of a first order, passive lag-lead filter:

Hip(s) = Kip 22 I 1 — KipF (s) (5.6)
Where:
Kip = gmRe (5.7)
7 = (2Re + Rs) Cs (5.8)
7 = RsCs (5.9)

The filter transfer function is generally denoted F(s). Here the charge pump
factor, K p, has been isolated from the passive filter, F (s).

An active low-pass filter will also be introduced. It will help to demonstrate the
theoretical differences between it and the previous passive filter. An active low-pass
filter could be implemented using an operational amplifier based on gyrators, as
shown in fig. 5.5. The transfer function is:

R, G
V, o—
R
Vin O—\WV A —O /Vout
Nin © '\Q/\I —O Vout
1

Vo=

Figure 5.5: Active low-pass filter.

I 7 Vout - V:)ut (510)

. Rl (V;n _m'i_vout _Vout) -
Ri+Ry+ =5

(5.11)

N 1 Ry — Ry )
Vou _Vou -t - V;, _‘/;77, 14— =
( ¢ t)(A R1+R2+%) ( )( R1+R2+%
(5.12)
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Vout = Vout Ry +R2+%—R1 sRoC +1

HLP(S>: — = A =A :F(S)

Vin = V; Ri+Ro+ £ +AR  ~ sRC+1+5sRC(1+A)
(5.13)
This expression can be simplified for large values of A:

. . sRyC +1 sRoC+1  sm+1
lim H = lim A = = 5.14
ae (5) A sRoC 4+ 1+ sRiC(1+ A) sR,C sT1 ( )
where
T =R C (5.15)
T2 = RoC (5.16)

The active low-pass filter is also of the first order, but it has a pole at the origin.
This is a key difference between an active and a passive filter. It will be demonstrated
(in section 5.6) to have an impact on the PLL phase error.

5.3 Linear amplifier

The output signal from the low-pass filter may be too weak a control signal to fully
employ the dynamic frequency range of the VCO. An amplifier may then be inserted
between the low-pass filter and the VCO. The amplifier is linear, which makes its
transfer function quite simple:

Vout = lgLA'Uin (517)
Vout (S)
H = =K 1
ra(s) Vi (5) LA (5.18)

54 VCO

A VCO has a free running angular frequency of wg = 27 fy. The angular frequency
is regulated by a control voltage, v.:
Wout = wo + Kvcove (5.19)

Ky co is the angular frequency gain of the VCO. The output voltage at a partic-
ular time can be found by integration of the angular frequency from —oo to ¢:

t
v(t) = Acos |wot + Kvco / ve (t) dt (5.20)

— 00
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The phase of the VCO consists of two parts; the free running phase, wot and
the excess phase, ¢out (t) = Kveo [ve (t)dt. In PLL literature, the control volt-
age is usually considered the VCO input and the excess phase is the output. The
output/input transfer function then becomes:

¢out (t) = KVCO /Ucdt = (521)
Doyt (t) = choVC—(s) = (5.22)
Dout () - Lveo (5.23)

V. s

5.5 Divider

A PLL is used in many different applications, and some of these requires fractional
clocks. A general 1 : N divider has been inserted in the PLL loop for this purpose.
The phase (and frequency) of the clock output is 1 : NV of the phase (and frequency)
of the clock input. The transfer function of the divider is:

Wout 1

H s) = = —
prv (s) i N
A 1: 2 divider is often used in CDR circuits. This is because some phase detector
architectures require quadrature-phase clock signals that can be derived using a VCO

with twice the output frequency in combination with a divider circuit.

(5.24)

5.6 PLL

The transient response of a PLL requires a complicated analysis. The system in
non-linear and difficult to deal with [109]. However, it is instructive to study the
behaviour of the PLL in certain states.

5.6.1 Locked state

The PLL is assumed to be in the locked state. This implies that the loop is stable
and can be assumed to be linear. The situation is shown in fig. 5.6. The transfer

Figure 5.6: Linear model of a PLL.
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function is stated for each of the PLL blocks, cf. fig. 5.1. The model is intended
to describe the overall transfer function of the PLL. Hence the phase detector is
represented using a subtractor and an amplifier. The subtractor calculates the phase
difference at the input and output:

D, (s) = AD (5) = Py, (5) — Pour (5) (5.25)

5.6.1.1 PLL transfer function

The open-loop transfer function is found by removing the feed-back signal line:

G(s) _ Dout (S) _ (O (S)KPDHLP (S) Kra x Kvsco X % _
(I)in (S) q)zn (S)

KppHprp (s) KpaKvco _ KHrp(s) (5.26)
sN s '

The quantity KppKraKvco/N is referred to as the loop gain, K. Closing the
loop yields an expression for @, (s):

Dout (8) = (Pin (8) — Pour (8)) G (9) (5.27)

Rearranging the terms reveals the closed-loop transfer function:

(I)out (S) = ((I)zn (S) - (I)out (8)) G (S) = (528)
Doyt () (1 +G () = Dy (s) G (5) = (5.29)
Hs) = Dot (8) G (s) _ KHpp(s) (5.30)

Din(s) 1+G(s) s+ KHip(s)

The phase error transfer function is defined as:

(I)e (I)zn - (I)ou
He(S): (S) — (S) t(S):l—H(S): S
D, () D, (5) s+ KHpp(s)
The transfer functions for the first order passive and active low-pass filters have
previously been presented in eqs. 5.6 & 5.13. The PLL closed loop transfer functions
when using the passive and active filters are:

(5.31)

sTo+1
S+KHLP(S) erKKLp(zZii) SQK;—(ILP+SKI%LP+ST2+1
(5.32)
K (srngl)
KH sT1 1
Hau(s) = Lr(s) _ _ st (5.33)

ST1

S+KHLP(S) S+K(s7’2+1) 52%+STQ+1
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| Passive filter | Active filter |
T1=(2R0+R5)C n=RC
T = RgC 5 = RoC
W = % W = %
(=% (mig] | ==

Table 5.1: Parameters for a second order PLL with passive and active filters.

The transfer functions are those of low-pass filters, suggesting that if the input
phase varies slowly, then the output excess phase follows, and conversely, if the
input excess phase varies rapidly, the output excess phase variation will be small.
In particular if s — oo then H (s) — 1; i.e. a static phase shift at the input is
transferred to the output unchanged. The next step is to recast the PLL closed-loop
transfer function into a familiar form used in control theory for filters [106, 10, 11]'.
The transfer functions can be rewritten as:

s (2qwn —w2/K) +w?
Ho(s) — 5.34

2(wns + w2

H = —— 7
A (s) $%2 4+ 2Cwps + w2

(5.35)

¢ is denoted the damping factor and w, is the natural frequency of the filter.
They can both be expressed in terms of filter parameters (11 & 72) for the passive
and active low-pass filters. The terms are summarised in table 5.1. The dampening
factor is a function of the loop gain. This means that the two parameters cannot be
chosen independently. The highest power of s in the denominator of the PLL transfer
functions is 2 and the loop is therefore denoted a second-order loop. This form of
second-order loop is widely applied because of its simplicity and good performance
[106, 107]. The amplitude of the transfer function is shown in fig 5.7 for several
values of ¢. A large loop gain is assumed (K72 > 1) because it would simplify the
expression (Hp (s) = H4 (s)). The graph shows that the PLL acts as a low-pass filter
on the incoming phase, ®;,. All of the curves appear to cross the 0 dB threshold at
the same w, independent of (. They do indeed:

2wns + w?

|H (s)| = P2t t | 1= (5.36)
|2Cwns + wi| = |s* 4 2¢wns + wi| = (5.37)
wa| = |[-0® +wi| = (5.38)

w? = 2wl = (5.39)

IThe PLL transfer function in [106] is correct, whereas the transfer functions (for the same type
of filter) in [11, 10] are not. An active filter is mistakenly assumed in [11, 10]. The active and
passive transfer functions are nearly the same if K72 > 1 in the passive filter.
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Figure 5.7: PLL frequency response; |H (s)|°.

w = V2w (5.40)

which is indeed independent of (. The 3 dB bandwidth is found in a similar
. 2
manner, by setting |H (s)|” = 0.5:

0.5
W3dB = Wn {QCQ F14+4/(2¢2+1)% + 1} (5.41)

The 3 dB bandwidth is generally not of much practical use [106, 107], but it is
interesting to notice that wsqyp x w,.

5.6.1.2 PLL error transfer function

The next step is to look at the phase error in the locked state. The phase error
transfer function is defined as:

H, (s) = (Pin (5) — Pout (8)) /Pin (s) =1 —H (s) (5.42)

This error function for the passive and active filters are found by inserting the
appropriate H (s):

5 (2¢wn — W2 /K) + w2 5?2 + sw? /K
Hep(s)=1—Hp(s)=1- ( 2 / )2 = 2 / 2
52 4 2Cwps + w3 52 4 2Cwps + w2

s(s+1/m)

7y 5.43
$2 4 2Cwn s + w2 ( )
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2w s + w? 5
) 1 Ha (s =1 A 5.44
.4 (8) 4(s) 52 + 20wns + w2 82 4 2(wns + w2 o4

Again, this can be simplified if the loop gain is large:

S
Her ()% Hea () = vz = He o) (5.45)

The phase error is:
D, (5) = Pip, (5) — Poue () = He (8) @i, () (5.46)

The amplitude for the phase error frequency response is shown in fig. 5.8. The

Amplitude (dB)
N
o

{=0.354 ——
-25 {=0.500 1
-30 (=0.707 --------- 4
{=1.00
-35 {=1.41 1
] {=2.00 _
40 {=2.83 -
-45 —_— —
0.1 1 10

Relative frequency ww,
Figure 5.8: PLL error response; |H, (s)|°.

frequency response has the characteristics of a high-pass filter, indicating that the
PLL suppresses or tracks low-frequency changes, while high-frequency changes are
ignored.

5.6.1.3 PLL error response

The PLL will react to changes in the input signal. It is important that the PLL is
able to recover its locked state when confronted with changes in the input signal.
This is the purpose for evaluating how the PLL will respond to a step change in
input phase or frequency. The Heaviside step-function is denoted H (¢)?. The phase
shift is represented in the time and s domain as:

2Not to be confused with the transfer function, H (s).
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A
Up (1) = H (1) Ap <= T(b =Uy (9) (5.47)
A frequency shift is represented as:
Aw
Uy (t) = H (t) Aw <= — = U, (s) (5.48)
S

Frequency is the time derivative of phase. The response of the PLL is:

Y (s)=H(s)U (s) (5.49)

Solving in the time domain can be tricky, but it is simpler to analyse the steady-
state error remaining after any transients have died away. The final value theorem
states that:

tlim y(t) = limOsY (s) (5.50)

This implies that the long time behaviour is determined by low frequencies or
poles close to or on the real s-axis. Application of the final value theorem to the
passive filter yields:

s(s+1/m) A¢

Ay (1) = lmsHe p (s)Us (s) = lims x o X =5 =

. A9 (52 =+ 5/71)
hm—
s—082 + 20wns + w2
The steady state error response to a step change in phase shows that the PLL
will (eventually) recover. The conclusion is that any phase change in the output will

be transferred to the output; which is to be expected as this is the purpose of the
PLL. The steady state error response to a step change in frequency is:

=0 (5.51)

s(s+1/m) Aw

Ay () =l () U (o) = s X s + B < 5%
. Aw(s+1/m) Awv  Aw
1 = = — 5.52
e 2 4 2Cwps + w2 w2 K ( )

This is a somewhat problematic but also predictable result. The VCO frequency
will change to match the frequency of the input signal, but a small, fixed phase shift
will occur. The phase detector/decision circuit sampling operation demands that bits
should be captured in the middle of the period to secure optimum performance. A
change in frequency will make less reliable samples and obviously affect the BER. The
size of the phase shift is to expected, for a change in VCO control voltage (Aw/ Ky co)
is required to change the VCO frequency, and the control voltage comes from the
phase detector (AwN/KppKraKyco) and can only be achieved by a static phase
mismatch.

The steady-state error response for the active filter to a change in phase is:

lim y (¢) = limsH, 4 (s) Uy (s) = lims x a « B9
1m = llmsiie S $)=lms X ——— — =
t—»ooy 5—0 A ¢ 5—0 s2 4+ 2Cwns + w% S
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s2A¢
lim— > 2% ,
SI_I,I})SQ +2<Wn5+w,,% 0 (5 53)

Like the passive filter, the active filter (eventually) corrects any change in phase.
The same response for a change in frequency is:

lim y (t) = limsHe 4 (s) Uy, (s) = lims x i . A
m =limsH, 4 (s)U, (s) =lims Xx ——— X — =
tﬁooy s—o0 A 5—0 52 + 2€wn3 + w% 52
A
lim———— (5.54)

5—082 + 20wns + w2

This reveals that the active filter will (eventually) change both its frequency and
phase in response to a change in either. This is the chief virtue of the active filter.
It should be noted that the passive filter is an approximation of the active filter for
large values of K, cf. eq. 5.52.

The error response in the time-domain can be found by calculating the inverse
Laplace transformation of the error response in the s-domain. ¢ < 1 will be assumed
for the transformation to be valid. The error response is:

52 A sA¢p
Y (s) = H. & AP s8¢ '
(S) VA (S) Ud) (S) 52 + 2Cwn8 + UJ% x s 82 + 2Cwn8 + UJ% = (5 55)

LY (s) =L (SA—¢) Ny (;) _

$2 4 2Cwn s + w2 $2 4 2Cwps + w2

A¢£_1 S+Cwn _ C % vl_C2Wn —
(s+Cwn)’+(1=Cw2 V1= (s+Cwn)’+ (12w

A¢H (t) (e‘q‘””t cos (\/ 1-— Cant) - %CQ x e~ ¢wnt gin (\/ 1-— C%}nt)) =

e

The Heaviside step function, H (¢), can be ignored if ¢ > 0 is assumed. This is
reasonable because the error response is obviously 0 for ¢ < 0 where ug (¢) = 0, so
only ¢t > 0 is of any interest. The ¢t > 0 condition is implied in the remainder of
the chapter. The error response can be calculated for other values of ¢ in a similar
manner. The phase error response for a phase step change is shown in fig. 5.9. It has
the form of two overlaying and exponentially decaying waves. The frequency step
error response is calculated in a similar manner, but is a bit simpler because it does
not require factorisation. The results are presented in table 5.2 [106]. The phase

A¢H (t) lcos (\/ 1-— Cant) B S sin (\/ 1- C%},ﬂf)} e Cwnt (5.56)
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Table 5.2: Transient phase error, ¢. (t), for second order PLLs for phase and fre-
quency step changes in input. K is assumed to be large. The factor H (¢) has been
removed, based on the assumption that ¢t > 0.
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Figure 5.9: PLL phase error, ¢ (t), in response to a step change in phase, A¢.

error response for a frequency step change is shown in fig. 5.10. It obviously start
with ¢, (0) = 0. The phase error then accumulates before the filter responds and
adapts. The phase error will eventually disappear, cf. eq. 5.54.

The active filter has two important advantages over passive filters:

1. The capture range is only limited by the VCO output frequency range. The
phase detector+filter effectively has an infinite gain.

2. The static phase error is zero if mismatches and offsets are negligible.

5.6.2 Tracking and acquisition

The PLL also has two dynamic properties; tracking and acquisition. Tracking de-
scribes how the PLL is able to maintain its locked stated by adjusting to any changes
in the input frequency and phase. Acquisition is the process of the PLL going from
the non-locked state to the locked state.

A detailed analysis is beyond the scope of this thesis. More information can be
found in e.g. [110, 111]. It should be mentioned that many PLLs are fitted with
both frequency and phase detectors in order to have a sufficiently wide tracking and
acquisition frequency band. The frequency detector takes over when the PLL has
lost its locked state. The frequency detector adjusts the frequency of the VCO into a
narrow band, close to the frequency of the incoming data. Then the phase detector
takes over and brings the PLL to the locked state. The PLL may also repeatedly
loose its locked state by a change in channel or absence of incoming data. The PLL
must then begin to acquire its lock again. Almost all experimental circuits lack
integrated frequency detectors but rely on external (manual) frequency adjustments,
e.g. [12,7, 2,5, 6, 3, 4]. A rare exception is possibly provided by [8].
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Figure 5.10: PLL phase error, ¢, (t), in response to a step change in frequency, Aw.

Again, most communication systems use interfaces with extremely well defined
frequencies. The tracking and acquisition range of a manufactured circuit is victim
of process variation and cannot be equally well defined. The solution is to make
the PLL frequency band wide enough to encompass the interface frequencies while
allowing for the full range of process variation.
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Chapter 6

Clock and data recovery

The CDR circuit is the most complex of the transceiver circuits and it contains
a combination of analog and digital building blocks. The CDR circuit captures
and resynchronizes the incoming data, providing coherent data & clock signals for
subsequent demultiplexing or other processing. The circuit consists of a D flip-flop
for data capture and a variable oscillator providing the clock signal. The CDR circuit
is required to produce a valid clock output signal even in the event of a long string
of Consecutive Identical Digits (CID) [112]. There are two fundamentally different
architectures; the filter (or ringing tank) and the PLL.

The filter design is based on a ringing tank excited by a specific frequency com-
ponent present in the spectrum of the incoming data signal, as shown in fig. 6.1.

Jittered Retimed

Data Data
o—4 » -2 —>D QL >0
Clk
didtt—>{ X* 3

Figure 6.1: Architecture of filter type CDR.

The induced clock signal latches the incoming data, and the clock frequency must
therefore match the incoming data rate. The tank is designed to resonate at the
desired frequency and the data signal is required to contain such a spectral compo-
nent. This reveals an important shortcoming of the ringing tank; it is incapable of
generating a clock signal independent of the incoming data. Once excited, the filter
will continue to produce a clock signal in the absence of data transitions, but the
filter will eventually ring down and the clock signal cease. A differential amplifier
can be used to improve clock amplitude & shape and thus extend the time it takes
for the filter signal to become useless, but eventually the outcome is the same. The
filter itself can be improved by increasing the Q, thus slowing the decay. However,
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an improved Q is more demanding on center frequency accuracy because the center
frequency has to closely match the frequency of the incoming data' or oscillation will
fail.

The Discrete Fourier Transformation (DFT)/Fast Fourier Transformation (FFT)
power spectrum of an ideal random binary pattern at 100 Gb/s is shown in fig. 6.2
for both Return-to-Zero (RZ) and No-Return-to-Zero (NRZ) encoding (of the same
signal) [113]. The graphs shows that the spectrum depends on the data source and

1 T T T T T T T T
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NRZ
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©
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Figure 6.2: Spectra of random RZ and NRZ signals.

choice of line code. A line code can also be used to avoid extended CID, at the cost
of some bandwidth. The NRZ spectrum is widely dispersed, almost white, whereas
the RZ spectrum has a prominent component at the data rate. The bit pattern has
in both cases been balanced to avoid a DC component?. The example demonstrates
that the spectrum can be manipulated by coding schemes. The RZ spectrum has the
desired frequency component (at the data rate), whereas the NRZ spectrum has not.

A non-linear circuit, denoted as “X?” in fig. 6.1, can process the NRZ signal
to create the required frequency component. The circuit could be implemented as
a simple XOR gate, effectively detecting the transitions in the NRZ encoding, as
demonstrated in fig. 6.3.  The result is that every transition in the data stream
generates a pulse with a period corresponding to the desired frequency. The delay
element provides a fixed time delay and is implemented either as a transmission line

IData frequencies are very narrowly defined by communication protocols. The frequency match-
ing problem is thus confined to the filter itself, which has to match the frequency specified by the
protocols. The filter requires high Q (slow decay), small process variation (predictable and consis-
tent center frequency) and small temperature dependence (to avoid fluctuations in center frequency),
which poses a serious challenge. Any deviation in center frequency will result in static phase er-
rors. Static phase errors must always be compensated for in the retiming path, but temperature
instability of the static phase is more difficult to accommodate.

2The bit pattern has a zero average.
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Figure 6.3: A non-linear element imple-  Figure 6.4: A XOR gate implementation
mentation based on a XOR gate and a  based on four NAND gates.

fixed time delay, and the corresponding

waveforms.

(with an appropriate length) or as a series of simple gates (with a known delay).
There are also numerous ways to implement a XOR gate. A design based on NAND
gates is shown in fig. 6.4. This particular implementation is unlikely, but it remains
instructive because it demonstrates a fundamental weakness with logical gates op-
erating near the physical limitations. The signals do not progress symmetrically
through the XOR gate. The asymmetric signal delay will result in an output signal
with spikes and a skewed duty cycle, even when assuming ideal connections (with
zero delay) between the NAND gates. Delay elements could be inserted between the
NAND gates to assure transitions will reach the NAND gates at the same time, but
the NAND gates themselves are inherently asymmetric.

The filter architecture is simple to implement, can operate at high speeds and
exhibits fast phase locking. The principal drawback are the tremendous difficulties
involved in integrating the required high-Q filter on a chip. The filter architecture
also suffers from temperature, process and frequency dependencies, and requires a
process with high f;.

The PLL is simpler to integrate because it does not need a high-Q filter. It also
has spectral independence® due to the presence of an integrated clock (VCO). The
architecture is shown in fig. 6.5. However, the low-pass filter required to crop the
phase detector (PD) signal may require large passives, and the PLL generally exhibits
far slower phase lock compared to the filter*. The PLL also suffers from temperature,
process and frequency dependencies similar to the ringing tank,

Integration is the key issue at 40 Gb/s and beyond. The PLL architecture is
superior to the ringing tank because it offers the simplest integration. An additional
benefit is that certain types of phase detectors in the PLL may be used to demultiplex

3Extended periods of CID has no effect on the amplitude of the clock signal, but cause the
phase (and frequency) to wander. Each packet of incoming data must be preceded by a preamble of
sufficient length, to ensure that the synchronization has been achieved before the valid data arrives.

4Information has transpired from a 40Gb/s project at Alcatel. The minimum number of bits
required to lock the phase is roughly 10 & 100 for a ringing tank and a PLL respectively. Thus, the
difference is about an order of magnitude.
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Figure 6.5: Architecture of a PLL type CDR circuit.
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the data, lowering the output bandwidth requirements. It may also be added that
(currently) most optical networks employ NRZ®, favoring the PLL architecture.

6.1 Architecture

There are many variations of the PLL architecture, because each of the components
can be realized in numerous ways. A PLL is roughly classified based on its type of
phase detector. Phase detectors may be either linear, also known as Hogge-type, or
non-linear, also known as binary, bang-bang or Alexander-type. Furthermore, the
architecture may be either full-rate or half-rate, denoting the relation between the
data sampling rate® and the data rate.

The distribution of fast, synchronized data and clock signals is notoriously difficult
to realize and it becomes even more complicated when an asymmetric (with respect
to layout) design has to be realized. A symmetric schematic does not necessarily
translate into a symmetric layout, when physical constraints are present. A full-
rate system requires simpler circuits (less complexity equals fewer transistors, less
power consumption, smaller chip area, improved yield and less cost), but has more
broadband data and high-frequency clock signals present on-chip. Also, the circuits
themselves have to operate at a higher bandwidth or frequency. A half-rate system
appears easier to achieve when the transistor speed (f¢, fmae) is the limiting factor,
but the architecture is more complex.

An example of each architecture will demonstrate the differences, see figs. 6.6
& 6.7 for a comparison. The full-rate design has several high frequency clock
(green) and broadband data (blue) signals and components, whereas the same routing
problem in the half-rate design is limited to the initial distribution and latching of

5The choice of modulation has numerous implications and has to be selected based on its particu-
lar merits. RZ is typically used for underwater transmission and more complex modulation schemes
are being employed to improve e.g. Inter Symbol Interference (IST).

6The data sampling rate refers to the sampling rate of the latches. The incoming data may be
distributed into multiple channels with latches sampling alternate bits. This reduces the sampling
rate of the latches, but requires parallel latches to sample the entire signal (and thus more circuitry).
The VCO itself may operate at a higher frequency than the sampling rate, with the VCO clock signal
being divided prior to being distributed to the latches.
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the data signal. The full-rate design is based almost exclusively on very fast circuits,
whereas these circuits are confined to the initial data capture in the half-rate design.
The half-rate example also has the added benefit of producing two demultiplexed
streams, simplifying the interface to subsequent processing. The clock division is
necessary for the synchronization of the sampled data and would most likely be used
by a subsequent demultiplexer.

A review of articles relating to CDR, circuits published in the last decade reveals
that each new bandwidth milestone was first reached by a half-rate design, followed
by a full-rate design about two years later [3, 5, 6, 4, 7, 10]. After that, more func-
tions were added to the CDR circuits (such as 1:4 or 1:16 demultiplexing), further
increasing complexity, and previously separate circuits were integrated on the same
die. Both physics and history thus endorsed the choice of a safer, but more cumber-
some, half-rate design. This would minimize the risk of not having working silicon
(or rather InP) on the first run.

Two different approaches were developed, based on the published designs, par-
ticularly [3, 2, 4]. The variations are shown in figs. 6.8 & 6.9. An amplifier has

o—> o—>|
DATA DATA

100 GHz

Figure 6.8: Half-rate CDR with Alexan-  Figure 6.9: Half-rate CDR. with double
der type phase detector. Alexander type phase detector.
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been added between the data input and the phase detector, for reasons that will be
explained in the following section. Both designs employ a half-rate architecture. The
phase detector is an Alexander-type containing a 1:2 demultiplexer (DEMUX). This
reduces the bandwidth of the recovered data to a more manageable level. The output
data (50 Gb/s) and clock (25 GHz) signals are suitable as the input of a subsequent
demultiplexer. The phase detectors are different. The Alexander-type phase detec-
tor in Fig. 6.8 uses a half-rate, differential clock whereas the double Alexander-type
phase detector in fig. 6.9 requires a half-rate, four phase clock. The four phase clock
is generated by the combination of a VCO and a static divider, see chapter 3. The
full-rate clock is divided into two separate half-rate clock signals with a 90° phase
shift between them.

The details of the two CDR circuit designs will discussed in the following sections.

6.2 Receiver interface

The incoming optical signal is carried by photons. The photo detector transforms
the optical signal into an electrical current proportional to the power of the optical
signal”. The optical power varies over time, due to a number of reasons. E.g., the
time slots could be distributed between several sources that are not necessarily placed
at the same distance (length of fiber) from the receiver. The difference in distance
between source and receiver causes a difference in attenuation. There is not supposed
to be a significant variation in amplitude during a single time slot. A TTA transforms
the current signal into a proportional voltage signal. The result is that the voltage
signal received by the CDR circuit follows the optical (power) signal and that the
signal may vary greatly in amplitude over time. The solution is to insert a non-linear
amplifier in the data path to reamplify and reshape the signal. The amplifier must
give the signal a constant amplitude independent of the variable amplitude of the
incoming signal, assuming that the signal level is not unreasonably weak. At least two
solutions are possible; either a limiting amplifier (LA) or an automatic-gain-control
(AGC) amplifier. The LA and AGC are typically of similar design, the AGC having
an additional stage for gain control. A LA is chosen because it is somewhat simpler
to realize, and in this case, an external signal for gain control is not required. The
LA is also sufficient because the output is intended to have a fixed amplitude.

The receiver data path contains a high-speed (100 Gb/s) electrical signal, which is
very difficult to transmit even over short distances. Allocating the different functions
in the transceiver block diagram, fig. 1.1, to separate chips (or even dies) would
necessitate complicated and costly interfaces. It would be a much better solution
to integrate as many of the functions as possible. The LA is easily integrated on
the same chip as the CDR circuit because the LA is relatively small in size, has a
relatively low power consumption, and can be realized using the same technology.
Also, an unbuffered CDR circuit would require an amplifier anyway. The combined
LA and CDR circuit is able to perform full 3R. The addition of a PD providing 1:2
demultiplexing further integrates the broadband building blocks of the O /E-interface

"The flux of electrons (current) is proportional to the flux of incoming photons. The power of
the optical signal is also proportional to the flux of incoming photons because the photons all have
the same energy (and wavelength).
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and simplifies clock and data output interfacing.

6.3 Limiting amplifier

The LA has to operate over a very wide bandwidth, and has been designed according
to many of the principles described in [93]. A broadband amplifier in an optical
network has to operate down to very low frequencies; about 30 kHz [93] in the
optical fibers®. The amplifier must therefore be DC-coupled.

The LA consists of a chain of cascaded transadmittance stages (TAS), tran-
simpedance stages (TIS) and emitter followers, as shown in fig. 6.10. The input

. Very Very .
Low High high  low High

6zo 75 628 Ezo

| EF L3> TAS|—> TIS —> EF |- "r_f_'&_S_Jl
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Figure 6.10: Broadband amplifier employing impedance mismatch between the
stages.

and output impedances of adjacent stages are usually matched to prevent reflections.
The same is true for the intermediary transmission lines, if they are considered long.
This methodology works very well for a limited bandwidth, because impedances re-
main fairly constant across narrow bands, but it is very difficult to achieve good
matching over a wide spectrum. The resulting mismatch will cause the amplifier to
exhibit a strongly frequency dependent behavior and have a low cutoff frequency. The
solution is to employ the principle of strong impedance mismatch between adjacent
stages. This would drastically reduce the influence of the likewise strongly frequency
dependent input and output impedances. Adjacent stages are mismatched, but the
degree of mismatch (quantified as the reflection and transmission of incident waves)
will remain fairly constant up to very high frequencies, resulting in a high cutoff

8Burst mode transmission requires DC coupling to adjust to different signal levels between bursts.
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frequency. The mismatch also has the advantage that parasitic capacitance located
between the stages will be connected to ground through a low impedance, either at
the input or the output. This will reduce the influence of the parasitic capacitance
and thus further increase the cutoff frequency. The emitter followers are added to the
stage chain to improve the insufficient mismatch between the TIS and TAS stages.
The mismatch principle does have some drawbacks, e.g. some cost to sensitivity.
The schematic of the LA is shown in fig. 6.11. The LA input impedance is set
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Figure 6.11: Schematic of the limiting amplifier. The different stages are colored
according to type, similar to the block diagram in fig. 6.10.

to 50 2, matching the 50 €2 transmission lines to the probe. The LA demonstrates
many of the features typical of broadband amplifiers:

e Multiple emitter followers. The emitter followers perform level shifting as well
as decoupling (impedance transformation) of the signal. The effective current
gain of transistors decreases with frequency, reducing the decoupling. Thus
two (or even three) cascaded emitter followers are often required. However, the
improved decoupling comes at the expense of some loss to signal amplitude.
The emitter followers also provide gain peaking near the upper frequency limit,
extending the bandwidth.

e Differential operation. This approach has several advantages. The two signal
carriers are not only complementary with symmetrical transients, but are also
closely spaced, reducing the effects of crosstalk and interference. The pulse
edges are steeper, allowing for higher data rates, with improved eye diagrams.

e Low voltage swing. Decreasing the resistance of the load resistors decreases
the voltage swing but also gives steeper pulse edges. The voltage swing must
be sufficient to ensure against signal loss. A voltage swing of 300 mV has been
implemented for digital circuits throughout the design.
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e On-chip matching. The interface between the external signal generator and
the LA has to be matched to avoid reflections. The return loss is improved
by terminating the signal locally on-chip (close to the circuit), in this case at
the first stage of emitter followers of the LA. The LA input termination and
circuitry is placed as close as possible to the input pads to minimize the losses
in the transmission line.

e Maximising f; and f,,q.. The fi and f,q. of VIP-2 has a strong dependency
on the collector current density. f; and f,,q; reach their global maxima at
around 3.8 mA/um?, as seen in fig. 2.20. Critical transistors are generally
biased to operate around this point, but it does result in a significant current
(and power) consumption. The heat generated by large circuits such as a CDR
circuit can easily destroy the circuit if preventive and remediating measures are
not taken. Less critical parts of a circuit could be more economical with the
current density without any significant impact on performance. In some cases,
such as current sources, f; and f,.4. should actually be minimised. Stability
is the hallmark of good sources and slower transistors are less susceptible to
noise.

The LA stages are distributed in three sections, separated by transmission lines. This
distribution is primarily motivated by practical (layout) reasons, but it also helps by
dividing the inevitable transmission line between the input pad and the LA into
four smaller pieces. The phase detector requires the data signal to be distributed
to two (or four) D flip-flops (depending on the choice of phase detector) placed in
parallel, each consisting of two latches. The signal is split before the final TIS and
emitter follower stages. These stages are also placed in parallel, adjacent to the phase
detector. This requires the signal to be split at the egress of the preceding TAS stage.
These transmission lines will then become fairly long (about 200 pm for a 1:4 split),
see fig. 6.12. The transmission lines at the split must be symmetric to avoid a relative
phase shift.

The AC-response of the 1:2 LA with dual output is shown in figs. 6.13 & 6.14.
The AC-response is shown for both a terminated and an open-ended LA (i.e. without
the 46 € load of the D latch). The terminated LA has a 3 dB bandwidth of 83.1 GHz
and an amplification of 22.6 dB (19.6 dB plus an additional 3 dB because of the 1:2
signal split). The first stage of the LA has a cut-off frequency at 121 GHz. The
group delay is shown in fig. 6.15. The group delay shows some peaking near the
upper frequency limit, resulting in signal distortion. The performance of the LA was
a compromise between amplification, bandwidth and linearity [114]. The bandwidth
could be improved by some additional peaking near the upper frequency limit, but
this also serves to increase the peaking of the group delay.

The small signal AC characteristics are not very revealing of actual performance,
because of the non-linear limiting characteristics. The final verification must be per-
formed in the time-domain, by studying the large signal amplification. The amplified
output signals for 25 mV, 50 mV & 100 mV differential input signals are shown in
fig. 6.16. There is not much difference between the 50 mV & 100 mV signals. The
small 25 mV input signal actually presents an improvement with regard to output
signal shape, because saturation peaking is avoided. The LA remains nearly linear
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Figure 6.12: Layout of limiting amplifier (1:4 version). The stages are fairly compact,
except where the signal is split 1:4.

up till saturation, even for high amplitudes. This was achieved by optimizing each
stage to be as linear as possible, up to this point.

A differential PRBS at the desired bit rate can be complicated to generate and
distribute, simply because the phase shift in the connectors can be difficult to match.
A likely test scenario (similar to that of the static divider in section 3.5) will be to
attempt a single ended input using one input pad, and setting a suitable DC voltage
on the complementary pad. This scenario also figures in several of the published
results [3, 2, 4, 7]. The amplified output signals for 50 mV, 100 mV & 200 mV single-
ended input signals (comparable in power to the differential amplitudes above) are
shown in fig. 6.17. The complementary input pad is fixed at the DC level of the
single-ended signal. The weak 50 mV signal does have a noticeable effect on the
voltage swing of the LA output. The single-ended input signal is not as efficient
as the differential, though the DC-level of the complementary input pad can be
optimized to slightly improve the result. It would be possible to remove the fixed
voltage input pad entirely if only a single-ended input is used, but an attempt to
employ a differential PRBS generator [115] (also designed as part of the OptCom
project, R3) should be made if possible. This PRBS generator has a variable bit rate
and could be used to verify the locking range of the CDR circuit around 100 Gb/s°.

Some free space was utilized on R1 to manufacture the LA, as shown in fig. 6.18.
Unfortunately, R1 suffered from dismal yield, and we were unable to find any working

9Tt has later transpired that the PRBS generator is only useful at frequencies up to about 80 Gb/s.
The eye diagrams become too distorted at higher frequencies. It is therefore not possible to use it
as a 100 Gb/s source.
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Figure 6.13: Limiting amplifier amplitude characteristics.

circuits. The problem was eventually identified as short circuit defects in the MIM-
capacitors, used extensively on the chip to decouple the supply voltage. It is common
practice to use any unused chip area for decoupling, and this is clearly shown in the
photo. The photo is of the (obsolete) 1:4 version, used in the first version of the CDR
circuit. The current 1:2 version has not been implemented as a separate chip.

6.4 Phase detector

Two CDR circuits have been developed. The main difference lies in the choice of
phase detectors. The first CDR circuit uses a double Alexander-type phase detector,
whereas the second CDR circuit uses a Hogge-type phase detector. The Alexander-
type is non-linear and indicates whether the clock is either early or late. The Hogge-
type is linear and indicates how much the clock is either early or late.

6.4.1 Hogge-type phase detector (linear)

A Hogge-type phase detector is shown in fig. 6.19. It is a linear half-rate detector that
uses a half-rate VCO and the distribution of the data and clock signals is relatively
straightforward. The half-rate phase detectors presented in [12, 5, 6, 7, 10, 11] employ
the same principle.

The linear phase detector has the architecture of a simple 1:2 DEMUX. This
enables the phase detector to perform both functions. The data signal is split into
two separate paths by latching the data signal at alternate clock flanks of the half-rate
clock. The result is that the two ingress latches capture alternate bits, and both the
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Figure 6.14: Limiting amplifier phase characteristics.

latched (Q1/Q3) and the stored!? (Q2/Q4) data is accessible to the phase detector
logic. Two XOR gates compare the latched and stored data and uses it to generate
two control signals. The logic for the control signals can be stated as:

E=Q1®Q3 (6.1)
R=Q2® Q4 (6.2)

The phase detector operation is illustrated in figs. 6.20 & 6.21 for early and late
clock signals. The reference signal (R) is almost identical in the two cases, regardless
whether Clk is early or late. Eq. 6.2 describes a comparison between two adjacent
bits in the incoming data stream. A phase shift in Clk will only result in an identical
phase shift of the stored data and thus an identical phase shift of R. It is important
to notice that R is a reference signal that indicates a transition between two bits
of reverse polarity. The absence of transitions will have an impact on R and the
effect is highlighted in fig. 6.20. The transition (two consecutive bits are different!!)
frequency is 50% if a random sequence is assumed.

The error signal (F) indicates the phase difference between Clk and Data. Like
R, it generates a pulse whenever a transitions occurs. The phase difference between
Clk and Data is given by the duty cycle of E. The pulses of E & R are highlighted
in fig. 6.21. A duty cycle of 50% indicates that Clk and Data are synchronized. The
duty cycle can ideally vary between 0% and 100% for early (—90° with respect to
Clk) respectively late (+90° with respect to Clk) arrival of Clk. The duty cycle is
75% in fig. 6.21 indicating that Clk is (+45°) late, and 25% in fig. 6.20 indicating
that Clk is early.

10Meaning stored by the D flip-flop.
' The probability of the pattern (“..01...” or “..10...”) being equal to the pattern (“...00...” or
€110,
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Figure 6.15: Limiting amplifier group delay.

The XOR gates require complementary data to operate, otherwise F & R will not
give any indication of Clk phase. Complementary data occurs when two consecutive
bits are different and a transition occurs. This makes the linear phase detector
sensitive to the data pattern. Extended periods without transitions (CID) will give
no useful feedback and eventually the VCO will wander outside the phase margin of
the D latches. Synchronization will then have been lost and subsequent data becomes
unreliable. The E & R signals are never invalid, nor are they always useful.

The layout of the linear phase detector (without logic) is shown in fig 6.22. Data
progresses from left to right. Clock is distributed through a point in the middle of
the D latches, to ensure that it reaches all D latches without any phase difference.

6.4.2 Alexander-type phase detector (non-linear)

An Alexander-type phase detector is shown in fig. 6.23. The half-rate phase detec-
tors presented in [1, 3, 2, 4, 8, 9] use the same principle. The core is similar to the
Hogge-type phase detector described in the previous section. The data is likewise
demultiplexed into two separate channels, but the top channel is only used for de-
multiplexing and is actually not a part of the phase detector itself. It is included to
emphasize the topological similarity with the previous phase detector.

The operational principle of the Alexander-type phase detector is to compare the
data captured by the reference clock (Clk), with data captured by a clock with a
90° phase shift (C1k90). The sampling operation is demonstrated in fig. 6.24. This
requires a quadrature clock signal, making the design more complex. Two clocks
have to be generated and distributed. Clk90 (as well as Clk) is generated by either
a quadrature divider from a full-rate clock signal or as a delayed version of Clk.

The comparison of the two bits can be performed by an XOR-gate:
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Figure 6.16: Limiting amplifier with differential signalling.

Pattern | D | T | Early (0)/Late (1) | Probability

00 0 |0 |0 (False) 25%
01 01010 12.5%
01 0|11 12.5%
10 1 |1 1]0 12.5%
10 1 (0|1 12.5%
11 1 |1 |0 (False) 25%

Table 6.1: Logical table for the Early/Late signal in an Alexander-type phase detec-
tor.

E/L=Dy®T (6.3)

The logical table of the comparison is shown in table 6.1. Notice that the phase
detector is unable to detect a late Clk if two consecutive bits are identical, resulting
in an erroneous E/L, indicating an early Clk, regardless of the actual Clk state. The
operation of the Alexander-type phase detector is illustrated in figs. 6.25 & 6.26 for
early and late clock signals.

Both the reference data and the shifted data will be identical if Clk is early,
because C1k90 will arrive early enough to latch the same data as Clk. Fig. 6.25
shows that the Dy & T data streams are identical, except for a 90° phase shift
corresponding to the time when the data was latched. The XOR operation would
not be very exciting, were it not for the 90° phase shift of C1k90. The phase shift
is mirrored in the shifted data, and the result is that small (90°) pulses occur in
the event of a transition. Again, the probability of a transition is 50% assuming a
random sequence.
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Figure 6.17: Limiting amplifier with single-ended signalling.

Clk and CI1k90 will latch adjacent bits if Clk is late. The probability that the
bits are different is 50% (assuming a random sequence). This is picked up by the
XOR operation. The pulse width is elongated 90° due to the phase shift of C1k90.

The comparison of the reference and shifted data for both early and late clocks
requires that adjacent bits are different, otherwise the comparison will be pointless.
This occurs 50% of the time if the data is random, but the pattern dependency means
that CID is a definite threat.

The 90° phase shift between Dy & T can be removed. This is done by adding
a Clk controlled latch in series with the reference and shifted data. This will be
demonstrated in the next section.

6.4.3 Double Alexander-type phase detector (non-linear)

A more robust phase detector can be constructed by combining two phase detectors
and thus make twice the number of comparisons. This is the strategy pursued in
[3, 2, 4, 8]. The architecture can be referred to as a double Alexander-type phase
detector (2A). The schematic is shown in fig. 6.27.

The single Alexander-type (1A) phase detector distributes the incoming data into
two separate channels but only one of these channels (D) is examined and compared
to a reference (7). The 2A phase detector operates on both channels simultaneously.
This increases the phase detector gain, because useful comparisons can now be made
75% of the time (assuming a random bit pattern).

The logic performed by the 2A phase detector is a bit more complex in the
[3, 2, 4, 8] implementations. It compares two adjacent bits'? with an intermediary

12 Adjacent in the original data stream, not the demultiplexed streams. The phase detector logic
uses data from both of the demultiplexed streams simultaneously to compare bits that are adjacent
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Figure 6.18: Photo of the limiting amplifier chip (1:4 version).
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Figure 6.19: Linear phase detector schematic.
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sample. The sampling operation is demonstrated in fig. 6.28. The logical table of
the comparison is shown in table 6.2. The advantage of comparing the intermediary
sample, T', with the two adjacent bits is that there are no false Early /Late-flags, as
is the case for the 1A phase detector. The effect is a reduction in jitter generation
on the VCO control signal, cf. section A.3.

The logic table also explains why two of the four channels in fig. 6.27 use both
of the clock signals. This is because the data in the last D latches (T') has to be
synchronized with the rest of the data (C' & D) to make a simultaneous comparison.

The logical expressions of the full 2A phase detector can be stated as:

E = (Dl EBTl) X (Cl EBTl) + (D2 D T2) X (02 D T2) (64)

in the incoming stream, cf. fig. 6.27.
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Figure 6.20: Linear phase detector operation as a function of the incoming data. Clk
is early.

Pattern | D | T | C' | Early | Late | Probability

00 0101010 0 25%
00 011010 0 0%
01 0|01 |1 0 12.5%
01 011110 1 12.5%
10 1 700 |0 1 12.5%
10 1 |10 |1 0 12.5%
11 1 ]0 1|0 0 0%
11 1|11 |10 0 25%

Table 6.2: Logical table for Early and Late signals in a double Alexander-type phase
detector.

L= (Dl (&%) Tl) X (Cl (&%) Tl) + (DQ & Tg) X (Cg & Tg) (65)

All of the XOR-factors appear in both the F and the L expressions. Reusing the
same factors in both computations allows for the reduction in circuit complexity. This
is demonstrated in the 2A schematic, fig. 6.27, where the same XOR gates are used
to produce both of the control signals. There are no inverters in an actual design.
All of the signals are differential and an inverted signal is accomplished merely by
switching the two signal lines.

The operation of the 2A phase detector is illustrated in figs. 6.29 & 6.30 for early
and late clock signals. The phase detector determines the early or late state very
well, except when there are more than two consecutive identical bits. Such an event
(and the result thereof) has been highlighted in both figs. On average, this only
occurs 25% of the time, assuming random data. The phase detector will thus return
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Figure 6.21: Linear phase detector operation as a function of the incoming data. Clk
is late.

a valid response during the remaining 75% of the time.

The layout of the 2A phase detector (without logic) is shown in fig 6.31. Data
progresses from left to right. The size of the phase detector makes it difficult to
achieve a good clock distribution, i.e. a clock signal that has the correct phase
at all of the latches. To make matters even more complicated, a quadrature clock
is employed, resulting in four parallel clock lines. The clock load should also be
symmetric, which just happens to be the case in fig. 6.27. A closer look reveals that
two of the D latches (at the bottom) have no bearing on the operation of the phase
detector. They are connected as a T flip-flop, similar to the static divider in chapter
3. The clock frequency of the distributed clock in the half-rate architecture is only
50 GHz and the output from the T flip-flop is a 25 GHz clock that is synchronized
with the demultiplexed data (50 Gb/s). The purpose of this synchronized clock is to
facilitate further demultiplexing. Adding this T flip-flop to the clock networks is not
quite enough to provide an even load. A further two (dummy) D latches are added
(at the top) to make the load fully symmetric.

In conclusion, the 2A phase detector has more gain, because it makes twice the
comparisons. It also has superior jitter performance, because it has been fitted with
a more robust logic, that does make erroneous decisions, The major drawback is the
increased complexity and problems derived from this complexity (layout problems,
die size, power consumption, heat etc.). Like the Hogge-type and the 1A phase
detectors, the 2A isn’t immune to CID either.

6.4.4 D flip-flops

A number of D latches are used to realize the D flip-flops of the phase detector. Two
D latches are placed adjacent to each other and connected together to form a D flip-
flop, as shown in fig. 6.32. The schematic of the D latches is shown in fig. 6.33. The
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Figure 6.22: Layout of the linear phase detector.

D latches in the CDR circuit are topologically identical to the the D latches used in
the static divider; cf. section 3.2. However, there are a number of differences with
respect to sizing and layout.

The CDR circuit is based on a half-rate architecture. This involves two parallel
D flip-flops latching alternate bits of the incoming data stream. The first D latch of
a D flip-flop has to latch alternate bits of the full, 100 Gb/s data stream, while the
second latch merely latches the 50 Gb/s data from the first latch. The operation at
the first latch is critical, both because of the higher bandwidth of the input signal
and also because the logic of the phase detector requires very well defined signals
(with steep flanks) to operate properly'®.

Two CDR circuits have been designed. Their architectures are similar but they
differ with respect to the choice of phase detector and the consequences of that choice,

13In the CDR circuit, the phase detector is actually a more critical component than the D latch.
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Figure 6.24: Single, non-linear phase detector operation using two samples.

cf. section 6.4. The first version employs a quadrature phase detector, whereas the
second version uses a simpler differential phase detector.

The first version of the CDR circuit requires eight D flip-flops, each with a con-
siderable current/power consumption. The primary 100 Gb/s half-rate D latches
located directly at the 100 Gb/s data interface are the most critical circuits, whereas
the secondary, subsequent latches are less so. The power consumption is limited by
reducing bias currents and resizing transistors in the subsequent latches, which can
be done without unduly affecting performance.

The second version of the CDR, circuit merely requires two D flip-flops, and thus
significantly less power. Still, the secondary latches could use current more niggardly
without any noticeable loss of latch performance. The problem with this tactic is
that the phase detector in the second version of the CDR circuit (Hogge-type) is
considerably more dependent on the shape and latency of the latch output signals
than the first version (Alexander-type). Because of this, both latches in the flip-flops
of the second version are of the same, fast type, emphasizing speed.

The D latch schematic, fig. 6.33, shows that inductive peaking is employed. This
is only true of the the primary latches in both of the CDR circuits. The reason for
this choice is purely practical. The M4 microstrip takes too much space and cannot
be placed without interfering with the clock signal distribution.

There are numerous ways to reduce power consumption in latches at the cost of
performance, both in topology (e.g. no level shifting/poor biasing) and implementa-
tion (e.g. asymmetric write/hold). The performance required by a 100 Gb/s CDR
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Figure 6.25: Non-linear phase detector operation as a function of the incoming data.
Clk is early.

Figure 6.26: Non-linear phase detector operation as a function of the incoming data.
Clk is late.

circuit precludes most of these techniques from being implemented, and thus from
being analysed here.

The transient response of a D flip-flop with a 100 Gb/s PRBS input signal is
shown in fig. 6.34.  The clock is half-rate, thus resulting in alternate bits being
latched. The output is shown for both D latches, and the second D latch can be
seen trailing the first D latch with 10 ps (equivalent to a clock phase shift of 180°)
as expected. The first D latch lets through some spikes corresponding to the bits
adjacent to the latched bits, but these spikes are eliminated in the second latch.
There is some obvious switching noise as well, relating to the clock signal. The eye
diagrams for the same signals, shown in fig. 6.35, are very pleasing when clock and
data are in phase. Both the first and the second D latches exhibit a very wide and
clearly defined opening.

Simulations indicate that the D flip-flops are capable of capturing data in excess
of 150 Gb/s, but the extracted parasitics are definitely a bit on the pessimistic side. A
MUX, using nearly identical latches, was manufactured during the OptCom project
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Figure 6.27: A double, non-linear phase detector schematic. The D latches are color-
coded to indicate the phase of their respective clocks and show how the intermediary
samples (717 & T3) are retimed to be in phase with the data (Cy, C2, D1 & D3).
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Figure 6.28: Double, non-linear phase detector operation using three samples.

[74]. Measurements showed “acceptable” eyes at 165 Gb/s; testimony to the VIP-2
capabilities.

6.4.5 Logical gates
The phase detector logic is made up of logic XOR and NAND gates.

6.4.5.1 XOR gates

The differential XOR gates have a topology similar to the D latches, though with
some minor differences in sizing and without inductive peaking being employed. The
schematics is shown in fig. 6.36.
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Figure 6.29: Double, non-linear phase detector operation as a function of the incom-
ing data. Clk is early.

The XOR gates form all (Hogge-type) or part (Alexander-type) of the phase
detector logic. The Hogge-type phase detector is very sensitive to signal shape and
latency. It is important for the logic to generate as well defined pulses as possible.
This is achieved by appropriate sizing, biasing and layout, but the XOR gates still
exhibit a fundamental problem. The schematic clearly shows that the two input
signals are not treated symmetrically. The B port requires an extra set of emitter
followers, and the switching transistors are placed in series rather than parallel. This
means that the output signal, @), would react differently (speed, shape etc.) to
transitions on the two input ports. A delay, in the form of a transmission line, is
inserted in the path of the A port to equalize the delay, but the waveforms will
still retain a different form, depending on which (or both) input port the transition
occurs.

The results of a simulation containing three different versions of the XOR gate
is presented in fig. 6.37. The choice of parameters have a noticeable effect on the
waveforms, particularly with respect to spikes. The third version (v3) is a plain
XOR gate with minimum size transistors (but optimized current densities). The
second version version (v2) has larger transistors with slightly better performance,
but it requires more power and the improvement is minuscule. The first version (v1)
introduces a delay on the A port equivalent to the propagation delay of an emitter
follower. The example demonstrates that signal timing can be more important than
component sizing.



104 CHAPTER 6. Clock and data recovery

—1 O
NN

m O
N

L -

Figure 6.30: Double, non-linear phase detector operation as a function of the incom-
ing data. Clk is late.

6.4.5.2 AND/NAND gates

The differential NAND gate is similar to the XOR gate. The circuitry is somewhat
simpler, see fig. 6.36.

The NAND gate is even less symmetric than the XOR gate, with the differential B
port being skewed with respect to (). The NAND gate is only used in the Alexander
type phase detector, so it can be ignored. The problem could be eliminated by
arranging the XOR gate a bit differently'*.

The NAND gate is differential. The output is complemented by switching the
differential signals and the NAND gate becomes an AND gate.

6.5 Charge-pump filter

The charge-pump filter generates a control signal to the VCO, based on the results
from the phase detector. The control signal will adjust the frequency and phase of
the VCO to match the the frequency and phase of the incoming data.

Filters can be implemented on-chip or partially off-chip. Filters have often been
implemented partially off-chip [21, 3, 5, 2, 6, 4, 9, 8, 77, 7], to simplify the realization
of the large passives required by the low-pass filter, or to allow filter modification
or tuning after the chip was produced. Such a modification or tuning could be

14 /@ could be connected to three of the four collectors.
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Figure 6.31: The double, non-linear phase detector layout.

necessary if the process variation is significant. On-chip filters have the advantages
of integration, such as a reduced number of components and connections. It has
been decided to integrate the filter used in this project. The justification is that
integration is an efficient method for reducing the cost of production, and it should
be implemented when possible.

In this project, a charge-pump filter similar to [10, 11] was used (cf. [12] for an
interesting variation). The schematic is show in fig. 6.39. The filter core consists
a resistor, Rg, and a capacitor, Cs. The core is surrounded by two differential
stages serving as charge-pumps, one for each of the control signals. The operation
of the control signals depends on the type of phase detector. The charge-pumps
can differentially sense the £ and R signals while maintaining the gain of the phase
detector/charge-pump filter. The high gain results in a very small phase error once
the clock and data have been locked.
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Figure 6.33: The high-speed D latch schematic.

6.5.1 Hogge-type phase detector input

The Hogge-type phase detector has two control signals, ¥ & R. R consists of a
series of discrete pulses, each with a 100% duty cycle, in the event of a transition. FE
also consists of a series of discrete pulses in the event of a transition. However, the
duty cycle of E depends on the phase difference between the clock and the incoming
data. The duty cycle varies between 0-100%, 50% indicating that the clock and data
are synchronized. The probability of a transition between to adjacent bits is 50%,
assuming random data. The result is that R is active 50% of the time'® on average.
However, E is only active 25% of the time (on average). This discrepancy between
the control signals must be taken into account by the loop filter.

The schematic (fig. 6.39) shows two charge pumps belonging to two differential
stages. The charge-pumps should be balanced when the VCO is in phase. The charge
pumps are controlled E¥ & R. The charge-pump controlled by R is twice as active as

15 (Duty cycle)x (probability of the pulse occurring).
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Figure 6.36: The XOR-~gate schematic. Q = A ® B.

Vss O

the charge-pump controlled by E. The balance is accomplished by giving the charge-
pump controlled by E twice the charge-pumping capacity; Iyp =2 X Ipown-

6.5.2 Double Alexander-type phase detector input

The A2 phase detector also has two control signals, ' & L. Both E & L consist of
a series of discrete pulses, each with a 100% duty cycle. The pulses indicate whether
the clock is early or late, and there are no false flags. The A2 phase detector operates
on three adjacent bit simultaneously and requires at least one transition within this
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Figure 6.37: Transient analysis of three variations of the XOR, gate.

pattern to make a valid detection. The probability of one or two transitions occurring
within the three bit pattern is 75%, assuming random data. The result is that E
& L together are active 75% of the time on average'®. The symmetric behavior of
E & L means that the symmetric loop filter architecture doesn’t require balancing
between the charge pumps; Iyp = Ipown-

6.5.3 Charge-pump filter implementation

A good balance should be achieved between the two differential stages. This is simple
when both stages use identical components (resistors, transistors etc.), but not when
they have different dimensions. The current sources are based on current mirrors,
but their performance depends on process variation and differs from the models.
This can be taken into account by adjusting the biasing of one or two of the current
sources, using an external signal or two. However, signal pads are not free. For
the A2 phase detector, it was decided to use the same transistors and resistors in
both of the differential stages. The Hogge-type phase detector use exactly the same
component dimensions. The difference is that the high-capacity charge pump has
twice the number of transistors in parallel. It doesn’t make the circuit perfectly
balanced, but it does take process variation into account'”.

There is also an asymmetry in the (linear) E & R signals that is more difficult
to deal with. The asymmetry and latency of the phase detectors mean that short £
pulses, with a duty cycle of 0-15% (0-1.5 ps of a 10 ps period), do not slip through!

16 F is active 75% of the time if the clock is early, and L is active 75% of the time if the clock is
late. Either signal will be active 37.5% of the time when the clock is synchronized.

7There are many other effects to take into account, such as the orientation dependency of doping,
but these can be ignored in this application.
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The rise and fall times also take a significant slice of the duty cycle. This problem
limits the maximum bit rate the phase detector is able to interpret, and it is identified
as the principal bottleneck in the CDR'S.

The loop filter parameters (Kcp, 71 & 72), as defined in table 5.1, are related to
the elements (R¢c, Rs & Cs) of the charge-pump filter. The loop filter parameters
can be expressed as:

KCP - ngC (66)
T = (QRC + Rs) Cyg (6.7)
Ty — RsCs (6.8)

A capacitor, Cp, is placed in parallel to the series connection of Rg and Cg, with
the intention of limiting the undesired high-frequency ripple included in the output
signal, Vio. The (time domain) response to a fixed phase error is shown in figs. 6.40
& 6.41 for two different sizes of C'p. The waveforms demonstrate the importance of

18Increasing the bandwidth to 160 Gbit/s would effectively cut pulses having a duty cycle between
0-25% and perhaps affect even wider pulses.
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Figure 6.39: The charge-pump filter schematic.

Cp in reducing the ripple, but also that Cp affects the locking speed. C'p should be
large enough to cancel out most of the ripple, to avoid generating jitter in the VCO,
but not large enough to have an impact on locking speed. Cp is chosen to be much
smaller than Cg, thus maintaining the stability of the PLL loop.

The layout of the charge-pump filter is shown in fig. 6.42. The two sides of the
charge-pump are clearly asymmetric. Both sides use the same transistor sizes, but
one side uses twice the number of transistors placed in parallel. This (supposedly)
yields better matching.

6.6 Buffers

The two CDR circuits contain several buffers each. The buffers are used for reducing
the load on circuits sensitive to fan-out, such as VCOs and static dividers, as well as
drivers to reshape and reamplify digital signals in places such as the output ports.
The buffers are all simple differential stages, similar to the buffers at the static divider;
cf. section 3.3.

The buffers are similar but slightly different; each buffer being optimized for its
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Figure 6.40: Vo and /Ve in the filter RC-tank.

particular use. A typical buffer is exemplified by the schematic in fig. 6.43. This
standard buffer can be modified in numerous ways:

e Input emitter followers. A buffer may or may not have emitter followers. Emit-
ter followers have several advantages, but increase power consumption and add
nothing to the logical function; cf. section 2.1.2. However, adding emitter fol-
lowers provides better biasing of the differential stage by preventing saturation.
All of the buffers used in both of the CDR circuits have input emitter followers.
The buffers may also have emitter followers on the output ports.

e Transistor size of input emitter followers. The transistor size of the emitter
followers can also be adjusted, which affects both the input load (primarily
the capacitive part) and power consumption (assuming that the transistors are
biased for optimum performance, cf. section 2.3). The output buffers of the
static divider use minimum size transistors (emitter size 0.5 pmx1.0 ym) in the
emitter followers to minimize the load on the static divider core. Otherwise,
the normal transistor (emitter) size for emitter followers is 0.5 umx2.6 pm,
which offers the best performance. The same transistor size is used in all of the
differential stages.

e Voltage supply. The CDR circuits have a dual power supply. The reason is that
a small part of the CDR circuits requires a Vgg of -5.0 V (the VCOs), while
-4.2 'V will suffice for the rest of the circuits. Using a dual power supply lowers
the total power consumption of the circuits. Changing the Vsg for a circuit
will affect the biasing conditions of the entire circuit. The transistor sizing can
remain constant, but all resistors are modified accordingly. All of the buffers
have -4.2 V and -5.0 V versions.
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Figure 6.41: The V¢ (differential) time domain response to a fixed phase error. The
waveform clearly demonstrates the RC-type delay and the smoothing effect of the
ripple capacitor.

e Layout. The layout can be more compact if the available space is restricted.
The largest components are typically the resistors, but they can be folded. An
example is shown in fig. 6.44.

6.7 Linear amplifier

The control signal produced by the charge pump-filter has an amplitude of 70 mV
(differential). This is insufficient to control the VCO within a useful frequency range;
cf. chapter 4. The straightforward solution is to insert a linear amplifier, shown in
fig. 6.45. It is a very simple design, based on the differential stage presented in
the previous section. The two resistors provide a linearized voltage output up to
the same amplitude, R x Ip, as before. The slope is determined by the size of the
resistors, as shown in fig. 6.46.

The linear amplifier consists of two of these linear stages placed in series. This
is because two stages offer better linearity than one stage. The two stages are topo-
logically identical, but component sizes are slightly different. The combined linear
output voltage range is about 700 mV. The linear amplifier does not need to be very
fast, and the design has therefore been optimized for low power consumption (i.e.
minimum size transistors).

The linear amplifier has a differential output, but the VCO uses a single-ended
control signal. The control signal only requires a very narrow bandwidth, and the
high-frequency ripples from the charge-pump filter!? are canceled out by an appro-

9The ripples will cause additional jitter when reaching the VCO.
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Figure 6.42: The charge-pump filter layout. This is the asymmetric version for the
linear phase detector.

priate RC stage before the signal is distributed.

6.8 Implementation of CDR circuits

Both of the CDR circuits are very large. Each circuit contains >100 transistors
and a significant number of transmission lines. Extracting the circuit parasitics adds
numerous small capacitors to the circuits. It is also possible to create an S-parameter
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Figure 6.43: Schematic of a buffer based on a differential stage.

model of an entire circuit??, making the circuit model even more complex. Detailed
models and conservative simulation algorithms yields reliable results, but simulations
can easily become impractically time-consuming. Precision has to be balanced with
efficiency.

The VCO circuits presented in chapter 4 are sufficiently small to be represented
by an S-parameter model. The same methodology is used to simulate the static
divider circuit in chapter 3, but this circuit has a size that is probably close to the
practical limit. Such a level of detail is not practical when simulating the massive
CDR circuits.

All of the CDR subcircuits can be verified independently, but verifying the entire
CDR circuit is a much more difficult task. Using the CDR circuit simulation results
as feed-back to make design changes would be a very time-consuming process; it takes
about a week to simulate the locking process for the extracted CDR circuit. This is
obviously because of the circuit complexity, but also because it involves a very long
time span where hundreds?! of bits are passing through the CDR. while the locking
process is being performed.

The CDR circuits are (for most purposes) too complex to simulate at the tran-
sistor level. The obvious solution is to follow the standard top-down design process.
The process begins with the creation of a high-level model of the CDR circuit, using
Analog Hardware Description Language (AHDL) to make behavioral models of all
the subcircuits. Once the simplified CDR model becomes operational, the behavioral

20The S-parameter analysis of a circuit refers only to the metal layers. Circuit components such
as resistors, capacitors and transistors are not taken into account. The circuit components are
removed prior to the S-parameter analysis and every connection between a component and metal is
replaced by a port. The program (ADS) calculates the S-parameters between all of the ports. The
components are then placed between the ports and the circuit is simulated.

Transmission lines use inherent models, rather than relying on extracted parasitics or s-parameter
analysis. This is because the inherent models are deemed to be more precise representations. Certain
transmission lines are replaced with simplified models to decrease simulation time.

21The filter is set to have a delay of about 50 bits; equivalent to 500 ps at 100 Gb/s.
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Figure 6.44: Compact layout of a buffer based on a differential stage.

subcircuit models can be replaced one by one with increasingly detailed models. The
final CDR model contains fully extracted models of all subcircuits. Having multiple
models of varying complexity for each subcircuit makes it possible to evaluate the
system impact of a particular subcircuit while using simple (but fast) models for
the rest of the CDR circuit. The top-down design process is capable of producing
the quick-and-dirty results of the CDR circuit on a system level, necessary for the
repetitive design steps, such as adjusting the filter passives to appropriate settings.

The connections between subcircuits pose a particular problem. They are not
typically considered subcircuits but can (and sometimes should) be modeled as such.
Short, connections are simple to deal with and can be modeled using lumped com-
ponents. Longer connections behave like transmission lines and must be modeled
accordingly; cf. section 2.2. Cadence (as well as ADS) use inherent models for trans-
mission lines, and the choice of model depends on the geometry and bandwidth of
a particular line. The inherent models are simple to use but they are also complex
and time consuming to simulate. Furthermore, they exhibit an annoying tendency to
cause convergence problems when finding the initial conditions. Finding a suitable
model for a transmission line is not limited to the choice between a short-circuit
and a broadband transmission line. A simplified, frequency specific model can be
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Figure 6.46: Linear amplifier DC characteristics.

selected if the bandwidth is relatively small, which is the case for clock distribution
networks. A home-made (frequency specific) RLGC-model with ten sections is even
faster, cf. section 2.2.4, while maintaining a high level of precision. Avoiding the
inherent broadband transmission line models can dramatically reduce the simulation
time.

6.8.1 Double Alexander-type CDR circuit

The schematic of the 2A CDR circuit is shown in fig. 6.47. Limiting, linear and
differential amplifiers have been added.
The clock signals will have to travel a relatively long distance between the clock
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buffers and the D latches. Each D latch is therefore fitted with a local clock input
stage consisting of termination resistors, R;, and emitter followers; cf. section 3.2.
The 2A CDR circuit contains two clock buffers, one for Clk and one for C1k90. The
clock buffers are based on open-collector transadmittance stages. Each clock buffer
is loaded with ten D latches. Impedance matching can be achieved by designing
the transmission line impedance, Zy, according to the number of loading latches,
see fig. 6.48. The value of Zy can be locally adapted with respect to signal splits.
The clock amplitude can be increased if the line impedances are chosen according
to Zo > R;/n, with n being the number of loading D latches on the remaining
transmission line. This is due to the inductive peaking effect of the transmission line;
cf. section A.2. Zy/4 is 2.5 times greater than Z,/10. But such a wide range is not
possible when using VIP-2; cf. section B.2. The transmission line is realized using
M4 over M2 and thus have a practical range between 52 and 40 2. The resulting
mismatch causes reflections to occur.

The schematic of the 2A CDR circuit (fig. 6.47) reveals four serious problems
with the 2A CDR circuit. These are:

1. Yield. The VIP-1 and VIP-2 processes have experienced a number of yield
problems. Changes to design rules, discussions with Vitesse??, visual inspec-
tion of dies and measurements have revealed both antenna problems and faulty
MIM-capacitors. The MIM-capacitors have been particularly difficult to pro-
cess without a high probability of fatal short-circuits. The VIP-2 process has
continuously been modified and design rules have been tightened to control
these problems. The yield is also suffering from an unstable process. The yield

22Minh Lee.
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Figure 6.48: The clock distribution network in the 2A CDR phase detector.

varies greatly between consecutive MPW runs and has occasionally been be-
low 10% for circuit sizes of about 1 mm? or less®®. An unstable process will
occasionally result in near zero yield and/or dismal performance, independent
of the circuit parameters. However, the impact of randomly occurring process
flaws can be limited by restricting the circuit area and the number of devices.
The massive size (2.060 mm?) and large number of devices (394 transistors) of
the 2A CDR circuit makes it vulnerable to such flaws. In conclusion, the yield
is a real concern when using the VIP-2 process, and the size and complexity of
the 2A CDR circuit has the odds stacked against it.

2. Heat. Many of the transistors are biased at a collector current density, Jo,
of 4.0 mA/um? to maximize f; and f,4.; cf. section 2.3. This is done in all
the critical parts of design, such as the D latches. Each D latch has a current
consumption of 32 mA and 20 D latches require 640 mA, equivalent to 2.7 W
when using a nominal Vgg of -4.2 V. The complete 2A CDR circuit requires
1.14 A, corresponding to 4.80 W?%. This power manifests itself as heat. It
would be very difficult to effectively dissipate this heat from a relatively small
area (2.060 mm?). Thermal modeling is required to accurately predict the
temperature of the die when it is mounted in various configurations. However,

23The MUX, DEMUX and static divider submitted to VIP-2 MPW Run 1 had a yield of < 10%.
24The current and power does not correspond to Vgg = —4.2 V. This is because the VCO circuit
has a separate voltage supply of Vss vco = —5.0 V. The VCO uses 190 mA.
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a low power VCO design (Colpitt IT) failed with a current consumption of
about 88 mA?3, corresponding to 440 mW when Vgg = —5.0 V. The die was
not properly attached to the substrate at the time?%, but the substrate and the
probe station chuck still provided a massive heat sink. The conclusion is that
the heat generated by a circuit as complex as the 2A CDR is a serious threat
to its safe operation and that the circuit will probably require active cooling.

3. Routing. The size of the layout made signal routing problematic. The data
and clock signals to the D latches and the latched data signals to the phase
detector logic required very long transmission lines, and these were very difficult
to match. The data and clock signals to the D latches have to propagate in
the same direction to avoid reducing the duty cycle unnecessarily. Accessing
the D latches with the clock and data signals simultaneously, while ensuring
that the transmission lines were matched, required a fairly complex web of
very long lines. A symmetric placement of subcircuits (to simplify matching)
would require the VCO to be placed in the same spot as both the limiting
amplifier and the phase detector logic, which is impossible in 2D. Differential
signaling further aggravated the problem by requiring nearly twice the layout
space relative to single-ended signaling, making the layout even more spacious
and signal lines correspondingly longer. It should be mentioned that several
40 Gb/s designs have forsaken differential signaling for both clock and data to
simplify routing; cf. [3, 2, 4].

4. Skewing. The signal bandwidth is close to the operating speed of the phase
detector logic. The logic requires input signals that are well defined, but differ-
ences in transmission lines and asymmetric gates cause the signals to become
skewed as they pass through the logic gates. The phase detector logic, al-
though not without merits??, is three levels deep. Each level increases the
skewing, which has a major impact on the duty cycle of the result. The signal
may shift as much as 2 ps, or 20% of the period of a single bit (10 ps). The
propagation delay and fan-in requirements also mean that narrow signal pulses
have difficulties in slipping trough the logic.

These issues make it clear that the 2A CDR circuit has inherent weaknesses. The
probability of a successful MPW run was deemed sufficiently low to warrant a redesign
using a Hogge-type phase detector. This circuit is the topic of the following section.

The layout of the discarded 2A CDR circuit design is presented in fig. 6.49. The
specifications for the same circuit are shown in table 6.3.

25The Colpitt TT VCO had to be as small as possible to fit into an existing gap on the photoreticle.
Vitesse offered the space for free and the limitation had to be respected. The Colpitt IT was mirrored
with a Colpitt IT variant sharing the same DC pads, as shown in fig. 4.22. This resulted in a smaller
combined area and the circuits fitted snugly into the reticle. The disadvantage of shared pads is
that it also doubles the current consumption as both circuits share the supply pads. The current
consumption is about 44 mA for each circuit at Vgg = —5.0 V or 88 mA for both.

26The die should be fixed to the substrate using a heat conducting glue to improve thermal
resistance.

27The double Alexander-type design detects 75% of random transitions, as opposed to 50% with
a standard Alexander-type design.
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| Circuit | CDR (quadrature phase) |
Supply voltage (dual) -4.2/-5.0 V
Current consumption (LA) 139 mA
Power consumption (LA) 584 mW
Current consumption (PD) 760 mA
Power consumption (PD) 319 W
Current consumption (Filter) 60 mA
Power consumption (Filter) 252 mW
Current consumption (VCO) 35 mA
Power consumption (VCO) 175 mW
Current consumption (SDIV) 142 mA
Power consumption (SDIV) 596 mW
Current consumption (total) 1.14 A
Power consumption (total) 4.80 W
Width 1593 fim
Height 1293 um
Area 2.060 mm”
Pad pitch 150p4m
Transistor count 394
Resistor count 475
Capacitor count 6

Table 6.3: Specifications for the CDR circuit (double Alexander-type phase detector).
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Figure 6.49: Layout of the 2A CDR circuit.

6.8.2 Hogge-type CDR circuit

It was decided that the existing design would be too sensitive to the above mentioned
factors, resulting in an unreliable design. The architecture had to be drastically sim-
plified. Reducing the phase detector to a single Alexander-type was considered, but
didn’t go far enough. Eventually a half-rate design using a Hogge-type phase detec-
tor was introduced and implemented. The resulting design is shown in fig. 6.50. The
schematic is much more elegant, but the perceived simplicity belies several problems:

e The data and clock signaling in the core now requires more bandwidth relative
to the previous design. Losses and matching, both impedance and between
lines, become even more important.

e The secondary latches must also be high-speed designs, requiring more circuitry
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Figure 6.50: Architecture of full-rate type CDR

and greater power consumption?®.

e The linear phase detector is very sensitive to skewing by delays in latches and
logic.

The limiting amplifier is similar to the design used in the previous architecture, but
now it has less loading because it only has to distribute the data signal to two inputs
(and also smaller losses due to the shorter lines). This required some resizing of
components, but no further changes.

The slower, secondary latches were replaced with the fast front-end model.

The logic gates were maintained, but a new type of filter was required. The new
filter had a much smaller output range and required a linear amplifier. The amplifier
was necessary to maintain the dynamic frequency range of the VCO, and thus the
bit rates which the CDR circuit is able to capture.

A layout of the CDR circuit is shown in fig. 6.51. A photo of the same circuit is
shown in fig. 6.52. The details will be discussed in the following sections.

The specifications for the Hogge-type CDR circuit are shown in table 6.4. It’s
found to have just half the size and requires only a third of the power consumption,
relative to the 2A design.

No paper dealing with PLLs are complete without a mention of the most basic
theory. This has been done in chapter 5. However, the components of the charge-
pump filter were adjusted using the simplified AHDL model and verified through a
full simulation at a few different data rates near 100 Gb/s.

6.9 CDR circuit measurements

The half-rate CDR. circuit with a Hogge-type phase detector has been delivered from
Vitesse (Run 6). A total of ten separate dies have arrived. A stand-alone 50 GHz

28GQwitching is improved by maximizing f; and fmaee in key transistors, which occurs at 3.5-
4.5 mA/mm?. Power can be saved by using much smaller current densities if speed is not the key
objective or even a disadvantage.
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Figure 6.51: The layout of the Hogge-type CDR circuit.

VCO circuit was submitted along with the CDR circuit. The VCO is represented on
each of the ten dies and is located close to the CDR circuit. The stand-alone VCO is
identical to the VCO used in the CDR circuit. The purpose of the stand-alone VCO
was to measure the performance of the VCO separately. The oscillation frequency
and dynamic frequency range are of particularly interest. Experience from previous
VCO measurements showed that these parameters would be process dependent. The
VCO measurements could also be compared to previous measurements if the CDR
circuit would fail to perform as expected.

All of the dies were mounted on a brass substrate using a flip chip-machine. The
substrate simplifies the handling of the chip, particularly when placing the probes.
More importantly, the substrate also serves as a heat sink?®. The dies adhere to the
substrate trough a thin veneer of glue with a very low thermal resistance. The glue
gives the die a much better thermal contact with the substrate than what can be
achieved by merely placing the die on the substrate.

6.9.1 VCO measurement results

The VCO circuit is designed to have a center frequency of 50 GHz and is a variation
of the Colpitt VCO circuit #2. A photo of the circuit is shown in fig. 6.53. The

29Previous VCO measurements showed that unmounted circuits could fail rapidly; cf. section 4.3.
The CDR circuit consumes much more power than a VCO, and the heating problem is correspond-
ingly larger.
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Figure 6.52: A photo of the Hogge-type CDR circuit.

spectrum analyzer has a nominal limit of 50 GHz, but it can be used up to about
52.5 GHz. The actual center frequency should then be within the bandwidth of
the spectrum analyzer. This simplifies measurements because the clock signal can be
measured directly, i.e. without resorting to external mixing. The lower frequency also
reduces losses in signal amplitude, though the results are automatically compensated
for losses in either case. The measurement setup is shown in fig. 6.54 . Both Viyne
and Vgg are variable. Viyune is used to test the dynamic frequency range. A variable
Vss makes it possible to find the precise voltage where the tank amplification is >1.
Having every transistor in the VCO correctly biased over an entire period requires
a Vsg of -4.3 V. The VCO will start to oscillate at a higher®® voltage, but output
power etc. will be limited. Knowing if the VCO could operate sufficiently well at a
higher voltage could help reduce the overall power consumption of the CDR circuit.

All of the circuits were tested in the 0-50 GHz, 50-75 GHz and 75-110 GHz range.
The results of the measurements are shown in table 6.5 . All of the VCO circuits with
a detectable spectral component were found to operate in the lower end of the V-
band?2. The performance is dismal. Two of the VCO circuits show no response when
the supply voltage is applied. A third circuit has a very low current consumption
but no output signal can be discerned within the 0-110 GHz band. The rest of the
circuits have a very low output voltage. Die 2 has the best performance but the
output voltage amplitude is only equivalent to 62 mV, which is 13.7 dB below the

30These are negative values. -4 is higher than -5.
3250-75 GHaz.
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| Circuit | CDR (Differential phase) |
Supply voltage (dual) -4.2/-5.0V
Current consumption (LA) 116 mA
Power consumption (LA) 487 mW
Current consumption (PD) 152 mA
Power consumption (PD) 638 mW
Current consumption (Filter) 60 mA
Power consumption (Filter) 252 mW
Current consumption (VCO) 44 mA
Power consumption (VCO) 220 mW
Current consumption (total) 372 mA
Power consumption (total) 1.60 W
Width 1350 fim
Height 869 pm
Area 1.173 mm”
Pad pitch 150 pm
Transistor count 208
Resistor count 229
Capacitor count 7

Table 6.4: Specifications for CDR circuit (Hogge-type phase detector).

| Run 7, Die #, VCO50 |

Ioc @A) | fose (GHz) |

Pyt (dBm) | Vo (mV) |

1 0 N/A N/A

2 100 53.42 “14.15 62
3 100 54.42 -23.62 21
1 0 N/A N/A 47
5 100 54.67 -16.65 21
6 40 N/A N/A 0
7 100 54.58 “16.98 45
8 100 52.75 -16.48 47
9 100 54.69 “16.82 46
1 100 54.33 -15.98 50

Table 6.5: The measured data for the 50 GHz Colpitt VCO (Run 7).
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Figure 6.53: A photo of 50 GHz version of the Colpitt VCO circuit #2.

target. The VCO tank is buffered and limiting to about 300 mV, which indicates
that the voltage amplitude in the tank must be very low.

The inescapable conclusion is that Run 7 is suffering from very poor yield. The
VIP-2 process has previously experienced yield problems related to the MIM-capacitor
process stages. These errors manifested themselves as short-circuits, probably through
the capacitor dielectric. None of the VCO circuits have a short-circuity. The origin
of this problem is therefore different. A DEMUX circuit submitted by Joakim Hallin
also suffered from poor yield, with no operational circuits to be found. Vitesse (Max
Helix) has later confirmed that the yield of Run 7 was zero or effectively zero..

Measurements of the only functional 50 GHz VCO showed an increase in the
voltage supply noise level once the VCO started to oscillate. This is due to the
slightly imperfect on-chip decoupling of the voltage supply

6.9.2 CDR measurement results

The test results in table 6.5 from the 50 GHz version of the Colpitt VCO circuit 2 are a
clear indication that this particular process run has a very low yield. The CDR circuit
was first subjected to an input data stream consisting of a 80 to 120 Gb/s sequence
of alternating bits, generated by a 60 GHz synthesizer. The independent VCO data
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Figure 6.54: Measurement setup for 50 GHz VCO.

indicated that the CDR, circuit would lock at slightly above 100 Gb/s, but that turned
out not to be the case. Synchronizing the synthesizer with the oscilloscope at 40 Gb/s
resulted in a nicely shaped synchronized output, well outside the locking range of the
CDR circuit. This was also unexpected, because an operational CDR circuit should
keep latching bits all across the duty cycle at this bitrate, and the output should be
completely asynchronous. The CDR circuit appears to be transparent to the input
data, i.e. the output is identical to the input and no retiming is taking place. This
indicates that the D latches are in a metastable state, which can only occur if there is
no clock signal. It was possible to detect a small increase in noise level in the supply
voltage when the working VCO circuits of the previous tape-outs started to oscillate.
This occurred when the supply voltage reached -4.3 V. There was no such indication
with the CDR circuit, where the noise appeared to be constant as the supply voltage
was decreased. The conclusion must be that the VCO circuit of the CDR does not
oscillate, or do so at a very small voltage amplitude, which does not overcome the
metastable state of the D-latches.

Regrettably, Vitesse has ceased all InP process activities, and is possibly attempt-
ing to sell the VIP-2 process. The MPW run 6, containing the CDR, circuit, was to
be the final run®?. It is possible that the production problems and the resulting
low yield was related to the shortage of process specialist, which occurred when the
VIP-2 cancellation was announced.

6.10 Suggestions and improvements

No perfect circuit was ever made. Alternative implementations suggests themselves
during a project, and short-comings can not always be addressed within a tight tape-
out schedule. Some possible improvements of the CDR circuits are the topic of this
section.

33 Another MPW run was performed later, probably because of (paying) customer dissatisfaction
with the dismal yield of Run 6.
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6.10.1 Design rule restrictions

Production. Vitesse has repeatedly experienced yield problems related to the MIM-
capacitors of the VIP-2 process . The problem has gradually, but unevenly, been
contained. The improvement came at the cost of ever stricter design rules, making
the capacitors more difficult to place and use. The design rules effectively limits
the DC current density through the capacitor. This makes it difficult to place a
decoupling capacitor directly between a supply pad and a circuit with a significant
current consumption. Improving the MIM-process stages while loosening the design
rules would result in doubling the effective on-chip decoupling capacitance of the
supply voltage.

6.10.2 Circuit improvements

The Alexander-type phase detector core provides pulses to the phase detector logic
that are relatively wide and well defined. Those qualities ensure that the phase
detector logic will yield control signals that are reliable, despite the various short-
comings of the logical gates. The Hogge-type phase detector is much less sensitive, as
the phase detector core generates linear, and possibly very narrow pulses. The phase
detector logic has difficulties in dealing with short pulses because of propagation
delay and inherent skewing in the asymmetric logical gates. The result is that very
short pulses not will be able to filter through. The propagation delay is difficult to
improve, but it should be possible to implement a symmetric XOR gate; cf. [12].

The charge-pump filter should be optimized to comply with the jitter performance
specifications described in [112]. Tt was not possible to do this because of time
constraints®.

The frequency tuning range of the VCO has to encompass the precisely defined
data rate3® of the system while allowing for process variation. A larger tuning range
would make this goal easier to achieve. Increasing the tuning voltage range also
increases the frequency tuning range. The output signal from the charge-pump filter
is weak, and requires a linear amplifier to enhance the tuning voltage range. The
current linear amplifier design yields a mere 0-400 mV signal, which is the range of the
tuning voltage. The amplification of the linear amplifier could either be improved,
cf. the amplifiers in [10, 11], or the amplifier could be used as the first stage of a two
stage amplifier.

The biasing of the VCO tuning voltage is important, as shown in chapter 4. The
change in frequency, fyco, is related to both the change in tuning voltage, Viuning,
and the tuning voltage DC-offset, Vpiqs:

Afvco
Atr A ias .

Adjusting Vies (by level shifting) to an appropriate level would improve the
tuning range, though a noise penalty would be incurred.

34The final VIP-2 tape-out was moved ahead of schedule.
35The specifications for 100 Gb/s Ethernet have not yet been completed.
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6.10.3 The possibility of achieving 120 or 160 Gb/s

Most of the components can be reused and enhanced for a 120 or 160 Gb/s version.
However, some components will be more troublesome than others.

The LA requires a higher bandwidth, but this could be achieved if the amplifica-
tion requirements were relaxed.

The phase detector is a critical component. Hogge-type phase detectors are, as
previously mentioned, very sensitive to signal shape and latency. It is highly unlikely
that such an architecture can successfully generate useful control signals at 160 Gb/s
(using the VIP-2 process). A more robust (but complex, large, high power, noisy etc.)
Alexander-type [1, 8, 9] or double Alexander-type phase detector (perhaps similar to
[3, 2, 4], but with only three columns) could possibly do the trick, judging from the
165 Gb/s performance of the D flip-flops [74, 115, 75, 76]. The phase detector should
require slightly more fan-out from the D latches than a DEMUX, and it is an open
question whether this can be achieved at 160 Gb/s.

Both the charge-pump filter and the linear amplifier should scale well. In par-
ticular, the bandwidth requirement of the linear amplifier is far below its actual
performance.

The Hogge-type phase detector would require a 60 GHz (120 Gb/s) or 80 GHz
(160 Gb/s) VCO. This is not difficult, because a 100 GHz VCO design is already
available; cf. chapter 4. However, the Alexander-type phase detector requires a
quadrature half-rate clock. This clock must be created using a 160 GHz clock com-
bined with a 160 GHz divider; cf. chapter 3. A 160 GHz clock appears feasible,
but the varactor capacitance would have to be very small. The parasitic capacitance
of the tank would be comparable to the varactor capacitance, and probably larger.
The (variable) varactor capacitance would only be a small part of the total tank
capacitance, thus seriously reducing the frequency tuning range. A small frequency
tuning range would sort of defy the purpose of a variable oscillator, and it would
become correspondingly difficult to place the frequency range across the data rate
while taking process variation into account.

160 GHz is probably beyond the capacity of the static divider based on VIP-2;
cf. [79, 77, 78]. However, a dynamic divider is realistic in this case. A (very useful)
212 GHz dynamic divider has previously been designed at MC2, also using the VIP-2
process®® [77].

36Possibly the VIP-1 process.
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Conclusion

This thesis has demonstrated that it is possible to make three of the circuits required
for a 100 Gb/s optical/electrical transceiver, using the VIP-2 InP DHBT process
supplied by Vitesse.

A 114 GHz static divider has been designed and tested. The static divider has
been implemented both as a stand-alone chip, and in combination with the Colpitt
and LC VCOs to form a half-rate quadrature clock generator.

Three different VCOs have been designed and tested, operating at frequencies of
75 GHz, 86 GHz and 97 GHz respectively. Two of these are Colpitt type designs, and
one is an LC type. All three circuits exhibit a phase noise between 80-83 dBc/Hz at
1 MHz offset, and have an output power of -9 to -6 dBm (differential). The output
power could have been considerably higher if necessary, but it was not a requirement
in this particular case.

A complete 100 Gb/s CDR circuit has been designed and simulated, but has not
yet been delivered from Vitesse. The CDR incorporates a limiting amplifier, as well
as a 1:2 DEMUX.

Suggestions for improving the performance of the circuits have been presented.

It should be mentioned that the OptCom research group has also been involved
in the design of other 100 Gb/s transceiver circuits [75], e.g. a 165 Gb/s 4:1 MUX
[74] and a 110 Gb/s 2° — 1 PRBS generator with error detector [115]. Some of these
circuits are currently in the process of encapsulation.
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Appendix A

Various Calculations

Some calculations referred to in the thesis have been placed in this appendix. This
enhances the readability by avoiding digressions.

A.1 Differential stage

A differential stage is shown in fig. A.1. The output voltage is a function of the input
voltage. The three current equations can be stated as:

e A e () ) s
o o (5 50) ) »
Icc = (B+1)Ia+1p) (A.3)

The differential output voltage is:

Vout = Vaa —Vep = R(Ipp — 1aa) = RB(Ip — 14) (A4)
These four equations are used to derive an expression for V,,; as a function of
Yo VCC is isolated:
Vee =Va—Vpln (%;rl) + 1) (A.5)
Voo is inserted:
Icc = (B+1)Ia+ IB) (A.6)
Vout = RB (I — 14) (A7)
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Figure A.1: Differential stage with marked with currents and voltages.

Iy = ﬁljl {([“‘ (f; DI 1) exp (VBV;TVA) - 1} (A.8)

14 is isolated:

Icc

I = -1 A9
S R W (A.9)

14 is inserted:
Viour = RS (213 _ dec ) (A.10)

’ 8+1
Ig [Cc—IB(ﬁ—‘rl) Ve — Vg

Ip = 1 — -1 A1l
B ﬂ+1{( Is ey, (A-11)

Ip is isolated:

I

Iy Vout el (A.12)

T 2R3 2(B+1)
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Ip is inserted:

Vout I
Vout Ice Is {(Icc—(m‘i‘—g(gcfl))(ﬁ‘f'l) +1> eXp(VB_VA) _1}

2RG 23 +1) Bl Is Vi
(A.13)
This expression is reduced in several steps, isolating V;:
Ioo — Your 4 _ITcc B+1 _ I
Vour , loc  _ Is (285 + a5 ( ) 1) exp (VB VA) _Is
2RB  2(6+1) B+1 Is Vr B+1
(A.14)
Vour , loc _ _Is Ic_ci‘z/%w*l)ifc_chl eXp<VBVA) Is
2R3 2(8+1) B+1\ Is Is 215 Vr B+1
(A.15)
Vour | lcc Icc Vout Ioc Is ) (VB - VA) Is
+ = - - + exp — =
2RB  2(6+1) 6+1 2RB 208+1) p+1 Vr B8+1
(A.16)
Vout ele] Icc Vout Is ) <VB - VA) Is
— _ — = (A7
215 25+ 1) (2(ﬁ+1) ors T E+1) "\ ) Err s A

Vour | Vour <VB VA) _ < Iecc | _Is >eXp (VB VA> Is _lec
2R3 2R3 P\ T vp 23+1)  B+1 Vr B+1 203+1)
(A.18)

Voo 2R {( Iecc | _Is )exp<VBVA> Is  Icc }é
o exp(VB;TVA)+1 206+1) ' B+1 Vr 311 23+

(A.19)
2R Ico Is Ve — V4
Vour = B A g A.20
o () 11 (2(6+1) +6+1) (exp( Vr ) ) = 420
Vour = R (Icc +215s) y exp (VBV_TVA) -1 N (A.Zl)
ou (B+1) exp (VBV—TVA) 1
B RB (Icc + 2Is) VB —Va
Vout = —(ﬁ—f— D X tanh <7T ) = (A.22)
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RB (Icc + 21s) <Vm>
Vout = ———————= X tanh A.23
' B+1) Vr (4.23)
where:
Vin =Va— Vg (A.24)

A.2 Inductive line

A transmission with a load is shown in fig. A.2 The task is to determine the voltage

Figure A.2: Loaded transmission line.

at the load, Vp, as a function of the input voltage, Vs. The transmission line is
assumed to be ideal (without losses) to simplify the example. To satisfy the boundary
conditions, Vs must be the sum of the incident wave, VT, and the reflected wave,
VvV~ [116]:

Vs = VTelfl 4 Ve 0l = yTelPl (1 + e %P1 (A.25)

The reflection coefficient at the load, I'f,, has been given previously:

71— 7o
= A.26
LT 70 ¥ Z (4.26)
V't is isolated:
eIBl + Tpe=iBl  2(Zy cos Bl + jZysin Bl)

V1, is the sum of V1t and V—:
V=Vt +V- = (A.28)
Vi = vt (1 + FL) = (A.29)

VS (ZL+ZO) ZL7ZO

Vi = 1 A.30
L Q(ZLCOSBZ-FjZOSiDﬁl) ZL+ZO ( )
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Vs (ZL =+ Zo) 277,
Vr = = A31
LT 9 (Z cos Bl+ jZosin Bl) \ Z1 + Zo (A-31)
A3
Vi = Vi A.32
L SZLcosﬁl—i—jZosinﬁl - ( )
1
Vi = Vi A.33
v ScosﬂlJrjg—zsinBl ( )
Unsurprisingly;
Vi Vs (A.34)

A.2.1 Effective inductance

The next step is to examine how a transmission line can effectively act as an inductor.
Two simple tanks are presented in figs. A.3 & A.4. Vp for the LC tank is derived

+ + +
— V|_ VS Zo C VL

Figure A.3: LC-tank. Figure A.4: LC-tank with a transmission
line acting as the inductive element.

effortlessly by voltage division:

Ve = Ve—3vC o A.35
L S L+ ]w% ( )
Vi Vet (A.36)
L= S5 20+ 1 ‘
1
V= Vs~ = (A.37)
o — w
1
Vi, =V, LC A.38
VR ) () o
LC LC
The tank will oscillate at:
1
Y A.
Wose 76 (A.39)

The second tank contains a transmission line loaded with a capacitor. The load
is:
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1
7 = —— A .40
e (A.40)
This is inserted in eq. A.33:
Vi =V ! (A.41)
L —=Vs X 7 . .
cos Bl + jW sin Bl
1
vV, = Vg (A.42)

cos Bl — ZywC'sin pl

This is not a polynomial, but the amplification approaches co when the divisor
approaches 0. This occurs at:

cos Bl — ZowC'sin fl = 0 = (A.43)

cos Al = ZywC'sin [l (A.44)

The conditions for oscillation in an LC-tank, eq. A.39, is used:

1

Wose = E = (A45)

1
C = @ (A46)

The next step is to assume that the condition is eq. A.44 is fulfilled at w,s., and
insert eq. A.46:

Z
cos (8l = wQLou;f sin Bl = (A.47)
Zg sin 5l
Lepr=— A4
’1 w cos Gl (A.48)
Z
Lejs = 70 tan Gl (A.49)

The transmission line is thus able to act as an inductor, and the effective induc-
tance is given by eq. A.49. It is interesting to notice that:

Leyy o Zg (A.50)

Achieving a sufficiently high Zj for the inductor to be practical can be problematic.
The second factor in eq. A.49 reveals that the the transmission line becomes capacitive
immediately beyond:

Bl=n/2= (A.51)

27”1 = /2= (A.52)



153

1=\/4 (A.53)

L.s¢ grows exponentially close to I = A/4 and thus become increasinly difficult
to gauge accurately. This suggests that [ should be kept safely below this range.

A small example will clarify the possibilities. Zy=>52 , which is the highest
attainable value for a transmission line in VIP-2, see section 2.2.4. w = 6.28 X
101! rad/s, equivalent to a frequency of 100 GHz. The length of the transmission
line is [ = \/12 (safely below A/4 ), which corresponds to about 150 pm for VIP-2.
This yields:

I 52 ;
e = a
I~ 628 x 10 rad/s

n% — A8pF (A.54)

It may not seem like much. A transistor driving a 0 to 4 mA current switch in
4 ps would create a temporary voltage over an inductor of:

. 4mA
Legpl = 48pF x ——~
pPS
This is 16% of the 300 mV logical voltage level employed and a noticable improve-
ment of transistion speed. The penalty is the ringing/overshot. The phase shift may
also be undesireable, depending on the application.

= 48mV (A.55)

A.2.2 Negative reactance in the load
1

Vi =V, A.56
B Scosﬁl—i—jg—zsinﬁl ( )
Zo = Ry (A.57)
Ry,
= ————— A58
L RiCrs+1 ( )
Vi = V. ! (A.59)
= S . -
v cosﬂlJrj%iWH) sin 31
1
Vi =V, Zo=R A.60
L Scoszl—i—j(RLCij—i—1)sinle’ 0 L ( )
Vi, =V L (A.61)
L= ScoszlfRLCstinle+jsinle ’
VL =V, ! (A.62)
L ScosﬂlJrjg—zsinﬂl ’
B =wVLC =wK (A.63)
1
Vi =Vs (A.64)

coswKl +j§—2 sinwKl
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Zo = 509 (A.65)
Ry 1 1 1 1
Z — = — X —- = — X — A66
CORCstl G stme Cu et e 00
1
Vi =Vs : A67
coszlJrj%Wsinle ( )
1
Vi, =V, Zo=R Al
L S oswKI+ j (RCrjw + D) sinwKl” 7%~ (4.68)
1
Vi = Vs (A.69)

coswKl — Ry CrwsinwKIl + jsinwKl

A.3 Relative jitter generation in Alexander-type vs.
double Alexander-type phase detectors



Appendix B

Various Simulations

Some simulations referred to in the thesis have been placed in this appendix. This
enhances the readability by avoiding digressions.

B.1 HBT input capacitance

Estimating transistor input capacitance is primarily an occupation of digital IC de-
signers, who must be able to gauge fan-in and fan-out both quickly and accurately.
None of the circuits presented in this thesis strictly requires such an approach, but
the magnitude still has relevance for the resonance of the inductive line, the tank
and parasitics of the VCO and the tuning of the static divider. The capacitance is
frequency dependent, and the simplest way to determine it, is to drive the base with
an ideal voltage source with a source resistor. The capacitance can then be calculated
based on the amplitude of the base voltage, |V3|:

B L A 0 -
T WIV|Rs  2nf|Vh| Rs ‘

The input capacitance for a minimum transistor, with respect to VIP-2, is shown
in fig. B.1. The capacitance is 7.28 fF at f=50 GHz.

B.2 Practical range of characteristic impedance for
transmission lines (microstrip)

The transmission lines are commonly realized as microstrips. The only exceptions
in this thesis are the inductive elements in some of the VCOs, where a CPW would
ideally provide less noise. All chips utilize the principle of unbroken layers of M1
and M2 carrying Vss and Vonp respectively. The layers are only opened up around
active devices to minimize parasitic coupling. This confines the microstrips to M4
over M2 and M3 over M2. The characteristic impedance for these two combinations
are shown in fig. B.2. The three possible configurations using M1 as the underlying
substrate have been included as well.
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Figure B.1: Input capacitance of a minimum size transistor. Emitter width and
length are 0.5 pmx1.0 pm.

The microstrips can be modeled directly in e.g. Cadence or ADS using a substrate
and a microstrip definition. The models can be wideband and include losses. How-
ever, they’re limited to simple geometric descriptions. An example of a microstrip
is shown in fig. B.3. The top dielectric is different from the intermediary dielectric,
and it also wraps around the M4 conductor, having equal thickness on both the con-
ductor and the dielectric below, except where it is in the proximity of the conductor.
Neither Cadence nor ADS can account for this, and the two extreme interpretations
are shown in figs B.4 & B.5.



157

65 T T |\‘ T T T T T
60 | .

Zy (9Q

15 2 25 3 35 4 45 5 55 6
Line width (um)

Figure B.2: Characteristic impedance for various microstrip configurations.

M4
£~6.0

£=4.2
Ground plane
Figure B.3: Microstrip (M4 over ground plane) cross section.

£=1.0

£=1.0

M4 M4

€=6.0

£=4.2 £=4.2

Ground plane Ground plane

Figure B.4: Microstrip ignoring the ef-  Figure B.5: Microstrip ignoring the ef-
fect of the top dielectric close to the con-  fect of the top dielectric away from the
ductor. conductor.
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Appendix C

Schematics of select circuits

Schematics for the three VCO circuits (Colpitt #1, Colpitt #2 and LC) have been
placed in this appendix, cf. figs. C.1, C.2 & C.3.
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circu

Figure C.2: Colpitt VCO
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Appendix D

Attenuation table for W-band
measurements

Performing measurements on VCOs operating in the W-band is a time-consuming
process. The attenuation in the probe, 1.0mm cable and mixer are all frequency
dependent. An attenuation table is therefore required to make quick conversions to
account for the losses. The table, see tab. D.1, is presented in the thesis because it
facilitates the interpretation of the results from the spectrum analyzer shown in the
VCO chapter. The attenuation data is based on measurements of the particular com-
ponent and is supplied by the manufacturers. The table shows that the attenuation
varies more than 6 dB over the W-band.
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| f (GHz) | Probe (dB) | Cable (dB) | Mixer (dB) | Total (dB) |

75 -0.881 -2.03 -38.4 -41.3
76 -0.935 -2.05 -38.2 -41.2
7 -0.969 -2.07 -38.4 -41.4
78 -0.936 -2.08 -38.3 -41.3
79 -0.934 -2.10 -38.0 -41.0
80 -0.982 -2.12 -38.0 -41.1
81 -1.021 -2.13 -38.3 -41.5
82 -0.972 -2.15 -38.0 -41.1
83 -0.978 -2.17 -38.2 -41.3
84 -1.015 -2.18 -38.5 -41.7
85 -1.059 -2.20 -38.6 -41.9
86 -1.024 -2.22 -38.8 -42.0
87 -1.034 -2.23 -38.8 -42.1
88 -1.101 -2.25 -39.1 -42.5
89 -1.091 -2.27 -39.2 -42.6
90 -1.078 -2.29 -39.5 -42.9
91 -1.100 -2.30 -39.6 -43.0
92 -1.137 -2.32 -39.7 -43.2
93 -1.141 -2.34 -39.9 -43.4
94 -1.155 -2.35 -40.0 -43.5
95 -1.156 -2.37 -40.1 -43.6
96 -1.153 -2.39 -40.7 -44.2
97 -1.197 -2.40 -40.7 -44.3
98 -1.231 -2.42 -40.9 -44.6
99 -1.166 -2.44 -40.9 -44.5
100 -1.191 -2.46 -40.9 -44.5
101 -1.302 -2.47 -41.1 -44.9
102 -1.303 -2.49 -41.3 -45.1
103 -1.211 -2.51 -41.5 -45.2
104 -1.222 -2.52 -41.7 -45.4
105 -1.356 -2.54 -41.9 -45.8
106 -1.306 -2.56 -41.9 -45.8
107 -1.225 -2.57 -41.8 -45.6
108 -1.265 -2.59 -42.2 -46.1
109 -1.425 -2.61 -42.7 -46.7
110 -1.373 -2.62 -43.6 -47.6

Table D.1: Frequency dependent attenuation in probe, cable and harmonic waveguide
mixer.
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VIP-2

Neither process technology, semiconductor physics nor numerical analysis is the topic
of this thesis. The interested reader will find that there are excellent references
available elsewhere. However, a brief description of the Vitesse VIP-2 process is
given below:

e InP DHBT.

4 layers aluminium interconnect.

60 ©/square thin film resistors.

0.45 {F /um MIM cap.

BV 45 V.
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Passivation € =6

W

Dielectric 8r=4.2

InP £=12.4

Figure E.1: VIP-2 wafer cross-section.



